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PREFACE 


Microelectronic Circuits , sixth edition, is intended as a text for the core courses in electronic 
circuits taught to majors in electrical and computer engineering. It should also prove useful to 
engineers and other professionals wishing to update their knowledge through self-study. 

As was the case with the first five editions, the objective of this book is to develop in the 
reader the ability to analyze and design electronic circuits, both analog and digital, discrete 
and integrated. While the application of integrated circuits is covered, emphasis is placed on 
transistor circuit design. This is done because of our belief that even if the majority of those 
studying this book were not to pursue a career in IC design, knowledge of what is inside the 
IC package would enable intelligent and innovative application of such chips. Furthermore, 
with the advances in VLSI technology and design methodology, 1C design itself is becoming 
accessible to an increasing number of engineers. 


Prerequisites 


The prerequisite for studying the material in this book is a first course in circuit analysis. 
As a review, some linear circuits material is included here in the appendices: specifically, 
two-port network parameters in Appendix C; some useful network theorems in Appendix D; 
single-time-constant circuits in Appendix E; and 5 -domain analysis in Appendix F. No prior 
knowledge of physical electronics is assumed. All required semiconductor device physics is 
included, and Appendix A provides a brief description of l< fabrication. All these appendices 
can be found on the DVD that accompanies this book. 


Emphasis on Design 

It has been our philosophy that circuit design is best taught by pointing out the various trade¬ 
offs available in selecting a circuit configuration and in selecting component values for a 
given configuration. The emphasis on design has been increased in this edition by including 
more design examples, simulation examples, exercise problems, ami end-of-chaptei piob- 
lems. Those exercises and end-of-chapter problems that are considered design-oriented 
are indicated with a D. Also, considerable material is provided on the most valuable design 
aid, SPICE, including Appendix B, which is available on the DVD so that it can be offered 
in searchable format, and in the full detail it deserves while not crowding other topics out of 
the text. 









New to This Edition 

Although the philosophy and pedagogical approach of the first five edit.ons have been re¬ 
tained . several changes have been made to both organization and coverage. 

Four- Part Organization. The book has been reorganized into four Parts. Part 1: 
Devices and Basic Circuits (Chapters I -6) provides a coherent and comprehensive 
single-semester introductory course in electronics. Similarly. Pan II: Integra,ed- 
Circuit Amplifiers (Chapters 7-12) presents a rich package of material suitable tor 
a second course. Part III: Digital Integrated Circuits (Chapters 13-15) represents 
a nearly self-contained coverage of digital electronics that can be studied after 
Chapters 5 (MOSFETs) and 6 (BJTs), or even only 5 if the emphasis is on MOS 
digital circuits -extremely helpful for teaching Computer Engineering students. 
Finally. Part IV: Filters and Oscillators (Chapters 16-17), deals with more specific 
application-oriented material that can be used to supplement a second course on 
analog circuits, be part of a third course, or used as reading and reference material to 
support student design projects. More on course design is given below. 

2. Flexible organization. The most important feature of this edition is its flexible or¬ 


ganization. Some manifestations of this flexibility are: 

. MOSFETs and B.lTs. Chapter 5 < MOSFETs) and Chapter 61 BJTs) are written 
to be completely independent of each other and thus can be taught in whatever 
order the instructor desires. Because the two chapters have identical structures, 
the chapter taught second can be covered much faster. 

Robust Digital Coverage. The digital material lias been grouped together in 
the new Part III, updated, and expanded. It can be covered at various points in 
the first or second course . All that is needed by wav of background is the mate- 

ml * W7 

rial on the two transistor types (Chapters 5 and 6) or even just Chapter 5 since 
most digital electronics today is MOS-based. 

• Semiconductors as Needed. The required material on semiconductor physics 
has been grouped together in a short chapter (Chapter 3) that can be taught, 
skipped, or assigned as reading material, depending on the background of the 
students and the instructor s teaching philosophy. This chapter serves as a 

primer on the basics, or as a refresher, depending on whether students have had 
a prior course in semiconductors . 


Op-amps Anywhere. The op-amp chapter (Chapter 2) can be taught at any 

point in the first or second course, or skipped altogether if this material is taught 
in other courses. 


r requency Response. The material on amplifier frequency response has been 

grouped together into a single chapter (Chapter d). The chapter is organized in 

a way that allows coverage of as few sections as the instructor deems necessary 

A so. some of the basic material (Sections 9.1 to 9.3) can be covered earlier 
(after Chapters 5 or 6) as part of the first course 

‘‘Must-Cover” Topics First. Each chapter ,s organized so that the essential 

|a ~ ‘° P, , CS ? ^ a " d the more *«*>M*d material appears 

smZSZ* " ,hM ° an be *«■* - a firs, reading while 

unde“mnd ,Leo " 8 is marked with a 0- Once the students 

topics. concepts, they can return to these important but specialized 


3. Streamlined MOSFETs and BJTs. Chapters 5 (MOSFETs) and 6 (BJTs) have been 
rewritten to increase (lie clarity of presentation and emphasize essential topics. Also, 
these chapters are now shorter and can be covered faster, 

4. Cascode onfiguration. A novel and intuitively appealing approach is used to in¬ 
troduce the cascode configuration in Chapter 7. 

5. Comparison of MOSFETs and BJTs. The insightful comparison of the MOSFET 
and the BJT has been moved to an appendix attached to Chapter 7. The appendix 
also includes an update of the device parameter values corresponding to various 
generations of fabrication process technologies. This appendix provides a good re¬ 
view and a reference that can be consulted at various points in a second course. 

6. Feedback. The feedback chapter (Chapter 10) has been rewritten to increase clarity. 
Also, a large number of new examples, mostly MOS-based, are included. 

7. Class AB Amplifiers. New material on MOSFET class AB amplifiers is included 
in Chapter 11. 

8. I .ow-Voltage Bipolar Design. While the classical 741 op-amp circuit is retained, 
a new section on modem techniques lor the design of low-voltage bipolar op amps 
has been added to Chapter 12. 

9. Deep-Submicron Design. In addition to augmenting and consolidating the material 
on digital electronics in Part III, a new section on technology scaling (Moore's Law) 
and deep-submicron design issues has been added (Chapter 13). 

10. MOS Emphasis. Throughout the book, greater emphasis is placed on MOS circuits 
to reflect the current dominance of the MOSFET in electronics. 


11. Bonus Reading on DVD. Supplementary material on a wide variety of topics that 
were included in previous editions is made available on the DVI) accompanying the 
book (see a listing below). 

12. Examples, Exercises, and Problems, ( he number of Examples has been increased. 
Also, the m-chapter Exercises and end-of-chapter Problems have been updated wit! 
parameter values of current technologies so students work with a real-world per¬ 
spective on technology. More Exercises and Problems, ot a greater variety, have 
been added. 


13. Summary Tables. As a study aid and for easy reference, many summary tables are 
included. See the complete List ot Summary Tables after the Table of Contents. 

14. Learning Objectives. A new section (In This Chapter dou Will Learn...) has been 
added at the beginning of each chapter to focus ai ten ion on the majot learning 
objectives of the chapter. 

15. SPICE. A significant number of new simulation examples using National Instru¬ 
ments™ Multisim™ are added to the Cadence PS pice 11 simulation examples. To¬ 
gether with a section describing the SPICE device models, these design and simula¬ 
tion examples are grouped together in Appendix B. They can also be found together 
with other simulation files in the Lab-on-a-Disc on the DVD, 


16, 


17. 


Simulation. A number of end-of-chapter Problems in each chapter are mat Ted v\ ith 
the SIM icon Bd as simulation problems. Students attempting these problems will 
find considerable additional guidance on the DVD. 

Key Equations. All equations that will be cross-referenced and used again are num¬ 
bered. Particularly important equations are marked with a special icon. O 












XXIV 


Preface 


As well as the 


structural differences described above, new coverage is included on all of the 


following technical topics. 

• Entirely rewritten coverage of semiconductors (Chapter 3) 

• MOSFET and BJT chapters extensively rewritten and restructured, with new 

figures and examples (Chapter 5 and 6) 

• The basic gain cell (Chapter 7) 

• The cascode amplifier (Chapter 7) 

• CC-CE, CD-CS and CD-CE transistor configurations (C liapter 7) 

• CMRR (Chapter 8) 

• The differential amplifier with active load (Chapter 8) 

• Determining the output resistance R 0 (Chapter 8) 

• All new sections on frequency response (Chapter 9) 

• Many, many new MOS examples of feedback (Chapter 10) 

• CMOS class AB output stages (Chapter 11) 

• Rejection ratios (CMRR and PSRR) 1 Chapter 12) 

• Modem techniques for the design of BJT op amps (Section 12.7) 

• Digital logic inverters (Chapter 13) 

• The CMOS inverter (Chapter 13) 

• Deep submicron design and technology scaling (Moore's Law) (Section 13.5) 


The DVD and the Website 


A DVD accompanies this book. It contains much useful supplementary' information and ma¬ 
terial intended to enrich the student’s learning experience. These include 

1* Student versions of both Cadence PSpice® and National Instruments™ Multisim™. 

2. The input files for all the PSpice" and Multisim™ examples in this book. 

3. Step-by-step guidance to help with the simulation Examples and end-of-chapter 
Problems identified with a EHI icon. 

4. A link to the book’s website, offering PowerPoint slides of every figure in this book 
that students can print and carry to class to facilitate taking notes. 

5. Bonus text material of specialized topics not covered in the current edition of the 
textbook. These include: 

Junction Field-Effect Transistors (JFETs) 

Gallium Arsenide (GaAs) devices and circuits 

* Transistor-Transistor Logic (TTL) circuits 

Analog-to-Digital and Digital-to-Analog converter circuits 
O. Appendices for the book: 

* Appendix A: VLSI Fabrication Technology 

ingPSpice* and Mul^im™ DeSlg " a " d Simu,ation Examples Us- 

Appendix C: Two-Port Network Parameters 

* ppendix D: Some Useful Network Theorems 
. * ppen ? lx E: Single-Time-Constant Circuits 

Appendix F: ^-domain Analvsk* PnUc 7 

* Appendix G: Bibliography ' ^ r0es ’ Bode Plots 
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A website tor the book has been set up (www.oup.com/us/sedrasmith, or www.sedrasmith. 
org). Its content will change frequently to reflect new developments in the field. On the site, 
PowerPoint-based slides of all the figures in the text are available for easy note-taking. The 
website also features datasheets for hundreds of useful devices to help in laboratory experi¬ 
ments, links to industrial and academic websites of interest, and a message center to com¬ 
municate with the authors and with Oxford University Press. 


Exercises and End-of-Chapter Problems 

Over 475 Exercises are integrated throughout the text. The answer to each exercise is given 
below the exercise so students can check their understanding of the material as they read. 
Solving these exercises should enable the reader to gauge his or her grasp of the preceding 
material. In addition, more than 1450 end-of-chapter Problems, 55% of which are new or re¬ 
vised in !his edition, are provided. The problems are keyed to the individual chapter sections 
and their degree of difficulty is indicated by a rating system: difficult problems are marked 
with an asterisk (*}; more difficult problems with two asterisks (**); and very difficult (and/ 
or time consuming) problems with three asterisks (***). We must admit, however, that this 
classification is by no means exact. Our rating no doubt depended to some degree on our 
thinking (and mood!) at the time a particular problem was created. Answers to sample prob¬ 
lems are given in Appendix I, so students have a checkpoint to tell if they are working out 
the problems correctly. Complete solutions for all exercises and problems are included in the 
Instructor's Solutions Manual , which is available from the publisher to those instructors who 
adopt the book. 

As in the previous five editions, many examples are included. The examples, and indeed 
most of the problems and exercises, are based on real circuits and anticipate the applications 
encountered in designing eal-life circuits. This edition continues the use of numbered solu¬ 
tion steps in the figures for many examples, as an attempt to recreate the dynamics of the 
classroom. 

Course Organization 

The book contains sufficient material for a sequence of two single-semester courses (each 
of 40-50 lecture hours). The organization of the book provides considerable flexibility for 
course design. In the following, we suggest various possibilities for the two courses. This is 
also laid out in an easy-to-follow visual form at the beginning of the Instructor's Edition of 
the book. 

The First Course 

At the core of the first course are Chapters 4 (Diodes), 5 (MOSFETs), and 6 (BJTs). Of 
these three, the MOSFET chapter is the one that has to be covered most thoroughly. If it is 
covered before the BJT, and we recommend that it should be, then the BJT chapter can be 
covered much faster. 1:1 time does not permit, some of the later sections in Chapter 4 can be 
skipped. Chapter 1 (Signals and Amplifiers) deserves some treatment in class. Although the 
signal concepts can be assigned as out-of-class reading, the amplifier material should be 
discussed. However, if frequency response is not emphasized in the 4rst course. Section 1 .6 
can be skipped. 

Around this core, one can build three possible curricula tor the first course: 

L Standard : Chapters 1 — 6 . Here, some or all of Chapter 2 > Op Amps) can be delayed. 
Also, the decision as to how much to cover ot Chapter 3 Semiconductors) will 
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depend on the students’ background and the instructor s philosophy. If desired, this 
course can be supplemented by the material on amplifier frequency response in Sec¬ 
tions 9.1-9.3. 

2. Digital Orientation: Chapters 1 (without Section 1.6), 4 (without the later applica¬ 
tions sections), all of 5.6 (perhaps focusing only on the early sections). Section 9.2, 
and Chapters 13,14, and 15. If time constraints are a concern, coverage of 6 can be 
shortened; Section 13.5 on Moore’s Law and deep-submicron design can be skipped, 
and Sections 14.4 and 14.5 that depend on BJTs can be omitted. This course is ideal 
for Computer Engineering students. 

3. Analog Orientation. Chapters 1.4 (perhaps without all of the later, more application- 
oriented sections). 5, 6, 7 (without the advanced material in 7.6), 8, 9 (including at 
least 9.1-9.3, and the instructor's selection of other topics), and 10 (a selection of 
topics). This is a heavy course, and assumes that the students have previously cov¬ 
ered op amps and maybe diodes, as well as device physics. This course is ideal where 
the first electrical engineering course is a hybrid of circuits and basic electronics, and 
where students have taken a semiconductor device physics course. 

The Second Course 

There are three possibilities for the second course: 


1. Standard: Chapters 7-12. If time does not permit, some of the later sections in Chap¬ 
ter 9 can be skipped. Also, some of the more advanced topics in Chapters 11 and 12 
can be skipped. If desired, some material from Chapter 16 (Filters) and Chapters 

17 (Oscillators) can be included. This course ideally follows the “Standard First 
Course” outlined above. 


2 . 

3. 


Analog and Digital Combination: Chapters 7,8,9 (selection of topics); 10 (selection 

ul 0P1 a ) ; ‘ 3 f r PerhapS Wi,h0Ut Secti0n l3 - 5 on '“hnology scaling), 14 (omitting 
14.4 and 14.5 if time is short), and 15 (selection of topics). 

Omr/cc/ Follow-up: Chapters 6.7,8. 9, 10, and a choice of topics as time allows 

So ,?r« S ' 1 and ' 2 ' ThiS C ° UrSe iS idea ’ f0r Electrical Engineering 
students «ho took a first semester with a “Digital Orientation” outlined above to 

accommodate Computer Engineering students 


Supplementary Material/Third Course 


2ES * hat Ca " be — supplement 

used to aid students who are pursuing design p“ “ hl8h ‘ y deS ' gn - 0riented and «“> * 
course on digital 1C design^ “ * ^ “ ab0Ut half hours of lecture, of a senior iev, 


An Outline for the Reader 


ftTstud^ofekc^rMi^c^rcdt^At^'sa^fi^ £? a " d essential topics for 

course on the subject. ’ 1 constl tutes a complete package for a first 

Chapter l.The book starts wim ■ 
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Amplifiers are introduced as circuit building blocks and their various types and models are 
studied. This chapter also establishes some ot the terminology and conventions used through¬ 
out the text. 

Chapter 2. Chuptei 2 deals with operational amplifiers, their terminal characteristics, 
simple applications, and practical limitations. We chose to discuss the op amp as a circuit 
building block at this early stage simply because it is easy to deal with and because the stu¬ 
dent can experiment with op-amp circuits that perform nontrivial tasks with relative ease 
and with a sense of accomplishment. We have found this approach to be highly motivating 
to the student. We should point out, however, that part or all of this chapter"can be skipped 
and studied at a later stage (for instance, in conjunction with Chapter 8, Chapter 10, and/or 
Chapter 12) with no loss of continuity. 

Chapter 3. Chapter 3 provides an overview of semiconductor concepts at a level suf¬ 
ficient for understanding the operation of diodes and transistors in later chapters. Coverage 
of this material is useful in particular for students who have had no prior exposure to device 
physics. Even those with such a background would find a review of Chapter 3 beneficial as 
a refresher. The instructor can choose to cover this material in class or assign it for outside 
reading. 

Chapter 4. The first electronic device, the diode, is studied in Chapter 4. The diode 
terminal characteristics, the circuit models that are used to represent it, and its circuit ap¬ 
plications are presented. Depending on the time available in the course, some of the diode 
applications (e.g.. Section 4.6) can be skipped. Also, the brief description of special diode 
types (Section 4.7) can be left for the student to read. 

Chapters 5 and 6. The foundation of electronic circuits is established by the study of 
the two transistor types in use today: the MOS transistor in Chapter 5 and the bipolar transis¬ 
tor in Chapter 6. These are the two most important chapters of the book. These two chapters 
have been written to be completely independent of one another and thus can be studied in 
either order, as desired. Furthermore, the two chapters have the same structure, making it 

easier and faster to study the second device, as well as to draw comparisons between the two 
device types. 

Each of Chapters 5 and 6 begins with a study of the device structure and its physical 
operation, leading to a description of its terminal characteristics, i hen, to allow the student to 
become very familiar with the operation of the transistor as a circuit element, a large number 
ot examples are presented of dc circuits utilizing the device. We then ask: How can the tran¬ 
sistor be used as an amplifier? To answer the question we consider the large-signal operation 
of the basic common-source ( common-emitter) circuit and use it to delineate the regions over 
which the device can be used as a linear amplifier, from those regions where it can be used 
as a switch. We then pursue the small-signal operation of the transistor and develop circuit 
models for its representation. The various configurations in which the transistor can be used 
as an amplifier are then studied and contrasted. This is followed by a study of methods to 
bias the transistor to operate as an amplifier in discrete-circuit applications. We then put ev¬ 
erything together by presenting complete practical discrete-circuit transistor amplifiers. The 
Iasi section of each of Chapters 5 and 6 deals with second-order effects that are included for 
completeness, but that can be skipped if time does not permit detailed coverage. 

After the study of Part I, the reader will be fully prepared to study either integrated- 

* * ■ 

circuit amplifiers in Part II, or digital integrated circuits in Part 111. 

Part II, Integrated-Circuit Amplifiers , is devoted to the study of practical amplifier cir- 

♦ a 

cuits that can be fabricated in the integrated-circuit (IO) form. Its six chapters constitute a 
coherent treatment of IC amplifier design and can thus serve as a second course in electronic 
circuits. 
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rhaDter 7. Beginning with a brief introduction to the philosophy of IC design. Chapter 7 
presents the basic circuit building blocks that are used in the design of IC amplifiers. We start 
with the basic gain cell comprising a common-source (common-emitter) transistor loaded 
with a current source, and ask: How can we increase its voltage gain? Th.s leads naturally to 
the concept of cascoding and its use in the cascode amplifier and the cascode current source. 
We then consider the methods used for biasing 1C amplifiers. The chapter concludes, as do 
most chapters in the book, with advanced topics (Sections 7,5 and 7.6) that can be skipped it 

the instructor is pressed for time. 

Chapter Appendix 7.A. Chapter 7 includes an appendix that provides a comprehensive 
compilation and comparison of the properties of the MOSFET and the BJT. The comparison 
is aided by the inclusion of typical parameter values of devices fabricated with modern pro¬ 
cess technologies. This appendix can be consulted at any point trom C hapter 7 on, and should 
serve as a concise review ot the important characteristics of both transistor types. 

MOS and Bipolar. Throughout Part II, both MOS and bipolar circuits are presented 
side-by-side. Because the MOSFET is by far the dominant device, its circuits are presented 
first. Bipolar circuits are discussed to the same depth but occasionally more briefly. 

Chapter 8. The most important IC building block, the differential pair, is the main topic 
of Chapter 8, The last section of Chapter 8 is devoted to the study of multistage amplifiers. 

Chapter 9. Chapter 9 presents a comprehensive treatment of the important subject of 
amplifier frequency response. Here, Sections 9.1.9.2. and 9.3 contain essential material; Sec¬ 
tions 9.4 and 9.5 provide an in-depth treatment of very useful new tools; and Sections 9.6 to 
9.10 present the frequency response analysis of a variety of amplifier configurations that can 
be studied as and when needed. A selection of the latter sections can be made depending on 
the time available and the instructor's preference. 

Chapter 10. The fourth of the essential topics of Part II, feedback, is the subject of 
Chapter 10. Both the theory ot negative feedback and its application in the design of practical 
feedback amplifiers are presented. We also discuss the stability problem in feedback ampli¬ 
fiers and treat frequency compensation in some detail. 

Chapter 11. In Chapter 11 we switch gears trom dealing with small-signal amplifiers 
to those that are required to handle large signals and large amounts of power. Here we study 
the different amplifier classes—A, B, and AB—and their realization in bipolar and CMOS 
technologies. We also consider power BJTs and power MOSFETs, and study representative 

'm P°' ve, ‘ am P lifiers - Depending on the availability of time, some of the later sections (e.g., 

11.8-11.10 on special applications) can be skipped in a first reading. 

Chapter 12. Finally. Chapter 12 brings together all the topics of Part II in an important 
application: namely, the design of operational amplifier circuits. We study both CMOS and 

present 1Z h f beSideS ' he classical and stil1 741 circuit, we 

presen modern techmques for the design of low-voltage op amps (Section 12.7). 

sufficiently J"*,"Tpensive and 

ing for the most par, only a thorough "Sf* 

Chapter 5. Thus, Par, III can be studied righ eCh.S, ma ‘ enal preSemed in 

tsssssssL'r 1 ^ lessees 

Chapter 13. Chapter .3 is theffi S I'll "fi bee' 
ers (Section 13.1), and then concentrates on thp K i , * beg,ns Wlth dl g n al logic invert- 

the CMOS inverter (Sections 13.2 and 13.3) and CMOS I 'T** ° f digital IC desi 8 n: 
section < 13.5) deals with the implications nf i °®. IL ^ atcs ^ ect *on 13.4). The last 

important issues in deep-submicron technolrj"°ufT 3 ''" 8 (Moore ’ s law) and discusses 

. 

am something meaningful about 
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digital circuits. 

Chapter 14. Chapter 14 builds on the foundation established in Chapter 13 and pres¬ 
ents three important types of MOS logic circuits. As well, a significant family of bipolar 
logic circuits, emitter-coupled logic, is studied. The chapter concludes with an interesting 
digital circuit technology that attempts to combine the best attributes of bipolar and CMOS: 
BiCMOS. 

Chapter 15. Digital circuits can be broadly divided into logic and memory circuits. The 
latter is the subject of Chapter 15. 

Part IV, Filters and Oscillators , is intentionally oriented toward applications and sys¬ 
tems. The two topics illustrate powerfully and dramatically the application oi both negative 
and positive feedback. 

Chapter 16. Chapter 16 deals with the design ot filters, which are important building 
blocks of communication and instrumentation systems. A comprehensive, design-oriented 
treatment of the subject is presented. The material provided should allow the reader to per¬ 
form a complete filter design, starting from specification and ending with a complete circuit 
realization. A wealth of design tables is included. 

Chapte 17, Chapter 17 deals with circuits for the generation of signals with a variety 
of waveforms: sinusoidal, square, and triangular. We also present circuits for the nonlinear 
shaping of waveforms. 

Appendices. The eight appendices contain much useful background and supplementary 
material. We wish to draw the reader's attention in particular to the first two: Appendix A 
provides a concise introduction to the important topic of 1C fabrication technology including 
IC layout. Appendix B provides SPICE device models as well as a large number of design 
and simulation examples in PS pice* and Multisim™. The examples are keyed to the book 
chapters. These Appendices and a great deal more material on these simulation examples can 
be found on the DVD accompanying the book. 


Ancillaries 

A complete set oi ancillary materials is available with this text to support your course. 

For the Instructor 

The Instructor s Solutions Manual provides complete worked solutions to all the exercises in 
each chapter and all the end-of-chapter problems in the text. 

fhe Instructor's Resource CD is bound into the Instructor's Solutions Manual so 
instructors can find all their support materials in one place. The Resource CD contains 
PowerPoint-based slides of every figure in the book and each corresponding caption. The 
slides can be projected in class, added to a course management system, printed as overhead 
transparencies, or used as handouts. The CD also contains complete solutions and instruc¬ 
tor’s support foi the Lab-on-a-Disc simulation problems. (ISBN 9780195340303) 

For the Student and Instructor 

The DVD included with every new copy of the textbook contains Lab-on-a-Disc simulation 
activities in Multisim™ and PSpiee* for many of the simulation Examples and Problems in 
the text. It also contains a Student Edition of Cadence PSpice' v. 16.2 Demo software, and a 
Student Edition of National Instruments™ Multisim™ version 10.1.1, both of which can be 
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run by students on their own computers so they can practice their course work wherever they 
happen to study. Bonus text topics, the Appendices, and a link to the book’s website featur¬ 
ing manufacturer datasheets and PowerPoint-based slides of all of the book's illustrations, 
complete the DVD. 
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PART I 

Devices and 
Basic Circuits 






P art I, Devices and Basic Circuits, includes the most fundamental and essential topics 

for the study of electronic circuits. At the same time, it constitutes a complete pack¬ 
age for a first course on the subject. 

The heart of Part I is the study of the three basic semiconductor devices: the diode 
(Chapter 4); the MOS transistor (Chapter 5); and the bipolar transistor (Chapter 6). In each 
case, we study the device operation, its characterization, and its basic circuit applications. 
For those who have not had a prior course on device physics, Chapter 3 provides an over¬ 
view of semiconductor concepts a 1 a level sufficient for the study of electronic circuits. A 

review of Chapter 3 should prove useful even for those with prior knowledge of semi¬ 
conductors. 

Since the purpose of electronic circuits is the processing of signals, an understanding 
is essential of signals, their charac erization in the time and frequency domains, and their 
analog and digital representations. This is provided in Chapter 1, which also introduces 

the most common signal-processing function, amplification, and the characterization 
and types of amplifiers. 

Besides diodes and transistors, the basic electronic devices, the op amp is studied in 
Part I. Although not an electronic device in the most fundamental sense, the op amp is 
commercially available as an integrated circuit (|( ) package and has well-defined termi¬ 
nal characteristics. Thus, despite the fact that the op amp's internal circuit is complex, typ¬ 
ically incorporating 20 or more transistors, its almost-ideal terminal behavior makes it 
possible to treat the op amp as a circuit element and to use it in the design of powerful 
circuits, as we do in Chapter 2, without any knowledge of its internal construction. We 
should mention, however, that the study of op amps can be delayed to a later point, and 
Chapter 2 can be skipped with no loss of continuity. 

The foundation of this book, and of any electronics course, is the study of the two 
transistor types in use today: the MOS transistor in Chapter 5 and the bipolar transistor 
in Chap er 6. These two chapters have been written to be completely independent of one 
another and thus can be studied in either order as desired. Furthermore, the two chap¬ 
ters have the same structure, making it easier and faster to study the second device, as 
well as to draw comparisons between the two device types. 

After the study of Part I, the reader will be fully prepared to undertake the study of 
either integrated-circuit amplifiers in Part II or digital integrated circuits in Part III. 
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IN THIS CHAPTER YOU WILL LEARN 


1. That electronic circuits process signals, and thus understanding electri¬ 
cal signals is essential to appreciating the material in this book, 

2. The Thevenin and Norton representations of signal sources. 

3. The representation of a signal as the sum of sine waves. 

4. The analog and digital representations of a signal. 

5. The most basic and pervasive signal-processing function: signal amplifi¬ 
cation, and correspondingly, the signal amplifier. 

6. How amplifiers are characterized (modeled) as circuit building blocks 
independent of their internal circuitry. 

7. How the frequency response of an amplifier is measured, and how it is 
calculated, especially in the simple but common case of a single-time- 
constant (STC) type response. 


Introduction 

The subject of this book is modern electronics, a Held that has come to be known as micro¬ 
electronics. Microelectronics refers to the integrated-circuit (IC) technology that at the 
time ot this writing is capable of producing circuits that contain hundreds of millions of 
components in a small piece of silicon (known as a silicon chip) whose area is on the order 
of 100 mm'. One such microelectronic circuit, for example, is a complete digital computer, 
which accordingly is known as a microcomputer or, more generally, a microprocessor. 

In this book we shall study electronic devices that can be used singly (in the design of dis¬ 
crete circuits) or as components of an integrated-circuit (IC) chip. We shall study the 
design and analysis of interconnections of these devices, which form discrete and integrated 

■ R. 

circuits ot varying complexity and perform a wide variety of functions. We shall also leam 
about available IC chips and their application in the design of electronic systems. 

The purpose of this first chapter is to introduce some basic concepts and terminology. In 
particular, we shall leam about signals and about one of the most important signal-processing 
functions electronic circuits are designed to perform, namely, signal amplification. We shall 
then look at circuit representations or models for linear amplifiers. These models will be 
employed m subsequent chapters in the design and analysis of actual amplifier circuits. 


5 

























6 Chapter 1 Signals and Amplifiers 


Tn addition to motivatin' the study of electronics, this chapter serves as a bridge between 
the study of "inear c'ircui^and that'of the subject of this book: the design and analysis ot 

electronic circuits. 


1.1 Signals 

Signals contain information about a variety of things and activities in our physical world. 
Examples abound: Information about the weather is contained in signals that represent the 
air temperature, pressure, wind speed, etc. The voice of a radio announcer reading the news 
into a microphone provides an acoustic signal that contains information about world affairs. 
To monitor the status of a nuclear reactor, instruments are used to measure a multitude of 

relevant parameters, each instrument producing a signal. 

To extract required information from a set of signals, the observer (be it a human or a 
machine) invariably needs to process the signals in some predetermined manner. This signal 
processing is usually most conveniently performed by electronic systems. For this to be possi¬ 
ble, however, the signal must first be converted into an electrical signal, that is, a voltage or a 
current. This process is accomplished by devices known as transducers. A variety of trans¬ 
ducers exist, each suitable for one of the various forms of physical signals. For instance, the 
sound waves generated by a human can be converted into electrical signals by using a micro¬ 
phone. which is in effect a pressure transducer. It is not our purpose here to study transducers; 
rather, we shall assume that the signals of interest already exist in the electrical domain and 
represent them by one of the two equivalent forms shown in Fig. 1.1. In Fig. 1.1(a) the signal is 
represented by a voltage source v t (t) having a source resistance R r In the alternate representa¬ 
tion oi Fig. l.l(bi the signal is represented by a current source i s (t) having a source resistance 
/?, Although the two representations are equivalent, that in Fig. 1.1(a) (known as the Thevenin 
form) is preferred when R s is low. The representation of Fig. 1.1(b) (known as the Norton 
form) is preferred when R s is high. Tire reader will come to appreciate this point later in this 
chapter when we study the different types of amplifiers. For the time being, it is important to 
be familiar with Thevenin’s and Norton's theorems (for a brief review, see Appendix D) and to 
note that for the two representations in Fig. 1.1 to be equivalent, their parameters are related by 

w«(0 = &M0 




Figure 1.1 Two alternative representations of 
a signal source: (a) the Thevenin form; (b) the 
Norton form. 


Example 1.1 
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1.1 Signals 7 


by its Thevenin equivalent form, find the voltage v a that appears across R L , and hence the condition that R s 

must satisfy for v 0 to be close to the value ot v s . Repeat tor the Norton-represented source; in this case 

finding the current i 0 that flows through R L and tence the condition that R must satisi for i to be close to 
the value of L 

J 





Figure 

Example 


1.2 

1 . 1 . 


Circuits 



Solution 

For the Thevenin-represented signal source shown in Fig. 1.2(a), the output voltage v 0 that appears across 
the load resistance R r can be found from the ratio of the voltage divider formed by R s and R r 


From this equation we see that for 


V — V 

o s 

the source resistance R s must be much low r er than the load resistance R L , 

< R i 

Thus, for a source represented by its Thevenin equivalent, ideally R s = 0, and as R s is increased, relative to 
the load resistance R l with which this source is intended to operate, the voltage v 0 that appears across the 
load becomes smaller, not a desirable outcome. 

Next, we consider the Norton-represented signal source in Fig. 1.2(b). To obtain the current i t> that flows 
through the load resistance R ( , w f e utilize the ratio of the current divider formed by R and R L , 

. . R s 


From this relationship we see that for 

the source resistance R s must be much larger that R f , 

R s > r l 

Thus for a signal source represented by its Norton equivalent, ideally /?, = and as R s is reduced, relative 
to the load resistance R t with which this source is intended to operate, the current i 0 ha: (low s H ough the 
load becomes smaller, not a desirable outcome. 

Finally, we note that although circuit designers cannot usually do much about the value of R s \ diey may 
have to devise a circuit solution that minimizes or eliminates the loss of signal strength that results w'hen 
the source is connected to the load. 
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1.1 For the signal-source representations shown in Figs. 1.1(a) and 1.1 (b) what are the open-circuit 

output voltages that would be observed? If, for each, the output terminals are short-circuited (i.e., 
wired together), what current would flow? For the representations to be equivalent, what must the re¬ 
lationship be between v s , i s , and R s '? . 

Ans. For (a), v w = vft); for (b), v K = Rfft); for (a), i sc = v s (t)/R s ; for (b), i tc - /,(/); for equivalency, 

vft) = RJ s (t) 

1.2 A signal source has an open-circuit voltage of 10 mV and a short-circuit current of 10 pA. What is the 

source resistance? 

Ans. 1 kQ 

1.3 A signal source that is most conveniently represented by its Thevenin equivalent has v s =10 mV' and 
R = I kQ. If the source feeds a load resistance R L , find the voltage v t that appears across the load for 
R f = 100 kQ, 10 kQ, 1 kQ, and 100 Q. Also, find the lowest permissible value of R t for which the 
output voltage is at least 80% of the source voltage. 

Ans. 9.9 mV; 9.1 mV; 5 mV; 0.9 mV; 4 kQ 

1.4 A signal source that is most conveniently represented by its Norton equivalent form has i = 10 |iA 
and R = 100 kfl If the source feeds a load resistance R r find the current / that flows through the load 
for R, = 1 kQ, 10 kQ, 100 kQ, and 1 MQ. Also, find the largest permissible value of R, for w hich the 
load current is at least 80% of the source current. 

Ans. 9.9 pA; 9.1 pA; 5 pA; 0,9 pA; 25 kQ 


From the discussion above, it should be apparent that a signal is a time-varying quantity that 
can be represented by a graph such as that shown in Fig. 1,3. In tact, the information content of 
the signal is represented by the changes in its magnitude as time progresses; that is, the information 
is contained in the “wiggles" in the signal waveform. In general, such waveforms are difficult to 
characterize mathematically. In other words, it is not easy to describe succinctly an arbitrary- 
looking waveform such as that of Fig. 1.3. Of course, such a description is of great importance for 
the purpose o t designing appropriate signal-processing circuits that perform desired functions on 
the given signal. An effective approach to signal characterization is studied in the next section 



Figure 1.3 An arbitrary voltage signal v(t) 
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1.2 Frequency Spectrum of Signals 


An extremely useful characterization of a signal, and for that matter of any arbitrary' function 
of time, is in terms of its frequency spectrum. Such a description of signals is obtained 
through the mathematical tools of Fourier series and Fourier transform 1 We are not inter¬ 
ested here in the details of these transformations; suffice it to say that they provide the means 
for representing a voltage signal vft) or a current signal ift) as the sum of sine-wave signals 
of different frequencies and amplitudes. This makes the sine wave a very important signal in 
the analysis, design, and testing of electronic circuits. Therefore, we shall briefly review the 
properties of the sinusoid. 

Figure i .4 show's a sine-wave voltage signal v a (t), 

v a {f) = V a sin cot (1.1) 


where F denotes the peak value or amplitude in volts and co denotes the angular frequency in 
radians per second; that is, co - 2/rf ’ rad/s, where/ is the frequency in hertz, / = 1 IT Hz, and 
T is the period in seconds. 

I he sine-wave signal is completely characterized by its peak value V a , its frequency co , 
and its phase w'ith respect to an arbitrary reference time. In the case depicted in Fig. 1.4, the 
time origin has been chosen so that the phase angle is 0. It should be mentioned that it is com¬ 
mon to express the amplitude of a sine-wave signal in terms of its root-mean-square (rms) 
value, which is equal to the peak value divided by Jl. Thus the rms value of the sinusoid v it) 

t — ^ fjm 

of Fig. 1.4 is V a / a/ 2. For instance, when we speak of the wall power supply in our homes as 
being 120 V, we mean that it has a sine waveform of 120^2 volts peak value. 

Returning now' to the representation of signals as the sum of sinusoids, we note that the Fou¬ 
rier series is utilized to accomplish this task for the special case of a signal that is a periodic func¬ 
tion of time. On the other hand, the Fourier transform is more general and can be used to obtain 
the frequency spectrum of a signal whose waveform is an arbitrary function of time. 

The Fourier series allows us to express a given periodic function of time as the sum of an 
infinite number of sinusoids whose frequencies are harmonically related. For instance, the 
symmetrical square-wave signal in Fig. 1.5 can be expressed as 

4 V 

v(t) - —(sin co {] t + \ sin 3 o) 0 t + \ sin 5co Q t + • • •) (1.2) A 

71 1 



Figure 1.4 Sine-wave voltage signal of 
amplitude I , and frequency / = 1/7" Hz. The 
angular frequency CO — 271/ rad/s. 


1 Hie reader who has not yet studied these topics should not be alarmed. No detailed application of this 
material will be made until C hapter 9. Nevertheless, a general understanding ot Section 1.2 should be 
very helpful in studying early parts of this book. 
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Figure 1.5 A symmetrical square-wave signal of amplitude V. 

where V is the amplitude of the square wave and ry 0 = 2/r/T [T is the period of the square 
wave) is called the fundamental frequency. Note that because the amplitudes of the 
harmonics progressively decrease, the infinite series can be truncated, with the truncated 
series providing an approximation to the square waveform. 

The sinusoidal components in the series of Eq. (1.2) constitute the frequency spectrum of 
the square-wave signal. Such a spectrum can be graphically represented as in Fig. 1.6, where 
the horizontal axis represents the angular frequency m in radians per second. 

The Fourier transform can be applied to a nonperiodic function of time, such as that 
depicted in Fig. 1.3, and provides its frequency spectrum as a continuous function of fre¬ 
quency, as indicated in Fig. 1.7. Unlike the case of periodic signals, where the spectrum con¬ 
sists of discrete frequencies (at <y Q and its harmonics), the spectrum of a nonperiodic signal 
contains in general all possible frequencies. Nevertheless, the essential parts of the spectra 
of practical signals are usually confined to relatively short segments of the frequency (o)) 
axis—an observation that is very useful in the processing of such signals. For instance, the 
spec rum o audible sounds such as speech and music extends from about 20 Hz to about 
-0 kHz-a frequency range known as the audio band. Here we should note that although 

Z“i7 a re^^ ave frequencies above 20 kHz, the human ear is incapable of hearing 
Spe 2 he ™ e ft °Ju k , HZ ' AS an °' her exam P' e ’ anal °g video have 

meir spectra in the range of 0 MHz to 4.5 MHz. 


41' 
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Figure 1.7 The frequency spectrum of 
an arbitrary waveform such as that in fig. 



We conclude this section by noting that a signal can be represented either by the manner in 
which its waveform varies with time, as for the voltage signal vjt) shown in Fig. 1.3, or in 
terms of its irequency spectrum, as in Fig. 1.7. The two alternative representations are known 
as the time-domain representation and the frequency-domain representation, respectively. The 
frequency-domain representation of v a (t) will be denoted by the symbol V t) (co). 


EXERCISES 


1.5 Find the frequencies / and ryof a sine-wave signal with a period of 1 ms. 

Ans. / = 1000 Hz; (o - 2 k x 10 3 rad/s 

1.6 What is the period T of sine waveforms characterized by frequencies of (a) /= 60 Hz? (b)/= 10‘ Hz? 
(c )/= 1 MHz? 

Ans. 16.7 ms; 1000 s; l ps 

1.7 The UHF (ultra high frequency) television broadcast band begins with channel 14 and extends from 
470 MHz to 806 MHz. If 6 MHz is allocated for each channel, how many channels can this band 
accommodate? 

Ans. 56; channels 14 to 69 

1.8 When the square-wave signal of Fig. 1.5, whose Fourier series is given in Eq, (1.2), is applied to a resis¬ 
tor, the total power dissipated may be calculated directly using the relationship P - \/T f u ( i'V R ) dt 
or indirectly by summing the contribution of each of the harmonic components, that is, P - P, + P i + 

P, +_which may be found directly from rms values. Verify that the two approaches are equivalent. 

What fraction of the energy of a square wave is in its fundamental? In its lirst five harmonics? In its first 
seven? First nine? In what number of harmonics is 90% of the energy? (Note that in counting harmonics, 
the fundamental at CO 0 is the lirst, the one at 2 co t) is the second, etc.) 

Ans. 0.81; 0.93; 0.95; 0.96; 3 


1.3 Analog and Digital Signals 

The voltage signal depicted in Fig. 1.3 is called an analog signal. The name derives from 
the fact that such a signal is analogous to the physical signal that it represents. The magni¬ 
tude ot an analog signal can take on any value; that is, the amplitude ot an analog signal 
exhibits a continuous variation over its range of activity. The vast majority of signals in the 
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know 


world around us are analog. Electronic circuits that pn 
log circuits. A sarietv of analog circuits will be itudied in this book. 

An alternative form of signal representation is that of a sequence of numbers, each num¬ 
ber representing the signal magnitude at an instant of time. The resulting signal is called a 
digital signal. To see how a signal can be represented in this form—that is. how signals can 
be converted from analog to digital form—consider Fig. 1.8(a). Here the curv e represents a 
voltage signal, identical to that in Fig. 1.3. At equal intervals along the time axis, we have 
marked the time instants t p t v t.. and so on. At each of these time instants, the magnitude of 
the signal is measured, a process know n as sampling. Figure 1.8(b) show s a representation 
of the signal of Fig. l.Siai in terms of its samples. The signal of Fig. 1.8(b) is defined onlv at 
the sampling instants: it no longer is a continuous function of time: rather, it is a discrete¬ 
time signal How ever, since the magnitude of each sample can take any value in a continuous 
range, the signal in Fig. 1.8(b) is still an analog signal. 

Nov. if we represent the magnitude of each of the signal samples in Fig. 1.8< b i b\ a number 
having a finite number of digits, then the signal amplitude will no longer be continuous*^ 


4 

rather, it is said to be quantized, discretized, or digitized. The resulting digital signal then i« 
simply a sequence of numbers that represent the magnitudes of the successive signal samples 
The choice of number system to represent the signal samples affects the rZL ^ 

signal produced, and has a profound effect on the complexity of the digital circuits remilLi 
sibk digiialiignaJs and circus. Inabinan si stem, each 






esults m the discrete-time signal in (b). 
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Figure 1.9 Variation of a particular binary digital signal with time. 


only two possible values, denoted 0 and 1. Correspondingly, the digital signals in binary sys¬ 
tems need have only two voltage levels, which can be labeled low and high. As an example, in 
some of the digital circuits studied in this book, the levels are 0 V and +5 V. Figure L9 
shows the time variation of such a digital signal. Observe that the waveform is a pulse train 
with 0 V representing a 0 signal, or logic 0, and +5 V representing logic 1. 

If we use N />inary dig its (bits) to represent each sample of the analog signal, then the dig¬ 
itized sample value can be expressed as 


D = 6 0 2° + 6,2' +b 2 2 2 + — + 



(1-3) O 


where b (> , b } . b N V denote the N bits and have values of o or 1. Here bit b 0 is the least 

significant bit (LSB), and bit b N _ x is the most significant bit (MSB). Conventionally, this binary 
number is written as 6 A _, b N _ 2 ,.. />„. We observe that such a representation quantizes the analog 
sample into one of 2 V levels. Obviously the greater the number of bits (i.e., the larger the N ), the 
closer the digital word D approximates the magnitude of the analog sample. That is, increasing 
the number of bits reduces the quantization error and increases the resolution oi the unalog-to- 
digital conversion. This improvement is, however, usually obtained at the expense ot more com¬ 
plex and hence more costly circuit implementations. It is not our purpose here to delve into this 
topic any deeper; we merely want the reader to appreciate tl e nature of analog and digital signals. 
Nevertheless, it is an opportune time to introduce a very important circuit building block of mod¬ 
em electronic systems: the analog-to-digital converter (A/D or ADC ) shown in block form in 
Fig. 1.10 The ADC accepts at its input the samples of an analog signal and provides for each 
input sample the corresponding jV-bit digital representation (according to Eq. 1.3) at its N output 
terminals. Thus although the voltage at the input might be, say, 6.51 V, at each ot the output ter¬ 
minals i say, at the /th terminal), the voltage will be either low (0 V) or high (5 V) if b i is supposed 


Analog 

input 




-—o b 


n -1 


Digital 

output 


Figure 1.10 Block-diagram representation of the analog-to-digital converter (ADC). 
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to be 0 or 1. respectively. The duaJ circuit of the ADC is the digital-to-analog converter (D/A 0r 
DAC). It converts an A-bi t digital input to an analog output voltage. ^jjl 

Once the signal is in digital form, it can be processed using digital circuits. Of course 
digital circuits can deal also with signals that do not have an analog origin, such as the sig¬ 
nals that represent the various instructions ot a digital computer. jj 

Since digital circuits deal exclusively with binary signals, their design is simpler than that of 
analog circuits. Furthermore, digital systems can be designed using a relatively few different 
kinds of digital circuit blocks. However, a large number (e.g., hundreds o thousands or even mil 
lions) of each of these blocks are usually needed. Thus the design of digital circuits poses its own 
set of challenges to the designer but provides reliable and economic implementations of a great 
variety of signal-processing functions, many of which are not possible with analog circuits At 
the present time, more and more of the signal-processing functions are being performed digital! 
Examples around us abound: from the digital watch and the calculator to digital audio systems 
digital cameras and, more recently, digital television. Moreover, some longstanding analog svs-’ 
terns such as the telephone communication system are now almost entirely digital. And w 
should not forget the most important of all digital systems, the digital computer. C 

, b “ I,d,ng blocks of ' di £ ital s y ste ms are logic circuits and memory circuits We 

shall study both in this book, beginning in Chapter 13. 

One final remark: Although the digital processing of signals is at present all-pervasive 
here remam many signal-processing functions that are best performed by analog circuits’ 
Indeed, many electronic systems include both analog and digital nartc h f\u iu * 



1.9 Consider a 4-bit digital word D~bbbb tsee Pn i i\ J 

between 0 V and +15 V. 2 ' ^ 1J) UScd to re P r esent an analog signal v A that varies 

(«,» and ■ 

AnS - 0Q0 °- wfT 2 h v‘"8“'Tor'in representation? 

----' • ™ v - +K V; (o oioi.-4% 

^4 Amplifiers 

fn this section, we shall introdure ,h 

a&r in -«51 tt n ? c tr'- proc r ing ftinetion ’ ow 

emal C,rCUIt '0 later chapters. 
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°m a conceptual point of view th * 
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signals are too small for reliable processing, and processing is much easier if the signal magni¬ 
tude is made larger. The functional block that accomplishes this task is the signal amplifier. 

It is appropriate at this point to discuss the need for linearity in amplifiers. Care must be 
exercised in the amplification of a signal, so that the information contained in the signal is 
not changed and no new information is introduced. Thus when we feed the signal shown in Fig. 

1.3 to an amplifier, we want the output signal of the amplifier to be an exact replica of that at 
the input, except of course for having larger magnitude. In other words, the “wiggles” in the 
output waveform must be identical to those in the input waveform. Any change in waveform 
is considered to be distortion and is obviously undesirable. 

An amplifier that preserves the details of the signal waveform is characterized by the rela¬ 
tionship 

v 0 (t)=Av i (t) (1.4) O 

where v i and v 0 are the input and output signals, respectively, and A is a constant representing 
the magnitude of amplification, known as amplifier gain. Equation (1,4) is a linear relation¬ 
ship; hence the amplifier it describes is a linear amplifier. It should be easy to see that if the 

relationship between v 0 and v. contains higher powers of w, then the waveform of v will no 

* 0 

longer be identical to that of v f . The amplifier is then said to exhibit nonlinear distortion. 

The amplifiers discussed so far are primarily intended to operate on very small input signals. 

Their purpose is to make the signal magnitude larger and therefore are thought of as voltage 
amplifiers. The preamplifier in the home stereo system is an example of a voltage amplifier, 

At this time we wish to mention another type of amplifier, namely, the power amplifier. 

Such an amplifier may provide only a modest amount of voltage gain but substantial current 
gain. Thus while absorbing little power from the input signal source to which it is connected, 
often a preamplifier, it delivers large amounts of power to its load. An example is found in the 
power amplifier ot the home stereo system, whose purpose is to provide sufficient power to 
drive the loudspeaker, which is the amplifier load. Here we should note that the loudspeaker is 
the output transducer of the stereo system; it converts the electric output signal of the system 
into an acoustic signal. A further appreciation of the need for linearity can be acquired by 
refecting on the power amplifier. A linear power amplifier causes both soft and loud music 
passages to be reproduced without distortion. 

1.4.2 Amplifier Circuit Symbol 

The signal amplifier is obviously a two-port network. Its function is conveniently represented by 
the circuit symbol of Fig. 1.11(a). This symbol clearly distinguishes the input and output ports 
and indicates the direction of signal flow. Thus, in subsequent diagrams it will not be necessary 
to label the two ports “input” and "output.” For generality we have shown the amplifier to have 
two input terminals that are distinct from the two output terminals. A more common situation is 
illustrated in Fig, 1.1 fib), where a common terminal exists between the input and output ports of 

the amplifier. This common terminal is used as a reference point and is called the circuit 
ground. 

1.4.3 Voltage Gain 

A linear amplifier accepts an input signal v ; (t) and provides at the output, across a load resis¬ 
tance R l (see Fig. 1.12(a)), an output signal v 0 {t) that is a magnified replica of!'/(/). The 
voltage gain of the amplifier is defined by 

Vq 

Voltage gain (/f„) = — 

V ! 


(1.5) O 
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Figure 1.11 (a) Circuit symbol for amplifier, (b) An amplifier with a common terminal (ground) between 
the input and output ports. 

Fig. 1.12(b) shows the transfer characteristic of a linear amplifier. If we apply to the input 

of this amplifier a sinusoidal voltage of amplitude V, we obtain at the output a sinusoid of 
amplitude A v V. 


1.4.4 Power Gain and Current Gain 


An amplifier increases the signal power, an important feature that distinguishes an amnlifier 
from a transformer. In the case of a transformer, although the voltage delivered to the load 
could be greater than the voltage feeding the input side (the primary), the power delivered to 
the load (from the secondary side of the transformer) is less than or at most equal to the power 
supphed by the s.gnal source. On the other hand, an amplifier provides the load with power 
greater than that obtained from the signal source. That is, amplifiers have power sain The 
power gain ot the amplifier in Fig. 1. 12(a) is defined as 


o 


o 


Power gain (A .) = l oad (A.) 

input power ( P f ) 


Vnl 


O'O 


Vih 


( 1 . 6 ) 


(17) 
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where i 0 is the current that the amplifier delivers to the load (R t ), i 0 = T > () /R r and i is the cur¬ 
rent the amplifier draws from the signal source. The cu rrent gain of the amplifier is defined as 

* 

Current gain (/),) = - (18) 

h 

From Eqs. (1.5) to (1.8) we note that 



(1.9) 


o 

o 


1.4.5 Expressing Gain in Decibels 


The amplifier gains defined above are ratios of similarly dimensioned quantities. Thus they 
will be expressed either as dimensionless numbers or, for emphasis, as V/V for the voltage 
gain, A/A for the current gain, and W/W for the power gain. Alternatively, for a number of 
reasons, some of them historic, electronics engineers express amplifier gain with a logarith¬ 
mic measure. Specifically the voltage gain A r can be expressed as 

Voltage gain in decibels = 20 log|4,| dB 
and the current gain A, can be expressed as 

Current gain in decibels = 20 log|^,| dB 

Since power is related to voltage (or current ) squared, the power gain A p can be expressed in 
decibels as 


o 

o 


Power gain in decibels = 10 log^,, dB 

The absolute values ot the voltage and current gains are used because in some cases A v or 
A t will be a negative number. A negative gain A t simply means that there is a 180° phase dif¬ 
ference between input and output signals; it does not imply that the amplifier is attenuating 
the signal. On (lie other hand, an amplifier whose voltage gain is, say, -20 dB is in fact atten¬ 
uating the input signal by a factor of 10 (i.e., A lt = 0.1 V/V). 


1.4.6 The Amplifier Power Supplies 


Since the power delivered to the load is greater than the power drawn from the signal source, 
the question at ises as to the source of this addit ional power. T he answer is found by observ¬ 
ing that amplifiers need dc power supplies for their operation. These dc sources supply the 
extra power delivered to the load as well as any power that might be dissipated in the inter¬ 
nal circuit ot the amplifier (such power is converted to heat). In Fig. 1.12(a) we have not 


explicitly shown these dc sources. 

figure 1.13(a) shows an amplifier that requires two dc sources: one positive of value V cc 
and one negative of value V u . The amplifier has two terminals, labeled I' and V . for connec¬ 
tion to the dc supplies. For the amplifier to operate, the terminal labeled l' + has to be con¬ 
nected to the positive side of a dc source whose voltage is V cc and whose negative side is 
connected to the circuit ground. Also, the terminal labeled I has to be connected to the nega¬ 
tive side of a dc source whose voltage is V EE and whose positive side is connected to the circuit 


giound. Now. 1 1 the current drawn from the positive supply is denoted / , and that from the 
negative supply is ! ; t (see Fig. 1.13a), then the dc power delivered to the amplifier is 
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Pj c = I'ccl cc + Pee 1 ee 

If the power dissipated in the amplifier circuit is denoted P djMjpalcd , the power-balance equa¬ 
tion for the amplifier can be written as 

P dc d” P! — Pi "b -'dissipated 



where P, is the power drawn from the signal source and P L is the power delivered to the load. 
Since the power drawn from the signal source is usually small, the amplifier power effi¬ 


ciency is defined as 



— x 100 

P dc 


( 1 , 10 ) 


The power efficiency is an important performance parameter i'or amplifiers that handle large 
amounts of power. Such amplifiers, called power amplifiers, are used, for example, as out¬ 
put amplifiers of stereo systems. 

In order to simplify circuit diagrams, we shall adopt the convention illustrated in Fig. 1,13(b). 

! 'ere the 1” terminal is show n connected to an arrowhead pointing upward and the 1 terminal 
to an arrowhead pointing downward. The corresponding voltage is indicated next to each arrow'¬ 
head. Note that in many cases we will not explicitly show the connections of the amplifier to the 
dc power sources. Finally, we note that some amplifiers require only one power supply. 



Figure 1.13 


An amplifier that requires two dc supplies 


(shown as batteries) for operation. 


Example 1.2 





Consider an amplifier operating from +in 

peak and delivers a sinusoidal voltage oulputo'fkT’ ",' i ^ W '' h 3 sinusoidal voltage havinu I V 
9.5 mA from each of its two power s UD X Th P ° 3 '‘° ad ' The a "P'ifier draws a ~ of 

3H r peak x- ampiifier is *» * 

Power dissipated in the amp.ifier, and the' ampSfficie^'. P ° Wer dr3Wn ,>0m lhe de 

Solution 


9 
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or 


or 


or 


A v = 20 log 9 = 19.1 dB 



9 V 
l kQ 


= 9 mA 



_9_ 

0.1 


= 90 A/A 


4,. = 20 log 90 = 39.1 dB 




_9__9_ 

J_ 0 J 

J2J2 


40.5 mW 
0.05 raW 


= 810 W/W 


A p = 10 log 810 = 29.1 dB 
P dc = 10 x 9.5 + 10 x 9.5 = 190 mW 


dissipated 


“ Pd C + Pl~ P 


I 



190 + 0.05 -40.5 = 
P L 

— x 100 = 21.3% 


149.6 mW 


From the above example we observe that the amplifier converts some of the dc power it 
draws Mom the power supplies to signal power that it delivers to the load. 

1.4.7 Amplifier Saturation 

Practically speaking, he amplifier transfer characteristic remains linear over only a limited 
range of input and output voltages. 1 or an amplifier operated from two power supplies the out¬ 
put voltage cannot exceed a specified positive limit and cannot decrease below a specified neg¬ 
ative limit. The resulting transfer characteristic is shown in Fig. 1.14, with the positive and 
negative saturation levels denoted L + and L , respectively. Each of the two saturation levels is 
usually within a fraction of a volt of the voltage of the corresponding power supply. 

Obviously, in order to avoid distorting the output signal waveform, the input signal swing 
must be kept within the linear range of operation, 



n Fig. 1.14, which shows two input waveforms and the corresponding output waveforms, 
the peaks of the larger waveform have been clipped off because of amplifier saturation. 
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Figure 1.14 An amplifier transfer charactenstic tha. is linear except for output saturation. 


1.4.8 Symbol Convention 

thetok°To .tett,e™So“g ™ Sha " emp '° y 

is flowing through a branch ™ pSlarci ™,rZ TlT ° f * ~ thal 

nent 7 C on which is superimposed a «im a ’ CUrren t f c (/) consists ot a dc compo- 

Observe that at a time /, the total instant^ 1 & COrnponent W wh °se peak amplitude is /. 
and the signal current , < t), ne0US current W# is the sum of the dc current 7 C 


i c U) = / c + /f/) 


( 1 . 11 ) 


where the signal current is given by 


- A, sin to/ 


Thus, we state some conventions' Tntoi • 

symbol with uppercase subscript) toelSTT qUaM,,les “ d “«ed by a lower 
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Figure 1.15 Symbol convention employed throughout the book. 


t 


signal quantities are denoted by a lowercase symbol with lowercase subscripts), for example, 

If the signal is a si; vvave, then its ai mlitude is denoted by an uppercase symbol 

with lowercase subscript! s), for example /,, V gs . Finally, although not shown in Fig. 1.15, dc 

powei supplies are denoted by an uppercase letter with a double-letter uppercase subscript, for 

example, F cc , l DD . A similar notation is used foi ihe dc current drawn from the power supply, 
for example, 7^, I DD . 



1.10 An amplifier has a voltage gain of 11 JO V/V and a current gain of 1000 A/A. Express the voltage and 
current gains in decibels and find the power gain. 

Ans, 40 dB; 60 dB; 50 dB 

1-11 An amplitici operating from a single 15-V supply provides a 12-V peak-to-peak sine-wave signal 

to a 1 -kQ. load and draws negligible input current from the signal source. The dc current drawn from the 

15-V supply is 8 mA. What is the power dissipated in the amplifier, and what is the amplifier el ficiency? 
Ans. 102 mW; 15% 


1.5 Circuit Models for Amplifiers 

A substantial part of this book is concerned with the design of amplifier circuits that use transis¬ 
tors of various types. Such circuits will vary in complexity from those using a single transistor to 
those with 20 or more devices. In order to be able to apply the resulting amplifier circuit as a 
building block in a system, one must be able to characterize, or model, its terminal behavior. In 
this section, we study simple but eflectoe amplifier models. These models apply irrespective of 
the complexity of the internal circuit of the amplifier. The values of the model parameters can be 
found either by analyzing the amplifier circuit or by performing measurements at the amplifier 

terminals. 
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1.5.1 Voltage Amplifiers 

Figure 1 16(a) shows a circuit model tor the voltage amplifier. The model consists of a volt¬ 
age-controlled voltage source having a gain factor A m , an input resistance that accounts 
for the fact that the amplifier draws an input current from the signal source, and an output 
resistance R, that accounts tor the change in output voltage as the ;u iiplifier is called upon to 
supply output current to a load. To be specific, we show in Fig. 1.16(b) die amplifier model 
fed with a signal voltage source v x having a resistance R s and connected at the output to a 
load resistance R L . The nonzero output resistance R 0 causes only a fraction of A vo v { to 
appear across the output. Using the voltage-divider rule we obtain 



* %. + R, 


Thus the voltage gain is given by 






VO 


Rl + R 0 



It follows that in order not to lose gain in coupling the amplifier output to a load, the out¬ 
put resistance R 0 should be much smaller than the load resistance R,. In other words, for 
a given R L one must design tine amplifier so that its R ti is much smaller than R r Further¬ 
more, there are applications in which R L is known to vary over a certain range. In order to 
keep the output voltage it, as constant as possible, the amplifier is designed with R much 
smal er than the lowest value of R,, An ideal voltage amplifier is one with R = O.Equa- 

7 77 ,T eS tha ‘ f ° r Rl = “ + = A ~ Thus « the voltage gain of the 
unioaded amplifier, or the open-circuit voltage gain. It should also be clear that in spec- 

t ymg the voltage gam ol an amplifier, one must also specify the value of load resistance 


o 


a 



-o 

+ 





(b) 


“ r ® 116 <*) Circuit model 
and load. 


f or the voltage amplifier On rs . 

(b) The v °hage amplifier wi 


with input signal source 
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at which this gain is measured or calculated. If a load resistance is not specified, it is nor¬ 
mally assumed that the given voltage gain is the open-circuit gain 4 

The finite input resistance R, introduces another voltage-divider action at the input with 

the result that only a fractton of the source signal o, actually reaches the input terminals of the 
amplifier; that is. 


R, 

' ~ Vs r~Tr s o.i3) 

It follows that in order not to lose a significant portion of the input signal in coupline the 
signal source to the amplifier input, the amplifier must be designed to have an input resis¬ 
tance R, much greater than the resistance of the signal source, R,>R Furthermore, there 
are applications in which the source resistance is known to vary over a certain range. To 
minimize the effect of this variation on the value of the signal that appears at the input of the 
amplifier, the design ensures that R. is much greater than the largest value of R An ideal 

voltage amplifier is one with «, = In this ideal case both the current gain and power gatn 
become infinite. 

I he mv ciall voltage gain (vjv s ) can be found by combining Eqs. (1.12) and (1.13) 


Us _ A R i r l 

v s "R, + R s R l + R„ O 


There are situations in which one is interested not in voltage gain but only in a significant 
power gain. Foi insi.mce, the source signal can have a respectable voltage but a source resis¬ 
tance that is much greater than the load resistance. Connecting the source directly to the load 
would lesult in significant signal attenuation. In such a case, one requires an amplifier with a 
high input resistance {much greater than the source resistance) and a low output resistance 
(much smaller than the load resistance) but with a modest voltage gain {or even unity gain). 

Such an amplifier is referred to as a buffer amplifier. We shall encounter buffer amplifiers 
often throughout this book. 



1.12 A transducer characterized by a voltage of I V rms and a resistance of 1 MQ is available to drive 
a 10-Q loae. It connected directly, what voltage and power levels result at the load? If a unity-gain (i.e., 
A m - 1) buffer amplifier with 1 -MQ input resistance and 10-fi output resistance is interposed between 
source and load, what do the output voltage and power levels become? For the new arrangement, find 
the voltage gain from source to load, and the power gain {both expressed in decibels). 

Ans. lOpV rms; KT 11 W; 0.25 V; 6.25 mW;-12 dB; 44 dB 

1.13 The output voltage of a voltage amplifier has been found to decrease by 20% when a load resistance 
ot 1 k£2 is connected. What is the value of the amplifier output resistance? 

Ans, 250 Q 

1.14 An amplifier with a voltage gain of +40 dB, an input resistance of 10 kf2, and an output resistance 

ol 1 kU is used to drive a 1-kQ load. What is the value of A vn ? Find the value of the power gain in 
decibels. 

Ans. 100 V/V; 44 dB 
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1.5.2 Cascaded Amplifiers 

To meet given amplifier specifications, we often need to design the amplifier as a cascade of 
two or more stages. The stages are usually not identical; rather, each is designed to serve a 
specific purpose. For instance, in order to provide the overall amplifier with a large input 
resistance, the first stage is usually required to have a large input resistance. Also, in order to 
equip the overall amplifier with a low output resistance, the final stage in the cascade is usu- 
ally designed to have a low' output resistance. To illustrate the analysis and design of cas- 
caded amplifiers, we consider a practical example. 



Figure 1.17 depicts an amplifier composed of a cascade of three stages, fhe amplifier is fed by a signal 
source with a source resistance of 100 k£2 and delivers its output into a load resistance of 100 Q. The first 
stage has a relatively high input resistance and a modest gain factor of 10. The second stage has a hig her gain 
factor but lower input resistance. l : inally, the last, or output, stage has unity gain but a low output resistance 
We wish to evaluate the overall voltage gain, that is, v L /v s , the current gain, and the power gain. 


Source 1 Stage 1 | Stage 2 



Figure 1.17 Three-stage amplifier for Example 1.3. 


I 


Stage 3 | Load 



Solution 


The fraction of source signal apnearinp at th* ■ 

age-divider rule a. the input, as fo! Ws ** '" PUt ,e ™ inals of ** amplifier is obtained 


using the volt- 


2! s 1 MQ 

v, uuuTooIa = °- 909 v/v 

The voltage gain of the first stave i, „k, ,. 

the load of the firs, stage; that is, input resistance of the second stage to be 

A v \ s ^ = ip - 100 kQ 

c . ., , v n lOOkO+TTo = 9 - 9 v/v 

Similarly, the voltage gain of thr. , kU 

-ge to he the load of the second £ ** " ^ considering the i„ put reslstance of the third 


A - V ii 
a v2= — = 100 


V 


i 2 


= 90 * 9 v/v 
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Finally, the voltage gain ol the output stage is as follows: 


v, 


A v y = = 1 


100 Q 


v u 


100 0 + 10 Q 


= 0.909 V/V 


The total gain of the three stages in cascade can be now found from 


A.. ee 


V: 


v- “ = K\K2 A vi = 818 VA/ 

v i 1 


or 58.3 dB. 


Ae S: p d u* h ^!r 8ai " fr0m S0UrCe t0 l0ad ’ We mult,ply A ’ by ,he faCtor re P rese "ting the loss of gain at 


V, 


V. 


v, l v. 


= A 


v . 


n 


V 


V. 


= 818 x 0.909 = 743.6 V/V 


or 57.4 dB. 

The current gain is round as follows: 

A =L«- 

Ai ~ L ~ 


v L /100 Q. 

Wi/1 MQ. 

10 4 x^ v = 8.18 x 10 6 A/A 


or 138.3 dB. 

fhe power gain is found from 


P 

A=- 

p p 


L = VlJo 
v i i h 

— A v A t 


818 x 8.18 x 10'’ = 66.9 x 10 s W/W 


or 98.3 dB. Note that 


A p ( dB) = U4 w (dB)-M f (dB)] 


A few comments on the cascade amplifier in the above example are in order. To avoid losing 
signal strength at the amplifier input where the signal is usually very small, the first stage is 
designed to have a relatively large input resistance (1 MQ), which is much larger than the source 
resistance. The trade-off appears to be a moderate voltage gain (10 V/V). The second stage does 
not need to have such a high input resistance; rather, here we need to realize the bulk of the 
required voltage gain. The third and final, or output, stage is not asked to provide any voltage gain; 
rather, it fiineiu i is as a buffer amplifier, providing a relatively large input resistance and a low out¬ 
put resistance, much lower than R L . It is this stage that enables connecting the amplifier to the 10- 
Q load. These points can be made more concrete by solving the following exercises. In so doing, 
observe that in finding the gain of an amplifier stage in a cascade amplifier, the loading effect of 
the succeeding amplifier stage must be taken into account as we have done in the above example. 
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„ u nf t he cascade amplifier in Example 1.3 be without stage 3? 

1.15 What would the overall voltage gain or the c . p 

Arts. 81.8 V/V 

1.16 For the cascade amplifier of Example 1.3. let v, be I mV. Find v„, v a , v a , and v L . 

Anc o ot mV-o mV- 818 mV: 744 mV 


1.17 fa) Model the three-stage amplifier of Example 1.3 (without the source and load), using the voltage 
amplifier model. What are the values of R,, A vo , and Rf 

(b) If R, varies in the range 10 Q to 1000 Q, find the corresponding range ot the overall voltage gain. 

VjVy 

Ans. 1 Mft, 900 V/V, 10 ft; 409 V/V to 810 V/V 


—--- 



1.5.3 Other Amplifier Types 

In the design of an electronic system, the signal of interest—whether at the system input, at an 
intermediate stage, or at the output—can be either a voltage or a current. For instance, some trans¬ 
ducers have very high output resistances and can be more appropriately modeled as current 
sources. Similarly, there are applications in which the output current rather than the voltage is of 


Table 1.1 

The Four Amplifier Types 



Type 

Circuit Model 

Gain Parameter 

Ideal Characteristics 


Voltage Amplifier 


Vi < R. 


R a 

wv 


A 


Open-Circuit Voltage Gain 


(V/V) 


R = 


©O 


R =0 


Current Amplifier 


Transconductance 

Amplifier 


Transresistance 

Amplifier 


o- 




R 


o 



R 



Short-Circuit Current Gain 


(A/A) 


Short-Circuit 

Transconductance 


i 

G m =~ 

m 


(A/V) 




Open-Circuit Transresistance 


(V/A) 


R = 0 

I 


R = <x> 


R, = 0 

R.= 0 
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interest. Thus, although ,t ts the most popular, the voltage amplifier considered above is just one of 
tour possible ampltfier types. The other three are the current amplifier, the transconductance ampli¬ 
fier, and the transres,stance amplifier. Table 1.1 shows the four amplifier types, their circuit mod¬ 
els, the definition ol their gam parameters, and the ideal values of their input and output resistances. 

1.5.4 Relationships between the Four Amplifier Models 

Although tor a given amplifier a particular one of the four models in Table 1.1 is most pref¬ 
erable, any of the fow can he used to model any amplifier. In fact, simple relationships can 
be dertved to relate the parameters of the various models. For instance, the open-circuit volt¬ 
age gam A vo can be related to the short-circuit current gain A,, as follows: The open-circuit 
output voltage gtven by the voltage amplifier model of Table 1.1 is Au. The current ampli¬ 
fier model in the same table gives an open-circuit output voltage of A i.R Equating these 
two values and noting that /,= vJR. gives ' " 



(1.14) 


Similarly, we can show that 



(1.15) 



(1.16) 


The expressions in Eqs. (1.14) if ( 1.16) can be used to relate any two of the eain parameters 

A vo> A & G m , and R m . 


1.5.5 Determining R i and R 0 

f rom the amplifier circuit models given in Table 1.1, we observe that the input resistance R t of 
the amplifier can be determined by applying an input voltage i; and measuring (or calculating) 
the input current /.; that is, R t = v i !i i . The output resistance is found as the ratio of the open* 
circuit output voltage io the short-circuit output current. Alternatively, the output resistance 
can be found by eliminating the input signal source (then /, and v,. will both be zero) and apply¬ 
ing a voltage signal v x to the output ol the amplifier, as shown in Fig. 1.18. If we denote the 
current drawn from v x into the output terminals as / (note that i is opposite in direction to i ) 

4-1 n 1 ill Qj 

nen K o = vji x . Although these techniques are conceptually correct, in actual practice more 
refined methods are employed in measuring R i and R t . 






Figure 1,18 Determining the output resistance. 
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1.5.6 Unilateral Models 

The amplifier models considered above are unilateral; that is. signal flow is unidirectional. 

from input to output. Most real amplifiers show some reverse transnusston. which ,s usually 

undesirable but must nonetheless be modeled. We shall not pursue this point further at this 

time except to mention that more complete models for linear two-port networks are given in 

Appendix C. Also, in later chapters, we will find it necessary in certain cases to augment the 
j i f T li "- -oo.mt fhp nnminilateral nature of some transistor amnfifWc 



The bipolar junction transistor (BJTi, which will he studied in Chapter 6, is a three-terminal device 
that when powered-up by a dc source (battery ) and operated with small signals can be modeled by the lin¬ 


ear circuit shown in Fig. 1.19(a). The three terminals are the base (B), the emitter (E), and the collector 
(C). The heart of the model is a transconductance amplifier represented by an input resistance between B 
and E (denoted r, ), a short-circuit transconductance g m , and an output resistance r 0 . 




(c) 


Figure 1,19 (a) Small-signal circuit model fn k 

arapliHer wiA fte emiuer as a common terminal (BJT) ' ,b) The B IT connected as an 

■ n alternative small-signal circuit model for the BJT P ° UtPUt (Called 3 common -emitter amplifier). 

(a) With the emitter used as a commo 

sistor amplifier known as a com mon-emitter or Proii ^H 11 ^ 1 an< * ° Utj)Ut ’ * 19(b) shows a tran- 

rSSK ,Y d y ndi,s «««*■*£tlT, T TT Derive an expression for the 

• 

expression' ft* 1 “^' %>■ What ZT ^ tha " a Conductance am- 

expression and a va| ue . What "us. the short-circuit current gain 0 be? Give both an 
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Solution 

SS * “ *— «**» "f »-« 


r 


^be ^ 


n 


$ „ 


r ir+R s 


(1.17) 


Next we determine the output voltage by multiplying the current by the resistance (R L || , ), 


V o ~ Sn, V hei R L II O 

Substituting for v hr from Eq. (1. i 7) yields the voltage-gain expression 


(1.18) 


v 


O 


K 


1 A 


r *+R 


§m( R L II r o ) 


(1.19) 


Observ e that the gain is negative, indteating that this amplifier is inverting. For the given component values. 


V 


o 


2.5 


v , 


2.5 + 5 


x 40 x (5 || 100 ) 


= -63.5 V/V 


Neglecting the effect of r o , we obtain 


v 


u 


2.5 


v 


s 


2.5 + 5 


x 40 x 5 


= -66.7 V/V 


which is quite close to the value obtained including r, This is not surprising, since r 0 §> R L 
(b) For the model in Fig. 1.19(c) to be equivalent to that in Fig. 1.19(a), 


Ph = g m v he 


But i b = v be /r n ; thus. 


For the values given, 


P = Sm r * 

P = 40 mA/V x 2.5 kf2 
= 100 A/A 




f ^1 





1-18 Consider a current amplifier having the model shown in the second row of Table 1.1. Let the ampli¬ 
fier be led with a signal current-source i s having a resistance R s , and let the output be connected to a 
load resistance R L . Show that the overall current gain is given by 



■« 



A 


R 


V 


R 


o 


ts 


R s + R t R a + R 


1*19 


Consider the transconductance amplifier whose model is shown in the third row of Table I I Let a 
voltage signal source v s with a source resistance /? A be connected to the input and a load resistance R t 
be connected to the output. Show that the overall voltage-gain is given by 



R t + R 



$ 
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qmnlifier having the model shown in the fourth row ot Table 1.1. Let the 
1,20 Consider a transresistance amplifier g resistance R , and let the output be connected 

amplifier be ted with a signal current-source i, having a res.s ar „ 

,0 a load resistance R L . Show that the overall gam is g.ven by 

„ R, »L 


-2 = R 


1 . 


m R, + Rj R l + R o 


4 

D and G in the circuit shown in Fig. El .21. The voltage 
1.21 Find the input resistance between terminals B an 

v is a test voltage with the input resistance R in defined as R in - i/1* 


* 



Ans. R. m = r,+(P+\)R, 


Figure E1.21 


1.6 Frequency Response of Amplifiers 2 

From Section 1.2 we know that the input signal to an amplifier can always be expressed as 
the sum ot sinusoidal signals. It follows that an important characterization of an amplifier is 
in terms ot its response to input sinusoids ot different frequencies. Such a characterization of 
amplifier performance is known as the amplifier frequency response. 


1.6.1 Measuring the Amplifier Frequency Response 

measnrpd R r ° t * UCe | in j U ^ eC * ° Pam P bpler frequency response by showing how it can be 
signal of amplitude!' anTfrequelcyfflAsT 3t ' tS inpUt With 8 sine - wave 

StnTSk tZ “ 3] W,th exac,ly ,he Same ,re< l uen c y ry. This is an important 

is sinusoidal with the same^eqlZa^lh '° ° / ' W ,he resuUin S 0Ul P ul 

that does not change shape as it na« " T"' . 1 " tact ’ the sine wave is the on| y sl t ?nal 
output sinusoid will in general have Air F ° Ugh 3 lmear C ' rCuit 0bserve ’ however, that the 

» the input. The ratio of the amplitude on'hf T'"" 4 ‘"’ d wil1 ^ shifted in P hase relative 
input sinusoid ( V) h the magnitude of the °r c*” S ' nuS0ld (t0 the amplitude ot the 
quency a). Also, the angle p is the h am plifiergain (or transmission) at the test fre- 

0). It we denote the amplifier tr □ P ase . ot tbe am piifier transmission at the test frequency 

mpUfier transm. ss „ n . or transfer function as it is more commonly 

'Except for its use in the studv of th* f 

matenal in this section will not be needed m?/? 0 " 56 ofop ' am P cir cuits in Sections 2.5 and 2.7, the 

d m 3 substam ' a l manner until Chapter 9. 
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Li neat amplifier 


Vi = Vj sin tot [ ' 



v„ - V a sin (tot + 



Figure 1.20 Measuring the frequency response of a linear amplifier: At the test frequency « the amnlifier 
gain is characterized by its magnitude (VJfj) and phase $. 4 ' ampiitu.r 


known, by T( co) y then 

lntw)| = L 

ZT{co) = <f> 

The response ot the amplifier to a sinusoid of frequency co is completely described by ir(<y)| 

and ZT( 0 )}. Now, to obtain the complete l equency response of the amplifier we simply 

change the frequency ot the input sinusoid and measure the new value for \T\ and ZT The 

end result will be a table and/or graph of gain magnitude [|7Uu)|] versus frequency and a 

table and/or graph of phase angle [ZT(a»] versus frequency. These two plots together 

constitute the frequency response of the amplifier; the first is known as the magnitude or 

amplitude response, and the second is the phase response. Finally, we should mention that 

it is a common practice to express the magnitude of transmission in decibels and thus plot 
20 log |/(*y)| versus frequency. 


1 . 6.2 Amplifier Bandwidth 

Figure 1.21 shows the magnitude response of an amplifier. It indicates that the gain is almost 
constant over a wide frequency range, roughly between and Signals whose frequencies 
are below a >, or above ox will experience lower gain, with the gain decreasing as we move 
arther away from co } and cx. The band of frequencies over which the gain of the amplifier is 
almost constant, to within a certain number of decibels (usually 3 dB), is called the amplifier 
bandwidth. Normally the amplifier is designed so that its bandwidth coincides with the 
spectrum of the signals it is required to amplify. If this were not the case, the amplifier 
would distort he frequency spectrum of the input signal, with different components of the 
input signal being amplified by different amounts. 


1.6.3 Evaluating the Frequency Response of Amplifiers 

Above, we described the method used to measure the frequency response of an amplifier. 
Ve now briefly discuss the method for analytically obtaining an expression for the fre¬ 
quency response. What we are about to say is just a preview of this important subject, whose 
detailed study is in Chapter 9. 
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20 log 17»| 



Figure 1.21 Typical magnitude response of an amplifier: [7141 is the magnitude of the amplifier transfer 
function—that is, the ratio of the output V 0 {6)) to the input f,( (0). 

To evaluate the frequency response of an amplifier, one has to analyze the amplifier 
equivalent circuit model, taking into account all reactive components.’’ Circuit analysis 
proceeds in the usual fashion but with inductances and capacitances represented by their 
reactances. An inductance l has a reactance or impedance jcoL, and a capacitance C has a 
reactance or impedance 1 /j(oC or. equivalently, a susceptance or admittance jwC. I bus in a 
frequency-domain analysis we deal w ith impedances and/or admittances. I he lesult of the 
analysis is the amplifier transfer function T( a)} 



VJ tQ) 

vx 0)) 


where Ifito) and Vjto) denote the input and output signals, respectively. T{ to) is generally a 
complex function whose magnitude \T(to)\ gives the magnitude of transmission or the mag¬ 
nitude response of the amplifier. The phase of T{co) gives the phase response of the ampli¬ 
fier. 


In the analysis of a circuit to determine its frequency response, the algebraic manipulations 
can e considerably simplified by using the complex frequency variate s. In terms of 5 , the 

demMite* -a, a^ ucta ” ce ^' san d l ^ at °f a capacitance Cis 1 AC. Replacing the reactive 
function T(s) as anC6S P er ^ orm ‘ n S standard circuit analysis, we obtain the transfer 



cies, T( joj). Kote thm' ro'^t jhetamTr'T tunction for P h .V sical frequen- 

included in order to emphasize that Tt • UnC ‘ 0n we called T l ®) above 4 ; the additional j is 

emphasize that T( }0)) Is obtained from T(s) by replacing , withy ®. 


'Note that in the models considered in n ■ 

were stmp'ifled models and “f ,0Bs ™ reactive components were included. These 

A h,s stage, we are usjng t simp , y as U a S f h ^ h n a e ‘0 predte. the amplifier frequency response. 

coneepts unt 'l Chapter 9. A brief review f ° T / (0 ' shall not require detailed knowledge ol 

s-plane analysis i s preseme(J in Appendix F. 
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1.6.4 Single-Time-Constant Networks 

In analyzing amplifier circuits to determine their frequency response, one is greatly aided by 

knowledge of the frequency-response characteristics of single-time-constant (STC) networks 

An STC network ts one that is composed of, or can be reduced to, one reactive component 

(inductance or capacitance) and one resistance. Examples are shown in Fig 1 22 A , s ,, 

network formed of an inductance L and a resistance R has a time constant = L/R The 

t,me constant rof an STC network composed of a capacitance Cand a resistance R is given 
by r= C R. ‘ c 

Appendix E presents a study of STC networks and their responses to sinusoidal, step and 
puhe inputs. Knowledge of tins material will be needed at various points throughout this book, 
and the reader w ill be encouraged to refer to the appendix. At this point we need in particular 
the frequency response results; we will, in fact, briefly discuss this important topic, now. 

Most STC networks can be class.fied into two categories,’ low pass (LP) and high pass 
(HP), with each ol the two categories displaying distinctly different signal responses. As an 
example, the STC network shown in Fig. 1.22(a) is of the low-pass type and that in Fig. 

I 2(b) is of the high-pass type. To see the reasoning behind this classification, observe that 
the transfer function of each of these two circuits can be expressed as a voltage-divider ratio 
wtth the divider composed of a resistor and a capacitor. Now. recallmg how the impedance of 
a capacitor varies with frequency (Z = I // wC ), it is easy to see that the transmission of the 
circuit m Fig. 1.22(a) will decrease with frequency and approach zero as m approaches Thus 
the circuit ol Fig. 1.22(a) acts as a low-pass filter * 1 * * ’; it passes low-frequency, sine-wave inputs 
w itli little or no attenuation (at a = 0, the transmission is unity) and attenuates high-frequency 
input sinusoids. The circuit ol Fig. 1.22'b) does the opposite; its transmission is unity at &>=== 

and decreases as o )is reduced, reaching 0 for m= 0. The latter circuit, therefore, performs as a 

high-pass filter. 

Table 1.2 provides a summary of the frequency-response results for STC networks of 
both types. 7 Also, sketches of the magnitude and phase responses are given in Figs. 1.23 and 
1 .24. These frequency-response diagrams are known as Bode plots and the 3-dB frequency 


R 

—o—* 


Vi it 


c 



(a) 


V 



I V — 


(b) 


Figure 1.22 Two examples of STC 
networks: (a) a low-pass network and 
(b) a high-pass network. 


An important exception is the all-pass STC network studied in Chapter 16 . 

i ter is a circuit that passes signals in a specified frequency band (the filter passband) and stops or 

severe y attenuates (filters out) signals in another frequency band (the filter stopband). Filters will be 

studied in Chapter 16. 

he transfer functions in Table 1.2 are given in general form. For the circuits of Fig. 1.22. K = 1 and 

( % = 1/C/?. 
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Table 


1.2 Frequency Response of 5TC Networks 


Transfer Function T(s ) 


Transfer Function (tor physical 
frequencies) T( j(0) 

Magnitude Response \T{jo»\ 


Phase Response i1T(j(o ) 

Transmission at (O- 0 (dc) 
Transmission at 0)~ 00 
3-dB Frequency 

Bode Plots 


Low-Pass (LP) 

High-Pass (HP) 

K 

1 + {s/ (0# ) 

Ks 

S + (0 { , 

IS 

A' 

1 + j( co/ 0 )q) 

K 

T~j(CO 0 /O}) 

M . 

\K\ 

J i + ( (0/ v 0 r 

f T 

+ (Wo/a>y 

-tan” 1 ( (o/ co 0 ) 

tan ! ( (Oq/ co) 

A 

0 

0 

A 

co - ]/r; r = time constant 

r = CR or LIR 


in Fig. 1.23 

in Fig. 1.24 


20 log 


Turn 

A 


(dB) 



to 


0>o 


(log scale) 





to 


wo 


(log scale) 


Figure 1.23 (a) Magnitude and (b) phase response of STC networks of the low- 


pass type, 
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Figure 1.24 (a) Magnitude and (b) phase response of STC networks of the high-pass type. 


(6J„) is also known as the corner frequency, break frequency, or pole frequency. The 
reader is urged to become familiar with this information and to consult Appendix E if further 
clarifications are needed. In particular, it is important to develop a facility for the rapid 
determination of the time constant rof an STC circuit. The process is very simple: Set the 
independent voltge or current source to zero; “grab hold” of the two terminals of the reactive 
element (capacitor C or inductor L)\ and determine the equivalent resistance R that appears 
between these two terminals. The time-constant is then CR or L/R. 
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Example 1.5 


Figure I 2S shows a voltage amplifier having an input resistance R ,, an input capacitance C ,. a gam factor 
S an output resistance ... The amplifier is fed with a voltage source V, having a source res,stance *„ 

and a load of resistance R, is connected to the output. 



Figure 1.25 Circuit for Example 1.5. 


(a) Derive an expression for the amplifier voltage gain VJ V s as a function ol frequency. From this find 
expressions for the dc gain and the 3-dB frequency. 

(b) Calculate the values of the dc gain, the 3-dB frequency, and the frequency at which the gain becomes 
0 dB (i.e., unity) for the case R f = 20 kH, R i - 100 k£2, C, - 60 pF, fi - 144 V/V, R 0 - 200 Q, and R j 

= i kn. 

(c) Find v 0 (t) for each of the following inputs: 

(i) I', = 0.1 sin 10 2 t y V 

(ii) v t = 0.1 sin 10 5 /, V 

(iii) v t - 0.1 sin 10* r, V 

(iv) v = 0.1 sin 10 s /, V 


Solution 


(a) Utilizing the voltage-divider rule, we can express V i in terms of F as follows 


V. = V 


z, + R s 


where Z,is the amplifier inpul impedance. Since Z, is composed of Iwo parallel elements, u is obviously 

easier to work m terms of Y, = I /Z,. Toward that end we divide the numerator and denominator by Z 
thus obtaining J 1 ’ 


V, = V —!— 
' S \+R.Y 


S I 


= V 


*+^[(l/.,) + iC,l 


V 


" I +(.,/.,) + sC,R 


r s 


Thus, 
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This expression can be put in the standard form for a low-pass STC network (see the top line of Table 1 2) 
by extracting [ 1 + ( R s /R t )] from the denominator; thus we have 




I +(R S /R') i +sC i {(R s R l )/(R s + R i )] 


( 1.2 


At the output side of the amplifier we can use the voltage-divider rule to write 



R l + R 


n 


This equation can be combined with Eq. (1.20) to obtain the amplifier transfer function as 



= A 


1 


!+(*/*,) 1 + {R a SR L ) 1 +sCj[ (R s Rj)/(R s + R/)] 



We note that only the last factor in this expression is new (compared with the expression derived in the 
iast section). This factor is a result of the input capacitance C f , with the time constant being 



C 


Mi 

‘R s + R, 





We could have obtained this result by inspection: From Fig. 1.25 we see that the input circuit is an STC 
network and that its time constant can be found by reducing F to zero, with the result that the resistance 
seen by C, is R , in parallel with R s . The transfer function in Eq. (1.21) is of the form K/( 1 +(s/O) 0 )), 
which corresponds to a low-pass STC network. The dc gain is found as 



^ = 1 _ 1 

V, ’ M l+(R/R l )]+(R 0 /R L ) 


The 3-dB frequency (O u can be found Irom 


(1.23) 






(1.24) 


Since the irequency response of this amplifier is of the low-pass STC type, the Bode plots for the gain 

magnitude and phase will take the form shown in Fig. 1.23, where K is given by Eq. (1.23) and 6), is given 
by Eq. (1.24). 

(b) Substituting the numerical values given into Eq. (1.23) results in 



144 


1 


1 


1 +( 20 / 100 ) 1 +( 200 / 1000 ) 


100 V/V 


Thus 'he amplifier has a dc gain o 40 dB. Substituting the numerical values into Eq. (1.24) gives the 3-dB 
frequency 


__1_ 

0)0 ~ 60 pF x (20 kf2//l00 kQ) 

= ---- = 10 (1 rad/s 

60 x 10 x(20x 100/(20+ 100)) x 10 
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Example 1.5 continued 


Thus, 


/ =i° 

Jo 


= 159.2 kHz 


IK 


Since the gain falls off at the rate of-20 dB/decade, starting at (0, (see Fig. 1.23a) the gain will reach 0 dB 
in two decades (a factor of 100); thus we have 

Unity-gain frequency = inOx<2> 0 = 10 rad/s or 15.92 MHz 


(c) To find v n (t) we need to determine the gain magnitude and phase at 10', 10 s , 10 6 , and 10 rad/s. This can 
be done either approximately utilizing the Bode plots ol Fig. 1.23 or exactly utilizing the expression tor 

the amplifier transfer function, 


Tijco) = 



100 

1 +j(co/l 0*) 


We shall do both: 

(i) For co = 10 : rad/s, which is (£y 0 /10 4 ), the Bode plots of fig. 1.23 suggest that \T\~ 100 and 

$ = 0°. The transfer function expression gives |Tj — 100 and 0= -tan" 1 10“* — 0°. Thus, 


v 0 {t) - 10 sin 10 2 r, V 

(ii) l 7 or co = 10' rad/s, which is (<y 0 /10), the Bode plots of Fig. 1.23 suggest that |F| — K - 100 and 
0 = -5.7°. The transfer function expression gives |T| = 99.5 and <j)- -tan” 1 0.1 = -5.7°. Thus, 

vjj) = 9.95 sin( 10 5 / - 5.7°), V 

(iii) For O)- 10 6 rad/s = co Q , |T| = 100/72 = 70.7 V/V or 37 dB and <p=-45°. Thus, 

v 0 {t) = 7.07 sin(10 6 /- 45°), V 


(IV) For co- 10 rad/s, which is ( (>0^y 0 ), the Bode plots suggest that f7’| = I and <p- -90°. The transfer 
function expression gives 


Thus, 


|T| — 1 and Q = -tan" 1 100 = -89.4° 


i/ o (0 = 0.1 sin(]0 8 r- 89.4°) V 


1.6.5 Classification of Amplifiers Based on 
Frequency Response 


mphtiers can be classified based on the shane of their mannih a 
shows tvnical P their magnitude-response curve. Figure 1.26 

remains constant over a wLTfrequen^y range"bm fanT f ''?! tyP6S F ' 8 ' ’ ' 26(a) ‘ he gain 
type of frequency response is common in audio amplified h ' gh freqUenc,es - Th,S 

cause the falloff of gain atTgh^uCTdeniulTd'd*"^ deV ' Ce ^ transistor) 

its rr des is ^ 

% adopted to 
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T\ (dB) 

* 




T | (dB) 

1 



T\ (dB) 





Figure 1.26 Frequency response for (a) a capaeitively coupled amplifier, (b) a direct-coupled amplifier, 
and (c) a tuned or bandpass amplifier. 


Coupling 

capacitor 


Two amplifier 
staees 



Figure 1.27 Use of a capacitor 
to couple amplifier stages. 


are usually chosen quite large (a fraction of a microfarad to a few lens of microfarads) so 
that their reactance (impedance) is small at the frequencies of interest. Nevertheless, at suffi¬ 
ciently low frequencies the reactance of a coupling capacitor will become large enough to 

cause part of the signal being coupled to appear as a voltage drop across the coupling capac- 

# 

itor, thus not reaching the subsequent stage. Coupling capacitors will thus cause loss of gain 
at low frequencies and cause the gain to be zero at dc. This is not at all surprising, since from 
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nct\np together with the input resistance of 
Fig. 1.27 we observe that the vcmp ing circuit It is the frequency response of this 

the subsequent stage, forms a high-pas amplifier frequency response in Fig. 

high-pass circuit that accounts for the shape of the amplifier rrtq . F s 

1.26(a) at the low-frequency end important that the amplifier maintain its gain at 

low frequencies down to dc. Furthermore, monolithic integrated-crcm dC) technology 
does not allow the fabrication oflarge coupling capacitors. Thus IC atnphfiers are usually 
designed as directly coupled or dc amplifiers (as opposed to capacttvely coupled, or 
ac amplifiers). Figure 1.26(h) shows the frequency response ol a dc amplifier. Such a frequency 

response characterizes what is referred to as a low-pass amplifier . 

In a number of applications, such as in the design of radio and TV receivers, the need arises 

for an amplifier whose frequency response peaks around a certain frequency (called the center 

frequency) and falls off on both sides of this frequency, as shown m Fig. 1.26(c). Amplifiers 

with such a response are called tuned amplifiers, bandpass amplifiers, or bandpass filters. 

A tuned amplifier orms the heart ot the front-end or tuner ot a communication receiver, by 

adjusting its center frequency to coincide with the frequency ot a desired communications 

channel (e.g., a radio station), the signal of this particular channel can be received while those 

ol other channels are attenuated or filtered out. 



1.22 Consider a voltage amplifier having a frequency response of the low-pass S'l C type with a dc 
gain of 60 dB and a 3-dB frequency of 1000 Hz. Find the gain in dB at /= 10 Hz, 10 kHz, 100 
kHz, and 1 MHz. 

Ans, 60 dB; 40 dB; 20 dB; 0 dB 

D1.23 Consider a transconductance amplifier having the model shown in Table 1.1 with R = 5 kQ R =50 
ki2, and G m = 10 mA/V. If the amplifier load consists of a resistance R, in parallel with a capaci¬ 
tance Cj., con\tnce yourself that the voltage transte? function realized. V J T, is ol the low-pass 
STC type. What is the lowest value that R L can have while a dc gain of at least 40 dB is obtained? 

With this value of R L connected, find the highest value that C, can have while a 3-dB bandwidth 
ol at least 100 kHz is obtained, 

Ans, 12.5 kU; 159.2 pF 


D1.24 Consider the situation illustrated in Fig. 1.27. Let the output resistance of the first voltage ampli- 

hTo^o ™ and tH | mpUt reslstance ot ,he second volta g e amplifier (including the resistor shown) 
be 9 k£2. The resulting equivalent circuit is shown in Fig. El .24 where V and R are the output 

^“ d f r rC T nC 1 r' ‘ r firSt " nplifier - CiS aC0Uplin S capaci <or. and R, is the input 
is the'smaltvaluefor ,er .|P onv,nce J ourse| f *at VJV, is a high-pass STC function. What 
Ans O lfi uF ,hat lhe 3 ' dB fre W is not than 100 Hz? 



R< = I kn 

—Wv-o- 


c 




Figure ET24 
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Summary 


11 An electrical signal source can be represented in either the 
Thevenin form (a voltage source i\ in series with a source 
resistance R) or the Norton form (a current source i in 

J 

parallel with a source resistance R ,). The I hevenin volt¬ 
age x\ is the open-circuit voltage between the source ter¬ 
minals; the Norton current i s is equal to the short-circuit 
current between the source terminals. For the two repre¬ 
sentations to be equivalent, v x and R i must be equal. 

■ A signal can be represented either by its waveform versus 
time oi as the sum of sinusoids. Ihe latter representation 
is known as the frequency spectrum of the signal. 

■ The sine-wave signal is completely characterized by its 
peak value (or rms value which is the peak fjl), its fre¬ 
quency {co in rad/s or/in Hz; co= 2/if and/ = 1 IT, where 
T is the period in seconds), and its phase with respect to 
an arbitrary reference time. 

■ Analog signals have magnitudes that can assume any 
value. Flectronic circuits that process analog signals are 
called analog circuits. Sampling the magnitude of an an¬ 
alog signal at discrete instants of time and representing 
each signal sample by a number results in a digital signal. 
Digital signals are processed by digital circuits. 

■ The simplest digital signals are obtained when the binary 
system is used. An individual digital signal then assumes 
one of only two possible values: low and high (say, 0 V 
and +5 V), corresponding to logic 0 and logic 1, respec¬ 
tively. 

■ An analog-to-digital converter (ADC ) provides at its 
output the digits of the binary number representing the 
analog signal sample applied to its input. The output dig¬ 
ital signal can then be processed using digital circuits. 
Refer to Fig. 1.10 and Eq. (1.3). 

e The transfer characteristic, v n versus v r of a linear ampli- 

|W a 

tier is a straight line with a slope equal to the voltage 
gain. Refer to Fig, 1.12. 

■ Amplifiers increase the signal power and thus require dc 
power supplies tor their operation. 


■ The amplifier voltage gain can be expressed as a ratio 
A v in V/V or in decibels, 20 log|TJ, dB. Similarly, for 
current gain: A t A/A or 20 log|4 |, dB. For power gain: 
A r W/W or 10 log A p , dB. 

■ Depending on the signal to be amplified (voltage or cur¬ 
rent) and on the desired form of output signal (voltage or 
current), there are four basic amplifier types: voltage, 
current, transconductance, and transresistance amplifi¬ 
ers. For the circuit models and ideal characteristics of 
these four amplifier types, refer to Table 1.1. A given am¬ 
plifier can be modeled by any one of the four models, in 
which case their parameters are related by the formulas in 
Eqs. (1.14) to (1.16). 

B A sinusoid is the only signal whose waveform is un¬ 
changed through a linear circuit. Sinusoidal signals are 
used to measure the frequency response of amplifiers. 

■ The transfer function r(^)= T,( «o/T.(.v) of a voltage 
amplifier can he determined from circuit analysis. Sub¬ 
stituting .v -/ogives T(jco) y whose magnitude \ T{ jco)\ is 
the magnitude response, and whose phase 0{co) is the 
phase response, of the amplifier. 

e Amplifiers are classified according to the shape of their 
frequency response, \1\Jco)\. Refer to Fig, 1.26. 

■ Single-time-constant (STC) networks are those networks 
that are composed of, or can be reduced to. one reactive 
component (L or O and one resistance (/?). The time con¬ 
stant r is either L/R or CR. 

■ STC networks can be classified into two categories: low- 
pass (LP) and high-pass (HP). LP networks pass dc and 
low frequencies and attenuate high frequencies. The op¬ 
posite is true for HP networks. 

■ l he gain ot an LP (HP) S'l < circuit drops by 3 dB below 
the zero-frequency (infinite-frequency) value at a fre¬ 
quency rq, - 1/r. At high frequencies (low frequencies) 
the gain falls off at the rate of 6 dB/octave or 20 dB/de- 
cade. Refer to i able 1.2 on page 34 and Figs. 1.23 and 
1.24. Further details are given in Appendix E. 

























Computer Simulation Problems 

Problems involving design are marked with D throughout 
the text As well, problems are marked with asterisks to 
describe their degree of difficulty. Difficult problems are 
marked with an asterisk (*); more difficult problems with 
two asterisks (**); and very challenging and/or time- 
consuming problems with three asterisks (***). 

Circuit Basics 

As a review of the basics of circuit analysis and in order for 
the readers to gauge their preparedness for the study of elec¬ 
tronic circuits, this section presents a number ot relevant cir¬ 
cuit analysis problems. For a summary of Thevenin s and 
Norton’s theorems, refer to Appendix D. The problems are 
grouped in appropriate categories. 


create using series and parallel combinations of these three? 
List them in value order, lowest first. Be thorough and 
organized. (Hint: In your search, first consider all parallel com¬ 
binations, then consider series combinations, and then consider 
series-parallel combinations, of which there are two kinds ). 

1.5 In the analysis and test of electronic circuits, it is of¬ 
ten useful to connect one resistor in parallel with another 
to obtain a nonstandard value, one which is smaller than 
the smaller of the two resistors. Often, particularly during 
circuit testing, one resistor is already installed, in which 
case the second, when connected in parallel, is said to 
“shunt” the first. If the original resistor is 10 kQ, what is 
the value of the shunting resistor needed to reduce the 
combined value by 1%, 5%, 10%, and 50%? What is the re¬ 
sult of shunting a 10-kO resistor by 1 MQ? By 100 kQ? By 
lOkQ? 


Resistors and Ohm's Law 

1.1 Ohm’s law relates K 4 and R for a resistor. For each of 
the situations following, find the missing item: 

(a) R= 1 kH, V= 10 V 

(b) V- 10 V, / = 1 mA 
fc) R = 10 kQ, 7 = 10 mA 

(d) R- 100a. V- 10V 

1.2 Measurements taken on various resistors are shown 
below. For each, calculate the power dissipated in the resistor 
and the power rating necessary for safe operation using stan¬ 
dard components with power ratings of 1/8 W, 1/4 W, 1/2 W. 

1 W, or 2 W: 

(a) I kQ conducting 30 mA 

(b) I kQ conducting 40 mA 

(c) 10 kQ conducting 3 mA 

(d) 10 kQ conducting 4 mA 

(e) 1 kQ dropping 20 V 

(f) 1 kQ dropping 11 V 

1-3 Ohm’s law and the power law for a resistor relate K 4 
/?, and P, making only two variables independent. For each 
pair identified below, find the other two: 


Voltage Dividers 

1.6 Figure PI.6(a) shows a two-resistor voltage divider. 
Its function is to generate a voltage V Q 'smaller than the 
power-supply voltage V DD ) at its output node X. The cir¬ 
cuit looking back at node X is equivalent to that shown in 
Fig. PI.6(b). Observe that this is the Thevenin equivalent 
of the voltage divider circuit. Find expressions for V a 
and R, r 



(a) R = 

(b) V= 

(c) V - 

(d) / = 

(e) R- 


1 kQ, 7=10 mA 
10 V, / = 1 mA 
!0V,P=1 W 
10 mA, P = 0.1 W 
1 kQ, P=\ W 


Combining Resistors 

r ® Uen ^ ree res ' stors whose values are 10 kQ 
20 kQ. and 40 kQ. How many differ res.snmces can £ 


Figure P1.6 

, ^ tvV() res ’ s tor voltage divider employing a 3.3-kQ 
and a 6.8-kQ resistor is connected to a 9-V ground-refer¬ 
enced power supply to provide a relatively low voltage 
c ose to - ). Sketch the circuit. Assuming exact-valued 
sis ors, w at output voltage (measured to ground) and 

nnt out P ut resistance result? If the resistors used are 

are thf 3 ' t** ave a manu f ac turing tolerance, w'hat 
result? X reme 0ut ^ ut voltages and resistances that can 


Problems 43 


1.8 You are given three resistors, each of 10 kQ, and a 9-V 
battery whose negative terminal is connected to ground. With 
a voltage divider using some or all of your resistors, how 
many positive-voltage sources of magnitude less than 9 V can 
you design? List them in order, smallest first. What is the out¬ 
put resistance (i.e., the Thevenin resistance) of each? 

D '1-9 Two resistors, with nominal values of 4.7 kQ and 
10 kQ, are used in a voltage divider with a +15-V supply 
to create a nominal +10-V output. Assuming the resistor values 
to be exact, what is the actual output voltage produced? Which 
resistor must be shunted (paralleled) by what third resistor to 
create a voltage-divider output of 10.00 V? If an output 
resistance of exactly 3.33 kQ is also required, what do you 
suggest? What should be done if the original 4.7-kQ and 10-kQ 
resistors are used but the requirement is 10.00 V and 3.00 kQ? 


the resistor required? What is the input resistance of the 
current divider in each case? 

D 1.13 A particular electronic signal source generates cur¬ 
rents in the range 0 mA to 1 mA under the condition that its 
load voltage not exceed I V. For loads causing more than 1 V 
to appear across the generator, the output current is no longer 
assured but will be reduced by some unknown amount. This 
circuit limitation, occurring, for example, at the peak of a sine- 
wave signal, will lead to undesirable signal distortion that must 
be avoided. If a 10-kQ load is to be connected, what must be 
done'/ What is the name of the circuit you must use? Flow 
many resistors are needed? What is (are) the(ir) value(s)? 

Thevenin Equivalent Circuits 


Current Dividers 

1,10 Current dividers play an important role in circuit design. 
Therefore it is important to develop a facility for dealing with 
current dividers in circuit analysis. Figure PI. 10 shows a two- 
resistor current divider fed with an ideal current source 7. 
Show' that 


/i 

7 : 


R 2 

- —I 

/?, +R 2 

———7 

/?,+/?, 


and find the voltage V that develops across the current divider. 


1.14 For the circuit in Fig. PI. 14, find the Thevenin equiva¬ 
lent circuit between terminals (a) 1 and 2, (b) 2 and 3, and 
(c) 1 and 3. 



Figure pi. 14 




1.15 Through repeated application of Thevenin’s theorem, 
find the Thevenin equivalent of the circuit in Fig. PI. 15 
between node 4 and ground, and hence find the current that 
flow's through a load resistance of 1.5 kQ connected between 
node 4 and ground. 


Figure PI. 10 


D 1.11 Design a simple current divider that will reduce the 
current provided to a 1-kQ load to 20% of that available from 
the source. 


I 10 k 2 10 k 3 10 k 4 



D 1,12 A designer searches for a simple circuit to provide 
one-third of a signal current / to a load resistance R. Sug¬ 
gest a solution using one resistor. What must its value be? 
What is the input resistance of the resulting current 
divider? For a particular value R, the designei discovers 
that the otherwise-best-available resistor is 10% too high. 
Suggest two circuit topologies using one additional 
resistor that will solve this problem. What is the value of 


Figure P1.15 

Circuit Analysis 

1.16 For the circuit showm in Fig. PI. 16, find the current in 
all resistors and the voltage (with respect to ground) at their 
common node using tw'o methods: 
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(a) Current: Define branch currents /, anti / in R and R . 
respectively; identify (wo equations; and solve them. 

(b) Voltage: Define the node voltage fat the common node; 
identify a single equation; and solve it. 

Which method do you prefer'.' Why? 


-t K) V 

A 


+ IS V 


R, 
5 k n 


K) kit 



Figure P1.16 

1.17 The circuit shown in Fig. PI.17 represents the equiva¬ 
lent circuit of an unbalanced bridge. It is required to calculate 
the current in the detector branch (/?,) and the voltage across 
it Although this can be done by using loop and node equa¬ 
tions. a much easier approach is possible: Find the Thevenin 
equivalent of the circuit to the left of node I and the Thevenin 

equivalent of the circuit to the right of node 2 Then solve the 
resulting simplified circuit. 


+ o V 


R i / A, 

1 T- 9.1 kil 

/l *s 


1 t 


\ 3 kil 


/ 


1.2 kil 


I 


■'A 

11 kil 


Figure P1.17 

1.18 For the circuit in Fie. pi i« f : n j ^ . , 

tancc to ground, R . To do this annlv a et,u,valcnt resis- 
Icmim.il \ ;„hI u„.;„Kl ,„ d find Ik 

Non- thal you can use pan.eular social ™ lro " 1 
circuit to gel the result directly! Nowifff P PCrllL ‘ s the 
what does R , become? ' ,s raiSed to 1 2 k fl. 


X 

-o 


A’ 


kil 


cq 


R : 
I kil 


R s 

AMr 

kil 


r 3 

i kil 


*4 


kil 


Figure P1.18 


AC Circuits 


1.19 The periodicity of recurrent waveforms, such as sine 
waves or square waves, can be completely specified using 
only one of three possible parameters: radian frequency, (0 , in 
radians per second (rad/s); (conventional) frequency,/, in 
hertz (Hz); or period T s in seconds (s). As well, each of the 
parameters can be specified numerically in one of several 
t^ays. using letter prefixes associated with the basic units, 
using scientilic notation, or using some combination of both. 
J* for example, a particular period may be specified as 
nuns. u| q s m i i(f p Sor | x |0 7 S (For the defini- 
non o the various prelixes used in electronics, see Appendix 
or each of the measures listed below, express the trio of 

terms in scientific notation associated with the basic unit 

( e -g-i I ft s rather than I O ' 1 jis). 

(a) T- IQ - 4 ms 

(l» f = 1 GHz 

fr ) a) = 6.28 x 10 : rad/s 

(d) r = ios 

(e) /=60Hz 

( 0 (O- 1 krad/s 

<g) /= 1900 MHz 

inc thC C °, mplex im P eda "ce, 2, of each of the follow- 
8 bdMt C ‘ rcu,t ele ™nts at 60 Hz, 1 00 kHz, and 1 GHz: 

(a) R = ] kQ 

(b ) C= 10 n p 

(c) C = 2 pF 

(d) IO m H 
tel A = 1 nH 


F , ind "w complex i 
networks: 


mpedance at 10 kHz of the following 


Z 1 ^ ,n series With 10 nF 

•n parallel with 0.01 pF 
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(c) 100 k£2 in parallel with 100 pF 

(d) 100 Q in series with 10 mH 

Section 1.1: Signals 

1.22 Any given signal source provides ait open-circuit volt¬ 
age, v , and a short-circuit current i . For the following 
sources, calculate the internal resistance, R x : the Norton cur¬ 
rent, i ( ; and the Thevenin voltage, i» s : 

(a) t , = |0 VJ fC = 100 pA 

(b) v fH =0.1 V, i a = 10 pA 

1.23 A particular signal source produces an output of 30 mV 
when loaded by a 100-kI2 resistor and 10 mV when loaded by 
a lG-k£2 resistor. Calculate the Thevenin voltage, Norton cur¬ 
rent, and source resistance. 

1.24 A temperature sensor is specified to provide 2 mV/°C. 
When connected to a load resistance of 10 kil, the output voltage 
was measured to change by 10 mV, corresponding to a change in 
temperature of 10°C. What is the source resistance of the sensor? 

1.25 Refer to the Thevenin and Norton repi esentations of the 
signal source (Fig. 1.1). If the current supplied by the source 
is denoted / and the voltage appearing between the source 
output terminals is denoted v 0 , sketch and clearly label v 0 ver¬ 
sus i for 0 < / < i . 

O 0 5 

1.26 The connection of a signal source to an associated signal 
processor or amplifier generally involves some degree of signal 
loss as measured at the processor or amplifier input. Considering 
the two signal-source representations shown in Fig. 1.1, provide 
two sketches showing each signal-source representation con¬ 
nected to the input terminals (and corresponding input resis¬ 
tance) of a signal processor. What signal-processor input 
resistance will result in 90% of the open-circuit voltage being 
delivered to the processor? What input resistance will result in 
90% of the short-circuit signal current entering the processor? 

Section 1.2: Frequency Spectrum of Signals 


1.27 To familiarize yourself with typical values of angular 
Frequency ft), conventional frequency/, and period 7, com¬ 
plete the entries in the following table: 


Case 

at (rad/s) 

f (Hz) 

r (s) 



1 x 10 *' 


b 

1 x 10 v 



c 



1 x nr 10 

d 


60 


e 

6.28 x I0‘ 



r 



1 x to-* ; 


^8 For the following peak or mis values ol some important 
sine waves, calculate the corresponding other value: 


la) 117 V mis, a household-power voltage in North America 


(b) 33.9 V peak, a somewhat common peak voltage in recti¬ 
fier circuits 

(c) 220 V mis. a household-power voltage in parts of 
Europe 

(d) 220 kV rms, a high-voltage transmission-line voltage in 
North America 

1.29 Give expressions for the sine-wave voltage signals 
having: 

(a) 10-V peak amplitude and 10 -kHz frequency 

(b) 120-V rms and 60-Hz frequency 

(c) 0.2-V peak-to-peak and 1000-rad/s frequency 

(d) 100-mV peak and 1 -ms period 

1.30 Using the information provided by Eq. (1.2) in associ¬ 

ation with Fig. 1.5, characterize the signal represented by ilt) = 
1/2 + 2 /tt (sin 2000;n + 5 sin 6000^7 + 1 sin 10,000/17+ ). 

Sketch the waveform. What is its average value? Its peak-to- 
peak value? Its lowest value? Its highest value? Its frequency? 
Its period? 

1.31 Measurements taken of a square-wave signal using a 
frequency-selective voltmeter (called a spectrum analyzer) 
show its spectrum to contain adjacent components (spectral 
lines) at 98 kHz and 126 kHz of amplitudes 63 mV and 49 
mV, respectively. For this signal, what would direct measure¬ 
ment of the fundamental show its frequency and amplitude to 
be'.’ What is the mis value of the fundamental ? What are the 
peak-to-peak amplitude and period ol the originating square 

wave? 

1.32 What is the fundamental frequency of the highest- 
frequency square wave for which the fifth harmonic is barely 
audible by a relatively young listener? What is the fundamen¬ 
tal frequency of the lowest-frequency square wave tor w Inch 
the fifth and some of the higher harmonics are directly heard? 
(Note that the psychoacoustic properties of human hearing 
allow a listener to sense the lower harmonics as well. > 

1.33 Find the amplitude of a symmetrical square wave of 
period T that provides the same power as a sine wave of peak 
amplitude V and the same frequency. Does this result depend 
on equality of the frequencies of the two wavefoi ns? 

Section 1.3: Analog and Digital Signals 

1.34 Give the binary representation of the following decimal 
numbers; 0, 5, 8 , 25, and 57. 

1.35 Consider a 4-bit digital word A///,, in a format called 
signed-magnitude, in which the most significant bit, b v is 
interpreted as a sign bit —0 for positive and 1 for negative val¬ 
ues. List the values that can be represented by this scheme. 
What is peculiar about the representation of zero? For a par¬ 
ticular analog-to-digilal converter (ADC), each change in b 0 
corresponds to a 0.5-V change in the analog input. What is the 
full range of the analog signal that can be represented? What 
signed-magnitude digital code results for an input of+2.5 V? 
For-3.0 V? For +2.7 V? For-2.8 V? 
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Figure PI.37 


1.36 Consider an A'-bit ADC whose analog input varies 
between 0 and V^ (where the subscript FS denotes full 

scale”). 

(a) Show that the least significant bit (LSB) corresponds to 
a change in the analog signal of V FS / ( 2 - 1). This is the 
resolution of the converter. 

(b) Convince yourself that the maximum error in the con* 
version (called the quantization error) is half the resolution; 
that is, the quantization error = V FS /2{2 - 1). 

(c) For V f S - 10 V, how many bits are required to obtain a 
resolution of 5 mV or better? What is the actual resolution 
obtained? What is the resulting quantization error? 

1.37 Figure PI.37 shows the circuit of an A'-bit digital-lo- 
analog converter (DAC), Each of the N bits of the digital 
word to be converted controls one of the switches. When the 
bit is 0, the switch is in the position labeled 0; when the bit is 
I, the switch is in the position labeled 1. The analog output is 
the current b-y., is a constant reference voltage. 


(a) Show that 


V 


‘o = 


rd 


R 


'b, b-, 

,- + -i + 

to* 7 


b N 

+ N 
2 ) 


1 b) Which bit is the LSB? Which is the MSB? 

(c) For V Kf = 10 V, R = 5 kQ, and N= 6, find the maximum 
value of i 0 obtained. What is the change in i 0 resulting from 
the LSB changing from 0 to 1? 

1.38 In compact-disc (C D) audio technology, the audio sig¬ 
nal is sampled at 44,1 kHz. Each sample is represented by 16 
bits. What is the speed of this system in bits per second? 


Section 1.4: Amplifiers 

1.39 Various amplijier and load combinations are measured 

as listed below using rms values. For each, find the voltage 

current, and power gains {A A „ and A p , respectively) both 
as ratios and in dB: 


(a) v, = 100 mV, /, = 100 gA, v {} = 10 V, R, = 100 Q 

(b) v = 10 pV, i, = 100 nA, v 0 = 2 V, R t = 10 kQ 

(c) v, = I V, i j = 1 mA. v 0 - 10 V, R t = 10 Q 

1.40 An amplifier operating from +3-V supplies prov 
2 *' V P eak Slne wa ve across a 100-0 load when 


vided with a 0.2-V peak input from which 1.0 mA peak is 
drawn. The average current in each supply is measured to be 
20 mA. find the voltage gain, current gain, and power gain 
expressed as ratios and in decibels as well as the supply 
power, amplifier dissipation, and amplifier efficiency. 

1.41 An amplifier using balanced power supplies is known to 
saturate for signals extending within 1.2 V of either supply. 
For linear operation, its gain is 500 V/V. What is the rms 
value of the largest undistorted sine-wave output available, 
and input needed, with ±5-V supplies? With +10-V supplies? 
With ± 15- V supplies? 

1.42 Symmetrically saturating amplifiers, operating in the 
so-called clipping mode, can be used to convert sine waves to 
pseudo-square waves. For an amplifier with a small-signal 
gain of 1000 and clipping levels of ±9 V, what peak value of 
input sinusoid is needed to produce an output whose extremes 
are just at the edge of clipping? Clipped 90% of the time? 
Clipped 99% of the time? 


Section 1.5: Circuit Models for Amplifiers 

1.43 Consider the voltage-amplifier circuit model shown 

in Fig. Li6(b), in which A vo = 10 V/V under the following 
conditions: 


(a) R t = 10*, R l = 10* 

(b) *, = *„ R l = *, 

(c) R=R j /\0,R l =*/10 

Calculate the overall voltage gain v!v in each case 

expressed both directly and in decibels. 


1.44 An amplifier with 40 dB of small-signal, open-circuit 
voltage gain, an input resistance of I MQ, and an output 
resistance of 10 Q, drives a load of 100 Q. What voltage and 
power gains (expressed in dB) would you expect with the 
°ad connected? If the amplifier has a peak output-current 
limitation of 100 mA, what is the rms value of the largest 

v!!T* WaV ) " lWt f ° r which m Lindist orted output is possible? 
v\ hat is the corresponding output power available? 


inn m ^ signal source having an internal resistance of 

!“ ,ed a " amplifler for which the input resis- 

the n, m ? k ?' !|,e o P e ™ lr ™< voltage gain is 1000 V/V. and 

turn to i mo????? ' arn Plifier is connected in 

turn to a I0I1-Q | 0adi what overa|| voltagc ^ ^ 
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measured from the source internal voltage to the load? Where 
did all the gain go? What would the gain be if the source was 
connected directly to the load? What is the ratio of these two 
gains? This ratio is a useful measure of the benefit the ampli¬ 
fier brings. 

1.46 A buffer amplifier with a gain of 1 V/V has an input 
resistance of 1 MQ and an output resistance of 10 Q. It is 
connected between a 1-V, 100-kQ source and a 100-0 load. 
What toad voltage results? What are the corresponding volt¬ 
age, current, and power gains (in dB)? 

T 47 Consider the cascade amplifier of Example 1.3. Find 
the overall voltage gain vjv s obtained when the first and sec¬ 
ond stages are interchanged. Compare this value with the 
result in Example 1.3, and comment 

1.48 You are given two amplifiers, A and B, to connect in 
cascade between a 10-m V, 100-kO source and a 100-0 load. 
The amplifiers have voltage gain, input resistance, and output 
resistance as follows: for A, 100 V/V, 10 kO, 10 kO, respec¬ 
tively; for B, 1 V/V, 100 kO, 100 O, respectively. Your prob¬ 
lem is to decide how the amplifiers should be connected. To 
proceed, evaluate the two possible connections between 
source S and load L, namely, SABL and SBAL. f ind the volt¬ 
age gain for each both as a ratio and in decibels. Which ampli¬ 
fier arrangement is best 1 ? 

D '1.49 A designer has available voltage amplifiers with an 
input resistance of 10 kQ, an output resistance of 1 kQ, and 
an open-circuit voltage gain of 10. The signal source has a 10- 
kQ resistance and provides a 10-mV rms signal, and it is 
required to provide a signal of at least 2 V rms to a 1-kQ load. 
How many amplifier stages are required? Wbat is the output 
voltage actually obtained. 

D *1.50 Design an amplifier that provides 0.5 W of signal 
power to a 100-Q load resistance The signal source provides 
a 30-mV rms signal and has a resistance of 0.5 MQ, Three 
types of voltage-amplifier stages are available: 

(a) A high-input-resistance type with * ( = 1 MU, .4 = 10, 

and * = IQ kQ 

(b) A high-gain type with *, = 10 kU, A t , ir = 100 , and R 0 - 
1 kQ 

(c) A low-output-resistance type with *, = 10 kU, A v0 - 1, 
and R o = 20 Q 


(b) If the peak current available from the source is 0.1 pA, 
what is the smallest input resistance allowed? For the design 
with this value of R r find the overall current gain and power 


tc) It the amplifier power supply limits the peak value of 
the output open-circuit voltage to 5 V, what is the largest 
output resistance allowed? 

(d) For the design with * as in (b) and R a as in (c), what is the 


required value of open-circuit voltage gain 



\ 

V a 


i.e., — 


Vi 

*3 

r-- 

II 

s 


of 


the amplifier? 

(e) If, as a possible design option, you are able to increase 
*, to the nearest value of the foi m 1 x 10” Q and to decrease 
* () to the nearest value of the form 1 x 10 m Q, find (i) the 
input resistance achievable; (ii) the output resistance achiev¬ 
able; and (iii) the open-circuit voltage gain now required to 
meet the specifications. 


D 1.52 A voltage amplifier with an input resistance of 
10 kU, an output resistance of 200 Q, and a gain of 1000 V/V 
is connected between a 100-kQ source with an open-circuit 
voltage of 10 mV and a 100-Q load. For this situation: 


(a) What output voltage results? 

(b) What is the voltage gain from source to load? 

(c) What is the voltage gain from the amplifier input to the 
load? 

(d) If the output voltage across the load is twice that needed 
and there are signs of internal amplifier overload, suggest the 
location and value of a single resistor that would produce the 
desired output. Choose an arrangement that would cause 
minimum disruption to an operating circuit. {Hint: Use par¬ 
allel rather than series connections.) 


1.53 A current amplifier for which *, = 1 kQ, R a = 10 kQ, 
and A,, - 100 A/A is to be connected between a 100-mV 
source with a resistance of 100 kQ and a load of 1 kQ. What 
are the values of current gain /.//,, of voltage gain vjv# and 
of power gain expressed directly and in decibels? 

1.54 A transconductance amplifier with * = 2 kQ, G m - 
40 mA/V, and R a = 20 kQ is fed with a voltage source having 
a source resistance of 2 kQ and is loaded with a 1 -kQ resis¬ 
tance, Find the voltage gain realized. 


Design a suitable amplifier using a combination of these 
stages. Your design should utilize the minimum number of 
stages and should ensure that the signal level is not reduced 
below 10 mV at any point in the amplifier chain. Find the load 
voltage and power output realized. 

D *1.51 It is required to design a voltage amplifier to be 
driven from a signal source having a 10-mV peak amplitude 
and a source resistance oi 10 kQ to supply a peak output of 
3 V across a 1 -kQ load. 

(a) What is the required voltage gain from the source to the 

load? 


D '1.55 A designer is required to provide, across a K -kQ 
load, the weighted sum, v G = 10tv, + 20n ; , of input signals v, 
and i> 2 , each having a source resistance of 10 kQ. She has a 
number of transconductance amplifiers for which the input 
and output resistances are both 10 kQ and G m = 20 mA/V, 
together with a selection of suitable resistors. Sketch an 
appropriate amplifier topology with additional resistors 
selected to provide the desired result. (Hint: In your design, 
arrange to add currents.) 

1.56 Figure PI.56 shows a transconductance amplifier 
whose output is fc<1 buck to its input. Find the input resistance 
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Figure PI.56 


R m of the resulting one-port network. {Hint: Apply a test volt¬ 
age i\ between the two input terminals, and find the current /, 
drawn from the source. Then, R m = v x /i K .) 


D 1,57 It is required to design an amplifier to sense the 
open-circuit output voltage of a transducer and to provide a 
proportional voltage across a load resistor. The equivalent 
source resistance ot the transducer is specified to vary in the 
range of 1 kjQ to 1 0 kQ. Also, the load resistance varies in the 
range of I kQ to 10 kQ. The change in load voltage corre¬ 
sponding to the specified change in R should be 10% at most. 
Similarly, the change in load voltage corresponding to the 
specified change in R, should be limited to 10%. Also, corre¬ 
sponding to a 10-mV transducer open-circuit output voltage, 
the amplifier should provide a minimum of 1 V across the 
load. What type of amplifier is required? Sketch its circuit 
model, and specify the values of its parameters. Specify 
appropriate values for R and R of the form 1 x HT Q. 


D 1.58 It is required to design an amplifier to sense 
short-circuit output current of a transducer and to provit 
proportional current through a load resistor. The equiva 
source resistance of the transducer is specified to vary in 

range of 1 kQ to 10 kQ. Similarly, the load resistana 
known to vary over the range of 1 kQ to 10 kQ. The cha 
in load current corresponding to the specified change in h 
required to be limited to 10%. Similarly, the change m t 

10V « “^ SP ,T din / t01,16 specified cha "« e in should 
? 1 os ‘- Also - tor a nominal short-circuit output curt 
o the transducer of 10 pA. the amplifier is required to p 

Vide a minimum of I mA through the load. What type 

amplifier ,s required? Sketch the circuit model of the^am, 

fie . and specify values for its parameters. Select appropri 
values for R t and R o in the form 1 x 1 O'" Q ^ 

r D J n 59 lt , IS required t0 te'gn an amplifier to sense I 
open-crcuit output voltage of a transducer and to oro^id 

proportional current through a load resistor ^e eouivlt 

^?o~ e ,0kn TTr isspedf5ed tp v^toi 

vnry in the range of 

supplied to the load a " , C " an 2 e ln die curn 

R is to be 10% at most. Simitefy thethanK mt ff® 8 * 
corresponding , 0 the specified change ££ 


most. Also, for a nominal transducer open-circuit output volt¬ 
age of 10 mV, the amplifier is required to provide a minimum 
of 1 mA current through the load. What type of amplifier is 
required? Sketch the amplifier circuit model, and specify val¬ 
ues for its parameters. For /?, and R it , specify values in the 
form I x 10"' Q. 

O 1.60 It is required to design an amplifier to sense the 
short-circuit output current of a transducer and to provide a 
proportional voltage across a load resistor. The equivalent 
source resistance of the transducer is specified to vary in the 
range of I kQ to 10 kQ. Similarly, the load resistance is 
known to vary in the range of 1 kQ to 10 kQ. i he change in 
load voltage corresponding to the specified change in R 
should be 10% at most. Similarly, the change in load voltage 
corresponding to the specified change in R t is to be limited to 
10%. Also, for a nominal transducer short-circuit output cur¬ 
rent of 10 pA, the amplifier is required to provide a minimum 
voltage across the load of 1 V, What type of amplifier is 
required? Sketch its circuit model, and specify the values of 
the model parameters. For R t and /?,, specify appropriate val¬ 
ues in the form I x 1 O'” Q. 

1,61 For the circuit in Fig. PI .61 , show that 

Vc = -ffir 
v b 

and 

V b *£+(>,/(#+ 1)1 


B 



Figure PI,61 


wfen driven bvTcure’I 3 " ‘" PUt resislance of 10 kL 

resistance of 100 kQ his ashnn ° f 4 A and a sourc 

10 mA and an open'eirr,,!. h , CU '* ° u,put current ‘ 

device is driving a 4-kQ oa?r' V t 8 ' ° f '° V ‘ Th 

oad. Give the values ot th 
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voltage gain, current gain, and power gain expressed as 
ratios and in decibels? 

1.63 Figure PI.63(a) shows two transconductance amplifi¬ 
ers connected in a special configuration, find v ti in terms of y, 
and v r Let g m = 100 mA/V and R - 5 kQ. If y, = v 2 = 1 V, find 
the value of v a . Also, find v o for the case y, - 1.01 V and v, = 
0.90 V. (Note: This circuit is called a differential amplifier 
and is given the symbol shown in Fig. PI.63(b). A particular 
type of differential amplifier known as an operational ampli¬ 
fier will be studied in Chapter 2.) 




Figure P1.63 

1-64 Any linear two-port network including linear amplifi¬ 
ers can be represented by one of four possible parameter 
sets, given in Appendix C. For the voltage amplifier, the 
most convenient representation is in terms of the g parame¬ 
ters. If the amplifier input port is labeled as port I and the 
output port as port 2, its ^-parameter representation is 
described by the two equations: 

= Sw V\ + S\ih 

V 2 — g2i ^ 


Figure PI.64 shows an equivalent circuit representation of 
these two equations. By comparing this equivalent circuit 
to that ot the voltage amplifier in Fig. 1.16(a), identify cor¬ 
responding currents and voltages as well as the correspon¬ 
dence between the parameters of the amplifier equivalent 
circuit and the g parameters. Hence give the g parameter 
that corresponds to each ol /?,, A„ t> and R n . Notice that there 
is an additional g parameter with no correspondence in the 
amplifier equivalent circuit. Which one? What does it sig¬ 
nify? What assumption did we make about the amplifier 
that resulted in the absence of this particular g parameter 
from the equivalent circuit in Fig. 1.16(a)? 



o- »— -— 1 1 -o 


Figure PI.64 


Section 1.6: Frequency Response of Amplifiers 

1.65 Use the voltage-divider rule to derive the transfer i unc¬ 
tions T{s) = V 0 (s)/Vj(s) of the circuits shown in Fig. 1.22. 
and show that the transfer functions are of the form given at 
the top of Table 1,2. 

1.66 Figure PI.66 shows a signal source connected to the 
input of an amplifier. Here R is the source resistance, and 
R and C, are the input resistance and input capacitance, 
respectively, of the amplifier. Derive an expression for 
r,-(.v)/T (x), and show that it is of the low-pass SI i type. 
Find the 3-dB frequency for the case R = 20 kQ, R . - 80 kQ, 


T 


Figure P1.66 


and C, - 5 p F. 



R s 

——o- 


Ri 



C, 
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1.67 For the circuit shown in Fig. PI.67, find the transfer 
function T{s) = and arrange it in the appropri¬ 

ate standard form from Table 1.2. Is this a high-pass or a low- 
pass network? What is its transmission at very high frequen¬ 
cies? [Estimate this directly, as well as by letting s -> <*> m 
your expression for Tf j),] What is the comer frequency 
For R t = 10 ki2, R 2 = 40 kQ, and C = 0.1 pF. find/,. What is 

the value of |7’(/fi\,)|? 



Figure R1.67 


D 1.68 It is required to couple a voltage source V s with a 
resistance R t to a load R, via a capacitor C. Derive an 
expression for the transfer function from source to load 
(i.e., V L /V t ), and show' that it is of the high-pass STC type. 
For R = 5 kii and R t = 20 kU. find the smallest coupling 
capacitor that will result in a 3-dB frequency no greater 
than 10 Hz. 

1.69 Measurement of the frequency response of an amplifier 
yields the data in the following table: 


f (Hz) 

| r|(dB) 

zro 

0 

40 

0 

100 

40 

0 

1000 



10 1 

37 

-45 

10 5 

20 



0 



Provide plausible approximate values for the missing entries. 
Also, sketch and clearly label the magnitude frequency 
response (i.e„ provide a Bode plot) for this amplifier. 


1.70 Measurement of the frequency response of an amplifier 
yields the data in the following table: 


f (Hz) 

10 

10 : 10* 10 4 H 

f 10* I0 7 

| r| (dB) 

0 20 

37 40 

37 20 0 I 


Provide approximate plausible values for the missing table 
entries. Also, sketch and clearly label the magnitude fre¬ 
quency response (Bode plot) of this amplifier. 

1.71 The unity-gain voltage amplifiers in the circuit of Fig. 
PI.71 have infinite input resistances and zero output resis¬ 
tances and thus function as perfect buffers. Convince yourself 
that the overall gain VJ 1will drop by 3 dB below the value 
at dc at the frequency for which the gain of each RC circuit is 
1.0 dB down. What is that frequency in terms of CR1 

1.72 A manufacturing error causes an internal node of a 
high-frequency amplifier whose Thevenin-equi valent node 
resistance is 100 ki2 to be accidentally shunted to ground by a 
capacitor (i.e., the node is connected to ground through a 
capacitor). If the measured 3-dB bandwidth of the amplifier is 
reduced from the expected 6 MHz to 120 kHz. estimate the 
value of the shunting capacitor If the original cutoff fre¬ 
quency can be attributed to a small parasitic capacitor at the 
same internal node (i.e., between the node and ground), what 
would you estimate it to be? 

D '1.73 A designer wishing to lower the overall upper 3-dB 
frequency of a three-stage amplifier to 10 kHz considers 
shunting one of two nodes: Node A, between the output of the 
first stage and the input of the second stage, and Node B. 
between the output of the second stage and the input of the 
third stage, to ground with a small capacitor. While measur¬ 
ing the overall frequency response of the amplifier, she con¬ 
nects a capacitor of I nF, first to node A and then to node B, 
lowering the 3-dB frequency from 2 MHz to I 50 kHz and 15 
kHz, respectively. If she knows that each amplifier stage has 
an input resistance of 100 ki2. what output resistance must the 
driving stage have at node A? At node B? What capacitor 

value should she connect to which node to solve her design 
problem most economically? 

D 1.74 An amplifier with an input resistance of 100 kf 2 and 
an output resistance of 1 ki2 is to be capacitor-coupled to a 
0-k£> source and a 1-kfl load. Available capacitors have val¬ 
ues only of the form 1 x 10 " F. What are the values of the 




Figure P1.71 
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Figure PI.76 


C 2 
100 n i 





G m = 100 mA/V 


smallest capacitors needed to ensure that the comer frequency 
associated with each is less than 100 Hz? What actual comer 
frequencies result? For the situation in which the basic ampli¬ 
fier has an open-circuit voltage gain (A vo ) of 100 WV, find 
an expression for T(s) = V 0 (s)/ V s (s). 


*1.75 A voltage amplifier has the transfer function 



Using the Bode plots for low'-pass and high-pass STC net¬ 
works (Figs. 1.23 and 1.24), sketch a Bode plot for \AJ, Give 
approximate values for the gain magnitude at/= 10 Hz, !0 : 
Hz, KPHz, 10 J Hz, 10 5 Hz, 10* Hz, and 10 Hz. Find the band¬ 
width of the amplifier (defined as the frequency range over 
which the gain remains w'ithin 3 dB of the maximum value). 


1.76 For the circuit shown in fig. PI.76 first, evaluate 
T,(s ) = ¥{($)/ F,-(x) and the corresponding cutoff (comer) 
frequency. Second, evaluate 7,(.v) = V 0 (s)/V,(s) and the 
corresponding cutoff frequency. Put each of the transfer 
functions in the standard form (see Table 1.2), and com¬ 
bine them to form the overall transfer function, 
T{s) = T l (s)x T (/ {s). Provide a Bode magnitude plot for 
\T{j(o)\. What is the bandwidth between 3-dB cutoff 
points? 


D *1.77 A transconductance amplifier having the equiva¬ 
lent circuit shown in Table 1.1 is fed with a voltage source \\ 
having a source resistance R and its output is connected to a 
load consisting of a resistance /?, in parallel with a capaci¬ 
tance C ,. For given values of /? v , and C L , it is required to 
specify the values of the amplifier parameters /?,, G m , and R tt 
to meet the following design constraints: 

(a) At most, x% ol the input signal is lost in coupling the sig¬ 
nal source to the amplifier {i.e., V i <> [ 1 - (x/100 )] l\). 

(b) The 3-dB frequency of the amplifier is equal to or greater 
than a specified value 

(c) The dc gain fr/fr is equal to or greater than a specified 
value A 0 . 


Show that these constraints can be met by selecting 



~ (1 /^z.) 

^ A 0 /[ \ — (jt/ 100)] 
m " (RlUo) 


Find /?„ R o , and G m for R = 10 kQ, x = 20%, A 0 = 80, 
R, = 10 kQ, C t = 10 pF, and/ ldB = 3 MHz. 

*1.78 Use the voltage-divider rule to find the transfer func¬ 
tion K e (s)/ f (.v) of the circuit in Fig. PI.78. Show that the 
transfer function can be made independent of frequency if 
the condition C\R ] = C\R 2 applies. Under this condition the 
circuit is called a compensated attenuator and is fre¬ 
quently employed iin the design of oscilloscope probes. Find 
the transmission of the compensated attenuator in terms of 
/?, and R 2 . 



Figure PI.78 


*1,79 An amplifier with a frequency response of the type 
shown in Fig. 1.21 is specified to have a phase shift of magni¬ 
tude no greater than 11.4° over the amplifier bandwidth, 
which extends from 100 Hz to I kHz. It has been found that 
the gain faltoff at the low-frequency end is determined by the 
response of a high-pass STC circuit and that at the high- 
frequency end it is determined by a low-pass SI ( circuit. 
What do you expect the comer frequencies of these two cir¬ 
cuits to be? What is the drop in gain in decibels (relative to the 
maximum gain) at the two frequencies that define the ampli¬ 
fier bandwidth? What are the frequencies at \\ Inch the drop in 
gain is 3 dB? 
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IN THIS CHAPTER YOU WILL LEARN 


1. The terminal characteristics of the ideal op amp. 

2. How to analyze circuits containing op amps, resistors, and capacitors. 

3. How to use op amps to design amplifiers having precise characteristics. 

4. How to design more sophisticated op-amp circuits, including summing 
amplifiers, instrumentation amplifiers, integrators, and differentiators. 

5. Important nonideal characteristics of op amps and how these limit the 
performance of basic op-amp circuits. 


Introduction 

Having learned basic amplifier concepts and terminology, we are now ready to undertake the 
study of a circuit building block of universal importance: The operational amplifier iop amp). 
Op amps have been in use lor a long time, their initial applications being primarily in the areas 
of analog computation and sophisticated instrumentation. Early op amps were constructed 
from discrete components (vacuum tubes and then transistors, and resistors), and their cost was 
prohibitively high (tens of dollars). In the mid-1960s the first integrated-circuit (1C) op amp 
was produced. This unit (the jjA 709 ) was made up of a relatively large number o i transistors 
and resistors all on the same silicon chip. Although its characteristics were poor (by today's 
standards) and its price was still quite high, its appearance signaled a new era in electronic cir¬ 
cuit design. Electronics engineers started using op amps in large quantities, which caused their 
price to drop dramatically. They also demanded better-qualiiy op amps. Semiconductor manu¬ 
facturers responded quickly, and within the span of a few years, high-quality op amps became 
available at extremely low prices (tens of cents) from a large number oi suppliers. 

()ne of the reasons for the popularity of the op amp is its versatility. As we will shortly 
see, one can do almost anything with op amps! Equally important is the tact that the IC op 
amp has characteristics that closely approach the assumed ideal. This implies that it is quite 
easy to design circuits using the IC op amp. Also, op-amp circuits work at performance levels 
that are quite close to those predicted theoretically. It is for this reason that we are studying op 
amps at this early stage. It is expected that by the end of this chapter the reader should be able 

to design nontrivial circuits successfully using op amps. 

As already implied, an IC op amp is made up of a large number (tens or more) of tran¬ 
sistors, resistors, and (usually) one capacitor connected in a rather complex circuit. Since 


53 























54 Chapter 2 Operational Amplifiers 


„e have no. ye. studied transistor circuits, the circuit inside the op amp w.ll not be dis¬ 
cussed" s chapter. Rather, we will treat the op amp as a circutt bu,Id,ng block and study 
.Tim characteristics and its applications. This approach ts qutte saustactory m many 
i applications. Nevertheless, for the more difficult and demandmg apphcat o„s ,t ,s 
quite useftM to know what is inside the op-amp package. Tins topic w.ll be stud.ed m C hap- 
t#»r I ? More advanced applications of op amps will appear in later chapters. 


2.1 The Ideal Op Amp 

2.1.1 The Op-Amp Terminals 

From a signal point of view the op amp has three terminals: two input terminals and one output 
terminal. Figure 2.1 shows the symbol we shall use to represent the op amp. Terminals 1 and 2 
are input terminals, and terminal 3 is the output terminal. As explained in Section 1.4, amplifiers 
require dc power to operate. Mosi 1C op amps requr n\o dc power supplies, as shown in 
Fig. 2.2. Two terminals, 4 and 5, are brought out of the op-amp package and connected to a pos¬ 
itive voltage V cc and a negative voltage - V EE , respectively. In Fig. 2.2(b) we explicitly show the 
two dc power supplies as batteries with a common ground. It is interesting to note that i he refei - 
ence grounding point in op-amp circuits is just the common terminal of the :wo power supplies; 
that is, no terminal of the op-amp package is physically connected to ground. In what follows 
we will not, for simplicity, explicitly show the op-amp power supplies. 



Figure 2.1 Circuit symbol for the op amp. 



Figure 2.2 The op amp shown connected to dc 


power supplies. 
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In addition to the three signal terminals and the two power-supply terminals, an op amp 
may have other terminals for specific purposes. These other terminals can include terminals 
for frequency compensation and terminals for offset nulling; both functions will be explained 
in later sections. 



2.1 What is the minimum number of terminals required by a single op amp? What is the minimum 
numhei <>I terminals required on an integrated-circuit package containing four op amps (called a 
quad op amp)? 

Ans. 5; 14 


2.1.2 Function and Characteristics of the ideal Op Amp 

We now consider the circuit function of the op amp. The op amp is designed to sense the dif¬ 
ference between the voltage signals applied at its two input terminals (i.e., the quantity v 2 - 
t/,), multiply this by a number A , and cause the resulting voltage A(v 2 - v } )to appear at out¬ 
put terminal 3. Thus = A(v 2 - rj). Here it should be emphasized that when we talk about 
the voltage at a terminal we mean the voltage between that terminal and ground; thus v } 
means the voltage applied between terminal 1 and ground. 

The ideal op amp is not supposed to draw any input current; that is, the signal current 
into terminal 1 and the signal current into terminal 2 are both zero. In other words, the input 
impedance o f an ideal op amp is supposed to he infinite. 

How about the output terminal 3? This terminal is supposed to act as the output termi¬ 
nal of an ideal voltage source. That is, the voltage between terminal 3 and ground will 
always be equal to A(v 2 - u,), independent of the current that may be drawn from terminal 3 
into a load impedance. In other words, the output impedance of an ideal op amp is supposed 
to be zero. 

Putting together all of the above, we arrive at the equivalent circuit model shown in 
Fig. 2.3. Note that the output is in phase with (has the same sign as) v 2 and is out o phase 
with (has the opposite sign of) v r For this reason, input terminal 1 is called the inverting 
input terminal and is distinguished by a " sign, while input terminal 2 is called the nonin¬ 
verting input terminal and is distinguished by a “+” sign. 

As can be seen from the above description, the op amp responds only to the difference 
signal v 2 - and hence ignores any signal common to both inputs. That is, if ir, = v 2 - i V, 
then the output will (ideally) be zero. We call this property common-mode rejection, and we 
conclude that an ideal op amp has zero common-mode gain or, equivalently, infinite com¬ 
mon-mode rejection. We will have more to say about this point later. For the time being 
note that the op amp is a differential-input, single-ended-output amplifier, with the lat¬ 
ter term referring to the fact that the output appears between terminal 3 and ground. 1 


Some op amps are designed to have differential outputs. This topic will not be discussed in this book. 
Rather, we confine ourselves here to single-ended-output op amps, which constitute the vast majority 
ot commercially available op amps. 
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Furthermore, gain A is called the differential gain, for obvious reasons. Perhaps not so obvi¬ 
ous is another name that we will attach to A: the open-loop gain. The reason tor this name 
will become obvious later on when we "close the loop around the op amp and define another 

gain, the closed-loop gain. 

An important characteristic ot op amps is that they are direct-coupled or dc amplifiers, 
where dc stands for direct-coupled (it could equally well stand for direct current, since a 
direct-coupled amplifier is one that amplifies signals whose frequency is as low as zero). The 
fact that op amps are direct-coupled devices will allow us to use them in many important 
applications. Unfortunately, though, the direct-coupling property can cause some serious 
practical problems, as will be discussed in a later section. 

How about bandwidth? The ideal op amp has a gain A that remains constant down to 
zero frequency and up to infinite frequency. That is, ideal op amps will amplify signals of any 
frequency with equal gain, and are thus said to have infinite bandwidth. 

We have discussed all of the properties of the ideal op amp except for one, which in 
fact is the most important. This has to do with the value of A. The ideal op amp should have 
a gain A whose value is very large and ideally infinite. One may justifiably ask: If the gain A 
is infinite, how are we going to use the op amp? The answer is very' simple: In almost all 
applications the op amp will not be used alone in a so-called open-loop configuration. 

Rather, we will use other components to apply feedback to close the loop around the op 
amp, as will be illustrated in detail in Section 2.2. 

For future reference, Table 2 .1 lists the characteristics of the ideal op amp. 


Table 2.1 Characteristics of the Ideal Op Amp 


I. 

2 

3. 

4. 

5. 


Infinite input impedance 
Zero output impedance 

Zero common-mode gain or. equivalently, infinite common- 
infinite open-loop gain A 
Infinite bandwidth 


e rejection 
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2.1.3 Differential and Common-Mode Signals 

The differential input signal v ld is simply the difference between the two input signals 
i/, and t' 2 ; that is, 


Vld - V 2 ~V] 

(2.1) 

o 

The common-mode input signal v lcm is the average of the two input signals v { 
namely. 

and u> 2 ; 


V Icm ~ \{V\ + V 2 ) 

(2.2) 

0 

liquations (2.1) and (2.2) can be used to express the input signals if, and d, in terms of their 
differential and common-mode components as follows: 


V \ = v lcm ~ v f d /2 

(2.3) 


and 



V 2 = Vlcm + Vjj/2 

(2.4) 



These equations can in turn lead to the pictorial representation in Fig. 2.4. 



Figure 2.4 Representation of the signal sources and w, in terms ol their differential and common-mode 
components. 



2.2 Consider an op amp that is ideal except that its open-loop gain A - 10 3 , The op amp is used in a feed¬ 
back circuit, and the voltages appearing at two ol its three signal terminals are measured. In each of 
the following cases, use the measured values to find the expected value of the voltage at the third ter¬ 
minal. Also give the differential and common-mode input signals in each case, (a) v 2 = 0 V and - 
2 V; (b) v 2 = +5 Vand i/ 3 =-10V;(c) v x = 1.002 V and v 2 = 0.998 V;(d) i>, = -3,6 Vand n 3 = -3.6V. 
Ans. (a) if, = -0.002 V, v u = 2 mV, v km = -1 mV; (b) if, = +5.01 V, v t(j = -10 mV, v, cm = 5.005 - 5 V; 
(c) ty = -4 V, v rd = -4 mV, v km = 1 V; (d) v 2 = -3.6036 V, v ld - -3.6 mV, v tcm — -3.6 V 
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- i n he modeled bv the circuit shown in Fig. E2.3. Express 

2.3 The interna! circuit = IOm A/V, R = 10 k Cl, and fl = 100. find the value of 

v y as a function ot v, and v v For the case u m 

the open-loop gain A. 

Ans. «,=MGJ{(v 2 - A = 10.000 V/V or 80 dB 




Figure E2.3 





2.2 The Inverting Configuration 

As mentioned above, op amps are not used alone; rather, the op amp is connected to passive 
components in a feedback circuit. There are two such basic circuit configurations employing 
op amp and two resistors: the inverting configuration, which is studied in this section, and 
the noninverting configuration, which we shall study in the next section. 

and R ^Resietn /,> 0WS ^ inverting configuration. It consists of one op amp and two resistors R, 
nitc 1/ 15 COnneCtCd T ,he 0Ut P U ‘ termi " a ' ot '<hc op amp, terminal 3, back to the 
if*, wereconn^ Z ! T 'T™' '' Wes P^»f* ; as applying negative feedback; 
Note also that R time* ih T* enT1 ' na ' s 2 and 2 we would have called this positive feedback. 

‘"'T* — • *»» *, ■ «= Itave 

age a, Tlie outpw of the overall ci'rJhTs'hA """I* 1 ' ^ I" lnputsl S na] with a voll- 

en at terminal 3 (i.e., between terminal 3 and 
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V/ 



+ 

v o 


Figure 2.5 The inverting closed-loop 
configuration. 


ground). Terminal 3 is, of course, a convenient point from which to take the output, since the 
impedance level there is ideally zero. Thus the voltage v 0 will not depend on the value of the cur¬ 
rent that might be supplied to a load impedance connected between terminal 3 and ground. 


2.2.1 The Closed-Loop Gain 


We now wish to analyze the circuit in Fig. 2,5 to determine the closed-loop gain G, defined as 


G = 


V 


O 


V, 


We will do so assuming the op amp to be ideal. Figure 2.6(a) shows the equivalent circuit, 
and the analysis proceeds as follows: The gain A is very large (ideally infinite). If we assume 
that the circuit is "working” and producing a finite output voltage at terminal 3, then the 
voltage between the op-amp input terminals should be negligibly small and ideally zero. 
Specifically, if we call the output voltage then, by definition, 


V 2 - V\ = 


Vo 

A 


= 0 


It follows that the voltage at the inverting input terminal (i/,) is given by u, = v 2 . That is, 
because the gain A approaches infinity, the voltage v, approaches and ideally equals v v We 
speak of this as the two input terminals "tracking each other in potential.” We also speak of a 
“virtual short circuit" that exists between the two input terminals. Here the word virtual should 
be emphasized, and one should not make the mistake of physically shorting terminals 1 and 2 
together while analyzing a circuit. A virtual short circuit means that whatever voltage is at 2 
will automatically appeal at I because of the infinite gain A. But terminal 2 happens to be con¬ 
nected to ground; thus v 2 = 0 and n, - 0. We speak of terminal 1 as being a virtual ground— 
that is, having zero voltage but not physically connected to ground. 

Now that we have determined v i we are in a position to apply Ohm’s law and find the 
current i, through R t (see Fig, 2.6) as follows: 

Vj — 0 v } 

~R^~ ~ R ) ~ 

Where will this current go? It cannot go into the op amp, since the ideal op amp has an infinite 

* i 

input impedance and hence draws zero current. It follows that /, will have to flow through R 2 to 
the low-impedance terminal 3. We can then apply Ohm’s law to /?, and determine v Q \ that is, 

v 0 = v { -i x R 2 


v, - v 


/■ = 


= 0 


Vj_ 

R, 


R, 



Thus, 


Vo 

Vi 


O 
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Figure 2*6 Analysis of the inverting coniiguration. The circled numbers indicate the order of the analysis 
steps. 


aim in 


which is the required closed-loop gain. Figure 2.6(b) illustrates these steps 
the circled numbers the order in which the analysis is performed. 

We thus see that the closed-loop gain is simply the ratio of the two resistances /?, and R ] . 
The minus s'gn means that the closed-loop amplifier provides signal inversion. Thus if 

d " e apply at the ln P ut < ,J /> a sine-wave signal of I V peak-to-peak, then the 
n P V 0 wi e a sine wave of 10 V peak-to-peak and phase-shifted 180° with respect to the 

urationis'cahlrf .h e - aUSe *° fthe m ' nUS ^ associated with the closed-loop gain, this conlig- 

uration is called the inverting configuration. 


2.2 The Inverting Configuration 61 


The fact that the closed-loop gain depends entirely on external passive components 
(resistors /?, and R 2 ) is very significant. It means that we can make the closed-loop gain as 
accurate as we want by selecting passive components of appropriate accuracy. It also 
means that the closed-loop gain is (ideally) independent of the op-amp gain. This is a dra¬ 
matic illustration ol negative feedback, \A/e started out with an ampliller having very large 
gain As and through applying negative feedback we have obtained a closed-loop gain 
R 2 /R , that is much smaller than A but is stable and predictable. That is. we are trading gain 
for accuracy. 


2.2.2 Effect of Finite Open-Loop Gain 

t he points just made are more clearly illustrated by deriving an expression for the closed- 
loop gain under the assumption that the op-amp open-loop gain A is finite. Figure 2.7 shows 
the analysis. If we denote the output voltage v 0 , then the voltage between the two input 
terminals of the op amp will be v a /A. Since the positive input terminal is grounded, the 
voltage at the negative input terminal must be -v 0 /A. The current /, through /?, can now be 
found from 



v f — (— Vq/A ) 


Vj + Vq/ A 



Figure 2.7 Analysis of the inverting 
configuration taking into account the finite 
open-loop gain of the op amp. 


The infinite input impedance of the op amp forces the current *1 to How entirely through 
R 2 . The output voltage v a can thus be determined from 




]R 2 

Vj + v Q / 

T 



Collecting terms, the closed-loop gain G is found as 


r _ x jo _ zJhiJh (7 s) 

v, 1 +(I +R 2 /R ] )/A 

We note that as A approaches G approaches the ideal value of —R 2 /R\ . Also, from Fig. 2.7 
we see that as A approaches °o, the voltage at the inverting input terminal approaches zero. 
This is the virtual-ground assumption we used in our earlier analysis when the op amp was 
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assumed to be 
the dependence 
make 


ideal Finally, note that Eq. (2.5) in fact indicates that to minimize 
offrie closed-loop gain G on the value of the open-loop gam A, we should 



A 



Consider the inverting configuration with /?, - I ki2 and R 2 - 100 k£I 

(a) Find the closed-loop gain for the cases ,4 = 10\ W, and 10 s . In each case determine the percentage 
error in the magnitude of G relative to the ideal value of R 2 /R , (obtained with A = ~). Also * leter- 

mine the voltage v } that appears at the inverting input terminal when v, = 0. IV. 

(b) If the open-loop gain A changes from 100; " )0 to 50,000 (i.e., drops by 50%), what is the correspond¬ 
ing percentage change in the magnitude of the closed-loop gain G . 


Solution 

(a) Substituting the given values in Eq, (2.5), we obtain the values given in the following table, where the 
percentage error € is defined as 


£ 


G|-(V*,) 
(R 2 R i) 


x 100 


The values of v, are obtained from i», = -v 0 /A = Gv/A with v, = 0.1 V. 


A 

|G| 

£ 

v 1 

10 J 

90.83 

-9. 17% 

-9.08 mV 

10 4 

99.00 

-1.00% 

-0.99 mV 

Kf 

99.90 

—0.10% 

-0.10 mV 


(b) Using Eq. (2.5), we find that tor A - 50,000, [G| — 99.80. Thus a —50% change in the open-loop gain 
results in a change of only -0.1% in the closed-loop gain! 



2.2.3 Input and Output Resistances 

Assuming an ideal op amp with infinite open-loop gain, the input resistance of the closed-loop 
inverting amplifier of Fig. 2.5 is simply equal to This can be seen from Fig. 2.6(b). where 



divider with tte re's sf 1 ' 011 J ! WC learned that ,he am P llf ier input resistance forms a voltage 
strength. ^ ‘° aV °' d ** '° SS ° f ’*** 

HoweveHf he «! h "*■ y '" g ’ ,0 make R < Wgh we should select a high value for /?,. 

from a', w mXsilnee g A n T ■ f T C ° nClude that the invert "^ -"figuration suffers 

P reS1StanCe - A S0lutl0n 10 thls P^blem is discussed in Example 2.2 below. 
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Since the output of the inverting configuration is taken at the terminals of the ideal voltage 

source A(v 2 - v x ) (see Fig. 2.6a), it follows that the output resistance of the closed-loop ampli¬ 
fier is zero. 


Example 2.2 


Assuming the op amp to be ideal, derive an expression for the closed-loop gain v 0 /v i of the circuit 
shown in Fig. 2.8. Use this circuit to design an inverting amplifier with a gain of 100 and an input 
resistance of 1 MQ. Assume that tor practical reasons it is required not to use resistors greater than 
1 MQ. Compare your design with that based on the inverting configuration of Fig. 2.5. 



Figure 2.8 Circuit for Example 2.2. The circled numbers indicate the sequence of the steps in the analysis. 


Solution 

The analysis begins at the in verting input terminal of the op amp, where the voltage is 


V 



Here we have assumed that the circuit is “working” and producing a finite output voltage v c . Know¬ 
ing i/,, we can determine the current /, as follows: 

Vj - i/j Vj - 0 v { 

'■ = = ~ = 

Since zero current flows into the inverting input terminal, all off, will flow through R 2 , and thus 


Now we can determine the voltage at node .r: 
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Example 2.2 continued 
This in turn enables us to find the current i r 


t} = 


0 - v r 

r7 


R 


R]R} 


v. 


Next, a node equation at x yields i r 


■ _ l>i 
i 4 = h + h “ d 


R-> 


+ 


Rj * 1 


1 


Finally, we can determine v 0 from 


v o 


v x -U R 4 

R, 


R 


v i ~ 


i 


/ v, R 2 ^ 

—” "I" * T”~ Vi 

w? t /?,/?, / 


R 


Thus the voltage gain is given by 


which can be written in the form 



Now, since an input resistance of 1 MQ is required, we select /?, = 1 MQ. Then, with the limita¬ 
tion of using resistors no greater than 1 MQ, the maximum value possible for the first factor m tin 
gain expression is i and is obtained by selecting R 2 — 1 MQ. To obtain a gain of —100, R 2 and R 4 
must be selected so that the second factor in the gain expression is 100 . If we select the maximum 
allowed (in this example) value of 1 MQ for R 4% then the required value of R 3 can be calculated to 
be 10.2 k£1 Thus this circuit utilizes three 1 -MQ resistors and a ! 0 . 2 -kQ resistor. In comparison, 
if the inverting configuration were used with R { = 1 MQ we would have required a feedback '’esis- 
tor of 100 MQ, an impractically large value! 

Before leaving this example it is insightful to inquire into the mechanism by which the circuit is 
able to realize a large voltage gain without using large resistances in the feedback path. Toward that 
end, observe that because of the virtual ground at the inverting input terminal of the op amp, /?, and R } 
are in effect in parallel. Thus, by making /?, lower than /?, by, say, a factor k (i.e., where k > 1), /?, is 
forced to carry a current A-times that in R : . Thus, while i 2 = /, = ki ] and i A = (k+ l)t,. It is the current 

multiplication by a factor of (k + 1 ) that enables a large voltage drop to develop across /? 4 and hence a 
large v 0 without using a large value for /? 4 . Notice also that the current through R A is independent of the 
value of R a . It follows that the circuit can be used as a current amplifier as shown in Fig. 2.9. 



Figure 2.9 A current amplifier based on the 
circuit of Fig. 2.8. The amplifier delivers its 
output cun-ent to R r It has a current gain of 
(1 + /?,//?,), a zero input resistance, and an infi¬ 
nite output resistance. The load (/? 4 ), however, 
must be floating (i.e., neither of its two termi¬ 
nals can be connected to ground). 
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D2.4 


2.5 


2.6 


Use the circuit of Fig. 2.5 to design an inverting amplifier having a gain of-10 and an input resist¬ 
ance of 100 kQ. Give the values of/?, and /?,. 

Alls. /?, = 100 kQ;/?, = 1 MQ 

The circuit shown in Fig. E2.5(a) can be used to implement a transresistance amplifier (see Table 
1.1 in Section 1.5). Find the value of the input resistance /?„ the transresistance R ni , and the output 
resistance R o of the transresistance amplifier. If the signal source shown in Fig. E2.5(b) is connected 
to the input of the transresistance amplifier, find its output voltage. 

Ans. R. = 0; R m = -10 kQ; /?, = 0 ; v Q = -5 V 

10 kQ 



0.5 mA 



10 kQ 


(b i 


For the circuit in Fig. E2.6 determine the values of /„ i 2 , v 0 , 4 , and i a . Also determine the voltage 
gain Vq/vj, current gain i L /i h and power gain P () /P r 

Ans. 0 V; I mA; 1 mA;-10 V;-I0mA;-l 1 mA;-10V/V (20dB),-10A/A(20dB); 100 W/W(20dB) 


10 kQ 

Wv 


1 V 



O v n 


Figure E2.6 


2.2.4 An Important Application—The Weighted Summer 

A very' important application of the inverting configuration is the weighted-summer cir¬ 
cuit shown in Fig. 2.10, Here we have a resistance R, in the negative-feedback path (as 
before); but we have a number of' input signals i> r v 2 , . . . , v H each applied to a corre¬ 
sponding resistor /?,,/?,,..., R i: , which are connected to the inverting terminal of the op 
arn P* From our previous discussion, the ideal op amp will have a virtual ground appearing 
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at its negative input terminal. Ohm s 


law then tells us that the currents /,, 



given by 




» * * y 




are 



Figure 2.10 A weighted summer. 


All these currents sum together to produce the current /; that is, 

i = /j + iy + ■ •• + i n ( 2 - 6 ) 


will be forced to flow through R t (since no current flows into the input terminals of an ideal op 
amp). The output voltage v 0 may now be determined by another application of Ohm’s law, 

v 0 - 0 - iRj = -iR f 

Thus, 

(R f R, R f \ 

Vo ~ ~ yj, v ' + r ” 2 + '" + r„ v ") (2 - 7) 

That is, the output voltage is a weighted sum of the input signals v ,,.. ., v n . This circuit 
is therefore called a weighted summer. Note that each summing coefficient may be inde¬ 
pendently adjusted by adjusting the corresponding “feed-in” resistor (/?, to R n ). This nice 
piopcrt), which greatly simplifies circuit adjustment, is a direct consequence of the virtual 
ground that exists at the inverting op-amp terminal. As the reader will soon come to appreci¬ 
ate, virtual grounds are extremely “handy.” In the weighted summer of Fig. 2.10 all the sum¬ 
ming coefficients must be of the same sign. The need occasionally arises for summing 
nmn $ ^ oppos '* e s '£ ns * Such a function can be implemented, however, using two op 

voltageUs g^ven by 18 ^' AsSUming ideal op amps ’ jt can be easil Y shown that the output 







( 2 . 8 ) 
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Figure 2.11 A weighted summer capable of implementing summing coefficients of both signs 


EXERCISES 




ksnfftj li—Blni • --71 


D2.7 Design an inverting op-amp circuit to form the weighted sum v 0 of two inputs and tv It is 
required that v Q = - ( i\ + 5u 2 ). Choose values tor R v R 2 , and R f so that for a maximum output volt¬ 
age of 10 V the current in the feedback resistor will not exceed 1 mA. 

An s. A possible choice: R t = 10 k£2, R, = 2 k£ 2 , and R, = 10 kft 

I ^ ^ I 

D2.8 Use the idea presented in Fig. 2.1 1 to design a weighted summer that provides 

v 0 — 2 Uj + v 2 - 4 u 3 

Ans. A possible choice: /?, = 5 kQ, R, = 10 kQ, R 7 - 10 kQ, R, = 10 kQ, R, = 2.5 kQ, 

R c = 10 kQ. 


2.3 The Noninverting Configuration 

The second closed-loop configuration we shall study is shown in Fig. 2.12. Here the input 
signal v, is applied directly to the positive input terminal of the op amp while one terminal o > 
/?, is connected to ground. 


2.3.1 The Closed-Loop Gain 

Analysis of the noninverting circuit to determine its closed-loop gain (v 0 / v } ) is illustrated 
in Fig. 2.13. Again the order of the steps in the analysis is indicated by circled numbers. 
Assuming that the op amp is ideal with infinite gain, a virtual short circuit exists between its 
two input terminals. Hence the difference input signal is 


v uj = — = 0 for A = °o 
A 

Thus the voltage at the inverting input terminal will be equal to that at the noninverting input 
terminal, which is the applied voltage v f . The current through R t can then be determined as 
V /R\< Because of the infinite input impedance of the op amp, this current will flow through 
R 2 , as shown in Fig. 2.13. Now the output voltage can be determined from 
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*2 



Figure 2.12 The noninverting configuration. 



Figure 2.13 Analysis of the noninverting circuit. The sequence of the steps in the analysis is indicated by 
the circled numbers. 


O 


/?, 


which yields 

l v, = ]+ 't (2 ' 9) 

Further insight into the operation of the noninverting configuration can be obtained by 
considering the tollowing: Since the current into the op-amp inverting input is zero, the cir¬ 
cuit composed of^ and R 2 acts in effect as a voltage divider feeding a fraction of the output 
voltage back to the inverting input terminal of the op amp; that is. 


f 


v t = v 


0 


R 


\R,+R, 


( 2 . 10 ) 


Then the infinite op amp gain and the resulting virtual short circuit between the two input termi- 
e cp amp forces this \ ullage to be equal to that applied at the positive input terminal; thus, 

f A 

Vo\ 


R t +Rr 


= v. 


which yields the gain expression given in Eq. (2 9) 

in Tf t0 I e,lec ' farther0n the action of negative feedback present 

d d, C ' rC °' , F ' g - r 12 ' Let ira - Such a change in n, will cause * to 

opTp HoleC ,n"' SP "n'r g y mCreaSe “ 3 reSU " ° f ,he (ideal| y ignite) gain of.he 

of the op amp through the (R R UotorHi'".?' 'tv! ^ ^ ^‘° ,he inverting in P ut terminal 
act the increase inT S T,® d ' V ' der The resu " ofthis feedback will be to counter- 

the increased value of v Th k *** T 2 ” 0, 3lbeU 3t 3 h ' sher value of v » that corresponds to 
name degenerative feedback 1 T ' 011 ° f negatlve feedba ck gives it the alternative 

decreases. A formal and detailed stu^o^dblck is primed m Chapter“h 13 "" "" * ’ 
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2.3.2 Effect of Finite Open-Loop Gain 

As we have done for the inverting configuration, we now consider the effect of the finite 
op-amp open-loop gain A on the gain of the noninverting configuration. Assuming the op amp 

to be ideal except for having a finite open-loop gain A, it can be shown that the closed-loop 
gain of the noninverting amplifier circuit of Fig. 2. 1 2 is given by 

~ v, - 7 i + (/?./«,) (2 - U) o 

I H-— 

A 

Observe that the denominator is identical to that for the case of the inverting configuration 
(Eq. 2.5). This is no coincidence; it is a result of the fact that both the inverting and the non¬ 
inverting configurations have the same feedback loop, which can be readily seen if the input 
signal source is eliminated (i.e., short-circuited). The numerators, however, are different, for 
the numerator gives the ideal or nominal closed-loop gain (-/?,//?, for the inverting con¬ 
figuration, and 1 + Rt/R] tor the noninverting configuration 1 . Finally, we note (with reas¬ 
surance) that the gain expression in Eq. (2.11) reduces to the ideal value for .4 = «. I n fact, it 
approximates the ideal value for 

> . , R 2 

A > 1 + — 

This is the same condition as in the inverting configuration, except that here the quantity on 
the right-hand side is the nominal closed-loop gain.The expressions for the actual and ideal 
values of the closed-loop gain G in Eqs. (2.1 1 ) and (2.9), respectively, can be used to deter¬ 
mine the percentage error in G resulting from the finite op-amp gain A as 

n . I + (Rj/R ]) 

Percent gain error -- 1 -x 100 (21^) 

1 + 1 +(R 1 /R ] ) ' 

Thus, as an example, if an op amp with an open-loop gain of 1 000 is used to design a nonin¬ 
verting amplifier with a nominal closed-loop gain of 10 , we would expect the closed-loop 
gain to be about 1 % below the nominal value. 

2.3.3 Input and Output Resistance 

The gain of the noninverting configuration is positive—hence the name noninverting. I’he 
input impedance of this closed-loop amplifier is ideally infinite, since no current Hows into 
the positive input terminal of the op amp. The output of the noninverting amplifier is taken 
at the terminals of the ideal voltage source A(v 2 - u,) (see the op-amp equivalent circuit in 
Fig. 2.3), thus the output resistance of the non inverting configuration is zero. 

2.3.4 The Voltage Follower 

The propei ty of high input impedance is a very desirable feature of the noninverting configura¬ 
tion. It enables using this circuit as a buffer amplifier to connect a source with a high imped¬ 
ance to a low-impedance load. We have discussed the need for buffer amplifiers in Section 1.5. 

In many applications the buffer amplifier is not required to provide any voltage gain; rather, it 
is used mainly as an impedance transformer or a power amplifier. In such cases we may make 
R, - 0 and = oo to obtain the unity-gain amplifier shown in Fig. 2.14(a). This circuit is 
commonly referred to as a voltage follower, since the output “follows” the input. In the ideal 
case, v 0 ~ v h R n = R t i = 0, and the follower has the equivalent circuit shown in Fig. 2.14(b). 
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I X v/ 



Figure 2.14 (a i The unity-gain bul fer or follower amplifier. (b) Its equivalent circuit model. 



7 


t _ 

i) 



Since in the voltage-follower circuit the entire output is fed back to the inverting input, 
the circuit is said to have 100% negative feedback. The infinite gain of the op amp then acts 
to make v ld = 0 and hence v n = ly Observe that the circuit is elegant in its simplicity! 

Since the noninverting configuration has a gain greater than or equal to unity, depending 
on the choice of some prefer to call it "a follower with gain.” 



2.9 Use the superposition principle to find the output voltage of the circuit shown in Fig. E2.9 

A ns. v 0 — 6v ] +4v 2 


2.10 


D2.11 


2.12 


V\ t> 



3 kii 


iJ 2 


Figure E2.9 


signalsource' 1" mlfs unemot,^ 'Tf" “ disconnected from ground and connected to a third 

Ans “ = 6 ^ 4 “ -X ' V ° ^ ' emiS ° f "" * and “ 3 - 

remfn" th^ voltoge^di videos "0 b'e 'i 0 nf" ^ A ‘ ma * imUm 0UtpUt volta S e ofl 0 V ^ur- 

Ans. 7?, -- /?, = 0.5 MQ 

3 oe.n-,o„p, = ,„^ .K.C„«d- 

•r , 1 . a “ %■ ’ “y <»' P*—* *•».» « 

For v,--lV, find in each case the voltage between ,h!f '• *" he CaSeS ^ = 1 0 5 . 10 4 , and 10 5 . 
Ans. -,o /o> _ 0 , % 0 , %; J_% b l'ZXZ° a“ S ° f 1,16 ° P amP - 
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2.13 


For the circuit in Fig. E2.13 find the values of i n r/j, / 2 , v c , i L , and i Q . Also find the voltage gain 
v 0 /vj, the current gain i L /i h and the power gain P L /P,. 

Ans. 0; 1 V; 1 mA; 1 mA; 10 V; 10 mA; 11 mA; 10 V/V (20 dB); oo 


it 


9 kn 

vw 



-o v 


o 


V, = 1 V 


1 kll 


Figure E2.13 

2.14 It is required ;o connect a transducer having an open-circuit voltage of I V and a source resistance 
oi i Mi2 to a load ol l-ki2 resistance. Find the load voltage il the connection is done (a) directly and 
(b) through a unity-gain voltage follower. 

Ans. (a) 1 mV; (b) 1 V 










2.4 Difference Amplifiers 

Having studied the two basic configurations of op-amp circuits together with some of their 
direct applications, we are now ready to consider a somewhat more involved but very 
important application. Specifically, we shall study the use oi op amps to design difference or 
differential amplifiers . 2 A difference amplifier is one that responds to the difference between 
the two signals applied at its input and ideally rejects signals that are common to the two 
inputs. The representation of signals in terms of their differential and common-mode com¬ 
ponents was given in Fig. 2.4. It is repeated here in Fig. 2.15 with slightly different symbols 
to serve as the input signals for the difference amplifiers we are about to design. Although 
ideally the difference amplifier will amplify only the differential input signal v u and reject 
completely the common-)node input signal v !im , practical circuits will have an ouiput voltage 
v 0 given by 


^ d^ld ~F ^emblem 


(2.13) 


where A d denotes the amplifier differential gain &ndA m denotes its common-mode gain (ide¬ 
ally zero). The efficacy of a differential amplifier is measured by the degree of its rejection 
of common-mode signals in preference to differential signals, This is usually quantified by a 
measure known as the common-mode rejection ratio (CMRR), defined as 


CMRR = 20 log 



(2.14) O 


y ^ 

I lie terms difference and differential are usually used to describe somewhat different amplifier types. 
For our purposes at this point, the distinction is not sufficiently significant. We will be more precise near 
the end of this section. 
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Figure 2.15 Representing the input signals to a 
differential amplifier in terms oi their differential 
and common-mode components. 


The need for difference amplifiers arises frequently in the design of electronic systems, espe¬ 
cially those employed in instrumentation. As a common exau'j'le, consider a transducer pro¬ 
viding a small (e.g., 1 mV) signal between its two output terminals while each oi the two 
wires leading from the transducer terminals to the measuring instrument may have a large 
interference signal (e.g., 1 V) relative to the circuit ground. The instrument front end obvi¬ 
ously needs a difference amplifier. 

Before we proceed any further we should address a question that the reader might have: 
The op amp is itself a difference amplifier; why not just use an op amp .’ The answer is that 
the very high (ideally infinite) gain of the op amp makes it impossible to use by itself Rather, 
as we did before, we have to devise an appropriate feedback network to connect to the op 
amp to create a circuit whose closed-loop gain is finite, predictable, and stable. 

2.4.1 A Single-Op-Amp Difference Amplifier 

Our first attempt at designing a difference amplifier is motivated by the observation that the 

gain of the noninverting amplifier configuration is positive, (1 + R 2 /R ] ), while that of the 

inverting configuration is negative, (—R 2 /R\). Combining the two configurations together is 

then a step in the right direction— namely, getting the difference between two input signals. 

Of course, we have to make the two gain magnitudes equal in order to reject common-mode 

signals. This, however, can be easily achieved by attenuating the positive input signal to 

reduce the gain of the positive path from (I + R 2 /R,) to (R 2 /R ,). The resulting circuit 

would then look like that shown in Fig. 2.16, where the attenuation in the positive input path 

is achieved by the voltage divider [R„ Rj. The proper ratio of this voltage divider can he 
determined from 


which can be put in the form 





I 


*4 

r 4 + r } 

This condition is satisfied by selecting 



*2 

R 2 + R] 


h 


(2.15) 
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v 


1 1 


V 12 



Figure 2.16 A difference amplifier. 


This completes our work. However, we have perhaps proceeded a little too fast! Let’s step 
back and verify that the circuit in Fig. 2.16 with R } and R, selected according to Eq. (2.15) 
does in fact function as a difference amplifier. Specifically, we wish to determine the output 
voltage v (} in terms of v n and v n . Toward that end, we observe that the circuit is linear, and 
thus we can use superposition. 

To apply superposition, we first reduce v n to zero—that is, ground the terminal to 
which v a is applied—and then find the corresponding output voltage, which will be due 
entirely to v IV We denote this output voltage v ov Its value may be found from the circuit in 
Fig. 2.17(a), which we recognize as that of the inverting configuration. The existence of R } 
and R a does not affect the gain expression, since no current flows through either of them. 
Thus, 



Next, we reduce v n to zero and evaluate the corresponding output voltage v OI . The circuit 
will now take the form shown in Fig. 2.17(b), which we recognize as the noninverting con¬ 
figuration with an additional voltage divider, made up of R , and R v connected to the input 
v n . The output voltage v a2 is therefore given by 





tf 3 + /? 4 





where we have utilized Eq. (2.15). 

The superposition principle tells us that the output voltage v a is equal to the sum of v m 
and v m . Thus we have 



Thus, as expected, the circuit acts as a difference amplifier with a differential gain A tj of 




(2.17) 


Of course this is predicated on the op amp being ideal and furthermore on the selection of R } 
and R 4 so that their ratio matches that of /?, and /?, (Eq. 2.15). To make this matching 
requirement a little easier to satisfy, we usually select 
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Figure 2,17 Application of superposition to the analysis ot the circuit ot Fig. 2.16. 


Rj = R } and R 4 = R 2 

Let’s next consider the circuit with only a common-mode signal applied at the input, as 
shown in Fig. 2.18. The figure also shows some of the analysis steps. Thus, 


/. = 






R 4 


cm 


R. + R 


Vi 


cm 


R 


= v, 


3 


1 


cm 


R »+ R i R 


3 iV t 


The output voltage can now be found from 


(2.18) 


R 


V 0 = 


R 4 + r 3 


V}cm - hR 


Substituting i 2 = /, and for /, from Eq. (2.18), 


v 0 


R 4 , R 2 R 3 

* 4 + v '™ ~ t rT+r 


Vfcm 


r 4 


Thus, 


Ra + R 


- 1 - 


3 


I “4 

Ri Rt 

X, R 4 


3 


V 


hm 


^ cm ~ 


v O 


r 4 \ 


v 


1cm 


Ra + R 


1 - 




for the design with the resistor ratios selected according 


R 2 Rj 


(2.19) 


to Eq. (2.15), we obtain 


Aar, = 0 


nonzero, 


and hence CMRR ^ ' ha ‘ miSmatCh “ lhe reS ' Stance ratios « make 4 

to have a highlnpuTresiltonceTo 0 ^ S ' 8nalS ’ * difference amplifier is usually required 

put resistance. To find the input resistance between the two input terminals 
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Figure 2.18 Analysis of the difference amplifier to determine its common-mode gain A cm = v 0 /v icm . 


(i.e., the resistance seen by u w ), called the differential input resistance R idi consider Fig. 2.19. 
Here we have assumed that the resistors are selected so that 


/?$ = /?! and R 4 = R 2 

Now 




Since the two input terminals of the op amp track each other in potential, we may write a 
loop equation and obtain 


v id - R]i/ + 0 + R } i, 


Thus, 


R id = 2 R 


(2.20) O 


Note that if the amplifier is required to have a large differential gain ( R 2 /R t ), then /?, ol 
necessity will be relatively small and the input resistance will be correspondingly low, a 
drawback oI this circuit. Another drawback of the circuit is that it is not easy to vary the dif¬ 
ferential gain of the amplifier. Both of these drawbacks are overcome in the instrumentation 
amplifier discussed next. 



Figure 2.19 Finding the input resis¬ 
tance of the difference amplifier for 
the case /? ; = /?, and /? 4 = R 2 . 
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, ,C ronsider the difference-amplifier circuit of Fig. 2.16 for the case R, = : 2 kfl and R 2 - R t - 

200 k£l (a) Find the value of the differential gam A d . .b) Find the vatu f 

resistance R, and the output resistance R„. (c) If the resistors have I o tolerance ( i.e.. cac be 
within ±1% of its nominal value), use Eq. (2.19) to find the worst-case common-mode gain A cm 

and hence the corresponding value ot CMRR, 

Ans. (a) 100 V/V (40 dB); (b) 4 kQ, 0 Q\ (c) 0.04 V/V, 68 dB 

02.16 Find values for the resistances in the circuit of Fig. 2.16 so that the circuit behaves as a difference 

amplifier with an input resistance of 20 kQ and a gain ot 10. 

Ans. /?,=/?, = 10 kQ;lOOkQ 




2.4.2 A Superior Circuit—The Instrumentation Amplifier 

I lie low-input-resistance problem ot the difference amplifier of Fig. 2,16 can be solved by using 
voltage followers to buffer the two input terminals; that is, a voltage follower of the type in Fig. 2.14 
is connected between each input terminal and the corresponding input terminal of the difference 
amplifier. However, if we are going to use two additional op amps, we should ask the question: Can 
we get more from them than just impedance buffering? An obvious answer would be that we 
should iry to get some voltage gain. It is especially interesting that we can achieve this without com¬ 
promising the high input resistance simply by using followers with gain rather than unity-gain fol¬ 
lowers. Achieving some or indeed the bulk of the required gain in this new' first stage of the 


v n o 


l'l2 O 



«Initial approach «o the circuit (b) The 
together. This simple wiring chanee Hramati n Un removc ^ an( l the two resistors R and R t lumped 

(b) assuming ideal op amps dramat ‘cally improves performance, (c) Analysis of the circuit in 
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Figure 2.20 (Continued) 


differential amplifier cases the burden on the difference amplifier in the second stage, leaving it to 
its main task of implementing the differencing function and thus rejecting common-mode signals. 

The resulting circuit is shown in Fig. 2.20(a). It consists of two stages in cascade. The first 
stage is formed by op amps A { and .4, and their associated resistors, and the second stage is the 
by-now-familiar difference amplifier formed by op amp A, and its four associated resistors. 
Observe that as we set out to do, each of /l, and A 2 is connected in the noninverting coniigura- 
tion and thus realizes a gain of (I + R 2 //?,). It follows that each of v n and v n is amplified by 
this factor, and the resulting amplified signals appear at the outputs ot A t and.T, respectively. 

The difference amplifier in the second stage operates on the difference signal 
(1 + Ri/R a ){v, 2 - v n )= (1 + R 2 /R x )v ld and provides at its output 



thus the differential gain realized is 
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The common-mode gain will be zero because of the differencing action of the second-stage 

amP The circuit in Fig. 2.20(a) has the advantage of very high (ideally infinite) input resis¬ 
tance and hish differential gain. Also, provided A , and A 2 and their corresponding resistors 
are matched, the two signal paths are symmetric—a definite advantage in the design ot a d.f- 
ferential amplifier. The circuit, however, has three major disadvantages: 

1. The input common-mode signal v km is amplified in the fast '••tact. I>> a gain vqu il lu 
that experienced by the differential signal v }d . This is a very serious issue, for it could 
result in the signals at the outputs of/1, and ,4, being of such large magnitudes that the 
op amps saturate {more on op-amp saturation in Section 2.8). But even if the op amps 
do not saturate, the difference amplifier of the second stage will now have to deal 
with much larger common-mode signals, with the result that the CMRR of the overall 
amplifier will inevitably be reduced. 

2. The two amplifier channels in the first stage have to be perfectly matched, otherwise 
a spurious signal may appear between their two outputs. Such a signal would get 
amplified by the difference amplifier in the second stage. 

3. To vary the differential gain A d , two resistors have to be varied simultaneously, say 
the two resistors labeled R v At each gain setting the two resistors have to be perfectly 
matched: a difficult task. 



AM three problems can be solved with a very simple wiring change: Simply disconnect the 
node between the two resistors labeled /?,, node X, from ground. The circuit with this small 
but functionally profound change is redrawn in Fig. 2.20(b), where we have lumped the two 
resistors (/?, and /?,) together into a single resistor (2/?,). 

Analysis ot the circuit in Fig. 2.20(b), assuming ideal op amps, is straightforward, as is 
illustrated in Fig. 2.20(c). The key point is that the virtual short circuits at the inputs of op 
amps Aj and A 2 cause the input voltages v n and v n to appear at the two terminals of resistor 
{2tf,). Thus the differential input voltage v a - v n = v id appears across 2R i and causes a current 

I = v ld /2R x to flow through 2R X and the two resistors labeled R 2 . This current in turn pro¬ 
duces a voltage difference between the output terminals of/f, and A , given by 


_ fy 1R i\ 

%2 - v 0 \ - (1 +jj-j Vfd 

The difference amplifier formed by op amp A 3 and its associated resistors 
inerence {v m - v ox ) and provides a proportional output voltage v it : 


senses the voltage 




Thus the overall differential voltage 


-gain is given by 


Observe that proper differential 
labeled R 2 . Indeed, if one of the 
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id 


R 

R 


41 . 


I + 


V 


( 2 . 22 ) 


two ic nfiTff 5 n<>t ^ e ^ enc ^ on mat ching of the two resistors 

i erent value, say /? 2 , the expression for A . becomes 



(2.23) 
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Consider next what happens when tne two input terminals are connected together to a common¬ 
mode input voltage v km . It is easy to see that an equal voltage appears at the negative input terminals 
of A, and A 2 , causing the current through 2 R t to be zero. I hus there will be no current flowing in the 
R 2 resistors, and the voltages at the output terminals ofA x and A 2 will be equal to the input (i.e., v hm ). 
Thus the first stage no longer amplifies v lcm ; it simply propagates v km to its two output terminals, 
where they are subtracted to produce a zero common-mode output by A y The difference amplifier 
in the second stage, however, now has a much improved situation at its input: The difference signal 
has been amplified by (1 + R 2 /R } while the common-mode voltage remained unchanged. 

Finally, we observe from the expression in Eq. (2.22) that the gain can be varied by 
changing only one resistor, 2 R v We conclude that this is an excellent differential amplifier 
circuit and is widely employed as an instrumentation amplifier; that is, as the input amplifier 
used in a variety of electronic instruments. 




Example 2.3 




Design the instrumentation amplifier circuit in Fig. 2.20(b) to provide a gain that can be varied over 
the range o> 2 to I.OOt utilizing a 100-kQ variable resistance (a potentiometer, or "pot” for short). 

Solution 


It is usually preferable to obtain all the required gain in the first stage, leaving the second stage to 
perform the task of taking the difference between the outputs of the first stage and thereby rejecting the 
common-mode signal. In other words, the second stage is usually designed for a gain of 1. Adopting 
this approach, we select aft the second-stage resistors to be equal to a practically convenient value, 
say 10 kii. The problem then reduces to designing the first stage to realize a gain adjustable over the 
range of 2 to 1000. Implementing 2 R } as the series combination o ! a fixed resistor R x and the vari¬ 
able resistor R } obtained using the 100-kU pot (Fig. 2.21), we can write 


Thus, 



1 + 


2 R 


R\f + R i„ 


2 to 1000 


2 R 

I +2-^ = 1000 
Ru 


2R 2 

+ R ]f + 100 kQ “ 

These two equations yield /?,, = 100.2 T2 and /?, = 50.0 1 kff Other practical values may be 
selected; for instance, R lt = 100 Q and R , = 49.9 kO (both values are available as standard 1%- 

’ I; 2, 

tolerance metal-film resistors; see Appendix H) results in a gain covering approximately the 
required range. 




Figure 2.21 To make the gain of the circuit in Fig. 2.20(b) variable, 2R, is 
implemented as the series combination oi a fixed resistor R u and a variable 
resistor R t , Resistor R u ensures that the maximum available gain is limited. 
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2.17 Consider the instrumentation amplifier of Fig. 2.20( b) with a common-mode input voltage: of+5 V 
(dc) and a differential input signal of 10-tnV-peak sine wave. Let (2tf,) - 1 kil, K : - U._ Mi2, and 

= R = 10 kil. Find the voltage at every node in the circuit. 

Ans. v n = 5- 0.005 sin cot\ % = 5 + 0.005 sin cov. v (op amp 4 ,) = 5 - 0.005 sin mt, v (op amp 
q.) = 5+ 0.005 sin cor, v 0i = 5 - 5.005 sin cot: ife=5+5.005 sin mi: v (4<) = v* M,) - 2.5 + 2.5025 

sin cot\ v n - 10.01 sin cot (all in volts) 



2.5 Integrators and Differentiators 

The op-amp circuit applications we have studied thus tar utilized resistors in the op-amp 
feedback path and in connecting the signal source to the circuit, that is, in the feed-in path. 
As a result, circuit operation has been (ideally) independent of frequency. By allowing the 
use of capacitors together with resistors in the feedback and feed-in paths of op-amp cir¬ 
cuits, vve open the door to a very wide range of useful and exciting applications of the op 
amp. We begin our study of op-amp-4?C circuits by considering two basic applications, 
namely, signal integrators and differentiators. 


2.5,1 The Inverting Configuration with General Impedances 

To begin with, consider the inverting closed-loop configuration with impedances Z,(s) and 

Z z {s) replacing resistors R { and /?,. respectively. The resulting circuit is shown in Fig. 2.22 

and. for an ideal op amp, has the closed-loop gain or, more appropriately, the closed-loop 
transfer function 



Kis) _ Z : (s) 

y,(s) Z,(5) 



As explained in Section 1.6, replacing s by jm provides the transfer function tor physical fre¬ 
quen cies tp, that is. the transmission magnitude and phase for a sinusoidal input' signal of 






X 


Figure 2.22 The inverting configuration with general imnedan ■ . , 

■mgeneral impedances in the feedback and the teed-in paths. 
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For the circuit in Fig. 2.23, derive an expression for the transfer function VjsyV^s). Show' that the 
transfer function is that of a low-pass STC circuit. By expressing the transfer function in the stan¬ 
dard form shown in Table 1.2 on page 34, find the dc gain and the 3-dB frequency. Design the circuit 
to obtain a dc gain of 40 dB, a 3-dB frequency of I kHz, and an input resistance of 1 kf2. At what fre¬ 
quency does the magnitude of transmission become unity? What is the phase angle at this 
frequency? 



Figure 2.23 Circuit for Example 2.4. 


Solution 

To obtain the transfer function of the circuit in Fig. 2.23, vve substitute in Eq. (2.24), Z, = R , and 
Z 2 - /? 2 ||( 1AC\). Since Z 2 is the parallel connection of two components, it is more convenient to 
work in terms of 1 2 ; that is, we use the following alternative form of the transfer function; 

K( s ) _ 1 

Vi(s) Z ] {s)Y 2 {s) 

and substitute Z, = /?, and T : (s) = (l//? 2 )+ sC 2 to obtain 

KM) = i 

VAs ) R, 

' —- + sCjR i 

R 2 “ 1 

This transfer function is of first order, has a finite dc gain (at s = 0, V ( /K = ~R 2 /R { ), and has zero 
gain at infinite frequency. 1’hus it is the transfer function of a low-pass STC network and can be 
expressed in the standard form of Table 1.2 as follows: 

l^(s) _ —R 2 /R\ 

Vji s ) 1 + sC 2 /?2 


from which we find the dc gain K to be 
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Example 2.4 continued 
and the 3-dB frequency a) 0 as 

We could have found all this from the circuit in Fig. 2.23 by inspection. Specifically, note that the 
capacitor behaves as an open circuit at dc; thus at dc the gain is simply {-R 2 /R x ). Furthermore, 
because there is a virtual ground at the inverting input terminal, the resistance seen by the capacitor 

is R ,, and thus the time constant of the STC network is C 2 R 7 . 

Now to obtain a dc gain ot 4* 1 dB, that is, 100 V/V, we select R 2 /R i — 100- For an input resis¬ 
tance of l kfX we select /?! — 1 and thus /?-. — 100 kf2. Finally, for a 3-dB frequency — 1 kHz, 
we select C, from 


2 k x 1 x !0 3 = -- 

C 2 x 100 x 10' 


which yields C 2 = 1.59 nF. 

The circuit has gain and phase Bode plots of the standard form in Fig. 1.23. As the gain falls off at the 
rate of-20 dB/decade, it will reach 0 dB in two decades, that is, at / = 100/J = 100 kHz. As Fig. 
1.23(b) indicates, at such a frequency which is much greater than/,, the phase is approximately -90°. 
To this, however, we must add the 180° arising from the inverting nature of the amplifier (i.e., the 

negative sign in the transfer function expression). Thus at 100 kHz, the total phase shift will be -270° 
or, equivalently, +90°. 


2.5.2 The Inverting Integrator 

By placing a capacitor in the feedback path (i.e., in place of Z, in Fig. 2.22) and a resistor at 

ll,e in P m ,in P lace of z iX we obtain the circuit of Fig. 2.24(a). We shall now show that this 
urcuit realizes the mathematical operation of integration. Let the input be a time-varying 

function «,(/). The virtual ground at the inverting op-amp input causes v,(l) to appear in 
effect across R, and thus the current (,(/) will be v,(t)/R. This current nows through the 
capaator C, causing charge to accumulate on C. If we assume that the circuit begins opera- 
ion at time t - 0, then at an arbitrary time / the current /,(/) will have deposited on C a 

.h^T,' 0 Tllus ttle ca P a oitor voltage v<(/) will change by - ['/. t dt If 

the initial voltage on C(at/ = 0) is denoted K . then ' 1 ' 


I f 

VcU) = V c +~ j 


Now the output voltage v 0 {t) = -vJt)\ thus, 


o 


v 0 {t) = - 


CR 


t 

I* v f (t)dt 

J o 


v 

v c 


(2.25) 


input, with V ( bein^theTnWaUondit V ° lta f 6 ^ ' S proponional t0 the lime integral of the 

Note that, as expend'there is a n ' megrati0n C * the in ‘W time constant 

■ there ,s a negative sign attached to the output voltage, and thus this 
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Vi 



Vn(t) = “ 


CR J 


Vji t) dt V c 


0 


Yo 

V; 


sCR 



oj (log scale) 


(b) 


Figure 2.24 (a) The Miller or inverting integrator, (b) Frequency response of the integrator. 


integrator circuit is said to be an inverting integrator. It is also known as a Miller integra¬ 
tor after an early worker in this field. 

The operation of the integrator circuit can be described alternatively in the frequency 
domain by substituting Z,(s) = R and Z 2 (.v) - \/sC in Eq. (2.24) to obtain the transfer 
function 


KM 

Vi(s) 

For physical frequencies, s = jco and 

KUa) 

ViijCO) 


1 

sCR 


1 

jcoCR 


Thus the integrator transfer function has magnitude 


V 

f o 

v 


i 


(OCR 


(2.26) O 


(2.27) A 


(2.28) O 
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and phase 


(ft — +90 


O 



rhe Bode plot for the integrator magnitude response can be obtained by noting from Eq. (2.28) 
ha. as co doubles (increases by an octave, the magnitude ,s halved (decreased by 6 dB) 
rhus the Bode plot is a straight line of slope -6 dB/oc.ave (or equivalently -20 dB/ 
iecade). This line (shown in Fig. 2.24b) intercepts the 0-dB line at the frequency that makes 

V/V = I, which from Eq. (2.28) is 



(2.30) 


The frequency 0 ) jn , is known as the integrator frequency and is simply the inverse of the 
integrator time constant. 

Comparison of the frequency response of the integrator to that of an STC low-pass net¬ 
work indicates that the integrator behaves as a low-pass filter with a comer frequency of zero. 
Observe also that at (0 = 0, the magnitude of the integrator transfer function is infinite. This 
indicates that at dc the op amp is operating with an open loop. fhis should also be obvious 
from the integrator circuit itself. Reference to Fig. 2.24(a) shows that the feedback element is 
a capacitor, and thus at dc, where the capacitor behaves as an open circuit, there is no nega¬ 
tive feedback! This is a very significant observation and one that indicates a source of prob¬ 
lems with the integrator circuit: Any tiny dc component in the input signal will theoretically 
produce an infinite output. Of course, no infinite output voltage results in practice; rather, the 
output of the amplifier saturates at a voltage close to the op-amp positive or negative 
power supply (L + or L_) y depending on the polarity of the input dc signal. 

The dc problem of the integrator circuit can be alleviated by connecting a resistor R F 
across the integrator capacitor C, as shown in Fig. 2.25 and thus the gain at dc will be R h !R 
rather than infinite. Such a resistor provides a dc feedback path. Unfortunately, however, the 
integration is no longer ideal, and ! he lower ihe value of R F , the less ideal the integrator circuit 
becomes. This is because R F causes the frequency of the integrator pole to move from its ideal 
location at co= 0 to one determined by the comer frequency of the STC network (R F , C). Spe¬ 
cifically, the integrator transfer function becomes 


Vq{s) = 

Y,(s) 1 +sCR f 


r 



gure 2,25 The Miller integrator with a large resistance R F 

onnecte in parallel with C in order to provide negative feed¬ 
back and hence finite gain at dc. 
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as opposed to the ideal function of -\/sCR. The lower the value we select for /?,, the 
higher the comer frequency (1/C/? F ) will be and the more nonideal the integrator 
becomes. Thus selecting a value for R F presents the designer with a trade-off between dc 
performance and signal performance. The effect of R F on integrator performance is investi¬ 
gated further in the Example 2.5. 


Example 2.5 _ 


Find the output produced by a Miller integrator in response to an input pulse of 1-V height and 1-ms 
width [Fig. 2.26(a)]. Let R — 10 kfi and C= 10 nF. If the integrator capacitor is shunted by a 1-MQ 
resistor, how will the response be modified? The op amp is specified to saturate at ±13 V. 

Solution 


In response to a 1-V, 1-ms input pulse, the integrator output will be 



0</< 1 ms 


where we have assumed that the initial voltage on the integrator capacitor is 0. For C = 10 nF and 
R = 10 kfi, CR — 0.1 ms, and 


v o (t)=—\0t f 0 < /< 1 ms 

which is the linear ramp shown in Fig. 2.26(b). It reaches a magnitude of-10 V at t = 1 ms and 
remains constant thereafter. 

That the output is a linear ramp should also be obvious rom the fact that the 1-V input pulse 
produces a constant current through the capacitor of 1 V/10 k£2 = 0.1 mA. This constant current 
/= 0.1 mA supplies the capacitor with a charge //, and thus the capacitor voltage changes linearly 
as (/r/C), resulting in v Q - -( I/C)t . it is worth remembering that charging a capacitor with a 
constant current produces a linear voltage across it. 

Next consider the situation with resistor R F = 1 MQ connected across C. As before, the 1-V 
pulse will provide a constant current / = 0.1 mA. Now, however, this current is supplied to an STC 
network composed of R F in parallel with C. Thus, the output will be an exponential heading toward 
-100 V with a time constant of CR f ,.= 10 X 10' 9 X 1 X 10"= 10 ms, 

v Q (t) = -100(1 -€~ ,/]0 ) y 0</< 1 ms 

Of course, the exponential will be interrupted at the end of the pulse, that is, at t = 1 ms, and the out¬ 
put will reach the value 

v 0 { 1 ms) = -100(1 -e 1/l0 ) = -9.5 V 

The output waveform is shown in Fig. 2.26(c), from which we see that including ^causes the ramp to 
be slightly rounded such that the output reaches only —9.5 V, 0.5 V short ol the ideal value of -10 V, 
Furthermore, for t > 1 ms, the capacitor discharges through R h with the relatively long time-constant of 
10 ms. Finally, w'e note that op amp saturation, specified to occur at ± 13 V, has no eftect on the opera¬ 
tion of this circuit. 
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Example 2.5 continued 

A 


1 V 



0 




0 


1 ms 


(a) 


t 



t 


t 


stant'ofOJ^ns. 


con- 


in providing trimlSTwlvef^ in re^^^'* 81 * 011 ° f in,egrators > namel >'' ,heir use 
explored in Exercise 2 1 X Inw u ^ t0 s ^ uare_wav ^ inputs. This application is 

design of filters (Chapter 16) 8 ° rS ma " y 0ther a PP licat '°ns, including their use in the 
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2.5.3 The Op-Amp Differentiator 


Interchanging the location of the capacitor and the resistor of the integrator circuit 
results in the circuit in Fig. 2.27(a), which performs the mathematical function of differ¬ 
entiation. To sec how this comes about, let the input be the time-varying function vj(t) 
and note that the virtual ground at the m\citing input terminal of the op amp causes 
Vj{t ) to appear in effect across the capacitor C. Thus the current through C will be 

Cidv/dt), and this cum m Mows through the feedback resistor R providing at the 
op-amp output a voltage v 0 (t). 



(2.31) 






I IIV* uauoiu JunvitUil 

tuting in Eq. (2.24), Zj($) = 1/sC and Z 2 (s) = R to obtain 












K(s) 

VM 


= -sCR 


(2.32) 


which for physical i requeneies s ~ jco yields 


K(jco) 

VAjco) 


= -j ojCR 




y CR 


(2.33) 


o 

o 

o 


(b) 

Figure 2.27 (a) A differentiator, (b) Frequency response of a differentiator with a time-constant C R. 
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o 

o 


Thus the transfer function has magnitude 



and phase 



(-34) 


(2.35) 


The Bode plot of the magnitude response can be found from Eq. (2.34) by noting that tor an 
octave increase in CO, the magnitude doubles (increases by 6 dB). Thus the plot is simply a 
straight line of slope +6 dB/octave (or, equivalently, +20 dB/decade) intersecting the 0-df-i 
line (where I V 0 / V, ; | = 1) at co = 1 /CR, where CR is the differentiator time-constant [see 


v 


Fig. 2.27(b)]. 

The frequency response of the differentiator can be thought of as that of an STC highpass 
filter with a corner frequency at infinity (refer to Fig. 1.24). Finally, we should note that the 
ery nature of a differentiator circuit causes it to be a “noise magnifier.’' This is due to the 
spike introduced at the output every time there is a sharp change in v/t); such a change 
could be interference coupled electromagnetically (“picked up") from adjacent signal 
sources. For this reason and because they suffer from stability problems (Chapter 10), differ¬ 
entiator circuits are generally avoided in practice. When the circuit of Fig. 2.27(a) is used, it 
is usually necessary to connect a small-valued resistor in series with the capacitor. This 
modification, unfortunately, turns the circuit into a non ideal differentiator. 



2.T8 Consider a symmetrical square wave of 20-V peak-to-peak, 0 average, and 2-ms period applied 
to a Mi ller integrator. Find the value of the time constant C R such that the triangular waveform at 
the output has a 20-V peak-to-peak amplitude. 

Arts, 0.5 ms 


D2.20 


D2.19 


Use an ideal op amp to design an inverting integrator with an input resistance of 10 kQ and an 
integration time constant of 10 s. What is the gain magnitude and phase angle of this circuit at 
10 rad/s and at 1 rad/s? What is the frequency at which the gain magnitude is unity? 

“ ! 0 J+'C °1 4F; at m = 10 rad/s: \ V ° /V i\ = 100 V/V and $= +90°; at co= 1 rad/s: 

| V Q / V;\ = 1,000 V/V and </> = +90°; 1000 rad/s 

Design a differentiator to have a time constant of IQ's and an input capacitance of 0 01 uF What 
hig/freTue^vT fl? P H hl 7 01 ,hiS drCUil a ' 10 rad/S ’ and at l0 ’ rad/s? 0f der to limit the 

i ' 01m “" ■**' ‘ ■*“ a «"'• ■“ »• * 




2.6 DC Imperfections 

cussion ‘° be idea1 ' The on| y exception has been a brief dis- 

noninverting configurations Althm h' • gam ^ ° n the closed ' loo P gain of the inverting and 

gurations. Although ,n many applications the assumption of an ideal op 
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amp is not a bad one, a circuit designer has to be thoroughly familiar with the characteristics 
of practical op amps and the effects of such characteristics on the performance of op-amp cir¬ 
cuits. Only then will the designer be able to use the op amp intelligently, especially if the 
application at hand is not a straightforward one. The nonideal properties of op amps will, ol 
course, limit the range of operation of the circuits analyzed in the previous examples. 

In this and the two sections that follow', we consider some of the important nonideal 

properties ot the op amp. \\ e do this by treating one nomdeali v at a time, beginning in this 
section with the dc problems to which op amps are susceptible. 

2.6.1 Offset Voltage 

Because op amps are direct-coupled devices with large gains at dc, they are prone to dc 
problems. The first such problem is the dc offset voltage. Po understand this problem con¬ 
sider the following conceptual experiment: If the two input terminals of the op amp are tied 
together and connected to ground, it will be found that despite the fact that v ld = 0, a finite dc 
voltage exists at the output. In fact, il the op amp has a high dc gain, the output will be at 
either the positive or negative saturation level. The op-amp output can be brought back to its 
ideal value ot 0 V by connecting a dc voltage source ot appropriate polarity and magnitude 
between the two input terminals of the op amp. This external source balances out the input 
offset voltage of the op amp. It follows that the input offset voltage (E (S ) must be of equal 
magnitude and of opposite polarity to the voltage we applied externally. 

The input offset voltage arises as a result of the unavoidable mismatches Present in the input 
differential stage inside the op amp. In later chapters (in particular Chapters 8 and 12) we shall 
study this topic in detail. I lere, however, our concern is to investigate the effect of V os on the oper¬ 
ation of closed-loop op-amp circuits. Toward that end, we note that general-purpose op amps 
exhibit V os in tl ie range o:t 1 mV to 5 mV. Also, the value of l ’ )S depends on temperature. The op 
amp data sheets usually specify typical and maximum values for V os at room temperature as well 
as the temperature coefficient ot V ()S (usually in pV/ C). They do not, however, specify the 
polarity ol V os because the component mismatches that give rise to V os are obviously not known a 
priori; di iferent units of the same op-amp type may exhibit either a positive or a negative V os . 

To analyze the effect of V os on the operation of op-amp circuits, we need a circuit model 
tor the op amp with input ol 'set voltage. Such a model is shown in Fig. 2.28. It consists of a 


Actual op amp 


1 o- 


2 o 



3 


Offset-free op amp 


Figure 2.28 Circuit model for an op amp with 
input offset voltage V os . 


‘We should note that real op amps have non ideal effects additional to those discussed in this chapter. 
These include finite (nonzero) common-mode gain or, equivalently, noninfinite CMRR, nonintmite 
mput resistance, and nonzero output resistance. The effect of these, however, on the performance of 
most ot the closed-loop circuits studied here is not very' significant, and their study will be postponed 
to later chapters (in particular Chapters 8, 9, and 12). 
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dc source of value V os placed in series with the positive input lead of an offset-tree 
tl. fnr this model follows from the description above. 


op amp, 



7 21 i i se t u e m0( i e i 0 f Fig. 2.28 to sketch the transter characteristic v 0 \ersu ld ( o 3 « - 

2.21 Use the moaei oi rig _ 1Q 4 v/v output saturation levels of ±10 V, and 

V ) of an op amp having an open-loop dc gain a q - iu v/v, output 


'1 

Ans 0 ' SeeTm. E2.21. Observe that true to its name, the input offset voltage causes an offset in the 
voltage-transfer characteristic; rather than passing through the origin it is if ■» shilled u > the left by V os . 



Figure E2.21 Transfer characteristic of an op amp with V os = 5 mV. 



Analysis of op-amp circuits to determine the effect of the op-amp V os on their perfor¬ 
mance is straightforward: The input voltage signal source is short-circuited and the op 
amp is replaced with the model of Fig. 2.28. (Eliminating the input signal, done to sim¬ 
plify matters, is based on the principle of superposition.) Following this procedure, we 
that both the inverting and the noninverting amplifier configurations result in the 

to*be ClrCU1 *’ s ^ own ' n ^’8- 2.29, from which the output dc voltage due to V os is found 




(2.36) 


with a closed-loop gain of 10Of) 3 T ^ mStanCe ’ a ^inverting amplify 

offset voltage will have h ’ w en constructe d trom an op amp with a 5-mV inpi 

Of v x ) rather than the ideaUalue^fO Nuw +5 h _5 V (depending on the polarit 

* ^ ow > when an input signal is applied to th 
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R a 





Figure 2.29 Evaluating the output dc offset voltage due to V os in a closed-loop amplifier. 



Figure 2.30 1 he output dc offset voltage of an op amp can be trimmed to zero by connecting a 
potentiometer to the two offset-nulling terminals. The wiper of the potentiometer is connected to the 
negative supply of the op amp. 

amplifier, the corresponding signal output will be superimposed on the 5-V dc. Obvi¬ 
ously then, the allowable signal swing at the output will be reduced. Even worse, if the 

signal to be amplified is dc, we would not know whether the output is due to V os or to the 
signal! 

Some op amps are provided with two additional terminals to which a specified circuit 
can be connected to trim to zero the output dc voltage due to V os . Figure 2.30 shows such 
an arrangement that is typically used with general-purpose op amps. A potentiometer is 
connected between the offset-nulling terminals with the wiper of the potentiometer con¬ 
nected to the op-amp negative supply. Moving the potentiometer wiper introduces an 

imbalance that counteracts the asymmetry present in the internal op-amp circuitry and that 

* . 

gives rise to V os . We shall return to this point in the context ol our study of the internal cir¬ 
cuitry of op amps in Chapter 12. It should be noted, however, that even though the dc out¬ 
put offset can be trimmed to zero, the problem remains of the variation (or drift) of V os 
with temperature. 

One way to overcome the dc offset problem is by capacitively coupling the amplifier, 
fhis, however, will be possible only in applications where the closed-loop amplifier is not 
required to amplify dc or very-low-frequency signals. Figure 2.31(a) shows a capacitively 
coupled amplifier. Because of its infinite impedance at dc, the coupling capacitor will cause 
the gain to be zero at dc. As a result the equivalent circuit for determining the dc output 
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Figure 2.31 (a) A capacitively coupled inverting amplifier, (b) 
dc output offset voltage V 0 . 


r he equivalent circuit for determining its 


voltage resulting from the op-amp input offset voltage V os will be that shown in Fig. 2.31(b). 
Thus V sees in effect a unity-gain voltage follower, and the dc output voltage V 0 will be 
equal toV os rather than V os ( 1 + * 2 /*,), which is the case without the coupling capacitor. 
As far as input signals are concerned, the coupling capacitor ( forms together with R\ an STC 
hich-pass circuit with a comer frequency of 6) 0 - 1 / CR j. Thus the gain of the capacitively 
coupled amplifier will fall off at the low-frequency end [from a magnitude of (1 + R 2 /R ] ) at 
high frequencies! and will be 3 dB down at 



2.22 Consider an inverting amplifier with a nominal gain of 1000 constructed from an op amp with an 
input offset voltage of 3 mV and with output saturation levels of ±10 V. (a) What is (approximately) 
the peak sine-wave input signal that can be applied without output clipping? (b) If the effect of V os 
is nulled at room temperature (25 C ). how large an input can one now apply if: (i) the circuit is to 
operate at a constant temperature? 1 ii) the circuit is to operate at a temperature in the range 0°( to 
75T and the temperature coefficient of V os is 10 pV/°C? 


Ans. (a) 7 mV; (b) 10 mV, 9.5 mV 


2.23 


Consider the same amplifier as in Exercise 2.22—that is, an inverting amplifier with a nominal gain 
of 1000 constructed from an op amp with an input offset voltage of 3 mV and with output saturation 
levels ot ±10 V—except here let the amplifier be capacitively coupled as in Fig. 2.31(a). (a) What 
is the dc offset voltage at the output, and what (approximately) is the peak sine-wave signal that can 
- 1 1 I nit without output clipping? Is there a need for offset trimming? (b) If R = 1 kO 

rh « JnT* llnd th , e V3lUe ° fthe C0Uplmg ca P acitor c i ^at will ensure that the gain will be greater 
than 57 dB down to 100 Hz. 

Ans. (a) 3 mV, 10 mV, no need for offset trimming; (b) 1.6 pF 
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2.6.2 Input Bias and Offset Currents 

The second dc problem encountered in op amps is illustrated in Fig. 2.32. In order for the op 
amp to operate, its two input terminals have to be supplied with dc currents, termed the 
input bias curients. In fig. .--32 these two currents a e represented by two current sources, 

4, and I B2 , connected to the two input terminals. It should be emphasized that the input bias 
currents are independent of the fact that a real op amp has finite (though large) input resis¬ 
tance (not show n in Fig. —-32), The op-amp manufacturer usually specifies the average value 

of /„I and /„ as well as their expected difference. The average value 1 B is called the input 
bias current, 

j __ 41 + Ib2 _ 

' B - 2 o 

and the difference is called the input offset current and is given by 

?os ~ |4t — 4a 

Typical values for general-purpose op amps that use bipolar transistors are I B = 100 nA and 
I os = 10 nA, 

We now wish to find the dc output voltage of the closed-loop amplifier due to the 
input bias currents. To do this we ground the signal source and obtain the circuit shown in 
Fig. 2.33 for both the inverting and noninverting configurations. As shown in Fig. 2.33, the 
output dc voltage is given by 

= 41 ^2 ~ 4*2 (2.37) 

This obviously places an upper limit on the value ot R y Fortunately, however, a technique 
exists foi reducing the value ot the output dc voltage due to the input bias currents. The 
method consists of introducing a resistance R, in series with the noninverting input lead, as 



Figure 2.32 The op-amp input bias currents 
represented by two current sources 7 fil and I B2 . 


This is the case for op amps constructed using bipolar junction transistors (BJ fs). Those using 
MOSFETs in the first (input) stage do not draw an appreciable input bias current; nevertheless, the input 
terminals should have continuous dc paths to ground. More on this in later chapters. 
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Figure 2.33 Analysis of the closed-loop amplifier, taking into account the input bias currents. 


*1 


/ 


B2 





( 6j2^3) 


Figure 2.34 Reduc 


ing the effect of the input bias currents by introducing a resistor R . 


T i n * n 2 ^ rom a signal point of view, R i has a negligible effect (ideally no effect). 
The appropriate value for R s can be determined by analyzing the circuit in Fig. 2.34, where 
analysis details are shown, and the output voltage is given by 


V 0 - I B2^} + R 2 Ub\ - 42^)/^ I ) 


(2.38) 


Consider first the case /„ = /„ = / wh i c h results in 


“ Ry( 1 + /?->//?[) ] 
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Thus we can reduce V 0 to zero by selecting R , such that 

R = *2 _ * 1*2 

1 +R 2 /Ri Ri+Rj {239) 

That is, /?, should be made equal to the parallel equivalent ofR and 

Having selected R } as above, let us evaluate the effect of a finite offset current I 0 Let 
4i = 4 + 4>s /2 anc * 4 2 = 4 “ 4>s/ 2 , and substitute in Eq. (2.38). The result is 

^ = 4>$*2 (2.40) O 

which is usually about an order of magnitude smaller than the value obtained without R 
(Eq. 2.37). We conclude that to minimize the effect of the input bias currents, one should 
place in the positive lead a i esistance equal to the equivalant dc resistance seen by the 
inverting terminal. We emphasize the word dc in the last statement; note that if the ampli¬ 
fier is ac-coupled, we should select R , = as shown in Fig. 2.35. 

While we are on the subject ot ac-coupled amplifiers, we should note that one must 

always provide a continuous dc path between each of the input terminals of the op amp 

and ground. This is the case no matter how small I B is. For this reason the ac-coupled 

noninverting amplifier of Fig. 2.36 will not work without the resistance R, to ground. 

Unfortunately, including R, lowers considerably the input resistance of the closed-loop 
amplifier. 


*2 



Figure 2.35 In an ac-coupled amplifier the dc resistance seen by the inverting terminal is /?,; hence 
R } is chosen equal to R 


Ri 



Figure 2,36 Illustrating the need for a continuous dc path for each of the op-amp input ten minals. Specifi- 
i-'allv, note that the amplifier will not work without resistor /?,, 
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2.24 Consider an inverting amp.itler circuit designed W 

“ 1of. „»«,*, .obo placed 

“SSt SS^TwiJU..—"«—«—«'■ w “ “ *• ~ 

value nt f ^ 

Ans. 0.1 V;9.9kfl(“ 10 kQ); 0.01 V 



2.6.3 Effect of V os and I os on the Operation of the 
Inverting Integrator 

Our discussion of the inverting integrator circuit in Section 2.5.2 mentioned the susceptibility 
of this circuit to saturation in the presence of small dc voltages or currents. It behooves us 
therefore to consider the effect of the op-amp dc offsets on its operation. As will be seen, these 

effects can be quite dramatic. 

To see the effect of the input dc offset voltage V os , consider the integrator circuit in Fig. 
2 IS where for simplicity we have short-circuited the input signal source. Analysis of the 
circuit is straightforward and is shown in big. 2.37. Assuming for simplicity that at time t-() 
the voltage across the capacitor is zero, the output voltage as a function of time is given by 




(2.41) 


Thus Vq increases linearly with time until the op amp saturates—clearly an unacceptable sit¬ 
uation! As should be expected, the dc input offset current I os produces a similar problem. 
Figure 2.38 illustrates the situation. Observe that we have added a resistance R in the op- 
amp positive-input lead in order to keep the input bias current I B from flowing through C. 
Nevertheless, the offset current I os will flow through C and cause v 0 to ramp linearly with 
time until the op amp saturates. 


ated 


As mentioned in Section 2,5.2 the dc problem of the integrator circuit can be allevi- 
by connecting a resistor R F across the integrator capacitor C, as shown in Fig. 2.25. 


V q^IR c 



v 0 - Vos + 


1 i V, 


os 


Vos + 


OS 


C J o R 
V. 


dt 


os 


CR 


i 


tonSrcuit*Notethat^rfh^ *° f ^° P ' amp inputotTsetvolage V os on the Miller integra 

arum. Note that since the output rises with time th» ™ a .. 


. - ■ p- - uV i vi 

output rises with time, the op amp eventually saturates 
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Such a resistor provides a dc path through which the dc currents [V os /R ) and / can 
flow, with the result that v Q will now have a dc component [V Q ^( 1 + R F /R) + I ( cR ] 

instead of rising linearly. To keep the dc offset at the output small, one would select a 

low value for R r Unfortunately, however, the lower the value of R n the less ideal the 
integrator circuit becomes. 


C 



Figure 2.38 1 iTect of the op-amp 
input bias and offset currents on the 
performance of the Miller integrator 
circuit. 



2.25 Consider a MilL i integrator with a time constant of 1 ms and an input resistance of 10 kQ. Let the 

op amp have V os = 2 mV and output saturation voltages of ±12 V. (a) Assuming that when the 

power supply is turned on the capacitor voltage is zero, how long does it take for the amplifier to 

saturate? (b) Select the largest possible value for a feedback resistor R f so that at least +10 V of 

output signal swing remains available. What is the corner frequency of the resulting STC net¬ 
work? 

Ans, (a) 6 s; (b) 10 MQ, 0.16 Hz 


2.7 Effect of Finite Open-Loop Gain and 
Bandwidth on Circuit Performance 

2.7.1 Frequency Dependence of the Open-Loop Gain 

Hie differential open-loop gain A of an op amp is not infinite; rather, it is finite and decreases 
with frequency. Figure 2.39 shows a plot for |,4|, with the numbers typical of some commer¬ 
cially available general-purpose op amps (such as the popular 741 -type op amp, available from 
many semiconductor manufacturers; its internal circuit is studied in Chapter 12). 

Note that although the gain is quite high at dc and low frequencies, it starts to fall off 
at a rather low frequency (10 Hz in our example). The uniform -20-dl 1/decade gain rolloff 
shown is typical of internally compensated op amps. These are units that have a network 
(usually a single capacitor) included within the same IC chip whose function is to cause 
the op-ainp gain to have the single-time-constant (STC) low-pass response shown. This 
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Ml (dB) 




Figure 2.39 1 )pen-loop gain of a typical general-purpose internally compensated op amp. 


process of modifying the open-loop gain is termed frequency compensation, and its 
purpose is to ensure that op-amp circuits will be stable (as opposed to oscillatory). I he 
subject of stability of op-amp circuits -or, more generally, of feedback amplifiers—will 
be studied in Chapter 10. 

By analogy to the response of low-pass STC circuits (see Section 1.6 and, for more 
detail, Appendix E), the gain i4(s) of an internally compensated op amp may be expressed as 


o 

o 




1 +s/eo h 


which for physical frequencies, s =ja), becomes 


(2.421 



A 


o 


1 + j 0)/ (Ot 


(2.43) 


where A 0 denotes the dc gain and o\ is the 3-dB frequency (corner frequency or “break'’ fre- 
quency). For the example shown in Fig. 239. A„ = 10' and CO, = 2xx\0 rad/s. For frequencies 

m h (about 10 times and higher)Eq. (2.43) may be approximated by 


Thus. 


A(jO)) =* 


A, jo 


o w 





from which it can be seen that the 
and given by 


\A(ja) | = ^ 

CO 

gam \A\ reaches unity (0 dB) at a 


(2,45) 

frequency denoted by co. 


(0 > = A 0 co h 


(2.46) 
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Substituting in Eq. (2.44) gives 


A(jw) « ^ 

JO) 

The frequency / = co t /2n is usually specified on the data sheets 
op amps and is known as the unity-gain bandwidth. 5 Also note 
loop gain in Eq. (2.42) becomes 


(2.47) 

of commercially available 
that for co f> co h the open- 


-4U) = — (2.48) 

fhe gain magnitude can be obtained from Eq. (2.47) as 

U(jai)\ = ^ = y. (2.49) 

Thus i iff is known (10 11/ in our example i, one can easily determine the magnitude of the 
op-amp gain at a given frequency/ Furthermore, observe that this relationship con-dates 
with the Bode plot in Fig. 2.39. Specifically, for/§>/, doubling/fan octave increase) results 
in halving the gain (a 6-dB reduction). Similarly, increasing /by a factor of 10 (a decade 
increase) results in reducing \A\ by a factor of 10 (20 dB). 

As a matter of practical importance, we note that the production spread in the value off 
between op-amp units of the same type is usually much smaller than that observed for/, and 
/. For this reason/ is preferred as a specification parameter. Finally, it should be mentioned 
that an op amp having this uniform -6-dB/octave (or equivalently -20-dB/decade) gain 
rolloff is said to have a single-pole model. Also, since this single pole dominates the ampli- 

fie frequency response, it is called a dominant pole. For more on poles (and zeros), the reader 
may wish to consult Appendix F. 


o 

o 

o 


2.26 An internally compensated op amp is specified to have an open-loop dc gain of 106 dB and a unity- 
gain bandwidth of 3 MHz. find/ and the open-loop gain (in dB) at/, 300 Hz, 3 kHz, 12 kHz, and 
60 kHz. 

Ans. ! 5 Hz; 103 dB; 80 dB; 60 dB; 48 dB; 34 dB 


2.7.2 Frequency Response of Closed-Loop Amplifiers 


We next consider the effect of limited op-amp gain and bandwidth on the closed-loop transfer 
functions of the two basic configurations; the inverting circuit of Fig. 2.5 and the noninverting 
circuit ot l-'ig. 2.12. The closed-loop gain of the inverting amplifier, assuming a finite op-amp 
open-loop gain A. was derived in Section 2.2 and given in Eq. (2.5), which we repeat here as 


K = — 

I', 1+(1 +R./R,)/A 




^ ■ 

Since/ is the product of the dc gain A 0 and the 3-dB bandwidth/, (where/ = cop 2/r), it is also known 
as the gain-bandwidth product (GB). The reader is cautioned, however, that in some amplifiers, the 
unity-gain frequency and the gain-bandwidth product are not equal. 
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Substituting for A front Eq. (2.42 

W = 

V.(s) 


and using Eq. (2.46) gives 

I ^ y 

l+ ^( |+ ^%/(i+v*r) 


(2.51) 


'or T > 1 + /?,//?,, which is usually the case. 


VAs) 


-RJR 


(2.52) 


1 + 


(o, > 1 + R}/R\ ) 


-hich is of the same form as that for a low-pass STC network (see Table 1.2, page 34). Thus 
re inverting amplifier has an STC low-pass response with a dc gam ol magnitude equal to 
JR[ The C |osed-loop gain rolls off at a uniform -20-dB/decade slope with a comer tre- 

uenev (3-dB frequency) given by 


CO, 

co U E - j +Ri / R] 


(2.53) 



Similarly, analysis of the noninverting amplifier of Fig. 2,12, assuming a finite open loop 
gain A , yields the closed-loop transfer function 


Vg _ l+^ 2 //?, 

V, - 1+(1 +R 2 /R l )/A 


(2.54) 



Substituting for A from Eq. (2.42) and making the approximation A 0 > l + R 2 /R i results in 


V 0 (s) 1 + *>/*. 

Vi(s) j t x 

co,/ {1 + R -i /V 1 


(2.55) 


Thus the noninverting amplifier has an STC low-pass response with a dc gain of (1 + R 2 /R \) 
and a 3-dB frequency given also by Eq. (2.53). 


Example 2.6 


Consider an op amp with/^- 1 MHz. find the 3-dB frequency of closed-loop amplifiers with nomi¬ 
nal gains of+1000, +100, +10, +1, —1, -10, -100, and — l * u)0. Sketch the magnitude frequency 
response tor the amplifiers with closed-loop gains of+10 and -10. 


Solution 

We use Eq. (—.53) to obtain the results given in the fol lowing table. 


Closed-Loop Gain 


+1000 
+100 
+10 
+ 1 
-1 
-10 
-100 
-1000 


* 2 /«, 


999 

99 

9 

0 

I 

10 

100 

1000 


Cde = / 0 +/?//?,) 


kHz 
10 kHz 
100 kHz 
1 MHz 
0.5 MHz 
90.9 kHz 
9.9 kHz 
= 1 kHz 
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Figure 2.40 shows the frequency response for the amplifier whose nominal dc gain is +10 
1 dB), and Fig. 2.41 shows the frequency response for the -10 (also 20 dB) case. An interest¬ 
ing observation follows from the table above: The unity-gain inverting amplifier has a 3-dB fre¬ 
quency of//2 as compared tof t for the unity-gain noninverting amplifier (the unity-gain voltage 
follower). 



(dB) 



Figure 2.40 Frequency response of an amplifier with a nominal gain of+10 V/V. 




Figure 2.41 


Frequency response of an amplifier with a nominal gain of-10 V/V. 


The table in Example 2.6 above clearly illustrates the trade-off between gain and band¬ 
width: For a given op amp, the lower the closed-loop gain required, the wider the bandwidth 
achieved. Indeed, the noninverting configuration exhibits a constant gain-bandwidth product 
equal to/, of the op amp. An interpretation of these results in terms of feedback theory will be 
given in Chapter 10. 
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2 - 2 “rl c s 

and its expected gain at 1 kHz. 

Ans, 1 Hz; 1 MHz; 1 MHz; 60 dB 

, 28 An 0D am , havinK a 106-dB gain at dc and a single-pole frequency response with/ = - MHz is 
used to design a ^inverting amplifier with nominal dc gain of 100. Fmd the 3-dB frequency of 

the closed-loop gain. 

Ans. 20 kHz 



2.8 Large-Signal Operation of Op Amps 

In this section, we study the limitations on the performance of op-amp circuits when large 
output signals are present. 

2.8.1 Output Voltage Saturation 

Similar to all other amplifiers, op amps operate linearly over a limited range of output volt¬ 
ages. Specifically, the op-amp output saturates in the manner shown in Fig. 1.14 with L + and 
L_ within 1 V or so of the positive and negative power supplies, respectively. Thus, an op 
amp that is operating from ±I5-V supplies will saturate when the output voltage reaches 
about +13 V in the positive direction and -13 V in the negative direction. For this particular 
op amp the rated output voltage is said to be ±13 V. To avoid clipping off the peaks of the 

output waveform, and the resulting waveform distortion, the input signal must be kept corre¬ 
spondingly small. 


2.8.2 Output Current Limits 

Another limitation on the operation of op amps is that their output current is limited to a 
specified maximum. For instance, the popular 741 op amp is specified to have a maximum 
output current of ±20 mA. Thus, in designing closed-loop circuits utilizing the 741, the 
esigner as to ensure that under no condition will the op amp be required to supply an out¬ 
put current in. either direction, exceeding 20 mA. This, of course, has to include both the 

• m \ C ee ac ^ c ' rcuit as vve l' the current supplied to a load resistor. If the circuit 

to the mjfv arSer C n ITent l the ° P ’ amp out P ut voltage will saturate at the level corresponding 
he maximum allowed output current 
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Example 2.7 



Consider the noninverting amplifier circuit shown in Fig. 2.42. As shown, the circuit is designed for 

a nominal gain (1 + R 2 /R\ ) = 10 V V It is ted with a low-frequency sine-wave signal of peak voltage 

V p and is connected to a load resistor R v The op amp is specified to have output saturation voltages 
of ±13 V and output current limits of ±20 mA. 

(a) For V p = 1 V and R L = 1 kH, specify the signal resulting at the output of the amplifier. 

(b) For K =1.5 V and R L = I k£2, specify the signal resulting at the output of the amplifier. 

(c) For R L — 1 k£2, what is the maximum value of V p tor which an undistorted sine-wave output is 
obtained? 

(d) For V p = 1 V, what is the lowest value of R L for which an undistorted sine-wave output is 
obtained? 



Figure 2.42 (a) A noninverting amplifier with a nominal gain of 10 V/V designed using an op amp that saturates at 
±13-V output voltage and has ±20-mA output current limits, (b) When the input sine wave has a peak of 1.5 V, the 
output is clipped off at ±13 V. 


Solution 

(a) For V p — 1 V and R, = 1 kfi, the output will be a sine wave with peak value of 10 V. This is 
lower than output saturation levels of ±13 V, and thus the amplifier is not limited that way. Also, 
when the output is at its peak (10 V), the current in the load will be 10 V/ I k£2 = 10 mA, and 
the current in the feedback network will be 10 V/(9 + 1) k£2 = 1 mA, for a total op-amp output 
current of 11 mA, well under its limit of 20 mA. 

(b) Now if V , is increased to 1.5 V, ideally the output would be a sine wave of 15-V peak. The op 

P 

amp, however, will saturate at ±13 V, thus clipping the sine-wave output at these levels. Let s 
next check on the op-amp output current: At 13-V output and R L — 1 k£2, i L = 13 mA and i F = 
1.3 mA; thus i Q = 14.3 mA, again under the 20-mA limit. Thus the output will be a sine wave 
with its peaks clipped off at ±13 V, as shown in Fig. 2.42(b). 
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Example 2.7 continued 

(C) For R, = I kfi. the maximum value of V p for undistorted sine-wave output is 1.3 V. The output 
will be a 13-V peak sine wave, and the op-amp output current at the peaks will be 14.3 mA. 

(d) For V = 1 V and R, reduced, the lowest value possible for R L while the output is remaining an 

undistorted sine wave of 10-V peak can be found from 


?n .,. iA io v, 

lom ax = 20 mA - _ + 


10 V 






which results in 



526 Q 


2.8.3 Slew Rate 

Another phenomenon that can cause nonlinear distortion when large output signals are 
present is slew-rate limiting. The name refers to the fact that there is a specific maximum 
rate of change possible at the output of a real op amp. This maximum is known as the slew 
rate (SR) of the op amp and is defined as 


o 


SR = 


dv 


o 


dt 


(2.56) 


max 


a^j is usually specified on the op-amp data sheet m units of V/ps. It follows that if the input 

signal applied to an op-amp circuit is such that it demands an output response that is faster 

than the specified value of SR, the op amp will not comply. Rather, its output will change at 

the maximum possible rate, which is equal to its SR. As an example, consider an op amp 

connected in the unity-gain voltage-follower configuration shown in Fig. 2.43(a), and let the 

input signal be the step voltage shown in Fig. 2.43(b). The output of the op amp will not be 

able to rise instantaneously to the ideal value V; rather, the output will be the linear ramp of 

slope equal to SR, shown in Fig. 2.43(c). Ti e amplifier is then said to be slewing and its 
output is slew-rate limited. 

In order to understand the origin of the slew-rate phenomenon, we need to know about 
C ' rCU ;; 0f the °f amp - and we wil > study it in Chapter 12. For the time being, 

the finite on'lln^'T 'h nT f ° U ‘ ** phenonlenon and n °te that it is distinct from 
r died in ,h tha,l ' mitS the &B W resp °" a = <«* closed-loop amplifi- 

O an °" lhe ° ,her hand - can — "°"'inear distortion 

. 

input voltage V is sufficient!v small tk " ’ ° Wexer ’ u e s ^ould point out that if the step 

Fig. 2.43(d). Such an output would he Mnectedf " ^ * e “ ponemial| y risin g ra mp shown in 
dynamic performance were the finite nn k T™ ^ fo ower ^ l * 1e onl y limitation on its 

the follower can be found by subst.tutingT^ fUnCti ° n ° f 

V. 


a 

V 


1 +s/w, 


(2.57) 
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Figure 2.43 (a) Unity-gain follower, (b) input step waveform, (c) Linearly rising output waveform 
obtained when the amplifier is slew-rate limited, (d) Exponentially rising output waveform obtained when 
( is sufficiently small so that the initial slope (co t V) is smaller than or equal to SR. 

which is a low-pass S I C response with a time constant 1 / CO,. Its step response would there¬ 
fore be (see Appendix E) 


vo0) = V{ 1 - e*'*) (2.58) 

The initial slope of this exponentially rising function is {co t V). Thus, as tong as V is suffi¬ 
ciently small so that coy < SR, the output will be as in Fig. 2.43(d). 



2.29 An op amp that has a slew rate of l V/gs and a unity-gain bandwidth f t of 1 MHz is connected in the 
unity-gain follower configuration. Find the largest possible input voltage step tor which the output 
waveform will still be given by the exponential ramp ot Eq. (2.58). For this input voltage, what is 
the 10% to 90% rise time of the output waveform? It an input step 10 times as large is applied, find 
the 10% to 90% rise time of the output waveform. 

Ans. 0.16 V; 0.35 ps; 1.28 ps 
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2.8.4 Full-Power Bandwidth 

Op-amp slew-rate limiting can cause nonlinear distortion in sinusoidal waveforms. Consider 
once more the unity-gain follower with a sine-wave input given by 

a 

v f - Ksin cot 

The rate of change of this waveform is given by 

dv, 

— = (OV.COSCQt 
dt 

with a maximum value of 0)V h This maximum occurs at the zero crossings of the input 
sinusoid. Now if (i)V s exceeds the slew rate of the op amp, the output waveform will be 
distorted in the manner shown in Fig. 2.44. Observe that the output cannot keep up with the 
large rate of change of the sinusoid at its zero crossings, and the op amp slews. 

The op-amp data sheets usually specify a frequency/ u called the full-power bandwidth. 
It is the frequency at which an output sinusoid with amplitude equal to the rated output volt¬ 
age of the op amp begins to show distortion due to slew-rate limiting. If we denote the rated 
output voltage F omax , then is related to SR as follows: 


CO *, V. 


\f r omax 





1 hus. 



SR 


2 7i V 


o max 


(2.59) 


It should be obvious that output sinusoids of amplitudes smaller than V omM will show slew- 
rate distortion at frequencies higher than co Kf . In fact, at a frequency a> higher than co xr the 
maximum amplitude of the undistorted output sinusoid is given by 



(2.60) 


Theoretical 

output 


Output when op amp 
is slew-rate limited 



t 


Figure 2.44 Effect of slew- 


rate limiting on output sinusoidal waveforms. 
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2.30 An op amp has a rated output voltage of ilO V and a slew rate ot 1 V/ps. What is its lull-power 
bandwidth? It an input sinusoid with frequency / = 5/^ is applied to a unity-gain follower con¬ 
structed using this op amp, what is the maximum possible amplitude that can be accommodated 
at the output without incurring SR distortion? 

Arts. 15.9 kHz; 2 V (peak) 


Summary 


■ The 1C op amp is a versatile circuit building block. It is 
easy to apply, and the performance of op-amp circuits 
closely matches theoretical predictions. 

■ The op-amp terminals are the inverting input terminal 
(1), the noninverting input terminal (2), the output ter¬ 
minal (3), the positive-supply terminal (4) to be con¬ 
nected to the positive power supply ( V ( ( ), and the 
negative-supply terminal (5) to be connected to the 
negative supply (- V £t ). The common terminal of the 
two supplies is the circuit ground. 

■ The ideal op amp responds only to the difference input 

signal, that is, (i/ 2 -t>|); providing at the output, be¬ 
tween terminal 3 and ground, a signal A (u 2 - ), where 

A. the open-loop gain, is very large (10 l to 10 h ) and ide¬ 
ally infinite; and has an infinite input resistance and a 
zero output resistance. (See Table 3.1.) 

■ Negativ e feedback is applied to an op amp by connecting 
a passive component between its output terminal and its 
inverting (negative) input terminal. Negative feedback 
causes the voltage between the two input terminals to 
become very small and ideally zero. Correspondingly, a 
virtual short circuit is said to exist between the two input 
terminals. If the positive input terminal is connected to 
ground, a virtual ground appears on the negative input 
terminal. 

■ The two most important assumptions in the analysis of 
op-amp circuits, presuming negative feedback exists 
and the op amps are ideal, are as follows: the two input 
terminals of the op amp are at the same voltage, and 
zero current flows into the op-amp input terminals. 

■ With negative feedback applied and the loop closed, 
the closed-loop gain is almost entirety determined by 
external components: For the inverting configuration, 

K/K = -R 2 /Ru and for the non in veiling configuration, 

K/K = \+r 2 /r ] . 


I he noninverting closed-loop configuration features a very- 
high input resistance. A special case is the unity-gain fol¬ 
lower, frequently employed as a buffer amplifier to con¬ 
nect a high-resistance source to a low-resistance load. 

The difference amplifier of Fig. 2.16 is designed with 
/? 4 //? 3 = R 2 /R\, resulting in i/ t; = (R 2 /R\) 

■ The instrumentation amplifier of Fig. 2.20(b) is a very 
popular circuit. It provides v a = (1 + R,/R ] )(R 4 /R 2t ) 
(Vp - t'/i). It is usually designed with R 3 = R 4 , and R } 
and R 2 selected to provide the required gain. If an adjust¬ 
able gain is needed, part of R , can be made variable. 

■ The inverting Miller integrator of i : ig. 2.24 is a popular cir¬ 
cuit, frequently employed in analog signal-processing func¬ 
tions such as filters (Chapter 16) and oscillators (Chapter 17). 

■ The input offset voltage, V os , is the magnitude of dc volt¬ 
age that when applied between the op amp input termi¬ 
nals, with appropriate polarity, reduces the dc offset 
voltage at the output to zero. 

■ The effect of l r os on performance can be evaluated by 
including in the analysis a dc source I ' os in series with 
the op-amp positive input lead. For both the inverting 
and the noninverting configurations, V os results in a dc 
offset voltage at the output of f' 0? ( 1 + R 2 /R i). 

b Capacitively coupling an op amp reduces the dc offset 
voltage at the output considerably. 

■ The av erage of the two dc currents, f gi and J B2 , that flow in 
the input terminals of the op amp, is called the input bias 
current, l B . In a closed-loop amplifier, l n gives rise to a dc 
offset voltage at the output of magnitude i lf R y This voltage 
can be reduced to I os R 2 by connecting a resistance in se¬ 
ries with the positive input terminal equal to the total dc re¬ 
sistance seen by the negative input terminal. I os is the input 
offset current; that is, I os = \I Bi - I B2 ■ 
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■ Connecting a large resistance in parallel with the capaci¬ 
tor of an op-amp inverting integrator prevents op-amp 
saturation (due to the effect of l os and I B ). 

m For most internally compensated op amps, the open-loop 
gain falls off with frequency at a rate of-20 dB/deeade. 
reaching unity at a frequency f (the unity-gain band¬ 
width). Frequency./,' is also known as the gam-bandwidth 
product of the op amp: / = A 0 f b , where A 0 is the dc gain, 
and f is the 3-dB frequency of the open-loop gain. At any 
frequency/(/?>/ A ). the op-amp gain Ml “ f/f 

■ For both the inverting and the noninverting closed-loop 
configurations, the 3-dB frequency is equal to 

f t /{\ + R 2 /R x ). 


m The maximum rate at which the op-amp output voltage 
can change is called the slew rate. The slew rate, SR, is 
usually specified in Vf\is. Op-amp slewing can result in 
nonlinear distortion of output signal waveforms. 

■ The foil-power bandwidth,is the maximum frequency 
at which an output sinusoid with an amplitude equal to 
the op-amp rated output voltage (K, m J can be produced 
without distortion: // = SR/2^ miC c 




Computer Simulation Problems 


SIM 


Problems identified by this icon are intended to dem¬ 
onstrate the value of using SPICE simulation to verify hand 
analysis and design, and to investigate important issues such 
as allowable signal swing and amplifier nonlinear distortion. 
Instructions to assist in setting up PSpice and Multism simu¬ 
lations for all the indicated problems can be found in the 
corresponding files on the disc. Note that if a particular 
parameter value is not specified in the problem statement, 
you are to make a reasonable assumption, * difficult prob¬ 
lem; ** more difficult; *** very challenging and/or time- 
consuming; D: design problem. 


Section 2.1: The Ideal Op Amp 


2.i What is the minimum number of pins required for a so- 
called dual-op-amp 1C package, one containing two op 
amps? What is the number of pins required for a so-called 
quad-op-amp package, one containing four op-amps? 


2.2 The circuit oi Fig. P2.2 uses an op amp that is ideal 
except for having a finite gain A. Measurements indicate 
v 0 - 4.0 V when v, - 2.0 V. What is the op-amp gain A? 


2.3 Measurement of a circuit incorporating what is t 

to be an ideal op amp shows the voltage at the op-amp 

to be -2.000 V and that at the negative input to be -l.i 

For the amplifier to be ideal, what would you expect th 

age at the positive input to be? If the measured voltage 

positive input is -1.010 V, what is likely to be the actu 
of the amplifier? 




o 



+ 

Vq 



Figure P2.2 



2.4 A set of experiments is run on an op amp that is ideal 
i'l for having a finite gain A. The results are tabulated 
below. Are the results consistent? If not, are they reason¬ 
able, in view of the possibility of experimental error? What 
do they show the gain to be? Using this value, predict values 

ot the measurements that were accidentally omitted (the blank 
entries). 


Experiment # 


V 2 

v o 

] 

0.00 

0.00 

0.00 

9 

mm 

1.00 

1.00 

0.00 

3 


1.00 

1.00 

4 

1.00 

1.10 

10.1 

5 

2.01 

2.00 

-0.99 

6 

1.99 

2.00 

1.00 

7 

5.10 


-5.10 
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2.5 Refer to Exercise 2.3. This problem explores an alter¬ 
native internal structure for the op amp. In particular, we 
wish to model the internal structure of a particular op amp 
using two transconductance amplifiers and one transresistance 
amplifier. Suggest an appropriate topology. For equal 
transconductances G m and a transresistance R m , find an 
expression for the open-loop gain A. For G m = 10 mA/V and 
R = 2 X KT Q, what value of A results? 

171 

2.6 1 he two wires leading from the output terminals of a 
transducer pick up an interference signal that is a 60-Hz, 1- 
V sinusoid. The output signal of the transducer is sinusoi¬ 
dal of 10-mV amplitude and 1000-Hz frequency. Give 
expressions for v <m , v d , and the total signal between each 
wire and the system ground. 

2.7 Nonideal (i.e., real) operational amplifiers respond 
to both the differential and common-mode components of 
their input signals (refer to Fig. 2.4 for signal representa¬ 
tion). Thus the output voltage of the op amp can be 
expressed as 


vo AjV/j 4 * A cm Vf cm 


where A tj is the differential gain (reterred to simply as A 
in the text) and A tm is the common-mode gain (assumed to 
be zero in the text). The op amp's effectiveness in reject¬ 
ing common-mode signals is measured by its CMRR, 
defined as 


CMRR = 20 log 



Consider an op amp whose interna) structure is of the type 
showm in Fig. E2.3 except for a mismatch AG between the 

* ffi 

transconductances of the two channels; that is. 


G m , = G m -iAC 


m 


G m i - + 


Find expressions for A <jy A cm> and CMRR. If A d is 80 dB and 
the two transconductances are matched to within 0.1% of 
each other, calculate A _ and CMRR. 


Section 2.2: The Inverting 
Configuration 

2.8 Assuming ideal op amps, find the voltage gain 
v 0 /v t and input resistance R i(i of each of the circuits in 
Fig. P2.8. 

2.9 A particular inverting circuit uses an ideal op amp 
and two 10-kQ resistors. What closed-loop gain would 
you expect? If a dc voltage of +1.00 V is applied at the 
input, what output result? If the 10-kQ resistors are said to 
be “1% resistors," having values somewhere in the range 
(1 ± 0.01) times the nominal value, what range of outputs 
would you expect to actually measure for an input of pre¬ 
cisely 1.00 V? 

2.10 You are provided with an ideal op amp and three 10- 
kQ resistors. Using series and parallel resistor combinations, 
how many different inverting-amplifier circuit topologies are 
possible' 1 What is the largest (noninfinite) available voltage 


100 kQ 


100 kQ 





100 kQ 100 kQ 




Figure P2,8 
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gain? What is the smallest (nonzero) available gain? What 
are the input resistances in these two cases? 


J 3 IT, 2.11 For ideal op amps operating with the following 
feedback networks in the inverting configuration, what closed- 

loop gain results? 


(a) /?, = 10 kQ, R 2 = 10 kQ 

(b) R\ — 10 kQ. = 1^0 
(C) /?, = 10 kQ, * 2 = 1 kQ 

(d) R ] = 100 kQ, R 2 = 10 MQ 

(e) /?, = 100 kQ, R 2 = 1 MQ 

O 2.12 Given an ideal op amp, what are the values of the 
resistors R t and R, to be used to design amplifiers with the 
closed-loop gains listed below? In your designs, use at least 
one 10-kQ resistor and another equal or larger resistor. 


(a) -1 V/V 

(b) -2 V/V 

(c) -0.5 V/V 

(d) -100 V/V 


D 2.13 Design an inverting op-amp circuit tor which the 
gain is -4 V/V and the total resistance used is 100 kQ. 


217 An inverting op-arnp circuit is fabricated with the 
resistors /?, and R, having x% tolerance (i.e., the value of 
each resistance can deviate from the nominal value by as 
much as ±x%). What is the tolerance on the realized closed- 
loop gain? Assume the op amp to be ideal. 11 the nominal 
closed-loop gain is -100 V/V and x = 1, what is the range of 
gain values expected from such a circuit? 

2.18 An ideal op amp with 5-kQ and 15-kQ resistors is 
used to create a +5-V supply from a -15-V reference. 
Sketch the circuit. What are the voltages at the ends of the 5- 
kO resistor? If these resistors are so-called \% resistors, 
whose actual values are the range bounded by the nominal 
value ±1%, what are the limits of the output voltage pro¬ 
duced? If the -15-V supply can also vary by ±1%, what is 
the range of the output voltages that might be found? 

2.19 An inverting op-amp circuit for which the required gain 
is -50 V/V uses an op amp whose open-loop gain is only 
300 V/V. If the larger resistor used is 100 kQ, to what must the 
smaller be adjusted? With what resistor must a 2-kQ resistor 
connected to the input be shunted to achieve this goal ? (Note 
that a resistor R is said to be shunted by resistor R h when R fi is 
placed in parallel with R a .) 


D 2.14 Using the circuit of Fig. 2.5 and assuming an ideal 
op amp, design an inverting amplifier with a gain of 26 dB 
hav ing the largest possible input resistance under the con¬ 
straint of having to use resistors no larger than 1 MQ. What 
is the input resistance of your design? 

2.15 An ideal op amp is connected as shown in Fig. 2.5 
with R l = 10 kQ and R : - 100 kQ. A symmetrical square- 
wave signal with levels of 0 V and 1 V is applied at the 
input. Sketch and clearly label the waveform of the resulting 
output voltage. What is its average value? What is its high¬ 
est value? What is its lowest value? 

2.16 For the circuit in Fig. P2.16, assuming an ideal op 
amp, find the currents through all branches and the voltages 
at all nodes. Since the current supplied by the op amp is 

11 11 '' 1 1 oi drawn from the input signal source, 

where does the additional current come from? 

10 kO 


D 2.20 (a) Design an inverting amplifier with a closed- 
loop gain of-100 V/V and an input resistance of 1 kQ. 

(b) If the op amp is known to have an open-loop gain of 
2000 V/V, what do you expect the closed-loop gain of 
your circuit to be (assuming the resistors have precise 
values)? 

(c) Give the value of a resistor you can piace in parallel 
(shunt) with /?, to restore the closed-loop gain to its nominal 
value. Use the closest standard 1% resistor value (see 
Appendix H). 

2.21 An op amp with an open-loop gain of 2000 V/V is 
used in the inve; ling configuration. If in this application the 
output voltage ranges from -10 V to +10 V, what is the 
maximum voltage by which the ‘'virtual ground node” 
departs from its ideal value? 

2.22 The circuit in Fig. P2.22 is frequently used to provide 
an output voltage v o proportional to an input signal current 


0.5 V 






Figure P2.16 


Figure P2.22 
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Derive expressions for the transresistance R m = v 0 /i i and 
the input resistance R ,■ = v/i, for the following cases: 


(a) A is infinite. 

(b) A is finite. 


2,23 Show that for the inverting amplifier if the op-amp 
gain is A. the input resistance is given by 



*2 

A + l 


*2,24 For an inverting amplifier with nominal closed-loop 
gain /?,//?,. find the minimum value that the op-amp open- 
loop gain A must have (in terms of R 2 /R ,) so that the gain 
error is limited to 0.1%, 1%, and 10%. In each case find the 
value of a resistor R, : such that when it is placed in shunt 
with R r the gain is restored to its nominal value. 


*2.25 Figure P2.25 shows an op amp that is ideal except for 
having a finite open-loop gain and is used to realize an invert¬ 
ing amplifier whose gain has a nominal magnitude 
G = Ry/R i. To compensate or the gain reduction due to the 
finite A, a resistor R ( is shunted across R r Show that perfect 
compensation is achieved when R is selected according to 

Rc _ A-G 
R, ~ 1 +G 

R, Ry 

' M j r. 



Figure P2.25 


D ?,26 (a) Use Eq. (2.5) to obtain the amplifier open-loop 
gain A required to realize a specified closed-loop gain 
(^nominal = -RjAR ]) within a specified gain error f. 




nominal 



nominal 


(b) Design an inverting amplifer for a nominal closed-loop 
gain of-100, an input resistance of 2 kQ, and a gain error of 
-10%. Specify /?,, and the minimum A required. 


*2.27 (a) Use Eq. (2.5) to show that a reduction A A in the op- 
amp gain A gives rise to a reduction A|G| in the magnitude of 
the closed-loop gain G with AjG| and A/1 related by 


A|G|/|G| 1 +/? 2 //?, 


(b) If in a closed-loop amplifier with a nominal gain (i.e, 
R 2 /R]) of 100, A decreases by 50%, what is the minimum 
nominal A required to limit the percentage change in |G| to 

0.5%? 

2,28 Consider the circuit in Fig. 2.8 with - R, - R A - 
1 MQ, and assume the op amp to be ideal. Find values for R, 
to obtain the following gains: 

(a) -200 V/V 

(b) -20 V/V 

(c) -2 V/V 

D 2.29 An inverting op-amp circuit using an ideal op amp 
must be designed to have a gain of-1000 V/V using resis¬ 
tors no larger than 100 kQ. 

(a) For the simple two-resistor circuit, what input resis¬ 
tance would result? 

(h) If the circuit in Fig. 2.8 is used with three resistors of 
maximum value, what input resistance results? What is 
the value of the smallest resistor needed? 

2.30 The inverting circuit with the T network in the feed¬ 
back is redrawn in Fig. P2.30 in a way that emphasizes the 
observation that R 2 and /?, in effect are in parallel (because 
the ideal op amp forces a virtual ground at the inverting 
input terminal). Use this observation to derive an expression 
for the gain { v 0 /v,) by first finding (v x /v r ) and ( v 0 / n v ). 
For the latter use the voltage-divider rule applied to R A and 

{R 2 1 | RA- 



‘ 2.31 The circuit in Fig. P2.31 can be considered to be an 
extension of the circuit in Fig. 2.8. 

(a) Find the resistances looking into node l, /f ( ; node 2, 
/?,; node 3, /?,; and node 4, R 4 . 

(b) Find the currents /„ /,, and fy, in terms of the input 
current /. 

(c) Find the voltages at nodes 1,2,3, and 4, that is, 1,, V 2 , 
V i% and F 4 in terms of (//?). 


AA /A 


A 
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Figure P2.31 


2.32 The circuit in Fig. P2.32 utilizes an ideal op amp. 

(a) Find /,, I : , / 3 , I L , and V x . 

(b) If V a is not to be lower than -13 V, find the maximum 
allowed value for R,. 

(c) If R l is varied in the range 100 £2 to 1 k£2. what is the 
corresponding change in l L and in V 0 2 



2.33 Use the circuit in Fig. P2.32 as an inspiration to 
design a circuit that supplies a constant current / of 3.1 mA 
to a variable resistance R L . Assume the availability of a 
1.5 V battery and design so that the current drawn from the 
battery is 0.1 mA, For the smallest resistance in the circuit, 
use 500 £2. If the op amp saturates at ±12 V. what is the 

maximum value that R, can have while the current-source 
supplying it operates properly? 

D 2.34 Assuming the op amp to be ideal, it is required to 
design the circuit shown in Fig. P2.34 to implement a cur- 
rent amplifier with gain i L /i t - 10 A7A. 

(a) Find the required value for R. 

(b) What are the input and the output resistance of this 

current amplifier? 


(c) If/?. = 1 k£2 and the op amp operates in an ideal man¬ 
ner as long as v 0 is in the range ±12 V, what range of i, is 
possible? 

(d) If the amplifier is fed with a current source having a 
current of 0.2 mA and a source resistance of 10 k£2, find 



D 2.35 Design the circuit shown in Fig. P2.35 to have an 
input resistance ot 100 kX2 and a gain that can be varied 
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from -1 V/V to -10 V/V using the 10-kH potentiometer /?,. 
What voltage gain results when the potentiometer is set 
exactly at its middle value? 

2.36 A weighted summer circuit using an ideal op amp has 
three inputs using 100-k£2 resistors and a feedback resistor of 
50 kfl A signal v ] is connected to two of the inputs while a 
signal 7 ’, is connected to the third. Express v a in terms of y 
and v 2 . If i/, = 2 V and v 2 = -2 V, what is v 0 ? 

D 2.37 Design an op amp circuit to provide an output 
V) = -[2i/, + (v 2 /2)]. Choose relatively low values of 
resistors but ones foi which the input current (from each 
input signal source) does not exceed 0.1 mA for 1-V input 
signals. 

D 2.38 Use the scheme illustrated in Fig. 2.10 to design an 
op-amp circuit with inputs u,, v 2 , and v r whose output is 
= ~(2v i + 4ik + 8u,) using small resistors but no smaller 
than 10 k£2. 

D 2.39 An ideal op amp is connected in the weighted 
summer configuration of I'ig. 2.10. fhe feedback resistor 
R, = \0 kO, and six 10-k£2 resistors are connected to the 
inverting input terminal of the op amp. Show, by sketching 
the various circuit configurations, how this basic circuit 
can be used to implement the following functions: 

(a) v 0 = -{i7, + 2v 2 + 3u 3 ) 

(b) v 0 - -(u, + v 2 + 2 1<3 + 2 v 4 ) 

(c) v 0 = ~(i7, + 5 i/ 2 ) 

(d) v 0 = - 61 >, 

In each case find the input resistance seen by each of the 
signal sources supplying v,, v,, v y and v r Suggest at least 
two additional summing functions that you can realize with 
this circuit. How would you realize a summing coefficient 
that is 0.5? 

D 2.40 Give a circuit, complete with component values, for 
a weighted summer that shifts the dc level of a sine-wave sig¬ 
nal of 3 sin(/y/) V from zero to -3 V. Assume that in addition 
to the sine-wave signal you have a dc reference voltage of 
1 .5 V available. Sketch the output signal waveform. 

D 2.41 Use two ideal op amps and resistors to implement 
the summing function 

Vq = l/, + 217 2 - 3- 4 v 4 

D *2.42 In an instrumentation system, there is a need to 
take the difference between two signals, one of i7, - 
2 sin(2zr x 60/) + 0.01 sin(2/r x 1000/) volts and another 
ot v 2 = 2 sin(2/r x 60/) - 0.01 sin(2/r x 1000/) volts. Draw 
a circuit that finds the required difference using two op 
amps and mainly 100-kn resistors. Since it is desirable to 
amplify the 1000-Hz component in the process, arrange to 
provide an overall gain of 100 as well. The op amps 


available are ideal except that their output voltage swing is 
limited to ±10 V. 

*2.43 figure P2.43 shows a circuit for a digital-to-analog 
converter (DAC). The circuit accepts a 4-bit input binary 
word a 3 a 2 a,a 0 , where a 0 , a ,, a 2 , and a 3 take the values of 0 
or 1, and it provides an analog output voltage v a propor¬ 
tional to the value of the digital input. Each of the bits of 
the input word controls the correspondingly numbered 
switch. For instance, if a 2 is 0 then switch 5, connects the 
20-k£2 resistor to ground, while if t/, is 1 then S . connects 
the 204X2 resistor to the +5-V power supply. Show that v a 
is given by 



R 


16 


/ [2°a 0 + 2 1 tf, +2 2 a 2 + 2 3 a 3 ] 


where R is in kilohms. Find the value of R t so that i-., ranges 
from 0 to -12 volts. 



Section 2.3: The Noninverting 
Configuration 

D 2,44 Giv en an ideal op amp to implement designs toi 
the following closed-loop gains, what values of resistors (/?,, 
/?,) should be used? Where possible, use at least one 10-kQ 
resistor as the smallest resistor in your design. 
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(a) +1 V/V 

(b) +2 V/V 

(c) +11 V/V 

(d) +100 V/V 

D 2.45 Design a circuit based on the topology of the non¬ 
inverting amplifier to obtain a gain of+1.5 V/V, using only 
10-kfl resistors, Note that there are two possibilities. Which 
0 f these can be easily converted to have a gain of either +1.0 
V/V or +2.0 V/V simply by short-circuiting a single resistor 

in each case.’ 

D 2.46 Figure P2.46 shows a circuit for an analog voltme¬ 
ter of very high input resistance that uses an inexpensive 
moving-coil meter. The voltmeter measures Ihe voltage I 
applied between the op amp's positive-input terminal and 
ground. Assuming that the moving coil produces full-scale 
deflection when the current passing through it is 100 (iA, 
find the value of/? such that full-scale reading is obtained 
when I' is +10 V. Does the meter resistance showm affect the 
voltmeter calibration? 



Moving-coil meter 


V 


Figure P2.46 

D '2.47 (a) Use superposition to show that the output of 
the circuit in Fig. P2.47 is given by 






V2 


+ * 


R, i 

n *'Vn 

K Sn J 


1 + 





where R. = W and 

R r = R n 

(b) Design a circuit to obtain 





V P\ 

Vp2 



Figure P2.47 

D 2.48 Design a circuit, using one ideal op amp, whose out¬ 
put is v 0 = v n + 3v I 2 -2(v n + 3 v /4 ). (Mini: Use a structure sim¬ 
ilar to that shown in general form in Fig. P2.47.) 

2.49 Deri ve an expression for the voltage gain, v a /v h of 
the circuit in Fig. P2.49. 




R 2 



2.50 For the circuit in fig. P2.50, use superposition to find 

v Q in terms of the input voltages v t and v 2 . Assume an ideal 
op amp. For 

V]~ 10sin(2;r x 60/) - 0.1 sin(2/r x 1000/), volts 
1 - ~ 10sin(2/r x 60/) + (U s in(2/r x 1000/), volts 
find v n . 



The smallest resistor used should be 10 kQ 


° 2 51 The circuit shown in Fig. P2.51 utilizes a 10-kfl 
potentiometer to realize an adjustable-gain amplifier. Derive 
expression lor the gain as a (unction of the potentiometer 
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20 R 



Figure P2.50 


10-k-Q pot 



Figure P2.51 

setting x. Assume the op amp to be ideal. What is the range 
of gains obtained? Show how to add a fixed resistor so that 
the gain range can be 1 to 11 V/V. What should the resistor 
value be? 

D 2.52 Given the availability of resistors of value 1 kQ 
and 10 kQ only, design a circuit based on the noninverting 
configuration to realize a gain of+10 V/V. 

2.53 It is required to connect a 10-V source with a source 
resistance of 100 kQ to a 1-kQ load. Find the voltage that 
will appear across the load if: 

(a) The source is connected directly to the load. 

(b) A unity-gain op-amp buffer is inserted between the 
source and the load. 

In each case find the load current and the current supplied 
by the source. Where does the load current come front in 
case (b)? 

2.54 Derive an expression for the gain of the voltage fol¬ 
lower of Fig. 2.14, assuming the op amp to be ideal except 
tor having a finite gain A. Calculate the value of the 
closed-loop gain for A = 1000, 100, and 10. in each case 
find the percentage error in gain magnitude from the nomi¬ 
nal value of unity. 


2.55 C omplete the following table for feedback amplifiers 
created using one ideal op amp. Note that signifies input 
resistance and /?, and /?, are feedback-network resistors as 
labelled in the inverting and noninverting configurations. 


Case 

Gain 

R,n 


R* 

a 

-10 V/V 

10 kQ 



b 

-1 V/V 


100 kQ 


c 

-2 V/V 



100 kQ 

d 

+1 V/V 

OQ 



e 

+2 V/V 


10 kQ 


f 

+11 V/V 



100 kQ 

Q 

-0.5 V/V 

10 kQ 




D 2.56 A noninverting op-amp circuit with nominal gain 
ol 10 V/V uses an op amp w ith open-loop gain of 50 V/V 
and a lowest-value resistor of 10 kQ. What closed-loop gain 
actually results? With what value resistor can which resistor 
be shunted to achieve the nominal gain? if in the manufac¬ 
turing process, an op amp ol gain 100 V/V were used, what 
closed-loop gain would result in each case (the uncompen¬ 
sated one, and the compensated one)? 

2.57 Use Eq. (2.11) to show that if the reduction in the 
closed-loop gain G from the nominal value G„ = 1 + R 2 /R\ 
is to be kept less than x% of G u , then the open-loop gain 
oi the op amp must exceed G 0 by at least a factor F = 
(100/x)- 1 — 100/x. Kind the required F for x - 0.01, 
0.1. 1, and HI. Utilize these results to find for each value of x 
the minimum required open-loop gain to obtain closed-loop 
gains of 1,10, 10 2 , 10 \ and 10 J V/V. 

2.58 For each of the following combinations of op-amp 
open-loop gain A and nominal closed-loop gain G (p , calculate 
the actual closed-loop gain G that is achieved. Also, calcu¬ 
late the percentage by which |G| falls short of the nominal 
gain magnitude |G 0 |. 


Case 

G 0 (V/V) 

A (V/V) 

a 

-1 

10 

b 

+1 

10 ; 

c 

-1 

100 

d 

+10 

10 

e 

-10 

100 

f 

-10 

1000 

g 

+1 

2 
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2.59 Figure P2.59 shows a circuit that provides an output 
voltage v 0 whose value can be varied by turning the wiper 
of the IGO-kO potentiometer. Find the range over which 
Vq can be varied. If the potentiometer is a ‘20-turn” device, 
find the change in v 0 corresponding to each turn of the pot. 


20 kit 


100-kO 

pot 


20 kfl 



T —15 V 




Figure P2.59 


Section 2.4; Difference Amplifiers 

2,60 Find the voltage gain v 0 /v Id for the difference 
amplifier of Fig. 2.16 for the case /?, = /?,= 10 kQ and /?.= 
R a ~ 100 kQ. What is the di t ferential input resistance RJ? If 
the two key resistance ratios lR 2 /R } ) and (R 4 /R } ) are dif¬ 
ferent from each other by 1 %, what do you expect the 
common-mode gain A cm to be? Also, find the CMRR in this 

case. Neglect the effect of the ratio mismatch on the value 
of A d . 

D 2.61 Using the difference amplifier configuration of 
Fig. 2.16 and assuming an ideal op amp, design the circuit 
to provide the following differential gains. In each case, the 
differential input resistance should be 20 kQ. 

(a) 1 V/V 
(bj 2 V/V 

(c) 100 V/V 

(d) 0.5 V/V 


2.62 For the circuit shown in Fig. P2.62, express v n : 

function of i>, and What is the input resistance seen b 

alone. By v 2 alone? By a source connected between the 

input terminals? iy a source connected to both input tei 
nals simultaneously? 

L 6 l Consider lhe difference amplifier of Fig. 2 16 , 
0 mput ,em,i " a| s connected together to an it 


R 

y, O- 


ih o-AAAr 

4m 

R 

Figure P2.62 

common-mode signal source. For R 2 /R , = R 4 /R^ show 
that the input common-mode resistance is 

(A 3 + *4>ll<*l+*2)- 

2.64 Consider the circuit of Fig. 2.16, and let each of the 
v n and v {2 signal sources have a series resistance . What 
condition must apply in addition to the condition in Eq. 
(2.15) in order for the amplifier to function as an ideal dif¬ 
ference amplifier? 

*2.65 For the difference amplifier shown in Fig. P2.62, let 
all the resistors be 10 kQ ± x%. Find an expression for the 
worst-case common-mode gain that results. Evaluate this for 
x~ 0.1, I, and 5. Also, evaluate the resulting CMRR in each 
case. Neglect the effect of resistor tolerances on A r 

2.66 For the difference amplifier of Fig. 2.16, show that if 
each resistor has a tolerance of ±100 f % (i.e., for, say, a 5% 
resistor, f = 0.05) then the worst-case CMRR is given 
approximately by 



CMRR = 20 



~ K+ r 
4e 


where K is the nominal (ideal) value of the ratios (/?-,//?,) 

and (/? 4 //? 3 ), Calculate the value of worst-case CMRR for 

an amplifier designed to have a differential gain of ideally 

100 V/V, assuming that the op amp is ideal and that 1% 
resistors are used. 


D 2,67 Design the difference amplifier circuit of Fig. 2.16 
to realize a differential gain of 100, a differential input resis¬ 
tance of 20 kQ, and a minimum CMRR of 80 dB. Assume the 

op amp to be ideal. Specify both the resistor values and their 
required tolerance (e.g., better than x%). 

2.68 (a) Find A d and A cm for the difference amplifier cir¬ 
cuit shown in Fig. P2.68. 

<b) II the op amp is specified to operate properly as long 
as the common-mode voltage at its positive and negative 
inputs falls in the range ±2.5 V, what is the corresponding 

Im ^ 11 on ran S e of the input common-mode signal 
( is is known as the common-mode range of the 

differential amplifier.) 
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(c) The circuit is modified by connecting a 10-kQ resistor 
between node A and ground, and another 10-kQ resistor 
between node B and ground. What will now be the values 
of A r A im , and the input common-mode range? 


ioo kn 



Figure P2.68 

**2.69 fo obtain a high-gain, high-input-resistance differ¬ 
ence amplifier, the circuit in Fig. P2.69 employs positive feed¬ 
back, in addition to the negative feedback provided by the 
resistor R connected from the output to the negative input of the 
op amp. Specifically, a voltage divider (R y RJ connected 
across the output feeds a fraction /?of the output, that is, a volt¬ 
age fSv t) , back to the positive-input terminal of the op 
amp through a resistor R, Assume that /? 5 and R b are much 
smaller than R so that the current through R is much lower than 
the current in the voltage divider, with the result that 
ji — /? (> |(/? 5 + R b ). Show that the differential gain is given by 

4 = Vo 

' " Vtf 1 -P 

{Hint: Use superposition.) 

Design the circuit to obtain a differential gain of 10 V/V and 
differential input resistance of2 MQ. Select values for/?, J? 5 , 
and /? 6 , such that (/? 5 + R h ) < R/ 100. 




Figure P2.69 



*2.70 Figure P2.70 shows a modified version of the differ- 
e ce amplifier. The modified circuit includes a resistor R cy 
which can be used to vary the gain. Show that the differen¬ 
tial voltage gain is given by 





{Hint: The virtual short circuit at the op-amp input causes 
the current through the /?, resistors to be v ld /2R x .) 


R 


R 


R 



Figure P2.70 

D *2.71 The circuit shown in Fig. P2.71 is a representation 
of a versatile, commercially available IC, the FNA105, manu¬ 
factured by Burr-Brown and known as a differential ampli¬ 
fier module. It consists of an op amp and precision, laser- 
trimmed, metal-film resistors. The circuit can be configured 
for a variety of applications by the appropriate connection of 
terminals A, B, C, D, and O. 


<a) Show how the circuit can be used to implement a dif¬ 
ference amplifier of unity gain, 

(b) Show how the circuit can be used to implement sin¬ 
gle-ended amplifiers with gains: 

(i) -1 V/V 

(ii) +1 V/V 

(iii) +2 V/V 

(iv) +1/2 V/V 

Avoid leaving a terminal open-circuited, foi such a terminal 
may act as an “antenna," picking up interference and noise 


25 kQ 25 kfl 
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through capacitive coupling. Rather, find a convenient node 
to connect such a terminal in a redundant way. When more 
than one circuit implementation is possible, comment on the 
relative merits of each, taking into account such consider¬ 
ations as dependence on component matching and tnpu 


resistance. 

2.72 Consider the instrumentation amplifier ut 1 ig. 2.20(b) 

with a common-mode input voltage of+2 V (dc) and a dif¬ 
ferential input signal of 80-mV peak sine wave. Let 2R } - 
2 kfi, R, = 50 kfl, R, = R 4 = 10 kfl Find the voltage at every 

node in the circuit. 


2.73 (a) Consider the instrumentation amplifier circuit of 
Fig. 2.20(a). If the op amps are ideal except that their out¬ 
puts saturate at ±14 V, in the manner shown in Fig. 1.14, 
find the maximum allowed input common-mode signal for 

the case = 1 kH and R 2 — 100 k£2. 

(b) Repeat (a) for the circuit in I 'ig. 2.20( b ), and comment 

on the difference between the two circuits. 


2.74 (a) Expressing v,, and v n in terms of diffe ential 
and common-mode components, find and v m in the 
circuit in Fig. 2.20(a) and hence find their differential 
component v 02 - v m and their common-mode component 
k v 0 \ + v 02 ), Now find the differential gain and the common¬ 
mode gain of the first stage of this instrumentation ampli¬ 
fier and hence the CMRR. 

(b) Repeat for the circuit in Fig. 2.20(b), and comment on 
the difference between the two circuits. 


*2.75 For an instrumentation amplifier of the type shown 
in Fig. 2.20(b), a designer proposes to make R 2 = R^ = /? 4 = 
100 kT2, and 2R l = 10 kfL For ideal components, what 
difference-mode gain, comm on-mode gain, and CMRR 
result? Reevaluate the worst-case values for these for the sit¬ 
uation in which all resistors are specified as ±1% units. 
Repeat the latter analysis for the case in which 2 R { is 
reduced to 1 kff What do you conclude about the effect of 
the gain of the first stage on CMRR? (Hint: Eq. (2.19) can 
be used to evaluate A cm of the second stage.) 


20 kH 



Figure P2.77 

(c) Assuming that the op amps operate from ±15-V power 
supplies and that their output saturates at ±14 V (in the man¬ 
ner shown in Fig. 1.14), what is the largest sine-wave out¬ 
put that can be accommodated? Specify both its peak-to- 
peak and rms values. 

'2.78 Ihe two circuits in Fig. P2.78 are intended to 
function as voltage-to-current converters; that is, they 
supply the load impedance Z L with a current proportional 
to v, and independent of the value of Z r Show that this is 
indeed the case, and find for each circuit i () as a function 
of v r Comment on the differences between the two 
circuits. 

Section 2.5: Integrators and 
Differentiators 

2.79 A Miller integrator incorporates an ideal op amp, a 
resistor of 100 k£2, and a capacitor C of 1 nF. A sine-wave 
signal is applied to its input. 


D 2.76 Design the instrumentation-amplifier circuit of 
Fig. 2.20(b) to realize a differential gain, variable in the 
range 1 to 100, utilizing a : H)-kft pot as variable resistor. 
(Hint: Design the second stage for a gain of 0.5.) 


SIM 


*2.77 The circuit shown in Fig. P2.77 is intended 

supply a voltage to floating loads (those for which both t< 

minals are ungrounded) while making greatest possible u 
of the available power supply. 


(a) Assuming ideal op amps, sketch the voltage 

forms a. nodes B and C for a I -V peak-to-peak sine 
applied at A. Also sketch v ir 

(b) What is the voltage gain v 0 /vp. 


(a) At what frequency (in Hz) are the input and output 
signals equal in amplitude? 

(b) At that frequency, how does the phase of the output 
sine wave relate to that of the input? 

(c) It the frequency is lowered by a factor of 10 from that 
found in (a), by what factor does the output voltage 
change, and in what direction 1 smaller or larger)? 

(d) What is the phase relation between the input and out¬ 
put in situation (c)? 

D 2.80 Design a Miller integrator with a time constant of 
0.1 s and an input resistance of 100 kQ. A dc voltage of -1 
volt is applied at the input at time 0, at which moment v 0 = 
-10 V. How long does it take the output to reach 0 V? +10 V? 
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Figure P2.78 

2.81 An op-amp-based inverting integrator is measured at 

1 kHz to have a voltage gain of -100 V/V. At what fre¬ 
quency is its gain reduced to - I V/V? What is the integrator 
time constant? 

D 2.82 Design a Miller integrator that has a unity-gain fre¬ 
quency of 1 krad/s and an input resistance of 100 k£2. Sketch 
the output you would expect for the situation in which, with 
output initially at 0 V, a 2-V, 2-ms pulse is applied to the 
input. Characterize the output that results when a sine wave 

2 sin 1000/ is applied to the input. 

D 2.83 Design a Miller integrator whose input resistance is 
2' 1 k±2 and unity-gain frequency is 10 kHz. What components 
are needed? For long-term stability, a feedback resistor is 
introduced across the capacitor, limits the dc gain to 40 dB. 
What is its value? What is the associated lower 3-dB fre¬ 
quency? Sketch and label the output that results with a 
0.1 -ms, l-V positive-input pulse (initially at 0 V) with (a) no 
dc stabilization (but with the output initially at 0 V) and 
(b) the feedback resistor connected. 

*2.84 A Miller integrator whose input and output voltages 
are initially zero and whose time constant is l ms is driven 
by ike signal shown in Fig. P2.84. Sketch and label the out¬ 
put waveform that results. Indicate what happens if the input 
levels are ±2 V, with the time constant the same (l ms) and 
with the time constant raised to 2 ms. 

2.85 Consider a Miller integrator having a time constant of 
1 ms and an output that is initially zero, when fed with a 
string of pulses of 10-ps duration and l-V amplitude rising 
from 0 V (see Fig. P2.85). Sketch and label the output wave 



t, ms 


Figure P2.84 



Figure P2.85 

form resulting. How many pulses are required for an output 
voltage change of 1 V? 
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D 2 86 Figure P2.86 shows a circuit that performs a low- 
° 2 S sic function. Such a circuit is known as a tirst -° r ^ r d 
low-pass active filter. Derive the transfer » 

show that the dc gain is (-«,/«,) end the 3 -dB Muen y 
(0 = \/CR^- Design the circuit to obtain an inpu 

tance off 0 kh. a dc gain of 20 dB. and a 3 -dB frequency^ 
10 kHz. At what frequency does the magnitude o 
fer function reduce to unity? 


C 



Figure P2.86 


2.87 Show that a Miller integrator implemented with an op 
amp with open-loop gam A,, has a low-pass STC transfer func¬ 
tion. What is the pole frequency of the STC function? How 
does this compare with the pole frequency of the ideal integra¬ 
tor? If an ideal Miller integrator is fed with a -1-V pulse signal 
with a width T= CR , what will the output voltage be at t = T? 
Assume that at / = 0, v n = 0. Repeat for an integrator with an op 
amp having A 0 = 1000. 

2.88 A differentiator utilizes an ideal op amp. a 10-kQ resis¬ 
tor, and a 0.01-pF capacitor. What is the frequency /„ (in Hz) 
at which its input and output sine-wave signals have equal 
magnitude? What is the output signal for a 1 -V peak-to-peak 
sine-wave input with frequency equal to 10/ o ? 

2.89 An op-amp differentiator with 1-ms time constant is 
driven by the rate-controlled step shown in Fig. P2.89. Assum¬ 
ing v a to be zero initially, sketch and label its waveform. 



2 90 An op-amp differentiator, employing the circuit 
shown in Fig. 2.27(a). has R = 10 kn and C = 0 1 pF. When 
.i triangle wave of ±I-V peak amplitude at I kHz is applied 
m the input, what form of output results? What is its fre¬ 
quency'’ What is its peak amplitude? What is its average 
value? What value of R is needed to cause the output to have 

- i a \/ rv,i-aL amnlilllde? 


2 91 Use an ideal op amp to design a differentiation circuit 
for which the time constant is KT s using a 10-nF capacitor. 
What are the gains and phase shifts found for this circuit at 
one-tenth and 10 times the unity-gain frequency'^ A series 
input resistor is added to limit the gain magnitude at high 
frequencies to 100 V/V. What is the associated 3-dB fre¬ 
quency? What gain and phase shift result at 10 times the 

unity-gain frequency? 


D 2.92 Figure P2.92 shows a circuit that performs the 
high-pass, single-time-constant function. Such a circuit is 
known as a first-order high-pass active filter. Derive the 
transfer function and show that the high-frequency gain is 
(-Ri/R \) and the 3-dB frequency co u - 1 ■ CR V . Design the 
circuit to obtain a high-frequency input resistance of 10 kQ, a 
high-frequency gain of 40 dB, and a 3-dB frequency of 500 
Hz, At what frequency does the magnitude of the transfer 
function reduce to unity? 


R , 



o V. 


Figure P2.92 

D *2.93 Derive the transfer function of the circuit in 
Fig, P2.93 (for an ideal op amp) and show' that it can he 
written in the form 

K = -y/?, _ 

V, [ 1 + ( a >, /j co)][ 1 +j( oj/ ah)] 

where ry, = 1/C,/?, and ^ = \/C 2 R 2 . Assuming that the 
circuit is designed such that at, §> oj v find approximate 
expressions for the transfer function in the following fre¬ 
quency regions: 

(a) oj < Q) x 

( b ) oj < ox oj , 

4 

(c) OJ > co , 


Figure P2.89 
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C, 



Figure P2.93 

Use these approximations to sketch a Bode plot for the mag¬ 
nitude response. Observe that the circuit performs as an 
amplifier whose gain rolls off at the iow-frequency end in 
the manner of a high-pass SI ; network, and at the high- 
frequency end in the manner of a low-pass STC network. 
Design the circuit to provide a gain of 40 dB in the "‘middle 
frequency range," a low-frequency 3-dB point at 100 Hz. a 
high-frequency 3-dB point at 100 kHz, and an input resis¬ 
tance (at oj> oj x ) of I kQ. 

Section 2.6: DC Imperfections 

2.94 An op amp wired in the inverting configuration with 
the input grounded, having R 2 = 100 kQ and /?, - 1 kQ, has 
an output dc voltage o> -0.4 V. If the input bias current is 
known to he very small, find the input offset voltage. 

2.95 A noninverting amplifier with a gain of 200 uses an 
op amp having an input offset voltage of ±2 mV. I tnd the 
output when the input is 0.01 sin col , volts. 

2.96 A noninverting amplifier with a closed-loop gain 
of I OOP is designed using an op amp having an input off¬ 
set voltage of 5 mV and output saturation levels of 
±13 V. What is the maximum amplitude of the sine wave 
that can he applied at the input without the output clip¬ 
ping? If the amplifier is capacitively coupled in the man¬ 
ner indicated in Fig. 2.36, what would the maximum 
possible amplitude be? 

2.97 An op amp connected in a closed-loop inverting con¬ 
figuration having a gain of 1000 V/V and using relatively 
small-valued resistors is measured with input grounded to 
have a dc output voltage of-1.4 V. What is its input offset 
voltage? Prepare an offset-voltage-source sketch resembling 
that in Fig. 2.28. Be careful of polarities. 

2.98 A particular inverting amplifier with nominal gain 
of-100 V/V uses an imperfect op amp in conjunction with 
100-kQ and 10-MQ resistors. The output voltage is found to 
be +9.31 V when measured with the input open and +9.09 V 
with the input grounded. 


(a) What is the bias current of this amplifier? In what 
direction does it flow? 

(b) Estimate the value of the input offset voltage. 

(c) A 10-MQ resistor is connected between the positive- 
input terminal and ground. With the input left floating 
(disconnected), the output dc voltage is measured to be 
-0.8 V. Estimate the input offset current. 

D *2.99 A noninverting amplifier with a gain of +10 V/V 
using 100 kQ as the feedback resistor operates from a 5-kQ 
source. For an amplifier offset voltage of 0 mV, but with a 
bias current of 1 pA and an offset current of 0.1 pA, what 
range of outputs would you expect? Indicate where you 
would add an additional resistor to compensate for the bias 
currents. What does the range of possible outputs then 
become? A designer wishes to use this amplifier with a 15- 
kil source. In order to compensate for the bias current in this 
case, what resistor would you use? And where? 

D 2.100 The circuit of Fig. 2.36 is used to create an ac- 
coupled non in verting amplifier with a gain of 200 V/V 
using resistors no larger than 100 kQ. What values of/?,, /?„ 
and /? 3 should be used? For a break frequency due to C\ at 
UK I Hz, and that due to C 2 at 10 Hz, what values of C j and 
C, are needed? 

2.101 Consider the difference amplifier circuit in Fig. 2.16. 
Let /?, = /?,= 10 kQ and /?, = /? 4 = 1 MQ. If the op amp has 
V os - 4 mV, 1 g - 0.5 pA, and I os — 0.1 pA, find the worst- 
case (largest) dc offset voltage at the output. 

*2.102 The circuit shown in Fig. P2.102 uses an op amp 
having a ±4-mV offset. What is its output offset voltage? 
What does the output offset become with the input ac cou¬ 
pled through a capacitor C? If, instead, a large capacitor is 
placed in series with 1-kQ resistor, what does the output 
offset become? 


1 MQ 1 MQ 



Figure P2.T02 

2.103 Using offset-nulling facilities provided for the op 
amp, a closed-loop amplifier with gain of + 1000 is adjusted 
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at 25°C to produce zero output with the input grounded. It' 
th/input offset-voltage drift of the op amp is specified to 
he 10 uV/°C. what output would you expect at 0°C and at 
75 of ) while nothing can he said separately about the polar¬ 
ity of the output offset at either 0 or 75 C, what would you 
expect their relative polarities to be ,, 

2.104 An op amp is connected in a closed loop with gain 
of+100 utilizing a feedback resistor of l MU. 

(a) If the input bias current is 100 nA. what output volt¬ 
age results with the input grounded '. 1 

(b) If the input offset voltage is ±1 m V and the input bias 
current as in (a), what is the largest possible output that 
can be observed with the input grounded? 

(c) If bias-current compensation is used, what is the value 
of the required resistor? If the offset current is no more 
than one-tenth the bias current, what is the resulting out¬ 
put offset voltage (due to offset current alone)? 

(d) With bias-current compensation as in (c) in place 
what is the largest dc voltage at the output due to the com¬ 
bined effect of offset voltage and offset current? 

*2.105 An op amp intended for operation with a closed- 
loop gain of 100 V V uses resistors of 10 kO and 1 MO 
with a bias-current-compensation resistor R v What should 
the value of R y be? W ith input grounded, the output offset 
voltage is found to be +0.21 V. Estimate the input offset cur¬ 
rent assuming zero input offset voltage. If the input offset 
voltage can be as large as 1 mV of unknown polarity, what 
range of offset current is possible? 

2.106 A Miller integrator with R — 10 kO and C= 10 nF is 
implemented by using an op amp with V os = 3 mV, I B = 
0 .1 pA. and l os - 10 nA. To prov tde a finite dc gain, a 1 -MQ 
resistor is connected across the capacitor. 

(a) To compensate for the effect of /, a resistor is con¬ 
nected in series with the positiv e-input terminal of the op 
amp. What should its value be? 

(b) With the resistor of (a) in place, find the worst-case dc 

output voltage of the integrator when the input is 
grounded. 

Section 2.7: Effect of Finite Open-Loop Gain 
and Bandwidth on Circuit Performance 

2.107 The data in the following table apply to internally 
compensated op amps. Fill in the blank entries. 



f„ (Hz) 

f r (Hz) 

10 5 

Iff 


Iff 


Iff 


I0 3 

Iff 


IQ-' 

Iff 

2 x 10 s 

10 



2.108 A measurement of the open-loop gain ot an inter¬ 
nally compensated op amp at very low frequencies shows it 
to be 92 dB: at 100 kHz, this shows it is 40 dB. Estimate val¬ 
ues for,4 0 ,_/, and 4* 

2.109 Measurements of the open-loop gain of a compen¬ 
sated op amp intended for high-frequency operation indicate 
that the gain is 5.1 x I0 3 at 100 kHz and 8.3 x 10 ’ at 10 kHz. 
Estimate its 3-dB frequency, its unity-gain frequency, and its 

dc gain. 

2.110 Measurements made on the internally compensated 
amplifiers listed below provide the dc gain and the fre¬ 
quency at which the gain has dropped by 20 dB. For each, 
what are the 3 dB and unity-gain frequencies? 

(a) 3x10' V/V and 6 x 10 2 Hz 

(b) 50 x 10' V/V and 10 Hz 

(c) 1500 V/V and 0.1 MHz 

(d) 100 V/V and 0.1 GHz 

(e) 25 V/mV and 25 kHz 

2.111 An inverting amplifier with nominal gain oi -20 V/V 
employs an op amp having a dc gain of 10 J and a unity-gain 
frequency of 10" Hz. What is the 3-dB frequency /. tn of the 
closed-loop amplifier? What is its gain at 0.1 / d() and at 10 
f 9 

J JdB 1 

2.112 A particular op amp. characterized by a gain-band¬ 
width product of 10 MHz, is operated with a closed-loop 
gain of+100 V/V. What 3-dB bandwidth results? At what 
frequency does the closed-loop amplifier exhibit a - 6 ° 
phase shift? A -84° phase shift? 

2.113 Find the / required for internally compensated op 
amps to be used in the implementation of closed-loop 
amplifiers with the following nominal dc gains and 3-dB 
bandwidths: 


(a) -100 V/V; 100 kHz 

(b) +100 V/V; 100 kHz 

(c) +2 V/V; 10 MHz 

(d) -2 V/V; 10 MHz 

(e) -1000 V/V; 20 kHz 

(f) +1 V/V; I MHz 

(g) -1 V/V; 1 MHz 


2.114 A noninverting op-amp circuit with a gain of 96 V/V 
is found to have a 3-dB frequency of 8 kHz. For a particular 
system application, a bandwidth of 24 kHz is required. What 
is the highest gain available under these conditions? 


1 ,msider a unity-gain follower utilizing an internally 
compensated op amp with / = ] MHz. What is the 3 -dB fre¬ 
quency of the follower? At what frequency is the gain of the 
o ower I , o below its low-trequency magnitude? If the 
input to the follower is a 1-V step, find the 10 % to 90% rise 
time of the output voltage. {Note: The step response of STC 
low-pass networks is discussed in Appendix E.) 
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D *2.116 It is required to design a noninverting amplifier 
with a dc gain of 10. When a step voltage of 100 mV is 
applied at the input, it is required that the output be within 
1 % of its final value of 1 V in at most 100 ns. What must the 
f 0 f the op amp be? {Note: The step response of STC low- 
pass networks is discussed in Appendix E.) 

D *2.117 This problem illustrates the use of cascaded 
closed-loop amplifiers to obtain an overall bandwidth 
greater than can be achieved using a single-stage amplifier 
with the same overall gain. 

(a) Show that cascading two identical amplifier stages, 
each having a low-pass STC frequency response with a 3- 
dB frequency/,, results in an overall amplifier with a 3- 
dB frequency given by 

.A dB = ~ I /1 

(b) It is required to design a noninverting amplifier with a 
dc gain of 40 dB utilizing a single internally compensated 
op amp with / = 1 MHz. What is the 3-dB frequency 
obtained? 

(c) Redesign the amplifier of (b) by cascading two identical 
noninverting amplifiers each with a dc gain of 20 dB. What 
is the 3 -dB frequency of the overall amplifier ? Compare this 
to the value obtained in (b) above. 

D **2.118 A designer, wanting to achieve a stable gain of 
100 V/V at 5 MHz, considers her choice of amplifier topolo¬ 
gies. What unity-gain frequency would a single operational 
amplifier require to satisfy her need? Unfortunately, the best 
available amplifier has an / of 40 MHz. How many such 
amplifiers connected in a cascade of identical noninverting 
stages would she need to achieve her goal? What is the 3-dB 
frequency of each stage she can use? What is the overall 3-dB 
frequency? 

2.119 Consider the use of an op amp with a unity-gain fre¬ 
quency/ in the realization of: 

(a) An inverting amplifier with dc gain of magnitude K. 

(b) A noninverting amplifier with a dc gain of K. 

In each case find the 3-dB frequency and the gain-bandwidth 
product (GBP = |Gain| x/, dD ). Comment on the results. 

2.120 Consider an inverting summer with two inputs V t 
and I, and with 1/ = -(F, + 2F\). Find the 3-dB frequency 
»'l each ot the gain functions V 0 / Fj and F' / V 2 in terms of the 
op amp / {Hint: In each case, the other input to the summer 
can be set to zero—an application of superposition. ) 

Section 2.8: Large-Signal Operation 
°f Op Amps 

2.121 A particular op amp using ±15-V supplies operates 
linearly lor outputs in the range -12 V to+12 V. If used in 


an inverting amplifier configuration of gain - 100 , what is 
the mis value of the largest possible sine wave that can be 
applied at the input without output clipping? 

2.122 Consider an op amp connected in the inverting configu¬ 
ration to realize a closed-loop gain of—100 V/V utilizing resis¬ 
tors ot I kQ and 100 kfl A load resistance R t is connected 
from the output to ground, and a low-frequency sine-wave sig¬ 
nal of peak amplitude (is applied to the input. Let the op amp 
be ideal except that its output voltage saturates at ±10 V and its 
output current is limited to the range ±20 mA. 

(a) For R, = I k£L what is the maximum possible value of 
V p while an undistorted output sinusoid is obtained? 

(b) Repeat (a) for R, = 100 Q. 

(c| If it is desired to obtain an output sinusoid of 10-V 
peak amplitude, what minimum value of R f is allowed? 

2.123 An op amp having a slew rate of 10 V/ps is to be 
used in the unity-gain follower configuration, with input 
pulses that rise from 0 to 5 V. What is the shortest pulse that 
can be used while ensuring full-amplitude output? For such 
a pulse, describe the output resulting. 

2.124 For operation with 10-V output pulses with the require¬ 
ment that the sum of the rise and fall times represent only 20 % 
of the pulse width (at half amplitude), what is the slew-rate 
requirement for an op amp to handle pulses 2 ps wide? 
( Note: The rise and fall times of a pulse signal are usually mea¬ 
sured between the 10%- and 90%-height points.) 

2.125 What is the highest frequency of a triangle wave of 20 - 
V peak-to-peak amplitude that can be reproduced by an op 
amp whose slew rate is 10 V/ps? For a sine wave oi the 
same frequency, what is the maximum amplitude of output 
signal that remains undistorted? 

2.126 For an amplifier having a slew rate of 60 V/ps, what 
is the highest frequency at which a 20 -V peak-to-peak sine 
wave can be produced at the output? 

D 2.127 In designing with op amps one has to check the 
limitations on the voltage and frequency ranges of operation 
of the closed-loop amplifier, imposed by the op-amp finite 
bandwidth (/), slew rate (SR), and output saturation (F injx ). 
This problem illustrates the point by considering the use of 
an op amp with/ = 2 MHz, SR - 1 V/ps, and F mx = lOVin 
the design of a noninverting amplifier with a nominal gain 
of 10. Assume a sine-wave input with peak amplitude F. 

(a) If F = 0.5 V, what is the maximum frequency before 
the output distorts? 

(b) If/= 20 kHz, what is the maximum value of I, before 
the output distorts? 

(c) If V - 50 mV, what is the useful frequency range of 
operation? 

(d) If/= 5 kHz, what is the useful input voltage range? 
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fN THIS CHAPTER YOU WILL LEARN 


1. The basic properties of semiconductors and in particular silicon, which 
is the material used to make most of today’s electronic circuits. 


2. How doping a pure silicon crystal dramatically changes its electrical con¬ 
ductivity, which is the fundamental idea underlying the use of semicon¬ 
ductors in the implementation of electronic devices. 

3. The two mechanisms by which current flows in semiconductors: drift 
and diffusion of charge carriers. 

4. The structure and operation of the pn junction; a basic sem iconductor struc¬ 
ture that implements the diode and plays a dominant role in transistors. 


Introduction 


Thus far we have dealt with electronic circuits, and notably amplifiers, as system building 
blocks. For instance, in Chapter 2 we learned how to use op amps to design interesting and 
useful circuits, taking advantage of the terminal characteristics of the op amp and without 
any know ledge of what is inside the op amp package. Though interesting and motivating, 
this approach has its limitations. Indeed, to achieve our goal of preparing the reader to 
become a proficient circuit designer, we have to go beyond this black-box or system-level 
abstraction and learn about the basic devices from which electronic circuits are assembled, 
namely, diodes (Chapter 4) and transistors (( hapters 5 and 6). These solid-state devices are 
made using semiconductor materials, predominantly silicon. 

In this chapter, we briefly introduce the properties and physics of semiconductors. The 
objective is to provide a basis for understanding the physical operation of diodes and transistors 
in order to enable their effective use in the design of circuits. Although many of the concepts 
studied in this chapte; apply to semiconductor materials in general, our treatment is heavily 
biased tow'ard silicon, simply because it is the material used in the vast majority of microelec¬ 
tronic circuits. To complement the material presented here. Appendix A provides a description oi 
the integrated-circuit fabrication process. As discussed in Appendix A, whether our circuit con¬ 
sists ot a single transistor or is an integrated circuit containing more than 2 billion transistors, it 
is fabricated in a single silicon crystal, which gives rise to the name monolithic circuit. This 
chapter therefore begins with a study of the crystal structure ol semiconductors and introduces 
the two types of charge carriers available for current conduction: electrons and holes. The most 
significant property of semiconductors is that their conductivity can be varied over a very wide 
range through the introduction of controlled amounts of impurity atoms into the semiconductor 
crystal in a process called doping. Doped semiconductors are discussed in Section 3,2. Ibis is 
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followed by the study in Section 3.3 of the two mechanisms for current flow in semiconductor,, 
“Sr—- concepts, we spend the remainder of toe chapter on the 

£e toe/>» junction is the basic element of toe bipolar junct, on transistor BJT Chapter 6) and 
nia„c „„ important rale in the operation of tield-ertect transistors (FETs, C ap er.). 


3.1 Intrinsic Semiconductors 


As their name implies, semiconductors are materials whose conductiv ity lies between that of 
conductors, such as copper, and insulators, such as glass. There are two kinds of semicon¬ 
ductors: single-element semiconductors, such as germanium and silicon, which are in group 
IV in the periodic table; and compound semiconductors, such as gallium-arsenide, which are 
formed by combining elements from groups III and V or groups II and VI. C ompound semi¬ 
conductors are useful in special electronic circuit applications as well as in applications that 
involve light, such as light-emitting diodes (LEDs). Of the two elemental semiconductors, 
germanium was used in the fabrication of very early transistors (late 1940s, early 1950s}. It 
was quickly supplanted, however, with silicon, on which today’s integrated-circuit technol¬ 
ogy is almost entirely based. For this reason, we will deal mostly with silicon devices 
throughout this book. 1 

A silicon atom has four valence electrons, and thus it requires another four to complete 
its outermost shell. This is achieved by sharing one of its valence electrons with each of its 
four neighboring atoms. Each pair of shared electrons forms a covalent bond. ! he result is 
that a crystal of pure or intrinsic silicon has a regular lattice structure, where the atoms are 
held in their position by the covalent bonds. Figure 3.1 shows a two-dimensional representa¬ 
tion of such a structure. 


At sufficiently low temperatures, approaching absolute zero (0 K), all the covalen 
bonds are intact and no electrons are available to conduct electric current. Thus, at such low 
temperatures, the intrinsic silicon crystal behaves as an insulator. 

At room temperature, sufficient thermal energy exists to break some of the covalent bonds 
a process known as thermal generation. As shown in Fig. 3.2, when a covalent bond is broken 
an electron is freed. The free electron can wander away from its parent atom, and it becomes 
available to conduct electric current if an electric field is applied to the crystal. As the electron 
lea\ es its parent atom, it leaves behind a net positive charge, equal to the magnitude of the elec¬ 
tron charge. Thus, an electron from a neighboring atom may be attracted to this positive charge, 
and leaves its parent atom. This action tills up the "hole” that existed in the ionized atom bul 
^ es a in the other atom. This process may repeat itself, with the result that we 

1 - ., , . ' ^ moving through the silicon crystal struc- 

tn the rh Vai ? 610 Con ^ uct e ' ectr ^ c current. The charge of a hole is equal in magnitude 
are hrnk-prf °a T 6 6Ctr ? n can ^ us see tdat as temperature increases, more covalent bonds 

and holes re^t ^ 0 016 ^ “* generatecl T hc increase in the numbers of free electrons 

and holes results in an increase in the conductivity of silicon. 


tion of the book, is studied in ^ome^etaT 1 ^ circuits ’ vvhich thou 8 h not covered in th 

accompanying the text. In ma terial provided on the text website and on th 
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Valence 

electrons 


Covalent 

bonds 



Silicon 


atoms 


Figure 3,1 Two-dimensional representation of the silicon crystal. The circles represent the inner core of 
silicon atoms, with +4 indicating its positive charge of +4q, which is neutralized by the charge of the four 
valence electrons. Observe how the covalent bonds are formed by sharing of the valence electrons. At 0 K, 
all bonds are intact and no free electrons are available for current conduction. 


Broken 

covalent 

bond 


Covalent 

bond 


Valence 

electrons 



Hole 


Silicon atoms 


Figure 3.2 At room temperature, some of the covalent bonds are broken by thermal generation. Each bro¬ 
ken bond gives rise to a free electron and a hole, both of which become available for current conduction. 


Thermal generation results in free electrons and holes in equal numbers and hence equal 
concentrations, where concentration refers to the number of charge carriers per unit volume 
(cm ). The tree electrons and holes move randomly through the silicon crystal structure, and 
ln P r °cess some electrons may til! some of the holes. This process, called recombination, 
results in the disappearance of free electrons and holes. The recombination rate is 




































































128 Chapter 3 Semiconductors 


U f ftp, electrons and holes, which in turn is determined by the 
proportional to the number ot tr ftnction of tempe rature. In thermal equilib- 

thermal generation rate. The a oe neration rate, and one can conclude that the 

rium, the recombination rate ,s equal o the gew* holes 
concentration of free electrons n is equal to the concent 


n = p 


= H; 


(3.1) 



here »- denotes the number of free electrons and holes in a unit volume (cm’) of intrinsic 
_' a m , ipn tpmnerature. Results from semiconductor physics gives #i, as 



BT i/2 e~ Eg/2kT 



where B is a material-dependent parameter that is 7.3 x 10 ’em K ' tor silicon; E a 
parameter known as the bandgap energy, is 1.12 electron volt (eV) for silicon-; and k is 
Boltzmann's constant (8.62 x l(T s eV/K). It is interesting to know that the bandgap energy 
E is ,he minimum energy required to break a covalent bond and thus generate an electron- 

hole pair. 


Example 3.1 


Calculate the value of for silicon at room temperature (T — 300 K). 

Solution 

Substituting the values given above in Eq. (3.1) provides 

n't izd5,., nA v3/2 -U2/(2x8.62x 10 ‘ x 300) 

/?, = 7.3 x 10 (300) e 
= 1.5 x 10 !t) carriers/cm 3 

Although this number seems large, to place it into context note that silicon has 5 x 10 33 atoms/cm\ Thus 

at room temperature only one in about 5 x 10 12 atoms is ionized and contributing a free electron and a 
hole! 


Finally, it is useful lor future purposes to express the product of the hole and tree-electron 
concentration as 

pn = w 2 (3.3) 

where for silicon at room temperature, n t = 1.5 x lO'Vcm'. As will be seen shortly, this 
relationship extends to extrinsic or doped silicon as well. 


2 Note that 1 eV = ].6x 10" 19 


J. 
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3.1 Calculate the intrinsic carrier density ,j, for silicon at T= 50 K and 350 K 
Ans. 9.6 x 10 ' /cm ; 4.15 x lO'^/cm 3 


3.2 Doped Semiconductors 

The intrinsic silicon crystal described above has equal concentrations of free electrons and 
holes, generated by thermal generation. These concentrations are far too small for silicon to 
conduct appreciable current at room temperature. Also, the carrier concentrations and hence 
the conductivity are strong functions of temperature, not a desirable property in an elec¬ 
tronic device. Fortunately, a method was developed to change the carrier concentration in a 
semiconductor crystal substantially and in a precisely controlled manner. This process is 
known as doping, and the resulting silicon is referred to as doped silicon. 

Doping involves introducing impurity atoms into the silicon crystal in sufficient num¬ 
bers to substantially increase the concentration of either free electrons or holes but with little 
or no change in the crystal properties of silicon. To increase the concentration of free elec¬ 
trons, /?, silicon is doped with an element with a valence of 5, such as phosphorus. The result¬ 
ing doped silicon is then said to be of n type. Vo increase the concentration of holes, p, silicon 

is doped with an element having a valence of 3, such as boron, and the resulting doped silicon 
is said to be o ip type. 

figure 3.3 shows a silicon crystal doped with phosphorus impurity. The dopant (phos¬ 
phorus ) atoms replace some of the silicon atoms in the crystal structure. Since the phosphorus 
atom has five electrons in its outer shell, four of these electrons form covalent bonds with the 
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igure 3,3 A silicon crystal doped by a pentavalent element. Each dopant atom donates a free electron 
ai1 d is thus called a donor. The doped semiconductor becomes n type. 
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o 

o 


, . ,, h e , ectron becomes a free electron. Thus each phosphorus 

neighboring atoms, and the firm , and the phosphorus impurity is called a 

atom donates a free electron to t gene rated by this process. The positive 

donor. It should be clear, thoug., ^ ■ . , nd charge that does not move through 

charge associated with the phosphorus atom is a bound eng * 

the crystal. . M where w j s usually much greater than« the 

If the concentration of donor atoms is N D ,wnere o 

:oncentration of free electrons in the ,-type silicon will be 


n„ “ N 


D 


(3.4) 


. ■ . J „ „ nme silicon Thus n„ is determined by the doping concen- 

t on and no. by temperature. This is no. the ease, however, tor the holeconcentrat.cn All 
re holes in the ,,-type silicon are those generated by thermal tontza.ton. Them concentrat.on 
, can be found by noting that the relationship in Eq. (3.3) applies equally well for doped 
ilicon. provided thermal equilibrium is achieved. Thus for n -type si icon 


Pn»H = n i 


Substituting for n„ from Eq. (3.4). we obtain for p n 




Thus p n will have the same dependence on temperature as that of n r Finally, we note 
that in w-type silicon the concentration of free electrons n n will be much larger than that of 
holes. Hence electrons are said to be the majority charge earners and holes the minority 
charge carriers in w-type silicon. 

To obtain p-type silicon in which holes are the majority charge carriers, a trivalent impu¬ 
rity such as boron is used. Figure 3.4 shows a silicon crystal doped with boron. Note that the 
boron atoms replace some of the silicon atoms in the silicon crystal structure. Since each 



Silicon atom 


Trivalent impurity 
atom (acceptor) 


Electron accepted from 
this atom, thus creating 
a hole 


impurity. Each dopant atom gives rise to a hole, and 
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boron atom has three electrons in its outer shell, it accepts an electron from a neighboring 
atom, thus forming covalent bonds. The result is a hole in the neighboring atom and a bound 
negative charge at the acceptor (boron) atom. It follows that each acceptor atom provides a 
hole. If the acceptor doping concentration is N A , where N A > the hole concentration 

becomes 



(3.6) O 


where the subscript/? denotesp-type silicon. Thus, here the majority carriers are holes and 

their concentration is determined by N A , The concentration of minority electrons can be 
found by using the relationship 


Pp^p 


and substituting for p p from Eq. (3.6), 




Thus, the concentration of the minority electrons will have the same temperature depen¬ 
dence as that of n]. 

It should be emphasized that a piece of «-type orp-type silicon is electrically neutral; the 
charge of the majority free carriers (electrons in the n -type and holes in the p -type silicon) are 
neutralized by the bound charges associated with the impurity atoms. 


o 

o 



_ i <*t 

Consider an w-type silicon for which the dopant concentration N D = 10 /cm . Find the electron and 
hole concentrations at T — 300 K. 


Solution 

The concentration oi the majority electrons is 

ti u — jV d - 10 1 /cm 3 
The concentration of the minority holes is 


Pn 


", 


N 


D 


In Example 3.1 we found that at T= 300 K, n, = 1.5 x to'y'cm 3 . Thus, 


(1.5x 10 10 ) 2 

Pn= - - 


10 


17 


= 2.25 x loVem 1 


Observe that n„ and that n n is vastly higher than p n . 
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L 




For the situation in Example 3.2, find the electron 
the value of at T= 350 K found in Exercise 3.1. 
Ans, n n = lo'Vcm , 3 p n - 1 . 72 x 10 /cm 

For a silicon crystal doped with boron, what must 
drops below the intrinsic level by a factor of 10 ? 
Ans. N a = 1.5 x 10'/'em 3 


and hole concentrations at 350 K. You may use 


jy b e if at r = 300 K, the electron concentration 

1 f A 



3.3 Current Flow in Semiconductors 

There are two distinctly different mechanisms lor the movement of charge carriers and 
hence for current flow in semiconductors; drift and diffusion. 

3.3.1 Drift Current 

When an electrical field E is established in a semiconductor crystal, holes are accelerated in 
the direction of £, and free electrons are accelerated in the direction opposite to that of E. 
This situation is illustrated in Fig. 3.5. The holes acquire a velocity v Mrifi given by 

O V* = pfi (3.8) 

where p is a constant called the hole mobility': It represents the degree of ease by which 
holes move through the silicon crystal in response to the electrical iVeld E. Since velocity has 
the units of centimeters per second and E has the units of volts per centimeter, we see from 
Eq. (3.8) that the mobility p p must have the units oi centimeters squared per volt-second 
(cnr/V-s). For intrinsic silicon p- 480 cnr/V • s. 

The free electrons acquire a drift velocity v„. drjft given by 

® 'Un = (3.9) 

where the result is negative because the electrons move in the direction opposite to E. Here 

fi n is the electron mobility, which for intrinsic silicon is about 1350 cmW-s. Note that p„ 

is about 2.5 times p p , signify ing that electrons move with much greater ease through the sil¬ 
icon crystal than do holes. 

E 


Figure 3.5 An electric field E established in a 
barot silicon causes the holes to drift in the direc¬ 
tion of E and the free electrons to drift in the oppo¬ 
site direction. Both the hole and electron drift 
currents are in the direction of E, 
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Let’s now return to the single-crystal silicon bar shown in Fig. 3.5, Let the concentration 
of holes be p and that of free electrons n. We wish to calculate the current component due to 
the flow of holes. Consider a plane perpendicular to the * direction. In one second the hole 
charge that crosses that plane wi.l be coulombs, where .4 is the cVoslsectionl! 

area of the silicon bar and q is the magnitude of electron charge. This then must be the hole 
component of the drift current flowing through the bar, 

1 P = MP V p.dnJ, ( 3 . 10 ) 

Substituting for i^_ drirt from Eq. (3.9), we obtain 

l p = Aqpfi p E 

We are usually interested in the current density J p , which is the current per unit cross- 
sectional area, 

J p = ^ = <IPPp e (3.11) O 

The current component due to the drift of free electrons can be found in a similar manner. 

Note, however, that electrons drifting from right to left result in a current component from left 
to right. This is because of the convention of taking the direction of current flow as the direc¬ 
tion o 1 flow of positive charge and opposite to the direction of flow of negative charge. Thus, 

K = Adrift 

Substituting for from Eq. (3.9), we obtain the current density J n - I n /A as 

J n = c 1”V n E (3.12) O 

The total drift current density can now' be found by summing J and J n from Eqs. (3.11) 
and (3.12), 

J = J P + J n = qiPVp + n Pn) E (3.13) O 

This relationship can be written as 



(3.14) 



J = E /p 


(3.15) 


where the conductivity' a is given by 


a = qiPMp + RMn) 


and the resistivity p is given by 

_i = 1 

. P a q(PMp + nP„) 

Observe that Eq. (3.15) is a form of Ohm’s law and can be written alternately as 



E 

J 


Thus the units of p are ohm-centimeters Q ■ cm = 


A/cm 


(3.16) 

(3.17) O 

(3.18) 
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Example 3.3 


Find .he resistivity of (a) intrinsic silicon and (b) , -type si,icon with N = 
n = 1.5 x 10 lo /cm\ and assume that for mmn c s.hcon A 

M = 480 cmVv-s, and for the doped silicon //„ = 1110 cm /V P p 

fNote that doping results in reduced carrier mobilities). 


16 


10"/cm ”. Use 
cmVV-s and 
400 cmVV • s. 


Solution 

(a) For intrinsic silicon, 

p = n = h, = 1*5 x 10 ! °/cm 3 


Thus, 


1 

qiPMp + n Pn) 


_ 1 __ 

1.6 X 10 _19 ( 1.5 x 10 10 x48O+ 1.5 x 10 lo x 1350) 

= 2.28 x 10' Q -cm 


(b) For the p-type silicon 

Pp ~ = lO'Vcm 3 



(1.5 x 10 10 ) 2 



16 


2.25 x 10 4 /cm 3 


Thus. 


q(pM p + np„) 



_1_ 

1 .6x 10' lv x 10 16 x 400 


= 1.56 Q • cm 


trabon^AlTo obsme' t ?' ty ,° fthep ‘ typesllicon is determined almost entirely by the doping cone 
—,e change P ' ng ^ " rCS ' S,IV ">' b V • ^ctor of about 1 0 \ a tr 
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3.4 A uniform bar of «-type silicon of 2 pm length has a voltage of 1 V applied across it. If 

/cm and fi n - 1350 cm7V *s, find (a) the electron drift velocity, (b) the time it takes an 
electron to cross the 2-p.m length, (c) the drift-current density, and (d) the drift current in the case 
the silicon bar has a cross sectional area of 0.25 pm : . 

Arts. 6.75 x 10° cm/s; 30 ps; 1.08 x 10 4 A/cm : ; 27 pA 


3.3.2 Diffusion Current 

Carrier diffusion occurs when the density of charge carriers in a piece of semiconductor is 
not uniform. For instance, if by some mechanism the concentration of, say, holes, is made 
higher in one part of a piece of silicon than in another, then holes will diffuse from the 
region oi high concentration to the region of low concentration. Such a diffusion process is 
like that observed if one drops a few ink drops in a water-filled tank. The diffusion of charge 
carriers gives rise to a net flow of charge, or diffusion current. 

As an example, consider the bar of silicon shown in Fig. 3.6(a): By some unspecified 
process, we have arranged to inject holes into its left side. This continuous hole injection 
gives rise to and maintains a hole concentration profile such as that shown in Fig. 3.6(b). 

This profile in turn causes holes to diffuse from left to right along the silicon bar, resulting in 
a hole current in the .x direction. The magnitude of the current at any point is proportional to 
the slope of the concentration profile, or the concentration gradient, at that point, 

dp(.x) 

j p = (319) o 



(b) 


Figure 3.6 A bar of silicon (a) into 
which holes are injected, thus creating the 
hole concentration profile along the a axis, 
shown in (b). The holes ditTuse in the posi¬ 
tive direction of r and give rise to a hole- 
diffusion current in the same direction. 
Note that we are not showing the circuit to 
which the silicon bar is connected. 
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where J is the hole-current density (A/cm'). q is the magnitude ot electron charge D p is, 
constant' called the diffusion constant or diffusivity of holes; and p(x) the hole 
concentration at point .v. Note that the gradient (dp/dx) ts negat.ve, resultmg in a positive 

current in the x direction, as should be expected. 

In the case of electron diffusion resulting from an electron concentration gradient (see 

Fig. 3,7). a similar relationship applies, giving the electron-current density, 


i — n n 


dn{x) 


where D„ is the diffusion constant or diffusivity of electrons. Observe that a negative (dn/dx) 
gives rise to a negative current, a result of the convention that the positive direction of current 
is taken to be that of the flow of positive charge (and opposite to that of the flow of negative 
charge). For holes and electrons diffusing in intrinsic silicon, typical values for the diffusion 

constants are D r = 12 cnr/s and D n = 35 cnr/s, y 

At this point the reader is probably wondering where the diffusion current in the silicon 
bar in Fig. 3.6(a) goes. A good question as we are not showing how the right-side end of the 
bar is connected to the rest of the circuit. We will address this and related questions in detail 
in our discussion of the /w junction in later sections. T 



Figure 3.7 If the electron-concentration profile 
shown is established in a bar of silicon, electrons 
diffuse in the.v direction, giving rise to an electron- 
diffusion current in the negative -x direction. 



Consider a bar of silicon in which a hoh 


is established. Find the hole- 


concentration profile described by 

PU) = Po e ' Lp 


cross-sectional area of the bar isTflO gmTfmdthe clem'/" = l0 ' Vcm ' ^ L " = ' ^ lf ,he 

L V 
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Solution 


Thus, 


J o = -qD, 


dp(x) 

dx 


-x/L 


= -1 D pJ x t Po e I 


^„( 0 ) = 


D p 

V 

1.6 x 10 _N x ——— x 10 lb 


1 x 10 


-4 


= 192 A/cm 


i he current /„ can be found from 

V 


= J P xA 

= 192 x 100 x I0~ 8 
= 192 pA 



3.5 The linear electron-concentration profile shown in Fig. E3.5 has been established in a piece of sili¬ 
con. If n Q = 10 /cm and W - 1 pm, find the electron-current density in micro amperes per 
micron squared (pA/pnr). If a diffusion current of 1 mA is required what must the cross-sectional 
area (in a direction perpendicular to the page) be? 



Figure E3.5 


Arts. 56 pA/pnr; 18pm : 
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3.3.3 Relationship between D and fi 

, . i ■ tioc thi* diffusion constant with the mobility, 

A simple but powerful relationship ties the dittusu 





where V T = kT/q. The parameter V T is known as the thermal voltage. At room tempera¬ 
ture T = 300 K and V, = 25.9 mV. We will encounter V T repeatedly throughout this book. 
The relationship in Eql^l) is known as the Einstein relationship. 




3.6 Use the Einstein relationship to find D„ and D p for intrinsic silicon using / i„ — 1350 cm /V-s 

and p p - 480 cmVV-s. 

Ans. 35 cm 2 /$; 12.4 cm 2 /s 





3.4 The pn Junction with Open-Circuit Terminals 
(Equilibrium) 

Having learned important semiconductor concepts, we are now ready to consider our first 
practical semiconductor structure—the junction. As mentioned previously, the pn junc¬ 
tion implements the diode ' ( hapter 4) and plays the dominant role in the structure and oper¬ 
ation of the bipolar junction transistor (BJ7 ). As well, understanding pn junctions is very 
important to the study of the MOSFET operation (Chapter 5). 


3.4.1 Physical Structure 

Figure shows a simplified physical structure of the pn junction. It consists of p-type 
emicon uctor (e.g., silicon) brought into close contact with an / 7 -type semiconductor mate- 

. ^ aCtUal P rac ^ ce > ^oth thep and n regions are part of the same silicon 

^* e junction is formed within a single silicon crystal by creating regions of 

orocess nf re 8' ons > Appendix A provides a description of the fabrication 

connections ^ ^ CirCl l! tS includin g^ junctions. As indicated in Fig. 3.8, external wire 

junction is used as a 1 ° ” reg,ons throu § h metal (aluminum) contacts. If the pn 

“anode” and “cathoH ” *° l 1 ^ Lonst ' tute the diode terminals and are therefore labeled 

anode and cathode m keeping with diode terminology. 3 


This terminology in fset jg ^ csrrv f 

technology for making diodes and other eledrrmd! j Se<l ' V " h vacllum - tube technology, which was th 
This event ushered in the era of solid-state ■ ^vices until the invention of the transistor in 194/ 

cations, and computers but indeed the world, eCtronics ’ vv ^’ c ^ changed not only electronics, eommuni 
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Metal contact 


Metal contact 


o— 
Anode 




—o 
Cathode 


Figure 3.8 Simplified physical structure of the pn junction. (Actual geometries are given in Appendix A.) 
As the pn junction implements the junction diode, its terminals are labeled anode and cathode. 


3.4.2 Operation with Open-Circuit Terminals 

Figure 3,9 shows a pn junction under open-circuit conditions—that is, the external termi¬ 
nals are left open. I he signs in the p-type material denote the majority holes. The 
charge of these holes is neutralized by an equal amount of bound negative charge associ¬ 
ated with the acceptor atoms. For simplicity, these bound charges are not shown in the 
diagram. Also not shown are the minority electrons generated in the p-type material by 
thermal ionization. 

In the /7-type material the majority electrons are indicated by signs. Flere also, the 
bound positive charge, which neutralizes the charge of the majority electrons, is not shown 
in order to keep the diagram simple. The «-type material also contains minority holes gener¬ 
ated by thermal ionization but not shown in the diagram. 

The Diffusion Current l D Because the concentration of holes is high in the p region and 
low in the n region, holes diffuse across the junction from the p side to the n side; similarly, 
electrons diffuse across the junction from the /? side to the p side. These two current compo¬ 
nents add together to form the diffusion current l D . whose direction is from the p side to the 
n side, as indicated in Fig. 3.9. 

The Depletion Region The holes that diffuse across the junction into the n region 
quickly recombine with some of the majority electrons present there and thus disappear from 
the scene. This recombination process results also in the disappearance of some free electrons 
from the n -type material. I bus some of the bound positive charge will no longei be neutral¬ 
ized by free electrons, and this charge is said to have been uncovered. Since recombination 
takes place close to the junction, there will be a region close to the junction that is depleted of 
free electrons and contains uncovered bound positive charge, as indicated in Fig. 3.9. 

The electrons that diffuse across the junction into the p region quickly recombine with 
some of the majority holes there, and thus disappear from the scene. This results also in lie 
disappearance of some majority holes, causing some of the bound negative charge to be 
uncovered (i.e., no longer neutralized by holes). Thus, in the p material close to the junction, 
there will be a region depleted of holes and containing uncovered bound negative charge, as 
indicated in Fig. 3.9. 

I rom the above it follows that a carrier-depletion region wil l exist on both sides of the 
junction, with the n side of this region positively charged and the p side negatively charged. 
This carrier-depletion region— or, simply, depletion region —is also called the space-charge 
region. The charges on both sides of the depletion region cause an elect' field E to be 
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Figure 3,9 (a) The pn junction with no applied voltage (open-eircuited terminals), (b) The potential distri¬ 
bution along an axis perpendicular to the junction. 


established across the region in the direction indicated in Fig, 3.9. Hence a potential differenct 

results across the depletion region, with the n side at a positive voltage relati ve to thep side, a: 

shown in Fig. 3.9(b). Thus the resulting electric field opposes the diffusion of holes into the / 

region and electrons into the p region, in tact, the voltage drop across the depletion region act; 

as a barrier that has to be overcome for holes to diffuse into the n region and electrons to dif 

se into the p region. The larger the barrier voltage, the smaller the number of carriers tha 

w be able to overcome the barrier and hence the lower the magnitude of diffusion current 

1 US It is the appearance of the barrier voltage V„ that limits the carrier diffusion process. Ii 

ow s that the diffusion current I 0 depends strongly on the voltage drop V a across the deple- 
tion region. (J r 

mamntv^r H n fV S and EqUilibrium ln additio " to the cutrent component /„ due tc 
t.orSneafcl ! ( ;4 C T POIlan ** * mi " 0rity camer drift exisls across the junc- 

junction and reach the edgerflhcTeJlctiS^S Th 116 " materia ' m ° Ve ‘ 0Ward -‘ he 

in the denleticm r^oion u- i , e 8 ,on - There, they experience the electric field 

Of the minority ^t™!*** *" p Slde ' Simi,ar| y- some 

the n side. These two current the depletion region across that region into 

moved by drift from « top-add toetta-to fomth" dT^ ^ ^ fr0m P *° " and h °' eS 

the n side to thep side of the junction, as indicated mRg THinc ^ direC ‘, i0n ^ t>0 h 

ilu in rig. 3.9. Since the current l s is carried 
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by thermally generated minority carriers, its value is strongly dependent on temperature; 
however, it is independent of the value of the depletion-layer voltage V 0 . This is due to the 
fact that the drift current is determined by the number of minority carriers that make it to the 
edge of the depletion region; any minority carriers that manage to get to the edge of the deple¬ 
tion region will be swept across by E irrespective of the value of £ or, correspondingly, of V. 

Under open-circuit conditions (Fig. 3.9) no external current exists: thus the two opposite 
currents across the junction must be equal in magnitude: 


~ Is 

This equilibrium condition 4 is maintained by the barrier voltage V 0 . Thus, if for some reason 1 D 
exceeds / 5 , then more bound charge will be uncovered on both sides of the junction, the deple¬ 
tion layer will widen, and the voltage across it (f (j ) will increase. This in turn causes / to 
decrease until equilibrium is achieved with I D = I s , On the other hand, if I s exceeds I n . then the 
amount of uncovered charge will decrease, the depletion layer will narrow, and the voltage 
across it (will decrease. This causes f D to increase until equilibrium is achieved with I r = I. 

U kj 

The Junction Built-In Voltage With no external voltage applied, the harrier voltage F 0 
across the /w junction can be shown to be given by 5 



V T In 






H/ 


(3.22) O 


where /V f and N D are the doping concentrations of the p side and n side of the junction, 
respectively. Thus V Q depends both on doping concentrations and on temperature. It is 
known as the junction built-in voltage. Typically, for silicon at room temperature, V u is in 
the range of 0.6 V to 0.9 V, 

When the pn junction terminals are left open-circuited, the voltage measured between 
them will be zero. That is, the voltage V 0 across the depletion region does not appear between 
the junction terminals. This is because of the contact voltages existing at the metal- 
semiconductor junctions at the terminals, which counter and exactly balance the barrier volt¬ 
age, If this were not the case, we would have been able to draw energy from the isolated pn 
junction, which would clearly violate the principle of conservation of energy. 


Width of and Charge Stored in the Depletion Region Figure 3.10 provides fur¬ 
ther illustration of the situation that obtains in the pn junction when the mnetion is in equi¬ 
librium. In Fig. 3.10(a) we show a junction in which A\, > N t) , a typical situation in practice. 
This is borne out by the carrier concentration on both sides of the junction, as shown in Fig 
3.1 (it b). Note that we have denoted the minority carrier concentrations in both sides by n 0 
an d p, l0 , with the additional subscript “0” signifying equilibrium (i.e., before external volt¬ 
ages are appiied as will be seen in the next section). Observe that the depletion region 
extends in both the p and n materials and that equal amounts of charge exist on both sides 
(Q+ and Q_ in Fig. 3.10c). However, since usually unequal dopings N A and N D are used, as 
in the case illustrated in Fig. 3.10, the width of the depletion layer will not be the same on 
the two sides. Rather, to uncover the same amount of charge, the depletion layer will extend 
deeper into the more lightly doped material. Specifically, if we denote the width of the 

In tact, in equilibrum the equality of drift and diffusion currents applies not just to the total currents but 
also to their individual components. That is. the hole drift current must equal the hole diffusion current 
and, similarly, the electron drift current must equal the electron diffusion current, 
fhe derivation of this formula and of a number of others in this chapter can be found in textbooks deal- 
ln g with devices, such as that by Streetman and Bannerjee (see the reading list in Appendix t r). 
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Figure 3.10 
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depletion region in the/> side by x p and in the n side by x n) we can express the magnitude of 
the charge on the n side of the junction as 

\Q + \ = qAx n N D (3 23 ) 

and that on the p side of the junction as 


< 2 - | = qAx p N A 


(3.24) 


where A is the cross-sectional area oi the junction in the plane perpendicular to the page. 
The charge equality condition can now be written as 


qAx„N D = qAx p N A 

which can be rearranged to yield 



(3.25) 


In actual practice, it is usual for one side of the junction to be much more heavily doped than 
the other, with the result that the depletion region exists almost entirely on one side (the 
lightly doped side). 

The width W of the depletion layer can be shown to be given by 


w = *„ + x p = 



(3.26) 


where z s is the electrical permittivity of silicon = 11.7e 0 = 11.7 x 8.85 x 10~ 14 F/cm = 
1.04 x 10 "' I7cm. Typically IF is in the range 0.1 pm to 1 pm. Eqs. (3.25) and (3.26) can be 
used to obtain x n and x p in terms of IF as 



= IF 


N 


A 


n a + n d 



= w 


N 


D 


N A + n d 


(3-27) 

(3.28) 




o 

o 


The charge stored on either side of the depletion region can be expressed in terms of IF by 
utilizing Eqs. (3.23 and (3.27) to obtain 

Qj = | 0 + | = 10-1 



(3.29) 


Anally, we can substitute for W from Eq. (3.26) to obtain 


L 

( N a N d \ 

1 ,q 

Vn a + nJ 


F, 


o 


(3.30) 


These expressions for Q, will prove useful in subsequent sections. 
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wm 




Consider a on junction in equilibrium at room temperature ( T= 300 K.) for wh.ch thedop.ng concen¬ 
trations are N, = 10 l8 /cm 3 and N D = lO'W and the cross-sectional area A- 10 cm-. Calculate 


Pp, ”po 


n d K W V, v , and CL. Use= 1.5x10 /cm. 


Solution 


Pd “ N A = 


n 

n P o = ~ “ 


Pd N a 


1a I8 -3 

10 cm 


2 if} 7 

- (i-5x io r _ 

8 


2.25 x 10" cm 3 


10 


n 


n 

i 


— N n — 


n 


n 


P n0 


To find V 0 we use Eq. (3.22), 


D 

j 

mm 

i 


n 


n 


N 


10 16 cm 

(1.5 xl0 l0 f in 4 -3 

— = 2.25 x 10 cm 


D 


10 


16 


V 0 = V T In 


where 




ni 


y = kT = 8.62 x 10~ 5 x 300 (eV) 
T <? q < e) 


-3 


= 25.9 x 10 V 


Thus, 


-3 


V 0 = 25.9 x 10 In 


,J8 .,,16^ 

10 x 10 
f2.25 x 10 2 " 


= 0.814 V 


To determine W we use Eq. (3.26): 


\y - [ 2 X 1,04 X 10 'v ] 


+ 


3 


1.6 x 10" 19 V 10 18 10 !6 ' 

= 3.27 x 10 cm= 0.327 pm 


x 0.814 


To determine x„ and x p we use Eq. (3.27) and (3.28), respectively: 

N 


x = IT—E— 
N A +N D 


= 0.327 


10 


18 


18 . _] 6 = °*^24 pm 


10 ' + 10 


x n = W- 


N a +N 


= 0.327 


D 


10 


16 


10%10 


Finally, to determine the charge stored 


1 - ( M)03 pm 


Qj= HTx 1.6x10“ 


on either side ot the depletion 

( ,rvl8 


region, we use Eq. (3.29) 
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10 x 10 ,6 1 
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= 5.18 x 10" 12 C = 5 
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3.7 Show that 


y o = 


l(£\( U a N d 


2ve v A N a + N 


W 2 


D 


3.8 Show that for a pn junction in which the p side is much more heavily doped than the n side, (i.e 

Na > n d )> referred to as a p + n diode, Eqs. (3.26), (3.27), (3.28), (3.29), and (3.30) can be simpli¬ 
fied as follows: 


IV = 


2e 


qN 


- V, 


a 


D 


X 


n 


w 


,r„ - (W/(N A /N n )) 


D 


Qj = AqN D W 
Qj — Aj2t s qN D V { 


(3.26') 

(3.27') 


(3.28') 


(3.29') 


(3.30') 


3.9 It in the fabrication ol the pn junction in Example 3.5, it is required to increase the minority carrier 
concentration in the n region by a factor of 2, what must be done? 

Ans. Lower N D by a factor of 2. 


3.5 The pn Junction with an Applied Voltage 

Having studied the open-circuited pn junction in detail, we are now' ready to apply a dc volt¬ 
age between its two terminals to find its electrical conduction properties. If the voltage is 
applied so that the p side is made more positive than the n side, it is referred to as a forward- 
bias' 1 voltage. Conversely, if our applied dc voltage is such that it makes the n side more pos¬ 
itive than the p side, it is said to be a reverse-bias voltage. As will be seen, the pn junction 
exhibits vastly different conduction properties in its forward and reverse directions. 

Our plan is as follows. We begin by a simple qualitative description in Section 3.5.1 
and then consider an analytical description of the i-v characteristic of the junction in 
Section 3.5.2. 

3.5.1 Qualitative Description of Junction Operation 

Figure 3.11 shows the pn junction under three different conditions: (a) the open-circuit or 
equilibrium condition studied in the previous section; (b) the reverse-bias condition, where a 
dc voltage V R is applied; and (c) the forward-bias condition where a dc voltage V F is applied. 
Observe that in the open-circuit case, a barrier voltage L 0 develops, making n more positive 
than p, and limiting the diffusion current /,, to a value exactly equal to the di ill current I s , 

For the time being, we take the term bias to refer simply to the application ot a dc voltage. We will see 
in later chapters that it has a deeper meaning in the design ot electronic circuits. 
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ure 3.11 The pn junction in: (a) equilibrium: (b) reverse bias; (c) forward bias. 
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thus resulting in a zero current at the junction terminals, as should be the case since the ter¬ 
minals are open circuited. Also, as mentioned previously, the barrier voltage K 0 , though it 
establishes the current equilibrium across the junction, does not in fact appear between the 

junction terminals. 

' Consider now the reverse-bias case in (b). The externally applied reverse-bias voltage 
y j s j n direction to add to the barrier voltage, and it does, thus increasing the effective 
barrier voltage to ( V 0 + V R ) as shown. This reduces the number of holes that diffuse into the 
n region and the number of electrons that diffuse into the p region. The end result is that the 
diffusion current l D is dramatically reduced. As will be seen shortly, a reverse-bias voltage of 
a volt or so is sufficient to cause 1 D = 0, and the current across the junction and through the 
external circuit wilt be equal to I s . Recalling that I s is the current due to the drift across the 
depletion region of the thermally generated minority carriers, we expect f s to be very small 
and to be strongly dependent on temperature. We will show this to be the case very shortly. 
We thus conclude that in the reverse direction, the pn junction conducts a very small and 
almost-constant current equal to I s . 

Before leaving the reverse-bias case, observe that the increase in barrier voltage will be 
accompanied by a corresponding increase in the stored uncovered charge on both sides of the 
depletion region. This in turn means a wider depletion region, needed to uncover the additional 
charge required to support the larger barrier voltage ( V 0 + V R ). Analytically, these results can 
be obtained easily by a simple extension ot the results ol the equilibrium case. Thus the width 
of the depletion region can be obtained by replacing V 0 in Eq. 1 E26) by (1 0 + * r 



+ X P 



(3.31) 


and the magnitude of the charge stored on either side of the depletion region can be deter¬ 
mined by replacing T 0 in Eq. (3.30) by (T 0 + V R ), 


Qj= A 2 t s q 


( 
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N ,/V 
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( D 


N i + N 


D ) 


(»V (•'«) 



We next consider the forward-bias case shown in Eig. 3.11(c). Here the -ipp d udtage l, is 
in the direction that subtracts from the built-in voltage Vq , resulting in a reduced barrier volt- 
a 8 e I Vq - V F ) across the depletion region. I 'his reduced barrier voltage will be accompanied 
by reduced depletion-region charge and correspondingly narrower depletion-region width 
IE Most importantly, the lowering of the barrier voltage will enable more holes to diffuse 
from p to n and more electrons to diffuse from n to p. Thus the diffusion current l D 
increases substantially and, as will be seen shortly, can become many orders of magnitude 
larger than the drift current I s . The current / in the external circuit is of course the difference 
between f D and l s . 


/= h-h 

y nd it flows in the forward direction of the junction, from p to n. We thus conclude that the 
P n junction can conduct a substantial current in the forward-bias region anti that current 
mosti v 2 diffusion current whose value is determined by the forward-bias voltage V r . 
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forward applied voltage Fand derive an expression for the current / that flows in the for¬ 
ward direction (from p to «). However, our derivation is general and will be seen to yield 
the reverse current when the applied voltage 1 is made negative. 

From the qualitative description above we know that a forward-bias voltage F subtracts 
from the built-in voltage F 0 , thus resulting in a lower barrier voltage ( F 0 T")* The lowered 
barrier in turn makes it possible for a greater number of holes to overcome the barrier and dif¬ 
fuse into the n region. A similar statement can be made about electrons from the n region dif¬ 
fusing into the p region. 

Let us now consider the holes injected into the n region. The concentration of holes in 
the n region at the edge of the depletion region will increase considerably. In fact, an impor¬ 
tant result from device physics shows that the steady-state concentration at the edge of the 
depletion region will be 

. v/v T W 

Pn(*n) = PnO e (3.33) 

That is, the concentration of the minority holes increases from the equilibrium value of p 
(see Fig. 3.10) to the much larger value determined by the value of F, given by Eq. (3.33) 

We describe this situation as follows: The forward-bias voltage V results in an excess 
concentration of minority holes at x = x n , given by 

V/y 

Excess concentration = p n0 e -p„ 0 

v/ v T 

= Pnoie -1) (3.34) 

The increase in minority carrier concentration in Eqs. (3.33) and (3.34) occurs at the edge of 

the depletion region (x = x„). As the injected holes diffuse into the n material, some will 

recombine with the majority electrons and disappear. Thus, the excess hole concentration 

will decay exponentially with distance. As a result, in the total hole concentration in the n 
material will be given by 


Pn( x ) ~ P„o + (Excess concentration 


-ix-xJ/L 


P 


Substituting for the “Excess concentration” from Eq. (3.34) 


gives 


PM = PnO+Pno(e /l ' T - \)i {X ~ Xn)/Lp (3 35 ) 

2es ™ mS i '^ haraCt ; | nZe f by the c “ L p< whi ch is called the diffusion .ength of 

w.th the majority electrons. ^ h °‘ eS Wi " reC ° mbine 

Figure 3.12 shows the steady-stL nunX/ * mm0nty C3mer concentration - 
junction in which Af s> N Let’s 1*1 T carner concentratlon profiles on both sides ofa pn 

Note that the shaded re pi nr h„h tu ^ * 6 on ^ er diffusion of holes into the n region. 

Front our stud^Z T? <"*■> 

hon profile such as that in Fig. 3,p ' hat tbe estabhshmem of a carrier concentra- 

we can now find the value of the l ° su PP° rt a ste ady-state diffusion current. In fact 

We-diffusron current density by applying Eq. (3.19), 

J p(x) = -qD d -E^Xl 

p dx 


Substituting for p j x ) from Eq. (3.35, gives 


J n(x) = 


r ^A v/p 

\L p ) Pn ^ e *“l)e 


r . -(x-xj/L 


(3.36) 
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Figure 3.12 Minority-carrier distribution in a forward-biased pn junction. It is assumed that the p region 
is more heavily doped than the n region; N a > N d . 


As expected, J p (x) is highest at x = 



(3.37) 


and decays exponentially for x > x n , as the minority holes recombine with the majority elec¬ 
trons. This recombination, however, means that the majority electrons will have to be replen¬ 
ished by a current that injects electrons from the external circuit into the n region of the 
junction. This latter current component has the same direction as the hole current (because 
electrons moving irom right to left give rise to current in the direction from left to right). It 
follows that as JAx) decreases, the electron current component increases by exactly the same 
amount, making the total current in the n material constant at the value given by Eq. (3,37). 

An exactly parallel development can be applied to the electrons that are injected from the n 
to the p region, resulting in an electron diffusion current given by a simple adaptation of Eq. 

(3.37), 



(3.38) 


Now, although the currents in Eqs. (3.37) and (3.38) are found at the two edges oi the deple¬ 
tion, their values do not change in the depletion region. Thus we can drop the location 
descriptors (x, f ), (-x^), add the two current densities, and multiply by the junction area A to 
obtain the total current / as 
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*e that for a negative F(reverse bias) with a magnitude of a few 
e^~ rer;tia: term becomes essentially zero, and the current across 
ggg V g gnd constant. From our qualitative description in Section 

urrent must be I s . Thus, §3 


V/V T i x 

I=hJe -1) 
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L n N 


A 


(3.41) 


Figure (3.13; shows the I-V characteristic of the pn junction (Eq. 3.40). Observe that in 
the reverse direction the current saturates at a value equal to -I s . For this reason, I s is given 
the name saturation current From Eq. (3 41) we see that I s is directly proportional to the 
cross-sectional area A of the junction. Thus, another name for / 5 , one we prefer to use in this 
book, is the junction scale current. Typical values for I s , for junctions of various areas, range 
from 10 i to 10' A. 

Besides being proportional to the junction area A, the expression for I s in Eq. (3.41) 
indicates that / 5 is proportional to n t which is a very strong function of temperature (see 
Eq. 3.2). 



F ' 9Ur * 3T e pn junction I-V characteristic. 
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For the pn junction considered in Example 3.5 for which N A = 10 18 /cm\ N D = 10 16 /cm 3 , 
d - 10 cm , = 1,5 x 10 /cm , let L p = 5 pm, L n = 10 pm, D p (in the n region) = 10 cmYV-s, 
and D n (in the/? region) — 18 cm /V-s. The pn junction is forward biased and conducting a current 
/ — 0.1 mA. Calculate, (a) I s , (b) the forward-bias voltage V\ and (c) the component of the current / 
due to hole injection and that due to electron injection across the junction. 

Solution 

(a) Using Eq. (3.41), we find I s as 

4 = 10~ 4 x1.6xIO' I9 x(1.5x10 io ) 2 x 
" 10 + 18 > 

15 x 10 -4 x 10 16 10 x 10" 4 x 10 18 ; 

= 7.3 x 10 -15 A 


(b) In the forward direction. 


Thus, 


v/v T 

I = hie r -l) 

v/ v r 
= he T 


V= V T In[ j 


For /= 0.1 mA, 


/ 


F = 25.9 x 10' 3 In 


= 0.605 V 


0.1 x 10 


-3\ 


V7.3x 10 


-15 




(c) The hole-injection component of / can be found using Eq. (3.37) 


v/v T 

l P - Aq— p n0 (e - 1 ) 
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D n~ v/v T 

= M-r rr(e - 1 ) 


K N D 


Similarly I n can be found using Eq. »3.39), 


Thus, 
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Example 3.6 continued 


Thus most of the current is 
Specifically, 


is conducted by holes injected into the n region. 


I = Ill x0.1= 0.0991 mA 
p 112 


i _ _L X 0.1= 0.0009 mA 
n 112 


This stands to reason, since 


the p material has a doping concentration 100 times that of the n material 







3.10 Show that if N t > N D , 


D 


h r L 


p^D 


3.11 For the junction in Example 3.6, find the value of I s and that of the current / at l '= 0.605 V (same 
voltage found in Example 3.6 at a current /= 0.1 mA) if N D is reduced by a factor of 2. 

Ans, 1.46 x 10 -14 A; 0.2 mA 

3.12 For the pn junction considered in Examples 3.5 and 3.6, find the width of the depletion region IF cor¬ 
responding to the forward-bias voltage found in Example 3.6. (Hint: Use the formula in Eq. (3,31) 
with V R replaced with - V F .) 

Ans. 0.166 pm 

For the /w junction considered in Examples 3.5 and 3.6, find the width of the depletion region IT and 

the charge stored in the depletion region Q t when a 2-V reverse bias is applied. Also find the value 
of the reverse current I. 

-is 


Ans. 0.608 pm; 9.63 pC; 7,3 x 10 A 


3.5.3 Reverse Breakdown 

The description ot the operation of the pn junction in the reverse direction, and the I-V 
re ationship of the junction in Eq. (3.40), indicate that at a reverse-bias voltage -K with 
, V’ Ee reverse current that flows across the junction is approximately equal to I s and 
s is very small. However, as the magnitude ot the reverse-bias voltage V is increased, a 
nc iT IS r ? aC e u at ^hich a very large reverse current flows as shown in Fig. 3.14. Observe that 

small ^ e$ 1 6 ' u Ue t * le ^ rarnat ‘ c ’ ncrease in reverse current is accompanied by a very 
verv close * e rev ^ se voltage, that is, the reverse voltage across the junction remains 
breakdown It i T/ ^ phenomenon that occurs at V = V z is known as junction 

operated in the bre&dovfnT^ 1 ™* *! henomenon ' That is > the pn junction can be repeatedly 

ever, is predicated n tu ^ ,0n Wltlout a P erman ent effect on its characteristics. This, how- 

on e assumption that the magnitude of the reverse-breakdown current is 


3.5 The pn Junction with an Applied Voltage 153 



Figure 3.14 The I-V characteristic ot the pn junction showing the rapid increase in reverse current in the 
breakdown region. 


limited by the external circuit to a "safe" value. The "safe” value is one that results in the limi¬ 
tation of the power dissipated in the junction to a safe, allowable level. 

There are two possible mechanisms or pn junction breakdown: the zener effect' and the 
avalanche effect. If a /w junction breaks down with a breakdown voltage V z < 5 V, the break¬ 
down mechanism is usually the zener effect. Avalanche breakdown occurs when V z is greater 
than approximately 7 V. For junctions that break down between 5 V and 7 V, the breakdown 
mechanism can be either the zener or the avalanche effect or a combination of the two. 

Zener breakdown occurs when the electric field in the depletion layer increases to the 
point of breaking covalent bonds and generating electron-hole pairs. The electrons generated 
in this way will be swept by the electric field into the n side and the holes into the p side. Thus 
these electrons and holes constitute a reverse current across the junction. Once the zener 
effect starts, a large number of carriers can be generated, with a negligible increase in the 
junction voltage. Thus the reverse current in the breakdown region will be large and its value 
must be determined by the external circuit, while the reverse voltage appearing between the 
diode terminals will remain close to the specified breakdown voltage V z . 

The other breakdown mechanism, avalanche breakdown, which occurs when the 
minority carriers that cross the depletion region under the influence of the electric field gain 
sufficient kinetic energy to be able to break covalent bonds in atoms with which they collide. 
The carriers liberated by this process may have sufficiently high energy to be able to cause 
other carriers to be liberated in another ionizing collision. This process keeps repeating in the 
fashion of an avalanche, with the result that many carriers are created that are able to support 
any value of reverse current, as determined by the external circuit, with a negligible change in 
the voltage drop across the junction. 


Named after an early worker in the area. Note that the subscript Z in V 7 denotes zener. We will use V z 

to denote the breakdown voltage whether the breakdown mechanism is the zener effect or the avalanche 
effect. 
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• r-, a cnme pn junction diodes are fabricated to operate specifi- 

As W1 "u be r »inn where use is made of the nearly constant voltage V z . 
cally in the breakdown region, where use 


3.6 Capacitive Effects in the pn Junction 

There are two charge storage mechanisms in the pn junction. One is associated with the charg 
stored in the depletion region, and the other assorted w„h the m,nor,ty earner charg, 
stored in the n and p materials as a result of the concentrate profiles established by car- 
rier injection. While the first is easier to see when the pn junction is reverse biased, the sec¬ 
ond is in effect only when the junction is forward biased. 


:e 

e 


3.6.1 Depletion or Junction Capacitance 

When a pn junction is reverse biased with a voltage l the 
the depletion region is given by Eq. 13.32), 


charge stored on either side of 


I AUVn 

n — A 2e tf —~——(Fa + Vn) 

yj >\ sH n a + n d k 0 R 


Thus, for a given pn junction, 


where a is given by 


Qj = <*Jv .o + v K 


« = A 2e,a 


"A 


D 


si x a + n d 


(3.42) 


(3.43) 


Figure 3.15 The charge stored 
voltage V R . 



either side ot the depletion layer as a function of the reverse 
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Thus Qj is nonlinearly related to V R , as shown in Fig. (3.15). This nonlinear relationship 
makes it difficult to define a capacitance that accounts for the need to change Q d whenever 
I R is changed. Wc can, however, assume that the junction is operating at a point such as Q 

as indicated in Fig. 3.15, and define a capacitance C) tha> relates the change in the charge 
Qj to a change in the voltage V R , 



(3.44) 


I his incremental-capacitance approach turns out to be quite useful in electronic circuit 
design, as we shall see throughout this book. 

Using Eq. (3.44) together with Eq. (3.42) yields 



(3.45) 


The value of C f at zero reverse-bias can be obtained from Eq. (3.45) as 



which enables us to express C / as 



(3.46) 

(3.47) 


where C /0 is given by Eq. (3.46) or alternatively if we substitute for a from Eq. (3.43) by 



= A 



n a n d v n 


2 J\N A +N 


D 


yy 0 J 


(3.48) 


Before leaving the subject ol depletion-region or junction capacitance we point out that in 
the pn junction we have been studying, the doping concentration is made to change abruptly 
at the junction boundary. Such a junction is known as an abrupt junction. I here is another 
type oi pn junction in which the carrier concentration is made to change gradually from one 
side of the junction to the other. To allow for such a graded junction, the formula for the 
junction capacitance (Eq. 3.47) can be written in the more general form 



(3.49) 


where m is a constant called the grading coefficient, whose value ranges from 1/3 to 1/2 
depending on the manner in which the concentration changes from the p to the n side. 


o 


o 











3.12 For the pn junction considered in Examples 3.5 and 3.6, find C /0 and Cj at V R 
V (i = 0.814 V, N a = lO ,8 /cm\ N D - 10 ,6 /cm 3 and4 = 10‘ 4 cm 2 . 

Ans. 3.2 pF; 1.7 pF 


= 2 V. Recall that 
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3.6.2 Diffusion Capacitance 

Consider a forward-biased pn junction. In steady-state, minority carrier distributes in 
the p and n materials are established, as shown in Fig. 3.12 Thus a certain amount of excess 
minority carrier charge is stored in each of the p and n bulk regions (outside the depletion 
region).' [f the terminal voltage V changes, this charge will have to change before a new- 
steady state is achieved. This charge-storage phenomenon gives rise to another capacitive 
effect, distinctly different from that due to charge storage in the depletion region. 

To calculate the excess minority earner charge, refet to Fig. 3.12. The excess hole charge 
stored in the n region can be found from the shaded area under the exponential as follows: 8 

Q - Aq xshaded area under the p n (x) curve 
— Aq[p n (x n ) — p n o\Lp 


o 

o 


o 

o 

o 


substituting for p„{x„ from Eq. (3,33) and using Eq. (3.37) enables us to express Q p as 


Q n = 


l: 

— / 
d p p 


(3.50) 


The factor (l /D ) that relates Q to I p is a useful device parameter that has the dimension 
of time (s) and is denoted T_ 


Xp D 


(3.51) 


Thus, 


Qn = U 


PP 


(3.52) 

The time constant z p is known as the excess minority carrier (hole) lifetime. It is the 
average time it takes for a hole injected into the n region to recombine with a majority elec¬ 
tron. This definition of x p implies that the entire charge Q p disappears and has to be replen¬ 
ished every x p seconds. The current that accomplishes the replenishing is / - Q /x This is 

an alternate derivation for Eq. (3,52). P p p ’ 

A relationship similar to that in Eq. (3.52) can be developed for the electron charge stored in 
the p region, b 


Qn TjAj 


(3.53 


^obtained b^addingTogitheT^ ^ '° ,a ' m ' n0rity Carrier charge C3 


Q = V,+V„ 

This charge can be expressed in terms of the diode 


(3.54) 


current / = / + / as 

p * ft u J 


£? = It/ 


(3.55) 


*^ur4ermore^fm mTO^pradicaMeiy 6 ^'* Unct ' on ' Piously, t r is related to t, a 
doped than the other For in« V 'f eS ’ 0IU slllc M, e junction is much more heav 

Qp> Q .. Q - Q p . and thus t TT Na>Nd ’ 0ne can show that I,* 1 *' 1 ' 

7* * 


I 


Recall that the area under 


an exponential curve Ae~ x/B 


is equal to AB. 
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For small changes around a bias point, we can define an incremental diffusion 

capacitance C d as 



(3.56) 


and can show that 



( TtX 


\V T J 


/ 


(3.57) 


where l is the forward-bias current. Note i hat C d is directly proportional to the forward cur¬ 
rent / and thus is negligibly small when the diode is reverse biased. Also note that to keep 
Cj small, the transit time x T must be made small, an important requirement for a pn junc¬ 
tion intended for high-speed or high-frequency operation. 




3.15 Use the definition of C d in Eq. (3.56) to derive the expression in Eq. (3.57) by means of Eqs. (3.55) 
and (3.40). 

3.16 For the pn junction considered in Examples 3.5 and 3.6 for which D = 10 cmVVs, and L =5 
pm, find x p and C d at a torward-bias current o! ). 1 mA. Recall that for this junction, I — I . 

Ans. 25 ns; 96.5 pF 
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Summary 

0 Today's microelectronics technology is almost entirely 
based on the semiconductor material silicon. If a circuit is 
to be fabricated as a monolithic integrated circuit (It ) it is 
made using a single silicon crystal, no matter how large 
the circuit is [a recent chip (2009) contains 2,3 billion 
transistors]. 

■ In a crystal of intrinsic or pure silicon, the atoms are held 
in position by covalent bonds. At very low temperatures, 
all the bonds are intact, and no charge carriers are avail¬ 
able to conduct electrical current. Thus, at such low tem¬ 
peratures, silicon behaves as an insulator. 

a At room temperature, thermal energy causes some of the 
covalent bonds to break, thus generating free electrons 
and holes that become available for current conduction. 

■ Current in semiconductors is carried by free electrons and 
holes. Their numbers are equal and relatively small in 
intrinsic silicon. 


■ The conductivity' of silicon can be increased dramatically 
by introducing small amounts of appropriate impurity' 
materials into the silicon crystal in a process called doping. 

m There are two kinds of doped semiconductor: A-type, in 

which electrons are abundant, and p- type, in which holes 
are abundant. 


There are two mechanisms for the transport of charge car¬ 
riers in semiconductor: drift and diffusion. 

Carrier drift results when an electric field £ is applied 
across a piece nf silicon. The electric field accelerate the 
holes in the direction of £ and the electrons in the direc¬ 
tion opposite to £. These two current components add 
together to produce a drift current in the direction of £. 

Carrier diffusion occurs when the concentration of charge 

earners is made higher in one part of the silicon crystal 

an m other parts. To establish a steady-state diffusion 

current, a earner concentration gradient must be main- 
tamed in the silicon crystal. 

^L“ Ct0r SmiCtUre iS ' he pn " is 

close proximity to an n region. The injunction is £ diode 

bansil^ " am r ° le " ^ “ - d °P«*ion of 

of,he are left open no 

current flows externally. However, two equal a£d 


opposite currents. and /$. flow across the junction 
and equilibrium is maintained by a built-in voltage V 
that develops across the junction, with the n side positive 
relative to the p side. Note, however, that the voltage 
across an open junction is 0 V, since V 0 is cancelled by 

potentials appearing at the metal-to-semiconductor con¬ 
nection interfaces. 

■ The voltage V 0 appears across the depletion region, which 
extends on both sides of the junction. 

■ The diffusion current 1 D is carried by holes diffusing 
from p to n and electrons diffusing from n to p, I D flows 
from p to n , which is the forward direction of the junction 
Its value depends on V 0 . 

The drift current I s is carried by thermally generated 
minority electrons in the p material that are swept 
across the depletion layer into the n side, and by ther¬ 
mally generated minority holes in the n side that are 
swept across the depletion region into the p side. ! s 
flows from n to p, in the reverse direction of the junc¬ 
tion, and its value is a strong function of temperature 
but independent of V (i . 

Forward biasing the/w junction, that is, applying an exter¬ 
nal voltage V that makes p more positive than «, reduces 
the barrier voltage to Vq — V and results in an exponential 
increase in I^ while 1$ remains unchanged. The net result 
is a substantial current / = I D — f s that flows across the 
junction and through the external circuit. 

Applying a negative J reverse-biases the \unction and 
increases the barrier voltage, with the result that I t) is 
reduced to almost zero and the net current across the junc¬ 
tion becomes the very small reverse current /.. 

4 J 

If the reverse voltage is increased in magnitude to a value 
I z specific to the particular junction, the junction breaks 
down, and a large reverse current flows. The value of the 
reverse current must be limited by the external circuit. 

Whenever the voltage across a pn junction is changed, 
some time has to pass before steady state is reached. This 
is due to the charge-storage effects in the junction, which 
we modeled by two capacitances: the junction capacitance 
C ; and the diffusion capacitance Q. 

For future reference, we present in Table 3.1 a summary' 

pertinent relationships and the values of physical 
constants. 
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Width ot depletion 
region (cm) 


Charge stored in depletion 
layer (coulomb) 


Forward current (A) 


Saturation current (A) 


l-l Relationship 


Table 3.1 Summary of Important Equations 

" — - 

Quantity 

Relationship 

Values of Constants and Parameters 
(for Intrinsic Si at T= 300 K) 

Carrier concentration in 
intrinsic silicon (cm *) 

n, = B? n e~ Eg,UT 

-—__ / 

B = 7.3 x 10 i5 cm' 3 K" 3/2 

E g - 1.12 eV 
k = 8.62 x I0' ? eV/K 
h, = 1.5 x 10 ,f, /cm 3 

Diffusion current 
density (A/cnr) 

j ■ ■ -<°i 
j - - «<■ 

“ ■--- 

q = 1.60 x In 14 coulomb 

D p = 12 cm Vs 

D n = 34 cm 2 /s 

Drift current density 
(A/cnr) 

J dr# ~ q{PM p + nM„)E 

p p = 480 cm‘ / V-s 

//„ = 1350 cm' /V s 

Resistivity (£} cm) 

P = l/[q(PP p + nM„)] 

P p and p n decrease with the increase 

in doping concentration ; 

Relationship between 
mobility and diffusivity 

n 

cfl se¬ 

ll 

oU* 

V T - kT/q = 25.8 mV 

Carrier concentration in 
n-type silicon (cm 0 ) 

”n0 “ N D 

PnO - n]/N D 


Carrier concentration in 
p-type silicon (cm 3 ) 

Ppo — N a 
n p0 = **)/ N a 


Junction built-in 
voltage (V) 

II 

Ef 

T5: 

j & 

-- 




n 


n 


N 


A 


X 


P 

W 


N 


D 


X + X 


£ s = 11 . 7 ^ 


12 f, ( i ] 


: o 


8.854 x 10 14 F/cm 


W, N 


+ tH ( Va + V R ) 


„ N A N D 

Qj = q ^fr D AW 


/ = 

4 + 4 



2 Dp 

h = 

Aq 

£ r 

n ‘L p N 



3 D n 

4 = 

Aq 

} 1 


V /1 


{e - 1 ) 


D 


(e 


v/v. 


1 ) 


4 = Aqn) 


D, 


D.. \ 




kpN D 


+ 


it 


L„N a 


J 


I = Ue v/Vr -\) 
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Table 3.1 continued 


Quantity 

Minority-carrier 
lifetime (s) 


Minority-earner 
charge storage 
(coulomb) 

Depletion capacitance (F) 


Diffusion 

capacitance (F) 


Relationship 


T p = Lp/Dp 


T„ = l\/D n 


Qp - r pb @ n ~ T ^ n 

Q = Q P + Qn = ¥ 


r - j if*’*)! NaNd - )~ 

L i« .11 2 An a +yj (/ o 

If Vs m 

Cj = cJl + J 


c, = 


h 

\V; 


I 


Values of * onstants and Parameters 
(for Intrinsic Si at T— 300 K) 

L ,L n = 1 pm to 100 pm 
T 0 , T n = 1 ns to 10 J ns 


1 , 1 
m m 3 t° 2 



Problems are marked with asterisks to describe their degree 
of difficulty. Difficult problems are marked with an asterisk 
(*); more difficult problems with two asterisks (**); and 
very challenging and/or time-consuming problems with 
three asterisks (***). Also, if in the following problems the 
need arises for the values of particular parameters or 

physical constants that are not stated, please consult 
Table 3.1. 

Section 3.1: Intrinsic Semiconductors 

3.1 1 ind values of the intrinsic carrier concentration n. 

for silicon at -70°C, 0°C, 20°C, 100°C, and 125°C. At 

each temperature, what iraction of the atoms is ionized? 

Recall that a silicon crystal has approximately 5x 10 3 
atoms/cm 3 . 

3.2 Calculate the value of n, for gallium arsenide 
(GaAs) at T - 300 K, The constant B = 3.56 x 10 14 
( cm K ) and the bandgap voltage E = 1,42 eV 


Section 3.2: Doped Semiconductors 

3.3 For a /Hype silicon in which the dopant concentration 
N 4 = lO'Vcnr, find the hole and electron concentrations 
at T= 300 K. 

3.4 For a silicon crystal doped with phosphorus, what 
must be if at T - 300 K the hole concentration drops 
below' the intrinsic level by a factor of 10 7 ? 

3.5 In a phosphorus-doped silicon layer with impurity 
concentration of 10 /cm 3 , find the hole and electron con¬ 
centrations at 27°C and I25°C. 

Section 3.3: Current Flow in Semiconductors 

^■6 A young designer, aiming to develop intuition con¬ 
cerning conducting paths within an integrated circuit, exam¬ 
ines the end-to-end resistance of a connecting bar 10 gm 
* on g» 3 |im wide, and 1 |im thick, made of various materials. 

I he designer considers: 
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(c) K-doped silicon with N D = 10 /cm 3 

(d) />-doped silicon with N A = 10 /cm 

(e) aluminum with resistivity of 2.8 juQ -cm 

Find the resistance in each case. For intrinsic silicon, use the 
data in Table 3.1. For doped silicon, assume 
fj n = 2.5 fJ p = 1200 cm 2 /V-s. (Recall that R~ pL/A ) 

3.7 Contrast the electron and hole drift velocities through 
a 10-Jim layer of intrinsic silicon across which a voltage of 

5 V is imposed. Let p n - 1350 cm : /Vs and 
p = 480 cm/V s. 

3.8 Find the current that flows in a silicon bar of 10-pm 
length having a 5-pmx4-|im cross section and having 
free electron and hole densities of 10/'em 3 and 10 L Vcm 3 
respectively, when a 1 V is applied end-to-end. Use 

M n = 1200 cm 2 /V sand p p = 500 cm 2 /V*s. 

3.9 In a 10-Jlm long bar of donor-doped silicon, what 
donor concentration is needed to realize a current density of 
1 mA/|im" in response to an applied voltage of I V. (Note: 
Although the carrier mobilities change with doping concen¬ 
tration, as a first approximation you may assume p to he 

constant and use the value for intrinsic silicon, 
1350 cm"/V-s). 

3.10 Holes are being steadily injected into a region of n- 
type silicon (connected to other devices, the details of which 
are not important tor this question). In the steady state, the 
excess-hole concentration profile shown in Fig. P3.10 is 
established in the «-type silicon region. Here “excess” 
means over and above the thermal-equilibrium concentra¬ 
tion (m the absence of hole injection), denoted p nG . If 
N d = 10 l6 /cm 3 , «. = 1.5 x I0 I0 /cm 3 , D n = 12 enr/s, 

and If - 0.1 pm, find the density of the current that will flow 
in the.v direction. 



3.11 Both the carrier mobility and diffusivity decrease as 
the doping concentration ot silicon is increased. The table 
below provides a few data points for p n and p p versus dop¬ 
ing concentration. Use the Einstein relationship to obtain the 
corresponding values for D and D 

n p * 

Section 3.4: The pn Junction with Open-Circuit 
Terminals (Equilibrium) 

3.12 Calculate the built-in voltage of a junction in which 
the p and n regions are doped equally with 10 16 atoms/cm 3 . 
Assume n t = 1.5 X 10 IO /cm 3 . With the terminals left open, 
what is the width of the depletion region, and how far does it 
extend into the p and n regions? If the cross-sectional area of 
the junction is 100 Jim 2 , find the magnitude of the charge 
stored on either side of the junction. 

3.13 If, for a particular junction, the acceptor concentra¬ 
tion is 10 1 /'em 3 and the donor concentration is 10 l5 /cnv, 
find the junction built-in voltage. Assume n s = 
1,5 x 10 /cm . Also, find the width ot the depletion 
region ( U ) and its extent in each ot the p and n regions 
when the junction terminals are left open. Calculate the 
magnitude of the charge stored on either side of the junc¬ 
tion. Assume that the junction area is 400 jam 2 . 


Doping Concentration 




(carriers/cm 3 ) 

w 

/i„ (cm 2 /V*s) p p (cm 2 /V*s) 

D n (cm 2 /s) 

D p (cm 2 /s) 


Intrinsic 

1350 

480 

io i6 

1100 

400 

io 17 

700 

260 

m IN 

360 

150 


Table P3.il 


HAPTER 3 PROBLEMS 



























































































CHAPTER 3 PROBLEMS 


162 Chapter 3 Semiconductors 


3.14 Estimate the total charge stored m a 0.1-pm ep 
layer on one side of a 10-pm x 10-jun junction The dop¬ 
ing concentration on that side of the junction is 10 cm 

3.15 In a pn junction for which N A > N D » and the . dep J e J 
tion layer exists mostly on the shallowly doped side wit 

0.3 urn, find V 0 if N D = 10 /cm . Also calculate Qj • 

3.16 By how much does F 0 change it N A or Nd IS 
increased by a factor ot 10? 

Section 3.5: The pn Junction with an Applied 
Voltage 

3.17 If a 5-V reverse-bias voltage is applied across the 
junction specified in Problem 3.13, find ft and Qj. 

3.18 Show that for a pn junction reverse-biased with a 
voltage V R , the depletion-layer width W and the charge 
stored on either side of the junction, Qj. can be expressed as 




Qj~ Qjo 1 + 



where fV 0 and Q J0 are the values in equilibrium. 


will be approximately the same factor by which l s changes 
for a 5 °C rise in temperature. What is the factor? 

3 22 A p + n junction is one in which the doping concentra¬ 
tion in the p region is much greater than that in the n region. 
In such a junction, the torward current is mostly due to hole 
injection across the junction. Show that 





D, 


l d n d 




For the specific case in which N D —10 /cm 3 , 
O = 10 cm'/s, L p = 10 pm, and A = 10 pnf, find 
//and the voltage V obtained when / = 0.5 mA. Assume 
operation at 300 h. where w,- — 1.5 x 10 / cm , 

3.23 A pw junction for which the breakdown voltage is 12 V 
has a rated (i.e., maximum allowable) power dissipation of 
0.25 W. What continuous current in the breakdown region 
will raise the dissipation to half the rated value? If break¬ 
down occurs for only 10 ms in every 20 ms, what average 
breakdown current is allowed? 


Section 3.6: Capacitive Effects in the pn 
Junction 

3.24 For the /?« junction specified in Problem 3.13, find 
Cy 0 and Cj at V R = 5 V. 1 


3.19 In a forward-biased pn junction show that the ratio of 
the current component due to hole injection across the junc¬ 
tion to the component due to electron injection is given by 

fp _ D p L„ N a 
h = D n L p N d 

Evaluate this ratio for the case N f = 10 /cm , 
Nd ~ 10 16 /cm 3 , L p = 5 pm, Z. M =10pm, D,= 
10 cm 2 /s, and D n = 20 cm 2 /s, and hence find I and 
I„ for the case in which the pn junction is conducting a for¬ 
ward current I = 1 mA. 

3.20 Calculate f s and the current / for V = 700 mV for a pn 
junction for which N, = 10 l7 /cm\ N n = 10 ,6 /cm 3 A = 
200pm’, i,, = 1.5 x 10 1O /cm 3 , L p = 5 pm, L n = IOgm 
D p = 10 cm 2 /s, and D„ = 18cmVs. 

3.21 Assuming that the temperature dependence of L 
arises mostly because I s is proportional to n use the 
expression for n , in Eq. (3.2) to determine the factor by 
which w, changes as T changes from 300 K to 305 K This 


3.25 For a particular junction for which c, 0 = 0.6 pF. 
Vq - 0.75 V, and m = 1/3, find C at reverse-bias voltages 
of 1 V and 10 V. 

3.26 I he junction capacitance C. can be thought of as that 
of a parallel-plate capacitor and thus given by 

^ eA 


Show that this approach leads to a formula identical to that 
obtained by combining Eqs. (3.43) and (3.45) [or equiva¬ 
lently, by combining Eqs. (3.47) and (3.48)]. 

3.27 A pn junction operating in the forward-bias region 

with a current / of I mA is found to have a diffusion capaci¬ 
tance of If) pF. What diffusion capacitance do you expect 
this junction to have at / = 0.1 mA? What is the mean transit 
time for this junction? "B 

3.28 For the p*n junction specified in Problem 3.22, find 
X p and calculate the excess minority carrier charge and the 
value of the diffusion capacitance at / = 0.2 mA. 
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3.29 A short-base diode is one where the widths of the p 
and n regions are much smaller than L n and L respec¬ 
tively. As a result, the excess minority carrier distribution in 
each region is a straight line rather than the exponentials 
shown in Fig. 3.12. 


(a) For the short-base diode, sketch a figure corresponding 
to Fig. 3.12 and assume as in Fig. 3.12 that N A > N D . 

(b) Following a derivation similar to that given in Section 
3.5.2, show that if the widths of the p and n regions are 
denoted W and W n then 


/ = Aqn t 


D 


D 


+ 


n 


( W n-X„)N D (W -X p )N A ] 


V/V T 

(e T -l) 



i (W -x ) 

Q P = n) i 


2 D ~p 

p 


1 W~ 

1 n 


l p , for W„ > x„ 


2 0 , p 

(c) Also, assuming Q = Q p ,I = I p , show that 


C. = 


V 


where 


T 


\K 


It - “ 

T 2D 


(d) It a designer wishes to limit C d to 8 pF at / = 
iat should W n be? Assume D p = 10 cm 2 /s. 


I mA. 
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IN THIS CHAPTER YOU WILL LEARN 


1. The characteristics of the ideal diode and how to analyze and desiqn cir¬ 
cuits containing multiple ideal diodes together with resistors and dc 
sources to realize useful and interesting nonlinear functions. 

2. The details of the i~v characteristic of the junction diode (which was de¬ 
rived in Chapter 3) and how to use it to analyze diode circuits operating 
in the various bias regions: forward, reverse, and breakdown. 

3. A simple but effective model of the diode /— v characteristic in the for¬ 
ward direction; the constant-voltage-drop model. 


4. A powerful technique for the application and modeling of the diode (and 
in later chapters, transistors): dc-biasing the diode and modeling its op¬ 
eration for small signals around the dc operating point by means of the 
small-signal model. 


5. The use of a string of forward-biased diodes and of diodes operating in 

he breakdown region (zener diodes), to provide constant dc voltages 
(voltage regulators). 

6. Application of the diode in the design of rectifier circuits, which convert 
ac voltages to dc as needed for powering electronic equipment. 

7. A number of other practical and important applications of diodes. 


Introduction 

In Chapters 1 and 2 we dealt almost entirely with linear circuits; any nonlinearity, such as 

that introduced by amplifier output saturation, was treated as a problem to be solved by the 

circuit designer. However, there are many other signal-processing functions that can be 

implemented only by nonlinear circuits. Examples include the generation of dc voltages 

trom the ac power supply, and the generation of signals of various waveforms (e.g,, 

sinusoids, square waves, pulses). Also, digital logic and memory circuits constitute a special 
class of nonlinear circuits. 

The simplest and most fundamental nonlinear circuit element is the diode. Just like a 

* 

resistor, the diode has two terminals; but unlike the resistor, which has a linear (straight-line) 
relationship between the current flowing through it and the voltage appearing across it, the 
■ode has a nonlinear i—v characteristic. 
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. , h fh , , tudv of diodes. In order to understand the essence of 
This chapter is concerned » ' element, the ideal diode. We then introduce the 

the diode function, we begin wit characteristics, and provide techniques for the 

silicon junction diode, ex P lain ' s . jnv0 | ves the important subject of device modeling. 

analysis of diode circuits, e ... ^ | ay t h e foundation for our study of mod- 

Our study of modeling the diode charactenstics w . 

eling transistor operation m the "^ tt ' voc m (he deslgI1 of rectifiers (which convert ac 

Ofthe many applicationso study JL circuits in some detail and 

to dc) is the most common. applications. Further nonlinear circuits that utilize 

brietly look at a num J e found thr0 ughout the book, but particularly in Chapter 17. 

J r unci diode is nothing more than the pn junction we studied in Chapter 3 and 
most ofthis chapter is concerned with the study of silicon ^-junction diodes. In the las sec- 
hon. however, we briefly consider some specialized diode types, mcludmg the photodiode 

onri thp lioht-emittine diode. 


4.1 The Ideal Diode 


4.1.1 Current-Voltage Characteristic 


The ideal diode may be considered to be the most fundamental nonlinear circuit element. It 
is a two-terminal device having the circuit symbol of Fig. 4.1(a) and the i-v characteristic 
shown in Fig. 4.1(b). The terminal characteristic of the ideal diode can be interpreted as foil* 
lows: If a negative voltage (relative to the reference direction indicated in Fig. 4.1a) is 
applied to the diode, no current flows and the diode behaves as an open circuit (Fig. 4.1c). 
Diodes operated in this mode are said to be reverse biased, or operated in the reverse direc¬ 
tion. An ideal diode has zero current when operated in the reverse direction and is said to be 


cut off, or simply off. 

On the other hand, if a positive current (relative to the reference direction indicated in I ig. 
4.1a) is applied to the ideal diode, zero voltage drop appears across the diode. In other words, 
the ideal diode behaves as a short circuit in thefonvard direction (l ig. 4.Id); it passes any cur¬ 
rent with zero voltage drop. A forward-biased diode is said to be turned on, or simply on. 

From the above description it should be noted that the external circuit must be designed to 
limit the forward current through a conducting diode, and the reverse voltage across a cutoff 
diode, to pro determined values. Figure 4.2 shows two diode circuits that illustrate this point. In 
the circuit of Fig. 4,^(a) the diode is obviously conducting. I hus its voltage drop will be zero, and 
the current through it will be determined by the +10-V supply and the l-k£2 resistor as 10 mA. 
The diode in the circuit of Fig. 4.2(b) is obviously cut off, and thus its current will be zero, which 
in turn means that the entire 10-V supply will appear as reverse bias across the diode. 

The positive terminal of the diode is called the anode and the negative terminal the 

cathode, a carryover from the days of vacuum-tube diodes. The i-v characteristic of the 

ideal diode (conducting in one direction and not in the other) should explain the choice of its 
arrow like circuit symbol. 


a • * S r M ^'^ent ^ rom the preceding description, the i-v characteristic of the ideal 
, ^ J nonlinear, although it consists of two straight-line segments, they are at 90° to 

linear if ^ non ^ near curve that consists of straight-line segments is said to be piecewise 

in ciirh * eUC : T g 3 P‘ ecew * se ’l' near characteristic is used in a particular application 

way at tie signal across its terminals swings along only one of the linear 
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Anode 

V 1 




+ 


v 


(a) 


Cathode 


-Reverse bias —>- 

— Forward bias- 


0 ’ 


v 


(b) 


I 

0-o o-o 

+ v - 



(J => l — () 


j > o => v = 0 



Figure 4.1 The ideal diode: (a) diode circuit symbol; (b) i-v characteristic; (c) equivalent circuit in the 
reverse direction; (d) equivalent circuit in the forward direction. 
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i kn 


0 mA 



2 io v 


- Figure 4.2 The two modes of operation of ideal diodes 

and the use of an external circuit to limit (a) the forward 
(b) current and (b) the reverse voltage. 


segments, then the device can be considered a linear circuit element as far as that particular 

*■ f 

circuit application is concerned. On the other hand, if signals swing past one or more ofthe 
break points in the characteristic, linear analysis is no longer possible. 

4.1.2 A Simple Application: The Rectifier 

A fundamental application of the diode, one that makes use of its severely nonlinear i-v curve, is 
the rectifier circuit shown in Fig. 4.3(a). The circuit consists of the series connection of a diode D 
a| id a resistor R. I et the input voltage v, be the sinusoid shown in Fig. 4.3(b), and assume the 
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. if _ vr | P o 0 f the input sinusoid, the positive v f will cause 
diode to be ideal. During the P osl 'J® f orwar d direction. It follows that the diode voltage 

» "» circuit will h.,c the equivalent ,h„„ !. 

V, will be very imall - ,deal ^ Ze wjn be equa l to the input voltage v,. On the other 
Fig. 4.3(c), and the oiipu » diode will not conduct. Thus the circuit 

hand, during the negative half-cycles ot ^ wffl 

be zero. Thus the output voltage 
wil , have the equivalent s own in Fig- 4.3(d). ^ ^ ^ ^ altemates jn £ 

will have the wave o un idirectional and has a finite average value or a dc compo- 

hoc i 7prn averaee value, v n is uniairetuunai ama # r 

nent Thus the circuit of Fig. 4.3(a) rectifies the signal and hence is ca ed a rectifier. It 
1 u. „«h to venerate dc from ac. We will study rectifier circuits ,n Section 4.5. 



ilwhe'if v'l ' VaVe ' 0rm - (C) Equivalem circuit when V, > 0. (d) Equiv 


Figure 4,3 

circuit 


a lent 
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4.1 For the circuit in Fig, 4.3(a), sketch the transfer characteristic v versus v 
Ans, See Fig. E4.I. 



Figure E4.1 

4.2 For the circuit in Fig. 4.3(a), sketch the waveform of v D . 

Ans. v D =v { - v 0 , resulting in the waveform in Fig. E4,2 

V D k 


0 


-Vn 






Figure E4.2 


4.3 In the circuit of Fig. 4.3(a), let v, have a peak value of 10 V and R = 1 k£2. Find the peak value of i D 
and the dc component of v 0 . 

Ans. 10 mA; 3.18 V 




-—- 


— 


— 


— 



- ■ 


figure 4.4(ai shows a circuit for charging a 12-V battery. If v s is a sinusoid with 24-V peak ampli¬ 
tude, find the fraction of each cycle during which the diode conducts. Also, find the peak value of 
the diode current and the maximum reverse-bias voltage that appears across the diode. 
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Figure 4.4 Circuit and waveforms for Example 4.1. 


Solution 

The diode conducts when v s exceeds 12 V, as shown in Fig. 4.4(b). The conduction angle is 29, 
where 9\s given by 

24 cos# - 12 

Thus 9- 60° and the conduction angle is 120°, or one-third of a cycle. 

The peak value of the diode current is given by 

24-12 

L = —— = 0.12 A 
d 100 

The maximum reverse voltage across the diode occurs when v s is at its negative peak and is equal to 
24+12 = 36 V. 



4.1.3 Another Application: Diode Logic Gates I 

Diodes together with resistors can be used to implement digital logic functions. Figure 4.5 * 

shows two diode logic gates. To see how these circuits function, consider a positive-logic 
system in which voltage values close to 0 V correspond to logic 0 {or low) and voltage values 
close to +5 V correspond to logic 1 (or high). The circuit in' Fig. 4.5(a) has three inputs, v A , 

v *' and 111S eas y t0 see that di °des connected to +5-V inputs will conduct, thus clamping 
t e output v r to a value equal to +5 V. This positive voltage at the output will keep the 
diodes whose inputs are low (around 0 V) cut off. Thus the output will be high if one or 

mo,e oft e mputs an high The circuit therefore implements the logic OR function, which 
in Boolean notation is expressed as I 




n ~r u T u 


above, ihectcuuVf^4 SilTmlT 0 * 11 '° T* ' hat US ' ng the Same logic system ment '° ned 

hig. 4.5fb) implements the logic AND function. 


y = A • B • C 
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Figure 4.5 Diode logie gates: (a) OR gate; (b) AND gate (in a positive-logic system). 



Assuming the diodes to be ideal, find the values of I and V in the circuits of Fig. 4.6. 


+ 10 V 

i 


+ 10 V 

A 



T 

- 10 V 



(a) 

Figure 4.6 Circuits for Example 4.2. 



Solution 

In these circuits it might not he obvious at first sight whether none, one. or both diodes are conducting. 
In such a case, we make a plausible assumption , proceed with the analysis, and (hen check whether we 
endup with a consistent solution . For the circuit in Fig. 4.6(a), we shall assume that both diodes are 
conducting. It follows that V B = 0 and V=0. The current through D 2 can now be determined from 
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Example 4.2 continued 



10-0 

10 


1 mA 


Writing a node equation at B, 


/ + I — 


O-(-IO) 


results in /= 1 mA. Thus D t is conducting as originally assumed, and the final result is / = 1 


mA and V — 0 V. 

For the circuit in Fig. 4.6(b), if we assume 
y = o and V- 0. The current in D 2 is obtained from 

B 


that both diodes are conducting, then 



10-0 


• = 2 mA 


The node equation at B is 



0 -(- 10 ) 

10 


which yields 1— — 1 mA. Since this is not possible, our original assumption is not correct. We 
start again, assuming that D x is off and D 2 is on. The current f D2 is given by 



10 -(- 10 ) 
15 


1.33 mA 


and the voltage at node B is 

V B = -10+ 10 x 1.33 = +3.3 V 

Thus D x is reverse biased as assumed, and the final result is / = 0 and V— 3.3 V. 




4.4 Find the values of / and V in the circuits shown in Fig. E4.4, 


+5 V 

i 


2.5 kO 


/ 


t 


4 


2 v 


(a) 


Figure E4.4 


+5 V 
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2.5 kfl 


/ 


\t 




A \ 


(b) 


4 


a 


/ 


■o 


2.5 kfl 


t 

-5 V 

(c) 


+ 


2 \ 


/ 


T 


2.5 kn 


t 

-5 V 

(d) 
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+3 V o-W- 

4-2 V o-fjf-«► 

+ 1 V o—£|- 



i kn 



—o 

+ 


V 



(e) 

Figure E4.4 (Continued) 


+5 V 

i 


+3 V 


+2 V o 


+ 1 Vo 



—o 

+ 

V 




Ans. (a) 2 mA, 0 V; (b) 0 mA, 5 V; (c) 0 mA, 5 V; (d) 2 mA, 0 V; (e) 3 mA, +3 V; (f) 4 mA, +1 V 

4,5 Figure E4.5 shows a circuit for an ac voltmeter. It utilizes a moving-coil meter that gives a full-scale read¬ 
ing when the average current flowing through it is 1 mA. The moving-coil meter has a 50-Q resistance. 



Figure E4.5 


Find the value of R that results in the meter indicating a full-scale reading when the input sine-wave 
voltage Vj is 20 V peak-to-peak. {Hint: The average value of half-sine waves is V in.) 

Ans. 3.133 kQ 


4.2 Terminal Characteristics of Junction Diodes 

The most common implementation of the diode utilizes a pn junction. We have studied the 

physics of the pn junction and derived its i—v characteristic in Chapter 3. That the pn junc- 

* * 

non is used to implement the diode function should come as no surprise: the pn junction can 
conduct substantial current in the forward direction and almost no current in the reverse 
direction. In this section we study the i—v characteristic of the pn junction diode in detail in 
order to prepare ourselves for diode circuit applications. 

figure 4.7 shows the i v characteristic of a silicon junction diode. The same characteris- 
tic is shown in Fig. 4.8 with some scales expanded and others compressed to reveal details. 
Note that the scale changes have resulted in the apparent discontinuity at the origin. 
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Figure 4.8 The diode i~ v 
reveal details. 


relationship u ith some scales expanded and others compressed in order to 


S in icated, the characteristic curve consists of three distinct regions: 

1- The ,onvard -t>ias region, determined by v > 0 

2. The reverse-bias region, determined by v< 0 

3. The breakdown region, determined by v<-V ZK 

These three regions of operation are described in the following sections. 
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4.2.1 The Forward-Bias Region 

The forward-bias or simply forward—region of operation is entered when the terminal 
voltage v is positive. In the forward region the i-v relationship is closely approximated by 

v/v T 

i = I s (e -1) (4,1) O 

In this equation 1 I s is a constant tor a given diode at a given temperature. A formula for J s in 
terms of the diode’s physical parameters and temperature was given in Eq.(3.4l). The cur¬ 
rent I s is usually called the saturation current (for reasons that will become apparent 
shortly). Another name for I s , and one that we will occasionally use, is the scale current. 

This name arises from the fact that I s is directly proportional to the cross-sectional area of 
the diode. Thus doubling of the junction area results in a diode with double the value of/, 
and, as the diode equation indicates, double the value of current i for a given forward voltage 
v. For “small-signal” diodes, which are small-size diodes intended for low-power applica¬ 
tions, I s is on the order ol 10 '"A. The value of / s is, however, a very strong function of tem¬ 
perature. As a rule ol thumb, ! s doubles in value for every 5°C rise in temperature. 

The voltage V T in Eq. (4.1) is a constant called the thermal voltage and is given by 

u kT _ 

Vt = ~ (4.2) O 

q 

where 

k - Boltzmann’s constant = 8.62 x 10 5 eV/K = 1.38 x I0" 23 joules/kelvin 
T = the absolute temperature in kelvins = 273 + temperature in °C 
q - the magnitude of electronic charge = 1.60 x 1(T |V coulomb 

Substituting k = 8.62 x 10“ 5 eV/K into Eq. (4.2) gives 

V T = 0.0862 r,mF (4.2a) 

Thus, at room temperature (20°C) the value of V T is 25.3 mV. In rapid approximate circuit 
analysis we shall use V T — 25 mV at room temperature. 2 

For appreciable current / in the forward direction, specifically for i > I s > Eq. (4.1) can be 
approximated by the exponential relationship 

i - 4 e v/V T (4.3) O 

I his relationship can be expressed alternatively in the logarithmic form 

■m 

v= V T In j (4.4) O 

where In denotes the natural (base e ) logarithm. 


I ■ a ■ a * 1 

Equation (4.1), the diode equation, is sometimes written to include a constant « in the exponential, 

, , vlnki ., 

i = I s {e -1) 

w ith n having a value between 1 and 2, depending on the material and the physical structure of the diode. 
Diodes using the standard integrated-circuit fabrication process exhibit n = 1 when operated under nor¬ 
mal conditions. For simplicity, we shall use n = 1 throughout this book, unless otherwise specified. 

2 A slightly higher ambient temperature (25°C or so) is usually assumed for electronic equipment oper¬ 
ating inside a cabinet. At this temperature, V T ^ 25.8 mV. Nevertheless, for the sake of simplicity and 
t" promote rapid circuit analysis, we shall use the more arithmetically convenient value of ( T — 25 mV 
throughout this hook. 
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o 



8 


xam 


The exponential fectOT^of 1^—^can^^found)!"TWs 

quite" 1 remarkable Jmperty ofjunc.ion diodes,« ^ i.- totajnd in bipolar j unction ,ra, 
—SrSS SSKS-equate the current, 

j: _rt Alr\At> 1/nltaOP V .! 


corresponding to a diode voltage V{. 


/, = 4<? 


V f 'r 


Similarly, if the voltage is V v the diode current /, will be 


/, = Ue 


VJ\\ 


These two equations can be combined to produce 


h (V 2 -V t )/V T 

— = e 

h 


which can be rewritten as 


V 2 -V\ = V T In j 

1 1 


or, in terms o base-10 logarithms. 


V 2 -V x = 2.3 V T log 


l 

l 


(4.5) 


I his equation simply states that for a decade (factor of 10) change in current, the diode volt¬ 
age drop changes by 2.3F r , which is approximately 60 mV. This also suggests that the diode 
i-v relationship is most conveniently plotted on semilog paper. Using the vertical, linear 

axis for v and the horizontal, log axis for one obtains a straight line with a slope of 60 mV 
per decade of current. 

A glance at the i—v characteristic in the forward region (Fig. 4,8 > reveals that the current 
is negligibly small tor v smaller than about 0.5 V. This value is usually referred to as the cut* 
in voltage. It should be emphasized, however, that this apparent threshold in the characteris¬ 
tic is simply a consequence of the exponential relationship. Another consequence of this rela- 
tionship is the rapid increase of i. Thus, for a “fully conducting” diode, the voltage drop lies 
m a narrow range, approximately 0.6 V to 0.8 V. This gives rise to a simple “model” for the 
10 e where it is assumed that a conducting diode has approximately a 0.7-V drop across it. 

■n TV ^'^ eren * current ratings (i.e., different areas and correspondingK different /,-) 
wi ex ibit the 0.7-V drop at different currents. For instance, a small-signal diode may be 

“Vt ',° a tv 3 VV dr ° P at ' : = 1 mA ’ while a higher-power diode may have a 0.7-V 
next section W ‘ StUdy the ,0plcs 0:1 dlode -circuit analysis and diode models in the 







A silicon diode said to he a i m a . 

Evaluate the junction scaling ^stantT'wZ VOlto8e of 0 7 V « a current of 1 mA. 

sai i le manufacture that conducts 1 A at 0 7 V? ^ COnstants woulc * apply for a I - A diode of the 
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Solution 

Since 


then 





For the 1 -mA diode: 


4 = 10” V 700/25 = 6.9 x KT 16 A 

The diode conducting 1 A at 0.7 V corresponds to one-thousand 1-mA diodes in parallel with a total 
junction area 1000 times greater. Thus I s is also 1000 times greater, 

4 = 6.9 x 10 -11 A 


Since both I s and V T are functions ot temperature, the forward i—v characteristic varies with tem¬ 
perature. as illustrated in Fig. 4.9. At a given constant diode current, the voltage drop across the diode 
decreases by approximately 2 mV for every 1°C increase in temperature. The change in diode volt¬ 
age with temperature has been exploited in the design of electronic thermometers. 



Figure 4,9 Temperature dependence of the 
diode forward characteristic. At a constant 
current, the voltage drop decreases by approxi¬ 
mately 2 mV for every 1°C increase in tempera¬ 
ture. 



4,6 Find the change in diode voltage if the current changes from 0.1 mA to 10 mA. 
Ans. 120 mV 


4.7 A silicon junction diode has v— 0.7 V at i = 1 mA. Find the voltage drop at / — 0.1 mA and 
i = 10 mA. 

Ans. 0.64 V; 0.76 V 



Using the fact that a silicon diode has / s = 10 r 14 A at 25' C and that I s increases by 
temperature, find the value of 4 at I25°C. 

Ans. 1.17 x 10-* A 


! 5% per °C rise in 


—-- 
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4.2.2 The Reverse-Bias Region 


The reverse-bias region of operation is 
tion (4.1) predicts that if vis negative 
exponential term becomes negligibly 


entered when the diode voltage v is made negative. Equa- 
and a few times larger than V T (25 mV) in magnitude, the 
small compared to unity, and the diode current becomes 

/ - -4 


That is. the current in the reverse direction is constant and equal to /,. This constancy is the 
reason behind the term saturation current. 

Real diodes exhibit reverse currents that, though quite small, are much larger than f s . For 
instance, a small-signal diode whose l s is on the order of lO’ 11 A to 10 ' 5 A could show a 
reverse current on the order of 1 nA. The reverse current also increases somewhat with the 
increase in magnitude of the reverse voltage. Note that because of the very small magnitude 
of the current, these details are not clearly evident on the diode i—v characteristic of Fig. 4.8. 

A large part of the reverse current is due to leakage effects. These leakage currents are 
proportional to the junction area, just as I s is. Their dependence on temperature, however, is 
different from that of / s . Thus, whereas I s doubles for every 5°C rise in temperature, the corre¬ 
sponding rule of thumb for the temperature dependence o: the reverse current is that it dou¬ 
bles for everv IO C rise in temperature. 



4.9 The diode in the circuit of Fig. I 4.9 is a large high-current device whose reverse leakage is reasonably 
independent of voltage. If V = 1 V at 20°C, find the value of Eat 40°C and at 0°C. 

+9 V 

i 

s 

-o 

+ 

I MQ > V 


Figure E4.9 

Ans. 4 V; 0.25 V 



4.2.3 The Breakdown Region 

identified on thediodf- 1 Operatlon 15 tbe breakdown region, which can be easil; 

magnitude of the reverse vh araCteriStlC m Flg ‘ 4 ' 8 ‘ The breakdown region is entered when tin 

called the breakdown voltage^isTs th 3 "T’ 1 ’ 01 ' 1 Valae that , is speciflc t0 the P articular diode 

" ‘ he subscr 'P> Stands for zener (see Section 3.5.3) and K denotes knee. 
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As can be seen from Fig. 4.8, in the breakdown region the reverse current increases rap¬ 
idly, with the associated increase in voltage drop being very small. Diode breakdown is nor¬ 
mally not destructive, provided the power dissipated in the diode is limited by external 
circuitry to a safe level. This safe value is normally specified on the device data sheets. It 
therefore is necessary to limit the reverse current in the breakdown region to a value consis¬ 
tent with the permissible power dissipation. 

The fact that the diode i-v characteristic in breakdown is almost a vertical line enables it 
to be used in voltage regulation. This subject will be studied in Section 4.5. 


4.3 Modeling the Diode Forward Characteristic 

Having studied the diode terminal characteristics we are now ready to consider the analysis of 
circuits employing forward-conducting diodes. Figure 4.10 shows such a circuit. It consists of a 
dc source V DD , a resistor /?, and a diode. We wish to analyze this circuit to determine the diode 
voltage V D and current l D . I oward that end we consider developing a variety of models for the 
operation of the diode. We already know of two such models: the ideal-diode model, and the 
exponential model. In the following discussion we shall assess the suitability of these two mod¬ 
els in various analysis situations. Also, we shall develop and comment on other models. This 
material, besides being useful in the analysis and design of diode circuits, establishes a founda¬ 
tion for the modeling ol transistor operation that we will study in the next two chapters. 


4.3.1 The Exponential Model 


I’he most accurate description of the diode operation in the forward region is provided by 
the exponential model. Unfortunately, however, its severely nonlinear nature makes this 
model the most difficult to use. To illustrate, let's analyze the circuit in Fig. 4.10 using the 
exponential diode model. 

Assuming that I' DD is greater than 0.5 V or so, the diode current will be much greater than 
A,, and we can represent the diode i—v characteristic by the exponential relationship, resulting in 



(4.6) 


The other equation that governs circuit operation is obtained by writing a KirchhofT loop 
equation, resulting in 



(4.7) 


Assuming that the diode parameter I s is known, Eqs. (4.6) and (4.7) are two equations in the 
two unknown quantities I D and V D . Two alternative ways for obtaining the solution are 
graphical analysis and iterative analysis. 
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Figure 4.10 A simple circuit used to illustrate the analysis ot 
circuits in which the diode is torward conducting. 
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4.3.2 Graphical Analysis Using th. Exponential Model 

. j i ninttms the relationships ot Eqs. (4.6) and (4,7) on the 
Graphical analysis is per ornr y ,| d s the coordinates of the point of intersection of 

the two graphs. A sk ■ . g . (E 4 an d the straight line represents Eq. (4.7). 

Such a Jraight"known as the load line, a name that will become more meaning*, 
m ir Chapters. The load line intersects the diode curve a. pent Q wh.ch represents the 

operating point of the circuit. Its coordinates give the values of I D and 

Graph,cal analysis aids in the visualization of circuit operat.cn. However, the effort 
involved in performing such an analysis, particularly for complex circuits, is oo great to be justi- 

fled in Dractice. 



Figure 4.11 Graphical analysis of the circuit in Fig, 4.10 using the exponential diode model. 


4,3.3 Iterative Analysis Using the Exponential Model 

Equations (4.6) and (4.7) can be solved using a simple iterative procedure, as illustrated in 
the following example. 


Example 4.4 




Determine the current / and the diode voltage V D for the circuit in Fig. 4.10 with V. 
R ~ 1 kn Assume ‘hat the diode has a current of 1 mA at a voltage of 0.7 V. 


= 5 V and 


Solution 


To begin the iteration, we assume that 


f D 0.7 V and use Eq. (4.7) to determine the current. 



= 5-0.7 


= 4.3 mA 


1 
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We then use the diode equation to obtain a better estimate for V ly This can be done by employing 
Eq. (4.5), namely, 

V 2 -V\ = 23V T \ogy 

1 1 

Subsisting 2.3 V T = 60 mV, we have 

V 2 = V ] + 0.06 log y 

M 

Substituting V ] = 0.7 V, /, = 1 mA, and I 2 = 4.3 mA results in V 2 - 0.738 V. Thus the results of the first iter¬ 
ation are I f , = 4.3 mA and V D — 0.738 V. i he second iteration proceeds in a similar manner: 




5 - 0.738 _ 

1 

0.738 + 0.06 
0.738 V 


4.262 mA 



4.262 
_ 4.3 


Thus the second iteration yields I D - 4.262 mA and V D - 0.738 V. Since these values are very close 
to the values obtained after the first iteration, no further iterations are necessary, and the solution is 
I D - 4.262 mA and V D = 0.738 V. 


4.3.4 The Need for Rapid Analysis 

The iterative analysis procedure utilized in the example above is simple and yields accurate 
results after two or three iterations. Nevertheless, there are situations in wl ic the effort and 
time required are still greater than can be justi tied. Specifically, it one is doing a pencil-and- 
paper design of a relatively complex circuit, rapid circuit analysis is a necessity. Through 
quick analysis, the designer is able to evaluate various possibilities before deciding on a 
suitable circuit design. To speed up the analysis process one must be content with less precise 
results. This, however, is seldom a problem, because the more accurate analysis can be post¬ 
poned until a final or almost-final design is obtained. Accurate analysis oi the almost-flna! 
design can be performed with the aid of a computer circuit-analysis program such as SPICE 
(see Appendix B and the disc). I he results of such an analysis can then be used to further 
refine or “fine-tune” the design. 

To speed up the analysis process, we must find a simpler model tor the diode forward 
characteristic. 


4.3.5 The Constant-Voltage-Drop Model 

The simplest and most widely used diode mode! is the constant-voltage-drop model. This 
model is based on the observation that a forward-conducting diode has a voltage drop that 
varies in a relatively narrow range, say T6 to 0.8 V. The nuulcl assume 1 -' tins \‘ , hugL u* be 
constant at a value, say, 0.7 V. This development is illustrated in Fig. 4.12. 
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(c) 

Figure 4.12 Development of the diode constant-voltage-drop model: (a) the exponential character- 
stic; (b) approximating the exponential characteristic by a constant voltage, usually about 0.7 V r 
(c) the resulting model of the foward-conducting diodes. 


The constant-voltage-drop model is the one most frequently employed in the initial phases 
of analysis and design. This is especially true if at these stages one does not have detailed 
information about the diode characteristics, which is often the case. 

Finally, note that if we employ the constant-voltage-drop model to solve the problem in 
Example 4.4, we obtain 

V D = 0.7 V 

and 

r _ ^DD~ 0-7 
D - R 

5-0.7 A 

= —j— = 4.3 mA 

which are not very different from the values obtained before with the more elaborate expo¬ 
nential model. 
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4,3.6 The Ideal-Diode Model 

In applications that involve voltages much greater than the diode voltage drop (0.6 V-0.8 V), 
we may i ieglect the diode voltage drop altogetl er while calculating the diode current. The result 
is the ideal-diode model, which we studied in Section 4.1. For the circuit in Examples 4.4 
(i.e., Fig. 4.1 o with V DD = 5 V and R = 1 k£2), utilization of the ideal-diode model leads to 

V D = 0 V 

I 5 ~° c A 

I D = —-— = 5 mA 

which for a very quick analysis would not be bad as a gross estimate. However, with almost 
no additional work, the 0.7-V-drop model yields much more realistic results. We note, how¬ 
ever, that the greatest utility ol the ideal-diode model is in determining which diodes are on 
and which are off in a multidiode circuit, such as those considered in Section 4.1. 








4.10 For the circuit in Fig. 4.10, find I D and V D for the case V DD - 5 V and R - 10 kX2. Assume that the 
diode has a voltage of 0.7 V at 1-mA current. Use (a) iteration and (b) the constant-voltage-drop 
model with V D = 0.7 V. 

Ans. (a) 0.43 mA, 0.68 V; (b) 0.43 mA, 0.7 V 

! 1.11 Design the ci r cuit in Fig. 1:4.11 to provide an output voltage of 2.4 V. Assume that the diodes available 
have 0.7-V drop at 1 mA. 



12 


Figure E4.11 


Ans. R= 139 IT 

Repeat Exercise 4.4 using the 0.7-V-drop model to obtain better estimates ol I and Kthan those found 
in Exercise 4.4 (using the ideal-diode model). 

Ans. (a) 1.72 mA, 0.7 V; (b) 0 mA, 5 V; (c) 0 mA, 5 V; (d) 1.72 mA, 0.7 V; (e) 2.3 mA, +2.3 V; 
(0 3.3 mA, +1.7 V 
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4.3.7 The Small-Signal Model 

. .. . fl Ainde is biased to operate at a point on the forward i- v 

There are applications m whic supe rimposed on the dc quantities. For this situation, 
characteristic and a small acsignalis ^ ^ ^ y ^ diode using Qne 

we first have to determin freQuen tly, the 0.7-V-drop model is utilized. Then, for 

the models discussed above. ^ ^ _ (he djode js mode i e d by a resistance equal to 

small-signal operation a exponential i-v characteristic at the bias point, 

the inverse of theidopeof theand restricting signal excursion to a shon, 

around the bias point is centra, to designing linear 

Ip“L ..»; I* -" ‘■JSS’iiSr ii "JSL2T " 

develop such a small-signal model for the junction diode and illustrate its application. 


l D 


Tangent at Q 

1 


i D (0 


vAt) ( _ 



V D (0 


4 


(a) 



(b) 


Figure 4.13 Development of the diode small-signal model. 
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Consider the conceptual circuit in 1 ig. 4.13(a) and the corresponding graphical represen¬ 
tation in Fig. 4.13( b). A dc voltage V Di represented by a battery, is applied to the diode, and a 
time-varying signal v d (t), assumed (arbitrarily) to have a triangular waveform, is 
superimposed on the dc voltage V D . In the absence ol' the signal v d {t), the diode voltage is 
equal to V D , and correspondingly, the diode will conduct a dc current I D given by 

J 1 V ° /V T 

Id = he (4.8) 

When the signal v d {t) is applied, the total instantaneous diode voltage v D (t) will be given by 

v D (0 = Vd+VjU) (4.9) 


Correspondingly, the total instantaneous diode current i D (t) will be 


i D (0 = I s e V 



(4.10) 


Substituting for v D from Eq. (4.9) gives 



J (V D +V d )/V T 

h e 


(4.11) 


which can be rewritten 


— he 


»v 


Vj/ v T 

e 


Using Eq. (4.8 ) we obtain 




(4.12) 


Now if the amplitude ot the signal v/t) is kept sufficiently small such that 


— 1 (4.13) 

V T 

then we may expand the exponential of Eq. (4.12) in a series and truncate the series after the 
first two terms to obtain the approximate expression 


~ "F 



(4.14) 


This is the small-signal approximation. It is valid for signals whose amplitudes are smaller 
than about 5 mV (see Eq. 4.13, and recall that V T = 25 mV). 1 
From Eq. (4.14) we have 


hi*) ~ h + 



(4.15) 


Thus, superimposed on the dc current / 0 , we have a signal current component directly pro¬ 
portional to the signal voltage v d . That is, 


where 



(4.16) 


(4.17) 


■j 

for v d = 5 mV, v d / V T = 0,2. Thus the next term in the series expansion of the exponential will be - x 
0-2- - 0.02, a factor of 10 lower than the linear term we kept. 
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t to the signal voltage v d has the dimensions of con- 
The quantity relating small-signal conductance. The inverse of this 

ductance. mhos ( U ), and ts canet . . or incremental resistance, r d , 

parameter is the diode small-stgnal res.stanee, 


r.i - 


/ 


(4.18) 


D 


, U , „„f, i, inversely proportional to the bias current l D . 

Note that value of'a ^ hjca| J ^ tation in F ig. 4.13(b). It is easy to see that using the 
Let us return to th g P tQ ^ming that the signal amplitude is sufficiently 

small-signal approximation is q j vaim . ) v ] iml ,ed to a short almost-linear segment, 
small such that the ch*** ' ' - £ ^ tangent t0 the ^ curve at the 

The slope ol this segment. vhjch . conductance . The reader is encouraged to 

operating point Q , is equal to the small-signai cc • . 6 

prove that the slope of the /-t, curve at / = /„ is equal to V V T , wh.ch ts /r„, is, 

(4.19) 


r d - 1 


f <%d ~ 

.dv D - 




From the preceding we conclude that superimposed on the quantities V D and I D that define 
the dc bias point, or quiescent point, of the diode will be the small-signal quantities v d (t) and 
/ //) w hich are related by the diode small-signal resistance r d evaluated at the bias point (Eq. 
418) Thus the small-signal analysis can be performed separately from the dc bias analysis, a 
great convenience that results from the linearization of the diode characteristics inherent in the 
small-signal approximation. Specifically, after the dc analysis is performed, the small-signal 
equivalent circuit is obtained by eliminating all dc sources (i.e., short-circuiting dc voltage 
sources and open-circuiting dc current sources) and replacing the diode by its small-signal resis¬ 
tance. The following example should illustrate the application of the small-signal model. 


Example 4.5 



Consider the circuit shown in Fig. 4.14(a) for the case in which R= 1 ft kfl The power supply V* has a dc 
value of 10 V on which is superimposed a 60-Hz sinusoid of 1-V peak amplitude. (This “signal” compo¬ 
nent of the power-supply voltage is an imperfection in the power-supply design, ft is known as the 
power-supply ripple. More on this later.) Calculate both the dc voltage of the diode and the amplitude of 
the sine-wave signal appearing across it. Assume the diode to have a 0.7-V drop at 1-mA current. 



Figure 4.14 (a) Circuit 
equivalent circuit. 


pie 4.5. (b) Circuit for calculating the dc operating point, (c) Small-signal 
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Solution 


Considering dc quantities only, we assume V D - 0.7 V and calculate the diode dc current 



10-0.7 

10 


0.93 mA 


Since this value is very close to 1 mA, the diode voltage will be very 
0.7 V. At this operating point, the diode incremental resistance r d is 



26.9 Q 


close to the assumed value of 


The signal voltage across the diode can be found from the small-signal equivalent circuit in 
Fig. 4.14(c). Here v 5 denotes the 60-Hz 1-V peak sinusoidal component of V + , and v d is the cor¬ 
responding signal across the diode. Using the voltage-divider rule provides the peak amplitude oi v d 
as follows: 


v d (peak) = V s 


R + r 


= 1 


0.0269 


10 + 0.0269 


2.68 mV 


Finally we note that since this value is quite small, our use of the small-signal model of the diode is 
justified. 


Finally, we note that while r d models the small-signal operation of the diode at low frequen¬ 
cies, its dynamic operation is modeled by the capacitances C and C,, which we studied in Sec¬ 
tion 3.6 and which also are small-signal parameters. A complete model of the diode includes C. 
and C d in parallel with t\ r 


4.3.8 Use of the Diode Forward Drop in Voltage Regulation 


A further application of the diode small-signal model is found in a popular diode application, 
namely, the use of diodes to create a regulated voltage. A voltage regulator is a circuit whose 
purpose is to provide a constant dc voltage between its output terminals. The output voltage is 
required to remain as constant as possible in spite of (a changes in the load current drawn 
from the regulator output terminal and (b) changes in the dc power-supply voltage that feeds 
the regulator circuit. Since the forward-voltage drop of the diode remains almost constant at 
approximately 0.7 V while the current through it varies by relatively large amounts, a toiw ard- 
biased diode can make a simple voltage regulator. For instance, we have seen in Example 4.5 
that while the 10-V dc supply voltage had a ripple of 2 V peak-to-peak * a ± 10% variation), the 
corresponding ripple in the diode voltage was only about ±2.7 mV (a ±0.4% variation). Regu¬ 
lated voltages greater than 0 7 V can be obtained by connecting a number ol diodes in series. 
For example, the use of three forward-biased diodes in series provides a voltage ol about 2 V. 


One such circuit is investigated in the following example, which utilizes the 
mode] to quantity the efficacy of the voltage regulator that is realized. 


diode small-signal 
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Consider the circuit shown in Fig. 4.15. A string 


, of three diodes is used to provide a constant voltage 


this regulated voltage caused by (a) a 


of about 2.1 V. We want to calculate the 1-kfi load resistance. 

±10% change in the power-supply voltage and (b) connection 


10+ 1 v 



Figure 4.15 Circuit for Example 4.6. 


Solution 

With no load, the nominal value of the current in the diode string is given by 

- 2.1 


I = 


1 


= 7.9 mA 


Thus each diode will have an incremental resistance of 

Vr 


r d J 


! hus. 


r d = 


25 

7.9 


= 3.2 Q 


The three diodes in series will have a total incremental resistance of 

r = 3 r d = 9,6 Q 

This resistance, along with the resistance R, forms a voltage divider whose ratio can be used to cal¬ 
culate the change in output voltage due to a ±10% (i.e., ±1-V) change in supply voltage. Thus the 
peak-to-peak change in output voltage will be 


Av 0 = 2 


r 


= 2 


0.0096 


r + R 0.0096 + 1 


= 19 mV peak-to-peak 


That is, corresponding to the +1-V (±10%) change in supply voltage, the output voltage will change 

y ± 5 mv or ±0.5/o. Since this implies a change ol about +3.2 mV per diode, our use of the small- 
signal model is justified. 

When a load resistance of 1 kil is connected across the diode string, it draws a current of 

in Tim™, h m a m ,he CUrrem in the diodes decreases b V 2 - 1 mA - siting in a decrease 
m voltage across the diode string given by 6 

Ai> 0 = -2.1 xr = -2.1 x9.6 = -20 mV 
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Since this implies that the voltage across each diode decreases by about 6.7 mV, our use of the 
small-signal model is not entirely justified. Nevertheless, a detailed calculation of the voltage 
change using the exponential model results in Av 0 = -23 mV, which is not too different from the 
approximate value obtained using the incremental model. 




XT A 











4.13 Find the value of the diode small-signal resistance r d at bias currents of 0.1 mA, 1 mA, and 10 mA. 
Arts. 250 U; 25 Q; 2.5 Q 

4.14 Consider a diode biased at 1 mA. Find the change in current as a result of changing the voltage 
by (a) -10 mV, (b) -5 mV, (c) +5 mV, and (d)+10 mV. In each case, do the calculations (i) using 
the small-signal model and (ii) using the exponential model. 

Ans. (a) -0.40, -0.33 mA; (b) -0.20, -0.18 mA; (c) +0.20, +0.22 mA; (d) +0.40, +0.49 mA 

D4.15 Design the circuit of Fig. E4. ] 5 so that V Q = 3 V when /, = 0, and V 0 changes by 20 mV per 1 mA 
of load current. 

(a) Use the small-signal model of the diode to find the value of/?. 

(b) Speci fy the value of 4 of each of the diodes. 

(c) For this design, use the diode exponential model to determine the actual change in V 0 when a 
current 1, = 1 mA is drawn from the regulator. 

+ 15 V 

A 


R 


o Vq 


5Z 


sz 

sz 


£ 


/ 


Figure E4.15 


Ans. (a) R = 2.4 kH; 



fy = 4.7 X 10 -16 A; (c) -22.3 mV 


--- 


— 


4.4 Operation in the Reverse Breakdown 
Region—Zener Diodes 


The very steep i—v curve that the diode exhibits in the breakdown icgion (Fig. 4.8) and the 
almost-constant voltage drop that this indicates, suggest that diodes operating in the breakdown 
region can be used in the design of voltage regulators. From the previous section, the reader 
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. , . circuits that provide a constant dc output voltage in the 
will recall that voltage regula or power-supply voltage. This in fact turns 

face of changes in their 'oadc^ent and m theP ^ ^ reyerse _ breakdown regjon ^ 

out to be an important apphca ' specifically in the breakdown region. Such diodes 

special diodes are manufactured to °P erate JP“. y earl|er _ zener diodes . 

are called breakdown diodes or, m “ r “ | f h ner diode. In normal applications of zener 
r 1 / im Fia 4 16 have positive values. 



Figure 4.16 Circuit symbol tor a 
zener diode. 


4.4.1 Specifying and Modeling the Zener Diode 

Figure 4.17 shows details of the diode i-v characteristic in the breakdown region. We 
observe that for currents greater than the knee current l 7K (specified on the data sheet of 
the zener diode), the i-v characteristic is almost a straight line. The manufacturer usually 
specifies the voltage across the zener diode V z at a specified test current, I ZT . We have indi¬ 
cated these parameters in Fig. 4.17 as the coordinates of the point labeled Q. Thus a 6.8-V 




V 


(test current) 



Figure 4.17 The diode /- 


AV = A/ r, 

v characteristic with the breakdown 


region shown in some detail. 
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zener diode will exhibit a 6.8-V drop at a specified test current of, say, 10 mA. As the cur¬ 
rent through the zener deviates from f Z ji the voltage across it will change, thouuh only 

slightly. Figure 4.17 shows that corresponding to current change A I the zener voltage chanties 
by AT, which is related to A/ by 

AT = r z M 

where r, is the inverse of the slope of the almost-linear i-v curve at point Q. Resistance r, is 
the incremental resistance of the zener diode at operating point Q. It is also known as the 
dynamic resistance of the zener, and its value is specified on the device data sheet. Typi¬ 
cally, r z is in the range of a few ohms to a few' tens of ohms. Obviously, the lower the value 
of r. is, the more constant the zener voltage remains as its current varies, and thus the more 
ideal its performance becomes in the design of voltage regulators. In this regard, we observe 
from Fig. 4.17 that while r : remains low and almost constant over a wide range of current, its 
value increases considerably in the vicinity of the knee. Therefore, as a general design 
guideline, one should avoid operating the zener in this low-current region. 

Zener diodes are fabricated with voltages V z in the range of a few' volts to a few hundred 
volts. In addition to specifying V z (at a particular current I ZT ), r, and I ZK , the manufacturer 
also specifies the maximum power that the device can safely dissipate. Thus a 0.5-W, 6.8-V 
zener diode can operate safely at currents up to a maximum of about 70 mA. 

The almost-linear i-v characteristic of the zener diode suggests that the device can be 
modeled as indicated in Fig. 4.18. Here V zo denotes the point at which the straight line of 
slope 1 /r. intersects the voltage axis (refer to Fig. 4.17). Although T zo is shown in Fig. 4.17 
to be slightly different from the knee voltage V zx , in practice their values are almost equal. 

The equivalent circuit model of Fig. 4.18 can be analytically described by 

Vz = V Z q + f“ z Iz (4.20) 

and it applies tor I z > I 7K and, obviously, T z > T zo . 



o- 

+ 

VT 




o — 


Figure 4.18 Model for the zener diode. 


4.4.2 Use of the Zener as a Shunt Regulator 

We now illustrate, by way of an example, the use of zener diodes in the design ot shunt reg¬ 
ulators, so named because the regulator circuit appears in parallel (shunt) with the load. 
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Example 4,7 



The 6.8-V zener diode 
r. = 20 Q, and I ZK - 0.2 

rife 


in the circuit ot Fig. 
mA. The supply volta 


4 19(a) is specified to have V z 6.8 V at I z 5 mA, 
ae r is nominally 10 V but can vary by ±1 V. 


A V* (10 ±1 V) 



0.5 kfl 


o 

+ 


6.8-V 
zener 










Figure 4.19 (a) Circuit for Example 4.7. (b) I he circuit with the zener diode replaced with its equivalent circuit 
model. 


(a) Find V 0 with no load and with V' at its nominal value. 

(b) Find the change in V 0 resulting from the ±1-V change in V*. Note that (AF 0 /AV + ), usually 
expressed in mV/V, is known as line regulation. 

(c) Find the change in V 0 resulting from connecting a load resistance R L that draws a current l L - 
1 mA, and hence find the load regulation (AV 0 /AI L ) in mV/mA. 

<d) Find the change in V 0 when R L = 2 kQ. 

(e) Find the value of V 0 when R j - 0.5 kQ. 

(f) What is the minimum value of R L for which the diode still operates in the breakdown region? 


Solution 


First we must determine the value of the parameter f ' zo of the zener diode model. Substituting V 2 = 

6.8 V, I z - 5 mA, and r z = 20 Q in Eq. (4.20) yields V zo = 6.7 V. Figure 4.19(b) shows the circuit 
with the zener diode replaced with its model. 

(a) With no load connected, the current through the zener is given by 


10-6.7 
0.5 + 0.02 


6.35 mA 


Thus, 


v 0 - I'zo + h r z 

= 6.7 + 6.35 x 0.02 = 6.83 V 
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(b) For a ±1-V change in V\ the change in output voltage can be found from 



= ± 1 x 


20 

500 + 20 


±38.5 mV 


Thus, 


Line regulation = 38.5 mV/V 


(c) When a load resistance R L that draws a loat 1 current / f — 1 mA is connected, the zener current 
will decrease by 1 mA. The corresponding change in zener voltage can be found from 


AV 0 = r z AI z 

= 20 x - t = -20 mV 


Thus the load regulation is 


Load regulation = 



-20 mV/mA 


(d) When a load resistance of 2 kQ is connected, the load current will be approximately 
6.8 V/2 kQ = 3.4 mA. Thus the change in zener current will be AJ - -3.4 mA, and the correspond¬ 
ing change in zener voltage (output voltage) will thus be 


AVq — r z AI z 

= 20 x -3.4 = -68 mV 


This calculation, however, is approximate, because it neglects the change in the current /. A more 
accurate estimate of AV a can be obtained by analyzing the circuit in I ig. 4.19(b). The result of such 
an analysis is A V Q = -70 mV. 

(e) An R l of 0.5 kQ would draw a load current of 6.8/0.5 = 13.6 mA. This is not possible, because 
the current / supplied through R is only 6.4 mA (for F = 10 V). Therefore, the zener must be cut off. 
1} this is indeed the case, then I', is determined by the voltage divider formed by R ; and R (Fig. 4,19a), 



. /+ R i 

R + R l 


10 


0.5 


0.5 + 0.5 



Since this voltage is lower than the breakdown voltage of the zener. the diode is indeed no longer 
operating in the breakdown region. 

(f) For the zener to be at the edge of the breakdown region, I 7 = l m - 0.2 mA and V z — V ZK — 6.7 V. 
At this point the lowest (worst-case) current supplied through R is (9 - 6.7)/ 0.5 = 4.6 mA, and thus 
the load current is 4.6 - 0.2 = 4.4 mA. The corresponding value of R t is 
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4 4 3 Temperature Effects 

r vnlt3(?e v on temperature is specified in terms of its tempera- 
The dependence of the zener z on j known , which is usually expressed in 

,ure coefficient TC, or tconeo Kner voltage , and for a given diode the TC varies 

mV/ C. The value ol TC depend. ^ | ower than about 5 V exhibit a nega- 

with the operating current Zener i ' hjbit a pos j,i ve TC. The TC of a 

? vs ssrr,-*-rs »«* **«■ 

current. Anomer • a zener diode wit h a positive temperature coefficient of 

P hmrt 2 mvrc m series with a forward-conducting diode. Since the forward-conducting 
Todl has a voltage drop of =0.7 V and a TC of about -2 mV/»C, the series combination 
Will nrnvide a voltage of (K,+ 0.7) with a TC of about zero. 



4 16 A zener diode whose nominal voltage is 10 Vat II) mA has an incremental resistance ot 50 £2. What 
voltage do you expect if the diode current is halved? Doubled? What is the value of V m in the zener 

model? 

Ans. 9.75 V; 10.5 V; 9.5 V 

4.17 A zener diode exhibits a constant voltage of 5.6 V for currents greater than five times the k nee cur¬ 
rent. 1 ZK is specified to be 1 mA. The zener is to be used in the design of a shunt regulator fed from 
a 15-V supply. The load current varies over the range ot : 1 mA to 15 mA. Find a suitable value foi the 
resistor R. What is the maximum power dissipation of the zener diode? 

Ans. 470 Q; 112 mW 

4.18 A shunt regulator utilizes a zener diode whose voltage is 5.1 V at a current of 50 mA and whose 
incremental resistance is 7 Q. The diode is fed from a supply of 15-V nominal voltage through a 200- 
Q resistor. What is the output voltage at no load'’ Find the line regulation and the load regulation. 
Ans. 5.1 V; 33.8 mV/V; -7 mV/mA 


4.4.4 A Final Remark 

Though simple and useful, zener diodes have lost a great deal of their popularity in recent 
years. They have been virtually replaced in voltage-regulator design by specially designed 
integrated circuits (ICs) that perform the voltage regulation function much more effectively 
and with greater flexibility than zener diodes. 


4.5 Rectifier Circuits 

he most important applications ot diodes is in the design of rectifier circuits 
l . ler . orms an esse ntial building block of the dc power supplies required to po’ 

iad °" d rr m - A ^' 0Ck diagram of such a P° wer supply is shown in Fig. 4.20. 

voltaae t t P °r T y 15 fed fr0m the 120 ' V <ms> b0-Hz ac line, and it delivers a 
g o (usually in the range of 5 V to 20 V) to an electronic circuit represented by 
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Power 




fYY\, 
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Figure 4.20 Block diagram of a dc power supply. 




t 


load block, fhe dc voltage V 0 is required to be as constant as possible in spite of variations 
in the ac line voltage and in the current drawn by the load. 

The first block in a dc power supply is the power transformer. It consists of two separate 
coils wound around an iron core that magnetically couples the two windings. The primary 
winding, having N x turns, is connected to the 120-V ac supply, and the secondary winding, 
having N 2 turns, is connected to the circuit of the dc power supply. Thus an ac voltage v s 
of 120(?V : /Af| ) V (mis) develops between the two terminals of the secondary winding. By 
selecting an appropriate turns ratio (N ] /N 2 ) for the transformer, the designer can step the 
line voltage down to the value required to yield the particular dc voltage output of the supply. 
For instance, a secondary voltage of 8-V nns may be appropriate for a dc output of 5 V. This 
can be achieved with a 15:1 turns ratio. 

In addition to providing the appropriate sinusoidal amplitude for the dc power supply, 
the power transformer provides electrical isolation between the electronic equipment and the 
power-line circuit. This isolation minimizes the risk of electric shock to the equipment user. 

The diode rectifier converts the input sinusoid v s to a unipolar output, which can have 
the pulsating waveform indicated in Fig. 4.20. Although this waveform has a nonzero aver¬ 
age or a dc component, its pulsating natuie makes it unsuitable as a dc source for electronic 
circuits, hence the need for a titter. The variations in the magnitude of the rectifier output are 
considerably reduced by the filter block in Fig. 4.20. In the following sections we shall study 
a number of rectifier circuits and a simple implementation of the output filter. 

I'he output of the rectifier filter, though much more constant than without the filter, 
still contains a time-dependent component, known as ripple, l'o reduce the ripple and to 
stabilize the magnitude of the dc output voltage of the supply against variations caused 
by changes in load current, a voltage regulator is employed. Such a regulator can be imple¬ 
mented using the zener shunt regulator configuration studied in Section 4.4. Alternatively, 
and much more commonly at present, an integrated-circuit regulator can be used. 


4.5.1 The Half-Wave Rectifier 

The halt-wave rectifier utilizes alternate half-cycles ot the input sinusoid. Figure 4.21(a) 
shows the circuit of a half-wave rectifier. This circuit was analyzed in Section 4.1 (see 
4.3 1 assuming an ideal diode. Using the more realistic constant-voltage-drop diode 
model, we obtain 



XK 


V 

r D 



(4.21a) 


V 0 ~ V S “ V D' 


(4.21b) 
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Figure 4,21 (a) Half-wave rectifier, (b) Transfer characteristic of the rectifier circuit, (c) Input and output 

waveforms. 


The transter characteristic represented by these equations is sketched in Fig. 4.21(b), where 

V D = 0.7 V or 0.8 V. Figure 4.21(c) shows the output voltage obtained when the input v s is a 
sinusoid. 


In selecting diodes tor rectifier design, two important parameters must be specified: the 

current-handling capability required of the diode, determined by the largest current the diode 

is expected to conduct, and the peak inverse voltage (PIV) that the diode must be able to 

withstand without breakdown, determined by the largest reverse voltage that is expected 

to appear across the diode. In the rectifier circuit ot Fig, 4.21(a), we observe that when u s i s 

negative the diode will be cut off and v 0 will be zero. It follows that the PIV is equal to the 
peak of v s , 


PIV = V 


(4.22) 


500 / 0 t p * 10Uever ’ t0 s e lect a diode that has a reverse breakdown voltage at least 

M) /o greater than the expected PI V. 
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Before leaving the half-wave rectifier, the reader should note two points. First, it is pos¬ 
sible to use the diode exponential characteristic to determine the exact transfer characteristic 
of the rectifier (see Problem 4.65). However, the amount of work involved is usually too 
great to be justified in practice. Of course, such an analysis can be easily done using a com¬ 
puter circuit-analysis program such as SPICE. 

Second, whether we analyze the circuit accurately or not, it should be obvious that this 
circuit does not function properly when the input signal is small. For instance, this circuit 
cannot be used to rectify an input sinusoid of 100-mV amplitude. For such an application one 
resorts to a so-called precision rectifier, a circuit utilizing diodes in conjunction with op 
amps. One such circuit is presented in Section 4.5.5. 



4.19 For the half-wave rectifier circuit in Fig. 4.21(a), show the following: (a) For the half-cycles during 
which the diode conducts, conduction begins at an angle 0- sin ' 1 ( V D / Vj and terminates at (/r- 0), 
for a total conduction angle of (/r — 20). (b) The average value (dc component) of v 0 is 
V Q — (1 /ft) V s - V d /2. (c) The peak diode current is ( V s - V D )/R). 

Find numerical values for these quantities for the case of 12-V (rms) sinusoidal input, V D — 0.7 V, 
and R - 100 Q. Also, give the value for PIV. 

Ans. (a) 6- 2.4°, conduction angle = 175°; (b) 5.05 V; (c) 163 mA; 17 V 


4.5.2 The Full-Wave Rectifier 

The full-wave rectifier utilizes both halves of the input sinusoid, fo provide a unipolar out¬ 
put, it inverts the negative halves of the sine wave. One possible implementation is shown in 
Fig. 4.22(a). Here the transformer secondary winding is center-tapped to provide two equal 
voltages v s across the two halves of the secondary winding with the polarities indicated. 
Note that when the input line voltage (feeding the primary) is positive, both of the signals 
labeled v s will be positive. In this case D ( will conduct and D 2 will be reverse biased. The 
current th rough D, will flow through R and back to the center tap of the secondary. The cir¬ 
cuit then behaves like a half-wave rectifier, and the output during the positive half-cycles 
when D, conducts will be identical to that produced by the half-wave rectifier. 

Now, during the negative half-cycle of the ac line voltage, both ol the voltages labeled v s 
will be negative. Thus Z), will be cut ot ( while Z), will conduct. I he current conducted by D 2 
will flow through R and back to the center tap. It follows that during the negative half-cycles 
while D : conducts, the circuit behaves again as a half-wave rectifier. The important point, 
however, is that the current through R always flows in the same direction, and thus v 0 will 
he unipolar, as indicated in Fig. 4.22(c). The output waveform shown is obtained by assum¬ 
ing that a conducting diode has a constant voltage drop V D . Thus the transfer characteristic 
ot the full-wave rectifier takes the shape shown in Fig. 4.22(b). 

The full-wave rectifier obviously produces a more '‘energetic waveform than that pro¬ 
vided by the half-wave rectifier. In almost all rectifier applications, one ■ *pts for a full-wave 
type of some kind. 
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Figure 4.22 Full-wave rectifier utilizing a transformer with a center-tapped secondary winding: 
(a) circuit; (b) transfer characteristic assuming a constant-voltage-drop model for the diodes; (c) input 
and output waveforms. 


lo find the Pl\ ot the diodes in the full-wave rectifier circuit, consider the situation dur¬ 
ing the positive half-cycles. Diode D^ is conducting, and D-, is cut off. The voltage at the cal h- 
ode ot D 2 is i' 0 , and that at its anode is -v s . Thus the reverse voltage across D , will be 

( y o + whlch will reach its maximum when v 0 is at its peak value of (V - VX and v s is at 
its peak value of V\ thus. 


PIV = 2 V s - V Q 

which is approximately twice that for the case of the half-wave rectifier. 



4.20 


? Sh0W the (a, The output is zero for an an- 

e zero cr ossing points ol the sine-wave input, (b) The 
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average value (dc component) of v Q is V 0 (2/ x) V s - V D . (c) The peak current through each di¬ 
ode is (V s - V D )/R . Find the traction (percentage) of each cycle during which v D > 0, the value of 
V Q , the peak diode current, and the value of PIV, all for the case in which v s is a 12-V (rms) sinusoid. 
V D = 0.7 V, and R- 100 Q. 

Ans, 97.4%; 10.1 V; 163 mA; 33,2 V 

— - -- - ------ 


4.5.3 The Bridge Rectifier 

An alternative implementation of the full-wave rectifier is shown in Fig. 4.23(a). This cir¬ 
cuit, known as the bridge rectifier because of the similarity of its configuration to that of the 
Wheatstone bridge, does not require a center-tapped transformer, a distinct advantage over 
the full-wave rectifier circuit O' Fig. 4.22. I he bridge rectifier, however, requires lour 
diodes as compared to two in the previous circuit. This is not much of a disadvantage, 
because diodes are inexpensive and one can buy a diode bridge in one package. 

The bridge rectifier circuit operates as follows: During the positive halt-cycles of the 
input voltage, v s is positive, and thus current is conducted through diode D r resistor /?, and 
diode D 2 . Meanwhile, diodes D 3 and D A will be reverse biased. Observe that there are two 
diodes in series in the conduction path, and thus v 0 will be lower than v s by two diode drops 
(compared to one drop in the circuit previously discussed). This is somewhat of a disadvan¬ 
tage of the bridge rectifier. 

o— 

+ 

ac 
line 

voltage 

o— 



(a) 



t 


(b) 

Figure 4.23 The bridge rectifier: (a) circuit; (b) input and output waveforms. 
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, L _ j lir ; n g the negative half-cycles of the input voltage. The sec- 

N ,„.,h„ ush 0> 
ondary voltage i> s ' 8 w m be reverse biased. The important point to note 

*• and Dy Meanwbde.d^d O andO^dnt ^ ^ R jn ^ same d|recljon (from 

righuo left) and thus v 0 will always be positive, as indicated in Fig. 4.23(b). 

To determine the peak inverse voltage (PIV) ot each diode, consider the circuit during 
the positive half-cycles. The reverse voltage across D, can be determined from the loop 

formed by D } , R, and D 2 as 


%3 


(reverse) = v 0 +i>d 2 (forward) 


Thus the maximum value of v m occurs at the peak of v 0 and is given by 

PIV = V s - 2V d + V d = V s -V D 


Observe that here the PIV is about half the value for the fill I-wave rectifier with a center- 
tapped transformer. This is another advantage ot the bridge rectifier. 

Yet one more advantage of the bridge rectifier circuit over that utilizing a center-tapped 
transformer is that only about half as many turns are required for the secondany winding of the 
transformer. Another way of looking at this point can be obtained by observing that each half of 
the secondary winding of the center-tapped transformer is utilized for only half the time. These 
advantages have made the bridge rectifier the most popular recti iier circuit configuration. 



4.21 For the bridge rectifier circuit of Fig, 4.23(a), use the constant-voltage-drop diode model to show that (a) 
the average (or dc component) of the output voltage is V 0 = {2/7t)V s - 2V D and (b) the peak 
diode current is (f s — 2 V D )/R\, Find numerical values for the quantities in (a) and (b) and the PIV 
for the case in which v s is a 12-V (rms) sinusoid, V D = 0.7 V. and R = 100 Q. 

Ans. 9.4 V; 156 mA; 16.3 V 

^__ 


4.5.4 The Rectifier with a Filter Capacitor—The Peak Rectifier 

The pulsating nature of the output voltage produced by the rectifier circuits discussed abov 
a es it unsuitable as a dc supply for electronic circuits. A simple way to reduce the varia 
, ■ ° * e voltage is to place a capacitor across the load resistor. It will be shown ths 
T ca P ac, for serv es to reduce substantially the variations in the rectifier output voltagf 

mir chnw ■ r-t Cc * rcu ' t with a filter capacitor works, consider first the simple cir 

diode to he 'h l 8 a ' Ut the mpUI V ' be a sinusoid with a peak value V, and assume th 
„ = ' x h - l, v S l ' ,80eS P0si,ive ’. the dl0d = conducts and the capacitor is charged so tha 

decreases the diJL'h" '■° mmUeS untl1 v ' reaches its Peak value V Beyond the peak, as i 
valueT ln L the ? m n S ^ biaSed and ,he out P ut voltagf remains constant atth 
age indefinitely! becauseThereTno" 18 ’ "7 CapaCll0r wil1 retain ils charge and hence its voll 

vides a dc voltage output equal to thepeakofth CaPaC ' t0r ‘° diSCharge ' ThuS * he CirCUlt 
result in view of our desire to prodt^a d f mPU Sme WaV6 ' Th ' S ' S 3 V6ry encourag ' 1 
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Figure 4.24 (a) A simple circuit used to illustrate the effect of a filter capacitor, (b) Input and output 
waveforms assuming an ideal diode. Note that the circuit provides a dc voltage equal to the peak ot the input 
sine wave. The circuit is therefore known as a peak rectifier or a peak detector. 


Next, we consider the more practical situation w r here a load resistance R is connected 
across the capacitor C, as depicted in Fig. 4.25(a), However, we will continue to assume 
the diode to be ideal. As before, for a sinusoidal input, the capacitor charges to the peak <4 
the input V p . Then the diode cuts off, and the capacitor discharges through the load resistance 
R> The capacitor discharge will continue for almost the entire eycle, until the time at which v t 
exceeds the capacitor voltage. Then the diode turns on again anr charges the capacitor up to 
the peak of v r , and the process repeats itself. Observe that to keep the output voltage from 
decreasing too much during capacitor discharge, one selects a value for C so that the time 

constant CR is much greater than the discharge interval. 

We are now ready to analyze the circuit in detail. Figure 4.25(b) shows the steady-state 
input and output voltage waveforms under the assumption that CR ^ T, where 7Ts the period 
of the input sinusoid. The waveforms of the load current 


h = v o/ R 

(4.23) 

and ol the diode current (when it is conducting) 


Id = *c + h 

(4.24) 

■ 

= c T7 + ,t 

(4.25) 
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(a) 



Figure 4.25 Voltage and 
assumed ideal. 


current waveforms in the peak rectifier circuit with CR > T. The diode is 


are shown in Fig. 4.25(c). The following observations are in order: 

«unnli^ e |k C ° n< * llCtS ^° r 3 ,^ r ' e * ' nterva !> At, near the peak of the input sinusoid 

ch a roe interop ThT W '* h equal t0 lhat losl dunn g the much longer 

charge mterval. The latter is approximately equal to the period T. 

equals't'he d evn eal ^ d '° de conduct i° n begins at time at which the inp 

peakof t ,,heT: a \ decayingoul P m v o- Conduction stops at I, shortly after 
Peak „„ the exact value of* can be determined by setting", = 0 in Eq. (4.25) 
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3. During the diode-oft interval, the capacitor C discharges through R , and thus v 0 
decays exponentially with a time constant CR. Ihe discharge interval begins just 
past the peak of v r At the end of the discharge interval, which lasts for almost the 
entire period T, v a = V p - K, where F is the peak-to-peak ripple voltage. When 
CR ^ T the value of V r is small. 

4. When V r is small, v 0 is almost constant and equal to the peak value of v r Thus the dc 
output voltage is approximately equal to V. Similarly, the current h almost con¬ 
stant, and its dc component 1, is given by 



(4.26) 


If desired, a more accurate expression for the output dc voltage can be obtained by 
taking the average of the extreme values of v (P 

V 0 = Vp~\ V r ( 4 - 27 ) 


With these observations in hand, we now derive expressions for F and for the average 
and peak values of the diode current. During the diode-off interval, v Q can be expressed as 




-t/CR 


At the end of the discharge interval we have 




-T/CR 


Now, since CR > T, we can use the approximation e 


-T/CR 


— 1 - T/CR to obtain 



( 4 . 28 ) 


We observe that to keep V small we must select a capacitance C so that C R T. The ripple 
voltage V r in Eq. (4.28) can he expressed in terms ot the frequency / = 1 /T as 



(4.29a) 


Using Eq. (4.26) we can express V r by the alternate expression 



(4.29b) 



Note that an alternative interpretation of the approximation made above is that the capacitor 
discharges by means of a constant current I L = V p / R. This approximation is valid as long 

as V r < V p . 

Assuming that diode conduction ceases almost at the peak of x> r we can determine the 
conduction interval A/ from 

V p cos (coAt) = V p - V r 

where (O = lirj = 2^/Tis the angular frequency of v,. Since {coAt) is a small angle, we 
can employ the approximation cos ( coAt) — 1 - ;( CO At) to obtain 


CO At - J2 V r / V p 

We note that when V < V the conduction angle coAt will be small, as assumed. 

t p* 


(4.30) 
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To determine the average diode current during conduction, i ft ,, we equate the charg, 
that the diode supplies to the capacitor. 


n 




A / 


where from Eq. (4.24), 

i Cav = *Dav ~ *L 

to the charge that the capacitor loses during the discharge interval, 

= CV r 

to obtain, using Eqs. (4.30) and (4.29a), A 

O W = hi 1 + 71 'l- 1 V V ) ( 4 -31) 

Observe that when V r < V the average diode current during conduction is much greater 
than the dc load current. This is not surprising, since the diode conducts for a very short 
interval and must replenish the charge lost by the capacitor during the much longer interval 
in which it is discharged by I L . 

The peak value of the diode current, can be determined by evaluating the expres¬ 
sion in Eq. (4.25) at the onset of diode conduction—that is, at f-f } = -A/ (where 1 = 0 is at the 
peak). Assuming that i L is almost constant at the value given by Eq. (4.26), we obtain 

O 'Dm« = 4(l +2zj2V p /V r ) (4.32) 

From Eqs. (4.31) and (4.32), we see that for V r < L, / /w - 2/ Dav , which correlates with the 

fact that the waveform of i D is almost a right-angle triangle (see Fig. 4.25c). 



4.8 



I onsider a peak rectifier fed by a 60-Hz sinusoid having a peak value V = 100 V. Let the load resis¬ 
tance R = 10 kQ. Find the value of the capacitance C that will result in a peak-to-peak rii lie of 2 V. 

Also, calculate the fraction of the cycle during which the diode is conducting and the average and 
peak values of the diode current. 

Solution 


From Eq. (4.29a) we obtain the value of Cas 


r/ 


c = 


100 


= 83.3 pF 


V'fl* 2 x 60 x 10 x 10 ’ 

The conduction angle ai At is found from Eq. (4.30) as 

<0A/ = -12x27m = 0.2 rad 
Thus the diode conducts for (0.2/2rrty inn - i ioo 

obtained from Eq. (4.31), where /, = 100/10 = 10mA as ^ ^ The average diode current is 

'o»v = 10(1 + ^x 100/2) = 324 mA 
The peak diode current is found using Eq. (4.32), 

' 0m “ = 1(1,1 +^v47lO072) = 638 mA 
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Figure 4.26 Waveforms in the full-wave peak rectifier. 


The circuit of Fig. 4.25(a) is known as a half-wave peak rectifier. The full-wave recti¬ 
fier circuits of Figs. 4.22(a) and 4.23(a) can be converted to peak rectifiers by including a 
capacitor across the load resistor. As in the half-wave case, the output dc voltage will be 
almost equal to the peak value of the input sine wave (Fig. 4.26). The ripple frequency, how¬ 


ever, will be twice that of the input. I he peak-to-peak ripple voltage, for this case, can be 
derived using a procedure identical to that above but with the discharge period T replaced by 
772, resulting in 



(4.33) 


While the diode conduction interval, A/, will still be given by Eq. (4.30), the average and 
peak currents in each of the diodes will be given by 



i Dm = I L (\ + nJV/2V r ) (4.34) O 

i Dma =l L (\+2xJV/2V r ) (4.35) O 

Comparing these expressions with the corresponding ones tor the halt-wave case, we note 
that for the same values of V p , f, R, and V r (and thus i lie same l L , we need a capacitor hal t the 
size of that required in the half-wave rectifier. Also, the current in each diode in the full- 
wave rectifier is approximately half that which ilows in the diode of the half-wave circuit. 

The analysis above assumed ideal diodes. The accuracy ot the results can be improved b\ 
taking the diode voltage drop into account. This can be easily done by replacing the peak \ oltage 
V p to which the capacitor charges with ( V p - V D ) tor the halt-wave circuit and the full-w ave cir¬ 
cuit using a center-tapped transformer and with (fi - 21 ’ D ) tor the bridge-rectifier case. 

We conclude this section by noting that peak-rectifier circuits tind application in signal¬ 
processing systems where it is required to detect fie peak of an input signal. In such a case, 
the circuit is referred to as a peak detector. A particularly popular application ot the peak 
detector is in the design of a demodulator for amplitude-modulated (AM) signals. We shall 
not discuss this application further here. 



4.22 

4.23 


Derive the expressions in Eqs. (4.33), (4.34), and (4.35). 

Consider a bridge-rectifier circuit with a tiller capacitor C placed across the load resistor R for the case 
in which the transformer secondary delivers a sinusoid of 12 V (rms) having a 60-Hz frequency and 
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• D -inno Find the value of C that results in a rinple 

assuming V = 0.8 |V^and a^ js the dc voltage at the output? Find the load current. 

F,nd the diodes’ peak current and its PIV. 

reverse voltage across each diode? Speurv tne aioae in ie v 

Ans. ,281 pF; 15.4 V or bener estimate) 14.9 V; 0. 5 A: 0.36 rad 20J' I, IA5 A, 2.74 A; 
16.2 V. Thus select a diode with 3.5-A to 4-A peak current and a -0-V PIV rating. 


4.5.5 Precision Half-Wave Rectifier—The Superdiode 4 

The rectifier circuits studied thus far suffer from having one or two diode drops in the signal 
paths. Thus these circuits work well only when the signal to be rectified is much larger than 
the voltage drop of a conducting diode (0.7 V or so). In such a case, the details of the diode 
forward characteristics or the exact value of the diode voltage do not play a prominent role 
in determining circuit performance. This is indeed the case in the application of rectifier cir¬ 
cuits in power-supply design. 1 here are other applications, however, where the signal to be 
rectified is small (e.g., on the order of 100 mV or so) and thus clearly insufficient to turn on 
a diode. Also, in instrumentation applications, the need arises for rectifier circuits with very 
precise and predictable transfer characteristics. For these applications, a class of circuits has 
been developed utilizing op amps (■ hapter 2) together with diodes to provide precision rec¬ 
tification. In the following discussion, we study one such circuit, leaving a more comprehen¬ 
sive study of op amp-diode circuits to Chapter 17. 

Figure 4.27(a) shows a precision half-wave rectifier circuit consisting of a diode placed 
in the negative-feedback path of an op amp, with R being the rectifier load resistance. The op 
amp, ot course, needs power supplies for its operation. For simplicity, these are not shown in 
the circuit diagram. The circuit works as follows: If i goes positive, the output voltage v A of 
the op amp will go positive and the diode will conduct, thus establishing a closed feedback 
path between the op amp s output terminal and the negative input terminal. This negative- 
feedback path will cause a virtual short circuit to appear between the two input terminals of 


u 


Superdiode 


n 




(b) 


Note that when y;>0 and the diodecond 0ri | * 1a [*' VVdVc rect 'fier and its almost-idea) transfer characteristic. 

niently buffered, an added advantaop w ’ 1 6 am P su PPbes the load current, and the source is conve- 

advantage. Not shown are the op-amp power sunnlie. 


“This section requires knowledge of 


operational amplifiers (Chapter 2 
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the op amp. I'hus the voltage at the negative input terminal, which is also the output voltage 
v will equal (to within a few millivolts) that at the positive input terminal, which is the 

input voltage v n 

v 0 = Vf v t > 0 

Note that the offset voltage (—0.7 V) exhibited in the simple half-wave rectifier circuit of 
Fig. 4.21 is no longer present. 1 or the op-amp circuit to start operation, v, has to exceed only 
a negligibly small voltage equal to the diode drop divided by the op amp's open-loop gain. 
In other words, the straight-line transfer characteristic v ( -v, almost passes through the ori¬ 
gin. This makes this circuit suitable for applications involving very small signals. 

Consider now the case when v ( goes negative. The op amp's output voltage v A will tend 
to follow and go negative. This will reverse-bias the diode, and no current will tlow through 
resistance A, causing it D to remain equal to 0 V. Thus, for v } < 0, v 0 = 0. Since in this case the 
diode is off, the op amp will be operating in an open-loop fashion, and its output will be at its 
negative saturation level. 

The transfer characteristic of this circuit will be that shown in Fig. 4.27(b), which is 
almost identical to the ideal characteristic ol a half-wave rectifier. 1 he nonideal diode charac¬ 
teristics have been almost completely masked by placing the diode in the negative-feedback 
oath of an op amp. This is another dramatic application of negative feedback, a subject we 
will study formally in Chapter 10. The combination of diode and op amp, shown in the dotted 
box in Fig. 4.27(a), is appropriately referred to as a “superdiode." 



4.24 Consider the operational rectifier or superdiode circuit of Fig. 4.27(a), with R = 1 k£l For v, = 10 mV, 
1 V, and -1 V, what are the voltages that result at the rectifier output and at the output of the op amp? 
Assume that the op amp is ideal and that its output saturates at ±12 V. 1 lie diode has a 0.7-V drop at 

1 -mA current. 

Arts, 10 mV, 0.59 V; 1 V, 1.7 V; 0 V, -12 V 

4.25 If the diode in the circuit of Fig. 4.27(a) is reversed, find the transfer characteristic v 0 as a function ot v,. 
Ans. v a = 0 for v } > 0; v Q - v t for v t < 0 


4.6 Limiting and Clamping Circuits 

In this section, we shall present additional nonlinear circuit applications ot diodes. 


4.6.1 Limiter Circuits 

Figure 4.28 shows the general transfer characteristic of a limiter circuit. As indicated, for 
inputs in a certain range, L /K < v / ^ L +/A , the limiter acts as a linear circuit, providing an 
output proportional to the input, v a — Kv r Although in general A can be greater than 1, the cir 
cuits discussed in this section have A < 1 and are known as passive limiters. (Examp es o 
active limiters will be presented in Chapter 17.) Ifv, exceeds the upper threshold ( L+/k ), the 
output voltage is limited or clamped to the upper limiting level L + . On the other hand, it v, is 



















































208 Chapter 4 Diodes 




Figure 4.28 General transfer characteristic 
for a limiter circuit. 



Figure 4.29 Applying a sine wave to a limiter can result in clipping off its two peaks. 


LU Ult 


reduced below the lower limiting threshold (LJK). the output voltage v n is limited 
lower limiting level L_. ‘ 

The general transfer characteristic of Fig. 4,28 describes a double limiter —-that is, a 

lmiter that works on both the jv t u. . -egative peaks of an input waveform. Single lim- 

1 ers of course exist. Finally, note that if an input waveform such as that shown in Fig. 4.29 

to a on e imiter, its two peaks will be clipped off. Limiters therefore are sometimes 
referred to as clippers. 

Soft limirino . W *!° Se c ^ ara cteristics are depicted in Fig. 4.28 is described as a hard limiter. 

uration reeion^ C ? raCt . enze ^ smoot her transitions between the linear region and the sat- 

4 30 De end L"n l ^^ ,ha " ZCT ° in the satura,ion ^ions, as illustrated in Fig. 

a PP llCat ' 0 "’ hard or soft limiting may be preferred. 

applications is in liming thTJotagelZlT°“ ° f 
lower than the breakdown voltage nf the * ? ’ mpUt terrainals ot an °P am P t0 a value 

circuit. We will have more to sav on this h"? 01 r ^ make Uf> the input s,age of the op ' amp 
Diodes can be combined with ™ °* er lm ' ter a PP lications at later points in this book, 
function. A number of evqmni . *" es * stors t0 provide simple realizations ol the limiter 

circuit and its transfer characteristic m Flg ' 4 31 ■ In each P art of the figure both the 

the constant-voltage-drop (V - are ® lven ‘ transfer characteristics are obtained using 
between the linear and saturation ^ dl0de model but assuming a smooth transition 

regions of the transfer characteristic. 
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Figure 4.30 Soft limiting. 




a 




+ 0.7) 



Figure 4.31 A variety of basic limiting circuits. 

The circuit in Fig. 4.31(a) is that of the half-wave rectifier except that here the output is 
taken across the diode. For v, < 0.5 V. the diode is cut off. no current flows, and die voltage 
drop across R is zero; thus v a = v r As v f exceeds 0.5 V, the diode turns on. eventually limitin-. 





























































































210 Chapter 4 Diodes 


,0 one diode drop (0.7 V). The circuit of Fig. 4.31(b) is similar to that in Fig. 4.31(a) 

except that the diode is reversed, , t i 

Double limiting can be implemented by placmg two diodes of opposite polarity ,n paral- 

I I as s hown in Fis 4.31(c). Here the linear region of the characteristic is obtained for 
-0 5 V < v <05 V For this ranee of v /t both diodes are off and v a - v,. As v, exceeds 0.5 V, 
Z), turns on and eventually limits «*;*>+0.7 V. Similarly, as V| goes more negative than -0.5 V. 

D, turns on and eventually limits v 0 to -0.7 V. , . , 

The thresholds and saturation levels of diode limiters can be controlled by using strings 

of diodes and/or by connecting a dc voltage in series with the diode(s). The latter idea is illus¬ 
trated in Fig. 4.31(d). Finally, rather than strings of diodes, we may use two zener diodes in 
series, as shown in Fig. 4.31(e). In this circuit, limiting occurs in the positive direction at a 
voltage of V y , + 0 . 7 , where 0.7 V represents the voltage drop across zener diode Z, when 
conducting in thedirection. For negative inputs, Zj acts as a zener, while Z 2 conducts 
in the forward direction. It should be mentioned that pairs of zener diodes connected in series 
are available commercially for applications of this type under the name double-anode zener. 

More flexible limiter circuits are possible if op amps are combined with diodes and 
resistors. Examples of such circuits are discussed in Chapter 17. 



4,26 Assuming the diodes to be ideal, describe the transfer characteristic of the circuit show n in Fig. 1:4.26. 

10 kO 



10 kfl 


10 kn 


-O Figure E4.26 


Ans. 


v 0 = V 


I 


v 0 = VW/-2.5 


/ 


v o ~ i v i + 2.5 


for -5 < v, < +5 
for V/<-5 
for Vj> +5 



4.6.2 The Clamped Capacitor or DC Restorer 

the eanadmff circuit ’ the out P ut is taken across the diode rather than acre 
dc restorer is -h “‘I" 8 c ' rcurt with important applications results. The circuit, callet 
he dtd : ) n I n ; n t „ Flg ' 4 32 fed with a *¥>« wave. Because of the polarity in whi 
Fig 4 32 and 1 I , ' b Wi "'<*■*« <o a voltage * with .he polarity indiea.ed 

quently, the diode turns off™nd n t he de °* the m ° St - negative P eak of the in P ut si l? nal - Subi 
the input square « au . | U1S the Aft “ Pa f ,U> [ retains ,ts volta 8 e indefinitely. If, for instant 

Now, since the output whage " SlTy V ^ * V ' the " % wi " be 1* 6 

V 0 — V/ + V c 

shifted upward by v volts In n^ '^ ent * ca l t0 that of the input, except that it 
of 0 V and +10 v. a mple the output will thus be a square wave with levt 
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Figure 4.32 The clamped capacitor or dc restorer with a square-wave input and no load. 


Another way of visualizing the operation of the circuit in l ig. 4.32 is to note that 
because the diode is connected across the output w'ith the polarity shown, it prevents the 
output voltage from going below 0 V (by conducting and charging up the capacitor, thus 
causing the output to rise to 0 V), but this connection will not constrain the positive 
excursion of v 0 . The output waveform will therefore have its lowest peak clamped to 
0 V, which is why the circuit is called a clamped capacitor. It should be obvious that 
reversing the diode polarity will provide an output waveform whose highest peak is 
clamped to 0 V. In either case, the output waveform will have a finite average value or 
dc component. Phis dc component is entirely unrelated to the average value of the input 
waveform. As an application, consider a pulse signal being transmitted through a capac- 
itively coupled or ac-coupled system. The capacitive coupling will cause the pulse train 
to lose whatever dc component it originally had. Feeding the resulting pulse waveform 


to a clamping circuit provides it with a well-determined dc component, a process know n 
as dc restoration. This is why the circuit is also called a dc restorer. 

Restoring dc is useful because the dc component or average value of a pulse waveform is 
an effective measure of its duty cycle. The duty cycle of a pulse wavefor ni can be modulated 


(in a process called pulsewidth modulation) and made to carry information. In such a system, 
detection or demodulation could be achieved simply by feeding die received pulse waveform 
to a dc restorer and then using a simple RC low-pass Liter to separate the average ot the out¬ 
put waveform from the superimposed pulses. 

When a load resistance R is connected across the diode in a clamping circuit, as 
shown in Fig. 4.33, the situation changes significantly. While the output is above ground, 
a current must flow in R, Since at this time the diode is oft, this current ob\ iously comes 
from the capacitor, thus causing the capacitor to discharge and the output voltage to fall. 
This is shown in Fig. 4.33 for a square-wave input. During the interval / 0 to the output 
voltage falls exponentially with time constant C R. At the input decieases by \ a volts, 
and the output attempts to follow. Phis causes the diode to conduct heavily and to quickly 
charge the capacitor. At the end of the interval to t 2 , the output voltage would normally 
be a few tenths of a volt negative (e.g., —0.5 \ >. Then, as the input rises by \ a volts (at /,), 
the output follows, and the cycle repeats itself In the steady state the charge lost by the capac¬ 
itor during the interval /„ to /, is recovered during the interval to t v This charge 
equilibrium enables us to calculate the average diode current as well as the details of the 
output waveform. 


The duty cycle of a pulse waveform is the proportion of each cycle occupied by the pulse. In other 
words, it is the pulse width expressed as a fraction ot the pulse period. 























































212 Chapter 4 Diodes 



Figure 4.33 The clamped capacitor with a load resistance R. 


4.63 The Voltage Doubler 

Figure 4.34(a) shows a circuit composed of two sections in cascade: a clamped capacitor 
formed by C, and /),, and a peak rectifier formed by D 2 and C\. When excited by a 


V p sin wi 






{ 




Figure 4.34 Voltage doubler: 


(b) 

(a) circuit; (b) waveform of the 


voltage across D r 
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sinusoid of amplitude l p the clamping section provides the voltage waveform shown, 
assuming ideal diodes, in Fig. 4.34(b), Note that while the positive peaks are clamped 
to 0 V, the negative peak reaches — 2V p . In response to this waveform, the peak- 
detector section provides across capacitor C 2 a negative dc voltage of magnitude 2V p . 
Because the output voltage is double the input peak, the circuit is known as a voltage 
doubler. The technique can be extended to provide output dc voltages that are higher 
multiples ot V p . 



4.2 7 If the diode in the circuit ol Fig. 4.32 is reversed, what will the dc component of v 0 become? 
Ans. -5 V 


- -- - 


4.7 Spedal Diode Types © 

In this section, we discuss briefly some important special types of diodes. 


4.7.1 The Schottky-Barrier Diode (SBD) 

The Schottky-barrier diode (SBD) is formed by bringing metal into contact with a mod¬ 
erately doped fl-type semiconductor material. The resulting metal-semiconductor junc¬ 
tion behaves like a diode, conducting current in one direction (from the metal anode to 
the semiconductor cathode) and acting as an open circuit in the other, and is known as 
the Schottky-barrier diode or simply the Schottky diode. In fact, the current—voltage 
characteristic ol the SBD is remarkably similar to that ot a/w-junction diode, with two 
important exceptions: 

1 . In the SBD, current is conducted by majority carriers (electrons). Thus the SBD 
does not exhibit the minority-carrier charge-storage effects found in forward- 
biased pn junctions. As a result, Schottky diodes can be switched from on to off, 
and vice versa, much faster than is possible with /?«-junction diodes. 

2 . The forward voltage drop of a conducting SBD is low'er than that of a p/?-junc- 

tion diode. For example, an SBD made of silicon exhibits a forward voltage 
drop of 0.3 V to 0.5 V, compared to the 0.6 V to 0.8 V found in silicon/w-junc- 
tion diodes. SBDs can also be made ot gallium arsenide (GaAs) and, in tact, 
play an important role in the design of GaAs circuits . 6 Gallium-arsenide SBDs 

exhibit forward voltage drops of about 0.7 V. 

Apart from GaAs circuits, Schottky diodes find application in the design of a special 
form of bipolar-transistor logic circuits, known as Schottky-TTL, where TTL stands for 
transistor-transistor logic. 

Before leaving the subject of Schottky-barrier diodes, it is important to note that not 
every metal—semiconductor contact is a diode. In fact, metal is commonly deposited on 


1^1 

1 disc accompanying this text contain material on tuiAs circuits. 
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, , ■ nrH „ t0 m ake terminals for the semiconductor devices and to 

conne™differcnt devices in an integrated-circuit chip. Such metal-semiconductor contacts 
re known as ohmic contacts to distinguish them from the rect.fy.ng contacts that result i„ 
SBDs ohmic contacts am usually made by depositing metal on very heav.ly doped (and thus 
tow resistivity) semiconductor regions. (Recall that SBDs use moderately doped material.) 


4.7.2 Varactors — 

In Chapter 3 we learned that reverse-biased pn junctions exhibit a charge-storage effect that 
is modeled with the depletion-layer or junction capacitance C-, As Eq. (3.44) indicates, C f is 
a function of the reverse-bias voltage V R . This dependence turns out to be useful in a number 
of applications, such as the automatic tuning of radio receivers. Special diodes are therefore 
fabricated to be used as voltage-variable capacitors known as varactors. These devices are 
optimized to make the capacitance a strong function of voltage by arranging that the grading 

coefficient m is 3 or 4. 


4.7.3 Photodiodes 

If a reverse-biased pn junction is illuminated—that is, exposed to incident light—the pho¬ 
tons impacting the unction cause covalent bonds to break, and thus electron-hole pairs are 
generated in the depletion layer. I he electric field in the depletion region then sw eeps the 
liberated electrons to the n side and the holes to the p side, giving rise to a reverse current 
across the junction. This current, known as photocurrent, is proportional to the intensity of 
the incident light. Such a diode, called a photodiode, can be used to convert light signals into 
electrical signals. 

Photodiodes are usually fabricated using a compound semiconductor such as gallium 
arsenide. The photodiode is an important component of a growing family of circuits known 
as optoelectronics or photonics. As the name implies, such circuits utilize an optimum com¬ 
bination of electronics and optics for signal processing, storage, and transmission. Usually, 
electronics is the preferred means lor signal processing, whereas optics is most suited for 
transmission and storage. Examples include fiber-optic transmission of telephone and televi¬ 
sion signals and the use ot optical storage in CD-ROM computer disks. Optical transmission 

provides \ery wide bandwidths and low signal attenuation. Optical storage allows vast 
amounts of data to be stored reliably in a small space. 

Finally we should note that w ithout reverse bias, the illuminated photodiode functions 

ar ce . sually fabricated from low-cost silicon, a solar cell converts light to electri¬ 
cal energy. & 


4.7.4 Light-Emitting Diodes (LEDs) 


converts a fowald fment too lid^Th" 8 ' nVerSe °' ^ func,ion of the P hotodiode; 

biased pn junction m *. ® ' u rea ^ er will recall from Chapter 3 that in a forwar 

5 ° nty camers a re injected across the junction and diffuse into the 

table, a compound semiconductor . S ‘ 11 con ’ uses an e| ement from column IV of the period 

For example, GaAs is formed of { ,aii;, lr „ , ,natl0n °f elements from columns III and V or II and \ 
Hl-V compound. b (column III) and arsenic (column V) and is thus known as 
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and n regions. The diffusing minority carriers then recombine with the majority carriers. 
Such recombination can be i ade to give rise to light emission. This can be done by fabricat¬ 
ing the pn junction using a semiconductor of the type known as direct-bandgap materials. 
Gallium arsenide belongs to this group and can thus be used to fabricate light-emitting 
diodes. 

The light emitted by an LED is proportional to the number of recombinations that take 
place, which in turn is proportional to the forward current in the diode. 

LEDs are very popular devices. They find application in the design of numerous types of 
displays, including the displays of laboratory instruments such as digital voltmeters. I hey can 
be made to produce light in a variety of colors. Furthermore, LEDs can be designed so as to 
produce coherent light with a very narrow bandwidth. I he resulting device is a laser diode. 
Laser diodes find application in optical communication systems and in CD players, among 
other things. 

Combining an LED with a photodiode in the same package results in a device known as 
an optoisolator, 1 he FED converts an electrical signal applied to the optoisolator into light, 
which the photodiode detects and converts back to an electrical signal at the output of the 
optoisolator. Use of the optoisolator provides complete electrical isolation between the elec¬ 
trical circuit that is connected to the isolator’s input and the circuit that is connected to its out¬ 
put. Such isolation can be useful in reducing the effect of electrical interference on signal 
transmission within a system, and thus optoisolators are frequently employed in the design of 
digital systems. They can also be used in the design of medical instruments to reduce the risk 
of electrical shock to patients. 

Note that the optical coupling between an LED and a photodiode need not be accom¬ 
plished inside a small package. Indeed, it can be implemented over a long distance using an 
optical fiber, as is done in fiber-optic communication links. 


Summary 

■ In the forward direction, the ideal diode conducts any 
current forced by the external circuit while displaying a 
zero voltage drop. The ideal diode does not conduct in 
the reverse direction; any applied voltage appears as re¬ 
verse bias across the diode. 

■ The unidirectional-current-flow property makes the di¬ 
ode useful in the design of rectifier circuits. 

■ The forward conduction of practical silicon-junction 

diodes is accurately characterized by the relationship 

, v/ v T 
1 = • 

■ A silicon diode conducts a negligible current until the 
Forward voltage is at least 0.5 V. Then the current in¬ 
creases rapidly, with the voltage drop increasing by 
60 mV for every decade of current change. 

* In the reverse direction, a silicon diode conducts a current 
on the order of 10 -9 A. This current is much greater than I s 
and increases with the magnitude of reverse voltage. 


L3eyond a certain value of reverse voltage (that depends 
on the diode), breakdown occurs, and current increases 
rapidly with a small corresponding increase in voltage. 

Diodes designed to operate in the breakdown legion are 
called zener diodes, i hey are employed in the design of 
voltage regulators whose function is to provide a con¬ 
stant dc voltage that varies little with variations in power 
supply voltage and/or load current. 

In many applications, a conducting diode is modeled as 
having a constant voltage drop, usually approximately 
0.7 V. 

A diode biased to operate at a dc current I D has a small- 
signal resistance r d - V T /l D . 

Rectifiers convert ac voltages into unipolar voltages. 
Half-wave rectifiers do this by passing the voltage in half 
of each cycle and blocking the opposite-polarity voltage 
in the other half of the cycle. Full-wave rectifiers 
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accomplish the task by passing the voltage in half ot ^ 
cycle and inverting the voltage in the other half-cycle. 

The bridge-rectifier circuit is the preferred fall-wave rei- 
titier configuration. 

The variation of the output waveform of the rectifier is 
reduced considerably by connecting a capacitor C across 
the output load resistance R. The resulting circuit is the 
peak rectifier. The output waveform then consists ot a dc 
voltage almost equal to the peak of the input sine wave, 
V , on which is superimposed a ripple component of fre¬ 
quency 2/ (in the full wave case) and ol peak-to-peak 
amplitude V r = V p /2fCR. To reduce this ripple volt¬ 
age further a voltage regulator is employed. 

Combination of diodes, resistors, and possibly reference 
voltages can be used to design voltage limiters that 


prevent one or both extremities of the output waveform 
from going beyond predetermined values, the limiting ' 

level(s). 

Applying a time-varying waveform to a circuit consist¬ 
ing of a capacitor in series with a diode and taking the 
output across the diode provides a clamping function. 
Specifically, depending on the polarity of the diode ei- ! 
ther the positive or negative peaks of the signal will be 
clamped to the voltage at the other terminal of the diode 
(usually ground). In this way the output waveform has a 
non zero average or dc component and the circuit is 
known as a dc restorer. I 

By cascading a clamping circuit with a peak-rectifier cir¬ 
cuit, a voltage doubler is realized. 



Computer Simulation Problems 

130 Problems identified by this icon are intended to dem¬ 
onstrate the value of using SPICE simulation to verify hand 
analysis and design, and to investigate important issues 
such as allowable signal swing and nonlinear distortion. 
Instructions to assist in setting up PSpice and Multisim sim¬ 
ulations for all the indicated problems can be found in the 
corresponding files on the disc. Note that if a particular 
parameter value is not specified in the problem statement, 
you are to make a reasonable assumption. 

* difficult problem; ** more difficult; *** very' challenging 
and/or time-consuming; D: design problem. 

Section 4.1: The Ideal Diode 

4.1 An AA flashlight cell, whose Thevenin equivalent is 
a voltage source of 1.5 V and a resistance of 1 Q, is 


+ 5 V 
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+ 5 V 

A 


io kn 


10 kn 



o 1/ 


/ 


o V 


-5 V 
(a) 

Figure P4.2 


a 


t 

5 V 



connected to the terminals of an ideal diode. Describe 
two possible situations that result. What are the diode current 
and terminal voltage when (a) the connection is between the 
diode cathode and the positive terminal of the battery and (b) 
the anode and the positive terminal are connected? 

4.2 For the circuits shown in Fig. P4.2 using idea! diodes, 
find the values of the voltages and currents indicated. 

4.3 For the circuits shown in Fig. P4.3 using ideal diodes, 
find the values of the labeled voltages and currents 

4.4 In each of the ideal-diode circuits shown in Fig. P4.4, 
v, is a 1-kHz, 10-V peak sme wave. Sketch the waveform 

resulting at v 0 . What are its positive and negative peak 
values? 

4.5 The circuit shown in Fig. P4.5 is a model for a batten' 
l I larger. Here v, is a 10-V peak sine wave, D, and D 2 are 
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(c) 




(d) 
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+ 15 V 
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(j) 

Figure P4.4 (Contd.) 


ideal diodes. I is a 60-mA current source, and B is a 3-V bat- 
tery. Sketch and label the waveform of the battery current i B . 
What is its peak value? What is its average value? If the 
peak value of v, is reduced by 10%, what do the peak and 
average values of i B become? 


v, o 



o v- 


o 


B 



Figure P4.5 
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(b) 


Figure P4.6 


D 4.8 Repeat Problem 4.7 for the logic gate of Fig. 4.5(b). 

4.9 Assuming that the diodes in the circuits of Fig. P4.4 
are ideal, find the values of the labeled voltages and 
currents. 
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4.6 The circuits shown in Fig. P4.6 can function as logic 
gates for input voltages that are either high or low. Usinu “1” 
to denote the high value and “0” to denote the low value, 
prepare a table with four columns including all possible input 
combinations and the resulting values of A and Y, What logic 
function is X ol A and B2 What logic function is Y of A and B‘ } 
For what values of A and B do A and Y have the same value? 
For what values of A and B do A and Y have opposite values? 

D 4.7 For the logic gate of Fig. 4.5(a), assume ideal diodes 
and mput voltage levels of 0 V and +5 V. Find a suitable 
value for R so that the current required from each of the 
input signal sources does not exceed 0.2 mA. 


(a) (b) 

Figure P4.9 

4.10 Assuming that the diodes in the circuits ol Fig. 
P4.I0 are ideal, utilize Thevenin's theorem to simplify 
the circuits and thus find the values of the labeled cur¬ 
rents and voltages. 

D 4.11 For the rectifier circuit of Fig. 4.3(a), let the input 
sine wave have 120-V rms value and assume the diode to be 
ideal. Select a suitable value for R so that the peak diode 
current does not exceed 50 mA. What is the greatest reverse 
voltage that will appear across the diode? 
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(b) 


Figure P4.10 


4.12 Consider the rectifier circuit of Fig. 4.3 in the event 
that the input source v, has a source resistance R r For the 
case ??, = /? and assuming the diode to be ideal, sketch and 
clearly label the transfer characteristic v D versus v,. 


4.13 A symmetrical square wave of 4-V peak-to-peak ampli¬ 
tude and zero average is applied to a circuit resembling that in 
Fig. 4.3(a) and employing a 100-Q resistor. What is the peak 
output voltage that results? What is the average output voltage 
that results? What is the peak diode current? What is the aver¬ 
age diode current? Wliat is the maximum reverse voltage 
across the diode? 


4,14 Repeat Problem 4.13 for the situation in which the 
average voltage of the square wave is 1 V, while its peak-to- 
peak value remains at 4 V. 

D *4.15 Design a battery-charging circuit, resembling that 
in Fig, 4.4 and using an ideal diode, in which current flows 
to the 12-V battery 20% of the time with an average value of 
100 mA. What peak-to-peak sine-wave voltage is required? 
What resistance is required? What peak diode current 
Hows? What peak reverse voltage does the diode endure? 11 
resistors can be specified to only one significant digit, and 
the peak-to-peak voltage only to the nearest volt, what 
design would you choose to guarantee the required charging 
current? What fraction of the cycle does diode current flow? 
What is the average diode current? What is the peak diode 
current? What peak reverse voltage does the diode endure? 

4.16 The circuit of Tig, P4.16 can be used in a signalling sys¬ 
tem using one wire plus a common ground return. At any 
moment, the input has one of three values: +3 V, ) V, -3 V. 
^hat is the status of the lamps for each input value? (Note 
that the lamps can be located apart from each other and that 


there i nay be several of each type of connection, all on one 
wire!) 



Section 4.2: Terminal Characteristics 
of Junction Diodes 

4.17 1 alculate the value of the thermal voltage, V Tl at -40°C, 
0°C, +4Q°C, and +150°C. At what temperature is V T exactly 
25 mV? 

4.18 At what forward voltage does a diode conduct a cur¬ 
rent equal to 1000/?? In terms of I s , what current flows in 
the same diode when its forward voltage is 0.7 V? 

4.19 A diode for which the forward voltage drop is 0.7 V at 
1.0 mA is operated at 0.5 V. What is the value of the current? 

4.20 A particular diode is found to conduct 0.5 mA with a 
junction voltage of 0,7 V. What is its saturation current /?? 
What current will flow in this diode if the junction voltage is 
raised to 0.71 V? To 0.8 V? If the junction voltage is low¬ 
ered to 0.69 V? To 0.6 V? What change injunction voltage 
will increase the diode current by a factor of 10? 

4.21 The following measurements are taken on particular 
junction diodes for which V is the terminal voltage and / is 
the diode current. For each diode, estimate values of I s and 
the terminal voltage at 10% of the measured current. 

(a) V- 0.700 Vat/= LOO A 

(b) V - 0,650 V at / — 1.00 mA 

(c) V- 0.650 Vat/ = 10jiA 

(d) V= 0.700 Vat/- 10 mA 

4.25 I isted below are the results of measurements taken on 
several different junction diodes. For each diode, the data 
provided are the diode current / and the corresponding diode 
voltage r. In each case, estimate / s , and the diode voltage at 

10/ and //10. 
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4 26 For the circuit shown in Fig. P4.26, both diodes are 
identical. Find the value of R for which V= 80 mV. 





(a) i 0.0 mA, 700 mV 

(b) 1.0 mA, 700 mV 

(c) 10 A, 800 mV 

(d) 1 mA, 70IJ mV 

(e) 10 gA, 700 mV 

4.23 The circuit in Fig. P4.23 utilizes three identical diodes 
having I s = 10" lb A. Find the value of the current / require 
to obtain an output voltage V 0 = 2.4 V. If a current ot 1 mA 
is drawn away from the output terminal by a load, what is 

the change in output voltage? 




Figure P4.26 


Y 

32 

2 


Figure P4.23 

4.24 A junction diode is operated in a circuit in which it is 
supplied with a constant current I. What is the effect on the 
forward voltage of the diode if an identical diode is con¬ 
nected in parallel? 

4.25 In the circuit shown in Fig. P4.25, D, has 10 times 
the junction area of D v What value of V results? To obtain a 
value for f 'of 50 mV, what current L is needed? 



4.27 A diode fed with a constant current / = 1 mA has a 
voltage V - 600 mV at 20 1 C. Find the diode voltage at 
- 20 ° C and at +70° C. 

4.28 In the circuit shown in Fig. P4.28, D, is a large-area, 
high-current diode whose reverse leakage is high and indepen¬ 
dent of applied voltage, while D, is a much smaller, low-current 
diode, At an ambient temperature of 20 C, resistor /?, is 
adjusted to make F SI = F, = 520 mV. Subsequent measurement 
indicates that is 520 kfl What do you expect the voltages 
1 Nl and F, to become at 0°C and at 40°C? 


+ 10V 

i 



D ] 5 


<►-o 

o 2 V v, 


Figure P4.28 


4,29 When a 15-A current is applied to a particular diode, 
h is found that the junction voltage immediately becomes 
700 mV. However, as the power being dissipated in the 
dii)de mises its temperature, it is found that the voltage 
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decreases and eventually reaches 600 mV. What is the 
apparent rise in junction temperature? What is the power 
dissipated in the diode in its final state? What is the temper¬ 
ature rise per watt of power dissipation? (This is called the 
thermal resistance.) 

*4.30 A designer of an instrument that must operate over 
a wide supply-voltage range, noting that a diode’s 
junction-voltage drop is relatively independent of junc¬ 
tion current, considers the use of a large diode to estab¬ 
lish a small relatively constant voltage. A power diode, 
for which the nominal current at 0.8 V is 10 A, is avail¬ 
able. If the current source feeding the diode changes in rhe 
range 0.5 mA to 1.5 mA and if, in addition, the tempera¬ 
ture changes by ±25°C\ what is the expected range of 
diode voltage? 

*4.31 As an alternative to the idea suggested in Problem 
4.30, the designer considers a second approach to producing 
a relatively constant small voltage from a variable current 
supply: It relies on the ability to make quite accurate copies 
of any smalt current that is available (using a process called 
current mirroring). The designer proposes to use this idea to 
supply two diodes of different junction areas with the same 
current and to measure their junction-voltage difference. 
Two types of diodes are available; for a forward voltage of 
700 mV. one conducts 0.1 mA, while the other conducts 1 A. 
Now, for identical currents in the range of 0.5 mA to 
1.5 mA supplied to each, what range of difference voltages 
result? What is the effect of a temperature change of ±25°C 
on this arrangement? 

Section 4.3: Modeling the Diode Forward 
Characteristic 

*4.32 Consider the graphical analysis of the diode circuit of 
Fig. 4. 1 0 with V DD = 1 V, R = 1 kH, and a diode having I s = 
10 A. < alcuiate a small number of points on the diode 
characteristic in the vicinity of where you expect the load 
line to intersect it, and use a graphical process to refine your 
estimate of diode current. What value of diode current and 
voltage do you find? Analytically, find the voltage corre¬ 
sponding to your estimate of current. By how much does it 
differ from the graphically estimated value? 

4.33 Use the iterative-analysis procedure to determine the 
diode current and voltage in the circuit of Fig. 4.10 for V DD = 
1 V, R = i kQ, and a diode having I s = 10"'" A. 

4.34 A "1-mA diode" (i.e., one that has v D = 0.7 V at i D - 

1 mA) is connected in series with a 200-12 resistor to a 
1.0-V supply. 

(a) Provide a rough estimate of the diode current you would 

expect. 


(b) Estimate the diode current more closely using iterative 
analysis. 

D 4.35 Assuming the availability of diodes for which v D - 
0.7 V at i D = 1 mA, design a circuit that utilizes four diodes 
connected in series, in series with a resistor R connected to a 
10-V power supply. The voltage across the string of diodes 
is to be 3.0 V, 

4.36 A diode operates in a series circuit with R and V. 
A designer, considering using a constant-voltage model, is 
uncertain whether to use 0.7 V or 0.6 V for V D . For what 
value of V is the difference in the calculated values of cur¬ 
rent only 1%? For V — 2 V and R — 1 kQ, what two currents 
would result from the use of the two values of V D ? What is 
their percentage difference? 

4.37 A designer has a supply of diodes for which a current 
of 2 mA flows at 0.7 V, Using a 1-mA current source, the 
designer wishes to create a reference voltage of 1.25 V. Sug¬ 
gest a combination of series and parallel diodes that will do 
the job as well as possible. How many diodes are needed? 
What voltage is actually achieved? 

4.38 Solve the problems in Example 4.2 using the constant- 
voltage-drop { V D - 0.7 V) diode model. 

4.39 For the circuits shown in Fig. P4.2, using the 
constant-voltage-drop ( V D = 0.7 V) diode model, find the 
voltages and currents indicated. 

4.40 For the circuits shown in Fig. P4.3, using the 
constant-voltage-drop (V a = 0.7 V) diode model, find the 
voltages and currents indicated. 

4.41 For the circuits in Fig. P4.9, using the constant-voltage- 
drop ( V D = 0.7 V) diode model, find the values of the labeled 
currents and voltages. 

4.42 For the circuits in Fig. P4.I0. utilize rhevenin’s theo¬ 
rem to simplify the circuits and find the values of the labeled 
currents and voltages. Assume that conducting diodes 
can be represented by the constant-voltage-drop model 
(V D = 0.7 V). 

D 4.43 Repeat Problem 4.1 1 . representing the diode by the 
constant-voltage-drop ( V D = 0.7 V) model. How different is 
the resulting design? 

4.44 The small-signal model is said to be valid for voltage 
variations of about 5 mV. To what percentage current change 
does this correspond? (Consider both positive and negative 
signals,) What is the maximum allowable voltage signal (posi¬ 
tive or negative) if the current change is to be limited to 10 %? 

4.45 In a particular circuit application, ten “20-mA diodes” 
(a 20-mA diode is a diode that provides a 0.7-V drop when 
the current through it is 20 mA) connected in parallel 
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operate at a total current of 0.1 A. For the diodes closely 
matched, what current lows in each? What is t e 
spending small-signal resistance ot each diode an o 
combination? Compare this with the incremental resistance 
of a single diode conducting 0.1 A. If each of the - 0 -rnA 
diodes has a series resistance of 0.2 Q associated wit t e 
wire bonds to the junction, what is the equivalent resistance 
of the 10 parallel-connected diodes? What connection resis¬ 
tance would a single diode need in order to be totally equiv¬ 
alent? (Note: This is why the parallel connection of real 
diodes can often be used to advantage.) 

4.46 In the circuit shown in Fig. P4.46, / is a dc current and 
i\ is a sinusoidal signal. Capacitors C, and C, are very large, 
their function is to couple the signal to and from the diode 
but block the dc current from flowing into the signal source 
or the load {not shown). Use the diode small-signal mode! to 
show that the signal component ol the output voltage is 


If v s = 10 mV, find v o for / = 1 mA. 0.1 mA, and 1 |iA. Let 
R = l k£2. At what value of / does v u become one-half ot if? 
Note that this circuit functions as a signal attenuator with the 
attenuation factor controlled by the value of the dc current /. 


and C are large coupling capacitors, for very small input sig. 
nab. so that the diodes can be representedby their small-signal 

resistances r dX and r A , show that — = - —— and hence 

v i r d i + r d2 

t hat — = /, where / is in mA. Find v 0 /Vt for / = 0 |aA, 

Vi j3H 

1 pA, 10 pA, 100 pA, 500 pA, 600 pA, 900 pA, 990 pA. 
and 1 mA. 



Figure P4.48 



Figure P4.46 


4.47 In the attenuator circuit of Fig. P4.46, let R = 10 

1 !,e d,ode is a *- mA device; that is, it exhibits a vol 
drop of 0.7 V at a dc current of 1 mA. For small input 
nals, what value of current / is needed for v /v = 0 

0.10? 0 . 01 ? 0.001? In each case, what is the"largest ii 
signal that can be used white ensuring that the signal c 
ponent of the diode current is limited to ± 10 % of its dc 
rent? What output signals correspond? 


tf* lhe J ca P acitor - cou P l «i attenuator circuit shown in Fin 
P4.48, / is a dc current that varies from 0 mA to I mA. and C 


''4.49 in the circuit shown in Fig. P4.49, diodes D, 
through D 4 are identical and each exhibits a voltage drop of 
0.7 V at a 1-mA current. 1*1 
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(a) For small input signals (e.g., 10 mV peak), find values 
of the small-signal transmission v D /Vj for various values of 
/ : 0 pA, 1 pA, 10 pA, 100 pA, I mA, and 10 mA. 

(b) For a forward-conducting diode, what is the largest 
signal-voltage magnitude that it can support while the corre¬ 
sponding signal current is limited to 10 % of the dc bias cur¬ 
rent. Now, for the circuit in Fig. P4.49, for 10-mV peak input, 
what is the smallest value of / for which the diode currents 
remain within ± 10 % of their dc value? 

(c) For / = 1 mA, what is the largest possible output signal 
for which the diode curren ts deviate by at most 10 % of their 
dc values? What is the corresponding peak input? What is 
the total current in each diode? 

**4.50 In Problem 4.49 we investigated the operation of 
the circuit in Fig. P4.49 for small input signals. In this prob¬ 
lem we wish to find the voltage transfer characteristic 
(VTC) v 0 versus v, for -12 V < v ! < 12 V for the case /= 
1 mA and each of the diodes exhibits a voltage drop of 0.7 V 
at a current ot 1 mA. Toward this end, use the diode expo¬ 
nential characteristic to construct a table that gives the val¬ 
ues of: the current i Q in the 10 -k 12 resistor, the current in 
each of the four diodes, the voltage drop across each of the 
four diodes, and the input voltage i> h for v Q = 0, +1 V, 
+2 V, +5 V, +9 V, +9.9 V, +9.99 V, +10.5 V, +11 V, and 
+ 12 V. Use these data, with extrapolation to negative values 
of V] and v 0 , to sketch the required VTC. Also sketch the 
VTC that results if / is reduced to 0.5 mA. 


SIM 


*4.51 In the circuit shown in Fig. P4.5 1 , / is a dc cur¬ 
rent and v i is a sinusoidal signal with small amplitude (less 
than 10 mV) and a frequency of 100 kHz. Representing the 
diode by its small-signal resistance r,, which is a function of 
/, sketch the circuit for determining the sinusoidal output 
voltage F, and thus find the phase shift between F and F. 
Find the value of / that will provide a phase shift of -45°, 
and find the range of phase shift achieved as / is varied over 
the range of 0,1 times to 10 times this value. 


V: 



o v„ 


Figure P4.51 


*4.52 Consider the voltage-regulator circuit shown in 
Fig. P4.52. The value ot R is selected to obtain an output 
voltage V 0 (across the diode) of 0.7 V. 

(a) Use the diode small-signal model to show that the change 
in output voltage corresponding to a change of 1 V in F + is 

AVo = V T 

AF* F + + F r - 0.7 

This quantity is known as the line regulation and is usually 
expressed in mV A/. 

(b) Generalize the expression above for the case of m diodes 
connected in series and the value of R adjusted so that the 
voltage across each diode is 0.7 V (and V 0 - 0.1m V). 

(c) Calculate the value of line regulation for the case F + = 
10 V (nominally) and (i) m = 1 and (ii) m - 3. 


V + 

A 



Figure P4.52 


*4.53 Consider the voltage-regulator circuit shown in 
Fig P4.52 under the condition that a load current l L is drawn 
from the output terminal, 

(a) If the value of 1 L is sufficiently small that the corre¬ 
sponding change in regulator output voltage AV a is small 
enough to justify using the diode small-signal model, show 
that 



= -(r d || R) 


This quantity is known as the load regulation and is usually 
expressed in mV/mA. 

(b) I! the value of R is selected such that at no load the volt¬ 
age across the diode is 0.7 V and the diode current is / D , 
show that the expression derived in (a) becomes 

AVo _ _ Fj- F+- 0.7 
h ! d V* - 0.7 + V T 


Select the lowest possible value for I D that results in a load 
regulation < 5 mV/mA. If F + is nominally 10 V, what value 
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of/? is required? Also, specify the diode required in terms ot 

(c) Generalize the expression derived in (b) tor the case of 
m diodes connected in series and R adjusted to o tarn „ 

0.7m V at no load. 

*4.54 Design a diode voltage regulator to supply 1.5 V to a 
150-Q load. Use two diodes specified to have a 0.7-V drop at 
a cun-ent of 10 mA. The diodes are to be connected to a +- - 
supply through a resistor R. Specify the value lor R. at is 
the diode current with the load connected? What is the 
increase resulting in the output voltage when the load is dis¬ 
connected? What change results if the load resistance is 
reduced to 100 Q? To 75 O? To 50 fl? (Hint: Use the small- 

signal diode model to calculate all changes in ouput voltage.) 

# * 

*4.55 A voltage regulator consisting of two diodes in series 
fed with a constant-current source is used as a replacement 
for a single carbon-zinc cell (battery) of nominal voltage 
1.5 V. The regulator load current varies from 2 mA to 7 mA. 
Constant-current supplies ot 5 mA, 10 mA, and 15 mA are 
available. Which would you choose, and why? What change 
in output voltage would result when the load current varies 
over its full range? 

“4.56 A particular design of a voltage regulator is shown 
in Fig. P4.56. Diodes £>, and £>, are 10-mA units; that is, 
each has a voltage drop of 0.7 V at a current ot 10 mA. Use 
the diode exponential model and iterative analysis to answer 
the following questions: 

(a) Wliat is the regulator output voltage F, with the 150-0 
load connected? 

(b) Find V 0 with no load. 

(c) With the load connected, to what value can the 5-V sup¬ 
ply be lowered while maintaining the loaded output voltage 
within 0.1 V of its nominal value? 

(d) What does the loaded output voltage become when the 
5-V supply is raised by the same amount as the drop found 
in (c)? 


+ 5 V 


A 



180 11 





Figure P4.56 


(e) For the range ot changes explored in (c) and (d), by 
what percentage does the output voltage change for each 
percentage change of supply voltage in the worst case? 

Section 4.4: Operation in the Reverse 
Breakdown ReQion Zener Diodes 

4 57 Partia specifications ot a collection ot zener diodes are 
provided below. For each, identify the missing parameter, and 
estimate its value. Note from Fig. 4.17 that V ZK - V 20 , 

(a) V z = 10.0 V, V 2K = 9-6 V, and 7^ = 50 mA 

(b) I%f— 10 mA, V z = 9.1 V, and r z = 30 Q 

(c) r s = 2 fi, Ffy — 6.8 V, and V M = 6.6 V 

(d) V; - 18 V, Iff = 5 mA, and V ZK = 17.6 V 

(e) ^ = 200 mA, V z = 7.5 V, and r 2 = 1.5 Q 

Assuming that the power rating of a breakdown diode is 
established at about twice the specified zener current (/.,). 
what is the power rating of each of the diodes described 

above? f V 

D 4.58 A designer requires a shunt regulator of approxi¬ 
mately 20 V. 1 wo kinds of zener diodes are available: 6 . 8 -Y 
devices with r, of 10 Q and 5.1-V devices with r_ of 30(1 
For the two major choices possible, find the load regulation. In 
this calculation neglect the effect of the regulator resistance R. 

4.59 A shunt regulator utilizing a zener diode with an 
incremental resistance of 5 (1 is fed through an 82-Q resis¬ 
tor. If the raw supply changes by 1 .0 V, what is the corre¬ 
sponding change in the regulated output voltage? 

4.60 A 9.1-V zener diode exhibits its nominal voltage at a 
test current of 28 mA. At this current the incremental resis¬ 
tance is specified as 5 Q. Find V zo of the zener model. Find 
the zener voltage at a current of 10 mA and at 100 mA, 

D 4.61 Design a 7.5-V zener regulator circuit using a 7.5-\ 
zener specified at 12 mA. The zener has an incremental 
resistance r z = 30 Q and a knee current of 0.5 mA. The regu¬ 
lator operates from a 10-V supply and has a 1.2-kft load 
What is the value of/? you have chosen? What is the regula¬ 
tor output voltage when the supply is 10 % high? Is 10 % 
low? What is the output voltage when both the supply is 
10% high and the load is removed? What is the smallest 
possible load resistor that can be used while the zener ope 
ates at a current no lower than the knee current while the 
supply is 10 % low? What is the load voltage in this case? 

D 4.62 Provide two designs of shunt regulators utilii'tng 
the 1N5235 zener diode, which is specified as follows: fy" 
6.8 V and r,- 5 Q for /, - 20 mA; at I z = 0.25 mA (nearerthe 
knee), r, - 750 ( 2 . For both designs, the supply voltage is 
nominally 9 V and varies by ± 1 V. For the first design, 
assume that the availability of supply current is not a problem, 
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and thus operate the diode at 20 mA, For the second design, 
assume that the current from the raw supply is limited, and 
therefore you are forced to operate the diode at 0.25 mA. For 
the purpose of these initial designs, assume no load. For each 
design find the value of R and the line regulation. 

D *4.63 A zener shunt regulator employs a 9.1-V zener diode 
for which V z = 9.1 V at l z = 9 mA, with r. = 30 Q and I /K = 0.3 
mA. The available supply voltage of 15 V can vary as much as 
±10%. For this diode, what is the value of V^l For a nominal 
load resistance R s of l kfl and a nominal zener current of 10 
mA, what current must flow in the supply resistor R? For the 
nominal value of supply voltage, select a value for resistor R, 
specified to one significant digit, to provide at least that current. 
What nominal output voltage results? For a ± 10% change in the 
supply voltage, what variation in output voltage results? If the 
load current is reduced by 50%, what increase in V 0 results? 
What is the smallest value of load resistance that can be tolerated 
while maintaining regulation when the supply voltage is low? 
What is the lowest possible output voltage that results? Calculate 
values for the line regulation and for the load regulation for this 
circuit using the numerical results obtained in this problem, 

D *4,64 It is required to design a zener shunt regulator to 
provide a regulated voltage of about 10 V. The available 
10-V, 1-W zener of type 1N4740 is specified to have a 10-V 
drop at a test current of 25 mA. At this current, its r. is 7 Q, 
The raw supply, V s , available has a nominal value of 20 V 
but can vary by as much as ±25%. The regulator is required 
to supply a load current of 0 mA to 20 mA. Design for a 
minimum zener current of 5 mA. 

(a) Find V zo . 

(b) Calculate the required value of R. 

(c) Find the line regulation. What is the change in l ', ex¬ 
pressed as a percentage, corresponding to the ±25% change 

in fy? 

<d) Find the load regulation. By what percentage does l' ( 
change from the no-load to the full-load condition? 

(e) What is the maximum current that the zener in your 
design is required to conduct? What is the zener power dis¬ 
sipation under this condition? 

Section 4,5: Rectifier Circuits 

4.65 Consider the half-wave rectifier circuit of Fig. 4 . 21 (a) 
with the diode reversed. Let v s be a sinusoid with 12-V peak 
amplitude, and let R — 1,5 kfl Use the constant-voltage- 
drop diode model with V L , = 0.7 V. 

(a) Sketch the transfer characteristic. 

(b) Sketch the waveform of uu. 

(ci) Find the average value of v (l . 

id) Find the peak current in the diode, 
fo) Find the PIV of the diode. 


4.66 Using the exponential diode characteristic, show that 
■I i\ and v a both greater than zero, the circuit of Fig. 4.21(a) 
has the transfer characteristic 

v 0 = v s - v D (at i D = 1 mA) - V r In (v a /R) 

where v s and v 0 are in volts and R is in kilohms. Note that 
this relationship can be used to obtain the voltage transfer 
characteristic v (l vs v s by finding v s corresponding to vari¬ 
ous values of v 0 . 

Ktii 4.67 Consider a half-wave rectifier circuit with a 
triangular-wave input of 5-V peak-to-peak amplitude and 
zero average, and with R = 1 kQ. Assume that the diode can 
be represented by the constant-voltage-drop model with i' n = 
0.7 V. Find the average value of v a . 

4.68 A half-wave rectifier circuit with a 1 -kf2 load oper¬ 
ates from a 12Q-V (rms) 60-Hz household supply through 
a 10-to-l step-down transformer. It uses a silicon diode 
that can be modeled to have a 0.7-V drop for any current. 
What is the peak voltage of the rectified output? For what 
fraction of the cycle does the diode conduct? What is the 
average output voltage? What is the average current in the 
load? 

4.69 A full-wave rectifier circuit with a 1 -kQ load operates 
from a 120-V (rms) 60-Hz household supply through a 5-to- 
1 transformer having a center-tapped secondary winding. It 
uses two silicon diodes that can be modeled to have a 0.7-V 
drop for all currents. What is the peak voltage oi the recti¬ 
fied output? For what fraction of a cycle does each diode 
conduct? What is the average output voltage? What is the 
average current in the load? 

4.70 A full-wave bridge rectifier circuit with a 1-kO load 
operates from a 120-V (rms) 60-Hz household supply 
through a 10 -to-l step-down transformer having a single 
secondary winding. It uses four diodes, each of which can 
be modeled to have a 0.7-V drop for any current. What is 
the peak value of'the rectified voltage across the load? For 
what fraction of a cycle does each diode conduct ? What is 
the average voltage across the load? What is the average 
current through the load? 

4.71 It is required to design a full-wave rectifier circuit using 
the circuit of Fig. 4.22 to provide an average output voltage of: 

(a) 10 V 

(b) 100 V 

In each case find the required turns ratio of the transformer. 
Assume that a conducting diode has a v oltage drop of 0.7 V. 
The ac line voltage is 120 V rms. 
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Figure P4.74 

4.72 Repeat Problem 4.71 for the bridge rectifier circuit of 
Fig. 4.23. 

D 4.73 Consider the full-wave rectifier in Fig. 4.22 when 
the transformer turns ratio is such that the voltage across the 
entire secondary winding is 24 V rms. It the input ac line 
voltage (120 V rms) fluctuates by as much as ±10%, find the 
required PIV of the diodes. (Remember to use a factor of 
safety in your design.) 

4.74 The circuit in Fig. P4.74 implements a complemen¬ 
tary-output rectifier. Sketch and clearly label the waveforms 
of Vq and v~ 0 . Assume a 0.7-V drop across each conducting 
diode. If the magnitude of the average of each output is to be 
15 V, find the required amplitude of the sine wave across the 
entire secondary' winding. What is the PIV of each diode? 

4.75 Augment the rectifier circuit of Problem 4,68 with a 
capacitor chosen to provide a peak-to-peak ripple voltage of 
(1)10% of the peak output and (ii) 1 % of the peak output. In 
each case: 

(a) What average output voltage results? 

(b ) What fraction of the cycle does the diode conduct ? 

(c) What is the average diode current? 

(d) What is the peak diode current? 

4.76 Repeat Problem 4.75 for the rectifier in Problem 4.69. 

4.77 Repeat Problem 4.75 for the rectifier in Problem 4.70. 

D *4.78 It is required to use a peak rectifier to design a dc 
power supply that provides an average dc output voltage of 
1,11 A hich a maximum of ±1-V ripple is allowed The 
rectifier feeds a load of 150 ft The rectifier is fed from the 
line voltage (120 V rms, 60 Hz) through a transformer The 
diodes available have 0.7-V drop when conducting If the 
designer opts for the half-wave circuit: 

(a) Specify the rms voltage that must appear across the 
transformer secondary. 


(b) Find the required value of the filter capacitor. 

(c) Find the maximum reverse voltage that will appear 
across the diode, and specify the PI V rating of the diode. 

(d) Calculate the average current through the diode during 
conduction. 

(e) Calculate the peak diode current. 

D ‘4.79 Repeat Problem 4.78 for the case in which the 
designer opts for a full-wave circuit utilizing a center-tapped 
transformer. 

D *4.80 Repeat Problem 4.78 for the case in which the 
designer opts for a full-wave bridge rectifier circuit. 

O 4.81 Consider a half-wave peak rectifier fed with a volt¬ 
age v s having a triangular wave orm with 20-V peak-to- 
peak amplitude, zero average, and 1-kHz frequency. 
Assume that the diode has a 0.7-V drop when conducting. 
Let the load resistance R - 100 Q and the filter capacitor C- 
100 (J.F. Find the average dc output voltage, the time interval 
during which the diode conducts, the average diode current 
during conduction, and the maximum diode current. 

D 4.82 Consider the circuit in Fig. P4.74 with two equal 
filter capacitors placed across the load resistors R. Assume 
that the diodes available exhibit a 0.7-V drop when con¬ 
ducting. Design the circuit to provide ±15-V dc output 
voltages with a peak-to-peak ripple no greater than 1 V. 
Each supply should be capable of providing 200 mA dc 
current to its load resistor R. Completely specify the capac¬ 
itors, diodes and the transformer. 

4.83 The op amp in the precision rectifier circuit ot Fig. P4.83 
is ideal with output saturation levels of ±12 V. Assume that 
when conducting the diode exhibits a constant voltage drop 
of 0.7 V. Find v_, v 0 , and v 1 for: 

(a) v, = +1 V 

(b) v, = +2V 

(c) 11 , =-1 v 

(d) v, - -2 V 


+ 2 V 

A 
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Also, find the average output voltage obtained when v, is a 
symmetrical square wave of I-kHz frequency, 3-V ampli¬ 
tude, and zero average. 



Figure P4.83 
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1 kfl 
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4.84 The op amp in the circuit of Fig. P4.84 is ideal with 
output saturation levels of ±12 V. The diodes exhibit a con¬ 
stant 0,7-V drop when conducting. Find v_, v A , and v u for: 


(a) v, = +1 V 

(b) v, = +2 V 

(c) v,-—\ V 

(d) v, = -2 V 


R 



(b) 

i kn 

V, o-- 1 -O Vq 



1 kn 

V, o - VW-f-o Vq 

a 



Figure P4.84 



Section 4.6: Limiting and Clamping 
Circuits 

4.85 Sketch the transfer characteristic v a versus v, for the 
limiter circuits shown in Fig. P4.85. All diodes begin con¬ 
ducting at a forward voltage drop of 0.5 V and have voltage 
drops ot 0.7 V when conducting a current i n ? 1 mA. 

4.86 The circuits in Fig. P4.85(a) and (d) are connected as 
follows: The two input terminals are tied together, and the 
two output terminals are tied together. Sketch the transfer 
characteristic of the circuit resulting, assuming that the cut- 


Figure P4.85 

in voltage of the diodes is 0.5 V and their voltage drop when 
conducting a current i D 5 I mA is 0.7 V. 

4.87 Repeat Problem 4.86 for the two circuits in Fig. 
P4.85(a) and (b) connected together as follows: The two input 
terminals are tied together, and the two output terminals are 
tied together. 

4.88 Sketch and clearly label the transfer characteristic of 
the circuit in Fig. P4.88 for -20 V v t *£ +20 V. Assume 
that the diodes can be represented by the constant-voltage- 
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Figure P4.88 

drop model with V D = 0.7 V. Also assume that the zener 
voltage is 8.2 V and that r. is negligibly small. 

*i # • 

*4.89 Plot the transfer characteristic of the circuit in 
Fig. P4.89 by evaluating v, corresponding to v a = 0.5 V, 
0.6 V, 0.7 V, 0.8 V, 0 V, -0.5 V, -0.6 V. -0.7 V, and -0.8 V. 
Assume that the diodes have 0,7-V drops at I -mA currents. 
Characterize the circuit as a hard or soft limiter. What is the 
value of A'? Estimate L^ and L_. 


Vi o- 


I kfl 

AW 


cn 


4 4 


Figure P4.89 


4.90 Design limiter circuits using only diodes and 10-kfl 
resistors to provide an output signal limited to the range: 

(a) -0.7 V and above 

(b) -2.1 V and above 

(c) ±1.4 V 

Assume that each diode has a 0.7-V drop when conduction 

4.91 Design a two-sided limiting circuit using a resistor, 

two diodes, and two power supplies to feed a 1-ldl load with 

nominal limiting levels of ±3 V. Use diodes modeled by a 

constant 0.7 V. In the nonlimiting region, the voltage gain 
should be at least 0.95 WV. 

* 4 :“, Ir l ‘ he drCUit Sh °" n Fig - P4 ' 92 '*•» <«odes exhibit 
a 0.7-V drop at 0.1 mA. For inputs over the range of ±5 V, 


provide a calibrated sketch of the voltages at outputs B and 
C versus v r For a 5-V peak, 100-Hz sinusoid applied at A. 
sketch the signals at nodes B and C. 


5 kil 
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D 2 4 
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Figure P4.92 


*’ 4.93 Sketch and label the voltage transfer characteristic 
inversus r,of the circuit shown in Fig. P4.93 over a±10-V 
range of input signals. All diodes are 1-mA units (i.e.. each 
exhibits a 0.7-V drop at a current of 1 mA). What are the 
slopes of the characteristic at the extreme ±10-V levels? 

+ 1 V 
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1 kfl 


4 D 


v, o- 


3 kf l 

A/W 


o v ( 


4 D 


D, 4 


1 kil 


t T 

-2 V 

Figure P4.93 

4,94 A clamped capacitor using an ideal diode with 
grounded is supplied with a sine wave of 10-V rms. 
the average i dc) value of the resulting output? 


What is 



*4.95 For the circuits in Fig. P4.95, each uti-„ 

diode (or diodesi, sketch the output for the input 

Label the most positive and most negative output 
Assume O? T. 


i an 



leve 
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Figure P4.95 
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IN THIS CHAPTER YOU WILL LEARN 

1. The physical structure of the MOS transistor and how it works. 

2. How the voltage between two terminals of the transistor controls the 
current that flows through the third terminal, and the equations that de¬ 
scribe these current-voltage characteristics. 

3. How to analyze and design circuits that contain MOS transistors, resis¬ 
tors, and dc sources. 

4. How the transistor can be used to make an amplifier, and how it can be 
used as a switch in digital circuits. 

5. How to obtain linear amplification from the fundamentally nonlinear 
MOS transistor. 

6 The three basic ways for connecting a MOSFET to construct amplifiers 
with different properties. 

Practical circuits for MOS-transistor amplifiers that can be constructed us¬ 
ing discrete components. 


Introduction 


Having studied the lunction diode, which is the most basic uvo-terminal semiconductor 
device, we now turn our attention to three-terminal semiconductor devices. 1 iiree-terminal 
devices are far more useful than two-terminal ones because they can be used in a multitude 
ot applications, ranging from signal amplification to digital logic and memory. The basic 
principle involved is the use oi the voltage between two terminals to control the current 
flowing in the third terminal. In this way a three-terminal device can be used to realize a 
controlled source, which as we have learned in Chapter 1 is the basis for amplifier design. 
Also, in the extreme, the control signal can be used to cause the cunent in the thud k rmnul 
to change from zero to a lai ge value, thus allowing the device to act as a switch. As we shall 
see in Chapter 13, the switch is the basis for the realization of the logic inverter, the basic 
element of digital circuits. 

There are two major types of three-terminal semiconductor devices, the metal-oxide- 
semiconductor field-effect transistor (MOSFET), which is studied in this chapter, and the 
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Chapter 5 


MOS Field-Effect Transistors (MOSFETs) 

• . mm which we shall study in Chapter 6. Although each of the two 
bipolar junction transistor* - - ^ ^ of application, the MOSFET has become by 

transistor types otters w™!. especially jn the design of integrated circuits (ICs), 

far the most widely used e ectr ^ ^ sjng)e silicon chip . 

which are entire circuits ^ be ma(Je qujte smal ] (i. e „ requiring a small area on 

Compared to BJ ^ MO process is relatively simple (see Appendix A), 

the silicon IC chip), an ti e i v little power. Furthermore, circuit designers 

Also, their operation requires , gita l and analog functions utilizing MOSFETs 

almost exclusively (ce^, with very tew^^^ ^ many as 2 bUlion!) on „ single IC chjpK) 

implement ve'ry sophisticated, very-large-scale-integrated (VLSI) digital circuits such as 
Ze tor memory and microprocessors. Analog circuits such as amplifiers and filters can 
also be implemented in MOS technology, albeit in smaller, less-dense chips. Also, both ana- 
ion and digital functions are increasingly being implemented on the same IC chip, in what is 

known as mixed-signal design. 

The objective of this chapter is to develop in the reader a high degree of familiarity with 
the MOSFET: its physical structure and operation, terminal characteristics, circuit models, 
and basic circuit applications. Although discrete MOS transistors exist, and the material stud¬ 
ied in this chapter will enable the reader to design discrete MOS circuits, our study of the 
MOSFET is strongly influenced by the fact that most of its applications are in integrated-cir¬ 
cuit design. The design of 1C analog and digital MOS circuits occupies a large proportion of 

the remainder of this book. 


5.1 Device Structure and Physical Operation 

The enhancement-type MOSFET is the most widely used field-effect transistor. Except for 
the last section, this chapter is devoted to the study of the enhancement-type MOSFET. We 
begin in this section by learning about its structure and physical operation. 1 his will lead to 
the current-voltage characteristics of the device, studied in the next section. 


5.1.1 Device Structure 

Figure 5,1, shows the physical structure of the /?-channel enhancement-type MOSFET. The 
meaning of the names “enhancement" and “w-channel” will become apparent shortly. The 
transistor is lubricated a/?-type substrate, which is a single-crystal silicon wafer that pro¬ 
vides physical support for the device (and tor the entire circuit in the case of an integrated 
circuit). Two heavily doped w-type regions, indicated in the figure as the n source 1 and the 
if drain regions, are created in the substrate. A thin layer of silicon dioxide (Si0 2 ) of thick- 
^ ess Kt (typically 1 to 10 nm), which is an excellent electrical insulator, is grown on the sur¬ 
face of the substrate, covering the area between the source and drain regions. Metal is 
p >sited on top of the oxide layer to form the gate electrode of the device. Metal contacts 
made to the source region, the drain region, and the substrate, also known as the 


“ de "° ,e ' i8h, ' y ^ 

oxide'thiTkiieK^expreLd'i ° F °'° 01 ^ A m ' crometer <Fm), or micron, is 10"* m. Sometimes the 
■mess is expressed ,n angstroms. An angstrom (A) is 10- nm. or 10— m. 
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Drain (D) 
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Figure 5.1 Physical structure ol the enhancement-type NMOS transistor; (a) perspective view, (b) cross see 
tion. Typically L = 0.03 pm to 1 pm, 0=0.1 pm to 100 pm, and the thickness of the oxide layer (/J is in the 
range of I to 10 nm. 


body. 1 Thus four terminals are brought out: the gate terminal (G), the source terminal (S), 

the drain terminal (D), and the substrate or body terminal (B). 

At this point it should be clear that the name of the device (metal-oxide-semiconductor 
FET) is derived from its physical structure. The name, however, has become a general one and 


In Fig. 5.1, the contact to the body is shown on the bottom of the device. This will prove helpful in 
Section 5.9 in explaining a phenomenon known as the “body effect.” It is important to note, however, 
that in actual ICs, contact to the body is made at a location on the top ot the device. 
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MOS Field-Effect Transistors (MOSFETs) 

fhe gate electrode. In fkct, most modem MOS* 
is used also for FETs that do not ^ si |i C on-gate technology, in which a certain type of 

FETs are fabricated using a pro . electrode (see Appendix A). Our description 

silicon, called polys'hcon^, is use irrespective of the type of gate electrode. 

of MOSFET opera., on and chantey FET or , G FET. This name also 

Another name tor the devjce emphasizing the fact that the gate electrode is 

arises from the physica s oxide layer) _ | t is this j nsu lation that 

electrically insu'ate.d £> ’remely small (of the order of 10"’ A,. 

“~£ZZL »»« fcn» f )-*•**» «» ■»■, *»» w l» ~»l 

effectively cut off by simply connecting the substrate terminal to the source terminal. We shall 
sume this ,0 be the case in the following description of MOSFET opera ,om Thus_ here , e 
substrate will be considered as having no effect on device operation and the MOSFET will be 
treated as a three-terminal device, with the terminals being the gate (G , the source (S) and the 
drain (D> It will be shown that a voltage applied to the gate controls current flow between 
source and drain. This current will flow in the longitudinal direction from drain to source in the 
reuion labeled “channel region.” Note that this region has a length L and a width W, two 
important parameters of the MOSFET. Typically, L is in the range of 0.03 pm to 1 pm, and W 
IS in the range of 0.1 pm to 100 pm. Finally, note that the MOSFET is a symmetrical device; 
thne ttc cnnrrp and drain can be interchanged with no change in device characteristics. 


5.1.2 Operation with Zero Gate Voltage 

With zero voltage Applied to the gate, two back-to-back diodes exist in senes between draw 
and source. One diode is formed by the pn junction between the n drain region and the /?- 
type substrate, and the other diode is formed by the pn junction between the p-type substrate 
and the n + source region. These back-to-back diodes prevent current conduction from drain 
to source when a voltage v D!i is applied. In fact, the path between drain and source has a very 
high resistance (of the order of 10 12 Q). 1§ 


5.1.3 Creating a Channel for Current Flow 

Consider next the situation depicted in Fig. 5.2. ! lere we have grounded the source and the 
drain and applied a positive voltage to the gate. Since the source is grounded, the gate voltage 
appears in effect between gate and source and thus is denoted v GS , The positive voltage on the 
gate causes, in the first instance, the free holes (which are positively charged) to be repelled 
from the region of the substrate under the gate (the channel region). These holes arc pushed 
downward into the substrate, leaving behind a carrier-depletion region. The depletion region is 
populated by the bound negative charge associated with the acceptor atoms. These charges are 
uncovered because the neutralizing holes have been pushed downward into the substrate. 

As well, the positive gate voltage attracts electrons from the source and drain regions 
(where they are in abundance) into the channel region. When a sufficient number of electrons 
accumulate near the surface of the substrate under the gate, an n region is in effect created, 
connecting the source and drain regions, as indicated in Fig. 5.2. Now if a voltage is applied 
*t een drain ar) d source, current flows through this induced n region, carried by the mobile 
e ec rons. l induced n region thus forms a channel for current flow from drain to source 

moSSp ™f S °' Corres P° n dingly, the MOSFET of Fig. 5.2 is called an «-channel 
MOSFET or, alternatively, an NMOS transistor. Note that an ^channel MOSFET is 
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Gate electrode 



Depletion region 


0 B 


Figure 5.2 The enhancement-type NMOS transistor with a positive voltage applied to the gate. An 
n channel is induced at the top of the substrate beneath the gale. 

formed in a /Mype substrate: The channel is created by inverting the substrate surface from p 
type to n type. Hence the induced channel is also called an inversion layer. 

fhe value of v cs at which a sufficient number of mobile electrons accumulate in the 
channel region to form a conducting channel is called the threshold voltage and is denoted 
V r A Obviously, V t for an ^-channel FET is positive. The value of V t is controlled during 
device fabrication and typically lies in the range of 0.3 V to 1.0 V. 

The gate and the channel region of the MOSFET form a parallel-plate capacitor, with 
the oxide layer acting as the capacitor dielectric. The positive gaie voltage causes positive 
charge to accumulate on the top plate of the capacitor (the gate electrode). The correspond¬ 
ing negative charge on the bottom plate is formed by the electrons in the induced channel. 
An electric field thus develops in the vertical direction. It is 'his field that controls the 
amount of charge in the channel, and thus it determines the channel conductivity and, in 
turn, the current that wall flow through the channel when a volcage v DS is applied. This is the 

origin of the name “field-effect transistor i I T). 

The voltage across this parallel-plate capacitor, that is, the voltage across the oxide, must 
exceed V, 'or a channel to form. When v DS = 0, as in Fig. 5.2, the voltage at every point 
along the channel is zero, and the voltage across the oxide (i.e., between the gate and the 
points along the channel) is uniform and equal to v GS . The excess of v GS over l, is termed the 
el fcctive voltage or the overdrive voltage and is the quantity that determines the charge in 
the channel. In this book, we shall denote ( v GS - V t ) by v ov , 


We can express the magnitude of the electron charge in the channel by 


Q\ = C ox m>ov 


(5.2) O 


'Some texts use V T to denote the threshold voltage. We use V, to avoid confusion with the thermal 

voltage V r , 
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., nrxw'itiince is the capacitance of the parallel-plate capacitor 
.vhei-e C , called the o\i e c ’ idth 0 f the channel, and L is the length of the 

,er unit gate area (m units of F/m). ' 


jer unit gate 
i_Thp nviHe caoacitance C 





where e„ is the pennittivity ofthe silicon dioxide. 

E = 3 . 9 e 0 = 3.9 x 8.854 x UT' = 3.45 x 10 F/m 

The oxide thickness i is determined by the process technology used to fabricate the MOS- 
FET. As an example, for a process with !„ - 4 nm. 

3.4? x 111 — _ jo'' F/m 2 

4 x I0’ 9 * 

It is much more convenient to express C„ per micron squared. For our example, this yields 
8 6 fF/um 2 , where fF denotes femtofarad (I0 _1 F). For a MOSFET fabricated in this tech¬ 
nology with a channel length L = 0.18 pm and a channel width IV = a.12 pm. the total capac- 

itance between gate and channel is 


C - C ox WL = 8.6x0.18x0.72 = 1.1 fF 

Finally, note from Eq, (5.2) that as v ov is increased, the magnitude of the channel charge 
increases proportionately. Sometimes this is depicted as an inciease in the depth o! the chan¬ 
nel; that is, the larger the overdrive voltage, the deeper the channel. 


5,1.4 Applying a Small v DS 


Having induced a channel, we now apply a positive voltage v ns between drain and source, as 
shown in Fig. 5.3. We first consider the case where v DS is small (i.e., 50 mV or so). The voltage 
v DS causes a current i D to flow through the induced n channel. Current is carried by free elec¬ 
trons traveling from source to drain (hence the names source and drain ). By convention, the 
direction of current flow is opposite to that ofthe flow of negative charge. ! hus the current 
in the channel, i 0 , will be front drain to source, as indicated in Fig. 5.3. 

We now wish to calculate the value of i D . Toward that end, we first note that because v DS is 
small, we can continue to assume that the voltage between the gate and various points along the 
channel remains approximately constant and equal to the value at the source end, Thus, the 
effective voltage between the gate and the various points along the channel remains equal to 
v ov » an d the channel charge Q is still given by Eq. (5.2). Of particular interest in calculating the 
current i D is the charge per unit channel length, which can be found from Eq. ( 5.2) as 


— Ifl = c 

unit channel length ‘ * <>l 


(5.4) 


The voltage i» DS establishes an electric field E across the length ofthe channel, 



This electric field in turn 
ity given by 


causes the channel electrons to drift toward the drain 


with a veloc- 


Electron drift velocity 


A, l^l = 



(5.6) 


5.1 Device Structure and Physical Operation 



Induced n -channel 


p-type substrate 


Q B 



Figure 5.3 An NMOS transistor with i\. ;s > V, and with a small v DS applied. The dev ice acts as a resistance 
whose value is determined by v tiS . Specifically, the channel conductance is proportional tou cs - V r and thus i D 
is proportional to (t' (/V - V t )i> DS . Note that the depletion region is not shown (for simplicity). 


where //„ is the mobility ofthe electrons at the surface of the channel. It is a physical parameter 
whose value depends on the fabrication process technology. The value of i D can now be found by 
multiplying the charge per unit channel length (Eq. 5.4) by the electron drift velocity' (Eq. 5.6«, 


* 

/ 




(5.7) 


i hus, for small i< D5 , the channel behaves as a linear resistance whose value is conu h d hv 
the overdrive voltage v ov , which in turn is determined by v gs'■ 



o 


o 


[he conductance g nK ofthe channel can be found l orn Eq. (5./) or (5.8) as 



(5.9) 


or 



(5.10) 


Observe that the conductance is determined by the product of three factors. (W/L), 

and v 0 y (or equivalently, v cs - V ,), To gain insight into MOSFET operation, we consider 

each of the three factors in turn. 

The first factor, {fi n C ox \ is detennined by the process technology used to fabricate the 
MOSFET. It is the product of the electron mobility, //„, and the oxide capacitance, C ox . It 
makes physical sense for the channel conductance to be proportional to each of //„ and C ox 
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, , ,, their product, which is termed the process transconductance 

(why?) and htnu. c J , the subscript n denotes n channel, 

parameter* and given the symbol k„ where the suoscnp 


k' n = M„ C c 


(5.111 


,t can be shown that with //.having the dimensions of meters squared per volt-second (mVV,) 
and f having the dimensions of farads per meter squared (F/m ), the drmens.ons of k' are 

OX ^ 

amperes per volt squared (A/V ), 

The second factor in the expression for the conductance in Eqs. (5.9) and (5.10) is 
the transistor aspect ratio {Will That the channel conductance is proportional to the channel 
width W and inversely proportional to the channel length L should make perfect physical 
sense The {WiL) ratio is obviously a dimensionless quantity that is determined by the device 
designer. Indeed, the values of W and L can be selected by the device designer to give the 
device the i-v characteristics desired. For a given fabrication process, however, there is a 
minimum channel length, f miD . In fact, the minimum channel length that is possible with a 
given fabrication process is used to characterize the process and is being continually reduced 
as technology advances. For instance, in 2009 the state-of-the-art in commeicially a\ailable 
MOS technology was a 45-nm process, meaning that for this process the minimum channel 
length possible was 45 nm. Finally, we should note that the oxide thickness i ox scales down 
with £ mjn . Thus, for a 0,13-gm technology, t ox is 2.7 nm, but for the modem 45-nm technol¬ 
ogy t ox is about 1.4 nm. jflfl 

The product of the process transconductance parameter k' n and the transistor aspect ratio 
{WiL) is the MOSFET transconductance parameter k n , * 


K - K {WiL) 


(5.12a) 



K = (M„C ox ){WiL) 


(5.12b) 


o 

o 


The MOSFET parameter k n has the dimensions of A/V 2 . «| 

The third term in the expression of the channel conductance g DS is the overdrive voltage 
v ov- This is hardly surprising since v ov directly determines the magnitude of electron charge 
in the channel. As will be seen, v ov is a very important circuit-design parameter. In this 
book, we will use v ov and t?p 5 - V, interchangeably. 

We conclude this subsection by noting that with v DS kept small, the MOSFET behaves as 
a linear resistance r DS whose value is controlled by the gate voltage v GS , 

r - 1 

Sds 


1 DS - 


1 


<.M„C OX )(W/L)v 0 .. 


{5.13a) 


r DS ~ 


1 


(M n C ox )(W/L){v cs - V,) 


(5 


Z 5*4 r which* the 1 10 ^ FE1 as a voltage_controlle d resistance is further illustrate 
Mg- 5.4, w hieh^a sketch of h versus for various values of Observe that 

This name arises from the fact that (n r \ a 

be seen shortly. ox ' “ e ^ erm ines the transconductance of the MOSFET, as 
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Figure 5.4 The i D ~>v DS characteristics of the MOSFET in Fig. 5.3 when the voltage applied between drain 
and source, v D% , is kept small. The device operates as a linear resistance whose value is controlled by v cs . 


resistance is infinite for v GS < V t and decreases as is increased above V r It is interest¬ 
ing to note that although v GS is used as the parameter for the set of graphs in Fig. 5.4, the 

graphs in fact depend only on v ov (and, of course, k n ). 

The description above indicates that for the MOSFET to conduct, a channel has to be 
induced. Then, increasing v c;s - above the threshold voltage V t enhances the channel, hence the 
names enhancement-mode operation and enhancement-ty pe M< SFF.T. : inally, we note 
that the current that leaves the source terminal (/ s ) is equal to the current that enters the drain 
terminal (/„), and the gate current i G = 0. 



5.1 A 0.18-pm fabrication process is specified to have t ox - 4 nm,g n = 450 cnr/V-s, and V t — 0.5 V. 
Find the value of the process transconductance parameter k' n . I or a MOSFET with minimum length 
fabricated in this process, find the required value of W so that the device exhibits a channel resistance 

f *of 1 kH at i) G £ — 1V. 

Ans. 388 pA/V~; 0.93 pm 


5.1.5 Operation as v DS Is Increased 

We next consider the situation as v DS is increased. For this purpose, let v GS be held constant at a 
value greater than V ( \ that is, let the MOSFET be operated at a constant overdrive voltage \ 0 y. 
Refer to Fig. 5.5, and note that v DS appears as a voltage drop across the length of the channel. 
That is, as we travel along the channel from source to drain, the voltage (measured relative to the 
source) increases from zero to v DS . Thus the voltage between the gate and points along the chan¬ 
nel decreases from v GS = V, + V ov at the source end to v GD = v GS - v DS = V, + V ov - v DS at 
the drain end. Since the channel depth depends on this voltage, and !'■- i n ally on n atnouni 
by which this voltage exceeds V n we find that the channel is no longer of uni orm depth; rather, 
the channel will take the tapered shape shown in Fig. 5.5, being deepest at the source end (where 
the depth is proportional to V oy ) and shallowest at the drain end' (where the depth is propor¬ 
tional to V ov - v DS ). This point is further illustrated in Fig. 5.6. 


6 For simplicity, we do not show in Fig. 5.5 the depletion region. Physically speaking, it is the widening 

of the depletion region as a result of the increased V 05 that makes the channe s a owernear e 
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p-type substrate 


0 B 



Figure 5.5 Operation of the enhancement NMOS transistor as v DS is increased. The induced channel 
acquires a tapered shape, and its resistance increases as is increased. Here, v C c is kept constant at a 
value > V f ; v cs = V, + V ov . 



(a) 



(b) 


Figure 5.6 la) For a MOSFET with ii =v + v ,• • 

channel to vary linearly, with an average > 0K ’ apphcat,on of causes the voltage drop a 

at the drain end. (b) The channel shape corresnnJr * f ^ m,dpoint * S " nce v gd > V r the channel st 
at the source end is still proportional tn v u t0 sltuat ion in (a). While the depth of the 

rj|. at at the drain end is proporational to (V ol ,-v DS ). 
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Figure 5.7 The drain current i D versus the drain-to-source voltage v DS for an enhancement-type NMOS 
transistor operated with v cs = V, + V ov . 


As v f)S is increased, the channel becomes more tapered and its resistance increases cor¬ 
respondingly. Thus, the i D -v j)S curve does not continue as a straight line but bends as shown 
in Fig. 5.7. The equation describing this portion of the i D - v DS curve can be easily derived by 
utilizing the information in Fig. 5.6. Specifically, note that the charge in the tapered channel is 
proportional to the channel cross-sectional area shown in Fig. 5.6(b). This area in turn can be 
easily seen as proportional to \[V oy +(V ov -v DS )] or {Vov~’\ v ds^' Thus, the relationship 
between i D and v DS can be found by replacing V ov in Eq. (5.7) by ( V ov - , 



I ^ 

j V DS) 



(5.14) 


This relationship describes the semiparabolic portion ot the ip-v DS curve in Fig. 5,7. It 
applies to the entire segment down to v DS = 0. Specifically, note that as v DS is reduced, we 
can neglect ^v DS relative to V ov in the factor in parentheses, and the expression reduces to 
that in Eq. (5.7). The latter of course is an approximation and applies only for small v DS 

(i.e., near the origin). 

There is another useful interpretation of the expression in Eq. (5.14). From Fig. 5.6(a) we 
see that the average voltage along the channel is - 1 ^$. Thus, the average voltage that gives 
rise to channel charge and hence to i D is no longer V QV but ( V ov - - 2 v DS ), which is indeed the 
factor that appears in Eq. (5,14). Finally, we note that Eq. (5.14) is frequently written in the 

alternate form 




(W) 

tzJ 


/ 




1 2 ) 


(5.15) 


Furthermore, for an arbitrary value of V ov , we can replace V oy by (v GS - V,) and rewrite Eq 

(5.15) as 



(5.16) 
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5.1.6 Operation for v DS ^V ov 

The above description of operation assumed that even though the channel became tapered, it stjl) 
had a finite (nonzero) depth at the drain end. This in turn ,s ach.eved by keep,ng v sufficiently 
small that the voltage between the gate and the drain, v GD> exceeds V r This is indeed the situation 
shown in Fig. 5.6(a). Note that for this situation to obtain, v DS must not exceed V ov> f 0r ^ 

. ni , i . a. xL » i Aae t/v 'Tarn 


DS 


_ Tf ? J) — F y Oiiu 11IV VUiUHiVi -—- 

Figure 5.8 shows v DS reaching V ov and .r CD correspondingly reaching V r The zero 
depth of the channel at the drain end gives rise to the term channel pinch-off. Increasing 
beyond this value (i.e., v DS > V ov ) has no effect on the channel shape and charge, and the 
current through the channel remains constant at the value reached for v DS ~ V ov ' rL - 
current thus saturates at the value found by substituting v DS - V ov in Eq. (5.14), 


1 \at, uiu. — a - 

_ y anc j {]-| e channel depth at the drain end reduces to zero. 

f' _ i * i t * 


DS 


v ds ~ l o v • The drain 


1 


W\ 


D 


- 


*ov 


(5.17) 


The MOSFET is then said to have entered the saturation region (or, equivalently, the satu¬ 
ration mode of operation). The voltage v DS at which saturation occurs is denoted V DSsat , 


Vdssm - Vov ~ Vqs V, (5.1b) 

It should be noted that channel pinch-off does not mean channel blockage: Current contin¬ 
ues to flow through the pinched-off channel, and the electrons that reach the drain end of the 
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channel are accelerated through the depletion region that exists there (not shown in Fig. 5.5) 
and into the drain terminal. Any increase in v DS above F 0Ssat appears as a voltage drop 
across the depletion region. Thus, both the current through the channel and the voltage drop 
across it remain constant in saturation. 

The saturation portion of the i D - v DS curve is, as expected, a horizontal straight line, as 
indicated in Fig. 5.7. Also indicated in Fig. 5.7 is the name of the region of operation obtained 
with a continuous (non-pinched-off) channel, the triode region. This name is a carryover 
from the days of vacuum-tube devices, whose operation a FE i resembles. 

Finally, we note that the i D - v DS relationship in saturation can be generalized by replac¬ 
ing the constant overdrive voltage V ov by a variable one, v ov : 

b = \k{t Kf (5-19) O 


Also, v ov 
mode i D , 


can be replaced by (t' C5 - V t ) to obtain the alternate expression lor saturation- 




i 


D 



(5.20) 



Example 5.1 


Consider a process technology for which Z. mm = 0.4 pm, t ox = 8 nm, jn n - 450 cm 2 /V • s, and V t = 0.1 V. 

(a) Find C ox and k' n . 

(b) For a MOSFET with W/L = 8 pm/0.8 pm, calculate the values of V ov , V GS , and V DSmin needed to 
operate the transistor in the saturation region with a dc current I D = lot) pA. 

(c) For the device in (b), find the values of V ov and V GS required to cause the device to operate as a 1000-0 
resistor for very small v DS . 

1 = 5^ = 3 - 45 x 10 = 4.32 x 10 -3 F/m 2 

*ox 8 x 10~ 9 

= 4.32 fT/pm 2 

k' n = JI„C ox = 450 (cm 2 /V-s) x 4.32 (fF/pm 2 ) 

= 450 x 10 s (pm 2 /V-s) x 4.32 x 10 _, "(F/pm“) 

= 194 x 10 6 (F/V-s) 

= 194 pA/V" 

(b) For operation in the saturation region, 

. _\ ,,W 2 

l D ~ o ^ v OV 

Thus, g 2 

100 = - X 194 x — V ov 


Solution 

(a) 


V ov = 0.32 V 


which results in 
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Example 5.1 continued 
Thus, 

and 


V GS = V, + V ov = 1.02 V 


Vc = V n \> ~ 0.32 V 

* DS mm 


(c) For the MOSFET in the triode region with v DS very small. 


'hus 


which yields 
Thus, 



1000 = --- 

194 x 10 x 10 x V ov 


V ov = 0-52 V 

V GS = 1.22 V 



5.2 


D5.3 


For a 0.8-pm process technology for which t = 15 nm and u = 550 cnr/V- s, find C , k' and the 
overdrive voltage V ov required to operate a transistor having W/L - 20 in saturation with I D = 0.2 
mA. What is the minimum value of V DS needed? 

Ans. 2.3 fF/(im 2 ; 127 pA/V 2 ; 0.40 V; 0.40 V 

A circuit designer intending to operate a MOSFET in saturation is considering the effect of chang- 

ig the device dimensions and operating voltages on the drain current I D . Specifically, by what fac¬ 
tor does I D change in each of the following cases? 

(a) The channel length is doubled. 

(b) The channel width is doubled. 

(c) The overdrive voltage is doubled. 

(dj The drain-to-source voltage is doubled. 

(e) C hanges (a), (b), (c), and (d) are made simultaneously 

Inf n°^ eS I Cases l might cause the MOSFET to leave the saturation region? 

Ans. 0.5; 2; 4; no change; 4; case (c) if v M is smaller than 2 V oi 



J - '• / inep-uiannel MOSFET 

structure is simZto that oTtheNMoZ ° f a/, ~ channel e nhancemem-type MOS F El 

the source and the drain regions are n rv eXCept ‘ hat here the substra,e is " tyF 

polarity relative to their ran P . ty * 5e ’ ls ' a ' semiconductor regions are rever 

are said to be complementary diSS." ‘ he NM ° S C3Se ' The PM ° S a " d NM ° S ““ 

To induce a channel for current flmu k if 

to the gate, that is. between gate and Wlir ^ wee " source ®d drain, a negative voltage is a 

ce ( as indicated in Fig. 5.9(b). By increasing the n 
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S G D 



induced p channel 


n-type substrate 



Figure 5.9 (a) Physical structure of the PMOS transistor. Note that it is similar to the NMOS transistor shown 
in Fig. 5.1(b) except that all semiconductor regions are reversed in polarity. (b) A negative voltage u cs of magnitude 
greater than \V tp induces a p channel, and a negative v DS causes a current i D to flow from source to drain. 


tude of the negative v GS beyond the magnitude of the threshold voltage V^, which by convention 
is negative, a p channel is established as shown in Fig. 5.9(b). This conditu n can be described as 


v 


GS 



or, to avoid dealing with negative signs. 


V 




Now', to cause a current i n to flow 7 in the p channel, a negative voltage i> DS is applied to the 
drain. The current i D is carried by holes and flows through the channel from source to drain. 
As we have done for the NMOS transistor, we define the process transconductance parame¬ 
ter tor the PMOS device as 
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where u is the mobility of the holes in the induced p channel. Typically, f/ f = 0.25 A to 0.5 
land ^process technology dependent. The trans.stor transconductance parameter k p is 

obtained by multiplying k' p by the aspect ratio WIL, 

k p = k' p (W/L) 

The remainder of the description of the physical operation of the p-channel MOSFET 
follows that for the NMOS device, except of course for the sign reversals of all voltages. We 
will present the complete curTent-voltage characteristics of both NMOS and PMOS transis- 

tors in the next section. , . 

PMOS technology originally dominated MOS integrated-circuit manufacturing, and 

the original microprocessors utilized PMOS transistors. As the technological difficulties 

of fabricating NMOS transistors were solved, NMOS completely supplanted PMOS. The 

main reason tor this change is that electron mobility ji n is higher by a factor of 2 to 4 than 

the hole mobility //,„ resulting in NMOS transistors having greater gains and speeds of 

operation than PMOS devices. Subsequently, a technology was developed that permits the 

fabrication of both NMOS and PMOS transistors on the same chip. Appropriately called 

complementary MOS, or CMOS, this technology is currently the dominant electronics 

technology. 


5.1.8 Complementary MOS or CMOS 


As the name implies, complementary MOS technology employs MOS transistors of both 
polarities. Although CMOS circuits are somewhat more difficult to fabricate than 
NMOS. the availability of complementary devices makes possible many powerful circuit con¬ 
figurations. Indeed, at the present time CMOS is the most widely used of all the 1C tech¬ 
nologies. This statement applies to both analog and digital circuits. C MOS technology 


has virtually replaced designs based on NMOS transistors alone, f urthermore, by 2009 

CMOS technology had taken over many applications that just a few years earlier were 

possible only with bipolar devices. Throughout this book, we will study many 1 MOS 
circuit techniques. 

Figure 5.10 shows a cross section ot a C \IQS chip illustrating how the PMOS and 
NMOS transistors are fabricated. Observe that while the NMOS transistor is implemented 
directly in thep-type substrate, the PMOS transistor is fabricated in a specially created n 
region, known as an n well. The two devices are isolated from each other by a thick region ot 
oxide that functions as an insulator. Not shown on the diagram are the connections made to 

and n we ^- Th e latter connection serves as the body terminal for the 
PMOS transistor. 


'fcJF via hf 


v/perdimg me MOS Transistor 


rent flows JnTthe H° n ° f the "' Channel M0SFET 0peration in, P' ies that for *m < V ” nc 
vals of „ 1mlI' CU ‘, ° ff ThiS is not entirely true, for it has been found tk 

region of operation ^i/h ^ ° ° SC l ° 3 Sma11 drain current Hows. In this subthres 

relationship of a BJT as will' besC"' * “ P ° nentlally related t0 v es> much like the '< 
Alrtl p ., ’ as Wl11 be sh< twn in the next chapter. 

special, but g a growing nrabeTofV^ M ° S transistor is °P erated with v cs > V„ ther 
Chapter 13, we will briefly ^ "Sld^SS,"* ° f ’ subthreshold operaC0 
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NMOS 


S 

9 Gate 
oxide 


\ 
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I’oly silicon 



r 

D 

o 


Thick SiOo (isolation) 


p-type body 


PMOS 

_ K 


n well 





Figure 5.10 Cross-section of a CMOS integrated circuit. Note that the PMOS transistor is formed in a 
separate //-type region, known as an n well Another arrangement is also possible in which an /7-type body is 
used and the n device is formed in a p well. Not shown are the connections made to the p -type body and to 
the n well; the latter functions as the body terminal for the p-channel device. 

5.2 Current-Voltage Characteristics 

Building on the physical foundation established in the previous section for the operation of 
the enhancement MOS transistor, in this section we present its complete current-voltage 
characteristics. These characteristics can be measured at dc or at low frequencies and thus 
are called static characteristics. The dynamic effects that limit the operation of the MOSFE1 
at high frequencies and high switching speeds will be discussed in Chapter 9. 


5.2.1 Circuit Symbol 

I igure 5.11(a) shows the circuit symbol for the w-channel enhancement-type MOSFET. 
Observe that the spacing between the two vertical lines that represent the gate and the chan¬ 
nel indicates the fact that the gate electrode is insulated from the body ot the device. The 
polarity of thep-type substrate (body) and the n channel is indicated by the arrowhead on the 




o 

s 



Figure 5.11 (a) Circuit symbol for the / 7 -channel enhancement-type MOSF I L (b) Modified circuit sym¬ 
bol with an arrowhead on the source terminal to distinguish it from the drain and to indicate device polarity 
(fe., n channel), (c) Simplified circuit symbol to be used when the source is connected to the body or when 
the eftect ot the body on device operation is unimportant. 
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, i j , This arrowhead also indicates the polarity of the transistor 
line representing the body (B). 1 ms arrc iur, 

mmelv that it is an tt-channel device. . . , - . . , . 

nam Although the MOSFET is a symmetrical dev.ce, .t ,s often usetu m Circuit des.gn to de, 

ienateonc terminal as the source and the other as the dram (without havtng to write S and D 
eswe the terminals). Th.s objective is achieved in the modified circuitsymbol shown in 
r ' , , ](b| Mere an arrowhead is placed on the source terminal, thus distinguishing i, f rom 

the dram terminal. The arrowhead points in the normal direction ot current flow and thus 
indicates the polarity of the device (i.e„ « channel). Observe that m the modified symbol, 
there is no need to show the arrowhead on the body line. Although the circuit symbol of 
Fig 5 11(b) clearly distinguishes the source from the drain, in practice it is the polarity of the 
voltage impressed across the device that determines source and drain; the drain is always 

positive relative to the source in an n-channel FET. 

In applications where the source is connected to the body of the device, a further simplifica¬ 
tion of the circuit symbol is possible, as indicated in Fig. 5.11(c). This symbol is also used in appli¬ 
cations when the effect of the body on circuit operation is not important, as will be seen later. 

5.2.2 The i D -v DS Characteristics 

Table 5.1 provides a compilation of the conditions and the formulas for the operation of the 
NMOS transistor in each of the three possible regions: the cutoff region, the triode region, 
and the saturation region. The first two are useful if the MOSFET is to be utilized as a switch. 
On the other hand, if the MOSFET is to be used to design an amplifier, it must be operated in 
the saturation region. The rationale for these choices will be addressed in Section 5.4. 

At the top of Table 5.1 we show a circuit consisting of an NMOS transistor and two dc 
supplies providing v GS and v DS , This conceptual circuit can be used to measure the i 0 -v DS 
characteristic curves of the NMOS transistor. Each curve is measured by setting v cs to a 
desired constant value, varying v DS . and measuring the corresponding i /t . Two of these char¬ 
acteristic curves are shown in the accompanying diagram: one for v GS < V ln and the other for 

(Note that we now use V in to denote the threshold voltage of the NMOS 


- Kn + 


transistor, to distinguish it from that ot the PMOS transistor, denoted V t .) 

As Table 5.1 shows, the boundary between the triode region and the saturation region is 
determined by whether v DS is less or greater than the overdrive voltage v or at which the 
transistor is operating. An equivalent way to check for the region of operation is to examine 
the relative values of the drain and gate voltages. To operate in the triode region, the gate volt¬ 
age must exceed the drain voltage by at least V ln volts, which ensures that the channel remains 
continuous (not pinched off). On the other and, to operate in saturation, the channel must be 
pinched Offal the drain end; pinch-otT is achieved here by keeping v D higher than v G - V,„ 

c “ T ng ' D *° ^ k g ^ ow v g b y ^ore than V f volts. The graphical construction of 

Fig. 5.12 should serve to remind the reader of these conditions. 

, Tf ° f f 7 > characteristics for the NMOS transistor is shown in Fig. 5.13. Observe 

denoted v* ° b *? lned by settin g v as above T,„ by a specific value of overdrive voltage. 

on . on. F on , and V oy) . This in turn is the value of at which the corresponding 

determined by the 

the stmrw * ", 11 *■ ,ut ‘^aucr is aaviseci to commit to memory both 

TK it™ T P Tt ,hC C °° rdina,eS of lhe aatumtion points. 

the locus of the san.r r * boundary between the triode and the saturation regions, that is. 
of the saturation pomts. is a parabolic curve described by 


manh L on ’ , This in turn »the value of v b , at which! 

value of v 0l „ namely, ifpT saturation current is directly d 

the stnieti.roi _ ’ 1,1 i ’2 » on, ■ • • fhe reader is advised to commf 
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L 
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Table 5.1 Regions of Operation of the Enhancement NMOS Transistor 




v cs < V nt : no channel; transistor in cut-ofT; i D = 0 

v GS = V n , + v ol : a channel is induced; transistor operates in the triode region or the saturation region depend¬ 
ing on whether the channel is continuous or pinched-ofT at the dram end; 


Triode Region 

Continuous channel, obtained by; 

V GD > ^ in 


Saturation Region 
Pinched-otT channel, obtained by: 


t; ^ V 

V GD ^ * in 


or equivalently: 


or equivalently 


v ds < V 0V 


v ds ^ v ov 


Then, 


Then 


/ (fT 

i — L — 

/J 


( V GS ^ ln^ V DS 


1 2 
-i V DS 


D 


- \«(*\< V V 

“ 2^ n \L) 1,05 ^ ,n ' 


oi equivalently. 


or equivalently. 


' D = 


1 


\ 


11 or -) V ds 


V 


DS 


‘d L 


\,,( HA 2 
’ j v ov 


Voltage i 


Overdrive 

voltaee 


threshold 


I 


V t 


i 


v t 


t 


II 


Saturation 


f) l 

T node 


D 


V, 


)V 


Eigure 5.12 i'he relative levels of the terminal voltages of the enhancement NMOS tiansistor for opera¬ 
tion in the triode region and in the saturation region. 
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V D S — v ov 
Triode 
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%s — %V 

Saturation region 


V GS - V, + ^ OVA 


%5 — v ov 
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0 ^ovi ^OV2 ^OV3 ^0V4 
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V GS ~ V, + ^OV3 


V GS ~ ^ i + Vov2 


V GS ~ V i + V ( 


0 \ I 


v GS < V, (Cutoff) 


tf 
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Figure 5.13 The i D -v DS characteristics for an enhancement-type NMOS transistor. 


5.2.3 The i D -v G5 Characteristic 

When the MOSFE 1 is used to design an amplifier, it is operated in the saturation region. As 
Fig. 5.13 indicates, in saturation the drain current is constant determined by v GS (or i» 0l ) 
and is independent of v DS . That is, the MOSFET operates as a constant-current source 
where the value of the current is determined by v GS . In effect, then, the MOSFET operates 
as a voltage-controlled current source with the control relationship described by 


o 


l D - 


(W\ 2 

It jtoos-rj 


(5.21) 


or in terms of 


o 


ov ’ 


D 


1 ,,(W\ i 

- 2 k "\Tr° v 


(5.22) 


This is the relationship that underlies the application of the MOSFET as an amplifier. Th 

is non inear should be of concern to those interested in designing linear amplifiers. Ne 

e ess, ater in this chapter, we will see how one can obtain linear amplification from 
nonlinear control or transfer characteristic. 

t* 14 shows the i D ~ v GS characteristic ol an NMOS transistor operating in sat 

noir. , we are mterested in a plot Of i D versus v or , we simply shift the origin to 
pomi v GS - v tn . 

is illustrated hvth^ M0SFET in tlle satur ation region as a voltage-controlled current soi 

become apparent sh1^1 het'^rct'j^Fr Se ”^ 1 on shown in Fi 8- 5 - 1 5- For reasons that 
cuit Note that th. . m Fl ®' 1 ,s known as a large-signal equivalent 

independence, in sZmioTofT fern Wi ' h ° U,pUt resis,a " Ce re P rese ? g 

idealized model of device operation "f T ^ ° f course > has been assumed 

shortcoming of this model First h th “ S far ' We are about t0 rectif V an 1 

S model. First, however, we present an example. 
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0 v ov 

Figure 5.14 The i D -v cs characteristic ol an NMOS transistor operating in the saturation region. The i D ~v oy 
characteristic can be obtained by simply re-labelling the horizontal axis; that is, shifting the origin to the 
point v GS = V m . 




V GS ~ Vtn 
V DS — V GS ~~ Vm 


Figure 5.15 Large-signal equivalent-circuit model 
of an /j-channel MOSFET operating in the saturation 



Consider an NMOS transistor fabricated in a 0.18-pm process with L — 0.18 pm and W 2 pm. The pro¬ 
cess technology is specified to have C ox — 8.6 fF/pnr, fJ n = 450 cm*/V*s, and V tn ~ 0.5 V. 

(a) Find V GS and V DS that result in the MOSFET operating at the edge of saturation with I D = 100 pA. 

(b) If V GS is kept constant, find V DS that results in I D - 50 pA. 

(c) To investigate the use of the MOSFET as a linear amplifier, let it be operating in saturation with 
V DS = 0.3 V. Find the change in i D resulting from v GS changing from 0.7 V by + >.01 V and by -0.01 V. 
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Solution 

First we determine the process 


transconductance parameter k n 

k n — ftifiox 

- 450 x 10~ 4 x 8.6 x 10” b x 10* 2 A/V : 
= 387 gA/V 2 


and the transistor transconductance parameter k n , 


k n = k 'n{ f 


2 ^ 


_ 387 l5.187 

(a) With the transistor operating in saturation, 

Id ~ 3 K v 


- 4.3 mA/V 


Thus, 


100 = ^ x 4.3 x 10' x V, 


01 


which results in 


V 0 y = 0.22 V 


Thus, 


V GS = V,„ + Vnv = 0,5 + 0.22 = 0.72 V 


in Of 


and since operation is at the edge of saturation. 

Yds = Y 0 y = 0.22 V 

(b) With V GS kept constant at 0.72 V and I D reduced from the value obtained at the edge of saturation, 
the MOSFET will now be operating in the triode region, thus 


I D = k 


n 


Vov k DS ~ 2 yDS 


50 = 4.3x10 


which can be rearranged to the form 


1 


0.22 K 


DS 1 r DS 


r Ds - 0 44 V DS + 0.023 = 0 


This quadratic equation has two solutions 


f ds - 0.06 V and V DS - 0.39 V 
The second answer is greater than v ■ , 

tor is operating in the triode region. Thus ^ * phyS ‘ CalIy meanin gless, since we know that the transis- 


we have 


ds ~ 0.06 V 
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Example 5.2 continued 

(c) For v GS = 0.7 V, V ov 


0.2 V, and since V DS = 0.3 V, the transistor is operating in saturation and 
I — -k V~ 

*D ~ 1 K n V OV 

= 4300x0.04 

= 86 pA 


Now for v cs = 0.710 V, Vq V — 0.21 V and 

i D = i x 4300 x 0.21 2 = 94.8 pA 
and for v GS - 0.690 V, v ov = 0.19 V, and 

i D = ~ x 4300 x 0.19 : = 77.6 pA 

Thus, with AV gs = +0.01 V, A i D = 8.8 pA; and for &V GS = -0.01 V, A i D = -8.4 pA. 

We conclude that the two changes are almost equal, an indication of almost-linear operation when the 
changes in v cs are kept small. This is just a preview of the “small-signal operation’' of the MOSFET stud¬ 
ied in Sections 5.4 and 5.5. 



5*4 An NMOS transistor is operating at the edge oI saturation with an overdrive voltage V ov and a drain 
current I D . If V ov is doubled, and we must maintain operation at the edge of saturation, what should 
V DS be changed to? What value of drain current results? 

Ans. 2 f 4 1q 

5.5 An ^-channel MOSFE l operating with V ov - 0.5 V exhibits a linear resistance r DS = 1 kO when 
v DS is very small. What is the value of the device transconductance parameter k n l What is the value 
of the current I D obtained when v DS is increased to 0.5 V? and to 1 V? 

Ans. 2 mA/V 2 ; 0.25 mA; 0.25 mA 

---- - 


5.2,4 Finite Output Resistance in Saturation 

Equation (5.21) and the corresponding large-signal equivalent circuit in Fig. 5.15, as well as 
the graphs in Fig. 5.13, indicate that in saturation, i D is independent of v Ds . Thus, a change 
Av ds in the drain-to-source voltage causes a zero change in i D , which implies that the inere- 
mental resistance looking into the drain of a saturated MOSFET is infinite. This, however, 
is an idealization based on the premise that once the channel is pinched off at the drain end, 
further increases in v ns have no effect on the channel's shape. But, in practice, increasing v DS 
heyond v ov does affect the channel somewhat. Specifically, as v DS is increased, the channel 
pinch-otf point is moved slightly away from the drain, toward the source. This is illustrated 
'n Fig, 5.16, from which we note that the voltage across the channel remains constant at v oy , 
and the additional voltage applied to the drain appears as a voltage drop across the narrow 
depletion region between the end ol the channel and the drain region. This voltage acceler¬ 
ates the electrons that reach the drain end of the channel and sweeps them across the deple¬ 
tion region into the drain. Note, however, that (with depletion-layer widening) the channel 
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Figure 5.16 Increasing beyond the channel pinch-ofTpoint to move slightly away from fc 

drain, thus reducing the effective channel length I by Ai>. 



o 


o 


ength is in effect reduced, from L to L - A£ , a phenomenon known as channel-length 
modulation. Now. since i B is inversely proportional to the channel length (Eq. 5.21), i„ 




ncreases with VDS . _ , , 

This effect can be accounted for in the expression for i D by including a factor 

+ A(v DS -v 0V ) or, for simplicity, (l + Av DS ), 


*D ~ 2 ^« ^ V GS~ Kn) ^ ^ + ^ V Ds) 


(5.23) 


— I 


Here A. is a device parameter having the units of reciprocal volts (V“ ). The value of X depends 
both on the process technology used to fabricate the device and on the channel length L that the 
circuit designer selects. Specifically, the value of \ is much larger for newer submicron technol¬ 
ogies than for older technologies. This makes intuitive sense: Newer technologies have very 
short channels, and are thus much greatly impacted by the channel-length modulation effect. 
Also, for a given process technology, X is inversely proportional to L. 

A typical set of i D -v DS characteristics showing the effect of channel-length modulation is 
displayed in Fig. 5. 17. The observed linear dependence o\'i D on v DS in the saturation region is 
represented in Eq. (5.23) by the factor (I + Xv DS ). From Fig. 5.17 we observe that when the 
straight-line i D - j i* DS characteristics are extrapolated, they intercept the v [)S axis at the point. 

v ds ~ ~ Ki» where V A is a positive voltage. Equation (5.23), however, indicates that i D - 0 
atv nc - -I / A. It follows that 


v — 1 

" A 

and thus V A is a device parameter with the dimensions of V. For a given process, V A is pro¬ 
portional to the channel length L that the designer selects for a MOSFET. We can isolate the 
dependence of V A on L by expressing it as 

Va = V'aL 

where V A is entirely process-technology dependent with the dimensions of volts per micron. 
>P ca y • a aUs in the range of 5 V/pim to 50 V/jim. The voltage V, is usually referred to as the 
ar y vo tage, after J. M. Early, who discovered a similar phenomenon for the BJT (Chapter 6). 
t u l0n ' " ^ indicates that when channel-length modulation is taken into account 

coneZT 7 “ °I ‘? def>end ° n Thus - a given a change yields a 

source P renre J C , hange ° " ^ ^ CUITent ^ 11 follows that «* output resistance of the current 
r epresen ting , 0 ,n saturation is no longer infinite. Defining the output resistance r. as 7 

resistance in the tnoderegbnlfm smalhl reS ' StanCe ln saturation . and r m to denote the drain-to-so 111 " 

a? 
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Figure 5.17 Effect of on i D in the saturation region. The MOSFET parameter V A depends on the pro¬ 
cess technology and, for a given process, is proportional to the channel length L. 



Figure 5.18 Large-signal equivalent circuit model of the n-channel MOSFET in saturation, incorporating 
the output resistance r Q . The output resistance models the linear dependence of i D on v DS and is given by 
Eq. (5.23). 


and using Eq. (5.23) results in 



din 1 

dv 


DS-ti'cs 


*1 


constant 



which can be written as 


or, equivalently, 




(5.24) 

(5.25) 


(5.27) 


where I D is the drain current without channel-length modulation taken into account; Fiat is. 




(5.27') 
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k inversely proportional to the drain current. Finally 


\ve 



5.6 


• f hri^tpH in a 0 4-um process having //„C 0 .t - 200 pA/V and V A 50 V/gm 
An NMOS transistor isfit ^ (f= ^ find Vj and 1 Find the value of 1 D that results when 

ot channel length. If I ■ P 1t v _ o 5 V and V M = 1 V. Also, find the value of r 

the device is operate . . bv 2 V. what is the corresponding change in I D ? 

at this operating point. If is increased d> l » 

Ans. 40 V; 0.025 V" 1 ; 0.51 mA; 80 kQ; 0.025 mA 



5.2.5 Characteristics of the p-Channel MOSFET 

The circuit symbol for thep-channel enhancement-type MOSF ET is show n in Fig. 5.19(a), 
Figure 5.19(b) shows a modified circuit symbol in which an arrowhead pointing in the nor¬ 
mal direction of current flow is included on the source terminal. For the case where the 
source is connected to the substrate, the simplified symbol ot Fig. 5.19(c) is usually' used. 



Figure 5.19 (a) Circuit symbol for the/^-channel enhancement-type MOSFET. (b) Modified symbol with 

an arrowhead on the source lead, (c) Simplified circuit symbol for the case where the source is connected 
to the body. 


The regions ot operation of the PMOS transistor and the corresponding conditions 
and expression for i D are shown in Table 5.2. Observe that the equations are written in a 
way that emphasizes physical intuition and avoids the confusion of negative signs. Thus 
while 1/ is by convention negative, we use \ V tp \, and the voltages v sc and v SD are posi- 
tive, so, in all ot our circuit diagrams we will always draw / 7 -channel devices with their 
sources on top so that current flows from top to bottom. Finally, we note that PMOS 

devices also sutter from the channel-length modulation effect. This can be taken into 

follows y mC U 3 ^ 3Ct0r ^ in th e saturation-region expression for ij) aS 


or equivalently 



1 ,,(W\ 


-k' 

IP 


\L) 


^'sc~ I Vf P \) ( I + 


V SD S 


V 


1 


J 


(5.29) 


where ^ and V A (the Early voltage tor the PMOS transistor) are by convention negative 
quantities, hence we use |/tj and | V A \. 







I pi 




not equal, and similarly for V An and | V A . 

To recap, to turn a PMOS transistor on, the gate voltage has to be made lower than that 
of the source by at least | V tp \. To operate in the triode region, the drain voltage has to exceed 
that of the gate by at least | V, p \ \ otherwise, the PMOS operates in saturation. Finally. Fig. 5.20 
provides a pictorial representation of these operating conditions. 


Table 5.2 Regions of Operation of the Enhancement PMOS Transistor 


+ 

V SG 





1/ 


DCs 


+ 


\ 


D 



V SG < 


V SG “ 


V, : no channel; transistor in cut-of f; i $ — 0 


I 


/ 


‘p 


+ 


v 0i .] : a channel is induced; Transistor operates in the triode region or in the saturation region 
depending on whether the channel is continuous or pinched-off at the drain end; 


a 


Triode Region 
Continuous channel, obtained by : 

V DG > | Kpj 

or equivalently; 

v sd < | IJ 

Then, 

(n 

\L 


Saturation Region 
Pinched-ofT channel, obtained by: 


7' 


DG 


V 


<p 


or equivalenilv 


or 


v 


SD 


1 O 


l] 


Then 


?d = K 




SG 


r 1 2 

1 ip ) V SD ~ y'so 


. _ 1 1 '(Jr 
!n ~^P\L 


D - i C V SG FJ) 


or equivalently 


or equivalently 


lA 


= <1 


/ 






* Prn I I* 


on SD O SD 


l D - 


2 

2 k P\LJ Vot 
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Voltage 1 


Threshold 



Overdrive 

voltage 


Saturation 


II 


Figure 5.20 The relative levels of the terminal 
voltages of the enhancement-type PMOS transis¬ 
tor for operation in the triode region and in the 
saturation region. 



5.7 


The PMOS transistor shown in Fig. E5.7 has V, p = -I V, k'„ = 6" pA/V^.and W/L - 10. 

(a | Find the range of V c for which the transistor conducts. 

(b) In terms of V G , find the range of V D for which the transistor operates m the trio e region. 

(c) In terms of V G , find the range of V D for which the transistor operates in saturation. 

(d) Neglecting channel-length modulation (i.e., assuming X = 0), find the values ot \ V ov \ and V G 
and the corresponding range ol V D to operate the transistor in the saturation mode with I D — 75 pA. 

(e) if X- -').02 V 1 , find the value of r corresponding to the overdrive voltage determined in (d). 

(f) For X = -0.02 V' 1 and for the value of V ov determined in (d), find l D at V D = +3 V and at V D = 0 V; 
hence, calculate the value of the apparent output resistance in saturation. Compare to the value found 

in (e). 

+ 5 V 

I 


Vn O 




6 


V 


D 


Figure E5.7 


Ans. (a) Vq < +4 V;(b) V D > V G + l;(c)V D < V G + \; (d) 0.5 V, 3,5 V, <4.5 V; (e) 0.67 MU; 
(f) 78 pA, 82.5 pA, 0.67 MU (same) 




5.3 MOSFET Circuits at DC 

Having studied the current-voltage characteristics of MOSFETs, we now consider ci 

in w ic only dc voltages and currents are of concern. Specifically, we shall present a 

° , eSlgn f an ., anal y sis exa mples ot MOSFET circuits at dc. The objective is to instill 

rea . , e , r a a , mi f *, anty Wlth the device and ability to perform MOSFET circuit analysi: 
rapidly and effectively. 

of MOSFFt° W * ng exam P' es ’ t0 ^ ee P matters simple and thus focus attention on the es 

S5SE2 8 “"" , "*“*" 

y _ y v f d 1 convenient to work in terms of the overdrive vo 

~ “ ' ^ ,0r NM0S and I W = y S o -1 V, p \ for PMOS. 
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Design the circuit of Fig, 5.21, that is, determine the values of R p and R so that the transistor operates 
at / D = 0.4 mA and V D = +0.5 V. The NMOS transistor has V t = 0.7 V, p n C ox = j 00 pATV 2 , L = 1 pm, and 
W- 32 pm. Neglect the channel-length modulation effect (i.e., assume that X = 0). 


V DD =+ 2.5 V 



Tss = — 2.5 V Figure 5.21 Circuit for Example 5.3. 


Solution 


fo establish a dc voltage of +0.5 V at the drain, we must select R n as follows: 




Id 

2.5-0.5 
0.4 


= 5 kU 


i'o determine the value required for R s , we need to know the voltage at the source, which can be easily 
found if we know This in turn can be determined from V ov . Toward that end, vve note that since V D = 
0.5 V is greater than V G , the NMOS transistor is operating in the saturation region, and we can use the sat¬ 
uration-region expression of i D to determine the required value of V ov > 



Then substituting I D = 0.4 mA = 400 pA, = 100 pA/V 2 , and W/L = 32/1 gives 


which results in 
Thus, 


400 = AlOOx jV* or 
V ov = 0.5 V 

Vgs = V,+ Vov = 0.7 + 0.5 = 1.2 V 


Referring to Fig. 5.21, we note that the gate is at ground potential. Thus, the source must be at -1.2 V, and the 
required value of R s can he determined from 

p Ys ~ Vss 

l D 

= ~ L2 ~ = 3.25 kQ 


0.4 
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D5.8 


Redesign the circuit of Fig. 5.21 for the following case: 
aA v : . W/L = 120 gm/3 |im,/ 0 = «~>' nA - 
Ans. R„ = V k£2; St = 5- 1 kO 


= -V a = 2.5 V, V, = 1 V, //.C,„ = 60 


R o = +0.4V. 




Fieure 5 22 shows an NMOS transistor with its drain and gate terminals connected together. Find the / » 
relationship of the resulting two-terminal device in terms of the MOSFET parameters_*, = *„( W/L) 
and V tn . Neglect channel-length modulation <i.e„ i - 0). Note that thts two-terminal devtee is known as a 

diode-connected transistor. 



Figure 5.22 




Solution 




Since v D 


v G implies operation in the saturation mode, 









Now, i = ij, and v 











f W\ 

—J by k n results in 


1 


' = Mv 


- V ) 

tn> 


Replacing k' n 
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D5.9 For the circuit in Fig. E5.9, find the value 
V tn = 0.5 V, Mn C 0X = 0.4 mA/V : , W/L = 

Ans. 13.9 kn 


of R that results in V D 
0.72 pm j 

oil^’ an<u = 0 - 


+ 1.8 V 





o V 


D 


Figure E5.9 


0.8 V. The MOSFET has 


D5.10 Figure E5.10, shows a circuit obtained by augmenting the circuit of Fig. E5.9 considered in Exer¬ 
cise 5.9 with a transistor Q 2 identical to 0, and a resistance R 2 . Fmd the value of R 2 that results in 
Q 2 operating at the edge of the saturation region, Use your solution to Exercise 5.9. 

Ans, 20.8 kil 




Figure E5.10 


--- 






Design the circuit in 1 ig, 5.23 to establish a drain voltage of 0.1 V. What is the effective resistance between 
drain and source at this operating point? Let V tn = 1 V and k' n ( W/L) = 1 mA/V“. 



Figure 5.23 Circuit for Example 5.5. 
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Example 5.5 continued 

Solution 


Since the drain voltage is lower 
in the triode region. Thus the current /„ is given t>> 


n fl Uv 4 Q V and K = 1 V, the MOSFET is operating 

than the gate voltage by 4.9 v ana . r a 


W 

I — k — 

l n h n T 


L 


/„ = lx 


J D 

{ Vqs — l tn ) ^DS 2 

(5- l)x 0.1 - - x 0.01 


= 0.395 mA 


The required value for R D can be found as follows: 

vDO - 


*d = 


/ 


D 


= LdU = 12.4 kQ 
0.395 

In a practical discrete-circuit design problem, one selects the closest standard value available for, say. 5% 
resistors-in this case, 12 kf2; see Appendix G. Since the transistor is operating in the tnode region with a 
small V ,... the effective drain-to-source resistance can be determined as follows: 


r DS ~ 


DS 


I 


D 

0.1 


0.395 


= 253 Q 



5.11 If in the circuit of Example 5.5 the value of R D is doubled, find approximate values for I D and V D . 
Ans, 0.2 mA; 0.05 V 






— 


— 
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Analyze the circuit shown in Fig. 5.24(a) to determine the voltages at all nodes and the currents tlirough 
all branches. Let V tn = IV and k n (W/L) = 1 mA/V 2 . Neglect the channel-length modulation effect 
(i.e., assume X = 0). 


V DD - 


+ to V 

A 


+ 10 V 

A A 

l 0.5 pA D | 


R fJ | = 10 Mfl 


Rn = 6 kfl 


10 MO 


6 k a 


e 


+5 V 


0 


R g 2 = 10 M O 


Rc = 6 kft 10 


/ 



0 10-6 i t) 


o 6 1 D 


6 kH 


D 




Figure 5.24 (a) Circuit for Example 5.6. (b) i he circuit with some of the analysis details shown. 


Solution 


Since the gate current is zero, the voltage at the gate is simply determined by the voltage divider formed 
by the two 10-MQ resistors, 



R 


G 2 


Rq2~^~ R 


Cl 


= 10 x 


10 

10 + 10 


= +5 V 


With this positive voltage at the gate, the NMOS transistor will be turned on. We do not know, however, 
whether the transistor will be operating in the saturation region or in the triode region. We shall assume 
saturation-region operation, solve the problem, and then check the validity of our assumption. Obviously, 
if our assumption turns out not to be valid, we will have to solve the problem again for triodc-region 
operation. 

Refer to Fig. 5.24(b). Since the voltage at the gate is 5 V and the voltage at the source is 
I D (mA) x 6 (kQ) = 61 D , we have 


Vgs ~ $ 6 / 


D 


Thus, I D is given by 


In = \K t(V gs - VJ 


L 


1 


= - x 1 x (5 - 6 l D - 1) 

Jmmt 

which results in the following quadratic equation in I D : 


18/r, - 25/ n + 8 = 0 


D 
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Example 5.6 continued , 

M A and 0.5 mA. The first value results in a source voltage of 

This equation yields two values tor i D - « ° • not ma ke physical sense as it would 

6 X 0.89 = 5.34 V, which is greater than the gate voltage 

imply that the NMOS transistor is cut off. Thus, 


l D = 0.5 mA 


V. - 0.5 x 6 = +3 V 


V =5-3 = 2 V 
* gs - 

V D = 10 - 6 x 0.5 = +7 V 


Since V D >V C - V m . the transistor is operating in saturation, as initially assumed 



5.12 For the circuit of Fig. 5.24, what is the largest value that R D can have while the transistor remains 
in the saturation mode? 

Ans. 12 kQ 

D5.13 Redesign the circuit of Fig. 5.24 for the following requirements: V DD = +5 V, I D = 0.32 mA, 
y s = 1.6 V, V D = 3.4 V, with a 1 *|iA current through the voltage divider R GV R Assume the same 

MOSFET as in Example 5.6. 

Ans. = 1-6 MQ; R (J2 = 3.4 Mfl, R s = R D = 5kLl 







Design the circuit ot Fig. 5.25 so that the transistor operates in saturation with / D = 0.5 mA and 
V D = +3 V. Let the enhancement-type PMOS transistor have V ip = -1 V and k'AW/L) = 1 mA N\ 
Assume X - 0. What is the largest value that R 0 can have while maintaining saturation-region operation? 



Figure 5.25 


Circuit for Example 5.7. 
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Solution 

Since the MOSFET is to be in saturation, we can write 





Substituting I D = 0.5 mA and k p W/ L — 1 mA/V~, vve obtain 

V QV 1 “ 1 ^ 



V SG = K\ + \V 0 >\ = 1 + 1 = 2 V 

Since the source is at +5 V, the gate voltage must be set to +3 V. This can be achieved by the appropriate 
selection of the values of R C] and R^. A possible selection is R t;i - 2 MQ and R C2 - 3 MO. 

The value of R ( , can be found from 



= 6 kQ 


Saturation-mode operation will be maintained up to the point that V D exceeds V c by 



that is, until 


V = 3+ 1 = 4 V 


This value of drain voltage is obtained with R D given by 



4 

— = 8 kQ 
0.5 


D5.14 For the circuit in Fig. E5.14, find the value of R that results in the PMOS transistor operating with 
an overdrive voltage | Vq j-| = 0.6 V. The threshold voltage is V tp — —0.4 V, the process transcon¬ 
ductance parameter ^,' = 0,1 mA/V’, and WIL = 10 ptn/0.18 pm. 

Ans. 800 Q 

A +1.8 v 



ifz 


Figure E5.14 
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., „ • th . nircu , t of Fig. 5.26(a) are matched, with k’„( W n /L n ) 
The NMOS and PMOS transisto Assuming k = 0 for both devices, find the drain cur 

kp( w p /L p) = 1 mA/v ‘ a " d V '" ~ , = ov +2.5 V.and-2.5 V. ^ 

rents / n , and / n « as well as the voltage v 0 , 1 / ’ 


/L\= I 


V, o 


+ 2.5 V o 


+ 2.5 V 

A 


+2.5 V 

A 




i 1 nr 


I 


DA 


■o v n OV o 


Q 


N 


io kn 



n 

2 p 

tl/ f 

0 -« 

0 

1 i |‘ . ft 

T DP 

--<> 


— 

T ^ ,v 

2 n < 


■O ! 


10 kO 


t 

-2.5 V 

(a) 


t 

2.5 V 


(b) 


+ 2.5 V 

A 


¥ 




h 


io kn 


■o i'.y -2.5 Vo- 


iK, 


O V, 


lOkil 


t 

-2.5 V 
(e) 


(d) 


Figure 5.26 Circuits for Example 5.8. 

Solution 

Figure 5.26(b) shows the circuit for the case « - n v u# * l • , J 

and are operating at equal values of I v ^ W ® note thal smce & and are perfectly matched 

v = 0 V Thus both n anH n • circmt * s symmetrical, which dictates that 

rents can now be found from * ^ ° perating Wlth I V og\ = 0 and, hence, in saturation. The drain cur- 


V =/ fl „ = i x 1 x(2.5-l) 2 = U25mA 
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Next, we considei the circuit with v t — +2.5 V. Transistor Q p will have a V SG of zero and thus will be cut 
off, reducing the circuit to that shown in Fig. 5.26(c). We note that v 0 will be negative, and thus v cp will 
be greater than V ln , causing Q A to operate in the triode region. For simplicity we shall assume that v DS is 
small and thus use 


^dn ( W n /L n ) ( V GS — V fn ) V DS 

= 1 [2.5 - (-2.5) - 1 ][i» 0 - (-2.5)] 


From the circuit diagram shown in Fig. 5.26(c), we can also write 


IDN (tttA) 


0 - v o 

10(kQ) 


These two equations can be solved simultaneously to yield 


I DN = 0.244 mA v Q - -2.44 V 

Note that V DS = -2.44 - (-2.5) = 0.06 V, which is small as assumed. 

Finally, the situation for the case v } - -2.5 V [Fig. 5.26(d)] will be the exact complement of the case 
V[ - +2.5 V: Transistor Q N will be off. Thus I DN = 0, Q p will be operating in the triode region with 
1 DP = 2.44 mA and v Q = +2.44 V. 


















5.15 The NMOS and PMOS transistors in the circuit of Fig. E5.15 are matched with k' n (fV n /L„) = 
k’(W /L ,) = 1 mA/V 2 and V.„ = -V tp = 1 V. Assuming A - 0 for both devices, find the drain 

currents i DS and i DP and the voltage v 0 for v t = 0 V, +2.5 V, and -2.5 V. 

Ans. v, = 0 V: 0 mA, 0 mA, 0 V; v, - +2.5 V: 0.104 mA, 0 mA, l .04 V; v, = -2.5 V: 0 mA, 0.104 mA, 
-1.04 V 


+2.5 V 

A 


V, o 




V 


I 

i[*~V 


DP 


-O I'¬ 


ll 


10 ki i 


t 

2.5 V 


Figure E5.15 
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5.4 Applying the MOSFET in Amplifier De$ig|i|||^9 

We now begin - -* - = 

!£rrJSSS« c—: The ..»..*.** 

1,0 , A | lhou „ h the control relationship is nonlinear (square law-), we will shortly 

"a method for obtaining almost-linear amplification from this fundamentally nonlinear 

device. 

5.4.1 Obtaining a Voltage Amplifies 


In the introduction to amplifier circuits in Section 1.5, we learned that a voltage-controlled 
current source can serve as a transconductance amplifier, that is, an amplifier whose input 
signal is a voltage and whose output signal is a current. More commonly, however, one is 
interested in voltage amplifiers. A simple way to convert a transconductance amplifier to a 
voltage amplifier is to pass the output current through a resistor and take the voltage across 
the resistor as the output. Doing this for a MOSFET results in the simple amplifier circuit 
shown in Fig. 5.27(a). Here v GS is the input voltage, R D (known as a load resistance) con¬ 
verts the drain current i D to a voltage ( i D R D ), and V DD is the supply voltage that powers up 
the amplifier and. together with R D , establishes operation in the saturation region, as will be 

shown shortly. 

In the amplifier circuit of Fig. 5.27(a) the output voltage is taken between the drain and 
ground, rather than simply across R 0 . This is done because of'the need to maintain a ground 
reference throughout the circuit. The output voltage v DS is given by 


DS 


= V 


DD 


~ ! D^D 


(5.30) 


Thus it is an inverted version (note the minus sign) of i/>R D that is shifted by the constant 
value of the supply voltage V DD . 9 


5.4.2 The Voltage Transfer Characteristic (VTC) 

A very useful tool that yields great insight into the operation of an ampliiler circuit is its 
voltage transfer characteristic (VTC). This is simply a plot (or a clearly labeled sketch) of 
the output voltage versus the input voltage. For the MOS amplifier in Fig. 5.27(a). this is the 
plot of v DS versus v GS shown in Fig. 5.27(b). 

Observe that for v GS <V lt the transistor is cut off, i n = 0 and, from Eq. (5.30). 
'[ds = v dd ■ As v GS exceeds V„ the transistor turns on and v DS decreases. However, since inf 
tiall) v D £ is still high, the MOSFET will be operating in saturation. This continues as v C ji s 
increased until the \ alue of v GS is reached that results in v m becoming lower than v cs by V, 
volts (point B on the VTC in Fig. 5.27b). For..router than that at point B, the transistor 
operates m the tnode region and Vps decreases more slowly. 

• n ,,. e , ln F ' 8 ' 5.27(b) indicates that the segment of greatest slope (and hence poten- 
1,13 le ar t est amplifier gam) is that labeled AB, which corresponds to operation in the sat- 
urat on region. An expression for the segment AB can be obtained by substituting for /, 1 
tq- (3.30) by its saturation-region value 



(5.31) 


5.4 Applying the MOSFET in Amplifier Design 


V GS 



Figure 5.27 (a) Simple MOSFET amplifier with input v cs and output v DS . (b) The voltage transfer char¬ 
acteristic (VTC) of the amplifier in (a). The three segments of the VTC correspond to the three regions of 
operation of the MOSFET. 


where we have for simplicity neglected channel-length modulation. The result is 


v ds ~ * dd ~ ik n R D {v G s- I /) 


(5.32) 


This is obviously a nonlinear relationship. Nevertheless, linear (or almost-linear) amplifica¬ 
tion can be obtained by using the technique of biasing the MOSI I T. Before considering 
biasing, however, it is useful to determine the coordinates ot point B. which is at the bound¬ 
ary between the saturation and the triode regions of operation. These can be obtained by 

_-a m * 

substituting in Eq. (5.32), v 


gs ~ l gs 


and v DS = K ds | b = K cs | b - V,. The result is 


VGS I , + 


j2k„R D V DD +1-1 


B 


Md 


(5.33) 



5.16 


Consider the amplifier of Fig. 5.27(a) with V DD = 1,8 V, R D = 1 7.5 kQ, and with a MOSFET 
specified to have V, = 0.4 V, k n - 4 mA/V 2 , and 2 = 0. Determine the coordinates ot the end 
points of the saturation-region segment of the VTC. Also, determine Vds\ c assuming 


V 


= V 


GS ^ DD 

Ans. A: 0.4 V, 1.8 V; B: 0.613 V, 0.213 V; = 18 mV 


5.43 Biasing the MOSFET to Obtain Linear Amplification 

Biasing enables us to obtain almost-linear amplification from the MOSFET. The technique 
is illustrated in Fig. 5.28(a). A dc voltage V GS is selected to obtain operation at a point Q on 
the segment AB of the VTC. How to select an appropriate location for the bias point Q will 
be discussed shortly. For the time being, observe that the coordinates of Q are the dc 
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Figure 5.28 Biasing the MOSFET amplifier at a point Q located cm the segment AB ot the VTC. 


voltages V GS and V DS , which are related by 

r DS = v 0D -\k„R D (v as -v,f (5.34) 

Point Q is known as the bias point or the dc operating point. Also, since at Q no signal com¬ 
ponent is present, it is also known as the quiescent point (which is the origin of the symbol Q). 

Next, the signal to be amplified, v„ a function of time /, is superimposed on the bias 

6 

voltage V GS , as shown in Fig. 5.29(a). Thus the total instantaneous value of v GS becomes 


i' C5 (0 - fGS + l 'gj^) 


The resulting v DS (t) can be obtained by substituting for n G5 (/) into Eq. (5.32). Graphically, 
we can use the \ I to obtain v DS (t) point-by-point, as illustrated in Fig. 5.29(b). Fere we 
show the case ot v gs being a triangular wave of "small” amplitude. Specifically, the ampli¬ 
tude of v gs is small enough to restrict the excursion of the instantaneous operating point to a 
short, almost-linear segment ot the VTC around the bias point Q. The shorter the segment, 
the greater the linearity achieved, and the closer to an ideal triangular wave the signal com¬ 
ponent at the output, v ds , will be. 1 his is the essence o- obtaining linear amplification from 
the nonlinear MOSFET. 


5.4.4 The Small-Signal Voltage Gain 

If the input signal ^ is kept small, the corresponding signal at the output v ds will be nt 
proportion^ to with the constant of proportionality being the slope of the almost-li 
g ent ot t e VTC around Q. This is the voltage gain of the amplifier, and its value Cf 
determined by evaluating the slope of the tangent to the VTC at the bias point Q, 

/l "I I 


Utilizing Eq. (5.32) we obtain 


A = 


dv 

dv 


DS 

GS 


c 


v, , = I 
cs - 1 cs 


which can be expressed 


A « = - k n(V GS -V,)R D 

in terms ot the overdrive voltage at the bias point V ov as 




D 


(5.36) 


o 


(5.37) 
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■O V DS 



V DS 1 
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os 


Slope at Q = voltage gain 
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Figure 5.29 The MOSFET amplifier with a small time-varying signal v p (t) superimposed on the dc bias voltage I G $. 
The MOSFET operates on a short almost-linear segment of the VTC around the bias point Q and provides an output volt¬ 
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We make the following observations on this expression for the voltage gam. 

1 The sain is negative, which signifies that the amplifier is inverting; that is, there is a 
1*0° chase shift between the input and the output. This inversion is obvious in Fig. 

5.29(b) and should have been anticipated from Eq. (5.32). 

The gain is proportional to the load resistance R D , to the transistor transconduc- 
tance parameter k, r and to the overdrive voltage l ov . This all makes intuitive 

sense. 

Another simple and insightful expression tor the voltage gain A v can be derived by 
recalling that the dc current in the drain at the bias point is related to V 0 y by 

7p = - : M 



This equation can be combined with Eq. (5,37) to yield 


V /2 

k ov / L 



That is. the gain is simply the ratio of the dc voltage drop across the load resistance R n to 
V ov /2. This relationship allows one to find an absolute upper limit on the magnitude of 
voltage gain achievable from this amplifier circuit. Simply note that l D R D can approach but 
never exceed the power-supply voltage V DD \ thus, 


rmax 


V 


DD 


V ,./2 

* O V' L 


For modem CMOS technologies Vov is usually no lower than about 0.2 V, with the result 
that the maximum achievable gain is about 10 V DD . Thus for a 0.13-pm CMOS technology 
that utilizes V DD = 1.3 V, the approximate value of |v4 mav | is 13 WV. In actual circuits, how¬ 
ever, the maximum gain achievable is lower than this absolute maximum. 





Consider the amplifier circuit shown in Fig. 5.29(a). The transistor is specified to have V, = 0.4 V. 
k„ - 0.4 mA/V , WIL - 10, and A = 0. Also, let V DD = 1.8 V, R D = 17.5 k£2. and V GS = 0.6 V. 

(a) For v g = 0 (and hence v d! = 0), find V or , I D , P DJ , and A„. 


(b) What is the maximum symmetrical signal 
allowable amplitude of a sinusoidal v 


swing allowed at the drain? Hence find the maximum 


Solution 


(a) With V GS - 0.6 V, V ov - 0.6-0.4 = 0.2 V 
Thus, 


fp ~ x 0.4 x 10 x 0.2 = 0.08 mA 

V ds = f pp - R d I d 

= 1*8- 17.5 x 0.08 = 0.4 V 
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Since Vos is greater than ■, the transistor is indeed operating in saturation. I lie voltage gain can be 
found from Eq. (5.37), 



_ ~k n V ov R 


D 


= -0.4x10x0.2x17.5 


= -14 

An identical result can be found using Eq. (5.38). 

(b) Since V ov = 0.2 V and = 0.4 V, we see that the maximum allowable negative signal swing at 
the drain is 0.2 V. In the positive diiection, a swing of +0.2 V would not cause the transistor to cut ol i and 
thus is allowed. Thus the maximum symmetrical signal swing allowable at the drain is ±0.2 V. Hie corre¬ 
sponding amplitude of v can be found from 


p — 

gs 


ds 0.2 V 


= 14.2 mV 


\A V \ 14 

Since v ^ V oy , the operation will be reasonably linear (more on this in later sections). 

gS f 

Greater insight into the issue of allowable signal swing can be obtained by examining the signal 
waveforms shown in Fie. 5.30. Note that for the MOSFET to remain in saturation at the negative peak of 
v d , we must ensure that 


Tt 


DS min 


> it - V 

— GS max * / 


that is. 


0.4-\A v \i „>0.6 + ; -0.4 


which results in 


0.2 


A v + 1 


= 13.3 mV 


Phis is a more precise result than the one obtained earlier. 




Figure 5.30 Signal waveforms at gate and 
drain for the amplifier in Example 5.9. Note 
that to ensure operation in the saturation 
region at all times, v DSmn S t' CSmax 


- V.. 
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517 For the amplifier circuit studied in Example 5.9. provide two altemattve designs, each proving a 
vohage gain of .0 by (a) changing R„ while keeping V ov constant, and (b) changmg V 0f while 

keeping ft,, constant. For each design, specify V os . *’ D - *0’“^ 

Ans. (a) 0.6 V. 0.08 mA. 12.5 k& 0.8 V; (b) 0.54 V, 0.04 mA, 17- k£2, . V 


5,4.5 Determining the VTC by Graphical Analysis 

Figure 5.31 shows a graphical method for determining the VTC of the amplifier of Fig. 
5.29(a). Although graphical analysis of transistor circuits is rarely employed in practice, it is 
useful for us at this stage tor gaining greater insight into circuit operation, especially in 

answering the question ot where to locate the bias point Q. 

The graphical analysis is based on the observation that for each value of v GS , the circuit 
will be operating at the point of intersection of the i D -v DS graph corresponding to the partic¬ 
ular value of v GS and the straight line representing Eq. (5.30), which can be rewritten in the 
form 


V 


l D ~ 


DD 


1 


r d r 


V 


DS 


D 


(5.39) 



V CS ~ ^DD 


V, 


as 


V GS ” 


R 


Vgs 




n 


as 


■■ m # 


DO 


V 


DS 


Fig Ure 5 31 r *. , 

Fig. 5.29(a). P constr uction to determine the voltage transfer characteristic of the amplify in 
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V, 

(a) 





c 


Figure 5.32 Operation of the MOSFET in 
Figure 5.29(a) as a switch: (a) Open, corre¬ 
sponding to point A in Figure 5.31; (b) 
Closed, corresponding to point C in Figure 
5.31. The closure resistance is approximately 
equal to r DS because V DS is usually very small. 


The straight line representing this relationship is superimposed on the i D -v DS characteristics 
in Fig. 5.31. It intersects the horizontal axis at v ns = V DD and has a slope of-\/R D . Since this 
straight line represents in effect the load resistance R 0 , it is called the load line. I he VTC is 
then determined point by point. Note that we have labeled four important points: point A at 
which v GS = V ,, point Q at which the MOSFET can be biased for amplifier operation 
( v - V GS and v p(; = V DS ), point B at which the MOSFET leaves saturation and enters the 
triode region, and point C, which is deep into the triode region and for which t’ cs = V DD . If 
the MOSFET is to be used as a switch, then operating points A and C are applicable; At A the 
transistor is off (open switch), and at C the transistor operates as a low-valued resistance r DS 
and has a small voltage drop (closed switch). The incremental resistance at point C is also 
known as the closure resistance. The operation o:l the MOSFET as a switch is illustrated in 
Fig. 5.32. A detailed study of the application of the MOSFET as a switch is undertaken in 
Chapter 13 dealing with CMOS digital logic circuits. 


5.4.6 Locating the Bias Point Q 

The bias point Q is determined by the value of V cs and that of the load resistance R D . Two 
important considerations in deciding on the location ot Q are the required gain and the 
allowable signal swing at the output. To illustrate, consider the VTC shown in Fig. 5.29(b). 
Here the value of R n is fixed and the only variable remaining is the value ot l GS . Since the 
slope increases as we move closer to point B, we obtain higher gain by locating Q as close to 
B as possible. However, the closer O is to the boundary pof - B, the smaller the allowable 
magnitude of negative signal swing. Thus, as oTen happens in engineering design, we 
encounter a situation requiring a trade-off. 

In deciding on a value for R D , it is useful to reter to the ip-vps pl ane - Figure 5.33 shows 
two load lines resulting in two extreme bias points: Point Q| is too close to V DD , resulting in a 
severe constraint on the positive signal swing ot v Ljs . Exceeding the allowable positive maxi¬ 
mum results in the positive peaks of the signal being clipped off, since the MOSFET \v ill turn 
off for the part of each cycle near the positive peak. We speak ot this situation by saying that 
the circuit does not have sufficient “headroom.” Similarly, point Q 2 is too close to the bound¬ 
ary of the triode region, thus severely limiting the allowable negative signal swing ot v^ s . 
Exceeding this limit would result in the transistor entering the triode region tor part of each 
cycle near the negative peaks, resulting in a distorted output signal. In this situation vu. say 
that the circuit does not have sufficient “legroomT We will have more to say on bias design 
in the Section 5.7. 
















































276 Chapter 5 MOS Field-Effect Transistors (MOSFETs) 



Figure 5.33 Two load lines and corresponding bias points. Bias point Q does not leave sufficient room 
for positive signal swing at the drain (too close to V DD ), Bias point Q, is too close to the boundary of the tri- 
ode region and might not allow for sufficient negative signal swing. J& 


5.5 Small-Signal Operation and Models 

In our study of the operation of the MOSFF I amplifier in Section 5.4 we learned that linear 
amplification can be obtained by biasing the MOSFET to operate in the saturation region 
and by keeping the input signal small. In this section, we explore the small-signal operation 
in some detail. For this purpose we utilize the conceptual amplifier circuit shown in 
Fig. 5.34. Here the MOS transistor is biased by applying a do voltage" V cs , and the input sig¬ 
nal to be amplified, v is superimposed on the dc bias voltage V f ,. The output voltage is 
taken at the drain. *' 


5.5.1 The DC Bias Point 

The dc bias current I D can be found by setting the signal 


to zero; thus. 


1 


\k n V\ 


OF 


(5.40) 


v 0V - V 


Where we have neglected channel-length modulation (i.e., we have assumed A = 0). Here 

verdrive voltage at which the MOSFET is biased to operate. The dc 

'Practical biasing arranges will be studied in Section 5.7. 
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Figure 5.34 Conceptual circuit utilized to study the operation of 
the MOSFET as a small-signal amplifier. 


voltage at the drain, V DS , will be 






(5.41) 


To ensure saturation-region operation, we must have 

^DS > Vov 

Furthermore, since the total voltage at the drain will have a signal component superimposed 
on V DS , V ds has to be sufficiently greater than ( V ov ) to allow for the required signal swing. 


5.5.2 The Signal Current in the Drain Terminal 

Next, consider the situation with the input signal v gs applied. The total instantaneous gate-to- 
source voltage will be 


I’GS ~ PCS + V 


(5.42) 


resulting in a total instantaneous drain current i D , 

i D = \k„(V cs + v gs -V ,) 2 

= \k„( V GS -V,f + k n ( V os -y,)v ss + \k„ 4 (5.43) 

The first term on the right-hand side of Eq. (5.43) can be recognized as the dc bias current I D (Eq. 
5.40). The second term represents a current component that is directly proportional to the input 
signal The third term is a current component that is proportional to the square ot the input sig¬ 
nal. This last component is undesirable because it represents nonlinear distortion. To reduce the 
nonlinear distortion introduced by the MOSFET, tine inpui signal should be kept small so that 

\kn v gs ^ M * gs _ K) v gs 
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o 


o 


resulting in 


V 


g s 


^ 2 ( Vqs K) 


(5.44) 


or, equivalently. 


t' 


gs 


^ 2 Vq y 


(5.45) 


if this small-signal condition is satisfied, we may neglect the last term in Eq. (5.43)and 


express i D as 


l[) — 


(5,46) 


o 


where 


i d = k n ( V GS - V,)v 


g* 


The parameter that relates i d and ^ is the MOSFET transconductance g m . 


U 


gm = 7" " K( V GS - K) 

gs 


or in terms of the overdrive voltage V 0l , 


gm ^ OV 


(5.47) 


(5.48) 


Figure 5.35 presents a graphical interpretation of the small-signal operation of the MOSFET 
amplifier. Note thatg m is equal to the slope of the i D -v GS characteristic at the bias point. 


gm ~ 


dip 


B 


V 


GS 


V GS = 'GS 


(5.49) 



Figure 5.35 Small-signal operation of the MOSFET amplifier. 
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This is the formal definition ot g m , which can be shown to yield the expressions given in 
Eqs. (5.47) and (5.48). 


5.5.3 The Voltage Gain 

Returning to the circuit of Fig. 5.34, we can express the total instantaneous drain voltage v DS 
as follows: 


V DS ~ ^DD ~ R D^D 

Under the small-signal condition, we have 

V DS ~ VDD ~ R d(^D + h) 


which can be rewritten as 


V DS “ Vos-Roh 

Thus the signal component of the drain voltage is 

V ds = ~h R D = -gmV g > R D ( 5 - 5 °) 

which indicates that the voltage gain is given by 

A.m 9 ^ = -g m R D (5.51) O 

V 

The minus sign in Eq. (5.51) indicates that the output signal is 18( out ot phase with 
respect to the input signal v . Phis is illustrated in Fig. 5.36, which shows r cs and v DS . The 
input signal is assumed to have a triangular waveform with an amplitude much smaller than 
2{V CS - V t ), the small-signal condition in Eq. (5.44), to ensure linear operation. For operation 
in the saturation region at all times, the minimum value of should not fall below the corre¬ 
sponding value of r' GS by more than V r Also, the maximum value ot v DS should be smaller than 
V DD ; otherwise the FET will enter the cutoff region and the peaks ot the output signal wave¬ 
form will be clipped off. 

Finally, we note that by substituting for g m from Eq. (5.48) the voltage gain expression in 
Eq. (5.51) becomes identical to that derived in Section 5.4 -namely, Eq. (5.37). 


5.5.4 Separating the DC Analysis and the Signal Analysis 

From the preceding analysis, we see that under the small-signal approximation, signal quan¬ 
tities are superimposed on dc quantities. For instance, the total drain current i D equals the dc 
current I D plus the signal current i d , the total drain voltage v DS — l DS + v ds , and so on. It 
lollows that the analysis and design can be greatly simplified by separating dc or bias calcu¬ 
lations from small-signal calculations. That is, once a stable dc operating point has been 
established and all dc quantities calculated, we may then perform signal analysis ignoring dc 

quantities. 
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Figure 5.36 Total instantaneous voltages i' cs and v DS for the circuit in Fig. 5.34. 


5.5.5 Small-Signal Equivalent-Circuit Models 

From a signal point of view, the FET behaves as a voltage-controlled current source. 1 
accepts a signal v gs between gate and source and provides a current g in v s at the drain terminal 
The input resistance of this controlled source is very high—ideally,' infinite. The outpu 
resistance that is, the resistance looking into the drain—also is high, and we have assume 

J^ e * n ^ n * te ^us i ar - Putting all ot this together, we arrive at the circuit in Fig. 5.37(a) 
which represents the small-signal operation of the MOSFET and is thus a small-signa 

model or a small-signal equivalent circuit. 

n the analysis ot a MOSFET amplifier circuit, the transistor can be replaced by thi 

evr>pnt Iiw C j CU f mot ^ e * S ^ 0wn in Fig. 5.37(a). The rest of the circuit remains unchanget 

of thp fa -t LZ ^ 0,lstant voltage sources are replaced by short circuits . This is a resul 

thus therp u/'u i C V ° across an i t * ea i constant dc voltage source does not change, ant 

statement annlip ^ 3 ZCr ° vo * ta ^ e s ‘8 na ' across a constant dc voltage source. A dua 

slant dc current ! ^ C ° nS ,* ant dc currem sour «s; namely, the signal current of an ideal con 

be replaced by T* W ‘ “ be zer0 ’ and thus an constant dc current source cr 

°P<-n ciuuit in the small-signal equivalent circuit of the amplifier 
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o 

S 


o 

s 


(a) 


(b) 


Figure 5.37 Small-signal models lor the MOSFET: (a) neglecting the dependence of i n on v os in satura¬ 
tion (the channel-length modulation etteci); and (b) including the effect of channel-length modulation, mod 
eled by output resistance r 0 = 


v A \/i D 


circuit resulting can then be used to perform any required signal analysis, such as calculating 
voltage gain. 

The most serious shortcoming of the small-signal model of Fig. 5.37(a) is that it 
assumes the drain current in saturation to be independent of the drain voltage. From our 
study of the MOSFET characteristics in saturation, we know that the drain current does in 
fact depend on v DS in a linear manner. Such dependence was modeled by a finite resistance r t 
between drain and source, whose value was given by Eq. (5.27) in Section 5.2.4, which we 
repeat here as 



(5.52) 


where V A = \/A is a MOSFET parameter that either is specified or can be measured. It 
should be recalled that for a given process technology, V A is proportional to the MOSFET 
channel length. The current I D is the value of the dc drain current without the channel-length 
modulation taken into account; that is. 



\k,,Vor 


(5.53) 


Typically, r 0 is in the range of 10 kQ to 1000 k£2. It follows that the accuracy of the small- 
signal model can be improved by including r, in parallel with the controlled source, as 
shown in Fig. 5.37(b). 

It is important to note that the small-signal model parameters g m and r 0 depend oi the T 
bias point of the MOSFET. 

Returning to the amplifier of Fig. 5.34, we find that replacing the MOSFET with the 
small-signal model of Fig, 5.37(b) results in the voltage-gain expression 



(5.54) 


Thus, the finite output resistance r , results in a reduction in the magnitude of the voltage gain. 

Although the analysis above is performed on an NMOS transistor, the results, and the 
equivalent circuit models of Fig, 5.37, apply equally well to PMC)S devices, except tor using 

| P’,1, | V ov |, and | V A \ and replacing k n with k p . 
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m 


5.5.6 The Transconductance g i 

We shall now take a closer look at the MOSFET transconductance given by Eq. ( 5.47), which 


we rew 


/rite with k. = (WIL) as foHows: 


m 


= k'( i W/L)(V GS -V,) = k'(W/L)V ov 


(5.55) 


This relationship indicates that g m is proportional to the process transconductance parameter 
k' = uC and to the W/L ratio of the MOS transistor; hence to obtain relatively large trans- 
conductance the device must be short and wide. We also observe that for a given device the 
transconductance is proportional to the overdrive voltage, V or - V os - V„ the amount by 
which the bias voltage V n exceeds the threshold voltage V r Note, however, that increas¬ 
ing g m by biasing the device at a larger V cs has the disadvantage of reducing the allowable 

voltage signal swing at the drain. _ ... . • 9| 

Another useful expression lor g m can be obtained by substituting lor I in Eq. (5.55) 

by 72/,/(*„'< W/L)) [from Eq. (5.40)]; 


o 


g m =M-i^jr D 


(5.56) 


This expression shows two things: 

1. For a given MOSFET, g ni is proportional to the square root ol the dc bias current. 

2. At a given bias current, g m is proportional to JW/L. 

In contrast, the transconductance of the bipolar junction transistor (BJT) studied in 
Chapter 6 is proportional to the bias current and is independent of the physical size and 
geometry of the device. 

To gain some insight into the values o : g m obtained in MOSFETs consider an inte¬ 
grated-circuit device operating at I D = 0.5 mA and having k' n = 120 pA/V 2 . Equation 
(5.56) shows that tor W/L = 1, g m = 0.35 mA/V, whereas a device for which W/L = 100 

h as S m “ 3.5 niA/V. In contrast, a BJT operating at a collector current of 0.5 mA has g m = 
20 mA/V. '1 

^ another useful expression for g m of the MOSFE I can be obtained by substituting lor 
K(W/L) in Eq. (5.55) by 2I D t{V cs - V) 2 : 


o 


11 


Sm t / 


D 


II 


D 


Vgs - V, 


V 


(5.57) 


o\ 


A comenient graphical construction that clearly illustrates this relationship is shown in i ig. 5.38. 

c summai >'’ ^ ere are l ^ ree different relationships for determining g m —Eqs. (5.5 
” an d (5.5?)—and there are three design parameters^ W/L\ V., n and any two 

■ ? Can f C osen * n d e P e ndently. That is, the designer may choose to operate the MOSFI 

thpn h C f 0V ^ r( J^ ve volta g e Vor anc ^ at a particular current / ; the required W/L ratio C 
then be found and the resulting g m determined. 
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Figure S.38 The slope of the tangent at the bias point Q intersects the v oy axis at ( V oy . Thus, 
g m = J A\ v ov)- 



5.10 






Figure 5.39(a) shows a discrete common-source MOSFET amplifier utilizing a d rain-to-gate resistance 
R g for biasing puiposes. Such a biasing arrangement will be studied in Section 5.7. Hie input signal v, is 
coupled to the gate via a large capacitor, and the output signal at the drain is coupled to the load resistance 
R l via another large capacitor. We wish to analyze this amplifier circuit to determine its small-signal volt¬ 
age gain, its input resistance, and the largest allowable input signal. The transistor has V t — 1.5 V, k' n {W/L) 
= 0.25 m VV\ and V A = 50 V. Assume the coupling capacitors to be sut ficiently large so as to act as short 
circuits at the signal frequencies of interest. 

Vdd = +15 V 



(a) 
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Example 5.10 continued 




o 

~b 









(d) 

^7 ,he dc opera,ing poim; ,c) the a " 
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Solution 

We first determine the dc operating point. For this purpose, we eliminate the input signal v n and open- 
circuit the two coupling capacitors (since they block dc currents). The result is the circuit shown in Fig. 
5.39(b). We note that since I G ~ 0, the dc voltage drop across R G will be zero, and 

v gs = v ds = Vdd-RdId (5.58) 

With V DS = V gs > the NMOS transistor will be operating in saturation. Thus, 

‘d = \K( Vgs~ V,) 1 (5.59) 

where, for simplicity, we have neglected the effect of channel-length modulation on the dc operating 
point. Substituting V DD = 15 V, R D = 10 kQ, k n = 0.25 mA/V 2 , and V t = 1.5 V in Eqs. (5.58) and 
(5.59), and substituting for V GS from Eq. (5.58) into Fq. (5.59) results in a quadratic equation in I D . Solv¬ 
ing the latter and discarding the root that is not physically meaningful yields the solution 

I D = 1.06 mA 


which corresponds to 


Yes = V DS = 4.4 V 



Vov = 4.4- 1.5= 2.9 V 

Next we proceed with the small-signal analysis of the amplifier. Toward that end we replace the 
MOSi’ET with its small-signal model to obtain the small-signal equivalent circuit of the amplifier, shown 
in Fig. 5.39(c). Observe that we have replaced the coupling capacitors with short circuits. The dc voltage 
supply ^dd has also been replaced with a short circuit to ground. 

The values of the transistor small-signal parameters and r Q can be determined by using the dc 
bias quantities found above, as follows: 


gm = K V OV 


= 0.25 x 2.9 = 0.725 mA/V 



50 

1.06 


= 47 kO 


Next we use the equivalent circuit of Fig. 5.3 l, ic) to determine the input resistance /? m _v ; .// ( and the 
voltage gain A v = v a /v r Toward that end we simplify the circuit by combining the three parallel resis¬ 
tances r Q , R n> and R L in a single resistance /?/, 





= 10|j 10||47 = 4.52 kH 


as shown in Fig. 5.39(d). For the latter circuit we can write the two equations 



Ul-gm v gs) R L 


(5.60) 
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Example 5.10 continued 
and 


■m 


V Ss V ° 


R. 


(5.61) 


, c , un intn F n f 5 60) results in the following expression for the voltage gain 
Substituting for t f from Eq. (5.61) into tq. 


A v = v o /v t = V o /v gs : 


A v = -gm R L j + (R[/R g ) 


. d i ., n H R'/R < 1 (the reader can easily verity this), and the gain 

Since R c is very large, g m R G > 1 and k l /k g ^ 1 1 U1C lc 6 

expression can be approximated as 


A,, gm R L 


(5.62) 


Substituting, g m = 0.725 mA/V and R L - 4.52 kQ yields 

A v = -3.3 V/V 


To obtain the input resistance, we substitute in Eq. (5.61) tor v 0 — A v Vg S Sm R L v gs' then use 
R {n = v/if ~ v g / ij to obtain 



(5.63) 


This is an interesting relationship: The input resistance decreases as the gain (g m R[) is increased. The 
value of R in can now be determined; it is 



10 MQ 
1 + 3.3 


2.33 MQ 


which is still very large. 

The largest allowable input signal i>, is constrained by the need to keep the transistor in saturation at 
all times; that is, 


V DS ~ V GS~ K 


Enforcing this condition with equality at the point v GS is maximum and v DS is minimum, we write 


v 


DS nun 


- V 


GS max 


- v. 


V 0S - 


1 ' 


T '-' ~ Vq S + V: ~ V. 


Since V DS - V GS , we obtain 


v i = 


ki+1 


H 1 si S mDlv g S tat« a !ht a , t h! nShiP ** aPP ' ieS ‘° ' hiS drCUit ,rres P ectlvt; of the component values. Observe that 
V - V and thus to max ™™ 1 swin g >s determined by the fact that the bias arrangement makes 

suame to te l , 0 ^ ° W ° f ,he ‘ ri ° de ^on, the signal between D and G is con- 

siramea to oe equal to V, . For our particular design, 4 


1 5 

V: ~ ' J 


A modification of this circuit that i 


3.3 4- 1 


= 0.35 V 


creases the allowable signal swing is investigated in Problem 5.80. 
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D5.18 Consider the amplifier circuit of Fig. 5.39(a) without the load resistance R, and with channel 
length modulation neglected. Let V DD = 5 V, V, = 0.7 V, and k n = 1 mA/V 2 . Find V ov ., J D , R D , 

and R g to obtain a voltage gain ot 25 V/V and an input resistance of 0.5 MQ. What is the maxi¬ 
mum allowable input signal, f ? 

Ans. 0.319 V; 50.7 pA; 78.5 kQ; 13 MQ; 27 mV 


— 


5.5.7 The T Equivalent-Circuit Model 

Through a simple circuit transformation it is possible to develop an alternative equiva¬ 
lent-circuit model for the MOSFET. The development of such a model, known as the T 
model, is illustrated in Fig. 5.40. Figure 5.40(a) shows the equivalent circuit studied 



(d) (c) 

FlQUre 5.40 Development of the T equivalent-circuit model tor the MOSFET. For simplicity, r 0 has been 
omitted; however, it may be added between D and S in the T model of (d). 
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Figure 5.41 (a) The T model of the MOSFET augmented with the drain-to-source resistance r, (b) An 
alternative representation ot the T model. 


above without r. In Fig. 5.40(b) we have added a second g m v^ current source in series 
with the original controlled source. This addition obviously does not change the termi¬ 
nal currents and is thus allowed. The newly created circuit node, labeled X, is joined to 
the gate terminal G in Fig. 5.40(c). Observe that the gate current does not change-that 
is, it remains equal to zero—and thus this connection does not alter the terminal charac¬ 
teristics. We now note that we have a controlled current source g m v gs connected across 
its control voltage v . We can replace this controlled source by a resistance as long as 
this resistance draws an equal current as the source. (See the source-absorption theorem 
in Appendix D.) Thus the value of the resistance is v /g m v gs = 1 / g m . This replacement 
is shown in Fig. 5.40(d), which depicts the alternative model. Observe that i g is still 
zero, i d = g m v gi ,and i s = v g /(\/g m ) = g m v gs , all the same as in the original model in 

Fig. 5.40(a). 

The model of Fig. 5.40(d) shows that the resistance between gate and source look¬ 
ing into the source is l/g m . Fhis observation and the T model prove uselul in many 

i 

applications. Note that the resistance between gate and source, looking into the gate, is 
infinite. 

In developing the T model we did not include r n . If desired, this can be done by incor¬ 
porating in the circuit of Fig. 5.40(d) a resistance r 0 between drain and source, as shown in 
Fig. 5.41(a). An alternative representation of the T model, in which the voltage-controlled 
current source is replaced with a current-controlled current source, is shown in Fig. 5.41(b). 

Finally, we should note that in order to distinguish the model of Fig. 5.37(b) from the 

. m rilent I model, the former is sometimes referred to as the hybrid-zr model, a [carryover 

from the bipolar transistor literature. The origin of this name will be explained in the nex' 
chapter. 


Example 5.11 





* g ;i 5 f a) shov ( s l M ° SFET am Plifier biased by a constant-current source 1. Assume that the values 
ot / and R d are such that the MOSFET operates in the saturation region. The input signal v, is coupled to 
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the source terminal by utilizing a large capacitor C ci . Similarly, the output signal at the drain is taken 

through a large coupling capacitor C c2 . Find the input resistance R U) and the voltage gain v () /v j . Neelect 
channel-length modulation. 



Figure 5.42 (a) Amplifier circuit for Example 5.11; (b) Small-signal equivalent circuit of the amplifier in (a). 


Solution 


Replacing the MOSFET with its I equivalent-circuit model results in the amplifier equivalent circuit 
shown in Fig. 5.42(b). Observe that the dc current source / is replaced with an open circuit and the dc 
voltage source V DD is replaced by a short circuit. The large coupling capacitors have been replaced 
short circuits. From the equivalent circuit-model we determine 



v 


r - —= i/ e 

m _/ ® 
J* 


m 


and 


v a ~ -i^D - 


v 


i /«* 


~ Sm^D v i 


Thus, 


V 


4 = ^11 = n R 


v i 


D 


We note that this amplifier, known as the common-gate amplifier because the gate at ground potential is 
common to both the input and output ports, has a low input resistance (1 /g,„) and a noninverting gain. 
We shall study this amplifier type in Section 5.6.5. 



5.19 Use the T model of Fig. 5.41(b) to show that a MOSFET whose drain is connected to its gate exhib¬ 
its an incremental resistance equal to [(1 / g m ) II r J- 
Arts. See Fig. E5.19. 
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o 






0 

(a) 



Figure E5.19 Circuits for Exercise 5.19. Note that the 
bias arrangement ot Q is not shown. 




5.5.8 Summary 

We conclude this section by presenting in Table 5.3 a summary of the formulas for calculating 
the values of the small-signal MOSFET parameters. Observe that tor g m we have three different 
formulas, each providing the circuit designer with insight regarding design choices. We shall 
make frequent comments on these in later sections and chapters. 


Table 5.3 Small-Signal Equivalent-Circuit Models for the MOSFET 


Small-Signal Parameters 
NMOS transistors 


Sm Mn^ox i i OV 


I'ransconductance: 

w 

L 

Output resistance: 

r. = V./l B = \/AI„ 


2 M.cjjjo 


21 


D 


Vqv 


PMOS transistors 

Same formulas as for NMOS except using \V oy \, |J ( |, and replacing with jl p . 
Small-Signal Equivalent Circuit Models 


G 

0- 


■o 

+ 


V. 



D 

■o 


0 


Hybrid-^ model 



O 



T models 
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5.20 For the amplifier in Fig. 5.34, let V DD = 5 V, R 0 = 10 kQ, V t = 1 V, k’„ = 20 pA/V*, WIL = 20. 
V GS = 2 V, and A = 0. 

(a) Find the dc current I D and the dc voltage V DS . 

(b) Find g m . 

(c) Find the voltage gain. 

i tl i It v gs = 0.2 sin 0)t volts, find v ds assuming that the small-signal approximation holds. What are 
the minimum and maximum values of v m 7 

(e) Use Eq. (5.43) to determine the various components of i D . Using the identity (sin 2 ©/ = i-I cos 
2 cot), show i hat there is a slight shi : i in I D (by how much?) and that there is a second-harmonic com¬ 
ponent (i.e., a component with frequency 2 co), Express the amplitude of the second-harmonic com¬ 
ponent as a percentage of the amplitude of the fundamental. (This value is known as the second- 
harmonic distortion.) 

Ans. (a) 200 pA, 3 V; (b) 0.4 mA/V; (c) -4 V/V; (d) v& = -0.8 sin cot volts, 2.2 V, 3.8 V; (e) 
i D — (204 + 80 sin cot - 4 cos 2 cot) pA, 5% 

5.21 An NMOS transistor has fl n C ox = 60 pA/V*\ WIL = 40, V t = 1 V, and V A = 15 V. Find g m and r o when 
(a) the bias voltage V GS = 1.5 V, (b) the bias current I D = 0.5 mA. 

Ans. (a) 1.2 mA/V, 50 kQ; (b) 1.55 mA/V, 30 kQ 

5.22 A MOSFET is to operate at I D = 0.1 mA and is to have g m = 1 mA/V. If k' n - 50 pA/V : , find the 
required WIL ratio and the overdrive voltage, 

Ans. 100; 0.2 V 

5.23 For a fabrication process for which u — 0.4// #j , find the ratio of the width of a PMOS transistor to 
the width of an NMOS transistor so that the two devices have equal g t< for the same bias conditions. 
The two devices have equal channel lengths. 

Ans. 2.5 

5.24 A PMOS transistor has V t = -1 V, k' p - 60 pA/V : , and WIL - 16 pm/0.8 pm. Find I D and g m when 
the device is biased at V GS = -1.6 V. Also, find the value of r, if A (at L = 1 pm) = —0.04 V' 1 . 
Ans. 216 pA; 0.72 mA/V; 92.6 k£2 

5.25 Use the formulas in Table 5.3 to derive an expression for (g m r 0 ) in terms of V A and V ol , As we shall 
see in Chapter 7, this is an important transistor parameter and is known as the intrinsic gain. Evaluate 
the value 0tg m r o for an NMOS transistor fabricated in a 0.8-pm CMOS process for which V A - 12.5 
V/pm o! channel length. Let the device have minimum channel length and be operateil at an overdrive 
voltage of 0.2 V. 

Ans. - 2 Va/ V ov \ 100 V/V 


5.6 Basic MOSFET Amplifier Configurations 

It is useful at this point to take stock of where we are and where we are going in our study 
of MOSFET amplifiers. In Section 5.4 we examined the essence of the use of the MOS- 
^FT as an amplifier. There we found that almost-linear amplification can be obtained by 
biasing the MOSFE l at an appropriate point in its saturation region of operation and by 
keeping the signal v small. We then took a closer look at the small-signal operation of 
1 1 I | in Section 5.5 and developed circuit models to represent the transistor, thus 

lacilitating the determination of amplifier parameters such as voltage gain and input and 

output resistances. 
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, fn consjder the various possible configurations of' MOSFET amplifier, 
We are now ready Tfl focus our attention on the salient features ofthe var- 

and we will do that in the p ^ {n their mos , simple, or “stripped down” version, 

ious configurations we sP anangementSi leaving the study of bias design to the 

Thus, we " 1 ' ln0 i lSh °" on sg we vv ji| bring everything together and present practical circuits for 
section. F,nal f' n amplifiers; namely, those amplifer circuits that can be constructed 
discrete-circuit . 0 f integrated-circuit amplifiers begins in Chapter 7. 


next 




5.6.1 The Three Basic Configurations 

There are three basic configurations for connecting the MOSFET as an ampli I V ,. Each of these 
configurations is obtained by connecting one ofthe three MOSFET terminals to ground, thus ere- 
atino a two-port network with the grounded terminal being common to the input and output pom. 
Figure 5 43 shows the resulting three configurations with the biasing arrangements omitted. 

In the circuit of Fig. 5.43(a) the source terminal is connected to ground, the input voltage sig¬ 
nal V is applied between the gate and ground, and the output voltage signal v c is taken between 
the drain and ground, across the resistance R 0 . This configuration, therefore, is called the 
grounded-source or common-source (CS) amplifier. It is by far the most popular MOS amplifier 
configuration and is the one we utilized in Sections 5.4 and 5.5 to study MOS amplifier operation 
The common-gate (CG) or grounded-gate amplifier is shown in Fig, 5.43(b), It is 
obtained by connecting the gate to ground, applying the input v f between the source and 



(a) Common Source (CS) 


(b) Common Gate (CG > 







(c) Common Drain (CD) 

Figure 5.43 The three basic MOSFET amplifier configurations. 


5.6 Basie MOSFET Amplifier Configurations 293 


ground, and taking the output across the resistance R D connected between the drain and 
ground. We encountered a CG amplifier in Example 5.11. 

Finally, Fig. 5.43(c) shows the common-drain (CD) or grounded-drain amplifier. It is 
obtained by connecting the drain terminal to ground, applying the input voltage signal v, 
between gate and ground, and taking the output voltage signal between the source and 
ground, across a load resistance R L . For reasons that will become apparent shortly, this con¬ 
figuration is more commonly called the source follower. 

Our study of the three basic MOS amplifier configurations will reveal that each has dis¬ 
tinctly different attributes and hence areas of application. 


5.6.2 Characterizing Amplifiers 

Before we begin our study of the dil l erent MOSFET amplifier configurations, w'e consider 
how to characterize the performance of an amplifier as a circuit building block. An introduc¬ 
tion to this topic was presented in Section 1.5. 

Figure 5.44(a) shows an amplifier fed with a signal source having an open-circuit volt¬ 
age v sig and an internal resistance R si$ . These can be the parameters of an actual signal source 
or, in a cascade amplifier, the Thevenin equivalent of the output circuit of another amplifier 
stage preceding the one under study. The amplifier is shown with a load resistance R L 



Figure 5.44 Characterization of the amplifier as a functional block: (a) An amplifier fed with a voltage 
signal v ijg having a source resistance and feeding a load resistance R L \ (b) Equivalent-circuit representa- 
bon ot the circuit in (a); (c) Determining the amplifier output resistance R a , 
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• „l u ere R can be an actual load resistance or the input resis- 
connected to the output a ^cade amplifier. 

tance of a succeeding amp J. with the amplifier block replaced by its equiv- 

*■- “” s " r “ ° ,,h '— 

input on the signal source. It is found from 


D = —- 

*4n : 


i 

, , •* n fnrmc a voltaee divider that reduces if . it , to the value it 

and together with the resistance R sig tomis a v ouag s , g ®, 

that appears at the amplitier input, 

-i' si p (5.65) 


R: 


Vi “*■. + * 


sig 


All the amplifier circuits studied in this section are unilateral. That is, they do not contain 
internal feedback, and thus R m will be independent of R L . However, as will be seen in subse- 

quent chapters, this is not always the case. 

The second parameter in characterizing amplifier performance is the open-circuit volt¬ 
age gain A vo , defined as 


4 =-° 

Avo v 


R,= 


The third and final parameter is the output resistance R 0 . Observe from : ig. 5.44(b) that 
R t is the resistance seen looking back into the amplifier output terminal with v i set to zero, 
Thus R can be determined, at least conceptually, as indicated in Fig. 5.44(c) with 


o 


o 


*0 = - 
K 


The controlled source A V0 v t and the output resistance R a represent the Thevenin equiva¬ 
lent of the amplifier output circuit, and the output voltage v a can be found from 


R 


v o = 


&L + R 0 




Thus the voltage gain of the amplifier proper, A v , can be found as 


j _ V 0 a 

V: 


R 


L 




and the overall voltage gain G 


r m lo_ 

Gy ~ V s\o 

SJg 


can be determined by combining Eqs. (5.65) and (5.67): 


R 


in 


G ” h+R 


Rl 


VO 


Slg 




(5.66) 


(5.671 


(5.681 


5.6.3 The Common-Source (CS) Amplifier 

° f ‘ h V v h n ree n 3SiC M ° S amplifier co "figurations, the common source is the most 

vohaJ rn 3 ^ J aD ,T Plifier f0mied by cascad,n 8 a number of stages, the bulk 

0 ame y usm 8 °ne or more common-source stages in the cascade. 
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(b) 

Figure 5.45 (a) Common-source amplifier fed with a signal if s1g from a generator with a resistance /? )ig . The 
bias circuit is omitted, (b) The common-source amplifier with the MOSFET replaced with its hybrid-Jt model. 


Figure 5.45(a) shows a common-source amplifier (with the biasing arrangement omitted) 
fed with a signal source v having a source resistance We wish to analyze this circuit 
to determine /?, n , A vo , /?,„ and G v . For this purpose we shall assume that R 0 is part ot the 
amplifier; thus if a load resistance R L is connected to the amplifier output, it appears in par¬ 
allel with R, y 

Characteristic Parameters of the CS Amplifier Replacing the MOSFET with its 
hybrid-jc model, we obtain the CS amplifier equivalent circuit shown in Fig 5.45(b). We shall 
use this equivalent circuit to determine the characteristic parameters tf in , A voi and R a as 
follows. 

The input resistance R m is obviously infinite, 

r — do (5.69) 

/v in 


The output voltage v 0 is found by multiplying the current (g ni v gs ) by the total resistance 
between the output node and ground, 




o 


Since = u., the open-circuit voltage gain A vo = v 0 /v, can be obtained as 


A vo = -gJRoWO 


(5.70) 



Observe that the transistor output resistance r„ reduces the magnitude of the voltage gain. In 
discrete-circuit amplifiers, which are ot interesi to us in this chapter, R D is usually much 
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. , nH the e f f e C , of r on reducing \Aj is slight (less than 10% or so). Thus i 
lower than r 0 and the erreci o 0 • D i v as 

many cases we can neglect »■„ and express A vo stmply as 


o 


A v0 ~ ( Snt^D^ 


Vv * 

The reader is cautioned, however, that neglecting r„ is allowed only in discrete-circuit 
JesU As will he seen in Chapter 7, r. plays a centra ro e m 1C amphtters. 

The output resistance R 0 is the 

with ii. set to zero. From Fig. 5.45(b) we see that with v i set to zero, v gs will be zero, and thus 

^ i * * 


gm V 


will be zero, resulting in 




nil A 


Here. r„ has the beneficial effect of reducing the value of R 0 
this effect is slight and we can make the approximation 


(5.72) 

In discrete circuits, however 




p 


(5.73) 


This concludes the analysis of the CS amplifier proper. We can now make the following 
observations. 


1. The input resistance is ideally infinite. 

2. The output resistance is moderate to high (in the kilohms to tens of kilohms range). 
Reducing R D to lower R 0 is not a viable proposition, since the voltage gain is also 
reduced. Alternatively, if a low output resistance (in the ohms to tens of ohms 
range) is needed, a source follower stage is called for, as will be discussed in 
Section 5.6.6. 

3. The open-circuit voltage gain A vo can be high, making the CS configuration the work¬ 
horse in MOS amplifier design. Unfortunately, however, the bandwidth of the CS ampli¬ 
fier is severely limited. We shall study amplifier frequency response in Chapter 9. 


Overall Voltage Gain To determine the overall voltage gain G v , we first note that the 
infinite input resistance will make the entire signal u si appear at the amplifier input, 


= v 


sig 


(5. 


an obviously ideal situation. At this point we should remind the reader that to maintain a rea¬ 
sonably linear operation, v i and hence v sjg should be kept much smaller than 2 V 0 y. 

It a load resistance R L is connected to the output terminal of the amplifier, this resis- 
tu. will up|x\ir ii parallel \\iih R D . It follows that the voltage gain A., can be obtained by 
simply replacing R D in the expression for A vo in Eq. (5.70) by R D || R L , 



A v = -gJR D 

This expression together with the fact that v = 


K Ik) (5.75) 

w slg , provides the overall voltage gain, 


G v = A V= -gJR D II R l || O 


(5.76) 



5 ' 26 to that to Eq E a7 5 | 0) ' 0eether Wi ' h *• in Eq ' (572) t0 obtai " A .- Show that the result is identical 


— 
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Figure 5.46 Performing the analysis directly on the circuit diagram with the MOSFET model used implicitly. 

Performing the Analysis Directly on the Circuit Diagram Although small-signal, 

equivalent-circuit models provide a systematic process for the analysis of any amplifier cir¬ 
cuit, the effort involved in drawing the equivalent circuit is sometimes not justified. I hat is, 
in simple situations and after a lot of practice, one can perform the small-signal analysis 
directly on the circuit schematic. Because in this way one remains closer to the actual cir¬ 
cuit, the direct analysis can yield greater insight into circuit operation, f igure 5.46 shows the 
direct analysis oil the CS amplifier. Observe that we have "pulled out” the resistance r„ from 
the transistor, thus making the transistor drain conduct g m v while still accounting for the 
effect of r . 



5.27 A CS amplifier utilizes a MOSFET biased at l D = 0.25 mA with V ov = 0.25 V and R D = 20 k£2. 
The device has V 4 = 50 V. The amplifier is fed with a source having = 100 k£2, and a 20-kQ 
load is connected to the output. Find R m , A vo , R 0 , A v > and G v . It to maintain reasonable linearity, 
the peak of the input sine-wave signal is limited to 10% of (21 < what is the peak ot the sine- 

wave voltage at the output? 

Ans. <»; —36,4 V/V; 18.2 kD; -19 V/V; -19 V/V; 0.95 V 


- • 


5.6,4 The Common-Source Amplifier with a Source Resistance 

It is often beneficial to insert a resistance R , in the source lead ot the common-source ampli¬ 
fier as shown in Fig. 5.47(a). The corresponding small-signal equivalent circuit is shown in 
Fig. 5.47(b). where we note that the M 1 )S ! ET has been replaced with its T equi\alent-cir- 
cuit model. The I model is used in preference to the 7t model because it makes the analysis 
in this case somewhat simpler. In general, whenever a resistance is connected in the sow c t 
lead, the T model is preferred, i he source resistance then simply appears in series with i lie 
resistance 1 /g m and can be added to it. 

It should be noted that we have not included r Q in the equivalent-circuit model. 
Including r 0 would complicate the analysis considerably; r 0 would connect the output 
node ol the amplifier to the input side and thus would make the amplifier nonunilatei a!. 
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(b) 


Figure 5.47 The CS amplifier with a source resistance R : (a) Circuit without bias details; (b) Equivalent cir¬ 
cuit with the MOSFET represented by its T model. 


Fortunately, it turns out that the effect of r on the operation of the discrete-circuit 

amplifier is not important. This can be verified by computer simulation, using tor 

instance SPICE. This is not the case, however, for the integrated-circuit version of the 

circuit, where r 0 plays a major role and must be taken into account, as we shall do in 
Chapter 7, ll 

From Fig. 5.47(b) we see that the input resistance R m is infinite and thus v, - i J slg - 
Unlike the C S amplifier, however, here only a fraction of v i appears between gate and source 

as i' ?v . It can be determined from the voltage divider composed of 1 /g m and /?, that appears 
across the amplifier input, as follows: ” 


o 


v = v 

gs L 




V 


' 1 + «, 1 + g m R, 


(5.771 


and the 


i "tK ^ Va ^ Ue t0 contrcd the magnitude of the signal v„ s at 

TbicTc th r** T n0t beCOme t0 ° large and cause unacceptably high nonlinear distor 
section*: * /l mcludin g resistor R s . Other benefits will be encountered in 

bandwidth of th PtCrS ' ? vr mStanCe ’ * WiH be shown in Chapter 9 that R s causes the u: 
“1° f e extended. The mechanism by which causes 

amplifier performance is negative feedback. To see how R s introd 
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negative feedback, refer to Fig. 5.47(a): If while keeping i» ( constant, for some reason the 
drain current increases, the source current also will increase, resulting in an increased volt¬ 
age drop across R s . Thus the source voltage rises, and the gate-to-source voltage decreases, 
i he latter effect causes the drain current to decrease, counteracting the initially assumed 
change, an indication of the presence of negative feedback. In Chapter 10 we shall study 
negative feedback formally. There we will learn that the improvements that negative feed¬ 
back provides are obtained at the expense of a reduction in gain. We will now show this to 
be the case in the circuit of Fig. 5.47. 

The output voltage v n is obtained by multiplying the controlled-source current i by R 0 , 


v 


o 



D 


The current i in the source lead can be found by dividing v t by the total resistance in the source. 




\/g 


+ R 

m $ 



(5.78) 


Thus, the voltage gain A v0 can be found as 


v 


4 -2 - 

A vo ~ v ~ 

t 


R 


D 


i /g m + R 


(5.79) O 


which can also be expressed as 



(5.80) 


Equation (5.80) indicates that including the resistance R x reduces the voltage gain by the 
factor (1 + g m R,). This is the price paid for the improvements that accrue as a result of R s . It 
is interesting to note that in Chapter 1", we will find that the (actor (1 + g m R s ) is the 
“amount of negative feedback’ introduced by R s . It is also the same factor by which band¬ 
width and other performance parameters improve. Because of the negative-feedback action 

of R y it is known as a source-degeneration resistance. 

There is another useful interpretation ot the expression ior the drain current in Eq. 
(5.78): The quantity between brackets on the right-hand side can be thought of as the effec¬ 
tive transconductance with R x included.” Thus, including R s reduces the transconductance by 
the factor (l +g,„tf,). This, of course, is simply the result ot the tact that only a fraction 

1/(1 + g„,R v ) of ih appears as (see Eq. 5.77,). 

The alternative gain expression in Eq. (5.79) has a powerful and insightful interpretation. 

The voltage gain between gate and drain is equal to the ratio ot the total resistance in the 
drain (R D ) to the total resistance in the source (1 /g m + R s )-> 


Voltage gain from gate to drain - 


Total resistance in drain 
Total resistance in source 


(5.81) 


This is a general expression. For instance, setting R s - 0 in Eq. (5.79) yields A vo of the CS 
amplifier. 

Finally, we consider the situation ot a load resistance R L connected at the output. We 
can obtain the gain A. using the open-circuit voltage gain A vo together with the output resis¬ 
tance R o , which can be found by inspection to be 

Ro= R D 
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o 

o 


Alternatively, A v 
(R d II R l ); thus. 


or 


can be obtained by simply replacing 





1 Sgm + R s 


II R l) 

I + Sm R s 



in Eq. (5.79) or (5.80) by 

w 

(5.82) 



Observ e that Eq. (5.82) is a direct application 
Finally, note that because R m is infinite, v t = > 


of the ratio of total resistance rule of Eq. (S.gq 
, and the overall voltage gain G v is equal to A 

l 



5.28 In Exercise 5.27 we applied an input signal « sig of 50 mV peak and obtained an output signal of 
approximately 1 V peak. Assume that for some reason we now have an input signal v sig that is 0.2 
V peak and that we wish to modify the circuit to keep v gs unchanged, and thus keep the nonlinear 
distortion from increasing. What value should we use for R, ? What value of G v will result? What 
will the peak signal at the output become? Assume r 0 - 
Ans. 1.5kQ;-5V/V; 1 V 

- 


5.6.5 The Common-Gate (CG) Amplifier 


Figure 5.48(a) shows a common-gate amplifier with the biasing circuit omitted. The amplifier 
is fed with a signal source characterized by x' S]g and Since appears in series with the 
source, it is more convenient to represent the transistor with the I model than with the Jt 
model. Doing this, we obtain the amplifier equivalent circuit shown in Fig, 5.48(b). Note that 
■ 1 nul included r 0 : This would have complicated the analysis considerably, for r 0 
would have appeared between the output and the input side of the amplifier. Fortunately, it 




R m= I/.? 


m 



amplifier with the MOSFET replaced withCc ^ IJS arran 8 erner, t omitted, (b) Equivalent circuit ot thi 
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turns out that the el feet ot r Q on the performance of a discrete CG amplifier is very small. We 
will consider the effect ot r 0 when we study the IC form of the CG amplifier in Chapter 7. 

From inspection of the equivalent circuit ol Fig. 5.48( b), we see that the input resistance 

= - (5.84) O 

gm 

This should have been expected, since we are looking into the source and the gate is grounded. 
Typically 1 /g m is a few hundred ohms; thus the CG amplifier has a low input resistance. 

To determine the voltage gain A vo , we write at the drain node 

= ~i R D 

and substitute for the source current i from 

V: 

i — - 

1 /g m 

to obtain 

^0 = 7 = «A (5 85) O 

V l 

which except for the positive sign is identical to the expression for A v0 of the CS amplifier 
(when r 0 is neglected). 

The output resistance of the CG circuit can be found by inspection of the circuit in Fig. 

5.48(b) as 

R a = R d (5.86) 


which is the same as in the ease of the CS amplifier (with r 0 neglected). 

Although the gain of the CG amplifier proper has the same magnitude as that of the CS 
amplifier, this is usually not the case as far as the overall voltage gain is concerned. The low input 
resistance of the CG amplifier can cause the input signal to be severely attenuated. Specifically, 


R. 


in 


\/g 


m 


V 


sig 


+ ^sig 


1 /g 


+ R 

m ^ lx s\g 


(5.87) 


from which we see that except for situations in which /? sjg is on the ordci oil g nr the signal 
transmission factor v/v sig can be very' small and the overall voltage gain G v can be corre¬ 
spondingly small. Specifically, with a resistance Rl connected at the output 


Thus, 



1 

/? sig + l/g 


■IgJR 


D 



G _ (RqWRl) ( 5 . 88 ) 

: /? sig +l /gm 

Observe that the overall voltage gain is simply the ratio of the total resistance in the drain 
circuit to the total resistance in the source circuit. 11 R sig is ot the same order as R D and R L , 
G v will be very' small. 

Because of its low input resistance, the CG amplifier alone has very limited application. 
One such application is to amplify high-trequency signals that come from sources with re a 
lively low' resistances. These include cables, where it is usually necessary tor the input 
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resistance of the amplifier to match the characteristic resistance of the cable. As will be shown 
n Chapter 9 the CG amplifier has excellent high-frequency response. Thus it can be co m . 
led ,he CS amplifier in a very beneficial way that takes advantage of the best featua 
of each of the two configurations. A very significant circuit ot this kind will be studied i 

Chapter 7. 


es 

in 



5.29 


A CG amplifier is required to match a signal source with tf sjg - 100 ft. At what current l D should 
the MOSFET be biased if it is operated at an overdrive voltage of 0,20 V? If the total resistance in 
the drain circuit is 2 kft, what overall voltage gain is realized? 

Arts. 1 mA; 10 V/V 


5.6.6 The Common-Drain Amplifier or Source Follower 


The last of the basic MOSFET amplifier configurations is the common-drain amplifier, an 
important circuit that finds application in the design of both small-signal amplifiers as well 
as amplifiers that are required to handle large signals and deliver substantial amounts of sig¬ 
nal power to a load. This latter variety will be studied in Chapter 11. The common drain 
amplifier is more commonly known as the source follower. The reason behind this name 
will become apparent shortly. 

The Need for Voltage Buffers Before embarking on the analysis of the source fol¬ 
lower, u is useful to look at one oi its more common applications. Consider the situation 
depicted in Fig. 5.49(a). A signal source delivering a signal of reasonable strength (1 V) 


fl sjg = 1 MU 



AM-o- 





(a) 


(b) 


*sig = 1 Mft ^ ]V 



Aig = IV v - 




R= 100ft 


Rl 
1 kft 



—o 
+ 

v (> = 0.9V 


R\n very large 

(c) 


Figure 5.49 lllusiraiing ihe need 


for a unity-gain buffer ampl ifier. 
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with an internal resistance of 1 Mft is to be connected to a I -kft load resistance. Connecting 
the source to the load directly as in Fig. 5.49(b) would result in severe attenuation of the sig¬ 
nal; the signal appearing across the load will be only 1/(1000+ 1) of the input signal or 
about 1 mV. An alternative course of action is suggested in I fig. 5.49(c). Here we have inter¬ 
posed an amplifier between the source and the load. Our amplifier, however, is unlike the 
amplifiers we have been studying in this chapter thus far; it has a voltage gain of only unity. 
This is because our signal is already of sufficient strength and we do not need to increase its 
amplitude. Note, however, that our amplifier has a very large input resistance, thus almost 
all of v ■ (i.e., 1 V) will appear at the input of the amplifier proper. Since the amplifier has a 
low output resistance (100 ft), 90% of this signal (0.9 V) will appear at the output, obviously 
a very significant improvement over the situation without the amplifier. As will be seen 
shortly, the source follower can easily implement the unity-gain buffer amplifier shown in 

Fig. 5.49(c). 

Characteristic Parameters of the Source Follower Figure 5.50(a) shows a source 
follower with the bias circuit omitted. The source follower is fed with a signal generator 
(v R ) and has a load resistance R, connected between the source terminal and ground. 

\ L jig; * S1|I' - 

We shall assume that R, includes both the actual load and any other resistance that may be 
present between the source terminal and ground (e.g., lor biasing purposes). Normally, the 
actual load resistance would be much lower in value than such other resistances and thus 

would dominate. 

Since the MOSFET has a resistance R, connected in its source terminal, it is most con¬ 
venient to use the T model, as shown in Fig. 5.50(b). Note that we have included r 0 , simply 
because it is very easy to do so. However, since r a in eliect appears in parallel with R L , and 
since in discrete circuits r n §> Rj , we can neglect r n and obtain the simplified equivalent cir¬ 
cuit shown in Fig. 5.50(c). From the latter circuit we can write by inspection 



oo 


and obtain 4 from the voltage divider formed by 1 / g m and R L as 



K 

R[. + 1 / 8m 


Setting R t = oo we obtain 



(5.89) O 

(5.90) 0 


The output resistance R t , is found by setting v i - 0 (i.e., by grounding the gate). Now look 
ing back into the output terminal, excluding R L , we simply see 1 / g m , thus 

R = l/*_ (5.91) O 


The unity open-circuit voltage gain together with R 0 in Eq. (5.91) can be used to find 4,, 
when a load resistance R , is connected. The result is simply the expression in Eq. (5.89). 
Finally, because of the infinite R m , v, = t' sig , and the overall voltage gain is 


G, = 4„ = 


Rl 


r l +1 /g 


(5.92) 


m 


Thus G, will be lower than unity. However, because l / g,„ is usually low, the voltage gain 
can be close to unity. The unity open-circuit voltage gain in Eq. (5.90) indicates t at t e 
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^sig 


AAA# —O— I 





follower obtained by replacing the MOSFPT' S0Urce ^ower. (b) Equivalent circuit of the source 
discrete circuits, r t> R Neelmino I* 11 ltS ^ moc ^' Note that r appears in parallel with R, and in 

° " 8leCt ' ng r - We obtai " ^e simplified equivalent cLit in (c). 
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voltage at the source terminal will follow that at the input, hence the name source fol¬ 
lower. 

In conclusion, the source follower features a very high input resistance (ideally, infi¬ 
nite). a relatively low output resistance, and an open-circuit voltage gain that is near unity 
(ideally, unity). Thus the source follower is ideally suited for implementing the unity-gain 
voltage buffer of i ig. 5.49(c). The source follower is also used as the output (i.e., last) 
stage in a multistage amplifier, where its function is to equip the overall amplifier with a 
low output resistance, thus enabling it to supply relatively large load currents without loss 
of gain (i.e., with little reduction of output signal level ). The design of output stages is 
studied in Chapter 1 !. 



D5.30 It is required to design a source follower that implements the buffer amplifier shown in Fig, 
5.49(c). If the MOSFET is operated with an overdrive voltage V 0 , = 0.25 V, at what drain cur¬ 
rent should it be biased? Find the output signal amplitude and the signal amplitude between gate 
and source. 

Ans. 1,25 mA; 0.91 V; 91 mV 

D5.3T A MOSFET is connected in the source-follower configuration and employed as the output stage 
of a cascade amplifier. It is required to provide an output resistance of 200 0. 11 the MOSFET 
has A'', = 0.4 mA/V 2 and is operated at V ov - 0.25 V, find the required W!L ratio. Also specify 
the dc bias current I 0 . if the amplifier load resistance varies over the range 1 kO to 10 kU, 
what is the range of G. of the source follower? 


5.32 


Ans. 50; 0.625 mA; 0.83 WV to 0.98 V/V 

Refer to Fig. 5.50(b). Show that taking r v into account results in 


r 


O 


A "° = r c + 1 /g 


m 


= V,/I D and g 


Now, recalling that i\ 
technology for which 1 , 
ated while obtaining A vo > 0.99 V/V? 
Ans. A v0 = l/[ 1 + V ov / 2V a ]\§A V 


= 2 I D /V ov , find A vo in terms of V A and V ov . For a 


= 20 V. what is the maximum V m at which the transistor can be oper 






5.6.7 Summary and Comparisons 

For easy reference and to enable comparisons, we present in Table 5.4 the formulas foi deter¬ 
mining the characteristic parameters ot discrete MOS amplifiers. Note that r Q has been 
neglected throughout. This is because our interest in this chapter is primarily in discrete circuit 
amplifiers. As already mentioned, r 0 has a relatively small effect on the performance of dis¬ 
crete-circuit amplifiers and can usually be neglected. In some cases, however, it is very easy to 
take r, into account, such as in the case of the CS and CD amplifiers, and one is encouraged to 
do so. For integrated-circuit amplifiers, r 0 must always be taken into account. 
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Table 5.4 Characteristics of MOSF ET Amplifiers 


Amplifier type 


Common source 
(Fig. 5.45) 


Common source 
with R s (Fig. 
5.47) 


C ommon gate 
(Fig. 5.48) 


Source follower 
(Fig. 5.50) 


R 


in 


oo 


oo 


Sm 


oo 


VO 


Characteristics 


..i. b 


R 


o 


A 





G 


ii 


Sm^D 

Rd 

~Sm^Ro 1 

R l ) 

Siti^Rd II R^ 

Sm^D 

R-d 

-gJRo 1 

Rl) 

Sm ( RD II Rl ) 

1 

1 

Rs 

1 + sj,~ 



Rd II R 

L 

Rd II Rl 



Rs 

1 / 8m + R s 

Sm^D 

Rd 

gm^D II R L ) 

Rd II Rl 

^sig + 1 

1 

j_ 

Rl 


Rl 

Sm 

Rl + 

r l+ {/ S m 


a For the interpretation of R m , ,4 ,, and R„ refer to Fig, 5.44(b). 

The MOSi ET output resistance r has been neglected, as is permitted in the discrete-circuit amplifiers studied in this 
chapter. For IC amplifiers, r must always be taken into account. ■ 


b 


In addition to the remarks already made throughout this section about the characteristics and 
areas of applicability of the various configurations, we make the following concluding points; 


T. 

2 , 

3. 



The CS configuration is the best suited for realizing the bulk of the gain required in 
an amplifier. Depending on the magnitude of the gain required, either a single stage 
or a cascade of two or three stages can be used. 


Including a resistor R s in the source lead of the CS stage provides a number of per¬ 
formance improvements at the expense of gain reduction. 


The low input resistance of the CG amplifier makes it useful only in specific applications. 
As we shall see in Chapter 9, it has a much better high-frequency response than the CS 
amplifier. This superiority makes it useful as a high-frequency amplifier, especially when 
com me with the CS circuit. We shall see one such combination in Chapter 7. 

e source follower finds application as a voltage buffer for connecting a high- 
nce source to a low-resistance load and as the output stage in a multistage 
amp i ler w ere its purpose is to equip the amplifier with a low output resistance. 


5.7 Biasing in MOS Amplifier Circuits 

thestab Hs h me nf ofTn ^Dron^T^' St6P ,he des ‘ 8n of a M0SFET ampHfier circ 
known as biasing or bias desi.'-iT An C ° Perat ' ng polnt for lhe transistor. This is the 
terized by a stable and predictable Hr appropnate dc operating point or bias point is ch 

that ensures operation in th C rain earrent / and by a dc drain-to-source voltag 

operation ,n the saturat.on region for all expected input-signal levels. 
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5 . 7.1 Biasing by Fixing V G5 


The most straightforward approach to biasing a MOSI I I is to fix its gate-to-source voltage 
y _ to the value required 1 to provide the desired I D . This voltage value can be derived from 
the power-supply voltage V DD through the use of an appropriate voltage divider. Alternatively, 
it can be derived from another suitable reference voltage that might be available in the system. 
Independent of how the voltage V GS may be generated, this is not a good approach to biasing 
a MOSFET. To understand the reason for this statement, recall that 



and note that the values of the threshold voltage V n the oxide-capacitance C ox , and (to a 
lesser extent) the transistor aspect ratio W/L vary widely among devices of supposedly the same 
size and type. This is certainly the case for discrete devices, in which large spreads in the 
values of these parameters occur among devices of the same manufacturer’s part number. 
The spread is also large in integrated circuits, especially among devices fabricated on differ¬ 
ent wafers and certainly between different batches of wafers. Furthermore, both V t and \i„ 
depend on temperature, with the result that if we fix the value of J ' cs , the drain current 1 D 
becomes very much temperature dependent. 

To emphasize the point that biasing by fixing V cs is not a good technique, we show in 
Fig. 5.51 two i D -v GS characteristic curves representing extreme values in a batch of MOSFETs 
of the same type. Observe that for the fixed value of V us , the resultant spread in the values of 
the drain current can be substantial. 



Figure 5.51 The use of fixed bias (constant V GS ) can result in a large variability in the value of 1 D . Devices 
I and 2 represent extremes among units ot the same type. 


That is indeed what we were doing in Section 5.4. Howcvi r, the amplifier circuits studied there were 
conceptual ones, not actual practical circuits. Our purpose in this section is to stud) tie alter. 
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5.7.2 Biasing by Fixing V a sod Connecting a Resistance 
in the Source 

An excellent biasing technique for discrete MOSFET circuits consists of fixing the dc volt- 
age at the gate. V c , and connecting a resistance in the source lead, as shown in Fig. 5.52(a). 

For this circuit we can write 


V c - V gs + R s Id (5,93) 

Now. if V G is much greater than V GS , l D will be mostly determined by the values of V G and 
R y However, even if V G is not much larger than V GS , resistor R s provides negative feedback, 
which acts to stabilize the value of the bias current I D . To see how this comes about, consider 
what happens when I D increases for whatever reason. Equation (5.93) indicates that since f 
is constant, V cs will have to decrease. This in turn results in a decrease in / D , a change that ns 




arrangement; (b) reduced variability in /^\ ** ® a | e ’ Vat and a resistance in the source lead, R s i (a) ^ aS ' c 

signal source to the gate using a canarit^ r P ractlca l implementation using a single supply; (d) coupling ot a 

8 PaClt0r C « ; < e > P ract ical implementation using two supplies. 
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opposite to that initially assumed. 1 bus the action of R s works to keep I D as constant as pos¬ 
sible. Th is negative feedback action of R s gives it the name degeneration resistance, a 
name that we will appreciate much better at a later point in this text. 10 

Figure 5.52(b) provides a graphical illustration of the effectiveness of this biasing 
scheme. Here too we show the / D — v GS characteristics for two devices that represent the 
extremes of a batch of MOS.I ETs. Superimposed on the device characteristics is a straight 
line that represents the constraint imposed by the bias circuit—namely, Eq. (5.93). The inter¬ 
section of this straight line with the i D -v cs characteristic curve provides the coordinates (I D 
and V GS ) of the bias point. Observe that compared to the case of fixed V us , here the variabil¬ 
ity obtained in I D is much smaller. Also, note that the variability decreases as V Q and R s are 
made larger (thus providing a bias line that is less steep). 

Two possible practical discrete implementations of this bias scheme are shown in 
Fig. 5.52(c) and (e). The circuit in Fig. 5.52(c) utilizes one power-supply V DD and derives 
y through a voltage divider {R C] , /? C2 ). Since I G = 0, R cx and R cz can be selected to be 
very large (in the megohm range), allowing the MOSFET to present a large input resis¬ 
tance to a signal source that may he connected to the gate through a coupling capacitor, 
as shown in Fig. 5.52(d). Here capacitor C ci blocks dc and thus allows us to couple the 
signal v to the amplifier input without disturbing the MOSFET dc bias point. The value 
of C n should be selected large enough to approximate a short circuit at all signal fre¬ 
quencies of interest. We shall study capacitively coupled MOSfET amplifiers, which are 
suitable only in discrete circuit design, in Section 5.8. Finally, note that in the circuit of 
Fig. 5.52(c), resistor R D is selected to be as large as possible to obtain high gain but small 
enough to allow for.the desired signal swing at the drain while keeping the MOSFET in 
saturation at all times. 

When two power supplies are available, as is often the case, the somewhat simpler bias 
arrangement of Fig. 5.52ie) can be utilized. This circuit is an implementation of Eq. (5.93), 
with V G replaced by V ss , Resistor R c establishes a dc ground at the gate and presents a high 
input resistance to a signal source that may be connected to the gate through a coupling 
capacitor. 


Example 5.12 


It is required to design the circuit ol Fig. 5.52(c) to establis) a dc drain current I D — 0.5 mA. The MOSFET is 
specified to have V ( = 1 V and k'„ W/ L = 1 mA/V : . For simplicity, neglect the channel-length modulation 
effect {i.e., assume A = 0). Use a pow'er-supply V DD - 15 V. Calculate the percentage change in the value of 
4 obtained when the MOSFET is replaced with another unit having the same k' W/1 but V, = 1 .5 V. 


Solution 


of thumb for designing this classical biasing circuit, we choose R D and R s to prov ide one-third of 
"-supply voltage V j)i} as a drop across each ol R Df the transistor (i.e., f and R s . For Vpu 15 V, 


As a rule 
the power-supply voltage 


,0 The action of R s in stabilizing the value of the bias current I D is not unlike that ot the resistance R , 
which we included in the source lead of a CS amplifier in Section 5*6,4, In the latter case a so* s wor s 
to reduce the change in i D with the result that the amplifier gain is reduced. 
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Example 5,12 continued 

=+I0 V and V - +5 V. Now, since I D is required to be 0.5 mA, we can find the vai 


this choice makes V D 
ues of R d and R s as follows: 


v D d-v_d , lldH = mkn 

/» 0.5 


D 


V, 


r = — = — = 10 kQ 

s R s 0.5 


The required value of V os can be determined by first calculating the overdrive voltage V ov in 1 1 

I D = \KiWWVov 


0.5 = \ X 1 x r c 


or 


which yields V oy = 1 V, and thus, 


Yas = K+ v ov = 1 + 1 = 2 v 


Now, since V, = +5 V, V r must be 


Vg=Vs+Vgs = 5 + 2 = 7V 


To establish this voltage at the gate we may select R Gl = 8 MQ and R^ - 7 MQ. The final circuit is shown 
in Fig. 5.53. Observe that the dc voltage at the drain :+10 V) allows for a positive signal swing of +5 V 
(i.e., up to V DD ) and a negative signal swing of--4 V [i.e., down to ( V G - V)]. 


Vdd = +15 V 

A A 

~ I 

0.5 mA y 


8 Mfi 


V r c=+7Vo- 


7 MO 


R n = 10 kO 


o V D - + | o V 


C 


In ~ 


0.5 mAy 


o Vc = +5 V 


R s = 10 kfi 


Figure 5.53 Circuit for Example 5.12. 
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If the NMOS transistor is replaced with another having V t = 1.5 V, the new value of I D can be found 
as follows: 


I D = \ x\ x ( V GS - 1.5) 2 (5.94) 

Vq ~ yGS + ID^S 

1=V GS +\0I D (5.95) 

Solving Eqs. (5.94) and (5.95) together yields 

I D — 0.455 mA 


Thus the change in I D is 


which is 


A 1 D = 0.455 

0 045 

* ■ x 100 - -9% change. 

V 9 V 


0.5 = -0.045 mA 



5.33 Consider the MOSFET in Example 5.12 when fixed- V cs bias is used. Find the required value oi l r cs 
to establish a dc bias current I D = 0.5 mA. Recall that the device parameters are V t = 1 V, k f t1 W/ L = 

1 mA/V 2 , and X- 0. What is the percentage change in I D obtained when the transistor is replaced 

with another having V t — 1.5 V? 

Ans. V GS - 2 V; -75% 

D5.34 Design the circuit of I ig. 5.52(e) to operate at a dc drain current of 0.5 mA and = +2 V. Let V t 

= 1 V, k* n W/L = 1 mA/V : , X = 0, V DD = V ss = 5 V. Use standard 5 % resistor values (see Appendix 

G), and give the resulting values o i'I Di V D , and V s . 

Ans. R n = R s = 6.2 kQ; I D = 0.49 mA, V s = -1.96 V, and V D = +1.96 V. R G can be selected in the 
range of 1 MO to 10 MQ. 


5.7.3 Biasing Using a Drain-to-Gate Feedback Resistor 

A simple and effective discrete-circuit biasing arrangement utilizing a feedback resistor con¬ 
nected between the drain and the gate is shown in Fig. 5.54. Here the large feedback resis¬ 
tance R g (usually in the megohm range) forces the dc voltage at the gate to be equal to that at 

the drain (because l it — 0). Thus we can write 

Vgs = Vds ~ ^dd " R D I D 
which can be rewritten in the form 

Vdd ~ Vgs + Rd^d 


(5.96) 
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which is identical in form to Eq. (5.93), which describes the operation of the bias sch eme 
discussed above [that in Fig. 5.52(a)], Thus, here too, if /„ for some reason changes, say 
increases ihen Eq. (5.96) indicates that V GS must decrease. The decrease ,n K cs m tuni 

/ a change that is opposite in direction to the one originally assumed. 
_ ji_i, pnpr;,tinn orovided by R l; works to keep the value of I. at 


causes a decrease 

* 

F U »i p 11u n VP 


constant as possible. 

The circuit of Fig 5.54 can be utilized as an amplifier by applying the input voltage signal 
to the gate via a coupling capacitor so as not to disturb the dc bias conditions already estab¬ 
lished. The amplified output signal at the drain can be coupled to another part oi the circuit, 
again via a capacitor. We have considered such an amplifier circuit in Section 5.5 (Example 

5.10). % 


^DD 

1 



O 

+ 


+ 





f igure 5.54 Biasing the MOSFET using a large drain-to-gate feedback resistance, R G , 



D5.35 Resign the circuit in Fig. 5.54 to operate at a dc drain current of 0.5 mA. Assume V DD = +5 

’ n ~ ^ and >1= 0. Use a standard 5% resistance value for /?,„ and give 

the actual values obtained for I D and V 

Ans. R d - 6.2 kQ; I D = 0.49 mA; V D — 1.96 V 


5.7.4 Biasing Using a Constant-Current Source 

source FIbII^'w 0 ! 16 !! 16 ^ * ) ’ as ' ng a MOSFET amplifier is that using a constant-curre 
(usuallv in,he m” 5 t Sh ° WS SUCh an arran 8 ement applied to a discrete MOSFET. Here I 
tance to an innn7° m . ran ® e ^ esta blishes a dc ground at the gate and presents a large resi 
s abl she " 71r S T e that can be capachively coupled to the gate. Resistor I 

stor always remains in the saturation region. 
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^DD 

i 





• To source of 
i transistor Q 
j in Fig. 5,55 (a) 



'U Q - 






Figure 5.55 (a) Biasing the MOSFET using a constant-current source /. (b) Implementation of the 
constant-current source / using a current mirror. 


A circuit for implementing the constant-current source / is shown in Fig. 5.55(b). The 
heart of the circuit is transistor Q ,, whose drain is shorted to its gate, and thus is operating in 
the saturation region, such that 





( 5 . 97 ) 


w'here we have neglected channel-length modulation (i.e., assumed A - 0). The drain current 
of Q, is supplied by V DD through resistor R. Since the gate currents are zero, 



(5.98) 


where the current through R is considered to be the reference current of the current source 
and is denoted / REf , Given the parameter values of Q [ and a desired value for / REF , Eqs. 1 5.97) 
and (5.98 1 can be used to determine the value of JR. Now consider transistor Q 2 : It has the 
same I ,, v as thus il We assume that it is operating in saturation, its drain current, which is 
the desired current / of the current source, will be 


/ = / D2 = \e„ [j)(V us - V,) 1 (5.99) 

where we have neglected channel-length modulation. Equations (5.98) and (5.99) enable us 
to relate the current / to the reference current / REF , 


(I W/L) 2 

1 — } - -- 

1 " /REF (^/I), 


( 5 . 100 ) 


Thus / is related to / K[( by the ratio of the aspect ratios ot Q i and Q 2 . This circuit, known as a 
current mirror, is very popular in the design ot 1C MOS amplifiers and will be studied in 
great detail in Chapter 7. 
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n on j n havinp eaual lengths but widths related by W 2 /W x -5, design the 
DS.36 Using two transistors ft and Q , '"f !?a Let K = -V = 5 V, k’( W/L\ = 0.8 mA/V* K = 

rirmit of Fie ^ 55(T>) to obtain / - U.5 mA. Lei l DD ss ’ 1 _ ^ 5 ' 

, v and ^ = 0. Find the required value for *. What is the voltage at the gates of ft and ft? What 
is the lowest voltage allowed at the drain of ft while ft remains m the saturation region? 

Arts. 85 kO; -3.5 V; -4.5 V 


5.7.5 A Final Remark 

The bias circuits studied in this section are intended for discrete-circuit applications. 
The only exception is the current mirror circuit of Fig. 5.55(b) which, as mentioned 
above, is extensively used in 1C design. Bias arrangements for 1C MOS amplifiers will 
be studied in Chapter 7. 


5.8 Discrete-Circuit MOS Amplifiers 

With our study of MOS amplifier basics complete, we now put everything together by 
presenting practical circuits for discrete-circuit amplifiers. These circuits, which utilize 
the amplifier configurations studied in Section 5.6 and one of the biasing methods of Sec¬ 
tion 5.7, can be assembled using off-the-shelf discrete transistors, resistors, and capaci¬ 
tors. Though practical and carefully selected to illustrate some important points, the 
circuits presented in this section should be regarded only as examples of discrete-circuit 
MOS amplifiers. Indeed, there is a great variety of such circuits, a number of which are 
explored in the eml-of-chapter problems. We should, however, caution the reader that 

MOS transistors are primarily used in integrated circuit design, as we shall see in Chapter 
7 and beyond. 71 

In this section we present a series of exercise problems. Exercises 5.37 to 5.41, that are 

u 11 cncd io illustrate important aspects of the amplifier circuits studied. Iheseexer- 

dses are also intended to enable the reader to see more clearly the differences between the 

various circuit configurations. We strongly urge the reader to solve these exercises. As usual, 
the answers are provided. * 


5.8.1 The Basic Structure 

X ^ circuit we shall utilize to implement the various configurat 

^JZT^r! rCUlt u M0S ampliflers - Amon 8 the various schemes for biasing MOS amplii 
ins constant r VC Tu- se J ecte d, tor both its effectiveness and its simplicity, the one emp 

ing at various nodes. ' aSmg ’ F ' gUre 556 md,Cates the dc current and the dc volta 8 es 
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5.37 Consider the circuit of Fig. 5.56 for the case V 0D = F ss = 10 V, / = 0.5 mA, R a = 4.7 MQ, R 0 = 15 
kO, V t — 1.5 V, and k n (W/L) = 1 mA/V". Find V 0fn V GS , V c , V s , and V D . Also, calculate the values of 
g m and r 0 , assuming that V A = 75 V. What is the maximum possible signal swing at the drain for 
which the MOSFET remains in saturation? 

Ans. See Fig. E5.37; without taking into account the signal swing at the gate, the drain can swing to 
-1.5 V, a negative signal swing of 4 V 


+ 10 V 

1 

0.5 mA I 


15 kfi 


0 V 


0 mA 


f 


■o +2.5 V 




4.7 MO 


0.5 mA 



o -2.5 V 


Figure E5.37 


V w = 1 V 

F g5 = 2.5 V 



8 m 

r. 


rj 


I fa 
1 / hm 


1 mA/V 

150 kO 
1 kO 


D 



— 
























































































316 Chapter 5 



very 




MOS Field-Effect Transistors (MOSFETs) 

5.8.2 The Common-Source (CS) Amplifi6r ^^iH|H 

As mentioned in Section 5.6, the common-source (CS) configuration is the most widely used 
of .U MOSFET amplifier circuits. A common-source amplifier realized using the circuit of 
Fie. 5.56 is shown in Fig. 5.57(a). Observe that to establish a signal ground, or an ac ground 
as it is sometimes called, at the source, we have connected a large capacitor, C s , between the 
source and ground This capacitor, usually in the microfarad range, is required to provide a 
small impedance (ideally, zero impedance; i.e., in effect, a short circuit) at all signal fre¬ 
quencies of interest. In this way, the signal current passes through C s to ground and 
bypasses the output resistance of current source / (and any other circuit component that 
be connected to the MOSFET source); hence, C s is called a bypass capacitor. Obviously, the 
lower the signal frequency, the less effective the bypass capacitor becomes. This issue will be 
studied in Section 9.1. For our purposes here we shall assume that C s is acting as a perfect 
short circuit and thus is establishing a zero signal voltage at the MOSFET source. 

In order not to disturb the dc bias current and voltages, the signal to be amplified, 
shown as voltage source v sj with an internal resistance /? sig , is connected to the gate through 
a large capacitor C a . Capacitor C a , known as a coupling capacitor, is required to act as a 
perfect short circuit at all signal frequencies oil interest while blocking dc. Here again, we 
note that as the signal frequency is lowered, the impedance of C cl (i.e., \/jcoC cx ) will 
increase and its effectiveness as a coupling capacitor will be correspondingly reduced. This 
problem too will be considered in Section 9.1 when the dependence of the amplifier operation 
on frequency is studied. For our purposes here we shall assume C, , is acting as a perfect short 
circuit as far as the signal is concerned. Before leaving C C] , we should point out that when the 
signal source can provide an appropriate dc path to ground, the gate can be connected directi} 
to the signal source and both R (i and C cl can be dispensed with. 

The voltage signal resulting at the drain is coupled to the load resistance R, via another 
coupling capacitor C (2 . We shall assume that C c2 acts as a perfect short circuit at all signal 
frequencies of interest and thus that the output voltage v ti ~ v d . Note that R } can be either an 
actual load resistor, to which the amplifier is required to provide its output voltage signal, or 
it can be the input resistance of another amplifier stage in cases where more than one stage oi 
amplification is needed. (We will study multistage amplifiers in Chapter 8.) 



A 



Figure 5.56 Basic structure of the circuit used to 
realize single-stage, discrete-circuit MOS amplify 
configurations. .H 
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Figure 5.57 (a) Common-source amplifier based on the circuit of Fig. 5.56. (b) Equivalent circuit of the 
amplifier for small-signal analysis. 

To determine the terminal characteristics of the CS amplifier—that is, its input resistance, 
voltage gain, and output resistance—we replace the M( >SFE1 with its small-signal model. 

The resulting circuit is shown in Fig. 5.57(b). 

We observe that the only difference between this circuit and the stripped-down vei sion 
studied in Section 5.6.3 (Fig. 5.45) is that here we have the bias resistance R G . Since R c 
appears across the input terminals of the amplifier, the input resistance will no longer be 
infinite, rather 



G 


To keep R in high, a large value o* R c (in the megohm range) is usually selected. The finite 
R m will affect the overall voltage gain G., which becomes 



R 


R c -i- R 





( 5 . 101 ) 


Finally, to encourage the reader to do the analysis directly on the circuit diagram, with the 
MOSFET model used implicitly, we show some ol the analysis on the circuit in Fig. 5.57(a). 
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1>r i ^ j n pirruit analyzed in Exercise 537. Specifically, refer to the 
5.38 Consider a CS amp 1 ier Find J? A and R , both without and with /• taken 

remits of that exercise shown in Fig. E5.3/. nna« in ,/i vo , aim ^en 

into account Then calculate the overall voltage gain G,, with r. taken mto account, lor the case 
71 ,00 kG and R, = 15 kG. lft»* is a 0.4-V peak-to-peak smusotd what output signalI results- 

AM. Withoutr.: R. -4.7 MG,=-15 V/V, and R, = 15 kG; with R - 4.7 MG, A =-136 
V'V and R = 13.6 kQ; G v = -7 V/V: v„ is a 2.8-V peak-to-peak sinusoid superimposed on a dc 

drain voltage ot +2.5 V. 



5.8.3 The Common-Source Amplifier with a Source Resistance 


As demonstrated in Section 5.6.4, a number of beneficial results can be obtained by connecting 
a resistance R in the source lead of the transistor in the CS amplifier. This is shown in Fig. 
5.58(a). where R , is, of course, unbypassed. Figure 5.58(b) shows the small-signal equivalent- 
circuit model. Observe that the only difference between this circuit and the simplified version 
studied in Section 5.6.4 is the bias resistance R ti that appears across the input terminals and 
makes R in finite. This will in turn affect the overall voltage gain G t „ which becomes 



Finally, note that much of the analysis is shown both on the actual circuit in Fig. 5.58(a) and 
on the equivalent circuit in Fig. 5.58(b). 


EXERCISE 


5.39 In Exercise 5.38 we applied an input signal of 0.4 V peak-to-peak, which resulted in an output sig¬ 
nal of the CS amplifier of 2.8 V peak-to-peak. Assume that for some reason we now have an input 
signal three times as large as before (i.e., 1.2 V p-p) and that we wish to modify the circuit to keep 

the output signal level unchanged. What value should we use for R *> 

Ans. 2.15 kQ 


5.8.4 The Common-Gate (CG) Amplifier 

Ihgure 5.5 9 (a) shows a CG amplifier obtained from the circuit of Fig. 5.56. Observe that since 

° , e , c anC * ac V0 ^S es at die gate are to be zero, we have connected the gate directly to 
ground, thus eliminating resistor R G altogether. Coupling capacitors C , and C r2 perform simi¬ 
lar functions to those in the CS circuit. 

Wp nnt 3+ 3°^’ equivalent c * rcu ' t model of the CG amplifier is shown in Fig. 5.59(b)- 
rhp rr o 33 C ! rcu ^ * s identical to the equivalent circuit of the stripped-down version ot 
Section S JV ier, m j^g- 5.48(b). Thus the analysis performed and the results obtained in 
Fia 5 5Q a PP y meetly here. A substantial portion of the analysis is also shown in 
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m re 5.58 (a) Common-source amplifier with a resistance R s in the source lead, (b) Small-signal equiv- 
.ni circuit with v o neglected. 




































































































320 Chapter 5 


MOS Field-Effect 


Transistors (MOSFETs) 


\' [)D ^ * 

A 



(b) V 

Figure 5.59 (a) A common-gate amplifier based on the circuit of Fig. 5.56. (b) A small-signal equivalent 
circuit of the amplifier in (a). ** 



5.40 


L 


—■—■—— 


^ " a ^ am P^^ er ^signed using the circuit of Fig. 5.56, which is analyzed in Exercise 5.37 
with the analysis results displayed in Fig. E5.37. Note that g m = 1 mA/V and R D = 15 kfl. Find 

for R' = \ kn? n iOkn° ri?t= 1 9^ and/?si « = 50Q - What will the overall voltage gain become 

I kfl, 15 kfl, +b V/V, +7.5 V y, +7.1 V/V ; +3.75 V/V; 0.68 V/V ; 0.07 V/V 
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5.8.5 The Source Follower 


Figure 5.60(a) shows a common-drain amplifier based on the circuit of Fie. 5.56. Since the 
drain is to function as a signal ground, there is no need for resistor R /r and it has therefore 
been eliminated. The input signal is coupled via capacitor C n to the MOSFET gate, and the 
output signal at the MOSFET source is coupled via capacitor C a to a load resistor R 

Replacing the MOSFET with its T model results in the equivalent circuit in Fig. 5.60(b) 
We note that the only do Terence between this circuit and that in Fig. 5.50(b) is the bias resist 

tance Rq that appears across the input terminals. Thus, here too, the input resistance will no 
longer be infinite and the overall voltage gain will become 



R 


( r l II r o ) 


r g + R ,J R > II rj + 1 - 


m 


(5.103) 





Figure 5.60 (a) A source-follower amplifier, (b) Small-signal, equivalent-circuit model. 
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thflt in Fifi . 5.60(a) designed on the basis of the circuit of 
5.41 Consider a source follower such disnlaved in Fig. E5.37. Specifically, note that 

zrXZZzSSm <* •*—> •“ ii - i< “ 1 «*• •* «• *“ “ itn 

account 

, , . „ , 7 M Q-A = 1 V/V (without O. 0 993 V/V <with A " = 0 938 (without O- 

a932 V (with f„); «„ = lkQ (without o. 0.993 kQ (with r„); (b) 0.768 V/V 



5.8.6 The Amplifier Frequency Response 

Thus far we have assumed that the gain of MOS amplifiers is constant, independent of the 
frequency of the input signal. This would imply that MOS amplifiers have infinite band¬ 
width. which of course is not true. To illustrate, we show in Fig. 5.61 a sketch of the mag- 
nitude of the gain of a common-source amplifier versus frequency. Observe that there is 
indeed a wide frequency range over which the gain remains almost constant. This obvi¬ 
ously is the useful frequency range of operation tor the paiticular amplifier. Thus tar, we 
have been assuming that our amplifiers are operating in this frequency band, called the 

midband. .< jfc 

Figure 5.61 indicates that at lower frequencies, the magnitude of amplifier gain Tails off. 

This is because the coupling and bypass capacitors no longer have low impedances. Recall 
that we assumed that their impedances were small enough to act as short circuits. Although 
this can be true at midband frequencies, as the frequency of the input signal is lowered, the 
reactance l//coC ol each of these capacitors becomes significant, and it can be shown that 
this results in the overall voltage gain of the amplifier decreasing. 

Figure 5.61 indicates also that the gain of the amplifier falls off at the high-frequency 
end. This is due to the internal capacitive effects in the MOSFET. We have had a brief intro¬ 
duction to such capacitive effects in our study of the pn junction in Chapter 3. In Chaptei f 
we shall study the internal capacitive effects of the MOSFET and will augment the hybrid-fl 
model with capacitances that model these effects. 

9 

W e will undertake a detailed study of the frequency response of MOS amplifiers id 
C hapter 9. For the time being, however, it is important for the reader to realize that forever) 
MOS amplifier there is a finite band over which the gain is almost constant. The boundaries 
ol tliis useful frequency band or midband, are the two frequencies f) and at which the 
gain drops by a certain number of decibels (usually 3 dB) below its value at midband, As 
indicated in Fig. 5.61, the amplifier bandwidth, or 3-dB bandwidth, is defined as the differ¬ 
ence between the lower (f L ) and the upper or higher ( f H ) 3-dB frequencies: 

BW = /„-/, < 5104) 

and since usually f L <§ f 

B W - f H 


(5.105) 
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Figure 5.61 A sketch of the frequency response of a CS amplifier delineating the three frequency hands of 
interest. 

A figure of merit for the amplifier is its gain-bandwidth product, defined as 

GB - \A^ BW (5.106) 

where |4y| is the magnitude of the amplifier gain in the midband. It will be seen in Chapter 9 
that in amplifier design it is usually possible to trade off gain for bandwidth. One way to accom¬ 
plish this, for instance, is by includi ng resistance R :v in the source of the CS amplifier. 


5.9 The Body Effect and Other Topics 11 



In this section we briefly consider a number of important though secondary 


issues. 


5.9.1 The Role of the Substrate—The Body Effect 

f many applications the source terminal is connected to the substrate (or body) terminal B, 

which results in the pn junction between the substrate and the induced channel (review Fig. 

5.5) having a constant zero (cutoff) bias. In such a case the substrate does not play any role 
1 * . 

ln v'ircuit operation and its existence can be ignored altogether. 

In integrated circuits, however, the substrate is usually common to many MOS transis¬ 
tors. In order to maintain the cutoff condition for all the substrate-to-channel junctions, the 
substrate is usually connected to the most negative power supply in an NMOS circuit (tiie 
most positive in a PMOS circuit). The resulting reverse-bias voltage between source and 
b °dy ( V SB in an ^-channel device) will have an effect on device operation. To appreciate this 
fact, consider an NMOS transistor and let its substrate be made negative relative to the 


© 11 


This 
howeve 


section can be omitted in a first reading with little or no loss of continuity, 
r, will be required for the study of digital circuits in Chapter 13. 


Some of this material. 
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o 


o 


.. ., aae w i|| widen the depletion region (refer to Fig. 5.2). This in 
“d^es r the r channe. depth. To return the channe. to its former state, u cs has to be 

increased. ^ the channe| can be mos , conveniently represented as a change in the 

threshold voltage ^ Wally, » has 1* shown that inking the reve.e substrate bias 
voltage y„ results in an increase in V, according to the relationship 


I F 


IF i 






F) 




where F, n is 

0.6 V; y is a 


the threshold voltage for V SB = 0; <j) f is a physical parameter with (20 f ) typically 
fabrication-process parameter given by 



( 5 . 108 ) 


where q is the electron charge {1.6 x 1 O' 19 C), N A is the doping concentration of the p-type sub¬ 
strate. and £ f is the permittivity ot silicon (11.7^ = 11-7 x 8.854 x 10 — 1.04 x 10 F/cm). 

The parameter yhas the dimension of Jv and is typically 0.4 V 12 . Finally, note that 
Eq 1 5.107) applies equally well for ^-channel devices with V SB replaced by the reverse bias 
of the substrate, V BS (or, alternatively, replace V SB by | F S5 |) and note that y\s negative. Also, 
in evaluating y N t must be replaced with N Ln the doping concentration of the n well in 
which the PMOS is formed. For ^-channel devices, 20 f is typically 0.75 V, and y is typically 
-0.5 V ,/2 . 



5.42 An NMOS transistor has 1' 0 = 0.8 V, 2<p f = 0.7 V, and y= 0.4 V'Find V t when V SB = 3 V. 
Ans. 1.23 V 


Equation (5.1 H 7) indicates that an incremental change in V SB gives rise to an incremental 
change in V t , which in turn results in an incremental change in i D even though might have 
been kept constant. It follows that the body voltage controls thus the body acts as another 
gate for the MOSFET, a phenomenon known as the body effect. Here we note that the 
parameter yis known as the body-effect parameter. 


5.9.2 Modeling the Body Effect 

ttoned above the body effect occurs in a MOSFET when the source is not tied tot 
substrate (which is always connected to the most negative power supply in the integral 
circuit for '/-channel devices and to the most positive for p-channel devices). Thus the su 
strate (body) will be at signal ground, but since the source is not, a signal voltage v hs devi 
ps etween the body (B) and the source (S). The substrate then acts as a “second gate oi 

M h* n* e *° rt ^ e MOSFET. Thus the signal v bs gives rise to a drain-current component, w 
wnte as g mb v bs , where g mh is the body transconductance, defined as 


V GS ~ constanl 

r, ,,, ^| Vds = constant 

eca ing t at i D dq'rmjs on v BS through the dependence of V { 


di 


U, D 


(5.109) 


r 0n K 




we can show that 
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(b) 

Figure 5.62 Small-signal, equivalent-circuit model of a MOSFET in which the source is not connected to 
the body. 


gmb = Zg m 


(5.110) O 


where 


Z = 


3V, 


dV, 


L 


sb 2 J2 0. + V SB 


(5.111) 


Typically the value of x l> es in the range 0.1 to 0.3. 

Figure 5.62 shows the MOSFET model augmented to include the controlled source 
gmh v h models the body effect. Ideally, this is the model to be used whenever the source is 
not connected to the substrate. It has been found, however, that except in some very particular 
situations, the body effect can generally be ignored in the initial, pencil-and-paper design of 
MOSFET ampli tiers. 

Finally, although the analysis above was performed on a NMOS transistor, the results and 
the equivalent circuit of Fig. 5.62 apply equally well to PMOS transistors, except for using 
|FJ, |F 0( |, |E ( |, |F 5g |, |y), and \A\ and replacing A'with k' in the appropriate formula. 


5.9.3 Temperature Effects 

Both V t and k’ are temperature sensitive. The magnitude of V t decreases by about 2 mV for 
every 1°C rise in temperature. This decrease in 11 7 ,)gives rise to a corresponding increase in 
drain current as temperature is increased. However, because k r decreases with temperature 
and its etfect is a dominant one, the overall observed effect of a temperature increase is a 
decrease in drain current. This very interesting result is put to use in applying the MOSFET 
in power circuits (Chapter 11). 


5.9.4 Breakdown and Input Protection 

As the voltage on the drain is increased, a value is reached at which the pn junction between 
the drain region and substrate suffers avalanche breakdown (see Section 3.5.3). This break¬ 
down usually occurs at voltages of 20 V to 150 V and results in a somewhat rapid increase 
In CUrre nt (known as a weak avalanche). 
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, u .,y„n effect that occurs at lower voltages (about 20 V) in modem devices 
Another breakd . dev j ces with relatively short channels when the drain 

is called P unch ' thr ““f he im that the depletion region surrounding the drain region extends 
ttojh '.^channel to the source. The drain current then increases rapidly. Normally, p unc , 

through does not result m ^cTurTwhen the ga.e-to-source voltage exceeds about 

, n V This is the breakdown of the gate oxide and results in permanent damage to the 
device Although 30 V may seem high, it must be remembered t.at t e MOSFET has a 
verv high input resistance, and a very small input capacitance, and thus small amounts of 
stadc charge accumulating on the gate capacitor can cause its breakdown voltage to be 

exceeded 

To prevent the accumulation of static charge on the gate capacitor of a MOSFET, gate- 
protection devices are usually included at the input terminals ot MOS integrated circuits. The 
nrntertinn mechanism invariably makes use of clamping diodes. 


5.9.5 Velocity Saturation 

At high longitudinal electric fields, the drift velocity of charge carriers in the channel 
reaches an upper limit (approximately 10’ cm/s for electrons and holes in silicon). This 
effect, which in modem very-short-channel devices can occur for v m lower than I V, is 
called velocity saturation. It can be shown be that when velocity saturation occurs, the cur¬ 
rent i D will no longer be related to i- cs by the square-law relationship. Rather, i D becomes lin¬ 
early dependent on v as and the transconductance g m becomes constant and independent ot 
v GS . In Chapter 13, we shall consider velocity saturation in our study of deep submicron (i.e, 
L < 0.25 Jim) CMOS digital circuits. i 


5.9.6 The Depletion-Type MOSFET 

We conclude this section with a brief discussion of another type of MOSFET, the deple¬ 
tion-type MOSFET. Its structure is similar to that of the enhancement-type MOSFET 
with one important difference: 1'he depletion MOSFET has a physically implanted 
channel. Thus an «-channel depletion-type MOSFET has an n-type silicon region con¬ 
necting the n* source and the n + drain regions at the top of the p -type substrate. Thus it 3 
voltage v DS is applied between drain and source, a current i n flows for v GS = 0. In other 

words, there is no need to induce a channel, unlike the case the enhancement 
MOSFET. 

The channel depth and hence its conductivity can be controlled by i' t;v in exactly the 
same manner as in the enhancement-type device. Applying a positive v GS enhances the chan¬ 
nel by attracting more electrons into it. Here, however, we also can apply a negative 
which causes electrons to he repelled from the channel, and thus the channel becomes shal¬ 
lower and its conductivity decreases. The negative v GS is said to deplete the channel of its 
charge carriers, and this mode of operation (negative v cs ) is called depiction mode. As the 
magnitude ot v GS is increased in the negative direction, a value is reached at which the chan 
ne is completely (llepleted of charge carriers and i h is reduced to zero even though 

v/rr/cLr ne S a ^ ve va ^ ue ofv cs is the threshold voltage of the ^-channel deplc ll0n 
type MOSFET. 

, The descr 'Pt'on above suggests (correctly) that a depletion-type MOSFET can be oper- 
e en lancemenl mode by applying a positive v cs and in the depletion mode ty 
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applying a negative v GS . This is illustiaied in Fig. 5.63, which shows both the circuit symbol 
for the depletion NMOS transistor (Fig. 5.63a) and its i D —v GS characteristic. Observe that here 
the threshold voltage V M is negative. The i D -v DS characteristics (not shown) are similar to 
those for the enhancement-type MOSFET except for the negative V m , Finally, note that the 
device symbol denotes the existing channel via the shaded area next to the vertical line. 

Depletion-type MOSF ETs can be fabricated on the same 1C chip as enhancement-type 
devices, resulting in circuits with improved characteristics, as will be shown in a later 
chapter. 



Figure 5.63 The circuit symbol (a) and the i D -v cs characteristic in saturation: (b) for an ^-channel 
depletion-type MOSFET. 



5.43 For a depletion-type NMOS transistor with V = -2 Vand k' n (W/L ) = 2 mA/V , find the minimum 
x* m required to operate in the saturation region when v as = +1 V. What is the corresponding value 


of 4? 


Ans, 3 V; 9 mA 
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Summary 

■ The enhancement-type MOSFET is currently the most 
widely used semiconductor device. It is the basis of 
CMOS technology, which is the most popular IC fabri¬ 
cation technology at this time. CMOS provides both n~ 
channel (NMOS) and ^-channel (PMOS) transistors, 
which increases design flexibility. The minimum MOS¬ 
FET channel length achievable with a given CMOS pro¬ 
cess is used to characterize the process. This figure has 
been continually reduced and is currently 45 nm. 


The overdrive voltage, \v ol 


v 


GS 


V ! , is the key 


quantity that governs the operation ol the MOSFET. For 
the MOSFET to operate in the saturation region, which is 
the region for amplifier application, |u DS | > and me 

resulting i D = fi n C 0X (WlL)v 2 0V (for NMOS; replace 
fl n with (l p for PMOS). If \v DS \ < \v 0i \, the MOSFET 
operates in the triode region, which together with cutoT 
is used for operating the MOSFET as a switch. 


■ Tables 5.1 and 5.2 provide summaries of the conditions 
and relationships that describe the operation of NMOS 
and PMOS transistors, respectively. 


In saturation, i D shows some linear dependence on v DS as 
a result of the change in channel length. This channel- 
length modulation phenomenon becomes more pro¬ 
nounced as L decreases. It is modeled by ascribing an out¬ 
put resistance r 0 = \V A \/I D to the MOSFET model. 
Although the effect of r a on the operation of discrete- cir¬ 
cuit MOS amplifiers is small that is not the case in IC 
amplifiers (Chapter 7). 


■ The essence of the use of the MOSFET as an amplifier 

is that in saturation v GS controls i D in the manner of a 

voltage-controlled current source. When the device is 

dc biased in the saturation region and the signal v is 

kept small, the operation of the MOSFET becomesal- 
most linear. 


■ A systematic procedure to analyze a MOS amplifier cir¬ 
cuit consists of replacing the MOSFET with one of its 
small-signal, equivalent-circuit models (Refer to Tabk 
5.3). DC voltage sources are replaced by short circuits, 
and dc current sources by open circuits. The analysis is 
then performed on the resulting equivalent circuit. 


In cases where a resistance is connected in series with the 
source lead of the MOS NET, the T model is the most con¬ 
venient to use. 

The three basic configurations of MOS amplifiers are 
shown in Fig. 5.43 (without the bias arrangements) 

Their characteristic parameter values are provided i n 
Table 5.4. 

The CS amplifier has (ideally) infinite input resistance 
and a reasonably high gain but a rather high output resis¬ 
tance and a limited high-frequency response. It is used to 
obtain most of the gain in a cascade amplifier. 

Adding a resistance /?, in the source lead of the CS am¬ 
plifier can lead to beneficial results. 

The CG amplifier has a low input resistance and thus it 
alone has limited and specialized applications. Flowe\- 
er, its excellent high-frequency response makes it at¬ 
tractive in combination with the CS amplifier (Chapters 
7 and 9). “jj 

The source follower has (ideally) infinite input resis¬ 
tance, a voltage gain low er than but close to unity, and a 
low output resistance. It is employed as a voltage buffer 
and as the output stage of a multistage amplifier. 

A key step in the design of transistor amplifiers is to bias 
the transistor to operate at an appropriate point in the sat- 
uration region. \ good bias design ensures that the param¬ 
eters of the bias point, /,,, I' J( , and C, 5 , are predictable and 
stable, and do not vary by a large amount when the tran¬ 
sistor is replaced by another of the same type. 

As evidenced by the example circuits given in Section 
5.8, discrete-circuit MOS amplifiers utilize large cou¬ 
pling and bypass capacitors. As will be seen in Chapter /, 
this is not the case in IC amplifiers. 

The depletion-type MOSFET has an implanted chan¬ 
nel and thus can be operated in either the depletion or 
enhancement modes. It is characterized by the same 
equations used for the enhancement device except for 
having a negative V f (positive V t for depletion PMOS 
transistors). 


Computer Simulation Problems 

BO Problems identified by this icon are intended to dem¬ 
onstrate the value of using SPICE simulation to verify hand 
analysis and design, and to investigate important issues such 
as allowable signal swing and amplifier nonlinear distortion. 
Instructions to assist in setting up PSpice and Multisim sim¬ 
ulations for all the indicated problems can be found in the 
corresponding files on the disc. Note that if a particular 
parameter value is not specified in the problem statement, 
you are to make a reasonable assumption. 

* difficult problem; ** more difficult; *** very challenging 
and/or time-consuming; D: design problem. 

Section 5.1: Device Structure and 
Physical Operation 4 

5,1 MOS technology is used to fabricate a capacitor, utiliz¬ 
ing the gate metallization and the substrate as the capacitor 
electrodes. Find the area required per 1-pF capacitance for 
oxide thickness ranging from 2 nm to 10 nm. For a square 
plate capacitor of 10 pF, what dimensions are needed? 


and l { - 0.5 V. Sketch and clearly label the graphs for 
^ GS ~ 0.5, 1.0. ! .5, 2.0, and 2.5 V. Let V DS be in the range 0 
to 50 mV. Give the value of r DS obtained for each of the five 
values of T' G5 . Although only a sketch, your diagram should 
be drawn to scale as much as possible. 

D 5.7 An ^-channel MOS device in a technology for which 
oxide thickness is 20 nm, minimum channel length is 1 pm, 
K - 100 pA/V 2 , and V t - 0.8 V operates in the triode 
i'egion, with small v DS and with the gate—source voltage in 
the range 0 V to +5 V. What device width is needed to 
ensure that the minimum available resistance is 1 k£T? 

5.8 Consider an NMOS transistor operating in the triode 
region with an overdrive voltage V oy . Find an expression 
for the incremental resistance 


v DS~ l DS 

Give the values of r ds in terms of k n and V ov for * z>s - O' 
0,5 V ov , 0.8 V 0r , and V ov , 


5.2 Calculate the total charge stored in the channel of an 
NMOS transistor having C ox = 6 fF/pnr, L = 0.25 pm, and 
W= 2.5 pm, and operated at V ov - 0.5 V and V DS = 0 V. 


5.3 Use dimensional analysis to show that the units of the pro¬ 
cess transconductance parameter fc' n are A/V\ What are the 
dimensions of the MOSFET transconductance parameter k n 7 

5.4 An NMOS transistor that is operated with a small x> DS 
is found to exhibit a resistance r DS . By what factor will r DS 
change in each of the following situations? 


(a) V oy is doubled. 

(b) The device is replaced with another fabricated in the 
same technology but with double the width. 

(c) The device is replaced with another fabricated in the same 
technology but with both the width and length doubled. 

id) The device is replaced with another fabricated in a more 
advanced technology for which the oxide thickness is halved 
and similarly for IT and L (assume /J ti remains unchanged). 


D 5.5 An NMOS transistor fabricated in a technology for 
which k n ~ 400 pA/V 2 and V f = 0,4 V is required to oper¬ 
ate with a small v DS as a variable resistor ranging in value from 
200 Q to 1 kE2. Specify the range required for the control volt- 
a £ e gs an d the required transistoi width W. It is required to 
Use smallest possible device, as limited by the minimum 
channel length of this technology (Z, mjn = 0.18 pm) and the 
maximum allowed voltage of 1.8 V, 


• M.ien a set ot i D —v DS characteristic curves lor ar 
4VIOS transistor operating with a small v DS (in the mannei 
shown in Fig. 5.4). Let the MOSFET have k„ = 5 mA/V : 


5.9 An NMOS transistor with k n - 1 mA/V 2 and V, - 1 V 
is operated with V cs - 2,5 V. At what value of V DS does 
the transistor enter the saturation region? What value of I D 
is obtained in saturation? 

5.10 Consider a CMOS process for which L mn — 0.25 pm, 
t— 6 nm, u = 460 cnr/V• s, and V. = 0.5 V. 

" rl J 

(a) Find C ox and k '. 

(b) For an NMOS transistor with W/L = 15 pm/0.25 pm, 
calculate the values of V ol , 1^, and I Mmin needed to operate 
the transistor in the saturation region with a dc current I D = 0.8 
mA. 

(c) For the device in (b), find the value of V ol and V os 
required to cause the device to operate as a 500-£2 resistor 
for very small v DS . 

5.11 A p-channel MOSFET with a threshold voltage 
V = -0.7 V has its source connected to ground. 

(a) What should the gate voltage be for the device to operate 
with an overdrive voltage of j Vq V | = 0.5 V? 

(b) With the gate voltage as in (b), what is the highest volt¬ 
age allowed at the drain while the de\ ice operates in the sat¬ 
uration region? 

(c) If the drain current obtained in (b) is 1 mA. what would 
the current be for V D ~ -10 mV and for V D - -2V? 

5.12 With the knowledge that ju p - 0.4//„, what must be 
the relative width of ^-channel and ^-channel devices if 
they are to have equal drain currents when operated in the 
saturation mode with overdrive voltages of the same 
magnitude? 
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5.13 An //-channel device has k' n = 50 fiA/V, V t - 0-8 , 
and W/L = 20. The device is to operate as a switch tor small 

v DS , utilizing a control voltage v GS in the range 0 V to 5 
Find the switch closure resistance, r DS , and closure voltage, 
V jts , obtained when u cs = 5 V and i D = l tnA. Recalling that 
fi? — 0.4//„, what must W/L be for a //-channel device that 
provides the same performance as the //-channel device in 
this application? 

5.14 Consider an //-channel MOSFET with t ox = 9 nm, - 
500 cmW-s, V t = 0.7 V, and W/L = 10. Find the drain cur¬ 
rent in the following cases: 

(a) v GS = 5 V andv D5 = 1 V 

(b) - 2 V and v m = 1.3 V 

(c) v GS = 5 V and v DS = 0.2 V 

(d) '‘■’as ~ V ds ~ - ^ 

5.15 This problem illustrates the central point in the elec¬ 
tronics revolution that has been in el feet for the past four 
decades: By continually reducing the MOSFET size, we are 
able to pack more dev ices on an IC chip. Gordon Moore, 


co-founder of Intel Corporation, predicted this exponential 
growth of chip-packing density very early in the history of 
the development of the integrated circuit in the formulation 
that has become known as Moore’s law. 

The table below shows four technology generations 
each characterized by the minimum possible MOSFET 
channel length (row 1). In going from one generation to 
another, both L and t ox are scaled by the same factor. The 
power supply utilized V DD is also scaled by the same factor, 
to keep the magnitudes of all electrical fields within the 
device unchanged. Unfortunately, but for good reasons. V 
cannot be scaled similarly. 

Complete the table entries, noting that row 5 asks for 
the transconductance parameter of an NMOS transistor with 
W/L = 10; row 9 asks for the value of I f) obtained with 
V GS - V DS = V DD ; row 10 asks for the power 
P = V DD I D dissipated in the circuit. An important quantity 
is the power density, PI A , asked for in row 11. Finally, you 
are asked to find the number of transistors that can be placed 
on an IC chip fabricated in each of the technologies in terms 
of the number obtained with the 0.5-pm technology (n). 


] 

L l pm| 

0.5 

0.25 

0.18 

0.13 

1 

dm 

t ox (nm) 

to 




3 

C ox (fF/pm 2 ) 





4 

K OiA/V 3 ) 

(//„ = 500 cm7 V • s ) 





5 

k n (mA/V 3 ) 
for W/L ~ 10 





6 

Device area, A (gm 3 ) 





7 

< 

5 




8 

V, (V) 

0.7 

0.5 

0.4 

0.4 

9 

Id ( mA l 

For V r . - y - y 

GS DS - Y DD 





10 

P (mW) 





11 

PI A (mW/ gm 2 ) 





12 

Devices per chip 

n 
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Section 5.2: Current-Voltage Characteristics 

in the following problems, when A is not specified, assume 
it is zero. 

5.16 Show that when channel-length modulation is neglected 
(i.e., A - 0), plotting i D /k n versus v DS for various values of 
v ov , and plotting i D /k fl versus v Qf for v DS > v oy , results 
in universal representation of the i D - v DS and i D - v GS char¬ 
acteristics of the NMOS transistor. That is, the resulting 
graphs are both technology and device independent. Further¬ 
more, these graphs apply equally well to the PMOS transistor 
by a simple relabeling of variables. (How?) What is the slope 
at t< /; , = 0 of each of the i D /k n versus v DS graphs? For the 
i D /k, t versus v GS graph, find the slope at a point v ol - V 0I . 

5.17 An NMOS transistor having V t - 1 V is operated in the 
triode region with v f)S small. With V GS ~ 1.5 V, it is found to 
have a resistance r DS of 1 k£2. What value of V GS is required to 
obtain r m = 200 £2? Find the corresponding resistance values 
obtained with a device having twice the value of W. 

5.18 A particular enhancement MOSFE I for which 
I - 0.5 V and k’„{ W/L) = 0.1 mA/V 2 is to be operated in the 
saturation region. If i D is to be 12.5 pA, find the required v GS 
and the minimum required v DS . Repeat for i 0 = 50 pA. 

5.19 A particular //-channel enhancement MOSFET is 
measured to have a drain current of 0.4 mA at V i;s - I ' m - 2 V 
and of 0,1 mA at I oS - V DS = 1.5 V. What are the values of k n 
and V for this device? 


(a) the device width is halved? 

(b) the device length is halved? 

(c) both the width and length are halved? 


5.24 When the drain and gate of a MOSFET are connected 
together, a two-terminal device known as a “diode-connected 
transistor” results. Figure P5.24 shows such devices obtained 
from MOS transistors of both polarities. Show that 


(a) the i-v relationship is given by 


■j 

l 


1 ,,w. 

2 * T lv - 





ate at v — \ V,\ + V ov is given by 






Figure PS.24 


D 5.20 For a particular IC-fabrieation process, the trans¬ 
conductance parameter k' n — 400 pA/V 0 , and l] = 0.4 V. In 
an appl ication in which v cs - v DS - F , y = 1.8 V, a drain cur¬ 
rent of 2 mA is required of a device of minimum length of 
0.1 S pm. What value of channel width must the design use? 

5.21 An NMOS transistor, operating in the linear-resistance 
region with v DS = 0,1 V, is found to conduct 60 pA for 
v as = 2 V and 160 pA for v, ;s = 4 V. What is the apparent 
value of threshold voltage I'? If k'„ = 50 pA/V : , what is 
the device W/L ratio? What current would you expect to 
!l ow with v (iS = 3 V and v DS = 0.15 V? If the device is oper¬ 
ated at i> GS = 3 V, at what value of v ps will the drain end of 
the MOSFET channel just reach pinch-off, and what is the 
corresponding drain current? 

5.22 For an NMOS transistor, for which 1 ’ = 0.5 V, operat¬ 
ing with v cs in the range of 0.8 V to 1.8 V, what is the larg¬ 
est value of v DS for which the channel remains continuous? 

5.23 An NMOS transistor, fabricated with W = 100 pm and 
L==5 pm in a technology for which k' tl = 5( 1 pA/V 2 and 
K = 1 V, is to be operated at very low values of as a linear 
resistor. For v GS varying from 1.1 V to II V, what range ol 
resistor values can be obtained ? What is the available range it 


5.25 For the circuit in Fig. P5.25, sketch i D versus v s fori' s 
varying from 0 to V DD . Clearly label your sketch. 



Figure P5.25 

5.26 For the circuit in Fig. P5.26, find an expression for 
v j)S in terms of i G . Sketch and clearly label a graph tor vp S 

versus i D . 
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Vn 


DS 


Figure P5.26 


v 


G 



Figure P5.28 

’ 5.27 The table below lists 10 different cases labeled (a) to 
(j) for operating an NMOS transistor with V, = 1 V. In each 
case the voltages at the source, gate, and drain (relative to 
the circuit ground) are specified. You are required to com¬ 
plete the table entries. Note that if you encounter a case for 
which v DS is negative, you should exchange the drain and 


Voltage (V) 


Case 

V 

v $ 

K 

V 

a 

+1.0 

+1.0 

+2.0 

b 

+ 1.0 

+2.5 

+2.0 

c 

+ 1.0 

+2.5 

+ 1.5 

d 

+ 1.0 

+ 1.5 

0 

e 

0 

+2.5 

1.0 

f 

+1.0 

+1.0 

+ 1.0 

g 

-1.0 

0 

0 

h 

-1.5 

0 

0 

i 

-1.0 

0 

+ 1.0 

1 j 

+0.5 

+2.0 

+0.5 


V 


6 $ 


source before solving the problem. You can do this because 
the MOSFET is a symmetric device. 

5.28 The NMOS transistor in Fig. P5.28 has V, = 0.4 y 
and k'„(W/L) = 1 mA/V 2 . Sketch and clearly label / 
versus v G with v G varying in the range 0 to +1.8 V. Give 
equations for the various portions of the resulting graph. 

5.29 Fig. P5.29 shows two NMOS transistors operating j n 
saturation at equal l ' GS and V DS . 

(a) If the two devices are matched except for a maximum 
possible mismatch in their W/L ratios of 2%, what is the 
maximum resulting mismatch in the drain currents? 

(b) If the two devices are matched except for a maximum 
possible mismatch in their V, values of 10 mV, what is the 
maximum resulting mismatch in the drain currents? Assume 
that the nominal value of V f is 1 V. 


+ 5V 


+ 2V o 


1 




Q 


Qi 


Figure P5.29 

5.30 For a particular MOSFET operating in the satura¬ 
tion region at a constant r t . s , i r> is found to be 1 mA for 


V 


QV 


OS 


Region of operation 
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v = l V and 1.05 mA for v DS = 2 V. What values of r 0 , 

V , and X correspond? 

5.31 A particular M< »SFET has V A = 50 V. For operation at 
0 .1 mA and 1 mA, what are the expected output resistances? 
In each case, for a change in v DS of 1 V. what percentage 
change in drain current would you expect? 

D 5.32 In a particular IC design in which the standard chan¬ 
nel length is 2 pm, an NMOS device with W/L of 5 operat¬ 
ing at 100 pA is found to have an output resistance of 
0.5 M£2, about \ of that needed. What dimensional change 
can be made to solve the problem? What is the new device 
length? The new device width? The new W/L ratio? What is 

V for the standard device in this IC? The new device? 

I 

D 5.33 For a particular ^-channel MOS technology, in 
which the minimum channel length is 1 pm, the associated 
value of X is 0.02 V" 1 . If a particular device for which L is 
3 pm operates at v DS - 1 V with a drain current of 80 pA, 
what does the drain current become i I’ v DS is raised to 5 V? 
What percentage change does this represent? What can be 
done to reduce the percentage by a factor of 2? 

5.34 An NMOS transistor is fabricated in a 0,8-pm pro¬ 
cess having k’ n - 130 pA/V 2 and V A = 20 V/pm of channel 
length, if L= 1.6 pm and W~ 16 pm, find V A and X. Find the 
value oi I IA that results when the device is operated with an 
overdrive voltage of 0.5 V and V DS - 2 V. Also, find 
the value of r it at this operating point. If V DS is increased by 
1 V, what is the corresponding change in f D ? 

5.35 If in an NMOS transistor, both If and L are quadru¬ 
pled and V ov is halved, by what factor does r Q change? 


D 5.36 Consider the circuit in Fig. P5.29 with both transistors 
perfectly matched but with the dc voltage at the drain of Q t 
lowered to +2 V. If the two drain currents are to be matched 
wit! n 1% (i.e., the maximum dil erence allowed between the 
two currents is 1%), what is the minimum required value of 
V A 1 If the technology is specified to have V\ — 100 V/pm, 
what is the minimum channel length the designer must use? 

5.37 Complete the missing entries in the following table, 
which describes characteristics of suitably biased NMOS 
transistors: 



5.38 An enhancement PMOS transistor has k , p {W!L) = 
80 pA/V 2 , V l = -1.5 V, and X = -0.02 V 1 . The gate is con¬ 
nected to ground and the source to +5 V. ! ind the drain cur¬ 
rent for v D = 44 V, +1.5 V, 0 V, and -5 V. 


5.39 A ^-channel transistor for which j V\ = 1 V and | V A \ - 
50 V operates in saturation with |u GS | = 3 V, 


= 4 V. 


and i D = 3 mA. Find corresponding signed values for v (JS , 
v SG , v DS , v SD , V n V v X, and k'AW/L). 


5.40 The table below lists the terminal voltages of a PMOS 
transistor in six cases, labeled a, b, c, d. e, and f. The transis¬ 
tor has V f = -1 V. Complete the table entries. 





Vo 


\V ov \ 

¥ sd 

Region of 
operation 

a 

+2 

+2 

0 





b 

+2 

+ 1 

0 





c 

42 

0 

0 





d 

+2 

0 

+1 





e 

+2 

0 

+1.5 





f 

+2 

0 

+2 
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5.41 The PMOS transistor in Fig. P5.4I has V tp - -0.5 V. 
As the gate voltage v c is varied from +2.5 V to 0 V, the 
transistor moves through all ot its three possible inodes of 
operation. Specify the value of v G at which the device 

changes modes of operation. 


A +2.5 V 



Figure P5.41 


properly, what is the largest resistor that can be placed j n 
series with each MOSFET source while ensuring saturated- 
mode operation of each transistor at 1 D = /? I n the latter |jm. 
iting situation, what do l\, V v T 3 , and V 4 become? 


+2.5 V + I V +1 v 

4 4 A 

/© 



*5.42 (a) Using the expression for i D in saturation and 
neglecting the channel-length modulation effect (t.e., let 
A = 0), derive an expression for the per unit change in i D per 
C (( di D /i D )/dT\ in terms of the per unit change in k' n per 
°C [( dk' n /k' n )/3T\, the temperature coefficient of V t in V/°C 
{3V,/dT), and V GS and V r 

< b) If 1' decreases by 2 mV for every C rise in temperature, 
find the temperature coefficient of k' n that results in i D 
decreasing by 0.2%/°C when the NMOS transistor with V = 1 
V is operated at V GS - 5 V. 


5.43 Various NMOS and PMOS transistors, numbered 1 
to 4, are measured in operation, as shown in the table at the 
bottom ot the page. For each transistor, find the value of 

fiCJV/L and V t that apply and complete the table, with Fin 
volts, / in pA, and //C m W/L in pA/V 2 . 


*5.44 All the transistors in the circuits shown in Fig. P5.4 
have the same values of | V ,\, k\ W/L, and A. Moreover, A 
negligibly small. All operate in saturation at / = / ar 

j I r I It/ i , . . __ D 


V - 

r GS\ 


V 


DS 


= 1 V. Find the voltages V x , V 2 , V 3 , and V 4 . 

I, = 0.5 V and / = 0.1 mA, how large a resistor can 1 
inserted in series with each drain connection while mail 
taining saturation? What is the largest resistor that can 1 
placed in series with each gate? If the current source 
requires at least 0.5 V between its terminals to opera 




-o v 


(c) 


Figure P5.44 


t 

-1.5 V 
(b) 


+1.25 V 

1 

IQ, 



t 

-1.25 V 
(d) 
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Section 5.3: MOSFET Circuits at DC 

Note: If k is not specified, assume it is zero. 

D 5.45 Design the circuit of Fig. 5.21 to establish a drain 
current of 0.25 mA and a drain voltage of 0 V. The 
MOSFET has V, - \ V, jJ n C m = 60 pA/V 2 , 1 = 3 pm, and 
W - 100 pm. 

D 5.46 For the circuit in Fig. E5.10, assume that Q x and Q 2 
are matched except for having different widths, W x and W 2 . 

L e t V f - 0.5 V, k' n = 0.4 mA/V 2 , = L 2 = 0.36 pm, 
W x - 1.8 pm, and A - 0. 

(a) Find the value of R required to establish a current of 90 pA 
m Qv 

(b) Find W 2 and R 2 so that Q 2 operates at the edge of satura¬ 
tion with a current of 0.9 mA. 

5.47 The transistor in the circuit of Fig. P5.47 has 
k t ' = 0.4 mA/V 2 , V, = 0.5 V, and A - 0. Show that oper¬ 
ation at the edge of saturation is obtained when the follow¬ 
ing condition is satisfied: 

(f)* D = 1.5 ko 

+ 1.8 V 

A 





Figure P5.49 


+2.5 V 

4 



o +1.8 V 


o + 1.0 V 


Figure P5.50 


D 5.51 The NMOS transistors in the circuit of Fig. P5.51 
have V t - 1 V, /r n C ot = 120 pA/V 2 , A = 0, and L x - L 2 = L 3 = 
1 pm. Find the required values of gate width for each of Q x , 
Q 2 , and Q y to obtain the voltage and current values 
indicated. 


Figure P5.47 

5.48 It is required to operate the transistor in the circuit of 
Fig. P5.47 at the edge of saturation with I D — 1 mA. It 
V r = 0.5 V, find the required value of R D . 

D 5.49 The PMOS transistor in the circuit of Fig. P5.49 
has V t = -0.6 V, fi p C tvs = 100 pA/V 2 , L = 0.25 pm, and A = 0. 
Find the values required for W and R in order to establish a 
drain current of 0.8 mA and a voltage V D of 1.5 V. 

D 5.50 The NMOS transistors in the circuit of Fig. P5.50 
have V, = 0.5 V, ju n C ox = 250 pA/V 2 , A- 0, and L x = L l = 
9.25 pm. Find the required values of gate width for each ot 
Q ] and Q 2 , and the value of R . to obtain the voltage and 
current values indicated. 


+ 5 V 



120 pA 


+ 3.5 V 


1.5 V 


Figure PS.51 
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5.52 Consider the circuit of Fig. 5.24un In Example 5.5 
it was found that when F = 1 V and k' n {W/L) = 1 mA/V*, 
the drain current is 0.5 mA and the drain voltage is +7 V. If 
the transistor is replaced with another having V, = 2 Y and 
k’ n ( W/L) = 2 mA/V : , find the new values of I p and V 0 . 
Comment on how tolerant (or intolerant) the circuit is to 
changes in device parameters. 


-MOV 

j 

>4 kfl 

o-O \ 


O 5.53 Using an enhancement-type PMOS transistor with 
V, = -1.5 V, k' p ( W/L ) = 1 mA/V 2 , and X = 0. design a circuit 
that resembles that in Fig. 5.24(a). Usmg a 10-V supply, 
design for a gate voltage of+6 V, a drain current of 0.5 mA. 
and a drain voltage of +5 V. Find the values of R, and R D . 

5.54 The MOSFET in Fig. P5.54 has V t = 0.5 V, k'„ = 
400 pA/V 2 , and X = 0. Find the required values of W/L and 
of R so that w hen v, = V 0D = +1.8 V, r m - 50 Q. and v Q = 
50 mV. 


^DD 

A 



i 0 -1| 


Figure PS.54 

5.55 In the circuits shown in Fig. P5.55, transistors are 
characterized by | V\ = 2 V, k'W/L - 1 mAA/ 2 , and X = 0. 

(a) Find the labeled voltages V, through V v 

(b) In each of the circuits, replace the current source w - ith a 
resistor. Select the resistor value to yield a current as close to 
that of the current source as possible, while using resistors 

specified in the 1% table provided in Appendix G Find the 
new values of F, to V v 

5.56 For each of the circuits in Fig. P5.56, find the labeled 
node voltages. For all transistors, *'( W/L) = 05 mA/V 2 
V, - 0.8 V, and X = 0. 





T 

-10 V 
(a) 

+ 10V 



(c) 

Figure P5.S5 
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-MOV 

A 



-o-o V, 
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+5 V 

A 







<g) 


^re P5.56 


+ 5 V 


*\ ► 



-o 1 


100 (jl A 


(b) 



100 kU 


-o Ik 


i. 


(0 


4-5 V 



(h) 


5.57 For each of the circuits shown in Fig. P5.57, find the 
labeled node voltages. The NMOS transistors have V t - 1 V 
and kl W/L ~ 5 mA/V 2 . 


4-5 V 

A 


4-2.5 V 

t 


4-5 V 

t 


<1 ► 


Q 


1 kfl 


4-O v } 


o V, 


t: 




■o \ 



■J 

t- _ 

—1 


r 

Qi 


—o V, 


1 kii 


o V. 


1 kfl 


-2.5 V 


(a) 

Figure PS.57 


(b) 


*5.58 For the PMOS transistor in the circuit shown in 
Fig. P5.58, k p = 8 pA/V 2 , W/L = 25, and \V lp \ = 1 V. 
For / = 100 pA, find the voltages V ^ and V SG for R = 0, 
10 kfl 30 kfl and 100 kfl For w hat value of R is V m = 


i' or _ v /9*7 V — V /l 0‘> 

1 So’ 1 SD~ * SO ' 1 • * SO - * SG /l U ‘ 



Figure P5.58 
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in 






5.59 For the circuits in 1 ig. P5.59. fl„C dX ~ — « " 

20 jiA/V : , I Vi = 1 V, X= 0, L = 10 uni, and W = 30 nm 

unless otherwise specified. Find the labeled currents and 
voltages. 


+ 3 V 

A 


+3 V 

A 




/ 


\ / 




/ 




<1 — o \ 


V 4 


(a) 

+ 3 V 

A 


(b> 








4 

-o V<; 




(c) 

Figure P5.59 


SIM 


5.60 For the devices in the circuits of Fig. P5.60, 
~ 1 V, /i = 0, //C ot = 50 pA/V 2 , L = 1 pm, and W ~ 
10 pm. Find V 2 and I 2 . How do these values change if £) and 
Q 4 are made to have IF = 100 pm? 

5.61 In the circuit of Fig. P5.61, transistors £), and Q , have V = 
1 V, and the process transconductance parameter k’ ~ 

100 pA/V . Find F„ V v and V 3 for each of the following cases: 

(a) (W/L), = {Wil) 2 = 20 

(b) (W/L) , = 1.5 (W!L) 2 = 20 

Section 5.4: Applying the MOSFET in 
Amplifier Design 


5.62 


Consider the amplifier of Fig. 5.27(a) 


V - 7 s v j * I r r ;'” J.^/ta) with 

0*1^ I I ' , e . M ? SFET "**« = 0.5 V. 


^ ■v< 

k n = 0.25 mA/V : and W/L = 40. 


+5 V 


A 


A 




Q 


v% 






Q 


Figure P5.60 


40 kn 


40 kn 



200 piA 


Figure P5.61 

(a) Find the value of R D that will result in the segment Af 
ot the VTC extending over the range v ns = 0.5 to 2.5 V. 

(b) What are the corresponding values of z/ C5 ? 

(c) Find v DS \ c which corresponds to v GS = V DD . What i: 
the MOSFET’s resistance r /)S at operating point C? 

I If ihe amplifier is biased to operate at V GS = 0.8 V, tint 
^DS and the voltage gain. fl 

5.63 For the amplifier of Fig. 5.29(a) find an expression to 
the bias voltage V GS at which the magnitude of voltage ga> r 
is at its largest value. What is the value of the gain? What r 
the maximum allowable signal swing at this bias point. 
Comment on the practical suitability of this bias point. 

5.64 Consider the amplifier of Fig. 5.29(a) for the cast 
V dd = 5 V, R 0 = 24 kil k'JW/L) = 1 mA/V 2 , and V, = 1 v - 


(a) Find the coordinates of the two end points ot the 
tion-region segment of the amplifier transfer character^ 
that is, points A and B on the sketch of Fig. 5. 
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( 5 ) if the amplifier is biased to operate with an overdrive 
voltage V or of 0.5 V, 11 nd the coordinates of the bias point Q 
on the transfer characteristic. Also, find the value of 1 D and 
of the incremental gain A v at the bias point, 
ic) For the situation in (b), and disregarding the distortion 
caused by the MOSFET’s square-law characteristic, what is 
the largest amplitude of a sine-wave voltage signal that can 
be applied at the input while the transistoi remains in satura¬ 
tion? What is the amplitude of the output voltage signal that 
results? What gain value does the combination of these 
amplitudes imply? By what percentage is this gain value dif¬ 
ferent from the incremental gain value calculated above? 
Why is there a difference? 

5.65 Various measurements are made on an NMOS ampli¬ 
fier for which the drain resistor R 0 is 20 k£2. First, dc mea¬ 
surements show the voltage across the drain resistor, V RD , to 
be 1.5 V and the gate-to-source bias voltage to be 0.7 V. 
Then, ac measurements with small signals show the voltage 
gain to be -10 V/V, What is the value of V t for this transistor? 
If the process transconductance parameter K is 200 pA/V 2 , 
what is the MOSFET’s WflSl 


swing in the negative direction. Assuming linear operation 
around the bias point, show that the largest possible negative 
output signal peak v that is achievable while the transistor 

o 

remains saturated is 

».-<»Wor)/( i + pq] 

For V DD = 5 V and V ov = 0,5 V. provide a table of values for 
A v , v ir and the corresponding T ’. for = 1 V, 1.5 V, 2 V, 
and 2.5 V. If k' n W/L = 1 mA/V 3 , find I D and R n for the design 
for which V DS = 1 V. 

'5.68 Figure P5.68 shows an amplifier in which the load 
resistor R D has been replaced with another NMOS transistor 
Q, connected as a two-terminal device. Note that because v Dli 
oi Q 2 is zero, it will be operating in saturation at all times, 
even when i', = 0 and i D2 — i D] — 0. Note also that the two tran¬ 
sistors conduct equal drain currents. Using i m = i m , show that 
for the range of v, over which Q x is operating in saturation, 
that is, for 

J i ^ V t ^ 71 + \ i 
r / ! — L J — u O^ r t\ 


D 5.66 Refer to the expression for the incremental volt¬ 
age gain in Eq. (5.38). Various design considerations place a 
lower limit on the value of the overdrive voltage V ov . For 
our purposes here, let this lower limit be 0.2 V. Also, 
assume that V DD = 5 V. 

(a) Without allowing any room for output voltage swing, 
what is the maximum voltage gain achievable? 

(b) If we are required to allow for an output voltage swing 
of ±0.5 V, what dc bias voltage should be established at the 
drain to obtain maximum gain? What gain value is achiev¬ 
able? What input signal results in a ±0.5-V output swing? 

(c) For the situation in (b), find W/L of the transistor to 
establish a dc drain current of 100 pA. For the given process 
technology, k' n = 100 pA/V 2 . 

(d) Find the required value of R n . 

5.67 The expression for the incremental voltage gain A, 
given in Eq. (5.38) can be written in as 


the output voltage will be given by 



{W/L), T/ j(W/L), 

( W/L ) 2 1 *J(W/l ) 2 1 


where we have assumed I= F f , = I '. Thus the circuit fiinc- 
tions as a linear amplifier, even foit targe input signals. For 
( W/L )[ = (50 pm/0.5 pm) and ( W/L ) 2 = (5 pm/0.5 pm), 
find the voltage gain. 


V DD 

A 


4 



2(V dd -V ds ) 

A v - - y - 

v ov 

where V DS is the bias voltage at the drain. I his expression 
indicates that for given values of \ 0D and V 0I , the gain mag¬ 
nitude can be increased by biasing the transistor at a lower 
This, however, reduces the allowable output signal 


v i °-l|~ J ?i 

Figure PS.68 
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Section 5.5: Small-Signal Operation and 
Models 

*5.69 This problem investigates the nonlinear distortion 
introduced by a MOSFET amplifier, Let the signal y m be a sine 
wave with amplitude 1' . and substitute ^ = F sin (Of m Eq. 
(5.43). Using the trigonometric identity sin 0- - - y cos2 V, 
show that the ratio of the signal at frequency lm to that 
at frequency co, expressed as a percentage (known as the 

second-harmonic distortion) is 

1 V s 

Second-harmonic distortion = - rr 1 - x 100 

^ y ov 

If in a particular application V gs is 10 mV, find the mini¬ 
mum overdrive voltage at which the transistor should be 
operated so that the second-harmonic distortion is kept to 
less than 1%. 

5.70 Consider an NMOS transistor having k n =10 mA/V . 
Let the transistor be biased at V ov - 1 1.5 V. For operation in 
saturation, what dc bias current I 0 results? If a ( >.05- V signal is 
superimposed on 1 ’ ;5 , find the corresponding increment in col¬ 
lector current by evaluating the total collector current i D and 
subtracting the dc bias cunent I D . Repeat for a -0.05-V signal. 
Use these results to estimate g m of the FET at this bias point. 
Compare with the value ofg m obtained using Eq. (5.48). 

5.71 Consider the FET amplifier of Fig. 5.34 for the case 
V, = 0.4 V, k n =4 mA/V 2 , F (iS = 0.65 V, V DD = 1.8 V, and 
R d = 8 kft. 

(a) Find the dc quantities I D and V D . 

(b) Calculate the value ofg m at the bias point. 

(c) Calculate the value of the voltage gain. 

(d) If the MOSFET has X = 0.1 V _t , find r 0 at the bias point 
and calculate the voltage gain. 

D ‘5.72 An NMOS amplifier is to be designed to provide a 
0.50-V peak output signal across a 50-kQ load that can be used 
as a drain resistor. If a gain of at least 5 V/V is needed. 


vvhatg,, is required? Using a dc supply of 1.8 V, what values of 
I and Vgc would you choose. ^Vhat W/L ratio is required jf 
u = 200 pA/V 2 ? If V, = 0.4 V, find V GS . 

D *5.73 In this problem we investigate an optimum design 
of the CS amplifier circuit of Fig. 5.34. First, use the voltage 
gain expression A v = -g m R D together with Eq. (5.57) for 

e to show that iL 

u ITT 




2I n R 


D tx D 


2 (V DD -V n ) 


D 


l 


/ 


OV 


\ 


Of 


Next, let the maximum positive input signal be To keep 
the second-harmonic distortion to an acceptable level, we 
bias the MOSFET to operate at an overdrive voltage V os $> 
if. Let V ov = mv . Now, to maximize the voltage gain A, 
we design for the lowest possible V D . Show that the mini¬ 
mum V D that is consistent with allowing a negative signal 
voltage swing at the drain of |4 v |tf while maintaining satura¬ 
tion-mode operation is given by 


V D = 


Vov + v i + 2 Vi 


\+2(ti 1 /V ov ) 


Now, find V oy , V D , A v , and v q for the case V DD = 2.5 V. 
£/ = 20 mV, and m ~ 15. If it is desired to operate this transis¬ 
tor at ![, - 100 jiA, find the values of R,, and W/L , assuming 
that for this process technology k n — 100 pA/V‘. 

5.74 In the table below, for enhancement MOS transistors 

operating under a variety of conditions, complete as many 
entries as possible. Although some data is not available, il is 
always possible to calculate g m using one of Eqs. (5.55), 
(5.56) or (5.57). Assume fi n - 500 cmW-s, fi, - 250 cmW s, 
and C ox = 0.4 fF/pm 2 . 21 

5.75 An NMOS technology has (i„C\ n = 250 pA/V 2 and 
V, - 0.5 V. For a transistor with L = 0.5 pm, find the value of 
W that results in g m = 1 mA/V at — 0.25 mA. Also, find the 
required V cs . 






Voltages (V) 

Dimensions (pm) 


- -* — ' ' 

Case 

Type 

t a (mA) 

V G 5 



V 

_ y ov 

w l 

W/L 

kym) 


a 

b 

c 

d 

e 

f 


J 


N 

N 

N 

N 

N 

N 

P 

P 

P 

P 

P 

P 


i 

1 

10 

0.5 

0.1 

0.5 

10 

10 


0. 


i 

mm 

0.7 


0.5 

2 

0.5 


50 


1.8 


3 


0.8 


10 

40 


1 

2 

4 


25 


0.5 


4 
1 

5 


4000 


30 


0.008 
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5.76 For the NMOS amplifier in Fig. P5.76, replace the 
transistor with its f equivalent circuit, assuming X - 0. 
Derive expressions for the voltage gains v s /v f and v d /v r 




0/ = 

'X 


= 500 





Figure P5.77 



Figure P5.76 



SIM 


5.77 In the circuit of Fig. P5.77, the NMOS transis¬ 
tor has | V\ ~ 0.5 V and V A = 50 V and operates with V D - 1 
V. What is the voltage gain v 0 /v, ? What do V D and the gain 
become for I increased to 1 mA? 


5.78 For a 0.8-pm CMOS fabrication process: F,„ = 
0.8 V, V tp = -0.9 V, H a C m = 90 pA/V 2 , fi p C ox = 30 pA N\ 
C 0l = 1.9 fF/pm 2 , V 4 (>r-channel devices) = 8 L (pm), and 
V A \ (y>-channel devices) - 12Z, (pm). Find the small-sig¬ 
nal model parameters (g i;j and rj for both an NMOS and a 
PMOS transistor having W/L = 20 grn/2 pm and 
operating at I D = 100 pA. Also, find the overdrive voltage 
at which each device must be operating. 


’ 5.79 Figure P5.79 show's a discrete-circuit amplifier. The 
input signal is coupled to the gate through a very large 
capacitor (shown as infinite). The transistor source is con¬ 
nected to ground at signal frequencies via a very large 
capacitor (shown as infinite). The output voltage signal that 
develops at the drain is coupled to a load resistance via a 
very large capacitor (shown as infinite). 

(a) If the transistor has V t - 1 V, and k n - 2 mA/V 2 , verify 
that the bias circuit establishes V GS = 2 V, I D = 1 mA, and 
V D = +7.5 V. That is, assume these values, and verify that 
they are consistent with the values of the circuit components 
and the device parameters. 

(b) Find g m and r o if V A = 100 V. 

(c) Draw' a complete small-signal equivalent circuit for the 
amplifier, assuming all capacitors behave as short circuits at 
signal frequencies. 

(d) Find R ln , v gs /v sig , v 0 /v gs , and v 0 /w sig . 
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Figure P5.79 
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Section 5.6: Basic MOSFET Amplifier 
Configurations* 

5,80 An amplifier with an input resistance of 100 kQ, an 
open-circuit voltage gain of 100 V/V and an output resis¬ 
tance of 100 Q is connected between a 10-kQ signal source 
and a I-kQ load. Find the overall voltage gain G v . Also find 
the current gain, defined as the ratio of the load current to 
the current drawn from the signal source. 

D 5.81 Specify the parameters R m , A v0 and R 0 of an ampli¬ 
fier that is to be connected between a 100-kQ source and a 
2-kQ load and is required to meet the following specifica¬ 
tions: 

(a) No more than 10% of the signal strength is lost in the 
connection to the amplifier input; 

(b) If the load resistance changes from the nominal value of 
2 kQ to a low value of 1 kQ, the change in output voltage is 
limited to 10% of nominal value; and 

(c) The nominal overall voltage gain is 10 V/V. 

5.82 Figure P5.82 shows an alternative equivalent circuit 
representation of an amplifier. If this circuit is to be equiva¬ 
lent to that in Fig. 5.44(b) show that G m = A vo /R 0 . Also 
convince yowself that the transconductance G m is defined as 



and hence is known as the short-circuit transconductance. 
Now, ii the amplifier is fed with a signal source (« io , R, t j 
and is connected to a load resistance R t show that the gain 


o 

+ 





Figure PS.82 




of the amplifier proper A v is given by A v ~ G m (R ||^ } 
and the overall voltage gain G v is given by 




R.„ + R 


m 


sig 


G/n^o II 


5.83 An alternative equivalent circuit of an amplifier fed 
with a signal source (n sig , /? slg ) and connected to a load R. 
is shown in Fig. P5.83. Here G vo is the open-circuit overall 

voltage gain, 


and R m is the output resistance with t» sig 
different than R 0 . Show that 




R / + ^sig 



set to zero. This is 


where R= R m 



Also show that the overall voltage gam is 





Ollt 


**5.84 Most practical amplifiers have internal feedback 
that make them non-unilateral. In such a case, R m depends 
on R l . To illustrate this point we show in Fig. P5.84 the 
equivalent circuit of an amplifier where a feedback resis¬ 
tance R t models the internal feedback mechanism that is 
present in this amplifier. It is R, that makes the amplifier 
non-uni lateral. Show that 



Rf + (R 2 

Rl) 

1 + SmlR 2 

IIX) 


A - - R 1 ~ 

*o= R 2 II */ 

Evaluate R m , A vo and R a for the case /?,= 100 kQ, Rf- ' 
MQ, g m = 100 mA/V, R ? = 100 Q and R L = 1 k0. 
Which ot the amplifier characteristic parameters is most 
affected by R f (that is, relative to the case with R t = 00 ^ 



AAAr 




Figure P5.83 





* Problems 5.80 to 5.84 are identical to Problems 6.107 


to 6.111. 
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p or /? si = 100 kQ determine the overall voltage gain. G,„ 
with and without R, present. 

5.85 Calculate the overall voltage gain of a C’S amplifier 
fed with a 1-MQ source and connected to a 20-kQ load. The 
MOSFE'I has g m - 2 mA/V and r 0 - ~ ) kQ, and a drain 
resistance R D = 10 kQ is utilized. 

5.86 A CS amplifier utilizes a MOSFET with 
fl H C 0X = 400 (iA/V 2 , W/L - 10, and V A = 10 V. It is 
biased at I D = 0.2 mA and uses R D = 6 kQ. Find R m , 
A and R .. Also, if a load resistance of 10 kQ is connected 

O 

to the output, what overall voltage gain G is realized? Now, 
if a 0.2-V peak sine-wave signal is required at the output, 
what must the peak amplitude of t' sig be? 

5.87 A common-source amplifier utilizes a MOSFET for 
which V A = 12.5 V and is operated at V ov = 0.25 V. 
What is the value of its (g m r„)? The amplifier feeds a load 
resistance R/ = 15 kQ. The designer selects R D - 2R t . If 
it is required to realize an overall voltage gain G of-10 V/ 
V what g m is needed? Also specify the bias current I D . If, to 
increase the output signal swing, R n is reduced to 
R lt - R l> what does G v become? 

5.88 Two identical CS amplifiers are connected is cascade. 
The first stage is fed with a source u si having a resistance 
R = 100 kQ. A load resistance R r - 10 kQ is con¬ 
nected to the drain of the second stage. Each MOSFET is 
biased at l D = 0.25 mA and operates with V ov - 0.25 V. 
Assume is very large. Each stage utilizes a drain resis¬ 
tance R r , = 10 kQ. 

(a) Sketch the equivalent circuit of the two-stage amplifier. 

(b) Calculate the overall voltage gain G ... 


Ullg 


D 






in terms of V, and V 


c..\prcss me maximum acnievaoie gain 

ov- 


5.90 A MOSFET connected in the CS configuration has a 
transconductance g m = 5 mA/V. When a resistance R y is 
connected in the source lead, the effective transconductance 
is reduced to i mA/V. What do you estimate the value of R^ 
to be? 


5.91 A CS amplifier using an NMOS transistor with g m - 
4 mA/V is found to have an overall voltage gain of -16 V/V. 
What value should a resistance /?, inserted in the source lead 
have to reduce the overall voltage gain to -8 V/V? 

5.92 The overall voltage gain of a CS amplifier with a 
resistance R s - 1 kQ in the source lead was measured and 
found to be -15 V/V. When /?, is shorted, but the circuit 
operation remained linear, the gain doubled. What must 
be? What value of /?, is needed to obtain an overall voltage 
gain of -10 V/V? 

5.93 A CG amplifier using an NMOS transistor for which 
g m = 4 mA/V has a 5-kQ drain resistance R D and a 5-kQ 
load resistance R L . The amplifier is driven by a voltage 
source having a 500 Q resistance. What is the input resis¬ 
tance of the amplifier? What is the overall voltage gain G,,? 
By what factor must the bias current I D of the MOSFET be 
changed so that R m matches tf sjg ? 

5.94 A CG amplifier when fed with a signal source having 

200 Q is found to have an overall voltage gain of 10 
V/V. When a 200-Q resistance is added in series with the sig¬ 
nal generator the overall voltage gain decreased to 8 V/V. What 
must g m of the MOSFET be? If the MOSFET is biased at 
l n - 0.2 mA, at what overdrive voltage it must be operating? 


5.89 In discrete-circuit amplifiers, (7?^ || /?/) is usually 
much smaller than r r and thus r n can be neglected in deter¬ 
mining the voltage gain of the CS amplifier. Nevertheless, it 
is useful to note that r o poses an absolute upper limit on the 
voltage gain of a CS amplifier. Find this upper limit by let- 


D 5.95 A source follower is required to connect a high- 
resistance source to a load whose resistance is nominally 2 
kQ but can be as low as I kQ and as high as 3 kQ. What is 
the maximum output resistance that the source follower 
must have if the output voltage is to remain within ±20% of 
nominal value? if the MOSFET has k fl = 16 mA/V', at 
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Figure PS.84 
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what current I D must it be biased? At what overdrive volt- 
age is the MOSFET operating? 

‘5.96 Refer to the source-follower equivalent circuit 
shown in Fig. 5.50(b), Show that 

„ R L II r c 

c t v - - 7 

tsig (R l II o + — 

gm 

Now', with R l removed, the voltage gain is carefully mea¬ 
sured and found to be 0.98. Then, when /fy is connected and 
its value is varied, it is found that the gain is halved at 
R, = 500 Q. If the amplifier remained linear throughout 
this measurement, what must the values ot g nl and r 0 be? 

D 97 A source follower is required to deliver a 0.5-V 
peak sinusoid to 2-kf2 load. II the peak amplitude of is to 
be limited to 50 mV, what is the lowest value of I D at which 
the MOSFET can be biased? At this bias current, what are 
the maximum and minimum currents that the MOSFET will 
be conducting (at the positive and negative peaks of the out¬ 
put sine wave)? What must the peak amplitude of r sj be? 

Section 5.7: Biasing in MOS Amplifier Circuits 

D 5/ Consider the classical biasing scheme shown in 
Fig. 5.52(c). using a 9-V supply. For the MOSFET, V t = 1 V, 
A = 0, and k n = 2 m A/V“. Arrange that the drain current is 
I mA, with about one-third of the supply voltage across each 
of R s and R D , Use 22 MO for the larger of R cl and R m . What 
are the values of R C[ , and R p that you have chosen? 

Specify them to two significant digits. For your design, how far 
is the drain voltage from the edge of saturation? 

D 99 Using the circuit topology displayed in Fig. 
5.52(e), arrange to bias the NMOS transistor at I 0 = 1 mA 
with V D midway between cutoff and the beginning of tri- 
ode operation. The available supplies are ±5 V. For the 
NMOS transistor, V t - 1.0 V s A- 0, and k n - 2 mA/V 2 . 
Use a gate-bias resistor of 10 Mfi. Specify /?, and R„ to 
two significant digits. 

D 'S.IOO In an electronic instrument using the biasing 
scheme shown in Fig. 5.52(c), a manufacturing enor 
reduces R s to zero. Let V Db = 12 V, R Ci = 5.6 MO, and JL = 
2.2 MO. What is the value of V G created? If supplier specifi¬ 
cations allow k n to vary from 0.2 to 0.3 mA/V 2 and V to 
vary from 1.0 V to 1.5 V, what are the extreme values of/ 
that may result? What value of R s should have been installed 
to limit the maximum value of I 0 to 0.5 mA? Choose an 
appropriate standard 5% resistor value (refer to Appendix G) 
What extreme values of current now result? 

5101 An enhancement NMOS transistor is connected in 
the bias circuit of Fig. 5.52(c), with V 0 = 4 V and « = a ko 

The transistor has V, = 1 V and *„ = 2 mA/V : . Whaibias 


current results? If a transistor for which k„ is 50% higher is 
used, what is the resulting percentage increase in fy? 


SIM 


design 


j 5.102 The bias circuit of Fig. 5.52(c) is used in a 
ign with V c = 5 V and R s = 2 kF2. For an enhancement 
MOSFET with k n = 2 mA/V 2 , the source voltage was mea¬ 
sured and found to be 2 V. What must V f be for this device? 
If a device for which V f is '>.5 V less is used, what does V 

l_ WfUnt Kiac ^nrr^nt rp«iilt^9 


D 5.103 Design the circuit of Fig. 5.52(e) for an enhance¬ 
ment MOSFET having J j - I V and k n = 2 mA/Vl Let 
F ss = 5 V. Design for a dc bias current of 1 mA and for the 
largest possible voltage gain (and thus the largest possible 
R n ) consistent with allowing a 2-V peak-to-peak voltage 
swing at the drain. Assume that the signal voltage on the 
source terminal of the FET is zero. 


ttm D 5.104 Design the circuit in Fig. P5.104 so that the 
transistor operates in saturation with V D biased 1 V from the 
edge of the triode region, with I n = 1 mA and V n = 3 V, for 
each of the following two devices (use a 10-(iA current in 
the voltage divider): 


(a) \V\= I V and k' p W/L = 0.5 mA/V 2 

(b) \V\ = 2 V and k’ W/L = 1.25 mA/V 2 


For each case, specify the values of f' G , V D , V s , R r R 2 , R y 

and R d . G+2 


+ 10 V 

A A 




Figure P5.104 


D 5.105 A very useful way to characterize the stability 
of the bias current I D is to evaluate the sensitivity of 7^ rela- 
tive to a particular transistor parameter whose variability 
might be large. The sensitivity of/ D relative to the MOSFET 
parameter K = \k'{ W/L) is defined as 

i _ dip /!q _ dI D K 

1 K “ BK/K ~ BK I D 
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and its value, when multiplied by the variability (or toler¬ 
ance) of K, provides the corresponding expected variability 
of/,,. The purpose of this problem is to investigate the use of 
the sensitivity function in the design of the bias circuit of 
Fig. 5.52(e). 

(a) Show that for V t constant, 

s/= 1/(1 +iJkT d r s ) 

(b) For a MOSFET having K~ 100 pA/V 2 with a variability 
of ±10% and V t = 1 V. find the value of R s that would result 
in I n - 100 pA with a variability of ±1%. Also, find V cs and 
the required value of V^ 

(c) If the available supply F ss = 5 V, find the value of R s for 
/ -- 100 pA. Evaluate the sensitivity function, and give the 
expected variability of/,, in this case. 


Voo 

A 



Figure P5.109 


5.106 For the circuit in Fig. 5.55(a) with / = 0.2 mA, R c = 0, 
R f} = 10 kL2, and V DD - 2,5 V, consider the behavior in each of 
the following two cases, in each case, find the voltages F v , 
V D , and F m - that result. 


D 5.111 This problem investigates a redesign of the common- 
source amplifier of Exercise 5.38 whose bias design was done 
in Exercise 5.37 and shown in Fig. E5.37. Please refer to these 
two exercises. 


(a) V, = 1 V and k t) = 1.6 mA/V 2 

(b) V - 0.8 V and k„ = 1.25 mA/V 2 


SIM 


5.107 In the circuit of Fig. 5.54, let R u - 10 MQ, R D = 
10 kQ, and V DD = 10 V. For each of the follow ing two transis¬ 
tors, find the voltages V D and V G . 


(a) V l = I V and k n = 0.5 mA/V 2 

(b) V t = 2V and k„ = 1.25 mA/V 2 


D 5.108 Using the feedback bias arrangement shown in 
Tig. 5.54 with a 5-V supply and an NMOS device for which 
V, = 1 V and k n = 0.6 mA/V 2 , find R c , to establish a drain 
current of 0.2 mA. If resistor values are limited to those on 
the 5% resistor scale (see Appendix G), what value would 
you choose ? What values of current and V D result ? 


D 5.109 figure P5.109 shows a variation of the feedback- 
bias circuit of Fig. 5.54. Using a 5-V supply with an NMOS 
transistor for which V t = 1 V, k n = 6.25 mA/V 2 and A = 0. 
provide a design that biases the transistor at l D = 2 mA, with 
* os ' ar 8 e enough to allow saturation operation for a 2-V 
negative signal swing at the drain. Use 22 Mfi as the largest 
resistor in the feedback-bias network. What values of R D , 
R c\' and R i 2 have you chosen? Specify all resistors to tw'o 
significant digits. 


Section 5.8: Discrete-Circuit MOS Amplifiers 

5.110 Calculate the overall voltage gain G v of a common- 
source amplifier for which g m ~ 2 mA/V, r, - 50 k£2, R d = 
frl kQ, and R a = 10 Mil. The amplifier is fed from a signal 
source with a Thevenin resistance of 0.5 MQ, and the ampli- 
her output is coupled to a load resistance of 20 kH. 


(a) The open-circuit voltage gain of the C‘S amplifier can be 
written as 

j - _ ^ ~ 

” l y 

V OV 

Verify that this expression yields the results in Exercise 5.38 
(i.e., A ri , = -15 V/V). 

(b) A vo can be doubled by reducing V 0i by a factor of 2, 
(i.e., from 1 V to 0.5 V) while V D is kept unchanged. What 
corresponding values for 1 D , R D , g nP and r, apply? 

(c) Find A and /?„ with r o taken into account. 

(d) For the same value of signal-generator resistance R 5i = 
100 kE2, the same value of gate-bias resistance R c - 4.8 
MQ, and the same value ofload resistance R L ~ 15 kQ, eval¬ 
uate the new' value of overall voltage gain G with r t taken 
into account. 

<e) Compare your results to those obtained in Exercises 
5.37 and 5.38, and comment. 


SIM 


5.112 The NMOS transistor in the C’S amplifier 
shown in Fig. P5.112 has V t — 0.7 V and V 4 = 50 V. 


(a) Neglecting the Early effect, verify that the MOSFET is 
operating in saturation with I D = 0.5 mA and V ov ~ 0.3 
V. What must the MOSFET’s k n be? Whal is the dc voltage 
at the drain? 

(b) Find R ]n and G tr 

(c) If v is a sinusoid with a peak amplitude v sjg , find the 
maximum allowable value ot t tor which the transistor 
remains in saturation. What is the corresponding amplitude 
of the output voltage ? 

(d) What is the value of resistance R s that needs to be 
inserted in series with capacitor in order to allow us to 
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double the input signal «*? What output voltage now 
results? 

EEI D '5.113 The PMOS transistor in the CS amplifier of 
Fig. P5.113 has V tp = -0.7 V and a very large | V A [ 

(a) Select a value for R s to bias the transistor at I D = 0.3 mA 
and \V ol \ = 0.3 V. Assume v sig to have a zero dc compo¬ 
rt)) Select a value tor R D that results in G v — 10 WfV. 

(c) Find the largest sinusoid u sjg that the amplifier can han¬ 
dle while remaining in the saturation region. What is the 

corresponding signal at the output? ^ 

(d) If to obtain reasonably linear operation, iV is limited to 

50 mV, what value can R D be increased to while maintaining 
saturation-region operation? What is the new value of G I( ? 


v. 



R 


Sigl _ 


+ 2.5 V 

A 

R s 


c 




1 


C c 

Hh 


-o i 


o 


R 


D 


-2.5 V 


5.114 Figure P5.114 shows a scheme for coupling and 
amplifying a high-frequency pulse signal. The circuit 
utilizes two MOSFETs whose bias details are not shown and 
a 50-0 coaxial cable. Transistor Q v operates as a CS ampli- 
fier and Q 2 as a CG amplifier. For proper operation, transis¬ 
tor Q > is required to present a 50-0 resistance to the cable. 
This situation is known as “proper termination'' of the cable 
and ensures that there will be no signal reflection coming 
back on the cable. When the cable is properly terminated, its 
input resistance is 50 O. What must g m2 be? If Q l is biased at 
the same point as what is the amplitude ot the current 
pulses in the drain of £?,? What is the amplitude of the volt¬ 
age pulses at the drain of £?,? What value ol ' R 0 is required to 
provide 1-V pulses at the drain of 


V 


oo 


Figure P5.113 
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Figure P5.112 
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D *5.115 The MOSFET in the circuit of Fig. P5.115 has 
v - I V k„ - 0.8 mA/V : , and V. = 40 V. 

( a ) Find the values o fR s , R 0 , and R a so that I D = 0.1 mA, the 
largest possible value for R 0 is used while a maximum sig¬ 
nal swing at the drain of ±1 V is possible, and the input 
resistance at the gate is 10 Mfi. Neglect the Early effect. 

(b) Find the values of g m and r B at the bias point. 

(c) If terminal 2 is grounded, terminal X is connected to a 
signal source having a resistance of 1 Mfi, and terminal Y 
is connected to a load resistance of 40 kfi, find the voltage 
tiain from signal source to load. 

(d) II terminal Y is grounded, find the voltage gain from X 
to Z with 2 open-circuited. What is the output resistance of 
the source follower? 

( e) If terminal X is grounded and terminal 2 is connected to 
a current source delivering a signal current of 10 (iA and 
having a resistance of 100 kfi, find the voltage signal that 
can be measured at Y. For simplicity, neglect the effect of/;. 




+5 V 



00 



o Y 


cc 


oz 


Figure 


P5.115 



*5.116 (a) The NMOS transistor in the source-follower 
circuit of Fig. P5.116(a) has g m = 5 mA/V and a large r 0 . 
Find the open-circuit voltage gain and the output resistance, 
(hi I he NMOS transistor in the common-gate amplifier ot 
Fig. P5.116(b) has g m - 5 mA/V and a large r t . Find the 
input resistance and the voltage gain. 

(c) II the output of the source follower in (a) is connected to 
the input of the common-gate amplifier in (b), use the results 
! a ) an d (b) to obtain the overall voltage gain vjVj. 


Ml 

r 

Vj2 O- i * " 

10 kfi > 

T 

(b) 

Figure P5.116 

*5.117 In this problem we investigate the large-signal oper¬ 
ation of the source follower of Fig. 5.60(a). Specifically, con¬ 
sider the situation when negative input signals are applied. 
Let the negative signal voltage at the output be - V. I'he cur¬ 
rent in Rj will flow away from ground and will have a value 
of V/R r This current will subtract from the bias current /, 
resulting in a transistor current of (/ - V/R L ). One can use this 
current value to determine Now, the signal at the transis¬ 
tor source terminal will be K superimposed on the dc volt¬ 
age, which is -V cs (corresponding to a drain current of /). We 
can thus find the signal voltage at the gate v r For the circuit 
analyzed in Exercise 5.41, find v t for v o = -1 V, -5 V, -6 V, 
and -7 V. At each point, find the voltage gain vjv, and 
compare to the small-signal value found in Exercise 5.41. 
What is the largest possible negative-output signal? 
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Section 5.9: The Body Effect and Other Topics 

5 118 In a particular application, an "-channel MOS: 7 FT 
operates with' V „in the range 0 V to 4 V. BT* ■ 

1.0 V. find the range ot I, that results it Y ■ 

2 * = 0.6 V. If the gate oxide thickness is increased b 

factor of 4, what does the threshold voltage become? 

5.119 A /^-channel transistor operates in saturation with its 
source voltaee 3 V lower than its substrate. For 


= 0 5 v 1/2 , = 0-75 V, and V, 0 = -0.7 V, find V r 


5.120 For an NMOS transistor with 2§f - 0.6 V. 
y = 0.5 v' ,, and V$g = 4 V, find y — § m b / 0 
the transistor is biased at 1 D = 0.5 mA with l gy- 0—5 

V, find g m and g mb . 


5,121 A depletion-type ^-channel MOSFET with 
k' W/L = 2 mA/V 2 and V, = -3 V has its source and gate 
grounded. Find the region of operation and the drain current 
for v D = 0.1 V, 1 V, 3 V, and 5 V. Neglect the channel- 

length-modulation effect. 


5.122 For a particular depletion-mode NMOS device. 
V t - -2 V, k' n W/L = 200 jiA/V 2 , and A = 0.02 V . 
When operated at v GS - 0, what is the drain current that 
flow's for v DS = 1 V, 2 V, 3 V. and 10 V? What does each 
of these currents become if the device w idth is doubled w ith 
L the same? With L also doubled? 


5.123 Neglecting the channel-length-modulation effect 
show that for the depletion-type NMOS transistor of Fig. 
P5.123, the / - v relationship is given by 

i = \K{W/L)(v- 2 V,v), for»> V, 
i = - ] -k' n (W/L)f t for v < V, 


(Recall that V t is negative). Sketch the i - v relationship for 
the case: V, = -2 V and k' n ( W/L ) = 2 mA/V 2 . 



2 


o - 

Figure P5.123 


General Problems 

**5.124 The circuits shown in Fig. ^5.124 employ negative 
feedback, a subject we shall study in detail in Chapter !0. 
Assume that each transistor is sized and biased so that 
g = 1 mA/V and r 0 - 100 kQ. Otherwise, ignore all dc bias¬ 
ing detail and concentrate on small-signal operation result¬ 
ing in response to the input signal v sjg . For R L = to kft 
/? = 500 k£2, and R 2 = 1 Mil, find the overall voltage gain 
v fv and the input resistance R m for each circuit. Neglect 
the body effect. Do these circuits remind you of op-amp 
circuits? Comment. 




(a) 






.124 


Figure 
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Figure P5.126 
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5,125 For the two circuits in Problem 5.124 (shown in 
Fig. P5.124), we wish to consider their dc bias design. Since 
, has a zero dc component, we short-circuit its generator. 

L sig 

For NMOS transistors with V t = 0.6 V, find V on k'(W/L) t 
and V, to bias each device at I D = 0.1 mA and to obtain the 
values of g m and r, specified in Problem 5,124: namely, 
gm -- ) mA/V and r 0 = 100 kQ. For /?, = 0.5 MQ, R 2 = 1 MQ, 
and R = 10 kQ, find the required value of V DD . 

JL> 

**5.126 In the amplifier shown in Fig. P5.126, transistors 
having V, = 0.6 V and V A = 20 V are operated at V GS = 0.8 V 
using the appropriate choice of W/L ratio. In a particular 
application, (2, is to be sized to operate at 10 pA, w'hile Q 2 is 
intended to operate at 1 mA. For R L = 2 kQ, the (/?,, R 2 ) net¬ 
work sized to consume only 1% of the current in R r , v sk , 
having zero dc component, and /, = 10 pA, find the values 
of R t and R 2 that satisfy all the requirements. (Hint: V 0 must 
be +2 V.) What is the voltage gain vjvp. Using a result from 
a theorem known as Miller’s theorem (Chapter 9), find the 
input resistance R m as R 2 /( 1 - v 0 /v i '). Now', calculate the 
value of the overall voltage gain vjv . Does this result 
remind you of the inverting configuration of the op amp? 
! ’omment. How would you modify the circuit at the input by 
using an additional resistor and a very large capacitor to 
raise the gain vjv m to -5 V/V? Neglect the body effect. 


5.127 Consider the bias design of the circuit of Problem 5.126 
(showm in Fig. P5.126). For £'= 200 pA/V 2 and V DD = 
3.3 V, find ( WiL) ] and ( WiL) 2 to obtain the operating con¬ 
ditions specified in Problem 5.126. 
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IN THIS CHAPTER YOU WILL LEARN 


1. The physical structure of the bipolar transistor and how it works. 

2. How the voltage between two terminals of the transistor controls the 
current that flows through the third terminal, and the equations that 
describe these current-voltage characteristics. 

3. How to analyze and design circuits that contain bipolar transistors, resis¬ 
tors, and dc sources. 

4. How the transistor can be used to make an amplifier. 

5. How to obtain linear amplification from the fundamentally nonlinear BJT. 

6. The three basic ways for connecting a BJT to be able to construct am¬ 
plifiers with different properties. 

7. Practical circuits for bipolar-transistor amplifiers that can be construct¬ 
ed by using discrete components. 


Introduction 


In this chapter, we study the other major three-terminal device: the bipolar junction transistor 
(BJI ). The presentation of the material in this chapter parallels but does not rely on that for 
the MOSFET in Chapter 5; thus, if desired, the BJT can be studied before the MOSFET. 

Three-terminal devices are far more useful than two-terminal ones, such as the diodes 
studied in Chapter 4, because they can be used in a multitude of applications, ranging from 
signal amplification to the design of digital logic and memory circuits. The basic principle 
involved is the use of the voltage between two terminals to control the current flowing in 
the third terminal. In this way, a three-terminal device can be used to realize a controlled 
source, which as we learned in Chapter 1 is the basis for amplifier design. Also, in the 
extreme, the control signal can be used to cause the current in the third terminal to change 
' 1 1 zero to a large value, thus allowing the device to act as a switch. The switch is the basis 
lor the realization of the logic inverter, the basic element of digital circuits. 

The invention of the BJT in 1948 at the Bell Telephone Laboratories ushered in the era 
7 S °Iid-state circuits, which led to electronics changing the way we work, play, and indeed, 
live. The invention of the BJT also eventually led to the dominance of information technology 
and the emergence of the knowledge-based economy. 

The bipolar transistor enjoyed nearly three decades as the device ot choice in the 
design ot both discrete and integrated circuits. Although the MOSFET had been known 
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• . until the 1970s and 1980s that it became a serious competitor to 

very early on. it was m undoubtedly the most widely used electronic device 

th dSt«>Sn^" ^* de r° f integra,ed r i,s - n - 

an d CMOS techno gV # ^ device that excels in certain applications. Fo, 

in r “’theSli.y of BIT circuits under severe environmental conditions makes them 

the dominant device in certain automotive applications. 

the domman m discrete -circuit design, in which a very wide selection of 

BIT ivpes are available to the designer. Here we should mention that the characteristics of 
the bipolar transistor are so well understood that one is able to design transistor arc* 
whose performance is remarkably predictable and quite insensitive to variations m device 

puranieUM v ^ ^ ^ preferT ed device in very demanding analog circuit applications, both 

integrated and discrete. This is especially true in very-high-frequency applications, such as 
radio-frequency (RF) circuits for wireless systems. A very-high-speed digital logic-circuil 
family based on bipolar transistors, namely, emitter-coupled logic, is still in use. Finally, 
bipolar transistors can be combined with MOSFETs to create innovative circuits that take 
advantage of the high-input-impedance and low-power operation ot MOSFETs and the 
very-high-frequency operation and high-current-driving capability of bipolar transistors. 
The resulting technology is known as BiCMOS, and it is finding increasingly larger areas of 

application (see Chapters 7, 8, 12, and 14). 

In this chapter, we shall start with a description ot the physical operation of the BIT, 
Though simple, this physical description provides considerable insight regarding the perfor¬ 
mance of the transistor as a circuit element. We then quickly move from desci ibing current 
flow in terms of electrons and holes to a study of the transistor terminal characteristics. 
Circuit models for transistor operation in different modes will be developed and utilized in 
the analysis and design of transistor circuits. The main objective of this chapter is to develop 
in the reader a high degree of familiarity with the BJ I\ Thus, by the end of the chapter, the 
reader should be able to perform rapid first-order analysis of transistor circuits and to design 
single-stage transistor amplifiers. 


6.1 Device Structure and Physical Operation 


6.1.1 Simplified Structure and Modes of Operation 

Figure 6.1 shows a simplified structure for the BJT. A practical transistor structure will 1 
shown later (see also Appendix A, which deals with fabrication technology ). 

As shown in Fig. 6.1. the BJT consists of three semiconductor regions: the emitter regie 
(n type), the base region {p type), and the collector region (n type). Such a transistor is calif 
an npn transistor. Anothei transistor, a dual of the npn as shown in Fig. 6.2, has a/KM 
emitter, an /?-type base, and ap-type collector, and is appropriately called a pup transistor. 

A terminal is connected to each ot the three semiconductor regions of the transistor, wi 
the terminals labeled emitter (E), base (B), and collector (C). 

The transistor consists ot two pn junctions, the emitter-base junction (EBJ) and ti 
collector-base junction (CBJ). Depending on the bias condition (forward or reverse)' 
each of these junctions, different modes of operation of the BJT are obtained, as shown 

. e ' ' The acti\e mode is the one used it the transistor is to operate as an amp^ 4 
. Witc mg applications (e.g., logic circuits) utilize both the cutoff mode and the saturate 

, ? * j name implies, in the cutolf mode no current Hows because both junctions I 
reverse biased. 
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Figure 6.1 A simplified structure of the npn transistor. 
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Figure 6.2 A simplified structure of the pnp transistor. 


Table 6.1 BJT Modes of Operation 

Mode 

EBJ 

CBJ 

Cutoff 

Reverse 

Reverse 

Active 

Forward 

Reverse 

Saturation 

Forward 

Forward 


As we will sec shortly, charge carriers of both polarities—that is, electrons and holes— 
participate in the current-conduction process in a bipolar transistor, which is the reason for 
the name bipolar. 1 


6,1.2 operation of the npn Transistor in the Active Mode 

Of the three modes of operation of the BJT, the active mode is the most important. Therefore, 
we begin our study of the BJ r ' by considering its physical operation in the active mode.' This 
situation is illustrated in Fig. 6.3 for the npn transistor. Two external voltage sources (shown as 
batteries) are used to establish the required bias conditions for active-mode operation, The voltage 


This should be contrasted with the situation in the MOSFET, where current is conducted by charge 
arriers of one type only; electrons in H-channel devices or holes in /^-channel devices. In earlier days, 
re lerred to FETs as unipolar devices. 

he material in this section assumes that the reader is familiar with the operation ol the pn junction 
under forward-bias conditions (Section 3.5). 
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Forward-biased 



Figure 6 3 Current flow in an npn transistor biased to operate in the active mode. (Reverse current 
components due to drift of thermally generated minority carriers are not shown.) 


V causes the /Hype base to be higher in potential than the n -type emitter, thus forward-biasing 
the emitter-base junction. The collector-base voltage I \ B causes the w-type collector to be at a 
higher potential than the /Hype base, thus reverse-biasing the collector-base junction. 


Current Flow The forward bias on the emitter-base junction will cause current to flow across 


this junction. Current will consist of two components: electrons injected i 10 m the emitter into the 
base, and holes injected from the base into the emitter. As will become apparent shortly, it is highly 
desirable to have the first component (electrons from emitter to base) at a much higher level than 
the second component (holes from base to emitter). This can be accomplished by fabricating the 
dev ice with a heavily doped emitter and a lightly doped base; that is, the device is designed to have 
a high density of electrons in the emitter and a low density of holes in the base. 

The current that flows across the emitter-base junction will constitute the emitter current / f , as 
indicated in Fig. 6.3. The direction of i r is “out of the emitter lead, which, following the usual 
conventions, is in the direction of the positive-charge l ow hole current) and opposite to the 
direction of the negative-charge flow (electron current), with the emitter current i F being equal to 
the sum of these two components. However, since the electron component is much larger than 
' ' ‘ : ' 1 i" 'nent, the emitter current will be dominated by the electron component. 


Let us now consider the electrons injected from the emitter into the base. I hese electrons 
will be minority' carriers in the /Hype base region. Because the base is usually very thin, 
in the steady state the excess minority carrier (electron) concentration in the base will ha^ 
an almost-straight-line profile, as indicated by the solid straight line in Fig. 6.4. The electron 
concentration will be highest [denoted by w ( 0 )]. at the emitter side and lowest (zero) at the 
collector side. As in the case of any forward-biased pn junction (Section 3.5). the 
concentration n„( 0 ) will be proportional to 


two iimrtinnc lstn ut ' Gn * n base results from the boundary conditions imposed 

were infinitely , ! s / 10 p aT ) ex P Gnent ' a '*y decaying distribution, which would result if the base 

reverse bias on thlVn at . her ’ the thm base cau ses the distribution to decay linearly. Furtherm 
base to be zero ° utor- ase junction causes the electron concentration at the collector sid 
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Figure 6.4 Profiles of minority-carrier concentrations in the base and in the emitter of an npn transistor 
operating in the active mode: V BE > 0 and v CB > 0. 



( 0 ) = n pQ 




(6.1) 


where n p{) is the thermal-equilibrium value of the minority carrier (electron) concentration 
in the base region, v BE is the forward base-emitter bias voltage, and V T is the thermal voltage, 
which is equal to approximately 25 mV at room temperature. The reason for the zero con¬ 
centration at the collector side of the base is that the positive collector voltage v CB causes the 
electrons at that end to be swept across the CBJ depletion region. 

The tapered minority-carrier concentration profile (Fig. 6.4) causes the electrons injected 
into the base to diffuse through the base region toward the collector. This electron diffusion 
current I n is directly proportional to the slope of the straight-line concentration profile. 





where A E is the cross-sectional area of the base-emitter junction (in the direction perpendi¬ 
cular to the page), q is the magnitude of the electron charge, D lt is the electron diffusivity in 
the base, and W is the effective width o:l the base. Observe that the negative slope of the 
minority carrier concentration results in a negative current /, across the base; that is. l n flows 
from right to left (in the negative direction of a), which corresponds to the usual convention, 
namely, opposite to the direction of electron flow. 

Some of the electrons that are diffusing through the base region will combine with holes, 
which are the majority carriers in the base. However, since the base is usually very thin and 
lightly doped, the proportion of electrons “lost” through this recombination process will be 

t 

qmte small. Nevertheless, the recombination in the base region causes the excess minority car- 

t 

ner concentration profile to deviate from a straight line and take the slightly concave shape 
indicated by the broken line in Fig. 6.4. The slope of the concentration profile at the EBJ is 
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of 


sli2htly hi?her than .ha, a, the CBJ. with the difference accounting for the small number 
electrons lost in the base region through tecom ination. 

T , r rnrrent From the description above we see that most of the diffusing elec- 

trons veil! reach the boundary of the collector-base depletion region. Because the collector ls 

more posh,ve thanthebseyn b “collected- to constitute the col- 

rRl deo etion region into tne couetiui. j e . , 

, P Th„c ; = I which will yield a negative value for t c , indicating that i c flows 

infte neMtive direction of the vaxis li.e., from right to left). Sincewe will take this to be the 
positive direction oft,. we can drop the negative sign in Eq. (6.2). Doing this and substituting 
for n (0) from Eq. (6.1). we can thus express the collector current i c as 9 


I 


= he 


V B £T 


(6.31 


where the saturation current I s is given by 


h = A E qD n n p0 /W 


Substituting /? /j0 = n]/N A , where n, is the intrinsic carrier density and N, is the doping con¬ 
centration in the base, we can express I s as I 


h = 


NjW 


(6.4) 


An important observation to make here is that the magnitude of /j is independent of iy. r 
That is, as long as the collector is positive with respect to the base, the electrons that reach 
the collector side of the base region will be swept into the collector and register as collector 
current. 

The saturation current / v is inversely proportional to the base width II and is directly 
proportional to the area of the EBJ. Typically / v is in the range of 10 12 A to 10' A (depend¬ 
ing on the size of the device). Because I s is proportional to rf n it is a strong function of tem¬ 
perature, approximately doubling for every 5°C rise in temperature. (For the dependence of 
n] on temperature, refer to Eq. 3.37.) * 

Since I s is directly proportional to the junction area (i.e., the device size), it will also be 
referred to as the scale current. Two transistors that are identical except that one has an 
EBJ area, say, twice that of the other will have saturation currents with that same ratio (i.e., 2). 
Thus for the same value of v B£ the larger device will have a collector current twice that in the 
smaller device. This concept is frequently employed in integrated-circuit design. 

The Base Current The base current i B is composed of two components. The first compo- 
nent i Bi is due to the holes injected Irom the base region into the emitter region. This current 
component is proportional to e hh C The second component of base current. i B2 , ' s * 11 
holes that have to be supplied by the external circuit in order to replace the holes lost from 
the base through the recombination process. Because i lp is proportional to the number of elec¬ 
trons injected into the base, it also will be proportional to Thus the total base cur'"' 

« ihi V" w 'll proportional to e‘ w 1 r, and can be expressed as a fraction of the co 
current i, as follows: 


i 


( 


l B - 


(6.5) 


fi 



That is, 
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( 6 . 6 ) 


where /fis a transistor parameter. 

For modem npn transistors, /3 is in the range 50 to 200, but it can be as high as ! 000 for 
special devices. For reasons that will become clear later, the parameter p is called the 

common-emitter current gain. 

The above description indicates that the value of /? is highly influenced by two factors: 
the width o) the base region, W, and the relative dopings of the base region and the emitter 
region, Nj/Np. To obtain a high fi (which is highly desirable since fi represents a gain 
parameter) the base should be thin {W small) and lightly doped and the emitter heavily 

doped (making N A /N D small ). For modern integrated circuit fabrication technologies, 
IT is in the nanometer range. 



The Emitter Current Since the current that enters a transistor must leave it, it can be seen 
from Fig. 6.3 that the emitter current i E is equal to the sum of the collector current i c and the 
base current i B \ that is. 


* . * 


l E ~ l C + l B 


Use of Eqs. (6.5) and (6.7) gives 


_ fi+ 1 . 
fi lc 


That is. 


fi+ 1 , v BE /V 

n = ^~^h e 


P 


Alternatively, we can express Eq. ( 6 . 8 ) in the form 


i c = ai 


where the constant oris related to fiby 


a = —^ 


3+1 


Thus the emitter current in Eq. (6.9) can be written 


h ~ (h^ &)e 


v BE y/ v r 


(6.7) Q 


( 6 . 8 ) 


(6.9) 


(6.10) O 


(6.11) O 


(6.12) O 


Finally, we can use Eq. ( 6 . 11 ) to express y^in terms of (+. that is, 

P=-^~ (6.13) O 

1 - a 

It can be seen from Eq. ( 6 . 11 ) that a is a constant (for a particular transistor) that is less 
than but very close to unity. For instance, if fi— 100, then ot — 0.99. Equation (6.13) reveals 
dn >mpoi tant fact: Small changes in or correspond to very large changes in fi. This mathemat¬ 
ical observation manifests itself physically, with the result that transistors of the same type 
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IS 


may have Widely different values of fi. For reasons that will become apparent later, « i 

called the common-base current gain. 

. , cnMivalent-Circuit Models We have presented a first-order model 

fortheoperation of the npn transistor in the active mode. Bastcally, the forward-bias voltage, 
au es an exponentially related current i c to flow in the collector tenmnal. The collector current,, 
““ dependent of the value of the collector voltage as long as the collector base junctton rental* 
reverse biased; that is. „ a > 0. Thus in the active mode the collector tenmnal behaves as an ideal 
constant-current source where the value of the current ts determin'd by y. The base current I, j, 
a factor MB of the collector current, and the emitter current is equal to the sum of the collector and 
base currents. Since i B is much smaller than i c (i.e., P » 1), 4 “ V- More precisely, the collector 
current is a fraction of the emitter current with a smaller than, but close to, unity. 

This first-order model of transistor operation in the active mode can be represented by 
the equivalent circuit shown in Fig. 6.5(a). Here, diode D E has a scale current I SE equal to 
(/,/ a) and thus provides a current i E related to v BE according to Eq. (6.12). The current of 
th e controlled source, which is equal to the collector current, is controlled by v Be accord¬ 
ing to the exponential relationship indicated, a restatement of Eq. (6.3 ). This model is in 
essence a nonlinear voltage-controlled current source. It can be converted to the current- 
controlled current-source model shown in Fig. 6.5(b) by expressing the current of the con¬ 
trolled source as ai,. Note that this model is also nonlinear because of the exponential 
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Figure 6.5 Large-signal equivalent- 


urajit models ot the npn BJT operating in the forward active 


mode. 
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relationship ot the current i E through diode D E and the voltage v BE . From this model we 
observe that it ihe transistor is used as a two-port network with the input port between E 
and B and the output port between C and it (i.e.. with B as a common terminal), then the 
current gain observed is equal to a. Thus a is called the common-base current gain. 

Two other equivalent circuit models, shown in fig. 6.5(e) and (d), may be used to represent 
the operation of the BJT. The model of Fig. 6.5(c) is essentially a voltage-controlled current 
source. However, here diode D B conducts the base current and thus its current scale factor is I s /fi, 
resulting in the i B -v BE relationship given in Eq. ( 6 . 6 ). By simply expressing the collector current 
as Pi g we obtain the current-controlled current-source model shown in Fig. 6.5(d). From this lat¬ 
ter model we observe that it the transistoi is used as a two-port network with the input port 
between B and E and the output port between C and E (i.e., with E as the common terminal), then 
the current gain observed is equal to /?. Thus p is called the common-emitter current gain. 

Finally, we note that the models in Fig. 6.5 apply for any positive value of v Br That is, 
unlike the models we will be discussing in Section 6.5, here there is no limitation on the size 
of v BE , and thus these models are referred to as large-signal models. 


Example 6.1 


An npn transistor having I s - 10 5 A and p - 100 is connected as follows: The emitter is grounded, 
the base is fed with a constant-current source supplying a dc current of 10 pA, and the collector is con¬ 
nected to a 5-V dc supply via a resistance R c of 3 k£2. Assuming that the transistor is operating in the 
active mode, find V BF and V CE . Use these values to verify active-mode operation. Replace the current 
source with a resistance connected from the base to the 5-V dc supply. What resistance value is needed to 
result in the same operating conditions? 


Solution 


I f the transistor is operating in the active mode, it can be represented by one of the four possible equivalent- 
circuit models shown in Fig. 6.5. Because the emitter is grounded, either the model in Fig. 6.5(c) or that in 
Fig. 6.5(d) would be suitable. Since we know the base current / p , the model of Fig. 6.5(d) is the most suitable, 



Figure 6.6 Circuits for Example 6.1. 
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Example 6.1 continued 

. with the transistor represented by the model of Fig 

Flg « 6* - "St 0 r D /„ follows: 


6.5(d). We can determine V BE from 


V be ~ 1 r ln 


/ 


B 


yp 


= 25 In 


r to x 10 


-6 \ 




10 


-17 


' 


= 690 mV = 0.69 V 


Next we determine the value ot V CE from 

Vce ~ V cc ~ Rclc 

where 

I c = fil B = 100 x 10 x HT* = 10“ A = 1 mA 

Thus, 

V CE = 5-3x1 = + 2 V 


Since V ( at +2 V is higher than V B at 0.69 V, the transistor is indeed operating in the active mode. 

Now, replacing the 10-gA current source with a resistance R B connected from the base to the 5-V dc 
supply F cc , as in Fig. 6 . 6 (b), the value of R B must be 



5-0.69 

10 pA 


= 431 kQ 



6.1 

6.2 

6.3 


6.4 


Consider an npn transistor with v BE = 0.7 V at / c = 1 mA. Find v RF at L = 0.1 mA and 10 mA. 

Ans. 0.64 V; 0.76 V 

Transistors at a certan i pe are specified to have Rvalues in the range 50 to 150. Find the range of 
their or values. 

Ans. 0.980 to 0.993 


Measurement of an yi BJT in a particular circuit shows the base current to be 14.46 flA. the emit- 

a.frwdl h* ' 46 ° mA ’ and the base - en,i,,er ™>tage ‘o be 0.7 V. For these conditions, calculate 
Ans. 0.99; 100; 10 ~ 15 A 


C alculate f$ tor two transistors for which 
the base current of each transistor 
Ans. 99; 49; 0.1 mA; 0.2 mA 


o. 0.99 and 0.98. For collector currents of 10 mA, hnd 
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6.5 


6.6 


A transistor for which / s - 10 16 A and (3 
Also, find I st and l SH for this transistor. 


100 is conducting a collector current of I mA. Find 


BE' 


Ans. 747.5 mV; 1.01 x 10 "’A; 10' I8 A 

For the circuit in Fig. 6 . 6 (a) analyzed in Example 6 . 1 , find the maximum value of R , that will still 
result in active-mode operation. 

Ans, 4.31 kil 


6.13 Structure of Actual Transistors 

Figure 6.7 shows a more realistic (but still simplif ied) cross section of an npn BJT. Note that 
the collector virtually surrounds the emitter region, thus making it difficult for the electrons 
injected into the thin base to escape being collected. In this way, the resulting a is close to 
unity and /? is large. Also, observe that the device is not symmetrical, and thus the emitter 
and collector cannot be interchanged . 4 l : or more detail on the physical structure of actual 
devices, the reader is referred to Appendix A. 




Figure 6.7 Cross-section of an npn BJT. 


The structure in Fig. 6.7 indicates also that the ( BJ has a much larger area than the EBJ. Thus 
the CB diode D c has a saturation current / y that is much larger than the saturation current ot 
the EB diode D t . Typically, / S( is 10 to 100 times larger than I Sf (recall that / v = /. a / » 



6.7 A particular transistor has — 10 1 A and ot — l. It the CBJ area is 100 times the area ot the EBJ, 
find the collector scale current I sc . 

Ans. 10' 11 A 


It the emitter and collector are reversed that is, the C BJ is forward biased and the EBJ is reverse 
biased—the device operates in a mode called the “reverse-active mode. The resulting values ot crand 
A denoted oc R and /? fl (with R denoting reverse), are much lower than the values of crand /?, respectively, 
obtained in the “forward” active mode discussed above. Hence, the reverse-active mode has no practical 
application. The MOSFET, on the other hand, being a perfectly symmetrical device, can operate equally 
well with its drain and source terminals interchanged. 
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6.1.4 Operation in the Saturation Mode 5 • 

As mentioned above, for the BJT to operate in the active mode, the CB.I must be reverse 
biased Thus far. we have stated this condition for the ^transistor as v > <kHowever, 
we know that a pn junction does not effectively become forward biased until the forward 
voltage across it exceeds approximately 0.4 V. It follows that one can maintain active-mode 

operation of an npn transistor for negative v cs down to approximately -0.4 V. This is ill us . 
trated in Fig 6 8 which is a sketch of i c versus v CB for an npn transistor operated with a 
constant emitter current / £ . As expected, i c is independent of v ct in the active mode, a si), 
uaiion that extends for v CB going negative to approximately -0.4 V. Below this value of 
. the CBJ begins to conduct sufficiently that the transistor leaves the active mode and 

enters the saturation mode of operation, where i c decreases. 

To see why i c decreases in saturation, we can construct a model lor the saturated npn 

transistor as follows. We augment the model of Fig. 6.5(c) with the forward-conducting CBJ 
diode D, , as shown in Fig. 6.9. Observe that the current i BC will subtract from the con- 
trolled-source current, resulting in the reduced collector current given by ^9 


ic ~~ ^s e 


v BE /V T , v BC /V T 

~ hc e 


( 6 . 14 ) 


The second term will play an increasing role as v BC exceeds 0.4 V or so, causing i c to 
decrease and eventually reach zero. 

Figure 6.9 also indicates that in saturation the base current will increase to the value 


i B = {h/p)e 


T 'sr * r 


+ hc e 


V BC / V T 


(6.15) 



iraii^ 


tor enters the wiJatin' ° c ^j rac j er ’stic an n P n transistor fed with a constant emitter current I E . The 

n mo e o operation for v ca < -0.4 V, and the collector current diminishes. 

C ° mpletel y different from that in a MOSFET. The saturation 

other hand, the saturation * * a " alo 8 ous t0 the triode region of operation of the MOSFET. On the 
operation. re t u 'n o operation of the MOSFET corresponds to the active mode of B 
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Figure 6.9 Modeling the operation of an npn tran¬ 
sistor in saturation by augmenting the model of 
Fig. 6.5(c) with a forward conducting diode D c . Note 
that the current through D t increases i B and reduces i c . 


Equations (6.14) and (6.15) can be combined to obtain the ratio i { /i B for a saturated transistor. 
We observe that this ratio will be lower than the value of /?. Furthermore, the ratio will decrease 
as v BC is increased and the transistor is driven deeper into saturation. Because / c // 5 of a satu¬ 
rated transistoi can be set to any desired value lower than (3 by adjusting v BC , this ratio is known 
as forced /? and denoted /? roreed , 

/^forced = ~ -ft ( 6 . 16 ) 

l g 

saturation 

As will be shown later, in analyzing a circuit we can determine whether the BJT is in the 
saturation mode by either of the following two tests: 

1. Is the CBJ forward biased by more than 0.4 V? 

2. Is the ratio i c /i B lower than J31 

The collector-to-emitter voltage v CE of a saturated transistor can be found from Fig. 6.9 
as the difference between the forward-bias voltages of the EBJ and the CBJ, 



i CEsat ~ V BE~ ^BC 


(6.17) 


Recalling that the CBJ has a much larger area than the EBJ, V BC will be smaller than V BE 
by 0.1 to 0.3 V. Thus, 

V CEsat - 0.1 to 0.3 V O 

Typically we will assume that a transistor at the edge of saturation has V CEm = 0.3 V, 
while a transistor deep in saturation has V CEsat = 0.2 V. 
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6.1.5 The pnp Transistor 

The pnp transistor operates in a manner similar to that of the npn device described above. 
Ficure 6.10 shows a pnp transistor biased to operate m the acttve mode. Here the voltage V a 
causes the p-tvpe emitter to be higher in potential than the n- t>pe base, thus forward-biasing 

the emitter-base junction. The collector-base junction is reverse biased by the voltage V B0 
which keeps the p-type collector lower in potential than the /7-type base. 

Unlike the npn transistor, current in the pnp device is mainly conducted by holes 
injected from the emitter into the base as a result ot the forward-bias voltage V FB . Since the 
component of emitter current contributed by electrons injected from base to emitter is kept 
small by using a lightly doped base, most of the emitter current will be due to holes. The 
electrons injected from base to emitter give rise to the first component of base current, / S| . 
Also a number of the holes injected into the base will recombine with the majority carri¬ 
ers in the base (electrons) and will thus be lost. The disappearing base electrons will have 
to be replaced from the external circuit, giving rise to the second component of base cur¬ 
rent. The holes that succeed in reaching the boundary of the depletion region of the 
collector-base junction will be attracted by the negative voltage on the collector. Thus 
these holes will be swept across the depletion region into the collector and i 


■ \ if* r"Y dni m* 


lector current. 

It can easily be seen from the above description that the current-voltage relationship 
of the pnp transistor will be identical to that of the npn transistor except that v g! has to be 
replaced by v EB . Also, the large-signal, active-mode operation of the pnp transistor can be 
modeled by any of four equivalent circuits similar to those for the npn transistor in Fig. 
6.5. Two of these four circuits are shown in Fig. 6.11. Finally, we note that the pnp tran¬ 
sistor can operate in the saturation mode in a manner analogous to that described for the 
npn device. \ * 


Forward-biased Reverse-biased 



Figure 6.10 Current flow 


v 

ui a pnp transistor biased to operate in the active mode. 
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Figure 6.11 Two large-signal models for the pnp transistor operating in the active mode. 



6.2 Current-Voltage Characteristics 


6.2,1 Circuit Symbols and Conventions 

The physical structure used thus far to explain transistor operation is rather cumbersome to 
employ in drawing the schematic of a multitransistor circuit. Fortunately, a very descriptive 
and convenient circuit symbol exists for the BJT. Figure 6.12(a) shows the symbol for the 
npn transistor; the pnp symbol is given in Fig. 6.12(b). In both symbols the emitter is distin¬ 
guished by an arrowhead. This distinction is important because, as we have seen in the last 

section, practical BJTs are not symmetric devices. 

The polarity of the device —npn or pnp —is indicated by the direction ot the arrowhead 
°n the emitter. This arrowhead points in the direction ot normal current flow in the emitter, 
which is also the forward direction of the base-emitter junction. Since we have adopted a 
drawing convention by which currents flow from top to bottom, we will always draw' pnp 
transistors in the manner shown in Fig. 6.12(b ) (i.e., with their emitters on top). 

Figure 6.13 shows npn mdpnp transistors biased to operate in the active mode. It should 
he mentioned in passing that the biasing arrangement shown, utilizing two dc voltage souices. 
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B o 



Bo 



6E 

npn 



6 C 

pnp 

Figure 6.12 Circuit symbols for BfTs 
lb) 




Figure 6.13 Voltage polarities and current flow in transistors biased in the active mode. 


is not a usual one and is used here merely to illustrate operation___ o 

will be presented in Section 6.7. Figure 6.13 also indicates the reference and actual direction 
of current flow throughout the transistor. Our convention will he to take the refereflo 
direction to coincide with the normal direction of current flow. Hence, normally, we shouli 
not encounter a negative value for i E , i 8 , or i c . 

The convenience ot the circuit-drawing convention that we have adopted should b 
obvious from Fig. 6.13. Note that currents flow from top to bottom and that voltages an 
higher at the top and lower at the bottom. The arrowhead on the emitter also implies th< 
polarity of the emitter-base voltage that should be applied in order to forward bias the emitter- 
base junction. Just a glance at the circuit symbol of the pnp transistor, for example, indicate 
that we should make the emitter higher in voltage than the base (by v l:B ) in order to causi 
current to flow into the emitter (downward). Note that the symbol v FB means the voltage b; 
w ic t e emitter (E) is higher than the base (B). Thus for a pnp transistor operating in 
active mode v EB is positive, while in an npn transistor v BE is positive. 
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From the discussion ol Section 6.1 it follows that an npn transistor whose EBJ is forward 
biased will operate in the active mode as long as the collector voltage does not fall below 
that of the base by more than approximately 0.4 V . Otherwise, the transistor leaves the 
active mode and enters the saturation region of operation.' 1 


Table 6.2 

Summary of the BJT Current-Voltage Relationships in the Active Mode 

ic = 

. V BE 

h e 

a 't 



ic | 

( l s') V BE /1 T 


= 

P 1 

~pr 



k -1 

( v be /f r 


*£ ~ 

a 

\ot) L 


Note: 

For the 

pnp transistor, r 

eplace v llf with v EB . 

m 

t c = 

cd E 


* 

(I ~ a)iE ~ f]+ 1 

i c = 

pi B 

l E ~ 

{p + 1 )i B 

P = 

a 

1 - a 

a = 

E T 

JL 

p +1 

L r = 

thermal 

A I 

voltage ” — 

q 

— 25 mV at room temperature 


In a parallel manner, the pnp transistor will operate in the active mode if the EBJ is for¬ 
ward biased and the collector voltage is not allowed to rise above that of the base by more 
than 0.4 V or so. Otherwise, the CBJ becomes forward biased, and the pnp transistor enters 
the saturation region of operation. 

For easy reference, we present in Table 6.2 a summary of the BJT current—voltage rela¬ 
tionships in the active mode of operation. 


The Collector-Base Reverse Current (f ceo ) * n our discussion ot current flow in tran¬ 
sistors we ignored the small reverse currents carried by thermally generated minority carriers. 
Although such currents can be safely neglected in modern transistors, the reverse current 
across the collector—base junction deserves some mention. This current, denoted / Cfl0 , is the 
reverse current flowing from collector to base with the emitter open-circuited (hence the 
subscript O). This current is usually in the nanoampere range, a value that is many times high¬ 
er than its theoretically predicted value. As with the diode reverse current, I CBO contains a sub¬ 
stantial leakage component, and its value is dependent on v CB . I CB0 depends strongly on 
temperature, approximately doubling for every 10°C rise. 


t is interesting to contrast the active-mode operation of the BJT with the corresponding mode of oper- 
tion of the MOSFET: The BJT needs a minimum v C£ of about 0.3 V, and the MOSFET needs a mim- 
lurrt v DS equal to 1 which for modern technologies is in the range 0.2 V to 0.3 V. Thus we see a 
eal of similarity! Also note that reverse biasing the CBJ of the BJT corresponds to pinching off the 
hannel of the MOSFET. This condition results in the collector current (drain current in the MOSFET) 

eing independent of the collector voltage (the drain voltage in the MOSFET). 

The temperature coefficient of f Hl , is different from that of I s because l CB0 contains a substantial 

e component. 
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The transistor in the circuit of Fig. 6.14(a) has /?= 100 and exhibits a v K of 0.7 V at i c -1mA. Design the 
drcuit so that a current of 2 mA flows through the collector and a voltage of+b V appears at the collector. 



R, 


ir = 


_ n 


m 


In - “ = 


0.02 mA 


P 




= +5 V 


R, 


fa) 


(b) 


0 . 1 * 


Circuit for Example 6.2. 


Solution 

Refer to Fig. 6.14(b). We note at the outset that since we are required to design for V c = +5 V, the CBJ 

will be reverse biased and the BJT will be operating in the active mode. To obtain a voltage V ( = +5 V, 

the voltage drop across R c must be 15 - 5 = 10 V. Now, since I ( = 2 mA, the value of R t should be 
selected according to 

r c = = 5 kQ 

2 mA 

Since v BE - 0.7 V at i c = 1 mA, the value of v BE at i c - 2 mA is 

v be = 0.7 + K r lnfrl = 0.717 V 


u 


Since the base is at 0 V, the emitter voltage should be 


V E = -0.717 V 

For/7= 100 , a = 100/101 = 0.99. Thus the emitter current should be 


/ - S - ^ 

a 0.99 


= 2.02 mA 


Now the value required for R c can be determined from 


R e = 


~(-15) 

/, 
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-0.717 + 15 
2.02 


7.07 kU 


This completes the design. We should note, however, that the calculations above were made with a 
degree of precision that is usually neithei necessary nor justified in practice in view, for instance, of the 
expected tolerances ot component values. Nevertheless, we chose to do the design precisely in order to 
illustrate the various steps involved. 



Repeat Example 6.2 for a transistor fabricated in a modern integrated-circuit process. Such a proc¬ 
ess yields devices that exhibit larger v 8E at the same i c because they have much smaller junction 
areas. The dc power supplies utilized in modern 1C technologies fall in the range of 1 V to 3 V. 
Design a circuit similar to that shown in ! ig. 6.14 except that now the power supplies are ±1.5 V 
and the BJT has /? = 100 and exhibits v BE of 0.8 V at i ( - 1 mA, Design the circuit so that a 
current of 2 mA flows through the collector and a voltage of +0.5 V appears at the collector. 
Ans. R c = 500 Q ; R E = 338 Q 

In the circuit shown in Fig. E6.13, the voltage at the emitter was measured and found to be 
-0.7 V. If p = 50, find /, , I c , and V c . 


+ 10 V 

i 



D6.12 


6.13 


t 

- 10 V 


Figure E6.13 


Ans. 0.93 mA; 18.2 juA; 0.91 mA; +5.45 V 

In the circuit shown in Fig. E6.14, measurement indicates V B to be +1.0 V and V E to be 
What are and fit or this transistor? What voltage V c do you expect at the collector’? 


+ 1.7 



6.14 
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v ft o 


100 k<l 



5 kil 


t 

-10 V 

Ans. 0.994: 165;-1.75 V 


Figure E6.14 




— 


o 


6.2.2 Graphical Representation of Transistor Characteristics 

It is sometimes useful to describe the transistor i-v characteristics graphically. Figure 6.15 
shows the i c -v Bt characteristic, which is the exponential relationship 


k = he 


v BE /V T 


which is identical to the diode i-v relationship. The i F -v BL and i B —v BE characteristics are 
also exponential but with ditterent scale currents; J s / (X for i E , and / s //? for i B . Since the 
constant of the exponential characteristic, l/V T , is quite high (— 40), the curve rises 
very sharply. For v BE smaller than about ( .5 V, the current is negligibly small. h Also, over 
most of the normal current range v B£ lies in the range of 0.6 V to 0.8 V. In performing 
rapid first-order dc calculations, we normally will assume that V BE - 0.7 V, which is 
similar to the approach used in the analysis of diode circuits (Chapter 4). For a pnp tran¬ 
sistor, the i c -v BB characteristic will look identical to that of Fig. 6.15 with v BE re 
with v EB , 

^ * n silicon diodes, the voltage across the emitter—base junction decreases by about 
mV for each rise of 1 C in temperature, provided the junction is operating at a constant cur¬ 
rent. Figure 6.16 illustrates this temperature dependence by depicting i r -v RF curves for an 
npn transistor at three different temperatures. 







^r c , is ! he k BJ u T ' s “™terpart of the ; D -„ CI characteristic of the MOSFET. They 

duct appreciably In the IT "TT S?? 8 the Voltage has t0 exceed a "threshold” for the device to coo- 

a formal threshold voltage. K„ which lies typ, 

0.5 V. The i -v charaete • ,• ' , , l>r '^ ere > s an “apparent threshold' of approximat . 

chara«eristie"Tfte r?T ™Tl‘ he M °, SFET is P arab »lic. and thus is less steep than the 

transconductance ^realized With el^h device 5 3 d ' reC ‘ ^ signitlcant im P lic ation for the value o 
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v be 1 V ) 


Figure 6.15 The i c -v BE characteristic for an npn 
transistor. 



Figure 6.16 Effect of temperature on the /, -v fi! 
characteristic. At a constant emitter current (broken 
line), v BL changes by -2 mV/ C, 




6.15 Consider a pup transistor with v EB — 0.7 V at i E = 1 mA. Let the base be grounded, the emitter be fed 
by a 2-mA constant-current source, and the collector be connected to a —5-V supply through a 1- 
kQ resistance. If the temperature increases by 30°C, find the changes in emitter and collector volt¬ 
ages. Neglect the effect of I cbo . 

Ans. -60 mV; 0 V. 


6.2.3 Dependence of / c on the Collector Voltage—The Early Effect 

When operated in the active region, practical BJTs show some dependence of the collector 
current on the collector voltage, with the result that, unlike the graph shown in Fig. 6.8, their 
characteristics are not perfectly horizontal straight lines. To see this dependence more 
clearly, consider the conceptual circuit shown in Fig. 6.17(a). The transistor is connected in 













































































372 Chapter 6 Bipolar Junction 


Transistors (BJTs) 


Saturation 
' region 



(b) 


Figure 6.17 (a) Conceptual circuit for measuring the /<-- v, E characteristics of the BJT. 
(b) The i c -v c£ characteristics of a practical BJT. 


the details of the i t -v CE curves in 


the common-emitter configuration; that is, here the emitter serves as a common terminal 
between the input and output ports. The voltage V BE can be set to any desired value hy adjust¬ 
ing the dc source connected between base and emitter. At each value of V BE , the correspond¬ 
ing i, -v CE characteristic curve can be measured point by point by varying the dc source 
connected between collector and emitter and measuring the corresponding collector current. 
The result is the family of / c -u c£ characteristic curves shown in Fig. 6.17(b) and known as 
common-emitter characteristics. w 

At low values of v CE (lower than about 0.3 V). as the collector voltage goes below that of 
the base by more than 0.4 V, the collector-base junction becomes forward biased and the 
transistor leaves the active mode and enters the saturation mode. Shortly, we shall look at 

saturation region. At this time, however, we wish to 
examine the characteristic curves in the active region in detail. We observe that the charac¬ 
teristic curves, though still straight lines, have finite slope. In fact, when extrapolated, the 
characteristic lines meet at a point on the negative v CE axis, at v C! — —V v The voltage V A ,i 
positive number, is a parameter for the particular BJT, with typical values in the range of 

10 V to 100 V. It is called the Early voltage, after J. M. Early, the engineering scientist who 
first studied this phenomenon. 

At a given value of v BE , increasing v CE increases the reverse-bias voltage on the collector- 
se junction, and thus increases the width ot the depletion region of this junction (refer to 
big. 6.3). This in turn results in a decrease in the effective hase width W. Recalling that/ 5 is 
inversely proportional to W( Eq. 6.4), we see that I s will increase and that i c increases pro 

^ h iS </ he e ^ ect For obvious reasons, it is also known as the base-w 

moduation effect. 9 


rema^kablvVimilarand^T C ° unterpan is ,he channel-length modulation effect. These two effect*»' 
amy similar and have been assigned the same name. Early effect. 
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The linear dependence of i c on v CE can be explicitly accounted for by assuming that I s 
remains constant and including the factor (1 + v CE / V A ) in the equation for i c as follows: 



V B£ / * 




V CE ^ 

vj 


(6.18) 


The nonzero slope oi the i c —v CE straight lines indicates that the output resistance looking 
into the collector is not infinite. Rather, it is finite and defined by 

-l 

(6.19) 




1_ 


&CE 

V BE “ constant 


Using Eq. (6.18) we can show that 



Va + Vce 



( 6 . 20 ) 


where /, and V CE are the coordinates o ; the point at which the BJT is operating on the partic¬ 
ular i -i > CE curve (i.e., the curve obtained for v BE equal to constant value V BE at which 
Eq. (6.19) is evaluated). Alternatively, we can write 



( 6 . 21 ) 


where I' ( is the value of the collector current with the Early effect neglected; that is. 



he 


V BE /V T 


( 6 . 22 ) 




It is rarely necessary to include the dependence ol i c on v CE in dc bias design and analysis 
that is performed by hand. Such an effect, however, can be easily included in the SPICE 
simulation of circuit operation, which is frequently used to “fine-tune” pencil-and-paper 
analysis or design. 

The finite output resistance r o can have a significant effect on the gain ol transistor 
amplifiers. This is particularly the case in integrated-circuit amplifiers, as will be shown in 
chapter 7. Fortunately, there are many situations in which r,can be included relatively easily 
in pencil-and-paper analysis. 

i he output resistance r 0 can be included in the circuit model ot the iransistor. This s illus¬ 
trated in Fig. 6.18, where w ’t show the two large-signal circuit models of a common-emitter 
npn transistor operating in the active mode, those in Fig 6.5(c) and (d), with the resistance r 0 
connected between the collector and the emitter terminals. 



6.16 

6.17 


V BE /t V T 


Use the circuit model in Fig. 6.18(a) to express I c in terms of e 
this circuit is a direct representation ot Eq. (6.18). 

Find the output resistance of a BJT tor which V A — 100 V at I c — 0.1, 1, and 10 mA 


and v CF and thus show that 


Ans. 1 MU; 100kU; 10 kQ 

6.18 Consider the circuit in Fig. 6.17(a). At V c£ = 1 V, V BE is adjusted to yield a collector current of t mA. 
Then, while V Bf is kept constant, V CE is raised to 11 V. Find the new value ol / c . For this transistor. 


V A = 100 V. 


1.3 mA 
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Figure 6.18 Large-signal equivalent-circuit models of an npn BJT operating in the active mode in the 
common-emitter configuration with the output resistance r 0 included. H 


6.2.4 An Alternative Form of the Common-Emitter Characteristics 

An alternative way of expressing the transistor common-emitter characteristics is illustrated in 
Fig. 6.19. Here the base current i B rather than the base-emitter voltage v BE is used as a parame¬ 
ter. That is, each i c -v CE curve is measured with the base fed with a constant current I B . The 
resulting characteristics, shown in Fig. 6.19(b). look similar to those in Fig. 6.17. Figure 
6.19(c) shows an expanded view of the characteristics in the saturation region. 


The Common-Emitter Current Gain p In the active region of the characteristics shown in 
Fig. 6.19(b) we have identified a particular point Q. Note that this operating point for the transistor 
is characterized by a base current I B , a collector current I c , and a collecior-eniitter voltage l a . 
The ratio I C /I B is the transistor /?. However, there is another way to measure p : change the base 
current by an increment A i B and measure the resulting increment A/ c , while keeping V CE con¬ 
stant. This is illustrated in Fig. 6.19( h) The ratio Ai c /Ai B should, according to our study thus far, 
yield an identical value tor p. It turns out, however, that the latter value of p {called incremental 
or ac, p) is a little different from the dc p{ i.e., 1 C /I B ). Such a distinction, however, is too subtle 
for our needs in this book. We shall use p to denote both dc and incremental values. 10 


The Saturation Voltage V Cfsat and Saturation Resistance R CF , it Refer next to the 
ponded view of the common-emitter characteristics in the saturation region shown in Fig. 
6.19(c). The bunching together of the curves in the saturation region implies that the in* 
cremental p is lower there than in the active region. A possible operating point in the satu¬ 
ration region is that labeled X, It is characterized by a base current I lr a collector current 
/' sar anda co ^ ec t°r—emitter voltage V { CfSM . From our previous discussion of saturation, recall 

that 4 a( = P forced 4 where £ forced < p 

T^ e * c l ' CE curves in saturation are rather steep, indicating that the saturated transistor 

exhibits a low collector-to-emitter resistance R 

Cfsat 1 


R 


dv 


C£sat — 


CE 


di c 


‘b ~ l 8 
‘C = ^C*al 


(6.23) 


ypica y, R CEiai ranges from a few ohms to a few tens of ohms. 


tal p. These symbols t0 denote dc value of /?and h k , to denote the inert 

with the subscript F(f) denotiWf ^ J ‘P arameter description of two-port networks (see Append 

P t{j) denoting forward and m denoting common emitter. 
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(a) 



Incremental 
fi is high 



0 0.1 1 * 0.2 0.3 0.4 0.5 0.6 0.7 0.8 Vr£ (V) 


V r it. 


C£sat 


(c) 


Figure b.19 Common-emitter characteristics* (a) Basic CE circuit; note that in (b) the horizontal scale is 
expanded around the oriuin to show the saturation region in some detail, A much greater expansion of the 
saturation region is shown in (c). 


1 hat the collector-to-emitter resistance of a saturated BJT is small should have been 
anticipated from the fact that between C and E we now have two forward-conducting diodes 
in series 11 (see also Fig. 6.9). 


In the corresponding mode of operation for the MOSFET, the triode region, the resistance between 
drain and source is small because it is the resistance of the continuous (non-pi nched-off) channel. 
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A Simole model for the saturated BJT is shown in Fig. 6.20. Here V BE is assumed con. 
stant (approximately 0.7 V) and V CE also is assumed constant V CEsat - 0.2 V. That is, we 
have neglected the small saturation resistance for the sake ot maktng the models* 

ole for hand calculations. 



Figure 6.20 A simplified equivalent-circuit 
model of the saturated transistor. 



For the circuit in Fig. 6.21, it is required to determine the value ol the voltage V BB that results in the tran 
sistor operating 

(a) in the active mode with V CE - 5 V 

(b) at the edge of saturation 

(c) deep in saturation with /? forced = 10 

For simplicity, assume that V BE remains constant at 0.7 V. The transistor is specified to be 50. 


V cc - 10V 

A 


\’bb 


Rb 

io ka 


/ 


L 


Rr = 1 kfl 





c t 


V 


BE 


Figure 6.21 Circuit for Example 6.3 


Solution 


(a) To operate in the active mode with V ~ 5 V 

EC 1 HJ 


! c - 


V CC - VCE 


R 


c 


10-5 

1 kQ 


= 5 mA 
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f l c s 

B = ~p = 50 = °'‘ mA 

Now the required value of V BB can be found as follows: 

Cfl B — i nR u + r 




BE 


= 0.1 X 10 + 0.7 = 1.7V 


(b) Operation at the edge of saturation is obtained with V CF = 0.3 V. Thus 


I = -° °' 3 = 9.7 mA 

1 

Since, at the edge of saturation, I c and l B are still related by /?, 

I = 2J. = 0.194 mA 
50 

The required value of V BB can be determined as 


V BB = 0.194 x 10 + 0.7 = 2.64 V 


(c) To operate deep in saturation, 


V - V ~ n 7 v 

v CE - f CEsat uz v 


Thus, 


7 « = 9<s mA 

i 


We then use the value of forced /7to determine the required value of I B as 

4 9.8 


4 = 


P 


forced 


10 


= 0.98 mA 


and the required V BB can now be found as 


V BR = 0.98 x 10 + 0.7 = 10.5 V 


Observe that once the transistor is in saturation, increasing l BB and thus / B results in negligible change in 
l c since P CTsal will change only slightly. Thus I c is said to saturate , which is the origin of the name 
“saturation mode of operation." 



6.19 


6.20 


6.21 


Repeat Example 6.3 for R c = 10 kQ. 

Ans. 0.8 V; 0.894 V; 1.68 V 

For the circuit in Fig. 6.21, tind V CF for V BB = 0 V. 

Ans. + 10 V 

For the circuit in Fig. 6.2 I, let ^'bb be set to the value obtained in Example 6.3, part (a), namely, 
V BH - 1.7 V. Verify that the transistor is indeed operating in the active mode. Now, while keeping 
V Bli constant, find that value to which R F should be increased in order to obtain (a) operation at 
the edge of saturation, and (b) operation deep in saturation with /?f orce d - 

Ans. (a) 1.94 kQ; (b)9.8kQ 
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6.3 BJT Circuits at DC 






We are now reaay to consider the analysis ot BJT ctrcmts to wh.ch only de volves are 
nplied in the following examples we will use the stmple mode m wh.ch | y ac \ of a co, 
ducting transistor is 0.7 V and |K«| of a saturated trans.stor .s 0.2 V, and we will „ eg | ecl 
,he Early effect. Better models can. of course, be used to obtam more accurate results, 
however, is usually achieved at the expense ot speed ot analysis, and more importantly, H 
could impede the circuit designer's ability to gain insight regarding circuit behavior. Accu- 
me results using elaborate models can he obtained using circuit simulation with SPICE 
This is almost always done in the final stages of a design and certainly before circuit fabrica¬ 
tion Computer simulation, however, is not a substitute lor quick pencil-and-paper circuit 
analysis, an essential ability that aspiring circuit designers must muster. The following series 
of examples is a step in that direction. 

As will be seen, in analyzing a circuit the first question that one must answer is: fo 
which mode is the transistor operating ? In some cases, the answer will be obvious. For 
instance, a quick check of the terminal voltages will indicate whether the transistor is cut 
off or conducting. If it is conducting, we have to determine whether it is operating in the 
active mode or in saturation. In some cases, however, this may not be obvious. Needless to 
sav. as the reader gains practice and experience in transistor circuit analysis and design, the 
answer will be apparent in a much larger proportion of problems. The answer, however, can 
always be determined by utilizing the following procedure: , tlr 

Assume that the transistor is operating in the active mode, and proceed to determine the 
various voltages and currents that correspond. Then check for consistency of the results with 
the assumption of active-mode operation; that is, is v t H of an npn transistor greater than 
-0.4 V (or v CB of a pnp transistor lower than 0.4 V)? If the answer is yes, then our task is 
complete. If the answer is no, assume saturation-mode operation, and proceed to determine 
currents and voltages and then to check for consistency of the results with the assumption of 
saturation-mode operation. Here the test is usually to compute the ratio l c /I B and to verify 
that it is lower than the transistor ^(i.e., $ orced < /?). Since /?for a given transistor type varies 
over a wide range, 1- one must use the lowest specified /? for this test. Finally, note that the 
order of these two assumptions can be reversed. As a further aid to I he reader, we provide in 

Table 6.3 a summary ot the conditions and models for the operation of the BJ I in its three 
possible modes. 


of/fail'within are^Trange, ay 50 ' He manurac,urer g uaranteeson 


iy that their n 


Table 6.3 Conditions and Models for the Operation of the BJT in Various Modes 

npn pnp 
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* . p- 4 Tirol which is redrawn in Fig. 6 ..—*b) to remind the reader of the 

Lonsiaer me cue in Hinting connections to do sources. We wish to ana vze 

rn sssfitS ssr— « -—-"»— • 


hp inn 


+ 10 V 


i 



R e - 3.3 kO |{ /j 





10 V 




ventinn ik H ^ na ^ s ' so * ^ circuit tor Example 6.4: (a) circuit; (b) circuit redrawn to remind the reader of the 
used this book to show connections to the power supply; ( c ) analysis with the steps numbered. 




Solution 


nectedw ground 'though a fesls^ance T Th'^ "T ^ ^ ‘ S connected 10 +4 V and the emllter is C0 " 

£ . Therefore, it is safe to conclude that the base—emitter junctioi 
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will be forward biased. Assuming that this is the case and assuming that V BE is approximately 0.7 V, it fol¬ 
lows that the emitter voltage will be 


v e = 4 ~ V BE = 4-0.7 = 3.3 V 


We are now in an opportune position; we know the voltages at the two ends of R t and thus can determine 
the current I F through it. 



1 mA 


Since the collector is connected through R c to the +10-V power supply, it appears possible that the collec- 
toi voltage will be higher than the base voltage, which implies active-mode operation. Assuming that this 
is the case, we can evaluate the collector current from 


The value of oris obtained from 


I’hus I L will be given by 




100 

101 


0.99 


I c = 0.99 x 1 - 0.99 mA 


We are now in a position to use Ohm’s law to determine the collector voltage V c> 


V c = 10 -I C R C = 10-0.99x4.7 ==+5.3 V 


Since the base is at +4 V, the collector-base junction is reverse biased by ) .3 V, and the transistor is 
indeed in the active mode as assumed. 

It remains only to determine the base current 7 a , as follows: 



— — 0.01 mA 
101 


Before leaving this example we wish to emphasize strongly the value of carrying out the analysis 
directly on the circuit diagram. Only in this way will one be able to analyze complex circuits in a reason¬ 
able length of time. Figure 6.22(c) illustrates the above analysis on the circuit diagram, with the order of 
the analysis steps indicated by the circled numbers. 
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i l ■ rtf Fio 6 to determine the voltages at all nodes and the currents 

thauhis^ircui, is idenUca. ,o ^ ‘ h * ^g. a, 

the base is now +6 V. Assume that the transistor //is speeded to be at hast - 0. 


+6 V 

L 


+ 10 V 


4.7 kil 


3.3 kH 


+ 10 V 


0 =1.6 mAy 


4.7 kfl 


+6 V 


1 




3.3 kfl 


■o 10 - 1.6 X 4.7 = @ 

Impossible, not in 
ive mode 


o 6 - 0.7 = 


+5.3 V (T) 


5 3 


= 1.6 m, 


\ d) 


(a) 


(b) 


© 


10 - 5.5 
4.7 


+ 10 V 


= 0.9 


6 mA Y 


i 


+ 6 V 


i 


© 


0.64 mA 



4.7 kli 


o 5.3 + 0.2 = +5.5 


v (3) 


o 6 - 0.7 = +5.3 V (T) 


3.3 kil 


5.3 


(J) — = 1.6 mA | 


(c) 


Astern 6 23 AnalyS ' S ° f the Circuil tir Exam P' e 6 -5- Note that the circled numbers indicate the order of the anal, 
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Solution 

With +6 V at the base, the base-emitter junction will be forward biased ; thus, 

V E = +6- V BE - 6-0.7 = 5.3 V 



3.3 

Now, assuming active-mode operation, I c = od ! — / ■ thus. 

V c = + 10-4.7 x/ c = 10-7.52 = 2.48 V 

The details of the analysis performed above are illustrated in Fig. 6.23(b). 

Since the collector voltage calculated appears to be less than the base voltage by 3.52 V, it follows 
that our original assumption at ac ive-mode operation is incorrect. In fact, the transistor has to be in the 
saturation mode. Assuming this to be the case, the values of V E and I E will remain unchanged. The collec¬ 
tor voltage, however, becomes 


and I n can now be found as 


V C= V E + ^C/Tsat = +5-3 + 0.2 = +5.5 V 


from which we can determine I c as 


/ = —-~ _ :o = 0.96 mA 
1 4.7 


l B — I E - I c — 1.6- 0.96 = 0.64 mA 


Thus the transistor is operating at a forced /?of 


a, 


c 


forced 


I 


B 


0.96 

0.64 


= 1.5 


Since is less than the minimum specified value of $ the transistor is indeed saturated. We should 
emphasize here that in testing for saturation the minimum value of /? should be used. By the same 
token, if we are designing a circuit in which a transistor is to be saturated, the design should be based 
on the minimum specified fi. Obviously, if a transistor with this minimum p is saturated, then transistors 
with higher values of /?will also be saturated. The details of the analysis are shown in Tig. 6.23(c), where 
the order of the steps used is indicated by the circled numbers. 
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, . . . • F : a 6 04 (a) to determine the voltages at all nodes and the currents 

We wish to analyze the circuit g. • . , that cons jdered in Examples 6.4 and 6.5 except 

through all branches. Note that this circuit is identical " 

that now the base voltage is zero. jffl 


+ 10 V 


+ 10 V 


@ 0 mA | 


R c = 4.7 kfl 


4.7 kn 



R, = 3.3 kft 


(a) 


(?) 0 mA 


10 V @ 



(b) 


Figure 6.24 Example 6.6: (a) circuit; (b) analysis, with the order of the analysis steps indicated by circled numbers. 


Solution 

Since the base is at zero volts and the emitter is connected to ground through R E , the base-emitter junction can¬ 
not conduct and the emitter current is zero. Note that this situation will obtain as long as the voltage at the base is 
less than 0.5 V or so. Also, the collector-base junction cannot conduct, since the n -type collects is connected 
through R ( to the positive power supply while the />type base is at ground. It follows that the collector current 
will be zero. The base current will also have to be zero, and the transistor is in the cutoff mode of operation. 

The emitter voltage will be zero, while the collector voltage will be equal to +10 V, since the voltage 
drops across R r and R c are zero. Figure 6.24(b) shows the analysis details. 



D6.22 For the circuit in Fig. 6.22(a), find the highest voltage to which the base can be raised while the 
transistor remains in the active mode. Assume a = 1 
Ans. +4.7 V 


D6.23 


Redesign the circuit of Fig. 6.22(a) (i.e., find new values for R t and R t ) to establish a collector 

current of 0.5 mA and a reverse-bias voltage on the collector-base junction of 2 V, Assume 1- 
Ans. R e = 6.6 kQ; R c = 8 kQ 




6.24 


For the circuit in Fig. 6.2 - a), find the value to which the base voltage should 
the transistor operates in saturation with a forced Bo( 5 
Ans. +5.18 V 
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We want to analyze the circuit ot Fig. 6.25(a) to determine the voltages at all nodes and the currents 
through all branches. 


V + = +10 V 


Rr = 2 kH 


Rr = 


V 7 ” = -10 V 


(a) 


+ 10 V 


10 0.7 _ /■—,, 

X -~- = 4.65 mA 


(T) — 0.05 mA 




•o +0.7 V 0 


@ 0.99 X 4.65 = 4.6 mA I 


0 


1 kn 


-10 V 


(b) 


10 + 4.6 X 1 = -5.4 V ( 4 ) 


Figure 6.25 Example 6.7: (a) circuit; (b) analysis, with the steps indicated by circled numbers. 

Solution 

The base 01 this pnp transistor is grounded, while the emitter is connected to a positive supply (= +10 V) 
through R e . It follows that the emitter-base junction will be forward biased with 


V E = V EB - 0.7 V 


Thus the emitter current will be given by 


IE ~ 


v + - v t 

Rr 


10-0.7 


— 4.65 mA 


Since the collector is connected to a negative supply 'more negative than the base voltage) through R { , it 
is possible that this transistor is operating in the active mode. Assuming this to be the case, we obtain 

I C — Oil £ 

Since no value for has been given, we shall assume /?= 100, which results in cc= 0.99. Since large vari¬ 
ations in j3 result in small differences in (X, this assumption will not be critical as tar as determining the 
value of l c is concerned. Thus, 


I c - 0.99 x 4.65 = 4.6 mA 


The collector voltage will be 


V c = V~+I C R C 

- -10 + 4.6 x 1 = -5.4 V 
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. ■ hv S 4 V and the transistor is indeed in the activi 

Thus the collector-base junction is reverse biased by 5.4 V, 1 

mode, which supports our original assumption. ■ 

It remains only to calculate the base current, 


I s 

Ib = J+l 


- = 0.05 mA 


101 


„ . .. ■. thet rnrrent Note, however, that in this circuit the value of 8 

wiU Krfto « mode a ofo a pem.ion of the transistor. Since fin generally an Ul-specified parameter, 

this circuit represent a go. 

mance is as insensitive to the value of p as possible, i ne aiwiya 



D6.25 For the circuit in Fig. 6.25(a), tind the largest value to which R E can be raised while the tnmsi${|)r 
remains in the active mode. 

Ans. 2.26 kQ 

06.26 Redesign the circuit of Fig. 6.25(a) (i.e., find new values for R E and R c ) to establish a collector 
current of 1 mA and a reverse bias on the collector-base junction of 4 V. Assume a- 1. 

Ans. R e = 9.3 kQ; R c = 6 kU 



We want to analyze the circuit in Fig. 6.26(a) to determine the voltages at all nodes and the currents in all 
branches. Assume /? = 100. fl 


+10 V 


+ 5 V = - k!i 

1 


r b ~ ioo kn 

—Wr 





/« 


(a) 


kn 


+ 5 V 

i 


\ h : 


100 >■ 0.043 
4.3 mA 


© 


ioo kn 




i 


5 - 0.7 6 



-o 

Vr 


= 10 - 2 X 4.3 
= +1.4 V 



+ 0.7 V 


.043 mA 


© 


Ip = 4.3 + 0 .043 
= 4.343 mA ^ 


(b) 


Figure 6.26 Example 6.8: (a) circuit; (b) analysis, with the 


steps indicated by the circled numbers. 
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Solution 

The base-emitter junction is clearly forward biased. Thus, 


_ +5 — V BE 
RB 


5-0.7 

100 


0.043 mA 


Assume that the transistor is operating in the active mode. We now can write 


I c = PI B = 100 x 0.043 = 4.3 mA 


The collector voltage can now be determined as 


V c = +10 ~I C R C = 10-4.3 x 2 = +1.4 V 


Since the base voltage V B is 


V B = V BE =* +0.7 V 

it follows that the collector-base junction is reverse-biased by 0.7 V and the transistor is indeed in the active 
mode. The emitter current will be given by 

I E = (P+ 1 )I B = 101 x 0.043 « 4.3 mA 

We note from this example that the collector and emitter currents depend critically on the value of p. (n 
Fact, if P were 10% higher, the transistor would leave the active mode and enter saturation. Therefore this 
clearly is a bad design. The analysis details are illustrated in Fig. 6.26(b). 



D6.27 The circuit of Fig. 6.26(a) is to be fabricated using a transistor type whose p is specified to be 
in the range of 50 to 150. That is, individual units of this same transistor type can have Rvalues 
anywhere in this range. Redesign the circuit by selecting a new value for R c so that all 
fabricated circuits are guaranteed to be in the active mode. What is the range ot collector 
voltages that the fabricated circuits may exhibit? 

Ans. R r =\ .5 k LI: V c = 0.3 V to 6.8 V 
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u • rtf Fio ft 27 to determine the voltages at all nodes and the currents through 

We want to analyze the circuit ot I- ig- / to aeiemi * JW 

all branches. The minimum value of p is specified to be 30. '1 


+ 5 V 


+5 V 

A 


10 kn 

-Wr 




1 kO 


io kn 


t 

-5 V 


(a) 


i kn 


o Vr 


+ 


Vr. 


EC sal 


■o v, 


c 


io kn 


-5 V 


(b) 



V B + 0.7 (5) 
0.2 V ® 

V B + 0.5 ® 


Figure 6.27 Example 6.9: (a) circuit; (b) analysis with steps numbered. A 

Solution 

A quick glance at this circuit reveals that the transistor will be either active or saturated. Assuming active- 
mode operation and neglecting the base current, we see that the base voltage will be approximately zero 
volts, the emitter voltage will be approximately +0.7 V, and the emitter current will be approximately 4.3 
11 A. Since the maximum current that the collector can support while the transistor remains in the active 
mode is approximately 0.5 mA, it follows that the transistor is definitely saturated. 

Assuming that the transistor is saturated and denoting the voltage at the base by V fi (refer to fig. 
6.27b), it follows that 


Veb ~ fg + 0.7 




“ ^ECsat — f B + 0.7 - 0.2 = V B + 0.5 

_ 5 -^- 0.7 

i i = 4.3 - V B mA 


r B ~ = 0.1 V B mA 


= V c~C5) _ V B + 0.5 + 5 
10 


10 


- 0.1 V B + 0.55 mA 
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Using the relationship I E - I B + / c , we obtain 

4.3 - V B = 0.1 V B + 0.1 V B + 0.55 


which results in 



3.13 V 


Substituting in the equations above, we obtain 

V E = 3.83 V 

V c = 3.63 V 

/ £ = 1.17 m A 

Iq — 0.86 mA 

1 B = 0.31 mA 

from which we see that the transistor is saturated, since the value of forced p is 


/? _ 0-86 
Pforced - 0 


which is much smaller than the specified minimum p. 
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Example 6.10 


■ f rirr 6 afifa) to determine the voltages at all nodes and the currents through 
We want to analyze the circuit ot Fig. 6.28(a) to ceienu e ^ 

all branches. Assume /? = 100* 

+ 15 V 


Rb\ ~ 

100 kfl 




V BB = +5 V 

4 Rbb ~ 


33.3 kQ 


i 


R c = 
5 kO 



(a) 


(b) 


+ 15 V 


1.28 mA 


5 kfl 


4-5 V 


■o +8.6 V 


t 


.a 

VvV 


0.013 mA 6 


4.57 V 


.29 mA 


■o +3.87 V 


3 kft 


+ 15 V 

i 


100 kf l 


0.103 mA 


0.013 mA 


4.57 V 


50 kH 


\ 


0.09 mA 


(c) 


<d) 


Figure 6.28 Circuits for Example 6.10. 


Solution 

The hrst step in the analysis consists of simplifying the base circuit using Thevenin’s theorem. The result 
is shown in Fig. 6.28(b), where 


v bb = +15 


R B2 .. 50 


r b\ + r ri 


= 15 


100 + 50 


= +5 V 
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r bb = r b t !! *52 = *00 II 50 = 33.3 kfl 

To evaluate the base or the emitter current, we have to write a loop equation around the loop labeled L in 
Fig. 6.28(b). Note, however, that the current through R BB is different from the current through R F , The 
loop equation will be 

^ BB ~ 1B R BB + ^ BE + IE R E 

Now, assuming active-mode operation, we replace I R with 


h = 


/ 


/?+ 1 


and rearrange the equation to obtain 


h = 


Vbb ' ^ be 


*£ 5- 1 )] 


For the numerical values given we have 


h = 


5 - 0.7 


3 + (33.3/101) 


— 1.29 mA 


The base current w ill be 


1 29 

l B = 4# = 0.0128 mA 


101 


The base voltage is given by 


1 g — Vr f + / rR 


BE 


E“E 


= 0.7 + 1.29x3 = 4.57 V 


We can ev aluate the collector current as 


I c = al E = 0.99 x 1.29 = 1.28 mA 


The collector voltage can now be evaluated as 


V = +15- I C R C = 15-1.28x5 = 8.6V 


It follows that the collector is higher in potential than the base by 4.03 V, which means that the transistor 
is in the active mode, as had been assumed. The results of the analysis are given in Fig. 6.2S(c, d). 
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We want to analyze the circuit in Fig. 6.29(a) to determine the voltages at all nodes and the currents 


through all branches. 


+ 15 V 

A 


R C] = 5 kH 


R al = 100 kfi 


Q 





R B2 = 50 kO 



Rr = 3 ka 


R n = 2 k H 


/ 


E 2 


7r, 


/? c2 = 2.7 kfl 


(a) 


A 


0.103 mA 


+ 15 V 

A 


1.252 mA 


2.78 mA 


5 kft 


2 kn 


ioo kn 


+4.57 V 


0.013 m A 



Qi 


0.0275 mA 
1.28 mA 



o +9.44 V 


50 kn 


o +3.87 V 


■o +7.43 V 


2.7 kO 


3 kn 


0.09 mA 4 

1 1 ">0 

1 m A 


Y 


mA 

Y 


2.75 mA 


lb) 


Figure 6.29 Circuits tor Example 6 . 11 , 


Solution 

t^ ST3SSC Ttedifferenc 8 ‘‘T^‘° ‘ he C ' rCU " We a " alyzed in Exam P le 610 “ 

8 d " lerence ’ 01 is that in the new circuit we have an addi 
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transistor Q 2 together with its associated resistors R n and /?„. Assume that Q , is still in the active mode. 
The following values will be identical to those obtained in the previous example: 

Vg\ — +4.57 V I E[ — 1.29 mA 

/ fll = 0.0128 mA 7 C1 = 1.28 mA 

However, the collector voltage will be dif i erent than previously calculated, since part of the collector cur* 
rent f a will flow in the base lead ol Q 2 (I B2 )- As a first approximation we may assume that I B2 is much 
smaller than I ct ; that is, we may assume that the current through R Ci is almost equal to I C] . This will 
enable us to calculate V cl : 



= +15 -I C] R 


ci 


= 15- 1.28x5 = +8.6 V 


Thus Q y is in the active mode, as had been assumed. 

As far as Q 2 is concerned, we note that its emitter is connected to +15 V through R r: . It is therefore 
safe to assume that the emitter-base junction of Q 2 will be forward biased. Thus the emitter of Q 2 will be 
at a voltage V F2 given by 



v c , + r 


EB 


Q: 


= 8.6+ 0.7 = +9.3 V 


The emitter current of Q 2 may now be calculated as 



+ 15- V E2 = 15-9.3 

&E2 ^ 


2.85 mA 


Since the collector of Q 2 is returned to ground via R C2 ., it is possible that Q : is operating in the active 
mode. Assume this to be the case. We now find / L ^ as 


' C2 ~ 

= 0.99 x 2.85 = 2.82 mA (assuming p 2 = 100) 
The collector voltage of Q, will be 

V C2 = I C2 R C2 = 2.82 x2.7 = 7.62 V 


which is lower than V B -, by 0.98 V. Thus Q 2 is in the active mode, as assumed. 

It is important at this stage to And the magnitude ot the error incurred in our calculations by the 

assumption that 7 W , is negligible. The value of I B2 is given by 



0.028 mA 


which is indeed much smaller than I CI (1.28 mA). II desired, we can obtain more accurate results by iter 
ating one more time, assuming 7 ff , to be 0.028 mA. The new values will be 

Current in R C] = 7 cl -7 a2 = 1.28 — 0.028 = 1.252 mA 


V cl = 15 -5 x 1.252 = 8.74 V 


^ E2 

hi 


8.74 + 0.7 = 9.44 V 


15-9.44 

2 


2.78 mA 
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Example 6.11 continued 

I c2 = 0.99x2.78 = 2.75 mA 
V a = 2.75x2.7 = 7.43 V 

/ = 131 = 0.0275 mA 

52 101 

Note that the new value of 4 is very close to the value used in our iteration, and no further iterations 

are warranted. The final results are indicated in Fig. 6...9(b). . . 

The reader justifiably might be wondering about the necessity tor using an iterative scheme in solv¬ 
ing a linear (or linearized ) problem. Indeed, we can obta i n * M1 s0 ' utu ’ n Ml ue can La ^ anything we 
are doing with a first-order model exact!) by writing appropriate equations. The reader is encouraged to 
find this solution and then compare the results with those obtained above. It is important to emphasize, 
however, that in most such problems it is quite sufficient to obtain an approximate solution, provided we 

can obtain it quickly and, of course, correctly. j 


In the above examples, we frequently used a precise value of a to calculate the collector 
current. Since a- 1, the error in such calculations will be very small if one assumes a~ 1 and 
! c ~ l E . Therefore, except in calculations that depend critically on the value of cr(e.g., the calcula¬ 
tion of base current), one usually assumes a— 1. . j£9 




6.29 For the circuit in Fig. 6.29, find the total current drawn from the power supply. Hence find the 
power dissipated in the circuit. 

Ans. 4.135 mA; 62 mW 

6.30 The circuit in Fig. E6.30 is to be connected to the circuit in Fig. 6.29(a) as indicated; specifically, 

the base of Q } is to be connected to the collector of Q v If Q has /? - 100, find the new value of V a 
and the values of V B and 7 n . 

+ 15 V 

A 


To collector o 
of Q 2 in 
Fig. 6.29 (a) 

F I 

0 


*=■ Figure E6.30 

Ans. +7.06 V;+6.36 V; 13.4 mA 
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We desire to evaluate the voltages at all nodes and the currents through all branches in the circuit of Fig. 
6.30(a). Assume j3 = 100. 


+ 5 V 

i 



10 kfl 
V O-WV 






+ 5 V 



(b) 


Figure 6.30 Example 6.12: (a) circuit; (b) analysis with the steps numbered. 

Solution 

By examining the circuit, wc conclude that the two transistors Q, and Q 2 cannot be simultaneously conducting. 
Thus if Q x is on, Q , will be off, and vice versa. Assume that Q 2 is on. It follows that current will flow from 
ground through the 1 -kQ resistor into the emitter of Q 2 . Thus the base of Q 2 will be at a negative voltage, and 
base current will be flowing out ot the base through the 10-kQ resistor and into the +5-V sup; ly. This is impos¬ 
sible, since if the base is negative, current in the ' 0-kf2 resistor will have to flow into the base. Thus we con¬ 
clude that our original assumptioi i -that Q 2 is on—is incorrect. It follows that Q 2 will be off and Q i will be on. 

The question now is wdiether Q , is active or saturated. The answ'er in this case is obvious. Since 
the base is fed with a +5-V supply and since base current flow's into the base ot Q t , it follows that the 
base of Q , will be at a voltage lower than +5 V. Thus the collector—base junction ot Q t is reverse 
biased and Q, is in the active mode. It remains only to determine the currents and voltages using tech¬ 
niques already described in detail. The results are given in Fig. 6.30(b). 



6.31 

6.32 


Solve the problem in Example 6.12 for the case of a voltage of-5 V feeding the bases. What voltage 
appears at the emitters? 


Ans. -3.9 V 

Solve the problem in Example 6.12 with ihc voltage feeding 
that /? mjn = 30, and find V E , V g , / C1 , and / a . 

Ans. +4.8 V; +5.5 V; 4.35 mA; 0 


the bases changed to + 10 V. Assume 
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6.4 Applying the BJT in Amplifier Design 

We now beein our study of the utilization of the BJT in the design of amplifiers.' 5 The ba sis 
tor this important application is that when operated in the active mode, the BJT functions as a 
voitaee-controlled current source: the base-emitter voltage controls the collector current 
I Although the control relationship is nonlinear (exponential), we will shortly devise a 
rnpthnH fnr obtaining almost-l inear amplification from this fundamentally nonlinear device. 


6.4.1 Obtaining a Voltage Amplifier 

In the introduction to amplifiers in Section 1.5, we learned that a voltage-controlled current 

source can serve as a transconductance amplifier, that is, an amplilict whose input signal is a 
voltage and whose output signal is a current. More commonly, however, one is interested in 
voltage amplifiers. A simple way to convert a transconductance amplifier to a voltage ampli¬ 
fier is to pass the output current through a resistor and take the voltage across the resistor as the 
output. Doing this for a BJT results in the simple amplifier circuit shown in Fig. 6.31(a). Here 
v BF is the input voltage, R c (known as a load resistance) converts the collector current i c to 
a voltage ( i c R c ), and V cc is the supply voltage that powers up the amplifier and, together 
with R c establishes operation in the active mode, as will be shown shortly. 


V, 


cc 




A/Tr j 6 fih 1 <a * S ‘ mple BJT am P lifier with input v BE and output v cr (b) The voltage transfer characteristic 
the BJT^ ^ am P 1 ler m The three segments ot the VTC correspond to the three modes of operation of 


n the amplifier circuit of Fig. 6.31(a), the output voltage is taken between the collector 

^ er across R c . This is done because of the need to maintain a 

ground reference throughout the circuit. The output voltage * C£ is given by 


V CE ~ Vcc 


i c R ( 


(6.24 


value the m,nus sign) of icRc that is shmed by the constan 

1.5. It would be helpful fon'eadem nf e *!? raal ,erminals perspective is presented in Sections 1.4 l«* 
fore proceeding with the study of BJT amphfi "l" 1 baS ' C ampl ''' ier concc P ts to review this material be 
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6.4.2 The Voltage Transfer Characteristic (VTC) 


A very useful tool that yields great insight into the operation of an amplifier circuit is its 
voltage transfer characteristic (VTC), This is simply a plot (or a clearly labeled sketch i o:l 
the output voltage versus the input voltage. For the BJT ampli fier in Fig. 6.31(a), this is the 
plot of v CE versus v gE shown in Fig. 6.31(b). 

Observe that for v BE lower than about 0.5 V, the transistor is cut off, i c = 0, and. from 
Eq. (6.24), v CE - V cc . As v BE rises, the transistor turns on and v CE decreases. However, 
since initially v CE will still be high, the BJ I will be operating in the active mode. This con¬ 
tinues as v BE is increased until it reaches a value that results in v CE becoming lower than 
by 0.4 volt or so (point Z on the VTC in Fig. 6.3 lb). For v BE greater than that at point Z, 

I Jr 

the transistor operates in the saturation region and v CE decreases very slowly. 

The VTC in Fig. 6.31(b) indicates that the segment of greatest slope (and hence poten¬ 
tially the largest amplifier gain) is that labeled YZ. which corresponds to operation in the 
active mode. An expression for the segment YZ can be obtained by substituting for i c in Eq. 
(6.24) by its active-mode value 


/ 


c 



V BE / Vj 

e 


(625) 


where we have for simplicity neglected base-width modulation (the Early effect). The result is 




CE 



V BE^T 

e 


(6.26) 


This is obviously a nonlinear relationship. Nevertheless, linear (or almost-1 inear) amplifica¬ 
tion can be obtained by using the technique of biasing the BJT. 


6.4.3 Biasing the BJT to Obtain Linear Amplification 

Biasing enables us to obtain almost-1 inear amplification from the BJT. The technique is 
illustrated in Fig. 6.32(ai. A de voltage V BE is selected to obtain operation at a p<*iiu 
the segment YZ of the VTC. How to select an appropriate location for the bias point Q will 
be discussed shortly. For the time being, observe that the coordinates of Q are the dc 





BE 


O 


If \ R c 



■o 

+ 


V CE 



Figure 6.32 Biasing the BJT amplifier at a point Q located on the active-mode segment ot the VTC 






















































398 Chapter 6 Bipolar Junction 


Transistors (BJTs) 


voltages V. c and V CE , which are related by 


Vr£ - V CC V* e 


* BE '* T 


(6.27) 


Point Q is known as the bias point or the dc operating point. Also, since at Q no signal 
component is present, it is also known as the quiescent point (which is the origin of the 
symbol Ql Note that a transistor operating at Q will have a collector current / ( given by 


V = h 


I' 


be' ' r 


(6.28) 


Nt?xt, the signal to be amplified v be * a function of time r, is superimposed on the bias 
voltage V S £. as shown in Fig. 6.33(a). Thus the total instantaneous \olue of v BE becomes 

The resulting v CE {t) can be obtained by substituting this expression for v BE {t) into Eq. (6.25). 
Graphically, we can use the VTC to obtain v CE (t), point by point, as illustrated in Fig, 6.33(b). 


V, 


CE i 


Cutoff -> Active k- Saturation 

mode 


V 


cc 


V, 


CE 


ec 

A 



0 



(a) 


(b) 

Figure 6.33 BJT amplifier biased at a point O with , . ,3 

The resulting output signal v aDoe ir*. ’ . sma v °i ta 8 e signal v h superimposed on the dc bias voltag 

that <*„„ hy the voltage gain'T SUpenm P osed ™ •>« dc collector voltage V„, The amplitude of o„ is — 
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Here we show the case when v be is a sine wave of‘‘small” amplitude. Specifically, the amplitude 
of v is small enough to restrict the excursion of the instantaneous operating point to a short 
almost 'linear segment of the VTC around the bias point Q. The shorter the segment, the greater 
the linearity achieved, and the closer to an ideal sine wave the signal component at the output, 
will be. This is the essence of obtaining linear amplification from the nonlinear BJT. 

I 


6.4.4 The Small-Signal Voltage Gain 


If the input signal v be is kept small, the corresponding signal at the output n tt . will be nearly 
proportional to v hc with the constant of proportionality being the slope of the almost-linear 
seement of the VTC around Q. This is the voltage gain of the amplifier, and its value can be 
determined by evaluating the slope of the tangent to the VTC at the bias point Q, 


4 = 


dv CE 


th 


BE 




r-~ //- -> q \ 


V BE ~ 1 BE 


-f + 



(6.29) 


(6.30) 


We make the following observations on this expression for the voltage gain: 


1. The gain is negative, which signifies that the amplifier is inverting; that is, there is a 
180° phase shift between the input and the output. This inversion is obvious in Fig. 
6.33(b) and should have been anticipated from Eq. (6.26). 

2. The gain is proportional to the collector bias current I c and to the load resistance 
R 


c- 


Additional insight into the voltage gain A can be obtained by expressing Eq. (6.30 1 as 


A.. = - 


V, 


V 


RC 


V 


(6.31) 


T 


where V Rl is the dc voltage drop across R ( . 




(6.32) 


The simple expression in Eq. (6.31) indicates that the voltage gain of the amplifier is the 
ratio of the dc voltage drop across R c to the thermal voltage V T (— 25 mV at room temperature). 
It follows that to maximize the voltage gain we should use as large a voltage drop across R c 
as possible. For a given value of V cc , Eq. (6.32) indicates that to increase V RC we have to 
operate at a lower V r/ , However, reference to Fig. 6.33(b) shows that a lowci V CE means a 
bias point Q close to the end of the active-region segment, which might not leave sufficient 
room for the negative-output signal swing without the amplifier entering the satuiation 
region. If this happens, the negative peaks of the waveform ot r. ( will be flattened. Indeed, it 
is the need to allow sufficient room for output signal swing that determines the most effec¬ 
tive placement of the bias point Q on the active-region segment, YZ, of the transfer curve. 
Placing Q too high on this segment not only results in reduced gain (because V Ri is lower) 
but could possibly limit the available range of positive signal swing. At the positive end, the 
limitation is imposed by the BJT cutting off, in which event the positive-output peaks would 
be clipped off at a level equal to V cc . Finally, it is useful to note that the theoretical 
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maximum »ain A is obtained by biasing the BJT at the edge of saturation, which of cour* 
Lid not leave any room for negative signal swing. The result,ng ga,n ,s g,ven by 

VCC ~J_CEsM -.JsH 

A v — — y 


Thus, 


M 


urnax 


v 


CC 


l 


r 


(6.341 


r 


Although the gain can be increased by using a larger supply voltage, other considerations 
come into play when one is determining an appropriate value tor V cc . In fact, the trend has 
been toward using lower and lower supply voltages, currently approaching 1 V or so. At 
such low supply voltages, large gain values can bo obtained b^ replacing the resistance R. 
with a constant-current source, as will be seen in Chapter 7. 



Consider an amplifier circuit using a BJT having I s = in 15 A, a collector resistance R, — 6.8 kil, and a 
power supply V cc = 10 V. 

(a) Determine the value of the bias voltage V B£ required to operate the transistor at V Cf = 3.2 V. What is 
the corresponding value of / f ? 

(b) Find the voltage gain A at this bias point. If an input sine-wave signal of 5-mV peak amplitude is 
superimposed on V BE> find the amplitude of the output sine-wave signal (assume linear operation). 

ic) Find the positive increment in v BE (above V BF ) that drives the transistor to the edge of saturation, 
where v C£ - 0.3 V. 

(d) Find the negative increment in v BE that drives the transistor to within 1% of cutoff (i.e, to 

v C£ = 0.99 V cc ). W 

Solution 



V - V 

I ¥ CC * CE 

l c - 


R 

10-3,2 

6.8 


c 


= 1 mA 


The value of V B£ can be determined from 


1 x 10" 3 = lO" 15 /" >r 


which results in 


^ be - 690.8 mV 
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10-3.2 

0.025 


-272 V/V 


V ce = 272x0.005 = 1.36 V 


(c) For v CE = 0.3 V, 


■ 10-0.3 

i c — ——— = 1.617 mA 

6*5 


To increase i c from 1 mA to 1.617 mA, v BE must be increased by 


^ v be ~ 


1,617 
l 


= 12 mV 


(d) I'or v CE 


0.99 V cc 


= 9.9 V, 


i n _ o o 

--— = 0.0147 mA 

6.8 


To decrease i r from 1 mA to 0.0147 mA, v BE must change by 




f 0.0147> 

s 1 


- -105.5 mV 


—■ 









_ 


6,33 For the situation described in Example 6.13, while keeping I c unchanged at 1 mA, find the value of 
/? ( that will result in a voltage gain of-320 V/V. What is the largest negative signal s\\ ing allowed 
at the output (assume that v a is not to decrease below 0.^ V)? What (approximately) is the corre¬ 
sponding input signal amplitude? (Assume linear operation.) 

Ans. 8 k Q: 1.7 V; 5.3 mV 


— 


— 


6.4.5 Determining the VTC by Graphical Analysis 


Figure 6.34 show's a graphical method for determining the VTC of the amplihet of 1 igure 
6.33(a). Although graphical analysis of transistor circuits is rarely employed in practice, it is 
useful tor us at this stage in gaining greater insight into circuit operation, especially in 
answering the question of where to locate the bias point Q. 
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Load line 



Figure 6.34 Graphical construction lor determining the \ TC ot the amplilier circuit of Fig. 6.33(a). 


The graphical analysis is based on the observation that for each value of v Bf s the circuit will 
be operating at the point of intersection of the corresponding i c - v CE graph and the straight line 
representing Eq. (6.24), which can be rewritten in the form 



(6.35) 


The straight line representing this relationship is superimposed on the i c ~ v CF characteris¬ 
tics in Fig. 6.34. It intersects the horizontal axis at v CE = V cc and has a slope of -1 /R c , 
Since this straight line represents in effect the load resistance R L , it is called the load line 
The VTC is then determined point by point. Note that we have labeled three important 
points: point Y at which V BE ~ point Q at which the BJT can be biased for amplifier 

operation (v BE = V BE and v CE = \' CE ), and point Z at which the BJT leaves the active mode 
and enters the saturation region. If the BJT is to be used as a switch, then operating points \ 
and Z are applicable: At Y the transistor is ol! (open switch), and at Z the transistor operates 
as a low valued resistance R^ E$AX and has a small voltage drop (closed switch). It should be 
noted, however, that because ol the long delay time needed to turn off a saturated BJT. mod¬ 
em digital integrated circuits no longer utilize the saturated mode of operation. Nonsaturated 
BJT digital circuits will be studied in Chapter 14. 


6.4,6 Locating the Bias Point Q 

The bias point Q is determined by the value ot V Bt and that of the load resistance Rc- Twc 
important considerations in deciding on the location of Q are the gain and the allowable signal 
swing at the output. To illustrate, consider the VTC shown in Fig. 6.33(b). Here the value oi/? t 

is lxe 1* and the only variable remaining is the value of/ Since the slope increases as we move 

c oser to point Z, we obtain higher gain by locating Q as close to Z as possible. However, the 
• ^ * 6 boundary point Z. the smaller the allowable magnitude of negative signal 

lrfn vr 3S USUa ^ ' n engmeerin g we encounter a situation requiring a trade-off. 

two ot C ! n" 8 ° n a , 6 f0r Rc " is useful 10 refer to the /, - ,,, plane. Figure 6.35 show* 

a severe const^Y'" 8 u ' W ° ex,reme bias P omts: Point Q,, is too close to V cc . resulting 111 

raint on the positive signal swing of v ct! . Exceeding the allowable positive 
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♦ 



Figure 6.35 Effect of bias-point location on allowable signal swing: Load line A results in bias point 
with a corresponding V CE that is too close to V cc and thus limits the positive swing of v ce . At the other 
extreme, load line B results in an operating point, Q^, too close to the saturation region, thus limiting the neg¬ 
ative swing of u Cf . 


maximum results in the positive peaks of the signal being clipped off, since the BJT will 
turn off for the part of each cycle near the positive peak. We speak of this situation as the 
circuit not having sufficient “headroom." Similarly, point Q B is too close to the boundary' ot 
the saturation region, thus severely limiting the allowable negative signal swing ot v ce . 
Exceeding this limit would result in the transistor entering the saturation region foi part ot 
each cycle near the negative peaks, resulting in a distorted output signal. We speak ot this 
situation as the circuit not having sufficient “iegroom.” We will have more to say on bias 
design in Section 6.7. 


6.5 Small-Signal Operation and Models 

Having learned the basis for the operation ol the B, 1 1 as an amplifier, we now take a closer 
look at the small-signal operation of the transistor. Toward that end, consider once more the 
conceptual amplifier circuit shown in Fig. 6.36(a). Here the base-emitter junction is forward 
biased by a dc voltage V BE (battery). The reverse bias of the collector— base junction is estab¬ 
lished by connecting the collector to another power supply ot voltage V cc through a resistor 
R v . The input signal to be amplified is represented by the voltage source v ht , that is superim¬ 
posed on V BE . 

We consider first the dc bias conditions by setting the signal v bv to zero. The circuit 
reduces to that in Fig. 6.36(b), and we can write the following relationships for the dc cur¬ 
rents and voltages: 

/ _ / J^ v t (6.36) 


I E = l c /CC 


(6.37) 
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Figure 6.36 (a) Conceptual circuit to illustrate the operation of the transistor as an amplifier, (b) The cir¬ 
cuit of (a) with the signal source i>^ eliminated for dc (bias) analysis. 

h = Wft (6.38) 

Vct: — Vcc~ IcRc (6.39) 


Obviously, for active-mode operation, V c should be greater than ( V B - 0.4) by an amount 
that allows for the required signal swing at the collector. 


6.5.1 The Collector Current and the Transconductance 

If a signal v be is applied as shown in Fig. 6.36(a), the total instantaneous base-emitter volt¬ 
age v BE becomes 


V BE “ VBE + v be 

Correspondingly, the collector current becomes 


k = h e 


V BE / V T 


= h* 


* f BE + v bc^^' T 


= he 


* T v he / l T 


Use o Eq. (6.36) yields 


ir = Ire 


Vhc/Vj 


Now, if < V r , we may approximate Eq. (6.40) as 



'c“/ c (l+y) (6.41) 

We ^^. ex P an ^ et ^ (^ e exponential in Eq. (6.40) in a series and retained only tl' 

* a a PP rox * n ^ at * 0n ’ w hich is valid only tor v b less than approximately 10 mV. f 

current ° ^ the small ' si 6 nal approximation. Under this approximation, the total colled# 
current is given by Eq. (6.41) and can be rewritten 
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Thus the collector current is composed oi the dc bias value I c and a signal component i c , 

h 

c ~ V T Vbe (6 - 43} 

This equation relates the signal current in the collector to the corresponding base-emitter 
signal voltage. It can be rewritten as 

h = 8 be (6.44) 


where g m is called the transconductance, and from Eq. (6.43), it is given by 

I c 

gm = 77 (6.45) 

V f 


We observe that the transconductance of the BJT is directly proportional to the collector bias 
current /,... Thus to obtain a constant predictable value forg m , we need a constant predictable 
/... finally, we note that BJTs have relatively high transconductance (as compared to MOS- 
FETs, which we studied in Chapter 5); for instance, at I c = 1 mA, g m — 40 mA/V. 

A graphical interpretation for g m is given in Fig. 6.37, where it is shown that g m is equal 
to the slope of the i c —v BE characteristic curve at i c - 7 c (i.e., at the bias point Q). Thus, 






(6.46) 


o 

o 




Slope = g m 






T 

/ 


Figure 6.37 Linear operation of the transistor under the small-signal condition. A small signal with a 
triangular waveform is superimposed on the dc voltage \ BE . It gives rise to a collector signal current r, also 
ut triangular waveform, superimposed on the dc current l c . Here. / = g„v hi . where g m is the slope ot the i c , Bf 
curv e at the bias point Q. 
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The small-signal approximation implies keeping the signal amplitude sufficiently small that 
operation is restricted to an almost-linear segment of the exponential curve. Increas. 

ina the signal amplitude will result in the collector current havmg components nonlinearly 
reLed to This, of course, is the same approximation that we discussed in the context of 

the amplifier transfer curve in Section 6.4. 

The analysis above suggests that for small signals (v be < i T h the transistor behaves as a 
voltage-controlled current source. The input port of this controlled source is between base 

and emitter, and the output port is between collector and emitter. The transconductance of 

the controlled source is g m , and the output resistance is infinite. The latter ideal property is a 
result of our first-order model of transistor operation in which the collector voltage has no 
effect on the collector current in the active mode. As we have seen in Section 6.2, practical 
BJTs have finite output resistance because of the Early effect. The effect of the output resis¬ 
tance on amplifier performance will be considered later. 



6.34 Use Eq. (6.46) to derive the expression for g m in Eq. (6.45». 

6.35 Calculate the value of g m for a BJT biased at I c = 0.5 mA. 
Ans. 20 mA/V 


6.5.2 The Base Current and the Input Resistance at the Base 

To determine the resistance seen by v be , we first evaluate the total base current i B using 
Eq. (6.42), as follows: 

i - l£ — {c . 1 [c 

Thus, 

h - ffl + ib (6A7) 


where I B is equal to 7 c //?and the signal component i h is given by 


h 

Substituting for I c / V T by g gives 




The small-signal input resistance between 
by r n and is defined as 


gm 

P 


Vi 

be 


(6.49) 


base and emitter, looking into the base, is denoted 



o 
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Using Eq. (6.49) gives 



(6.51) 


Thus r n is directly dependent on /?and is inversely proportional to the bias current I c . Substi¬ 
tuting for g m in Eq. (6.51) from Eq. (6.45) and replacing I c lp by I B gives an alternative 

expression for r s . 



(6.52) 





6.36 A BJT amplifier is biased to operate at a constant collector current I c = 0.5 mA irrespective of 
the value f3. If the transistor manufacturer specifies ft to range from 50 to 200, give the expected 
range of g m , I B , and r n . 

Ans. g m is constant at 20 mA/V; I B - 10 pA to 2.5 pA; r K = 2.5 kQ to 10 kQ 


6.5.3 The Emitter Current and the Input Resistance at the Emitter 


The total emitter current i E can be determined from 


Thus, 



■ 

i 


E 


I E + i e 



where i f is equal to I c ia and the signal current i e is given by 



(6.54) 


If we denote the small-signal resistance between base and emitter looking into the emitter by 
it can be defined as 



Using Eq. (6.54) we find that r , called the emitter resistance, is given by 



Comparison with Eq. (6.45 ) reveals that 





(6.55) 


(6.56) A 


li 

gm 


(6.57) 


o 
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The relationship between r, and r. can be found by combining their respective definitions in 
Eqs. (6.50) and (6.55) as 


V 



ur 


h f n 



e 


Thus, 


r. = (i e /k) r e 


which yields 



r, = (P+ IK 



fiigure 6.38 illustrates the dcfinii >>n ot v K and t e - 


[ 

I 

I 

[ 



Figure 6.38 Illustrating the definition of r K and r. 




6.37 A BJT having = H10 is biased at a dc collector current of I m A. Find the value of g , r , and r t at 

■» | * * o m e* 

the bias point. 

Ans. 40 mA/V; 25 Q; 2.5 kQ 


6.5.4 Voltage Gain 

We have established above that the transistor senses the base-emitter signal v be and causes a 
proportional current g m v be to flow in the collector lead at a high (ideally infinite) impedance 
e . n t is way the transistor is acting as a voltage-controlled current source. To obtain an 

f. we ma y f° rce this current to flow through a resistor, as is done in Fig- 

6.36(a). Then the total collector voltage „ rjE will be 

v ce = Vcc~ i c Rc 

= {V cc - I C R C )- i<R c 

= v ce - i c R c 


(6.59) 
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Here the quantity V CE is the dc bias voltage at the collector, and the signal voltage is given by 


V 


ce 


~i c R C - gmV be R C 


(6.60) 


( SmRci^be 

Thus the voltage gain of this amplifier^ is 



(6.61) 


Here again we note that because g m is directly proportional to the collector bias current, 
the gain will be as stable as the collector bias current is made. Substituting for g m from 
Eq. (6.45) enables us to express the gain in the form 


A v — 


V-r 


which is identical to the expression we derived in Section 6.4 (Eq. 6.31). 


(6.62) 




6.38 In the circuit of Fig. 6.36(a), V BE is adjusted to yield a dc collector current of 1 mA. Let V cc = 15 V, 
R c ~ 10 k£2, and = 100. Find the voltage gain v ce /v be . Ify fc = 0.005 sin cot volt, find v c </) and i B (t). 
Ans. -400 V/V; 5 - 2 sin cot volts; 10 + 2 sin cot pA 


6.5.5 Separating the Signal and the DC Quantities 

The analysis above indicates that every current and voltage in the amplifier circuit of 
Fig. 6.36(a) is composed of two components: a dc component and a signal component. : or 
instance, v Bl = V BE + v he , I c = / ( + /, and so on. The dc components are determined from the 
dc circuit given in Fig, 6.36(b) and from the relationships imposed by the transistor (Eqs. 6.36 
through 6.38). On the other hand, a representation of the signal operation of the BJT can 
he obtained by eliminating the dc sources, as shown in Fig. 6.39. Observe that since the volt¬ 
age of an ideal dc supply does not change, the signal voltage across it will be zero. For this 
eason we have replaced V cc and V BE with short circuits. Had the circuit contained ideal dc 


% 



Figure 6.39 I he amplifier circuit of Fig. 6.36(a) with the 
dc sources (V BE and V cc ) eliminated (short-circuited). I'hus 
only the signal components are present. Note that this is a rep¬ 
resentation of the signal operation ot the BJT and not an actual 

amplifier circuit. 
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current sources, these would have been replaced by open circuits. Note, however, that the 
circuit of Fie. 6.39 is useful only in so far as it shows the various signal currents and volt- 
ages; it is not an actual amplifier circuit, since the dc bias circuit is not shown. 

* Figure 6.39 also shows the expressions for the current increments (/ c , i b , and i e ) obtained 
when a small signal Vbe is applied. These relationships can be represented by a circuit. Such a cir¬ 
cuit should have three terminals— C, B, and E and should yield the same terminal currents indi¬ 
cated in Fig. 6.39. The resulting circuit is then equivalent to the transistor as far as small-signal 
operation is concerned and thus it can be considered an equivalent sma 11-signal circuit model 


6.5.6 The Hybrid-# Model 

An equivalent circuit model for the BJT is shown in Fig. 6.40(a). This model represents the BJT 
as a voltage-controlled current source and explicitly includes the input resistance looking into 
the base, r,. The model obviously yields / =g m v be and i b - v be /r n . Not so obvious, however, is 
the fact that the model also yields the correct expression for i e . Tins can be shown as follows: 
At the emitter node we have 


/ 


e 



Sm l 'he 



0 + gmO 




A slightly different equivalent-circuit mode! can be obtained by expressing the current 
of the controlled source (g m v be ) in terms of the base current i h as follows; 

{§m^/c)lb fob 

This results in the alternative equivalent-circuit model shown in Fig. 6.40(b). Here the tran¬ 
sistor is represented as a current-controlled current source, with the control current being i b . 



BJT The equivalent circuit in ^\ ent Vers ' ons *^ e hybrid-^ model for the small-signal operation ot ite 
ductance amplifier) and that in ^ epresents tlle ^JT as a voltage-controlled current source (a transcon- 
amplifier). {b) re P resents *e BJT as a current-controlled current source (a current 
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The two models of Fig. 6.40 are simplified versions of what is known as the hybrid -tt 
model. This is the most widely used model for the BJT. 

It is importam to note that the small-signal equivalent circuits of Fig. 6 40 model the 
operation of the BJT at a given bias point. This should be obvious from the fact that 
the model parameters g m and r n depend on the value of the dc bias current 7 C , as indicated in 
Fig. 6.40. It is interesting and useful to note that the models of Fig. 6.40 (a) and (b are the 
small-signal versions of the models of Fig. 6.5(c) and (d), respectively. Specifically, observe 
that r is the incremental resistance of D B . 



6.39 For the model in Fig. 6.40(b) show that i e = g„v u and i c - v he /r e . 



6.5.7 The T Model 

Although the hybrid-^ - model (in one of its two variants shown in Fig, 6.40) can be used 
to carry out small-signal analysis of any transistor circuit, there are situations in which an 
alternative model, shown in Fig. 6 41, is much more convenient. This model, called the 
I model, is shown in two versions in Fig. 6.41. The model of Fig. 6.41(a) represents the 
BJT as a voltage-controlled current source with the control voltage being v bt , Here, however, 
the resistance between base and emitter, looking into the emitter, is explicitly shown. From 
Fig. 6.41(a) we see clearly that the model yields the correct expressions for / and i e . For i b 
we note that at the base node we have 




(a) (b) 

Figure 6.41 Two slightly different versions of what is known as the T model of the BJT. The circuit in 
is a voltage-controlled current source representation and that in (b) is a current-controlled current source 
representation. These models explicitly show the emitter resistance r e rather than the base resistance r K 
featured m (he hybrid-jr model. 
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as should be the case. 

If in the model of Fig. 6.41(a) the current of the controlled source is expressed in terms 
of the emitter current as 

§m l ’be £m(^e) 

= (, g m r e )i e = ai e 

we obtain the alternative T model shown in Fig. 6.41(b). Here the BJT is represented as a 
current-controlled current source but with the control signal being i . 

It is interesting and useful to note that the models of Fig. 6.41 (a) and (b) are the small- 
signal versions of the models in Fig. 6.5(a) and (b), respectively. Specifically observe that r 
is the incremental resistance of D r 


6,5.8 Small-Signal Models of the pnp Transistor 

Although the small-signal models in Figs. 6.40 and 6.41 were developed for the case of the 
npn transistor, they apply equally well to the pnp transistor with no change in polarities. 


6.5.9 Application of the Small-Signal Equivalent Circuits 

The availability ot the small-signal BJT circuit models makes the analysis of transistor 
amplifier circuits a systematic process. The process consists of the following steps: 


1 . 

2 . 

3. 

4. 



Eliminate the signal source and determine the dc operating point of the BJT and in par¬ 
ticular the dc collector current / ( . 

Calculate the values of the small-signal model parameters: g m — l c / V T , r K -ft/ 
and r e = V T / I E - a/ g m . 

Eliminate the dc sources by replacing each dc voltage source with a short circuit and each 
dc current source with an open circuit. 


^ep ace t e i with one of its small-signal equivalent circuit models. Although an 

tiniiar Can ^ 0ne more convenient than the others for the pai 

circuit eing analyzed. This point will be made clearer later in this chapter. 

resistance i _5 su * t * n ® c ' rcu > t t0 determine the required quantities (e.g., voltage gain, inpi 
resistance,. The process will be illustrated by the following examples. 
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We wish to analyze the transistor amplifier shown in Fig. 6.42(a) to determine its voltage gain v /v. 
Assume ft = 100. ° ' 


V cc = +10 V 

A 



+ 10 V 


2.3 mA 


+ 3 V 


t 


100 kfl 


0.023 mA o 

+0.7 V 



o +3.1 V 


2.323 mA 



Figure 6.42 Example 6.14: (a) amplifier circuit; (t>) circuit for dc analysis; (c) amplifier circuit with dc sources 
replaced hy short circuits; (d) amplifier circuit with transistor replaced by its hybrid- K. small-signal models. 


Solution 

We shall follow the five-step process outlined above: 

1. The tirst step in the analysis consists of determining the quiescent operating point. For this pur¬ 
pose we assume that v } — 0 and thus obtain the dc circuit shown in Fig. 6.42(b). The dc base cur¬ 
rent will be 
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Example 6.14 continued 






BE 


RBB 

3-0.7 

100 


= 0.023 mA 


The dc collector current will be 


I c = pl s = 100x0.023 = 2.3 mA 


The dc voltage at the collector will be 

V^ = V c c ~ lc*c 


= +10-2.3x3 = +3.1 V 


Since V H at +0.7 V is less than V c , it follows that in the quiescent condition the transistor will be 
operating in the active mode. The dc analysis is illustrated in Fig. 6.42(b i. 

2. Having determined the operating point, we can now proceed to determine the small-signal model 
parameters: 


r„ = 


% 

L 


25 mV 


(2.3/0.99) mA 


= 10.8 Q 


Sm 


[c _ 2.3 mA 
V T 25 mV 


= 92 mA/V 


3. 

4. 


5. 


r„ = •A = ^ = 1.09 kU 
S„ 92 

Replacing V BB and V cc with short circuits results in the circuit in Fig. 6.42(c). 

To carry out the small-signal analysis, it is equally convenient to employ either of the two hybrid- 

f equivalent_ circuit models of Fig. 6.40 to replace the transistor in the circuit of Fig. 6.42(c). 
sing the first results in the amplifier equivalent circuit given in Fig. 6.42(d). 

Analysis of the equivalent circuit in Fig. 6.42(d) proceeds as follows: 


V be = V. 


n 


r 7 T + ^BB 


1.09 

= V:-r— = 0.01 It 


'101.09 


(6.63) 


The output voltage v it is given by 


1 o Sm^be^C 


= -92x0.01iTT.x3 = -3.04ti 


Thus the voltage gain will he 


A v = ~ = -3.04 V/V 


v i 


(6.64) 
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Example 6.15 


To gain more insight into the operation of transistor amplifiers, we wish to consider the waveforms at var- 
,oas po.nts in the circuit analyzed in the previous example. For this purpose assume that„ has a triangular 
waveform, hirst determine the maximum amplitude that v, is allowed to have. Then, with ihe amplitude of 
", set to this value, give the waveforms of the total quantities ;„(/), % .<r), an d vjiy 

Solution 


One constraint on signal amplitude is the small-signal approximation, which stipulates thati^. should not 
exceed about 10 mV. II we lake the triangular waveform v be to he 20 mV peak-to-peak and work back¬ 
ward, Eq. (6.63) can be used to determine the maximum possible peak ofv.. 



10 

0.011 


= 0.91 V 


lo check whether the transistor remains in the active mode with v t havine a peak value 
v. - 0.91 V, we have to evaluate the collector voltage. The voltage at the collector will consist of a trian¬ 
gular wave n,, superimposed on the dc value V c = 3.1 V. The peak voltage of the triangular waveform will 
be 


v o = O x gain = 0.91 x 3.04 = 2.77 V 


It follows that when the output swings negative, the collector voltage reaches a minimum of 3.1 - 2.77 = 
'.33 V, which is lower than the base voltage by less than 0.4 V. Thus the transistor will remain in the 
active mode with V( having a peak value of 0.91 V. Nevertheless, to be on the safe side, we will use a 
somewhat low er value for v. of approximately 0.8 V, as shown in Fig. 6.43(a), and complete the analysis 

ofthis problem utilizing the equivalent circuit in Fig. 6.42(d). The signal current in the base will be trian¬ 
gular, with a peak value i b of 



V. 

_ l 

R B8 + r ft 


0.8 

100+1.09 


= 0.008 mA 


This triangular-wave current will he superimposed on the quiescent base current l B , as shown in Fig. 
6.43( b). The base-emitter voltage will consist of a triangular-wave component superimposed on the dc 
1 that is approximately 0.7 V, The peak value of the triangular waveform will be 


A 


V 



A 





1,09 

100+ 1.09 


8.6 mV 


The total v nE is sketched in Fig. 6.43(c). 

The signal current in the collector will be triangular in waveform, with a peak value i c given by 

} c = p) b = 100x 0.008 = 0.8 mA 

This current will be superimposed on the quiescent collector current l c (=2.3 mA), as shown in Fig. 
6.43(d). 

The signal voltage at the collector can be obtained by multiplying v, by the voltage gain; that is. 


d = 3.04 x 0.8 = 2.43 V 

O 

Figure 6.43(e) shows a sketch of the total collector voltage versus time. Note the phase reversal 
between the input signal v, and the output signal v 0 . 

Finally, we observe that each of the total quantities is the sum of a dc quantity (found from the dc cir- 

■ i§i ^ ^ 

cuit in rig. 6.42b), and a signal quantity (found from the circuit in Fig. 6.42d). 
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Example 6.15 continued 







V BE A 





Figure 6.43 Signal waveforms in the 
circuit of Fig. 6.42. 
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Example 6.16 



We need to analyze the circuit of Fig. 6.44(a) to determine the voltage gain and the signal waveforms 
at various points. The capacitor C a is a coupling capacitor whose purpose is to couple the signal v, to 
the emitter while blocking dc. In this way the dc bias established by K + and ^'together with R, and R 
will not be disturbed when the signal v t is connected. For the purpose of this example, C c l will be 
assumed to be very large so as to act as a perfect short circuit at signal frequencies of interest. Simi¬ 
larly, another very large capacitor C c2 is used to couple the output signal v f) to other parts of the system. 



V~ = — 10 V -10 V 




Figure 6,44 (a) circuit; (b) dc analysis; (c) circuit with the dc sources eliminated, (d) small-signal analysis using 
the T model for the BJT. 
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Example 6.16 continued 


Solution 

Here again we shall follow the five-step process outlined at the beginning of Section 6.5.9: 

1. Figure 6.44(b) shows the circuit with the signal source and the coupling capacitors eliminated. 
The dc operating point can be determined as follows: 



+ 10- V E 


+ 10-0.7 



0.93 mA 


Assuming /?= 100, then cc- 0.99, and 

I c = 0.99/. = 0.92 mA 

V c = -10 + I C R C 

= -10 + 0.92 x 5 = -5.4 V 


Thus the transistor is in the active mode. 


2. We now determine the small-signal parameters as follows: 





I_c _ 0.92 
V T 0.025 

Vj = 0.025 
4 “ 0.92 
100 


36.8 mA/V 
27.2 a 




100 

36.8 


= 2.72 kQ 






3. To prepare the circuit for small-signal analysis, we replace the dc sources with short circuits. ITie 
resulting circuit is shown in Fig. 6.44(c). Observe that we have also eliminated the two coupling 
capacitors, since they are assumed to be acting as perfect short circuits. 

4. We are now ready to replace the BJ i with one of the four equivalent circuit models of Figs. 6.40 

and 6.41. Although any of the tour will work, the T models of Fig. 6.41 will be more convenient 

because the base is grounded. Selecting the version in Fig. 6.41(b) results in the amplifier equiv¬ 
alent circuit shown in Fig. 6.44(d). 


5. Analysis of the circuit in Fig. 6.44(d) to determine the output voltage v a and hence the voltage 
gain v 0 /v i is straightforward and is given in the figure. The result is 


A v = - = 183.3 V/V 

v . 

Note that the voltage gain is positive, indicating that the output is in phase with the input signal. 

This property is due to the tact that the input signal is applied to the emitter rather than to the base, 

as was done in Example 6.14. We should emphasize that the positive gain has nothing to do with 
the fact that the transistor used in this example is of the pnp type. 


Returning to the question of allowable signal magnitude, we observe from Fig. 6.44(d) that v, t = v. 

mateW Ornv'WUH ^ '** lmearit ^ the " the P«* of v, should be limited to approxi 

the collector, p. wHI be * ^ “ Sh ° Wn ^ 3 Sme ' wave in P u ''» Fig- 6-45, the peak amplitude I 


Vo - 183.3 x 0.01 - 1.833 V 


6.5 Small-Signal Operation and Models 419 




Figure 6.45 Input and output waveforms for the circuit of Fig. 6.44. Observe that this amplifier is noninverting, a 
property of the grounded base configuration. 



6.40 To increase the voltage gain of the amplifier analyzed in Example 6.16, the collector resistance 
R i is increased to 7.5 kO. 1 ind the new values of V c , A v , and the peak amplitude of the output sine 
wave corresponding to an input sine wave of 10-mV peak. 

Ans. -3.1 V; 275 V/V; 2.75 V 

6.5.10 Performing Small-Signal Analysis Directly 
on the Circuit Diagram 

In most cases one should explicitly replace each BJT with its small-signal model and ana- 
hze the resulting circuit, as we have done in the examples above. This systematic procedure 
|s particularly recommended for beginning students. Experienced circuit designers, how- 
ever > often perform a first-order analysis directly on the circuit. F igure 6.46 illustrates this 
process tor the two circuits we analyzed in Examples 6.14 and 6.16. The reader is urged to follow 
this direct analysis procedure (the steps are numbered). Observe that the equivalent-circuit 
model is implicitly utilized; we are only saving the step ot drawing the circuit with the BJT 
replaced by its model. Direct analysis, however, has an additional very important benefit: It 
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Figure 6.46 Performing signal analysis directly on 
the circuit diagram with the BJT small-signal model 
implicitly employed: (a) Circuit for Example 6.14; 
(b) Circuit for Example 6.16. 


provides insight regarding the signal transmission through the circuit. Such insight can 
prove invaluable in design, particularly at the stage of selecting a circuit configuration 
appropriate for a given application. 


6.5.11 Augmenting the Small-Signal Models to Account 
for the Early Effect 


e tarty effect, discussed in Section 6.2, causes the collector current to depend not only on 
1 be ulso on v C£ . The dependence on v CE can be modeled by assigning a unite output resis* 
tance to the controlled current source in the hybrid-^model, as shown in Fig. 6.47. The output 
resistance r 0 was defined in Eq. (6.19); its value is given by r„ = V A /I' C , where V A is the Early 
vo tage and J c is the dc bias current without taking the Early effect into account. We will nor¬ 
mally drop the prime and just use r 0 = V A /I C . Note that in the models of Fig. 6.47 we have 
renamed as v s , in order to conform with the literature. 
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Figure 6.47 The hybrid-vr small-signal model, in its two versions, with the resistance r o included. 


The question arises as to the el feet of r, on the operation of the transistor as an amplifier. 
In amplifier circuits in which the emitter is grounded (as in the circuit of Fig. 6.42), r 0 simply 
appears in parallel with R t . Thus, if we include r, in the equivalent circuit of Fig. 6.42(d), for 
example, the output voltage v 0 becomes 


V 


<> 



Thus the gain will be somewhat reduced. Obviously if r tt > R t , the reduction in gain will be 
negligible, and one can ignore the effect of r 0 . In general, in such a configuration r 0 can be 
neglected if it is greater than 10 R ( . 

When the emitter of the transistor is not grounded, including r tt in the model can compli¬ 
cate the analysis. We will make comments regarding r o and its inclusion or exclusion on fre¬ 
quent occasions throughout the book. We should also note that in integrated-circuit BJT 
amplifiers, r 0 plays a dominant role and cannot he neglected, as will be seen in ; hapter 7. ()l 
course, if one is performing an accurate analysis of an almost-final design using computer- 
aided analysis, then r 0 can be easily included. 

Finally, it should he noted that either of the T models in big. 6.4! can be augmented to 
account for the Early effect by including r between collector and emitter. 



6.41 


The transistor in i ig. F.6.41 is biased with a constant current source / — 1 mA and has /? — 100 
and V A = 100 V. 

(a) Find the dc voltages at the base, emitter, and collector. 

<b) Find and r„. , l ri 

(c) If terminal Z is connected to ground, X to a signal source v sig with a source resistance A sig - k* , 
and Y to an 8-kl2 load resistance, use the hybrid-#"model of Fig. 6.47(a), to draw the small-signal 
equivalent circuit of the amplifier. (Note that the current source / should be replaced w ith an open 
circuit.) Calculate the overall voltage gain vjv^. It r 0 is neglected, what is the error in estimating 
the gain magnitude? {Note: An infinite capacitance is used to indicate that the capacitance is suffi¬ 
ciently large that it acts as a short circuit at al! signal frequencies of interest. However, the capacitor 
still blocks dc.) 
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6.5.12 Summary 

The analysis and design of BJT amplifier circuits is greatly facilitated if the relationships 
between the various small-signal model parameters are at your fingertips. For easy refer¬ 
ence, these are summarized in Table 6.4. Over time, however, we expect the reader to be 
able to recall these from memory. Finally, note that the material in Table 6.4 applies equally 
well to both the npn and the pnp transistors with no change in polarities. JJM 


6.6 Basic BJT Amplifier Configurations 

It is useful at this point to take stock of where we are and where we are going in our 
study ot BJT amplifiers. In Section 6.4 we examined the essence of the use ol the BJT 
as an amplifier. There we found that almost-linear amplification can be obtained by 
biasing the BJT at an appropriate point in its active region of operation and by keeping 
the signal v be (or v n ) small. Then in Section 6.5 we took a closer look at the small- 
signal operation ot the BJ f and developed circuit models to represent the transistor, 
thus facilitating the determination ot amplifier parameters such as voltage gain and 
input and output resistances. 

We are now ready to consider the various possible configurations of BJT aiTiplificrs, 
and we will do that in the present section. To focus our attention on the salient features 
of the various configurations, we shall present them in their most simple, or “stripped- 
down, version. Thus, we will not show the dc biasing arrangements, leaving the study 
of bias design to the next section. Finally, in Section 6.8 we will bring everything 
together and present practical circuits for discrete-circuit BJT amplifiers, namely, those 
amplifier circuits that can be constructed using discrete components. The study of 
integrated-circuit amplifiers begins in Chapter 7. 
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Table 6.4 Small-Signal Models of the BJT 

_ p ■ i " 1 ““ " ““ - ' - ~ — " M - —- | 

Hybrids Model 

■ [gv*) Version ■ (J3i b ) Version 



■ (£*v x ) Version 


■ (or/) Version 




Model I'arameters in 

Terms of DC Bias Currents 



O ffl | f 

* T 

V T V T 

'• ~ r E - a Ic 

V T _ n l _T 

r K ~j~ ~ P l 

h *c 

\ V A 

r = - 

° i 

l c 


In Terms of e 



In Terms of r 


g = 2 


Cr = (fi+ 


2 m + 
■o tn 


c 


1 1 


r r , 

f n e 


Relationships between or and /? 


0 = 


a 


1 - a 


a - 




p +1 


+ 1 — 


1 - a 
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6.6.1 The Three Basic Configurations 

There are three basic configurations for connecting the BJT as an amplifier. Each ot these con- 
figurations is obtained by connecting one of the three BJT terminals to ground, thus creating a 
two-port network with the grounded terminal being common to the input and output ports. Fig¬ 
ure 6.48 show's the resulting three configurations with the biasing arrangements omitted. 

In the circuit of Fig. 6.48(a) the emitter terminal is connected to ground, the input voltage 
signal v. is applied between the base and ground, and the output voltage signal v a is taken 
between the collector and ground, across the resistance R c . This configuration, therefore, is 
called the grounded-emitter or common-emitter (CE) amplifier. It is by tar the most popu* 
jgj* BJT amplifier configuration and is the one we ha\e utili/cd in Sections 6.4 and 6.5 to 

study BJT amplifier operation. 



(a) Common-Emitter (CE) 


(b) Common-Base (CB) 


v. 



(c) Common-Col lector (CC) 4H 

or Emitter Follower 

® basic configurations ol BJT amplifier. The biasing arrangements are not shewn. 


4 
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The common-base (CB) or grounded-base amplifier is shown in Fig. 6.48(b). It is 
obtained by connecting the base to ground, applying the input v f between the emitter and 
ground, and taking the output v a across the resistance R c connected between the collector 
~ [K 1 g r0 und. We have encountered a CB amplifier in Example 6.14. 

Finally, Fig. 6.48(c) shows the common-collector (CC) or grounded-collector amplifier. 
It is obtained by connecting the collector terminal to ground, applying the input voltage sig¬ 
nal v between base and ground, and taking the output voltage signal o (J between the emitter 
ant j ground, across a load resistance R L . For reasons that will become apparent shortly, this 
configuration is more commonly called the emitter follower. 

Our study of the three basic BJ I amplifier configurations will reveal that each has dis¬ 
tinctly different attributes and hence areas of application. 14 


6.6.2 Characterizing Amplifiers 15 


Before we begin our study of the different BJT amplifier configurations, we consider how to 
characterize the performance of an amplifier as a circuit building block. An introduction to 
ihis topic was presented in Section 1.5. 

Figure 6.49(a) shows an amplifier fed w'ith a signal source having an open-circuit voltage 
,, a nd an internal resistance R,.„. These can be the parameters of an actual signal source 

SSiJ t* 

or, in a cascade amplifier, the 1 hevenin equivalent of the output circuit of another stage pre¬ 
ceding the one under study. The amplifier is shown with a load resistance R r connected to 
the output terminal. Here, R L can be an actual load resistance or the input resistance of a 

succeeding amplifier stage in a cascade amplifier. 

Figure 6.49(b) shows the amplifier circuit with the amplifier block replaced by its equivalent- 
circuit model. The input resistance R m represents the loading effect of the amplifier input on 
the signal source. It is found from 

v, 

R '" = T ‘ 

and together with the resistance R iig forms a voltage divider that reduces r sig to the value 
that appears at the input of the amplifier proper, 


R 


m 


V — - V - 

' R.„ + R 518 


(6.65) 


in 


Mg. 


It is important to note that in general R in may depend on the load resistance R L . One of the three 
configurations we are studying in this section, the emitter follower, exhibits such dependence. 
The second parameter for characterizing amplifier performance is the upcu-t.it t. uit 'ull¬ 


age gain 4 , defined as 


4 = — 


«i=°° 


The third and final parameter is the output resistance R 0 . Observe from Fig. 6.49(b) that R t) 
is the resistance seen looking back into the amplifier output terminal with Vj set to zero. 
Thus R n can be determined, at least conceptually, as indicated in Fig. 6.49(c) with 



v 


X 



The C E, C’B, and CC configurations are the BJT counterparts of the MOSFET C S, CG, an con 

figurations, respectively. . . x . n 

This section can be skipped if the reader has already studied Section 5.6.-, it presents su s an ia y 
same material. 
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Figure 6.49 (a) An amplifier fed with a signal source (y si , R s ) and providing its output across a load 
resistance /? L (b) The circuit in (a) with the amplifier represented by its equivalent circuit model, (c) Deter¬ 
mining the output resistance R o of the amplifier. 


Because R a is determined with v t - 0, its value does not depend on R si . 

The controlled source A vo v i and the output resistance R 0 represent the Thevenin equiva¬ 
lent of the amplifier output circuit, and the output voltage v Q can be found from 



Rl 

R L + 



vo 



Thus the voltage gain of the amplifier proper, A v , can be found as 


( 6 . 66 ) 





and the overall voltage gain G : , 


R 


VO 


R l + R 



can be determined by combining Eqs. (6.65) and (6.66). 



R 


in 


*in + « s , 8 
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6 6.3 The Common-Emitter (CE) Amplifier 

Qf the three basic BJT amplifier configurations, the common emitter is the most widely used. 
Typically, in an amplifier formed by cascading a number of stages, the bulk of the voltage gain 
is obtained by using one or more common-emitter stages in the cascade. 

Figure 6.50(a) shows a common-emitter amplifier (with the biasing arrangement omitted) 
fed with a signal source v sig having a source resistance R S]g . We wish to analyze the circuit 
to determine R in , A vo , R l7 , and G„. For this purpose we shall assume that R c is part of the 
impfifier; thus if a load resistance R t is connected to the amplifier output, it appears in par¬ 
allel with R(_'■ 

Characteristic Parameters of the CE Amplifier Replacing the BJT with its hybrid-;r 
model, we obtain the CE amplifier equivalent circuit shown in Fig. 6.50(b). We shall use this equiv¬ 
alent circuit to determine the characteristic parameters ol the amplifier R m , A vo , and R (l as follows. 

The input resistance R in is found by inspection to be 

R m = r n ( 6 * 69 ) O 


Observe that R in does not depend on the output side of the amplifier; hence, this amplifier is 
said to be unilateral. 

The output voltage v 0 can be found by multiplying the current (g m v n ) by the total resis¬ 
tance between the output node and ground, 


V 






(b) 

Figure 6.50 (a) Common-emitter amplifier fed with a signal v,„ from a generator with a resistance « 
(b) The common-emitter amplifier circuit with the BJT relaced with its hybrid-#* model. 
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, „ pain 4 = v /tj, can be obtained as 

Since v = v- t , the open-circuit voltage gam st v0 <. 0 , 


A vo = -g m ( R cW r o) 





Observe that the transistor output resistance r 0 i ^ - 1 magnitude ol the voltage gain. In 

discrete-circuit amplifiers, which are of interest to us in this chapter, R c is usually much 
lower than r v and the effect of r Q on reducing \A vo \ is slight (less than 10% or so). Thus in 
many cases we can neglect r 0 and express A vo simply as 


A vo ~ (-, g m R c ) (6.71) 

The reader is cautioned, however, that neglecting r Q is allowed only in discrete-circuit 
design. As will be seen in Chapter 7, v 0 plays a central role in 1C amplifiers. -^n 

The output resistance R 0 is the resistance seen looking back into the output terminal with 
v . set to zero. From Fig. 6.50(b) we see that with set to zero, v n will he zero and g m v s 

will be zero, resulting in 




(6.72) 


Here r„ has the beneficial effect of reducing the value of R„. In discrete circuits, however, 
this effect is slight and we can make the approximation 




(6.73) 



This concludes the analysis of the amplifier proper. Now, we can make the following observa¬ 
tions: 

1. The input resistance R tn = r n = fi/g m is moderate to low in value (typically, in the 
kilohm range). Obviously R m is directly dependent on J3 and is inversely proportional 
to the collector bias current I c . To obtain a higher input resistance, the bias current can 
be lowered, but this also lowers the gain. This is a significant design trade-off. If a much 
higher input resistance is desired, then a modification of the CE configuration (to be 
discussed shortly) or an emitter-follower stage can be employed. 

2. The output resistance R 0 — R c is moderate to high in value (typically, in the kilohm 
range). Reducing R c to lower R t) is usually not a viable proposition because the volt- 
age gain is also reduced. Alternatively, if a very low output resistance (in the ohms to 

tens of ohms range) is needed, an emitter-follower stage is called for, as wall be dis¬ 
cussed in Section 6.6.6. 

3. The open-circuit voltage gain A vo can be high, making the CE configuration the work¬ 
horse in BJT amplifier design. Unfortunately, however, the bandwidth of the CE ampli¬ 
fier is severely limited. We shall study amplifier frequency response in Chapter 9. 

Overall Voltage Gain i'o determine the overall voltage gain G. we first determine the 
traction of z> sig that appears at the amplifier input proper, that is, v i ; 





r n + *si g 



Depending on the relative values of r and R 

p 'T [y i 

at the input, which is obviously undesirable 


significant loss of signal strength can occur 
and can be avoided by raising the input 
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resistance, as discussed above. At this point, we should remind the reader that to maintain a 
reasonably linear operation, v { should not exceed about 5 mV to 10 mV, which poses a con¬ 
straint on the value of 

If a load resistance R L is connected to the output terminal of the amplifier, this resistance 
will appear in parallel with R c . It follows that the voltage gain A v can be obtained by sim- 
pjy replacing R t in the expression of A vo in Eq. (6,70) by R c 


R 


A v = -gM\ R L\\r 0 ) 


(6.75) 


o 


We can now use this expression for A v together with from Eq. (6.74) to obtain the 

overall voltage gain G v as 


G v = 


V 


It 


V 


sig 


Ur + ^sig 


g*CMI R L II r o ) 


(6.76) O 


EXERCISE 


6.41 Use A vo in Eq. (6.70) together with R 0 in Eq. (6.72) to obtain A v . Show that the result is identical 
to that in Eq. (6.75). 



Alternative Gain Expressions There are alternative forms for A v and G v that can yield 
considerable insight besides being intuitive and easy to remember. The expression for A v can 
be obtained by replacing g,„ in Eq. (6.75) with ct /r e \ 


{R c ll*i Ik) 

A., = -a - 


(6.77) 


Observing that (R ( || Rj || r a ) is the total resistance in the collector and r e is the total resis¬ 
tance in the emitter, this expression simply states that the voltage gam from base to collector 

is given by 




Total resistance in collector 

fotal resistance in emitter 


(6.78) 


The reason for the factor a is that the collector current is a times the emitter current. Of 
course a ^ 1 and can usually be neglected, and the expression in Eq. (6.78) is simply stated 
as a resistance ratio. This expression is a general one and applies to any BJT amplifier cir 
cuit tor finding the voltage gain from base to collector. 

A corresponding expression for can be obtained by replacing (g m 'jt) * n numera 
tor of Eq. (6.76) with /?, 



(/?( II Rj\\ i'J 

*sig + 'V 


which can be expressed in words as 



Total resistance in collector 
' Total resistance in base 


(6.79) 


(6.80) 




o 

o 
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Observe that here the multiplicative factor is /f, which is the ratio of i c to t h \ this makes 
sense because we are using the ratio ot resistances in (he collector and the base. The reader 
is urged to reflect on these expressions while referring to Fig. 6.50. 

Performing the Analysis Directly on the Circuit As mentioned in Section 6.5, with 
practice one can dispense with the explicit use of the BJT equivalent circuit and perform the 
analysis directly on the circuit schematic. Because in this way one remains closer to the actual 
circuit, this direct analysis can yield greater insight into circuit operation. Although at this 
stage in learning electronic circuits it is perhaps a little early to follow this direct analysis 
route, we show in Fig. 6.51 the CE amplifier circuit prepared for diiect analysis. Observe that 
we have “pulled out” the resistance r 0 from the transistor, thus making the transistor collector 
conduct while still accounting for the effect of r a . 4 

HI ant 






Figure 6.51 Performing the analysis directly on the circuit with the BJ f model used implicitly. 



ACE amplifier utilizes a BJT with /? = 100 and V A = 100 V. is biased at I ( = 1 mA and has a collector 
resistance R c — 5 kQ. Find /? jn , R o , and A vo . It the amplifier is fed with a signal source having a resistance 
of^kQ, and a load resistance R L = 5 kQ is connected to the output terminal, find the resulting A v andG.,. 
It v x is to be limited to 5 mV, what are the corresponding and v o with the load connected? 

Solution 

At I ( - 1 mA, 


, t c 

1 mA 

Sm 

~ 0.025 V “ 

r =£ 

100 

Sm 

40 mA/V 

r V A 

100 V 

° = T 

i r 

1 mA ~ 5 


= 40 mA/V 


= 2.5 kQ 
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The amplifier characteristic parameters can now be found as 

= r * = 2 - 5 
A vo = -g«(*clK) 


- -40 mA/V (5 kQ || 100 kQ) 
= -190.5 V/V 


R — R r 

C o 


With a load resistance R { 
two approaches: 


= 5 || 100 = 4.76 kQ 

5 kQ connected at the output, we can find A , by either o! the following 


A v A vo 


R 




= -190.5 x 


5 + 4.76 


= -97.6 V/V 


or 

A v = ~gJ R c\\ R L\\ r o) 

= -40(5 || 5 || 100)= -97.6 V/V 

The overall voltage eain G v can now be determined as 

R in 

G = --— A„ 

V n « jy It 


R 4- R . 

lv in 


2 S 


2.5 + 5 


x -97.6 = -32.5 V/V 


If the maximum amplitude ot v n is to be 5 mV, the corresponding value ot f< sjg wi 

^ 2.5 4 - 5 

S1S =1^-^V = 


II be 


R in + ■ ' 


R 


111 


2.5 


x 5 = 15 mV 


and the amplitude of the signal at the output w ill be 


i, = G v = 32.5x0.015 = 0.49 V 

l o ^ V 1 SIg 






.42. The designer of the amplifier in Example 6.17 decides to lower the bias current |o haints on g ,n a l 
value in order to raise the input resistance and hence increase the tract,on 0 ’V uppurr^ aute 

input of the amplifier proper. In an attempt to maintain tie vo tage gain, t If , he pea k 

amplitude of „„ is to ire limited to 5 mV, what are the correspond,ng values ot „ sig and (w.th 

the load connected)? , lA n ^ v 

Ans. 5k£2; -190.5 V/V; 9.5 kQ; -65.6 V/V;-32.8 V/V; 10 mV. 0.33 V 
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6.6.4 The Common-Emitter Amplifier with an Emitter Resistance 

Including a resistance in the emitter as shown in Fig. 6.52(a) can lead to significant changes 
in the amplifier characteristics. Thus, such a resistor can he an cllective design tool for tai¬ 
loring the amplifier characteristics to fit the design requirements. 

Analysis of the circuit in Fig. 6.52(a) can be performed by replacing the BJT with one of 
its small-signal models. Although any one of the models ot Figs. 6.40 and 6.41 can be used, 
the most convenient for this application is one ot the two 4 models. This is because the 
resistance R t in the emitter will appear in series with the emitter resistance r e of the T 
model and can thus be added to it, simplifying the analysis considerably. In fact, whenever 
there is a resistance in the emitter lead, the T model should prove more convenient to use 
than the hybrid-/r model. 

Replacing the BJT with the T model of Fig. 6.41(b) results in the amplifier small-signal, 
equivalent-circuit model shown in Fig. 6.52(b). Note that we have not included the BJT out¬ 
put resistance r 0 ; because this would complicate the analysis considerably. Since for the 
discrete amplifier at hand it turns out that the e:f feet of r 0 on circuit performance is small, we 
shall not include it in the analysis here. This is not the case, however, for the IC version of 
this circuit, and we shall indeed take r 0 into account in the analysis in Chapter 7. 
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To determine the amplifier input resistance R w , we note from Fig. 6.52(b) that 


V - 

i b 


where 


i h = (1 - a)i e = 


0 + 1 


(6.81) 


and 


V 


e 


r. + R 

€ i 


(6.82) 


Thus, 


R\ n — (/?+ I )(r e + R e ) 


(6.83) 


This is a very important result. It stales that the input resistance looking into the base is 
(f}+\) times the total resistance in the emitter , and is known as the resistance-reflection 
rule. The factor (0+ 1) arises because the base current is \/(0+ 1) times the emitter cur¬ 
rent. The expression for R in in Eq. (6.83) shows clearly that including a resistance R e in the 
emitter can substantially increase R in . Indeed, the value of R in is increased by the ratio 

R. (with R e included) [0+ \)(r e + R e ) 


R in ( without R e ) 


(0+ 1 )r e 

1 +— =1 + 8m R e 


rhus the circuit designer can use the value of R e to control the value of R m . 
To determine the voltage gain A m , we see from Fig. 6.52(b) that 


v 0 = -i c R 


c 


= -ai e Rr 


(6.84) 




Substituting for / t , from Eq. (6.82) gives 


A 


:>o 


-a 


R c 


(6.85) 


r. + R it 


which is a simple application of the general expression in Eq. (6.78). Here, of course, the 

total resistance in the emitter is r e + R e . 

The open-circuit voltage gain in Eq. (6.85) can be expressed alternative!) as 




a 


R c 


A vo = - 


r e 1 + R/r t 
Sm R C 


8m R 


( 6 . 86 ) 


1 + RJ r c 1 +g m R e 


Thus, including R reduces the voltage gain by the factor (1 + g m ^)> which is the - a 
tor by which l U increased. This points out an interesting trade-off between gain and input 
resistance, a trade-off that the designer can exercise through the choice of an appropna e 
value for R . 
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o 


o 


If a load resistance R L is connected at the amplifier output, A v 

R L 

A v = A vc 


can be found as 


R-L + Rq 


R 


= -a 


r e + R e Rl + Rc 

RrWR, 


= -a 


r e + R e 


(6.87 


which could have been written directly using Eq. (6.78), The overall voltage gain G v can 
now be found: 


R 


m 


Gy + R't 


x -a 


m 


sig 


R c \ R( 

+ R e 


Substituting for R- from Eq. (6.83) and replacing a with /?/(/? + 1) results in 


G V =~P 


Rc II Rl 


R$i% + ' P + ' r e + Re ' 


( 6 . 88 ) 


which is a direct application of the general expression presented in Eq. (6.80), We observe 
that the overall voltage gain G , is lower than the value without R t , because of the additional 
term ( J3+ I )R i in the denominator. The gain, however, is less sensitive to the value of # a 
desirable result. 

Another important consequence of including the resistance R ( in the emitter is that it 
enables the amplifier to handle larger input signals without incurring nonlinear distortion. 
This is because only a fraction of the input signal at the base, v t , appears between the base 
and the emitter. Specifically, from the circuit in Fig. 6.52(b). we see that 





K e + R e 


I 

\ + e R 

r>m e 


(6.89) 


Thus, for the same v K , the signal at the input terminal of the amplifier, v t , can be greater 
than for the CE amplifier by the factor (1 + g R , ), ' 

___ ^ fTI fc*" • 

To summarize, including a resistance /? ( in the emitter of the CE amplifier results in the 
following characteristics: 


1. The input resistance R m is increased by the factor (1 + g m R j. 

2. The voltage gain from base to collector, A v , is reduced by the factor (1 + g„,R t .). 

3. For the same nonlinear distortion, the input signal v. can be increased by the factor 

(1+ £»A)- 


4. The overall voltage gain is less dependent on the value of p. 

The high frequency response is significantly improved (as we shall see in Chapter9). 


t H a .if XCe ?^° n reduction, these characteristics represent performance improvement 

t m re UC * ,on * n F am is the price paid tor obtaining the other performance improvement 
l .' Jf 2lS . ,S a ^ 001 ^ bargain, it is the underlying philosophy for the use of negative feet 
refer s . _ res + s tance R e introduces negative feedback in the amplifier circuit can be seen fc 

current inrrp- ^ WhilC keeping v * constant ’ assume that for some reason the colllecft 

across R Th % 6mitter current a | so will increase, resulting in an increased voltage dro 

effect causec thp n ernitter vo ^8 e rises, and the base-emitter voltage decreases. The latte 

indication of ih ^ ^ °! Irrent to decrease, counteracting the initially assumed change, a 
md,canon of the presence of negative feedback. In Chapter 10, where we shall study negadv 
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feedback formally, we will find that the factor (1 +g m R e ), which appears repeatedly, is the 
“amount of negative-feedback" introduced by R e . Finally, we note that the negative-feedback 
j pn 0 f r gives it the name emitter degeneration resistance. 



For the CE amplifier specified in Example 6.17, what value of R e is needed to raise R m to a value 
four times that of With R e included, find A vo R G , A v , and G v . Also, if i>„ is limited to 5 mV, 
what are the corresponding values of v sig and v o l 

Solution 

To obtain = 4 R si =4x5= 20 kQ, the required R e is found from 


20 = (p+ i) (r t . + R e ) 


With P = 100, 


r e + R e = 200 


Thus. 


R e = 200-25 = 175 Q 


R 


c 


j4 ... ” a n 

vo r^ + R 


5000 


25 + 175 


= -25 V/V 


R = R r = 5 kQ (unchanged) 

O K- ' 


A= A 


R 


V 


vo Rl + Ro 


= -25 x 


5 + 5 


= -12.5 V/V 


R in 

G - - !n — 

R\n + Rug 


20 

A = --x 

20 + 5 


12.5 = -10 V/V 


For = 5 mV, 


Vi = V 


K 


r + R£ 

¥ ) 
f e 


( 1753 

5 1 

V 25 


~ 40 mV 


v ■ — v 

Sig 


R_in + ^sig 


R 


in 


/ 


A 


=40 1 + r~ . 
v 20^ 


= 50 mV 


it “ y * X 
l o 1 sig 


= 50 x 10 = 500 mV = 0.5 V 


Thus, while|G,,| has decreased to about a third of its original value, the amplitie 
as large an output signal as before for the same nonlinear distortion. 


able to produce 
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6.43 


Show that with R included, and Vjr limited to a maximum value v a , the maximum allowable input 



, i' sig , is given by 


V 


sig 


T' 


i+- e +- s ‘ 
r r 


n 


If the transistor is biased at / t = 0.5 mA and has a of 100, \shat value of R e is needed to permit 
an input signal w si of 100 mV from a source with a resistance tf sig = 10 ktt while limiting v n to 
10 mV? What isT? jn for this amplifier? If the total resistance in the collector is 1 kU, what G v 


value results? 

Ans. 350 Cl : 40.4 kQ; -19.8 V/V 



6.6.5 The Common-Base (CB) Amplifier H 

Figure 6.53(a) shows a common-base amplifier with the biasing circuit omitted. The amplifier 
is fed with a signal source characterized by r< sl and /? S]g . Since /? Mg appears in series with the 
emitter, it is more convenient to represent the transistor with the I model than with the hybrid-^ 
model. Doing this, we obtain the amplifier equivalent circuit shown in Fig. 6.53(b). Note that 
we have not included r 0 . This is because including r n would complicate the analysis consider¬ 
ably, for it would appear between the output and input of the amplifier. Fortunately, it turns out 
that the effect of r 0 on the performance of a discrete CB amplifier is very' small. We will con¬ 
sider the effect of r Q when we study the IC form of the CB amplifier in Chapter 7. 


<t> 


CK2 









Figure 6.S3 
Model 



la) CB 







amplifier with bias details omitted; (b) Amplifier 


equivalent circuit with 


the BJT represented by its T 



X 


O 



R 

sig 

—O- 


4 


ih 
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From inspection of the equivalent circuit in Fig. 6.53(b), we see that the input resistance is 

*in = r e (6.90) O 

This should have been expected, since we are looking into the emitter and the base is 

Typically r is a few ohms to a few tens of ohms; thus the CB amp) ifler has a low 

input resistance. 

To determine the voltage gain, we write at the collector node 

v 0 = -<Xi e R c 

and substitute for the emitter current from 

/ = 

r e 

to obtain 

*vo s 7 = 7 «c = ( 6 - 91 ) o 

V l f e 

which except for its positive sign is identical to the expression for A vo for the Cl amplifier. 

The output resistance of the CB circuit can be found by inspection of the circuit in rig. 

6.53(b) as 




( 6 . 92 ) 


which is the same as in the case of the CE amplifier (with r 0 neglected). 

Although the gain of the CB amplifier proper has the same magnitude as that ot the CE 
amplifier, this is usually not the case tor the overall voltage gain. The low input resistance of 
the CB amplifier can cause the input signal to be severely attenuated, specifically, 


ZL - n|n - - (6.93) 

v /?.+/?■ R ■ + r 

sig 1 v sig in lv sig e 

from which we see that except for situations in which /? sjg is on the order of t the signal 
transmission factor v/v^ can be very small. It is useful at this point to mention that one of 
the applications of the CB^ circuit is to amplify high-frequency signals that appear on a coax¬ 
ial cable. To prevent signal reflection on the cable, the CB amplifier is required to have an 
input resistance equal to the characteristic resistance ot the cable, which is usually in the 

range of 50 Q to 75 H. 

If a load resistance R ; is connected to the amplifier output terminal, it will appear in par 
allel with R c and thus A. can be determined as 


A v ~ Srn^C II ^ l ) 


The overall voltage gain G can now be obtained by multiplying A v with the expression tor 
v /v sjg in Eq. (6.93), 



U 


R > + r 

/v sig ~ 1 c 


gJ R 


< 






(6.94) 


Since a — 1, we see that the overall voltage gain is simply the ratio of the total resistance ^ 
the collector circuit to the total resistance in the emitter circuit. We also note that t e over 
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voltage »ain is almost independent of the value of fi (except through the small dependence 
of a on>). a desirable property. Observe that for R sig of the same order as R c and R L , the 

gain will be very small. 

In summary, the CB amplifier exhibits a very low input resistance (r,), an open-circuit 
voltage gain that is positive and equal in magnitude to that of the CE amplifier {g m R c \ and, 
like the CE amplifier, a relatively high output resistance (R c ) . Because of its very low input 
resistance, the CB circuit alone is not attractive as a voltage amplifier except in specialized 
applications, such as the cable amplifier mentioned above. The CB amplifier has excellent 
high-frequency performance, which as we shall see in Chapters 7 and 9, makes it useful in 
combination with other circuits in the implementation of high-frequency amplifiers. 



6,44 Consider a CB amplifier utilizing a BJT biased at I c - 1 mA and with R c - 5 kQ. Determine 
R._, A,., and R „ If the amplifier is loaded in R t = 5 kQ, what value of A v results? What G 


6,45 


HT 5 “I to 

is obtained if R slg = 5 kQ? 


Arts, 25 Q; 200 VA?; 5 kQ; 100 V/V; 0.5 VW 

A CB amplifier is required to amplify a signal delivered by a coaxial cable ha\ mg a characteristic 
resistance of 50 Q. What bias current I c should be utilized to obtain R m that is matched to the 
cable resistance? To obtain an overall voltage gain of G of40 V V, what should the total resistance 


in the collector (i.e., R c 
Ans. 0.5 mA; 4 kQ 


R ,) be? 


■fea 


6.6.6 ihe Common-Collector Amplifier or Emitter Follower 


The last of the basic BJT amplifier configurations is the common-collector amplifier, a very 
important circuit that finds frequent application in the design of both small-signal amplifiers 
and amplifiers that are required to handle large signals and deliver substantial amounts ot 
signal power to a load. This latter variety will be studied in Chapter 11. As well, the common- 
collector amplifier is utilized in a significant family of digital logic circuits (Chapter 14). 

The circuit is more commonly known by the alternative name emitter follower ; the reason 
for this will become apparent shortly. 


The Need for Voltage Buffers Before delving into the analysis of the emitter follower, it it 
useful to look at one ot its most common applications. Consider the situation depicted in Fig 
6.54(a). A signal source delivering a signal of reasonable strength (200 mV) with an interna 
resistance of 100 kQ, is to be connected to a I-kQ load resistance. Connecting the source tc 
the load directly as in Fig. 6.54(b) would result in severe attenuation of the signal; the signa 
appearing across the load will be only 1/(100+ l) of the input signal, or about 2 mV. 

,n alternative course of action is suggested in Fig. 6.54(c >. Here we have interposed nr 
amp i ler between the source and the load. Our amplifier, however, is unlike the amplify 
ave been studying in this chapter thus lar; it has a voltage gain of unity. This is because 
N u° a S a ^ rL£W ^ r efficient strength and we do not need to increase its amplitude 

^i no We ^ r ’ ^ ° Ur amplitler has an in PtU resistance of 100 kU; thus half the input sig 
m ) will appear at the input of the amplifier proper. Since the amplifier has a lo" 
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(a) 


r = io n 

f I 



lOOkQ - 



o 

+ 

v Q — 99 mV 



Figure 6.54 Illustrating the need for a unity-gain buffer amplifer. 


output resistance (in Q ), 99% ot this signal (99 mV) will appear at the output. This is a sig¬ 
nificant improvement over the situation with the source connected directly to the load. As 
will be seen shortly, the emitter follower can easily implement the unity-gain buffer ampli¬ 
fier shown in Fig. 6.54(c). 


Characteristic Parameters of the Emitter Follower Figure 6.55(a) shows a common- 
:ollector amplifier or emitter follower, as we will refer to it henceforth. Note that the biasing 
circuit is not shown. ! he emitter follower is ted with a signal source (t J si g» R s ^) an ^ h as a 
dad resistance /?, connected between emitter and ground. To keep things simple, we are as¬ 
suming that R t includes both the actual load and any other resistance that may be present be¬ 
tween emitter and ground. Normally the actual R r would be much lower in value than such 
other resistances and thus would dominate. 

Since the BJT has a resistance R t connected in its emitter, it is most convenient to use 
the T model to represent the BJT. Doing this results in the emitter-follower equivalent cir¬ 
cuit shown in Fig. 6.55(b). We have included r a simply because it is very easy to do so. 
However, note that r () appears in parallel with R L , and in discrete circuits is much larger 
than R l and can thus be neglected. The resulting simplified circuit shown in Fig. 6.55(c), 
can now be used to determine the characteristic parameters of the amplifier. 


TU., 








Substituting for i h 



ij{p+ 1) where i e is given by 
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R» 



(C) 

Cmme ; f0n0Wer '« ***—* «*■* obtained by replacing the BJT M 
circuit in (c). / • incem iscrete circuits r 0 > R Lt we shall neglect it, thus obtaining the simple 
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obtain 




(6.95) O 


, result that we could have written directly, utilizing the resistance-reflection rule. Note that 
ts expected the emitter follower takes the low load resistance and reflects it to the base side, 
where the signal source is, after increasing its value by a factor (/?+ 1). It is this impedance 
transformation property of the emitter follower that makes it useful in connecting a low- 
resistance load to a high-resistance source, that is, to implement a buffer amplifier. 

The voltage gain A v is given by 





R L + r e 


(6.96) 


Setting R l = ~ yields A vo , 



(6.97) 


Thus, as expected, the open-circuit voltage gain of the emitter follower proper is unity ,h 
which means that the signal voltage at the emitter follows that at the base; which is the origin 
of the name “emitter follower.” 

To determine refer to Fig. 6.55(c) and look back into the emitter (i.e., behind or exclud¬ 
ing R, ) while setting v = 0 (i.e., grounding the base). You will see r e ot the BJT, thus 


o 

o 



(6.98) O 


This result together with A v a — 1 yields .4,, in Eq. (6.96), thus confirming our earlier analysis. 


Overall Voltage Gain 

follows: 


We now proceed to determine the overall voltage gain G in as 







in 





{p+ i)(^ + Rj) 
{p+ 1 ){r e + R L ) + R sig 



Substituting for A from Eq. (6.96), results in 


Q _ _ (/?+ 0*1 ( 6 . 99 ) 

w (/?+ \)R l + (/3+ l)r e + /? sig 

This equation indicates that the overall gain, though lower than one, can be close to one it 
( /^+l \R[ is larger or comparable in value to J? sig . This again confirms the action of the emit 
ter follower in delivering a large proportion ot t> sig to a low-valued load resistance R L even 
though R s ig can be much larger than R L . The key point is that R L is multiplied by (/?+ D 



' In practice, the value of A. will be lower than, but close to unity. For one thing, r 0 , winch we have 
neglected, would make A vn = r 0 /{r o + t\). Also, as already mentioned, there may be other resistant s 

( e -g., for biasing purposes) attached to the emitter. 
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R 





</3+l) t\ 


o 


(/3+1 )Rl 


IK 



i) 



Figure 6.56 Simple equivalent circuits for the emitter follower obtained by (a) reflecting r and R L to the 
base side, and (b) reflecting v 5ig and R ilt to the emitter side. Note that the circuit in (b) can be obtained from 
that in (a) by simply dividing all resistances by (/?+ 1). J| 


before it is “presented to the source/' Figure 6.56(a) shows an equivalent circuit of the emitter 
follower obtained by simply reflecting r e and R, to the base side. The overall voltage gain 
G = v Q /v s can be determined directly and very simply from this circuit by using the voltage 
divider rule. The result is the expression for G v already given in Eq. (6.99). -.^y j 

Dividing all resistances in the circuit of *ng. 6.56(a) by /?+ 1 does not change the voltage 
ratio v 0 /v s{ . Thus we obtain another equivalent circuit, shown in Fig. 6.56(b), that can be 
used to determine G. = v Jv ■ of the emitter follower. A glance at this circuit reveals that 

L- fcr •vJ* I Lb. 

it is simply the equivalent circuit obtained by reflecting u si and R slg from the base side to 
the emitter side. In this reflection, v does not change, but R is divided by /?+ 1. Thus, 
we either reflect to the base side and obtain the circuit in Fig. 6.56(a) or reflect to the emitter 
side and obtain the circuit in F : ig. 6.56(b). From the latter. G , can be found as 


o 


G. s 


V 


R 


l sig &i + r e + R sig /(/? + l) 


( 6 . 100 ) 


Observ e that this expression is the same as that in Eq. (6.99) except for dividing both the 
numerator and denominator by /?+ 1. 

The expression tor G in Eq. (6. ]('" has an interesting interpretation; The emitter fol¬ 
lower reduces R sig by the factor (/?+ 1) before “presenting it to the load resistance R L 'an 
impedance transformation that has the same buffering effect. 

At this point it is important to note that although the emitter follower does not provi 
voltage gain it has a current gain of /?+ 1. 

Thevenin Representation of the Emitter-Follower Output A more general repi 

sentation of the emitter-follower output is shown in Fig. 6.57(a). Here G vo is the over 

open-circuit voltage gain that can be obtained by setting R t = <*> in the circuit of F 

6.56(b), as illustrated in Fig. 6.57(b). The result is G r , = 1. The output resistance R out is ^ 

erent from R 0 . To determine R ouX we set v sig to zero (rather than setting n, to zero). Ag« 

we can use the equivalent circuit in Fig. 6.56(b) to do this, as illustrated in Fig. 6.57(c). ^ 
see that 


R om = 


r. + J^lL 


/? + 1 


( 6 . 101 ) 


o 
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o 

+ 

% 




^ S igA^ + ) 

—iW- 



o 

+ 










R m - (j3+ 1) (r,+/? L ) 

(d) 


Figure 6.57 (a) Thevenin representation ot the output ol the emitter follower, (b) Obtaining G lv from the 
equivalent circuit in Fig. 6.56(b). (c) Obtaining R OM from the equivalent circuit in Fig. 6.56(b) with T' slg set to 
zero, (d) The emitter follower with R m and R oux determined simply by looking into the inp' l! 11 "• k1_ 


Finally, we show in ! ig. 6.57(d) the emitter-lollower circuit together with its R [n and 
R m . Observe that R w is determined by reflecting r e and R L to the base side (by multiply¬ 
ing their values by /? + 0* determine /? out , grab hold ot the emitter and walk (or just 
look!) backward while u si =0. You will see r, in series with /? sjg , which because it is in 

the base must be divided by (/? + 1). 

We note that unlike the CE and CB amplifiers we studied earlier, the emitter follower is not 
unilateral. This is manifested by the fact that R in depends on R L and 7? oul depends on R S]g . 



It is required to design an emitter follower to implement the buffer amplifier of Fig. 6.54(c). Spy' y 
required bias current J E and the minimum value the transistor A must ^ ave - Determine t e maximum 
allowed value of i; . if u. is to be limited to 5 mV in order to obtain reasonably linear operation, i 


t' sjg - 200 mV, determine*the signal voltage at the output if R L is changed to 2 kQ, and to 0.5 kQ. 
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Example 6.19 continued 



R in = 100 kO 


Figure 6.58 Circuit for Example 6.19, 


Solution 

The emitter-follower circuit is shown in Fig. 6.58. To obtain R 0 = 10 12, we bias the transistor to 
obtain r e - 10 Q. Thus, 

^ V T 

io q = — 

h 1 

I E = 2.5 mA 

The input resistance R m will be 

R m — (/?+ 1 )(r e + 7?^) 

100 = (/? + 1 )( 0.01 + 1 ) ^ 


Thus, the BJT should have a /? with a minimum value of 98. A higher /? would obviously be beneficial. 
The overall voltage gain can be determined from 


G v = 


7l 


o 


R 


V 




R L + r e + 


R 


SI I 


Assuming /? = InO, the value of G obtained is 


(/? + 1) 


G v = 0.5 

Thus when i' SJg = 200 mV, the signal at the output will be 100 mV. Since the 100 mV appears across the 
1-kU load, the signal across the base-emitter junction can be found from 


v x = 


V 


R 


x r 


e 


L 

100 
1000 


x 10 = 1 mV 


A 

It v = 5 mV then v sig can be increased by a factor of 5, resulting in i 
To obtain v o as the load is varied, we use the Thev 
Fig. 6.57(a) with G., u = 1 and 


Sig 


= I V. 


enin equivalent of the emitter follower, shown in 


* oul = 


R, 




sig 100 

+ = —+ 0.01 = 1 kQ 


e 


101 
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to obtain 


For /?/ - 2 kQ, 
and for R, = 0.5 kQ, 




* R l + R 


out 


= 200 mV x jj-j = 133.3 mV 


v„ = 200 mV x yy ■ = 66.7 mV 



6.46 An emitter follower utilizes a transistor with /? = 100 and is biased at f c = 5 mA. It operates be¬ 
tween a source having a resistance of 10 kQ and a load of 1 kQ. Find /? in , G vo , /? out , and G v . 
What is the peak amplitude of o • that results in v x having a peak amplitude of 5 mV? Find the 

C 1 

resulting peak amplitude at the output. 

Ans, 101.5 kQ; 1 V/V; 104 Q;0.91 V/V; 1.1 V; 1 V 



6.6.7 Summary and Comparisons 

For easy reference and to enable comparisons, we present in Table 6.5 the formulas for 
determining the characteristic parameters ot discrete BJT amplifiers. Note that r a has been 
neglected throughout. As has already been mentioned, this is possible in discrete-circuit 
amplifiers. In addition to the remarks made throughout this section about the characteristics 
and applicability of the various configurations, we make the following concluding points. 

1. The CE configuration is the one best suited for realizing the bulk of the gain required in 
an amplifier. I )c pending on the magnitude of the gain required, either a single stage or a 

cascade of two or three stages can be used. 

2, Including a resistor R t in the emitter lead of the CE stage provides a number of perfor¬ 
mance improvements at the expense of gain reduction. 

3, The low input resistance of the CB amplifier makes it useful only in specific applications. 
As we shall see in Chapter 9, it has a much better high-frequency response than the CE 
amplifier. This superiority will make it useful as a high-frequency amplifier, especially 
when combined with the CE circuit. We shall see one such combination in Chapter 7. 

4. The emitter follower finds application as a voltage butter toi connecting a hi & h 
resistance source to a low-resistance load and as the output stage in a multistage 
amplifier, where its purpose is to equip the amplifier with a low output-resistance. 
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6.7 Biasing in BJT Amplifier Circuits 

Having studied the various configurations of BJT amplifiers, we now address the important 
question of biasing and its relationship to small-signal behavior. The biasing problem is that 
of establishing a constant dc current in the collector of the BJT. This current has to be calcu¬ 
lable, predictable, and insensitive to variations in temperature and to the large variations in 
the value ot /^encountered among transistors of the same type. Another important consider¬ 
ation in bias design is locating the dc bias point in the i c -v CE plane to allow for maximum 
output signal swing (see the discussion in Section 6.4.6). In this section, we shall deal with 
various approaches to solving the bias problem in transistor circuits designed with discrete 
de\ ices. Bias methods v miegrated-circuit design are presented in Chapter 7. 

Before presenting the “good biasing schemes, we should point out why two obvious 
arrangements are not good. First, attempting to bias the BJT by fixing the voltage V BE by, for 
instance, using a voltage divider across the power supply V cc , as shown in Fig. 6.59(a), is not 
a \iable approach. The very sharp exponential relationship i c -v BE means that any small and 
inevitable differences in V BE from the desired value will result in large differences in / f and 
m F Second, biasing the BJT by establishing a constant current in the base, as shown in 

w ^ ere ?b~ ((^cc~0-7)/is also not a recommended approach. Here the 
typically large variations in the value of p among units of the same device type will result in 
correspondingly large variations in I ( and hence in V 

L Ck m 
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(a) (b) 


Figure 6.59 Two obvious schemes for biasing the BJT: (a) by fixing V B£ ; (b) by fixing I B . Both result 
in wide variations in / and hence in V CE and therefore are considered to be “bad.” Neither scheme is 
recommended. 

6.7.1 The Classical Discrete-Circuit Bias Arrangement 

Figure 6.60(a) shows the arrangement most commonly used for biasing a discrete-circuit 
transistor amplifier if only a single power supply is available. The technique consists of sup¬ 
plying the base of the transistor with a fj action of the supply voltage V cc through the voltage 
divider /?,,/?,. In addition, a resistor R h is connected to the emitter. 



(a) (b) 

Figure 6.60 Classical biasing for BJTs using a single power supply: (a) circuit; (b) circuit with the 
voltage divider supplying the base replaced with its Thevenin equivalent. 


figure 6.60(b) shows the same circuit with the voltage divider network replaced by its 
Thevenin equivalent. 
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The current I t can be determined by venting a Kirchhoff loop equation for the base^mto- 
ground loop, labeled L, and substituting /« - V (P + >■ 


_ VBB~ [J3E 

1 R e + R b / ' P+ ' 1 



To make / insensitive to temperature and p variation, 1 ^ we design the circuit to satisfy the 

E 

following two constraints: 


V u > 

Re > 



( 6 . 105 ) 

{ 6 . 106 } 


Condition (6.105) ensures that small variations in V BE { 0.7 V) will be swamped by the 

much larger V m . There is a limit, however, on how large V BB can be: For a given value of the 
supply voltage V a . the higher the value we use for V BB , the lower will be the sum of voltages 
across R, and the collector-base junction (F r£t ). On the other hand, we want the voltage 
across R< to be large in order to obtain high voltage gain and large signal swing (before tran¬ 
sistor cutoff). We also want V CB (or vA to be large to provide a large signal swing (before 
transistor saturation). Thus, as is the case in any design, we have a set of conflicting require¬ 
ments and the solution must be a trade-off. As a rule of thumb, one designs for V 8B about 

1 " 

5 Vcc, Kb (° r KP about \ Ro ant * a ^ out 3 Re¬ 
condition (6.106) makes I E insensitive to variations in p and could be satisfied by select¬ 
ing R H small. This in turn is achieved by using low values for /?, and R 2 . Lower values lor /?, 
and R 2 , however, will mean a higher current drain from the power supply, and will result in 
a lowering of the input resistance of the amplifier (if the input signal is coupled to the 
base), 1 " which is the trade-off involved in this part of the design. It should be noted that 
condition (6.106) means that we want to make the base voltage independent of the valu 
/?and determined solely by the voltage divider. This will obviously be satisf ied it the current 
in the divider is made much larger than the base current. Typically one selects /?, and R 2 
such that their current is in the range of I f to 0.1/ £ . 

I'urther insight regarding the mechanism by which the bias arrangement ot Fig. 6.60(a) sta- 
bilizes the dc emitter (and hence collector) current is obtained by considering the feedback 
action provided by R E . Consider that for some reason the emitter current increases. The voltage 
drop across Rp and hence l E will increase correspondingly. Now, if the base voltage is deter¬ 
mined primarily by the voltage divider /?,, /?,, which is the case if R, is small, it will remain 
constant, and the increase in V £ will result in a corresponding decrease in V BE . This in turn 
reduces the collector (and emitter) current, a change opposite to that originally assumed. Thus 
R f provides a negative feedback action that stabilizes the bias current. This should remind tk 
reader of the resistance R it that we included in the emitter lead of the CE amplifier in Section 
6.6.4. We shall study negative feedback formally in Chapter 10. 


... 4 or I c since /, = cel. and nr varies very little. That is, a stable A 

will result in an equally stable I ,, and vice versa. 

If the input signal is coupled to the transistor base, the two bias resistances R and R 2 effectively appe* 

in parallel between the base and ground. Thus, low values for R, and R, will result in lowering 

1 
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\Ve wish to design the bias network of the amplifier in Hg, 6,66 to establish a current f = 1 mA using a 
power supply F cc - +12 V. The transistor is specified to have a nominal P value of 100. 

Solution 

We shall follow the rule ot thumb mentioned above and allocate one-third of the supply voltage to the 
voltage drop across R 2 and another one-third to the voltage drop across /?,, leaving one-third for possible 
negative signal swing at the collector. Thus, 


V E = 4- - 3.3 V 


and R. is determined from 

V F 3 3 

Rr = = 4 - = 3.3 ka 

' h I 

From the discussion above we select a voltage divider current of 0.1 1, = 0.1x1 
the base current, we find 

R +/?„ = — = 120 k£2 
1 - 0.1 



R 2 



4 V 


0.1 mA. Neglecting 


Thus /?, = 40 kU and R = 80 kQ. 

At this point, it is desirable to find a more accurate estimate for 4 , taking into account the nonzero 
base current. Using Eq. (6.104), 




4-0.7 


+ 


(80 H 40)(kf2 ) 


101 


0.93 mA 


This is quite a bit lower than I mA, the value we are aiming tor. It is easy to see Irom the above equa¬ 
tion that a simple way to restore I E to its nominal value would be to reduce R E from 3.3 ki2 by the magni¬ 
tude of the second term in the denominator (0.267 kQ). Thus a more suitable value for R F in this case 

would be R - 3 kQ. which results in 4 = 1.01 mA — 1 mA. 1 ’ 

It should be noted that if we are willing to draw a higher current from the power supply and to accept 
a lower input resistance for the amplifier, then we may use a voltage-divider current equal, say, to 4 (*- e *» 
1 mA), resulting in R t = 8 kU and R 2 = 4 kQ. We shall refer to the circuit using these latter values as 

design 2, for which the actual value of 4 using the initial value ol R E of 3.3 kQ will be 


h = 


4 - 0.7 
3.3+0.027 


= 0.99 — 1 mA 


Although reducing R, restores I E to the design value of 1 mA, it does not solve the problem of the 
dependence of the value of I E on See Exercise 6.47, 
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Example 6.20 continued 

In this case, design 2, we need not change the value of R F . 
Finally, the value of R c can be determined from 

12 - V c 


R c = 


Ic 


Substituting J c - al E - 0.99 x 1 = 0.99 mA — 1 mA results, for both designs, in 


12-8 

R c = = 4kQ 


1 



6.47 For design 1 in Example 6.20, calculate the expected range ot I F if che transistor used has (3 m the 

range of 50 to 150. Express the range ot I E as a percentage of the nominal value {I, — l mA ) ob¬ 
tained for (3 = 100. Repeat for design 2. 

A ns. For design 1:0.94 mA to 1.04 mA. a 10% range; for design 2: 0.984 mA to 0.995 m A, a 1.1% 


range. 



6.7.2 A Two-Power-Supply Version of the Classical 
Bias Arrangement 


A somewhat simpler bias arrangement is possible if two power supplies are available, as 
shown in Fig. 6.61. Writing a loop equation for the loop labeled L gives 



r EE - v be 
#£ + *«/(/?+ \) 


(6.107) 



i 



Biasing the BJT using two power supplies. Resistor R g 15 
^ 6 ^ the signal is to be capacitively coupled to the base. Other 

_ * * e a ^ e can connected directly to ground, or to a grounded Mg na - 

rce, resu ting in almost total /^-independence of the bias current. 
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This equation is identical to Eq. (6.104) except for V EE replacing V gfi . I us the two constraints 
of Eqs. (6.105) and (6.106) apply here as well. Note that if the transistor is to be used with the 
base grounded (i.e., in the common-base conhguration), then R ti can be eliminated altogether. 
On the other hand, if the input signal is to be coupled to the base, then R B is needed. We shall 
study complete circuits of the various BJT amplifier configurations in Section 6.8. 



D6.48 The bias arrangement of Fig. 6.61 is to be used for a common-base amplifier. Design the circuit 
to establish a dc emitter current of 1 mA and provide the highest possible voltage gain while al¬ 
lowing fora maximum signal swing at the collector of±2 V. Use+10-V and-5-V power supplies. 
Ans. R h - 0; R F = 4.3 kQ; R c = 8,4 kQ 


6.7.3 Biasing Using a Colfector-to-Base Feedback Resistor 


Figure 6.62(a) shows a simple but effective alternative biasing arrangement suitable for 
common-emitter amplifiers. The circuit employs a resistor R g connected between the collec¬ 
tor and the base. Resistor R B provides negative feedback, which helps to stabilize the bias 
point of the BJT. We shall study feedback formally in Chapter 10. 

Analysis of the circuit is shown in Fig. 6.62(b), from which we can write 



= i E R C + + VBE 

= IcRc+jf-^B+VaE 


Thus the emitter bias current is given by 



^CC ~ ^BE 

r c + r b /(P+ d 


(6.108) 




Va 



r a = Ii 


■o V c — VBE T /bAB 


9Ure 6.62 (a) A common-emitter transistor amplifier biased by a feedback resistor R g . (b) Analysis of 

lhe C| rcuit in (a). 
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It is interesting to note that this equation is identical to Eq. (6 109), which governs the ope ralion 
of the traditional bias circuit, except that V cc replaces V BB and R c replaces It follows thatto 
obtain a value of /, that is insensitive to variation ot /?, we select /?„ </? + ) < R c . Note, 
however, that the value of R, determines the allowable negative signal sw.ng at the collector 

since 


V^o — IrRr — 1 1 


Rb 



D6.49 


Design the circuit ot Fig. 6.62 to obtain a dc emitter current ot l mA, maximum gain, 2 nd 3 L2-\ 

signal swing at the collector; that is, design for V CE = +2.3 V. Let V cc = 10 \ and p = 100. 

Ans. R = 162 kQ; R t = 7.7 kQ. Note that if standard 5% resistor values are used (Appendix G) 

we select R h — 160 kQ and R ( = 7.5 kQ. This results in l E — 1.0_ mA and I E — +2.3 V. 


6.7.4 Biasing Using a Constant-Current Source 

The BJT can be biased using a constant-current source / as indicated in the circuit of Fig, 
6.63(a). This circuit has the advantage that the emitter current is independent of the values of 
/?and R b . Thus R a can be made large, enabling an increase in the input resistance at the base 
without adversely affecting bias stability. Further, current-source biasing leads to significant 
design simplification, as will become obvious in later sections and chapters. 

A simple implementation of the constant-current source / is shown in Fig. 6.63(b). The 
circuit utilizes a pair of matched transistors (7, and Q v with Q , connected as a diode by 
shorting its collector to its base. If we assume that 0, and Q 2 have high p values, we can 
neglect their base currents. Thus the current through (7, will be approximately equal to / REF , 



(h.lKh 


Figure 6.63 (a) A BJT biased 
source /. 


using a constant-current source 


/. (I>) Circuit for implementing the curreo 
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Now. since 0, and 0, have the same V gE , their collecto> currents will be equal, resulting in 





( 6 . 111 ) 


Neglecting the Early effect in Q 2 , the collector current will remain constant at the value 
given by this equation as long as Q 2 remains in the active region. This can be guaranteed by 
keeping the voltage at the collector, V, greater than that at the emitter (~V EE ) by at least 0 . 3 V. 
The connection o! 0, and Q 2 in Fig. 6.63(b) is known as a current mirror. We will study 
current mirrors in detail in Chapter 7. 



6,50 For the circuit in Fig. 6.63(a) with V cc - 10 V, / = 1 mA, p- 100, R B = 100 kQ, and R c = 7.5 kQ, find 
the dc voltage at the base, the emitter, and the collector. For J ' /T = 10 V, and neglecting base currents, 
find the required value 0:1 R in order for the circuit of Fig. 6.63(b) to implement the current source L 

Ans. -1 V; -1.7 V; +2.6 V; 19.3 kQ 


6.8 Discrete-Circuit BJT Amplifiers 


With our study of BJT amplifier basics complete, we now put everything together by present¬ 
ing practical circuits for discrete-circuit amplifiers. These circuits, which utilize the amplifier 


configurations studied in Section 6.6 and one of the biasing methods of Section 6.7, can be 
assembled using off-the-shelf discrete transistors, resistors, and capacitors. Though practical 
and carefully selected to illustrate some important points, the circuits presented in this section 
should be regarded as examples of discrete-circuit, bipolar-transistor amplifiers. Indeed, there 
is a great variety of such circuits, a number of which are explored in the end-of-chapter 
problems. 

In this section we present a series of exercise problems. Exercises 6.51 to 6.55, which are 
carefully designed to illustrate important aspects of the amplifier circuits studied. These exer¬ 
cises are also intended to enable the reader to see more clearly the differences between the var¬ 
ious circuit configurations. We strongly urge the reader to solve these exercises. As usual, the 
answers are provided. 


6.8.1 The Basic Structure 

Figure 6,64 shows the basic circuit that we shall utilize to implement the various configura¬ 
tions of discrete BJT amplifiers. Among the various biasing schemes possible for discrete BJT 
amplifiers (Section 6 . 7 ), we have selected, for simplicity and effectiveness, the one employing 
constant-current biasing. Figure 6.64 indicates the dc currents in all branches and the dc volt¬ 
ages at all nodes. We should note that one would want to select a large value for R B in order to 
^eep the input resistance at the base large. However, we also want to limit the dc voltage drop 
across R B and even more importantly the variability of this dc voltage resulting from the varia¬ 
tion in p values among transistors of the same type. The dc voltage 1 B determines the allow 
able negative signal swing at the collector. 
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Figure 6.64 Basic structure of the circuit used to realize single-stage, discrete-circuit BJ'I amplifier con¬ 
figurations. 



6.51 


Consider the circuit of Fig. 6.64 for the case V cc = V EE - 10 V, / = 1 mA, R H = 100 kQ, R c = 8 kQ, 
and f5- 100. Find all dc currents and voltages. What are the allowable signal swings at the collector 
in both directions? How do these values change as f $is changed to 50? To 200? Find the values of 
the BJT small-signal parameters at the bias point (with /? = 100). !'he Early voltage V, = I 11 V. 
Ans. See Fig. E6.51. Signal swing: for /? = 100, -t-8 V, -3.4 V; for /? = 50, +8 V, -4.4 V; for 
/? =200,+8 V, -2.9 V. 
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Figure E6.51 
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6 8.2 The Common-Emitter (CE) Amplifier 

V mentioned in Section 6.6, the CE configuration is the most widely used of all BJT 
amplifier circuits. Figure 6.65(a) shows a CE amplifier implemented using the circuit of 
Fig. 6.64- To establish a signal ground (or an ac ground, as it is sometimes called) at the 
emitter, a large capacitor C E , usually in the range of microfarads or tens of microfarads is 
connected between emitter and ground. This capacitor is required to provide a very low 
impedance to ground (ideally, zero impedance; i.e., in effect, a short circuit) at all signal 
frequencies of interest. In this way, the emitter signal current passes through C E to ground 
( i thus bypasses the output resistance of the current source / ( and any other circuit com¬ 
ponent that might be connected to the emitter); hence C £ is called a bypass capacitor. 
Obviously, the lower the signal frequency, the less effective the bypass capacitor becomes. 
This issue will be studied in Section 9.1.2, For our purposes here we shall assume that C E 


Vcc (0 V ) 

1 



(b) 


Figure 6.65 (a) A common-emitter amplifier using the structure of Fig. 6.64. (b) Equivalent circuit 
obtained bv replacing the transistor with its hybrid-#"model. 
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is acting as a perfect short circuit and thus is establishing a zero signal voltage at the 

emitter. . . . 

In order not to disturb the dc bias currents and voltages, the signal to be amplified, 

shown as a voltage source v sig with an internal resistance /? S)g , is connected to the base 
through a large capacitor C a . Capacitor C cv known as a coupling capacitor, is required 
to act as a perfect short circuit at all signal frequencies of interest while blocking dc. Here 
again we shall assume this to be the case and defer discussion of imperfect signal cou¬ 
pling. arising as a result ol the rise of the impedance ot at low frequencies, to Section 
9,1.2. At this juncture, we should point out that in situations where the signal source cam 
provide a dc path for the dc base current I B without significantly changing the bias point, we 
may connect the source directly to the base, thus dispensing with C c l as well as R g , Eliminat¬ 
ing /?, has the added beneficial effect of raising the input resistance of the amplifier. 

The voltage signal resulting at the collector, is coupled to the load resistance R via 
another coupling capacitor C c2 . We shall assume that C c2 also acts as a perfect short circuit 
at all signal frequencies of interest; thus the output voltage v Q - v c . Note that R L can be an 
actual load resistor to which the amplifier is required to provide its output voltage signal, or 
it can be the input resistance of a subsequent amplifier stage in cases where more than one 
stage of amplification is needed. (We will study multistage amplifiers in Chapter 8.) 

To determine the characteristic parameters of the CE amplifier, that is, its input resis¬ 
tance, voltage gain, and output resistance, we replace the BJT with its hybrid-^ small-signal 
model. The resulting small-signal equivalent circuit of the ! 1 amplifier is shown in Fig. 
6.65(b). 

The equivalent circuit of Fig. 6.65(b) can be used to determine the amplifier characteris¬ 
tic parameters /? in , A v , /?,„ and G. in exactly the same way we used for the “stripped-down” 
version of the CE amplifier in Section 6.6.3. We also show some of the analysis done 
directly on the circuit itself in Fig. 6.65(a). 

Observe that the only difference between the circuit in Fig. 6.65(b) and the simplified 
version in Fig. 6.50(b) is the bias resistance R H that appears across the amplifier input and 
thus changes R ia to 


^in ~ 


If 


( 6 . 112 ) 


If R b > r a we can neglect its effect, and we are back to the simpler circuit of Fig. 6.50(b) 

and the formulas derived in Section 6.6,3. Those formulas, with t\ neglected, were pre¬ 
sented in the CE entry in Table 6.4. 

If R g is not much greater than r n , then it must be taken into account in the analysis. This 
is a simple task, and we urge the readers to just work their way through the circuit rather 
than relying on memorized formulas. As a check, however, there is a simple approach to 
adapt the CE formulas of Table 6.4 to the case at hand: Apply the Thevemn theorem to the 
network composed of n sjg , tf sig , and R B , thus reducing it to a generator v'^ ~ 

t + ^ sig ^ 7 ' si 8 an( ^ a res ^ stan ce tf / s j g = R sjg || R B . Now the formulas in the CE entry in 

a e .4 can be changed as follows: Replace the expression for R^ n by that in Eq. 1 f ^.l I2)> 

multiply the expression for G v by the factor R B /(R B + R.) ; and replace * sig in that expres¬ 
sion by (R sig \\R B ). s ' e w s,t 
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6.52 Consider the C E amplifier ot Fig. 6.65(a) when biased as in Exercise 6.51. In particular, refer to 
Fig. E6.51 for the bias currents and the values of the elements of the BJT model at the bias point. Eval¬ 
uate R in (without and with R B taken into account), A vo (without and with r , taken into account), and 
R (without and with r Q taken into account). For R t = 5 kQ, find A . If R . = 5 kQ, find the overall 
voltage gain G ... If the sine-wave i^is to be limited to 5 mV peak, what is the maximum allowed 
peak amplitude of v sig and the corresponding peak amplitude of vj 

Arts. 2.5 k LI, 2.4 kQ; -320 V/V, -296 V/V; 8 kQ, 7.4 kQ; -119 V/V; -39 V/V; 15 mV; 0.6 V 



6.83 The Common-Emitter Amplifier with an Emitter Resistance 

As demonstrated in Section 6.6.4, a number of beneficial results can be obtained by connect¬ 
ing a resistance R e in the emitter of the transistor. This is shown in Fig. 6.66(a) where R e is, 
of course, unbypassed. Figure 6.66(b) shows the small-signal, equivalent-circuit model. 
Observe that the only difference between this circuit and the simplified version studied in 
Section 6 6.4 is the inclusion of the bias resistance R B , which unfortunately can limit the 

increase in R in due to R e , since 


R w = R b \\[{fi+l){r t + R')) (6.113) 

The analysis of the circuits in Fig. 6.66 is straightforward and is illustrated in the figure. The 
formulas given in Table 6.4 can be adapted to apply to the cu cuit here by replacing the for¬ 
mula for with that in Eq. (6.113), replacing fl sig by R' s \ g - R$ i g II Kb* an ^ multiplying the 
expression for G v by the factor R B /{R B + /? sig )- Once again, we do not recommend this 
approach of plugging into formulas; rather, since each circuit the reader will encounter will 
be different, it is much more useful to work one’s way through the circuit using the analysis 

methods studied as a guide. 



6.53 Consider the emitter-degenerated CE circuit of Fig. 6.66 when biased as in Exercise 6.51. In par¬ 
ticular. refer to Fig. E6.51 for the bias currents and for the values ot the elements of the BJTmo e 

al the bias point. Let the amplifier be ted front a source having - 5 kU, an et , ' ■ i 

the value of R that results in R equal to four times the source resistance R m For this value ot K 
find and G„. If v ,is to be limited to 5 mV, what is the maximum value w*can have vv ith 

and without R included? Find the corresponding v 0 . 

e ^ « , _ * 
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“in- ^B^ib Rib- (0+1 )(r c + R e ) 4 > r 


(b) 

Figure 6, 66, a ) A common-emitter amplifier with an emitter resistance /?,. (b) Equivalent circuit 
obtained by replacing the transistor with its T model. 
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6 g 4 jhe Common-Base (CB) Amplifier 

Figure 6.67(a) shows a CB amplifier based on the circuit of Fig. 6.64. Observe that since 
Mh the dc and ac voltages at the base are zero, we have connected the base directly to 
around, thus eliminating resistor R B altogether. Coupling capacitors C n and C n perform 
similar functions to those in the CE circuit. 

The small-signal, equivalent-circuit model of the amplifier is shown in Fig. 6.67(b). This 
circuit is identical to that in Fig. 6.53(b), which we analyzed in detail in Section 6.6.5. Thus 
the analysis of Section 6.6.5, and indeed the results summarized in the CB entry in Table 

6 4. apply directly here. 


V cc (0 V) 

i 





~ai t (R c \\R L ) 





Figure 6.67 (a) A common-base amplifier using the 
stature of Fig. 6.64. (b) Equivalent circuit obtained by 
replacing the transistor with its T model. 
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6.54 Consider the CB amplifier of Fig. 6.66(a) when designed using the BJT and component values 
specified in Exercise 6.51. Specifically, refer to Fig. E6.51 for the bias quantities and the values of 
the components of the BJT small-signal model. Let /? sjg = R L — 5 kH. Find the values of /? in , A vo , 

A, , v/v si , and G. To what value should R sig be reduced (usually not possible to do 1 ) to obtain an 
overall voltage gain equal to that found for the CE amplifier in Exercise 6.52, that is, -39 V/V? 
AnS. 25 Q; +320 V/V; 8 kO; +123 V/V; 0.005 V/V; 0.6 V/V; 54 Q 


6.8.5 The Emitter Follower 

An emitter-follower circuit based on the structure of Fig. 6.64 is shown in Fig. 6.68(a). 
Observe that since the collector is to be at signal ground, we have eliminate! I the collector 
resistance R c . The input signal is capacitively coupled to the base, and the output signal is 
capacitively coupled from the emitter to a load resistance R.. 


+ Vrc 

1 



(a) 



lenuircufl’rfthTTittTfoltoJerTTT^'' 0n the structure ofFi S 6.64. (b) Small-signal equiva- 

lo " ower Wlth the ‘ransistor replaced by its T model. 
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Replacing the BJT with its T model and neglecting r Q , we obtain the equivalent circuit 
shown in Fig. 6.68(b). This circuit is identical to that in the stripped-down case analyzed in 
Section 6.6.6 except here we have the bias resistance R B . Note that it is very important to 
eket as larue a value for R B as permitted by dc bias considerations, since a low R H could 
(jeU-' U the purpose of the emitter follower. To appreciate this point recall that the most 
important feature of the emitter follower is that it multiplies R } by (/?+ 1), thus presenting a 
high input resistance to the signal source. Here, however, R B appears in parallel with this 
increased resistance, resulting in 


R m - Rg || (/?+ 1 )(f\> + R B ) (6.114) 

Thus ideally. R B should he much larger than (/?+ 1) (r e + R L ). 

Attain we urge the reader to analyze the circuit being studied (here. Fig. 6.68) directly, 
without the need to refer back to memorized formulas. As a check, however, we note that 
the results presented in Table 6.4 in the emitter-follower entry apply to the circuit in Fig. 
f, 68(b) with the following adaptations: Replace the expression for R in with that in Eq. 
(6.114): multiply the expression for G v by the factor R B /(R B + /? sig ); and replace R sig in the 
expression for G by (/?„, || R B ). Also, the equivalent circuits in Fig. 6.56 can be adapted to 

the circuit in Fig. 6.68 by replacing w sig by (R B /(R B + tf si g)Kig and ^si g b Y ( R «$\\ r b)- 
Finally, the Thevenin equivalent in Fig 6.57(a) can be made to apply to the circuit in Fig. 

6.67 by using G v0 = R B /(R B + R slg ) and R oul = r e + (/? S igll r b^^P + 



6.8.6 The Amplifier Frequency Response 

Thus far,, we have assumed that the gain ot BJT amplifiers is constant independent of the 
frequency of the input signal. This would imply that BJT amplifiers have infinite bandwidth 
which of course is not true. To illustrate, we show in Fig. 6.69 a sketch of the magnitu e o 
the gain of a common-emitter amplifier versus frequency. Observe that there is indeed a 
wide frequency range over which the gain remains almost constant. This o N1 °n s ^ 
useful frequency range of operation for the particular amplifier. Thus far, we av ^ 
assuming that our amplifiers are operating in this frequency band, called the mi an 
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Figure 6.69 Sketch of the magnitude of the gain of a CE amplifier versus frequency. The graph delineates the 
three frequency bands relevant to frequency-response determination. 


Figure 6.69 indicates that at lower frequencies, the magnitude of amplifier gain falls off. 
This is because the coupling and bypass capacitors no longer have low impedances. Recall 
that we assumed that their impedances were small enough to act as short circuits. Although 
this can be true at midband frequencies, as the frequency of the input signal is lowered, the 
reactance 1 /jwC of each of these capacitors becomes significant, and it can be shown that 
this results in the overall voltage gain of the amplifier decreasing. 

Figure 6.69 indicates also that the gain of the amplifier falls off at the high-frequency 
end. This is due to the internal capacitive effects in the BJT. In Chapter 3 we briefly intro¬ 
duced such capacitive effects in our study of the pn junction. In Chapter 9 we shall study the 
internal capacitive effects of the BJT and will augment the hybrid- 7t model with capaci¬ 
tances that model these effects. 

We will undertake a detailed study of the frequency response of BJ! amplifiers in Chap¬ 
ter 9. For the time being, however, it is important for the reader to realize that for every BJT 
amplifier, there is a finite band over which the gain is almost constant. The boundaries ot 
this useful frequency band or midband, are the two frequencies/^ and f H at which the gait 
drops by a certain number of decibels (usually 3 dB) below its value at midband. As indi¬ 
cated in Fig. 6.69, the amplifier bandwidth, or 3-dB bandwidth, is defined as the difference 
between the lower (f L ) and upper or higher (/„) 3-dB frequencies: 

BW = f„-f L (6.115) 

and since usually f L <f H , 

BW=f H ( 6 . 116 ) 

figure of merit for the amplifier is its gain-bandwidth product, defined as 

GB = \A A/ | B W 

where is the magnitude of the amplifier gain in the midband. It will he seen in Chapter9 

nli<h th w lfier deSlgtl . lt ,S USually P° ssible t0 trad e off gain for bandwidth. One way to accom- 
, or instance, is by including resistance R e in the emitter of the CE amplifier. 
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6.9 Transistor Breakdown and Temperature Effects 


We conclude this chapter with a brief discussion of two important nonideal effects in the 
BJT 1 voltage breakdown, and the dependence of /? on I c and temperature. 


6.9.1 Transistor Breakdown 


The maximum voltages that can be applied to a BJT are limited by the EBJ and CBJ break¬ 
down effects that follow the avalanche multiplication mechanism described in Section 3.5.3. 
Consider first the common-base configuration. The i c -v CB characteristics in Fig. 6.70(b) 
indicate that for i F = 0 (i.e., with the emitter open-circuited) the collector-base junction breaks 
down at a voltage denoted by BV cbo . For i E > 0, breakdown occurs at voltages smaller than 
BV . Typically, for discrete BJTs, BV cb0 is greater than 50 V. 

Next consider the common-emitter characteristics of Fig. 6.71, which show breakdown 
occurring at a voltage BV CE(r Here, although breakdown is still of the avalanche type, the effects 
on the characteristics are more complex than in the common-base configuration. We will not 
explain these in detail; it is sufficient to point out that typically BV CE0 is about half BV cao . On 
transistor data sheets, B V CE0 is sometimes referred to as the sustaining voltage L V ceo . 

B re; a down of the CBJ in either the common-base or common-emitter configuration is not 
destructive as long as the power dissipation in the device is kept within safe limits. This, how¬ 
ever, is not the case with the breakdown of the emitter-base junction. The EBJ breaks down in 
an avalanche manner at a voltage 5K ffi0 much smaller than BV cb0 , . Typically, BV ebo is in the 
range of 6 V to 8 V. and the breakdown is destructive in the sense that the /?ot the transistor is 
permanently reduced. This does not prevent use of the EBJ as a zener diode to generate refer¬ 
ence voltages in IC design. In such applications one is not concerned with the //degradation 
effect A circuit arrangement to prevent EBJ breakdown in IC amplifiers will be discussed in 
Chapter 12. Transistor breakdown and the maximum allowable power dissipation are 
important parameters in the design of power amplifiers (Chapter 11). 
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Figure 6.70 The BJT common-base characteristics including the transistor breakdown region, 
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Figure 6.71 The BJT common-emitter characteristics including the breakdown region. 


EXERCISE 






6.56 What is the output voltage of the circuit in Fig. E6.56 if the transistor BV bc0 = 70 V? 





+ 10 V 

i 



* Open 



■o l' 

* f) 


50 pA 


Figure E6.56 

Ans. -60 V 



6.9.2 Dependence of ,8 on / c and Temperature 

Throughout this chapter we have assumed that the transistor common-emitter dc current gain, 

* Ft -' 1 ^. cons ^ an ^ ^ or a given transistor. In fact, fi depends on the dc current at which thetr; 
ris >ased, as shown in Fig. 6.72. The physical processes that give rise to this depends 
, u A" * 6 scope of this book. Note, however, that there is a current range over which ft 
s orma y, one biases the transistor to operate at a current within this range. 

’ > a S ° St !° WS the de P endence of P on temperature. The fact that p increa 
els (see ChapteH n" ^ ^ Sen0US problems in transistors that operate at large M|j 1 
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h (pA) 


Figure 6.72 Typical dependence of /?on / and on temperature in an integrated-circuit npn silcon transis¬ 
tor intended for operation around 1 mA. 


Summary 


• Depending on the bias conditions on its two junctions, 
the BJT can operate in one of three possible modes: cut¬ 
off (both junctions reverse biased), active (the EBJ for¬ 
ward biased and the CBJ reverse biased), and saturation 
(both junctions forward biased). Refer to Table 6.1. 

■ For amplifier applications, the BJT is operated in the ac¬ 
tive mode. Switching applications make use ot the cut¬ 
off and saturation modes. 


■ A BJT operating in the active mode provides a collector 
current i c = The base current i B - /?, 

and the emitter current / £ = /, + i g . Also, i c = a i £ , and thus 
(5 = a/( 1 - a) and a = /?/(/? + 1). See Table 6.2. 


■ To ensure operation in the active mode, the collector 
voltage ot an npn transistor must be kept higher than ap¬ 
proximately 0.4 V below' the base voltage. For a pnp 
transistor the collector voltage must be lower than ap¬ 
proximately 0.4 V above the base voltage. Otherwise, 
the CBJ becomes forward biased, and the transistor en¬ 
ters the saturation region. 


B At a constant collector current, the magnitude of the 
base-emitter voltage decreases by about 2 mV for every 
I C rise in temperature. 


1 The BJT will he at the edge of saturation when 



reduced to about 0.3 V. In saturation, |u Cf | — 0.2 V, and 
the ratio of i c to i B is lower than j3 (i.e., /?f orce( j < p) 


In the active mode, i c shows a slight dependence on v CE . 
Tins phenomenon, known as the Early effect, is modeled 
by ascribing a finite (i.e., noninfinite) output resistance to 
the BJT: r Q - \ V A \ /1' c , where V A is the Early voltage 
and / ' c is the dc collector current without the Early effect 
taken into account. In discrete circuits, r Q plays a minor 
role and can usually be neglected. This is not the case, 
however, in integrated-circuit design (Chapter 7). 

The dc analysis of transistor circuits is greatly simpli¬ 
fied by assuming that | l ’ BE \ — 0.7 V. Refer to Table 6.3. 

To operate as a linear amplifier, the BJT is biased tn the 
active region and the signal v u _ is kept small ( v< V r ). 


■ For small signals, the BJT functions as a linear voltage- 
controlled current source with a transconductance g m - 
i/ v T . The input resistance between base and emitter, 
looking into the base, is r n - (3 g m - The input resist¬ 
ance between base and emitter, looking into the emitter is 
r = l/g Table 6.4 provides a summary of the small- 
signal models and the equations for determining their pa¬ 
rameters. 


■ Bias design seeks to establish a dc collector current that 
is as independent of the value of/?as possible. 

■ The three basic BJT amplifier configurations are shown 
in Fig. 6.48. A summary of their characteristic parame¬ 
ters is provided in Table 6.5. 
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* 


■ The CE amplifier is used to obtain the bulk of the re¬ 
quired voltage gain in a cascade amplifier. It has a large 
voltage gain and a moderate input resistance but a rela¬ 
tively hi eh output resistance and limited high-frequenc \ 
response (Chapter 9). 

■ The input resistance of the common-emitter amplifier 
can be increased by including an unbvpassed resistance 
in the emitter lead. This emitter-degeneration resistance 
provides other performance improvements at the ex¬ 
pense of reduced voltage gain. 

■ The CB amplifier has a very low input resistance and is 
useful in a limited number of special applications. It does, 
however, have an excellent high-frequency response 
(Chapter 9) and thus can be combined with the CE ampli¬ 
fier to obtain an excellent amplifier circuit (Chapter 7). 

■ The emitter follower has a high input resistance and a 
low output resistance. Thus, it is useful as a buffer am¬ 
plifier to connect a high-resistance signal source to a 
low-resistance load. Another important application of 
the emitter follower is as the last stage (called the output 
stage) of a cascade amplifier. 



■ A systematic procedure to analyze an amplifier circuit con 
sists of replacing each BJT with one of its small-signal 
equivalent circuit models. I k ' voltage sources are replaced 
by short circuits and dc current sources by open circuits 
The analysis can then be performed on the resulting equiv¬ 
alent circuit. If a resistance is connected in senes with the 
emitter lead of the BJT, the T model is the most convenient 
to use. Otherwise, the hybrid- n model is employed. 

» The resistance reflection rule is a powerful tool in the anal¬ 
ysis of BJ T amplifier circuits: All resistances in the emitter 
circuit including the emitter resistance r e can be reflected 
to the base side by multiplying them by (/?+ 1 j (■, 
versely, we can reflect all resistances in the base circuit to 
the emitter side by dividing them by ((3 + 1), 

■ Discrete-circuit BJT amplifiers utilize large coupling 
and bypass capacitors. Example circuits are given in 
Section 6,8. As will be seen in Chapter 7, this is not the 
case in IC amplifiers. 


Computer Simulation Problems 


SIM 


Problems identified by this icon are intended to demon¬ 
strate the value of using SPICE simulation to verily hand analysts 
and design, and to investigate important issues such as allowable 
signal swing and amplifier nonlinear distortion. Instructions to 
assist in setting up PSpice and Multisim simulations for all the 


indicated problems can be found in the corresponding files on the 
disc. Note that if a particular parameter value is not specified in 
the problem statement you are to make a reasonable assumption 
* difficult problem; ** more difficult; *** very challenging and' 
or time-consuming; D: des ign problem. 


Section 6.1: Device Structure and Physical 
operation 

6.1 The terminal voltages of various npn transistors are 

measured during operation in their respective circuits with 
the following results; 



In this table, where the entries are in volts, 0 indicates the 
reference terminal to which the black (negative) probe of the 
voltmeter is connected. For each case, identify the mode of 
operation of the transistor. 

6.2 Two transistors, fabricated with the same technology 
but having different junction areas, when operated at a base- 
emitter voltage of 0.75 V, have collector currents of 1 1.2 mA 
and 5 mA. Find I s for each device. What are the relative junc¬ 
tion areas? 

6.3 In a particular technology, a small BJT operating at 
v be ~ 28 V T conducts a collector current of 10* uA. What 

I 

is the corresponding saturation current? \ or a transistor in 
the same technology but with an emitter junction that is '2 
times larger, what is the saturation current? What curreni 
will this transistor conduct at v gf = 28 V T 1 W r hat is the 
base-emitter voltage of the latter transistor at i c = 1 
Assume active-mode operation in all cases. 

6.4 Two transistors have EBJ areas as follows: A £[ 
A fl = 400 pm x 400 pm and A f2 = 0.4 pm x 0.2 pm. If foe 
two transistors are operated in the active mode and conduct 
equal collector currents, what do you expect the difference 
in their v BE values to be? 

6.5 Find the collector currents that you would expect for 
operation at v BE = 700 mV for transistors for which 
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-18 


/ - 10' U A and/ s = 10 A. For the transistor with the 
[aUr EBJ. what is the v BE required to provide a collector 
current equal to that provided by the smaller transistor at 
- 700 mV 9 Assume active-mode operation in all cases. 

v be " 


6 6 In this problem, we contrast two BJT integrated-circuit 
fabrication technologies: For the “6kT technology, a typical 
npn transistor has I s = 5x10“ ‘ A, and for the “new" tech- 
nolosy a typical npn transistor has I s = 5 X 10 * A. These 
typical devices have vastly different junction areas and base 
width. For our purpose here we wish to determine the v BE 
required to establish a collector current of 1 mA in each of the 
two typical devices. Assume active-mode operation. 


6.7 Consider an npn transistor whose base-emitter drop is 
0.76 V at a collector current of 10 mA. What current will it 
conduct at v BE = 0.70 V? What is its base-emitter voltage for 

i c = 10 pA? 

6.8 In a particular BJT, the base current is 10 pA. and the 
collector current is 600 pA. Find (3 and a for this device. 


6.9 Find the values of /7that correspond to a values of 0.5. 
0.8.0,9, 0.95, 0.99, 0.995, and 0.999. 




Transistor 

a 

b 

C 

d 

e 

V BE (mV) 

I c (mA) 

690 

1.000 

690 

1.000 

580 

780 

10.10 

820 

I g (pA) 
/ £ (mA) 
a 

P 

h 

50 

1.070 

7 

0.137 

120 

1050 

75.00 


6.16 A particular BJ l when operated in the active mode 
conducts a collector current of 10 mA and has v BE - 0.70 V 
and i g - 100 pA. Use these data to create specific transistor 
models of the form shown in Figs. 6.5(a) to (d). 

6.17 Using the npn transistor model of Fig. 6.5(b), con¬ 
sider the case of a transistor for which the base is connected 
to ground, the collector is connected to a l n -V dc source 
through a 2-kO resistor, and a 3-mA current source is con¬ 
nected to the emitter with the polarity so that current is 
drawn out of the emitter terminal. If (3 - 100 and /, - 10~ 15 
A, find the voltages at the emitter and the collector and cal¬ 
culate the base current. 


6.10 Find the values of a that correspond to /? values of 1, 
2,10,20, 100, 200, 1000, and 2000. 

*6.11 Show that for a transistor with Of close to unity, if a 
changes by a small per-unit amount I A Of/ Of) , the corre¬ 
sponding per-unit change in (3 is given approximately by 

6.12 An npn transistor of a type whose /? is specified to range 
from 60 to 300 is connected in a circuit with emitter grounded, 
collector at +9 V, and a current of 20 pA injected into the base. 
Calculate the range of collector and emitter currents that can 
result, What is the maximum power dissipated in the transistor? 
(Note: Perhaps you can see why this is a bad way to establish 
the operating current in the collector of a BJT.) 

6.13 A BJT is specified to have 7$ = 5x10 A and /? 
that falls in the range of 50 to 200. It the transistor is oper¬ 
ated in the active mode with v BE set to 0.650 V, tind the 
expected range of i c , i B , and i E . 

6.14 Measurements made on a number ot transistors oper¬ 
ating in the active mode with i E — I mA indicate base cur¬ 
rents of 50 pA, 10 pA, and 25 pA. For each device, find / c , 
/?, and a. 


D 6.18 Consider an npn transistor operated in the active 
mode and represented by the model ot Fig. 6.5(d). Let the 
transistor be connected as indicated by the equivalent cir¬ 
cuit shown in Fig. 6.6(b). >t is required to calculate the val¬ 
ues of R b and R c that will establish a collector current I c 
of 1 mA and a collector-to-emitter voltage V CE ot I V. 
The BJT is specified to have (3 — 125 and 
I s = 5 x lO”^ A. 

6.19 An npn transistor has a CBJ with an area 150 times that 
of the EBJ. If 7 S = 5 X 10“' 5 A, find the voltage drop across 
EBJ and across CBJ when each is forward biased and con¬ 
ducting a current ot 1 mA. Also find the forward current each 
junction would conduct when forward biased with 0.5 V. 


.20 We wish to investigate the operation of the npn tran- 

stor in saturation using the model of Fig. 6.9. Let 

- 0.7 V, p = 100 and I SC II S =100. For 

ach of three values of v CE (namely, 0.4 V, 0.3 V, and 0.1 
'), find i B o 'fl’ *C* and i c /i B . Also find v CE that 


s - 10 A, v BE 


*6,21 Use Eqs, (6.14), (6.15), and (6.16) to show that an 
npn transistor operated in saturation exhibits a collector-to- 

emitter voltage, given by 


6.15 Measurement of V a , and two terminal currents taken 
on a number of npn transistors operating in the active mode 
are tabulated below. For each, calculate the missing current 
value as well as a, /?. and I s as indicated by the table. 
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> Ci sai r T 111 
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Use this relationship to evaluate F C£:sat * or Arced " 

10. 5. and 1 for a transistor with ft = 100 and with a CBJ 

area 100 times that of the EBJ. 

6.22 Consider the pnp large-signal model of Fig. 6. i l(b 
applied to a transistor having ! s = 10 13 A and ft — 40. If the 
emitter is connected to ground, the base is connected to a 
current source that pulls 20 pA out of the base terminal, and 
the collector is connected to a negative supply ol —10 V via 
a 10-kQ resistor, find the collector voltage, the emitter cur¬ 
rent, and the base voltage. 


6.23 A pnp transistor has v EB - 0.8 V at a collector current 
of 1 A. What do you expect v EB to become at i c = 10 mA 1 At 
i c = 5 A? 

6.24 A pnp transistor modeled with the circuit in Fig. 6.11 
(b) is connected with its base at ground, collector at -1.11 V, 
and a 10-mA current is injected into its emitter. If the tran¬ 
sistor is said to have ft= 10, what are its base and collector 

I C 

currents? In which direction do they flow? If f s = 10' A, 
what voltage results at the emitter? What does the collector 
current become if a transistor with ft = 1000 is substituted? 
(Note: The fact that the collector current changes by less 
than 10% for a large change of ft illustrates that this is a 
good way to establish a specific collector current.) 


6.25 A pnp power transistor operates with an emitter-to- 
collector voltage of 5 V, an emitter current of 10 A, and V EB 
= 0.85 V, For ft - 15, what base current is required? What 
is / s for this transistor? Compare the emitter-base |unction 
area of this transistor with that of a small-signal transistor 
that conducts i c = 1 mA with v EB - 0.70 V. How much 
larger is it? 


10.7 V 




-2.7 V 


5.6 kfl 


-0 V 




■o -4V 


2.4 kf i 


-10 V 


(a) 


(b) 


6.26 While Fig. 6.5 provides four possible large-signal 

equivalent circuits for the npn transistor, only two equivalent 
circuits for the pnp transistor are provided in Fig. 6,1 L Sup. 
ply the missing two. 

6.27 By analogy to the npn case shown in Fig. 6.9, gi Ve th £ 
equivalent circuit of a pnp transistor in saturation. 

Section 6.2: Current-Voltage 
Characteristics 

6.28 For the circuits in ! 'ig. P6.28, assume that the transis¬ 
tors have very large ft. Some measurements have been made 
on these circuits, with the results indicated in the figure 
Find the values of the other labeled voltages and currents. 

6.29 Measurements on the circuits of Fig. P6.29 produce 
labeled voltages as indicated. Find the value of /? for each 
transistor. 

6.30 A very simple circuit for measuring ft of an npn 
transistor is shown in 1 ig. P6.30. In a particular design. 
V cc is provided by a 9-V battery; M is a cument meter 
with a 50-|iA full scale and relatively low resistance that 
you can neglect for our purposes here. Assuming that the 
transistor has V BE = 0.7 V at I, - 1 mA, what value of 
R would establish a resistor current of 1 mA? Now, to what 
value of ft does a meter reading of full scale correspond? 
W'hat is ft if the meter reading is 1/5 of full scale? 1/10 of 
full scale? 

6.31 Repeat Exercise 6.13 for the situation in which the 
power supplies are reduced to ±1.5 V. 



(c) 


+ 10 V 


A 



-10 v 


fd) 


Figure P6.28 


o +7 V 



Figure P6.29 



+ 5 V 

A 

5 £ 


c 



-5 V 


Figure P6.30 

D 6.32 Design the circuit in Fig. P6.32 to establish a cur¬ 
rent of 1 mA in the emitter and a voltage of -1 V at the col¬ 
lector. The transistor v EB = 0.64 V at I E = 0.1 mA, and 
ft- I 1 i. To what value can /? c - be increased while the 
collector current remains unchanged? 

D 6.33 Examination of the table of standard values for 
resistors with 5% tolerance in Appendix G reveals that the 
closest values to those found in the design of Example 6.20 
irre 5.1 k£2 and 6.8 kfA. For these values use approximate 
calculations (e.g., V BE = 0.7 V and a = I) to determine the 
values of collector current and collector voltage that arc 
likely to result. 


+ 1.5 V 

A 



D 6.34 Design the circuit in Fig. P6.34 to establish 
^c~ 0.1 mA and V c - 0.5 V. The transistor exhibits 
v be °f 0.8 V at i c - 1 mA, and ft — 100. 


I .5 V 
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1/1 


UJ 




DC 

CL 


KD 

QC 

UJ 

CL 

< 

X 

u 



6.35 For each of the circuits shown in Fig. P6.35, find the 
emitter, base, and collector voltages and currents. Use fi- 50, 
but assume V BE — 0.8 V independent of current le\el. 


+ 1.5 V 


2.2 kfl 


1 kfl 




2.2 kfl 


1 kfl 



(a) 


(b) 


+ 1.0V 

A 


1.1 kfl 



560 fl 


+ 1.5 V 

A 


1 kfl 


470 fl 


(c) 


Figure P6.35 


(d) 


6.36 The current 4y» of a small transistor is measured 
be 10 nA at 25°C. If the temperature of the device is raisi 
to 125°C, w hat do v ou expect l BO to become? 

*6.37 Augment the model of the npn BJT shown in Fi 
6.18(a) by a cm source representing Assume that 

|s ver> !ar ^ e and '■= ' ■ r :ted In terms ot this adc 

non. what do the teaana] cuirents .... : . and i F become? 
the base lead is open-circuited while the emitter is connect) 
to ground, and the collector is connected to a positive su 
plv. find the emitter and collector currents 

6.38 A BJT whose emitter current is fixed at 1 mA has 
base-emitter voltage of 0.69 V at 25°C. What base-emitt 
voltage would you expect at CFC? At 100°C? 


6.39 a particular pnp transistor operating at an emitter current 
of 0.5 mA at 20°C has an emitter-base voltage of 692 mV 

(a) What does v EB become if the junction temperature rises 
to 50°C? 

(b) If the transistor is operated at a fixed emitter-base voltage 
of 700 mV, what emitter current flows at 20°C? At 50°C Q 6 

6.40 Consider a transistor for which the base-emitter voltage 
drop is 0.7 V at 10 mA. What current flows for v BE ~ 0.5 y? 
Evaluate the ratio of the slopes of the i c -v 8E curve at v BE = 7oq 
mV and at v 3£ - 500 mV. The large ratio confirms the point that 
the BJT has an “apparent threshold" at v BE — 0,5 V . 

6.41 In Problem 6.40, the stated voltages are measured at 
25°C. What values correspond at -25°C? At 125°C? 

6.42 Use Eq. (6.18) to plot i c versus v CE for an npn transis¬ 
tor having / s = 1( A and V A - 100 V. Provide curves for 
v BE - 0.65.0.7( K 0.72,0.73, and 0.74 volts. Show the charac¬ 
teristics for v CE up to 15 V. 

'6.43 In the circuit shown in Fig. P6.43, current source/is 
1,1 mA, and at 25 0 C v BE = 680 mV at i c =1 mA. At 
25 C with fi = 10M, what currents flow in R, and /?,? 

4r 

W hat voltage would you expect at node E? Noting that the tem¬ 
perature coefficient of v BE for I c constant is -2 mV/°C, 
what is the TC of v f ? For an ambient temperature of 15 0 C, 
what voltage would you expect at node E? Clearly state any 
simplifying assumptions you make. 



6.44 For a particular npn transistor operating at a 'j £ ol 
670 mV and I, =2 mA, the i c -v CE characteristic has aslope 
of 2 x 10 5 U. To what value of output resistance does this 
correspond? What is the value of the Early voltage for this 
transistor? For operation at 20 mA, what would the output 
resistance become ? 
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6 45 For a BJT having an Early voltage of 150 V, what is 

its output resistance at 1 mA ? At 100 pA? 

6 46 Measurements of the i c -v CE characteristic of a small- 

signal transistor operating at v BE = 7 1 1 mV show that i c = 

, J at v CE = 2 V and that i c - 2.4 mA at v CE = 14 V. What 

is the corresponding value of i c near saturation? At what 
value of v CE is i, = 2.0 mA? What is the value of the Early 
voltage for this transistor? What is the output resistance that 

corresponds to operation at i' BE — 7„0 mV? 

6 47 Give the pnp equivalent circuit models that corre¬ 
spond to those shown in Fig. 6.18 for the npn case. 

6.48 A BJ7 operating at i B = 8 pA and i c = 1.2 mA under¬ 
goes a reduction in base current of 0.8 pA. It is found that 
when v CE is held constant, the corresponding reduction in 
collector current is 0.1 mA. What are the values of fi and the 
incremental fi or fi M that apply? If the base current is 
increased from 8 pA to 10 p A and v CE is increased from 8 V 
to 10 V. what collector current results? Assume V A - 100 V. 

6.49 For the circuit in Fig. P6.49 let V cc - 5 V, 
R c = 1 kfl, and R B = 20 kfl. The BJT has fi - 50. 
Find the value of V B8 that results in the transistor operating 

(a) in the active mode with V c = 1 V; 

(b) at the edge of saturation; 

(c) deep in saturation with /? force(1 = 10. 


^cc 




*6,50 Consider the circuit of 


P6.49 for the 


case V BB = V cc . If the BJT is saturated, use the equivalent 
ireuit of Fig. 6.20 to derive an expression for /forced ' n 
terms of V cc and {R B /R C ). Also derive an expression for 
the total power dissipated in the circuit. For Vcc = 5 V, 
design the circuit to obtain operation at a forced fi as close 
to 10 as possible while limiting the power dissipation to no 
larger than 20 mW. Use 1 % resistors (see Appendix G). 


6.51 The pnp transistor in the circuit in Fig. P6.51 has 
fi ~ 50. Show that the BJ i is operating in the saturation 
mode an d find fif QKCd and V c , To what value should R g be 


increased in order for the transistor to operate at the edge of 
saturation? 


+ 3 V 



Section 6.3: BJT Circuits at DC 

6.52 The tr ansistor in the circuit of Fig. P6.52 has a very high 
fi Find V E and V c for V B (a) +1.5 V, (b) +1 V, and (c) 0 V. 

+ 3 V 

i 



Figure P6.52 

6.53 The transistor in the circuit of I : ig. P6.52 has a very' high 
fi. Find the highest value of V B for which the transistor still 
operates in the active mode. Also, find die value of l g for 
which the transistor operates in saturation uh a lorced fiot 1. 

6-54 Consider tlie operation of the circuit shown in Fig. 
P6.54 for V B at -1 V, 0 V, and +1 V. Assume that fi is very 
high. What values of V E and V c result? At what value of V B 
does the emitter current reduce to one-tenth of its value tor 
y — () poj- what value of t B is the transistor just at the 

edge of conduction? What values of V E and V c correspond? 
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For what value of V B does the transistor reach the edge of 
saturation? What values of V c and V £ correspond? Find the 
value of V B for which the transistor operates in saturation 

with a forced /?of 2. 


6.57 A single measurement indicates the emitter voltage 
of the transistor in the circuit of Fig. P5.57 to be 1.2 v 
Under the assumption that j V 3E \ = (t.7 V. what are F,/ / 
V n 8 and a? (Note: Isn't it surprising what a little mJ' 


l O r c* 

sure me nt can lead to?) 




2 kfi 


5 kil 


Vg O 



ol 


o \ 


2 kn 


B 



50 kn 



5 Kn 


-5 V 


Figure P6.54 

6.55 For the transistor shown in Fig. P6.55, assume a — 1 
and v BE - 0.5 V at the edge of conduction. What are the values 
of V E and l for V B - 0 V? For what value o: V B does the tran¬ 
sistor cut off? Saturate ? In each case, what values of I ) and 
V c result? 



|} 5 mA 





o V t 


i kn 


Figure P6.57 


D 6.58 Design a circuit using a pnp transistor for which a 
— 1 using two resistors connected appropriately to ±5 V so 
that I F -2 mA and V sc = 2.5 V. What exact values of R f and/! 
would be needed? Now, consult a table of standard 5% resistor 
values (e.g., that provided in Appendix G) to select suitable 
practical values. What values of resistors have you chosen? 
What are the values of I f and V H( that result ? 

6.59 In the circuit shown in Fig. P6.59, the transistor has 
/?= 50. Find the values of V B , V E , , and V c . If R a is raised to 
100 kn, what voltages result? With R B - 100 kQ, what 
value of P would return the voltages to the values first 
calculated? 



|) 1 mA 



o \ 


i kn 


Figure P6.55 

D 5.56 Consider the circuit in Fig. P6.52 with the base 
voltage V g obtained using a voltage divider across the 3-V 
supply. Assuming the transistor p to be very large (i.e., 
ignoring the base current), design the voltage divider to 
obtain V B = 1.5 V. Design for a 0.1-mA current in the volt¬ 
age divider. Now, if the BJT fl = 100, analyze the circuit to 
determine the collector current and the collector voltage. 


i, o 




r e 

2.2 kn 


-O V, 


o v. 


R c 

2.2 kil 


t 

5 V 


Figure P6.59 


Problems 473 


6 60 In the circuit shown in Fig. P6.59, the transistor has 
n jo pi n d the values of V B , and V c , and verify that the 
transistor is operating in the active mode. What is the largest 
value that R c can have while the transistor remains in the 

active mode? 


6.61 For the circuit in Fig. P6.61, find V 3 , V £ , and 
jTfor R g = 100 kf2, 10 k£2, and 1 kn. Let p = 100. 


SIM 


+ 5 V 

A A 






Figure P6.61 


6.62 For the circuits in Fig. P6.62, find values tor the labeled 
node voltages and hranch currents. Assume P to be very high. 

*6.63 Repeat the analysis of the circuits in Problem 6.62 
using P- 100. Find all the labeled node voltages and branch 
currents. 

D **6.64 It is required to design the circuit in Fig. P6.64 
so that a current of I mA is established in the emitter and a 
voltage of-5 V appears at the collector. The transistor type 
used has a nominal poi 100. However, the/? value can be as 
low as 50 and as high as 150. Your design should ensure that 
the specified emitter current is obtained when p— 100 and 
that at the extreme values of P the emitter current does not 
change by more than 10% of its nominal value. Also, design 
for as large a value for as possible. Give the values ot R g , 
R f . and R c to the nearest kilohm. What is the expected range 
ut collector current and collector voltage corresponding to 
the tu11 range of /? values? 

D 6.65 The pnp transistor in the circuit of Fig. P6.65 has 
/7- 50. Find the value for R c to obtain l ( = +3 V. What hap¬ 
pens if Hue transistor is replaced with another having 
0 = 100 ? 


22 kil 



l .6 kO 


-o V-, 



o V 


1 mA 



1.6 kD 


o V6 


/, 


2.2 kO 


< a) 


(b) 


1 .6 kn 


OVn 



+0.7 V 

i 


+ 3 V 

A 


3.3 kn 


o V', 


2.2 kil 


-AAA r 

56 kn 



5.1 kn 


t 

3 V 


(c) 


+ 3 V 


3.3 kn 


91 kn 


Fin o- 


-o V 



11 


150 kl 1 


-o v, 


5.1 kil 


T t 

-3 V 


(e) 


Figure P6.62 
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+9 V 


l 4 4 



Figure P6.64 


Figure P6.66 


+ 5 V 

i 



Figure P6.65 


0.66 Consider the circuit shown in Fig. P 6 . 66 , It resemble 
that in Fig. 6.29 but includes other features. First, note diode 
D t and D 2 are included to i nake design (and analysis) easier an< 
to provide temperature compensation for the emitter-base voh 
ages ot Q ] and Q y Second, note resistor R whose purpose is ti 
provide negative feedback (more on this later in the book! 
Using [ I and V D - 0.7 V independent of current and « 
find the voltages V Bl , V El , V a , V EV and V cv initially with J 
open-circuited and then with R connected. Repeat for /?= 10( 
initially with R open-circuited then connected. 


*6.67 For the circuit shown in Fig. P6.67, find the labeled 
node voltages for: 

(a) /?= oo 

(b) 100 


D * 6.68 Using /?= °° design the circuit shown in Fig, P 6.68 
so that the bias currents in Q v Q 2 , and Q , are 1 mA, 1 mA 
and 2 mA, respectively, and = 0, V $ = -2 V. and l\ - ] V 


+ 5 V 

4 4 



f t 

-5 V 

Figure P6.67 


For each resistor, select the nearest standard value utilizing 
the table of standard values for 5% resistors in Appendix G 
Now, for /?= 100, find the values of V } , V 4 , K s , V v and V Y 

6.69 For the circuit in Fig. P6.69, find V B and V E tori', = 0^’ 
+2 V,-2.5 V, and-5 V. The BJTs have (3= 100. 

**6.70 Find approximate values for the collector v0 ^ 
ages in the circuits of Fig. P6.70. Also, calculate forcedjP 
for each of the transistors. Initially, assume ^ 

transistors are operating in saturation, and verit) 1e 

assumption. 
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+ 5 V 





Figure P6.68 









+ 2.5 V 

4 



- 2.5 V 


Figure P6.69 



Figure P6.70 


+ 5 V 





30 kfl 




Section 6.4: Applying the BJT in Amplifier 
Design 

6.71 A BJT amplifier circuit such as that in Fig. 6.33(a) 
is operated with V cr = +5 V and is biased at V CE = +1 V. 
Find the voltage gain, the maximum allowed output nega¬ 
tive swing without the transistor entering saturation, and the 
corresponding maximum input signal permitted. 

6.72 For the amplifier circuit in Fig. 6 . 33 (a) with V cc = +5 V 
and R c = l kQ, find l and the voltage gain at the following 
dc collector bias currents: 0.5 mA, 1 mA, 2.5 mA, 4 mA, and 


4.5 mA. For each, give the maximum possible positive- and 
negative-output signal swing as determined by the need to 
keep the transistor in the active region. Present your results in 

a table. 

D 6.73 Consider the CE amplifier circuit of Fig. 6.33(a) 
when operated with a dc supply V cc - +5 V. It is required to 
find the point at which the transistor should be biased, that is, 
i ind the value of V CE so that the output sine-wave signal Vge 
resulting from an input sine-wave signal v he of 5-mV peak 
amplitude has the maximum possible magnitude. What is the 


CHAPTER 6 PROBLEMS 





























































































































476 Chapter 6 Bipolar Junction Transistors (BJTs) 


peak amplitude of the output sine wave and the value ot the 
gain obtained? Assume linear operation around the bias point. 
(Hint: To obtain the maximum possible output amplitude tor 
a given input, you need to bias the transistor as close to the 
edge of saturation as possible without entering saturation at 
any time, that is, without v CE decreasing below 0.3 V.) 

6.74 A designer considers a number of low-voltage BJT 
amplifier designs utilizing power supplies with voltage 
V cc of 1.0, 1.5, 2.0, or 3.0 V. For transistors that saturate 
at V CE = 0.3 V, what is the largest possible voltage gain 
achievable with each of these supply voltages ? If in each 
case biasing is adjusted so that V CE — l 
gains are achieved? It a negative-going output signal 
swing of 0.4V is required, at what Vce should the tran¬ 
sistor be biased to obtain maximum gain? What is the 
gain achieved with each of the supply voltages? Notice 
that ail of these gains are independent ot the value ot I c 
chosen!) 

D *6.75 A BJT amplifier such as that in Fig. 6.33(a) is to 
be designed to support relatively undistorted sine-wave output 
signals of peak amplitudes P volt without the BJT entering 
saturation or cutoff and to have a voltage gain of A v V/V. 
Show' that the minimum supply voltage V cc needed is 
given by 



V CEm + P + 




Also, find V C c » s pecitied to the nearest 0.3 V, for the fol¬ 
lowing situations: 

(a) A v = -20 V/V, P = 0.2 V 

1 / 

(b) A. = -50 V/V, P = 0.5 V 

(c) A v = -100 V/V, P = 0.5 V 

(d) A v = -100 V/V, P = 1.0 V 

(e) A v = -200 V/V, P = 1.0 V 

(f) A v = -500 V/V, P = 1.0 V 

(g) A v = -500 V/V, P = 2.0 V 

6.76 The transistor in the circuit of Fig. P6.76 is biased at 
a dc collector current of 0.4 mA. What is the voltage uam? 

'//mt. Use Thevenin's theorem to convert the circuit to the 
form in Fig. 6.33a). 

6.77 Sketch and label the voltage transfer characteristics 
oi the pnp common-emitter amplifiers shown in Fig PA.77. 

6.78 In deriving the expression tor small-signal volt¬ 
age gain .4 t in Eq. (6.31) we neglected the Early effect. 


+5 V 

A 


10 kl l 


1>I o- 



o v Q 


10 kil 


Figure P6.76 


+ V CC = +5 V 



o i 



Derive this expression including the Early effect, by sub¬ 
stituting 


i 


c 






in Fq. (6.24) and including the factor (I + v CE /V A ) m Eq. 
(6.28). Show that the gain expression changes to 




C R C / V T 
?c*c 1 



F C£ )/I t* 



1 + 


y cc - v &i 


V A + V, 


CE 


For the case V rr = 5 V and V rF -2.5 V, what is the gam 
without and with the Early effect taken into account. w 
V A ~ 100 V. 

6.79 When the amplifier circuit of Fig. 6.33(a) is biased 
with a certain V BS , the dc voltage at the collector is fo un 
to be +2 V. For V cc - +5 V and R, = 1 kU, find l c and the 

small-signal voltage gain. For a change Av ge = + $ 
culate the resulting Av () . Calculate it two ways: by tin mg 
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\i using the transistor exponential characteristic, and 
approximately using the small-signal voltage gain. Repeat 

, r v, = -5 mV. Summarize your results in a table. 

1 or m up; 

*6 80 Consider the amplifier circuit of Fig. 6.33(a) when 
operated with a supply voltage V cc = +3V. 

ia) What is the theoretical maximum voltage gain that this 
amplifier can provide? 

(b | What value of V CE must this amplifier be biased at to 
provide a voltage gain of -80 V/V? 

1C ) If the dc collector current J c at the bias point in (b) is 
to he 0.5 mA, what value of R c should be used? 
iji What is the value of V m required to provide the bias point 
mentioned above? Assume that the BJT has I s - lO^ 1 ' A. 

( C ) if a sine-wave signal having a 5-mV peak amplitude 
is superimposed on V 8F , find the corresponding output volt¬ 
age signal v tf that will be superimposed on 1 ' CE assuming lin¬ 
ear operation around the bias point. 

(f) Characterize the signal current 7 that will be super¬ 
imposed on the dc bias current I c . 

(g) What is the value of the dc base current I B at the bias 
point? Assume (5 = 100. Characterize the signal current i b 
that will be superimposed on the base current I B . 

(h) Dividing the amplitude of v He by the amplitude of i h , 
evaluate the incremental (or small-signal) input resistance of 
the amplifier. 

(i) Sketch and clearly label correlated graphs for v BE , v CE , i c , 
and i fl . Note that each graph consists of a dc or average value 
and a superimposed sine wave. Be careful of the phase rela¬ 
tionships of the sine waves. 

6.81 The essence of transistor operation is that a change in 
v BE , Av be , produces a change in i c , A i c . By keeping Av BE 
small, Ai ( is approximately linearly related to Ai’ g£ -. Ai c = 
g„,Au fl£ , where g m is known as the transistor transcondue- 
tance. By passing A/ t through /?,, an output voltage signal 
Ai« 0 is obtained. Use the expression for the small-signal 
voltage gain in Eq. (6.30) to derive an expression for g m . 
Find the value of g m for a transistor biased at I c - 1 mA. 

6.82 The purpose of this problem is to illustrate the appli¬ 
cation of graphical analysis to the circuit shown in Fig. 
P6.82, Sketch / c —v CE characteristic curves for the BJT tor 
h i - I (iA, 10 pA, 20 pA, and 40 pA. Assume the lines to 
he horizontal (i.e., neglect the Early effect), and let 
P- 100. For V cc =5 V and R c = I kH, sketch the 
load line. What peak-to-peak collector voltage swing will 
result tor i () varying over the range 10 pA to 40 pA? It the 

is biased at V CF ~ i V cc , find the value of / c and 
^ b- II at this current V Bf = 0.7 V and if R B = 100 k£2, 
hnd the required value of V BB . 

6.83 Sketch the i c —v ( h characteristics of an npn transistor 
having /?= 100 and V. — 100 V. Sketch characteristic curves 


1 cc 



Figure P6.82 


for i B - 20 pA, 50 pA, 80 pA, and 100 pA. For the purpose 
of this sketch, assume that /, = fii B at v CE = 0. Also, sketch 
the load line obtained for V cc =10 V and R c - 1 k£2. If the 
dc bias current into the base is 50 //A. write the equation for 
the corresponding i, -v CE curve. Also, write the equation for 
the load line, and solve the two equations to obtain V CE and 
/,. If the input signal causes a sinusoidal signal of 30-pA 
peak amplitude to be superimposed on find the corre¬ 
sponding signal components of i c and v CE . 

6.84 Consider the operation of the circuit shown in Fig. 
P6.84 as v B rises slowly from zero. For this transistor, assume 
/? - 50, v BE at which the transistor conducts is 0.5 V, v BE 
when fully conducting is 0.7 V, saturation begins at v BC = 
0.4 V, and the transistor is deeply in saturation at v Bt = 0.6V. 
Sketch and label v E and v c versus v B . For what range of v B is 
i c essentially zero? What are the values of v E , i E , i a and v c for 
v B = 1 V and 3 V? For what value of v„ does saturation begin? 
What is i B at this point? For v H = 4 V and 6 V, what are the 
values of v r v ,, i p i n and i s l Augment your sketch by adding 

a plot of i 8 . 

+6 V 



Figure P6.84 
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Section 6.5: Small-Signal Operation 
and Models 

6 85 Consider a transistor biased to operate in the active 
mode at a de collector current I c . Calculate the collector sig¬ 
nal current as a fraction of I c (i.e., i e /I C ) for in P ut s ‘f al Q S 
v . of +1 mV, -1 mV, +2 mV, -2 mV, +5 mV, 5 mV, +< 
mV, -8 mV, +10 mV, -10 mV, +12 mV, and -12 mV. In 

each case do the calculation two ways: 

' a) using the exponential characteristic, and 
(b) using the small-signal approximation. 

Present your results in the form of a table that includes a col¬ 
umn for the error introduced by the small-signal approxima¬ 
tion. Comment on the range of validity ot the small-signal 

approximation. 

6.86 An npn BJT with grounded emitter is operated with I' BE 
= 0.700 V, at which the collector current is 0.5 mA. A 10-kQ 
resistor connects the collector to a +10-V supply. What is the 
resulting collector voltage K c ? Now, if a signal applied to 
the base raises v BE to 7( 15 mV, find the resulting total collector 
current i c and total collector voltage v c using the exponential 
i c -v BE relationship. For this situation, what are and v?. Cal¬ 
culate the voltage gain v c /u he . Compare with the value 
obtained using the small-signal approximation, that is, -gji c 

6.87 A transistor with /?= 120 is biased to operate at a dc 
collector current of 0.6 mA. Find the values ol g m , /'*, and r.. 
Repeat for a bias current of 60 pA. 

6.88 A pnp BJT is biased to operate at /, = 1.0 mA. V, hat 
is the associated value ofg ffl ? 11 /?= 100, what is the value ot 
the small-signal resistance seen looking into the emitter (r e )l 
Into the base (rJ? If the collector is connected to a 5-k£2 
load, with a signal of 5-mV peak applied between base and 
emitter, what output signal voltage results? 

D 6.89 A designer wishes to create a BJT amplifier with a 
g m of 25 mA/V and a base input resistance of 3000 f2 or 
more. What emitter-bias current should he choose? What is 
the minimum /? he can tolerate for the transistor used? 


6.90 A transistor operating with nominal g m of 50 mA/V has 
a ^that ranges from 50 to 150. Also, the bias circuit, being less 
than ideal, allows a ±20% variation in I a What are the extreme 
values found of the resistance looking into the base? 

6.91 In the circuit of Fig. 6.36, V BB is adjusted so that V { = 

1 V. If V cc = 3 V, R c = 2 k£2, and a signal v be = 0.005 sin a* 
volts is applied, find expressions for the total instantaneous 
quantities i c (/), v c (t ), and i B (/). The transistor has /? = 80. 
What is the voltage gain? 

D *6.92 We wish to design the amplifier circuit of Fig, 6.36 
under the constraint that V cc is fixed. Let the input signal 
= V be sinfitf, where V be is the maximum value for accept¬ 
able linearity. For the design that results in the largest signal 
at the collector, without the BJT leaving the active region, 
show that 

R c l c = (K cc -0.3 - V it )/[ I +y) 

and find an expression for the voltage gain obtained. For F tr 
= 3 V and Vf,e — 5 mV, find the dc voltage at the collector, 
the amplitude of the output voltage signal, and the voltage 
gain. 

6.93 The table below summarizes some of the basic 
attributes of a number of BJTs of different types, operating 
as amplifiers under various conditions. Provide the missing 
entries. {Note: Isn’t it remarkable how much two parameters 
can reveal?) 

6.94 A BJT is biased to operate in the active mode at a dc 
collector current of 0.5 mA. It has a J3 of 100. Give the four 
small-signal models (Figs. 6.40 and 6.41) ol the BIT com¬ 
plete with the values of their parameters. 

6.95 I he transistor amplifier in Fig. P6.95 is biased with a 
current source I and has a very high /?. Find the dc voltage ai 
the collector, V c Also, find the value ot g m . Replace the 
transistor with the simplified hybrid-# model of Fig. 6.40(a) 


Transistor 

a 

b 

c 

d 

e 

f 

9 

a 

1.000 





0.90 


f* 


100 


GO 




l c ( mA) 

1.00 


1.00 





If (mA) 


1.00 




5 


I B (mA) 



0.020 




1.10 

g m (mA/V) 







700 

r (Q) 




25 

100 








10.1 kO 
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le t h at the dc current source I should be replaced with an 
open circuit). Hence find the voltage gain v e /v t . 


+ 5 V 



T 


Figure P6.95 

6.96 For the conceptual circuit shown in Fig. 6.39, R c = 
3 ka, g m - 50 mA/V. and J3 - 100. If a peak-to-peak output 
voltage of i V is measured at the collector, what are the 
peak-to-peak values of v bl , and ij 


6.97 Figure P6.97 shows the circuit of an amplifier fed 
with a signal source u sj with a source resistance /? sig , The 
bias circuitry is not shown. Replace the BJ'I with its hybrid- 
n equivalent circuit of Fig. 6.40(a). Find the input resis¬ 
tance R in = v n /i h , the voltage transmission from source to 
amplifier input, vJv slo , and the voltage gain from base to 
collector, vjv n . Use these to show that the overall voltage 
gam vj T< sjg is given by 


O 


J3R 


c 


V 


Slg 


Y 4 - R . 
r IT JV S!g 


R 


Slg 


-O 


u 


sig 



-F 



■O 


+ 


T'_ 


R 


c 


O 


R 


in 


Figure P6.97 



Figure P6.98 


be replaced by one of the small-signal models of Figs. 6.40 
and 6.41. Use the model of Fig. 6.41(b) and show that the 
resulting two-terminal device, known as a diode connected 
transistor, has a small-signal resistance r equal to r e . 

6.99 Figure P6.99 shows a particular configuration of BJT 
amplifiers, known as “emitter follower.” The bias arrange¬ 
ment is not shown. Replace the BJT with its T equivalent- 
circuit model of Fig. 6.41(b). Show that 

- ~ - (/?+ 1 )( r e + Re) 
l b 

v o R e 



Figure P6.99 


6.100 For the circuit shown in Fig. P6.I00, draw a com¬ 
plete small-signal equivalent circuit utilizing an appropriate 
T model for the BJT (use a= 0.99). Your circuit should 
show the values of all components, including the model 
parameters. What is the input resistance RJ Calculate the 
overall voltage gain {v 0 /v sig ). 


■98 Figure P6.98 shows a transistor with the collector con- 
n ^cted to the base. The bias arrangement is not shown. Since a 
Zero v Bc implies operation in the active mode, the BJT can 


6.101 In the circuit shown in Fig. P6.101, the transistor has 
a j5 of 200. What is the dc voltage at the collector? Find the 
input resistances R lh and R in and the overall voltage gain 
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+9 V 

1 



R\ a t 


Figure P6.100 


+ 5 V 

i 



values ot r g m , and result? What is the overall voltage gain 1 ) 
(Note: You can see that this circuit, using base-current con¬ 
trol of bias, is very /^-sensitive and usually not recommended.) 

6.104 Reconsider the circuit shown in Fig. 6.44(a) under 
the condition that the signal source has an internal resistance 
of 100 Q. What does the overall voltage gain become? What 
is the largest input signal voltage that can be used without 
output-signal clipping? 

D 6.105 Redesign the circuit of Fig. 6.44 by raising the 
resistor values by a factor n to increase the resistance seen 
by the input i\ to 75 £1 What value of voltage gain results? 
Grounded-base circuits of this kind are used in systems such 
as cable TV, in which, for highest-quality signaling, load 
resistances need to be “matched" to the equivalent resis¬ 
tances of the interconnecting cables. 

D **6.106 Design an amplifier using the configuration of 
Fig. 6.44( a). The power supplies available are ±5 V. The 
input signal source has a resistance of 50 £2, and it is 
required that the amplifier input resistance match this value. 
(Note that R ia = r e 11 R E - r e .) The amplifier is to have the 
greatest possible voltage gain and the largest possible output 
signal but retain small-signal linear operation (i.e., the signal 
component across the base-emitter junction should be lim¬ 
ited to no more than 10 mV). Find appropriate values for R c 
and R c . What is the value of voltage gain realized 1 

*6.107 The transistor in the circuit shown in Fig. P6.J>7is 
biased to operate in the active mode. Assuming that ji is 
very large, find the collector bias current l c . Replace the 
transistor with the small-signal equivalent circuit model ot 
Fig. 6.41 (b) ( remember to replace the dc power supply with a 
short circuit). Analyze the resulting amplifier equivalent cir¬ 
cuit to show that 


v : Rc + r 


Figure P6.101 

(v 0 /v s! |). For an output signal of ±0.4 V, what values of f sl 
and v b are required? 

6.102 Consider the augmented hybrid-^ model shown in 
Fig. 6.47(a). Disregarding how biasing is to be done, what is 
the largest possible voltage gain available for a signal source 
connected directly to the base and a very-high-resistance 
load? Calculate the value of the maximum possible gain for 
V A = 25 V and V A = 250 V. 

6.103 Reconsider the amplifier shown in Fig. 6.42 and ana¬ 
lyzed in Example 6.14 under the condition that jd is not well 
controlled. For what value of jd does the circuit begin to satu¬ 
rate? We can conclude that large (d is dangerous in this circuit. 
Now, consider the effect of reduced jd, say, to jd = 25. What 


+ 5 V 

i 


100 kn 
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Vo2 


V 


Find the values of these voltage gains (for a =* I ), Now, if 
the terminal labeled is connected to ground, what does 

the voltage gain v ol /v i become? 

Section 6.6: Basic BJT Amplifier 
Configurations 

6.108 An amplifier with an input resistance of 100 kQ , an 
open-circuit voltage gain of 100 V/V, and an output resis¬ 
tance of 100 £2, is connected between a 10-k£2 signal 
source and a l-k£2 load. Find the overall voltage gain G 
Also find the current gain, defined as the ratio of the load 
current to the current drawn from the signal source. 

D 6.109 Specify the parameters /? in , A vo , and R 0 of an 
amplifier that is to be connected between a 100-kQ source 
and a 2-k£2 load. The amplifier is required to meet the fol¬ 
lowing specifications: 



Figure P6.110 


6.111 An alternative equivalent circuit of an amplifier fed 
with a signal source (v ■ , /? v i and connected to a load 
R, is shown in Fig. P6,111. Here G vo is the open-circuit 
overall voltage gain. 





(a) No more than 10% of the signal strength is lost in the 
connection to the amplifier input. 

(b) If the load resistance changes from the nominal value of 
2 k£2 to a low value of 1 k£2, the change in output voltage 
is limited to 10% of nominal value. 

(c) The nominal overall voltage gain is 10 V/V. 


6.110 Figu re 1*6.110 shows an alternative equivalent circuit 
representation of an amplifier. If this circuit is to be equivalent 
to that in Fig. 6.50(b) show that G ni - A vn /R 0 . Also con¬ 
vince yourself that the transconductance G m is defined as 





mnv ii me ampniier is tea with a signal source 
and is connected to a load resistance R L , show that the g 
of the amplifier proper A v is given by A v - G m (R (l || R 
and the overall voltage gain G. is given by 

G m (R 0 II r l) 


G„ = 


in 


°in “sig 


and R om is the output resistance with c set to zero. This 

& 


is different from R t) . Show that 


R 


Gyo R: + R 


^VO 


Slg 


where R s 




4 


Also show that the overall voltage gain 






+ R 


out 


**6.112 Most practical amplifiers have internal feedback 
that make them nonuni lateral. In such a case, R m depends 
on Rf . To illustrate this point we show in Fig. P6.112 the 
equivalent circuit of an amplifier in which a feedback resis¬ 
tance R t models the internal feedback mechanism that is 
present in this amplifier. It is R f that makes the amplifier 
nonuni lateral. Show that 




Rf- 1- ( /? t II Rl ) 

.1 + g„U?,|| R l L 



Pigure P 6.111 


t 


Problems 6.108 to 6.111 


are identical to problems 5.80 to 5.84. 
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Figure P6.112 


4 = -2„,Ri 

* * %) o O fft L 


1 ~ ( 1 /gm R f) 

1 + ( R 2 /Rf) 


R = R 2 1| R 


f 


Evaluate R m , A vo , 
R f = 1 


and R 0 for the case /?] - 100 kQ, 
MQ, g m = 100 mA/V, R 2 = 100 Q, and 

r - i kQ. Which of the amplifier characteristic parame¬ 
ters is most affected by Rf (i.e., relative to the case with 
© = oo )7 For /? sjg = 100 kQ, determine the overall volt- 

age gain, G , with and without Rt present. 


6.113 A CE amplifier utilizes a BJ I with /? = 100 and 
y = 50 V. biased at J c = 0.5 mA; it has a collector resis¬ 
tance R c - 10 kQ. Assume R B > r E . Find R m , R 0 , and 
A v0 . If the amplifier is fed with a signal source having a resis¬ 
tance of 10 kQ, and a load resistance R^~ 10 kQ is con¬ 
nected to the output terminal, find the resulting A v and G v . If 
the peak voltage of the sine wave appearing between base and 
emitter is to be limited to 5 mV, what u sjg is allowed, and 
what output voltage signal appears across the load? 


D *6.114 In this problem we investigate the effect of the 
inevitable variability of ft on the realized gain of the CE 
amplifier. For this purpose, use the overall gain expression 
in Eq. (6.79). Assume r, is sufficiently large to be negligi¬ 
ble and thus show that 

K l 

' G "'~ («*//?)+(i/ g j 
where R) - R, |j R c . 

Consider the case R L = 10 kQ and R^= 10 kf2, and let 
the BJT be biased at / r = 1 mA. The BJT has a nominal /? 
of 100. 


(a) What is the nominal value of G. 

(b) If p can be anywhere between 50 and 150, what is th 
corresponding range of jG. I? 

(c) If in a particular design, it is required to maintain G 
within ±20 9c of its nominal value, what is the maximur 
allowable range of P ? 


(d) If it is not possible to restrict p to the range found in (c), 
and the designer has to contend with P in the range 50 to 
150, what value of bias current I c would result in \G V \ fall¬ 
ing in a range of ±20 % of a new nominal value? What is 
the nominal value of |G V | in this case ? 

D 6.115 In this problem, we investigate the effect of chang¬ 
ing the bias current I c on the overall voltage gain G v of a 
CE amplifier. Consider the situation of a CE amplifier oper¬ 
ating with a signal source having = 1 < > kQ and having 
R c \\ Rj = 10 kQ The BJT is specified to have /?= 100 
and V A = 25 V. Use Eq. (6.79) to find |G V | at I c = 0.1 
mA, 0.2 mA, 0.5 mA, 1.0 mA, and 1.25 mA. Observe the 
effect of r Q on limiting |G V | as I c is increased. Find the 
value of / c that results in |Gj = 50 V/V. 

6.116 Two identical CE amplifiers are connected in cas¬ 
cade. The first stage is fed with a source t' sig having a resis¬ 
tance /? si = 10 kQ. A load resistance R L = 10 kfl is 
connected to the collector ol the second stage. Each BJTi'< 
biased at / ( - = n .25 mA and has P - 100 and a very 
large V A . Each stage utilizes a collector resistance 

R c - lOkQ. 

(a) Sketch the equivalent circuit ot the two-stage amplifier 

(b) Calculate the voltage transmission from the m- 
source to the input of the first stage. 

(c) Calculate the voltage gain of the first stage, A v \. 

(d) Calculate the voltage gain of the second stage, A v2 - 

(e) Find the overall voltage gain, v o2^ V ^S' 

6.117 A CE amplifier utilizes a BJT with /? = 100 biased 
at I c = 0.5 mA and has a collector resistance Rc - 

kQ and a resistance /? = 150 Q connected in the emitter 

Find R in , A „ and R . If the amplifier is fed with a signal 

source having a resistance of 10 kQ, and a load re si ^ 

Ri — 10 kQ is connected to the output terminal, find tw 

resulting A and G v • If the peak voltage of the sine^va 

appearing between base and emitter is to be limited to - ’ 

what v ■ is allowed, and what output voltage signal app^ 

■* ’ ^ 

across the load? 


n 6.118 Design a CE amplifier with a resistance R e in the 
emitter to meet the following specifications: 

(i) Input resistance R in = 20 kQ. 

(ii) When fed from a signal source with a peak amplitude of 
0 1 V and a source resistance of 20 kQ , the peak amplitude 

of v n is 5 mV. 

Specify R. and the bias current I c . The BJT has p- 100. 
If the total resistance in the collector is 5 kQ, find the over¬ 
all voltage gain G v and the peak amplitude ol the output 

signal v 0 . 


EC1 D 6.119 Inclusion of an emitter resistance R t , 
reduces the variability of the gain G„ due to the inevitable 
wide variance in the value of P . Consider a CE amplifier 
operating between a signal source with /? sjg = 10 k Q and 
a total collector resistance /?, || R L of 10 kQ , The BJT is 
biased at I c = 1 mA and its p is specified to be nominally 
100 but can lie in the range of 50 to 150. First determine the 
nominal value and the range of |G,,| without resistance R e , 
Then select a value for R e that will ensure that |G ( ,| be 
within ±20 % of its new nominal value. Specify the value of 
R , the new nominal value of |G l( |, and the expected range 

of |G„j. JSSKM 


D 6.120 A CB amplifier is operating with R t = 10 kQ, 
R c - 10 kQ, and 7? sjg = 100 Q. At what current I c 
should the transistor be biased for the input resistance /? (n to 
equal that of the signal source? What is the resulting overall 

voltage gain? Assume (X — 1. 


6.121 For the circuit in Fig. P6.I21, let /? sig r e and 
(X - 1. Find v 0 . ‘ '- J 



Figure P6/I21 










fi.122 A C’B amplifier is biased at l r — 0.25 mA with 
- R^ ~ 10 kQ and is driven by a signal source with 
»ig = 1 kQ. Find the overall voltage gain G v . It the 
maximum signal amplitude of the voltage between base and 
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emitter is limited to 10 mV, what are the corresponding 
amplitudes of v s - g and v Q l Assume a— 1. 

D 6 123 An emitter follower is required to deliver a 0.5 -V 
peak sinusoid to a 2 -kQ load. If the peak amplitude of r /v 
is to be limited to 5 mV, what is the lowest value of Ig at 
which the BJT can be biased? At this bias current, what are 
the maximum and minimum currents that the BJT will be 
conducting iat the positive and negative peaks of the output 
sine wave)? If the resistance of the signal source is 200 kQ, 
what value of G„ is obtained? Thus determine the required 
amplitude of v- . 

6.124 An emitter follower with a BJT biased at 
I c = 1 mA and having p - 100 is connected between a 
source with /? si = 20 kQ and a load R, = 1 kQ. 

(a) Find R ]n , v b /v S]g7 and x (( /j 

(b) If the signal amplitude across the base-emitter junction 
is to be limited to 10 mV, what is the corresponding ampli¬ 
tude of to- and to? 

Slg O 

(c) 7ind the open-circuit voltage gain G., 0 and the output 
resistance R ouV Use these values fust to verify the value of 
G. obtained in (a), then to find the value of G,, obtained 
with R { reduced to 500 Q. 

6.125 An emitter follower is operating at a collector bias 
current of 0.25 mA and is used to connect a 10 -kQ source 
to a 1-kQ load. If the nominal value of /? is 100, what out¬ 
put resistance R ou{ and overall voltage gain G v result? Now 
if transistor p is specified to lie in the range 50 to 150, find 
the corresponding range of R im and G v . 

6.126 An emitter follower, when driven from a 10-kQ 
source, was found to have an output resistance R 0Xi{ of 
200 Q. The output resistance increased to 3< '0 Q when the 
source resistance was increased to 20 kQ . Find the overall 
voltage gain when the follower is driven by a 30-kQ source 
and loaded by a 1-kQ resistor. 

6.127 For the general amplifier circuit shown in Fig. 
P6.127 neglect the Early effect. 

(a) Find expressions for v c /v s ^ and v e / v sig . 

(b) If v sig is disconnected from node X, node X is grounded, 
and node Y is disconnected from ground and connected to 
v ■ , find the new expression for v c / i» sig . 


Section 6.7: Biasing in BJT Amplifier 
Circuits 

D 6.128 For the circuit in Fig. 6.59(a), neglect the base 
current /„ in comparison with the current in the voltage 
divider. It is required to bias the transistor at I c - I mA, 
which requires selecting R Bi and R B2 so that — 0.690 \. If 
y = 3 V, what must the ratio R s \/R B2 Now, it /? fll and 
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Figure P6.127 

R p , are 1% resistors, that is, each can be in the range of 0.99 
to 1.01 of its nominal value, what is the range obtained for 
V B p, What is the corresponding range ot / c ? It = 2 kii, 
what is the range obtained for V CE 1 Comment on the efficacy 
of this biasing arrangement. 

D 6.129 It is required to bias the transistor in the circuit of 
Fig. 6.59(b) at I c = 1 mA. The transistor f3 is specified to be 
nominally 100, but it can fall in the range of 51 1 to 1 .^0. For 
V cc = +3 V and R, = 2 kQ, find the required value of R a to 
achieve 7, = 1 mA for the “nominal” transistor. What is the 
expected range for /, and K C£ ? Comment on the efficacy ot 
this bias design. 

D 6.130 Consider the single-supply bias network shown 
in Fig. 6.60(a). Provide a design using a 9-V supply in 
which the supply voltage is equally split between R c , V CE , 
and R £ with a collector current of 0.6 mA. The transistor (3 is 
specified to have a minimum value of 90. Use a voltage 
divider current of I E / 10, or slightly higher. Since a reason¬ 
able design should operate for the best transistors for which 
j3 is very high, do your initial design with f3 — oo Then 
choose suitable 5% resistors (see Appendix Hi, making the 
choice in a way that will result in a I flj8 that is slightly higher 
than the ideal value. Specify the values you have chosen tor 
R f , R, , /?,, and R 2 . Now, find V B , V E , V 0 and /, for your 
final design using /3 — 90. 

D 6.131 Repeat Problem 6.130, but use a voltage divider 
current that is I E / 2. Check your design at /?= 90. If you 
have the data available, find how low j3 can be while the 
value of /, does not fall below that obtained with the design 
of Problem 6.130 for (3 - 90. 

D 6.132 It is required to design the bias circuit of Fig. 6.60 
for a BIT whose nominal /?= 100. 

(a) Find the largest ratio (R B /R F ) that will guarantee J L 
remain within ±10% of its nominal value for (3 as low as 50 
and as high as 150. 


{hi If the resistance ratio found in (a) is used, find an 
expression for the voltage V BB = V CC R 2 /(R ] +^) ^ 
will result in a voltage drop of U cc /3 across R E , 

(c) For V cc = 5 V, find the required values of fl,, /?,, and Jt 
to obtain /, = 0.5 mA and to satisfy the requirement for sta¬ 
bility ot I E in (a). 

, d) Find R c so that V CE = 1.5 V for {3 equal to its nominal 
value. 

Check your design by evaluating the resulting range of l v 

D *6.133 Consider the two-supply bias arrangement 
shown in Fig. 6.61 using ±3-V supplies. It is required to 
design the circuit so that I c - i '.6 mA and V c is placed mid¬ 
way between V cc and V E . 

(a) For /?=<», what values of R E and R c are required? 

(b) If the BJT is specified to have a minimum >9 of 90, find 
the largest value for R B consistent with the need to limit the 
voltage drop across it to one-tenth the voltage drop across R v 

(c) What standard 5% resistor values (see Appendix Hr 
would you use for R H . R E , and R c ? In making your selection, 
use somewhat lower values in order to compensate for the 

low-/?effects. 

(d) For the values you selected in (c), find I 0 l' B , l E , and f c 
for (3 — 00 and for (3 — 90. 

D *6.134 Utilizing ±3-V power supplies, it is required to 
design a version of the circuit in Fig. 6.61 in which the signal 
will be coupled to the emitter and thus R a can be set to zero. 
Find values for R h and R c so that a dc emitter current of 0.5 
mA is obtained and so that the gain is maximized while 
allowing ±1 V of signal swing at the collector. If temperature 
increases from the nominal value ot 25 C to 125°C, estimate 
the percentage change in collector bias current. In addition 
to the -2 mV/°f change in V aE , assume that the transistor/J 
changes over this temperature range from 50 to 150. 


SIM 


D 6.135 Using a 3-V power supply, design a version 
of the circuit of Fig. 6.62 to provide a dc emitter current of 
0.5 mA and to allow a ±1-V signal swing at the collector. 
The BJT has a nominal /3 = 100. Use standard 5% resistor 
values (see Appendix H). If the actual BJT used has /?- 50. 
what emitter current is obtained? Also, wl at is the 
signal swing at the collector? Repeat tor (3- 150. 



D *6.136 (a) Using a 3-V power supply, design the tud 
back bias circuit of Fig. 6.62 to provide / t = 3 mA an 
V c = F cc /2 for (3 = 90. 

(b) Select standard 5% resistor values, and reevaluate 
and / c for (3 = 90, 

(c) Find V c and / ( for 

(d) To improve the situation that obtains when high 
sistors are used, we have to arrange for an additions cu 
to flow through R B . This can be achieved by c ® nn ^ 11 ^ 
resistor between base and emitter, as shown in fig 
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Design this circuit for f3 = 90. Use a cunent through R B2 
equal to the base current. Now, what values of V c and /, 

result with (3= 

V'cr 



Figure P6.136 


D 6.137 A circuit that can provide a very large voltage 
gain for a high-resistance load is shown in Fig. P6.137. Find 
the values of / and R fi to bias the BJ I at I c = 1 mA and V c - 
1,5 V, Let (3- 100. 


MX 

A 



Figure P6.137 

6.138 The circuit in Fig. P6.138 provides a constant cur¬ 
rent l 0 as long as the circuit to which the collector is con¬ 
nected maintains the BJT in the active mode. Show that 

j = 7cc[V(*t+ft2)l-*« 

" f/ R E + {R [ \\R 2 )/(j3+ 1) 


Vcc 

A 



Figure P6.138 

D 3 ^6.139 The current-source biasing circuit shown in Fig. 
P6.139 provides a bias current to that is determined by 
the current source formed by 0 2 - /?], and R E . The bias 
current is independent of R B and nearly independent of 
(as long as both Q } and Q 2 operate in the active mode). It is 
required to design the circuit using ±5 -V dc supplies to 
establish J c , = 0.1 mA and V CE[ - 1.5 V, in the ideal sit¬ 
uation of infinite /?, and f3 2 . In designing the current source, 
use 2-V dc voltage drop across R E and impose the require¬ 
ment that I E 2 remain within 5% of its ideal value for f3 2 as 
low as 50. In selecting a value for R s , ensure that for the low¬ 
est value of j3\ - 50, V CE1 is 2.5 V. Use standard 5% resis¬ 
tor values (see Appendix H). What values for R v R 2 , R E , 
R b , and R c do you choose? What values of I C] and V CEl 
result for f3 } = (3 2 = 50, 100, and 200? 


Vcc 

^ Rc 



Figure P6.139 
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; D *6.140 For the circuit in Fig. P6.140, assuming 
all transistors to be identical with /? infinite, derive an 
expression for the output current I 0 , and show that by select¬ 


ing 



and keeping the current in each junction the same, the cur 
rent 1 Q will be 



which is independent of V BE . What must the relationship ot 
to /?, and R 2 be? For V cc = 10 V and V BE = 0.7 V, design 
the circuit to obtain an output current ot 1.5 mA. What is the 
lowest voltage that can be applied to the collector ot 


+5 V 

1 




Figure P6.141 




Figure P6.142 


Figure P6.140 

D 6,141 For the circuit in Fig. P6.141 find the value of R 
that will result in / , - 1 mA. What is the largest voltage that 
can be applied to the collector? Assume | V BE \ = 0.7 V. 

Section 6.8: Discrete-Circuit BJT Amplifiers 

6.142 For the common-emitter amplifier shown in 
Fig. P6.142, let V cc ~ 15 V, /?, = 27 kQ, R 2 = 15 kQ, R f = 
2.4 kQ, and R c = 3.9 kQ. The transistor has ji- 100, Calculate 
the dc bias current /, . If the amplifier operates between a 
source for which R^ = 2 kQ and a load of 2 kQ, replace 
the transistor with its hybrid-;r model, and find the values of 
R in , and the overall voltage gain v,/v . 

"O 

D 6.143 Using the topology of Fig. P6.I42, design an 
amplifier to operate between a 2-kQ source and a 2-kQ load 
with a gain vj u sig of -40 V/V. The power supply available 
is 15 V. Use an emitter current of approximately 2 mA and a 


current of about one-tenth of that in the voltage divider thai 
feeds the base, with the dc voltage at the base about one- 
third of the supply. The transistor available has /?= 100. Use 
standard 5% resistor (see Appendix H). 



6.144 A designer, having examined the situation described 
in Problem 6.142 and estimating the available gain tv be 
approximately -36.6 V/V, wants to explore the 
improvement by reducing the loading ot the source by the 
amplifier input. As an experiment, the designer varies the 
resistance levels by a factor of approximately 3: R t to 82 
R 2 to 47 kQ, R f to 7.2 kQ, and R t to 12 kQ (standard values 

of 5%-tolerance resistors). With V cc - 15 V, /?, jg = 2kfl. i 
2 kQ, and /?= 100, what does the gain become? Comment. 


D 6,145 Consider the CE amplifier circuit of Fig. ■ 

It is required to design the circuit (i.e., Iind values tor . 
and R c ) to meet the following specifications: 

(a) R m =* 5 kQ 
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.jv -phe dc voltage drop across R B is approximately 0.2 V. 
i i The open-circuit voltage gain from base to collector is 
the maximum possible, consistent with the requirement that 
the collector voltage never falls by more than approximately 
d 4 V below the base voltage with the signal between base 
and emitter being as high as 5 mV. 

Assume that u si is a sinusoidal source, the available supply 
y - 3 v, and the transistor has (5 = 100. Use standard 5 % 
resistance values, and specify the value of / to one signifi¬ 
cant digit. What base-to-collector open-circuit voltage gain 
does your design provide? If R sig = R L = 10 kQ, what is the 
overall voltage gain ? 

D 6.146 In the circuit of Fig. P6.146, u si? is a small sine- 
wave signal with zero average. The transistor is 100. 

(a) Find the value of R E to establish a dc emitter current of 
about 0.5 mA. 

(b) Find R { to establish a dc collector voltage of about +1 V. 
(ci For R, - 10 kQ, draw the small-signal equivalent circuit 
of the amplifier and determine its overall voltage gain. 

*6.147 The amplifier of Fig. P6.147 consists of two identical 
common-emitter amplifiers connected in cascade. Observe 
that the input resistance of the second stage, R m2 , constitutes 
the load resistance of the first stage. 

(a) For V cc = 9 V, = 100 kQ, R 2 = 47 kU R E = 3.9 kQ R c = 
6.8 kQ, and /? = 100, determine the dc collector current and 
dc collector voltage of each transistor. 

(b) Draw the small-signal equivalent circuit of the entire 
amplifier and give the values of all its components. 

(c) Find R ini and v bx /v sig for fl sig = 5 kQ. 

(d) Find R in2 and v b2 /v bl . 


+ 5 V 

A 



- 5 V 


Figure P6.146 

(e) For R, = 2 kQ, find v a /v b2 . 

(f ) Find the overall voltage gain v Q / i' sig . 

6.148 In the circuit of Fig. P6.148, v slg is a small sine- 
wave signal. Find R m and the gain v 0 / u sjg . Assume - 
100. If the amplitude of the signal is to be limited to 5 
mV, what is the largest signal at the input? What is the cor¬ 
responding signal at the output? 

*6.149 The BJT in the circuit of Fig. P6.149 has /?= KN>. 

(a) Find the dc collector current and the dc voltage at the 
collector. 



figure P6.147 
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A 


1 mA 



X 



Figure P6.151 

6.152 For the emitter-follower circuit shown in Fig. P6.152, 
the BJ1 used is specified to have Rvalues in the range of 50 
to 200 (a distressing situation for the circuit designer). For 
the two extreme values of /?(/?= 50 and /? = 200), find: 

(a) / f , V E , and V B . 

(b) the input resistance R n . 

(c) the voltage gain v 0 /v sig . 

+ 5 V 

A A 


Figure P6.149 

(b) Replacing the transistor by its T model, draw the small- 
signal equivalent circuit of the amplifier. Analyze the result¬ 
ing circuit to determine the voltage gain V 0 /Vj. 

D *6.150 Consider the CB amplifier of Fig. 6.67(a) with 
the collector voltage signal coupled to a l-k£2 load resis¬ 
tance through a large capacitor. Let the power supplies be 
±3 V. The source has a resistance of 50 Q. Design the circuit 
so that the amplifier input resistance is matched to that of 
the source and the output signal swing is as large as possible 
with relatively low distortion (v bt limited to 10 mV). Find / 
and R c and calculate the overall voltage gain obtained and 
the output signal swing. Assume a- 1. 

6-151 For the circuit in Fig. P6.151, find the input resis¬ 
tance R in and the voltage gain v 0 /v tig . Assume that the 
source provides a small signal v- and that /?= 100. 





Figure P6.152 

6.153 For the emitter follower in Fig. P6.153, the signal 
source is directly coupled to the transistor base. It the ^ 
component of t/. is zero, find the dc emitter current 
Assume J3= 100. Neglecting r 0 , find R in , the voltage gain 

v 0 /v sj g, the current gain /,/(,, and the output resistance 
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+ 5 V 

A 



R m t = 

-5 V 


Figure P6.153 

**6.154 For the circuit in Fig. P6.154, called a boot¬ 
strapped follower: 

(a) Find the dc emitter current and g m , r„ and r r Use (? = 

100 . 

(b) Replace the BJT with its f model (neglecting r 0 ), and 
analyze the circuit to determine the input resistance R lt) and 
the voltage gain v 0 /v sig , 

(c) Repeat (b) for the case when capacitor C B is open-cir¬ 
cuited. Compare the results with those obtained in (b) to find 
the advantages of bootstrapping. 

+ 9 V 



'' 6.15 5 For the follower circuit in Fig. P6.155, let transis¬ 
tor Q { have (3 - 50 and transistor Q 2 have /? = 100, and 
neglect the effect of r Q , Use V BE = 0.7 V. 

(a) Find the dc emitter currents of Q ] and Q 2 . Also, find the 
dc voltages V BI and V B2 . 

(b) It a load resistance R L - 1 k£2 is connected to the output 
terminal, find the voltage gain from the base to the emitter 
of Qi*v a /v b2f and find the input resistance R lh2 looking into 
the base of (A. i Hint: Consider Q , as an emitter follower fed 
by a voltage v b2 at its base.) 

(c) Replacing Q , with its input resistance R lh2 found in (b), 
analyze the circuit of emitter follower Q ] to determine its 
input resistance /? in , and the gain from its base to its emitter, 

^e\ /v b\- 

(d) If the circuit is fed with a source having a 100-k£2 resis¬ 
tance, find the transmission to the base of Q l ,v h \/v &ig . 

(e) Find the overall voltage gain v a /v sig . 


+ 5 V 

A A A 



t t 


Figure P6.155 

D 6.156 A CE amplifier has a midband voltage gain of 
1^ J = 100 V/V, a lower 3-dB frequency of f L = \00 Hz, 
and a hiuher 3-dB frequency j 2 — 100 MHz. In C hapter 9 
we will learn that connecting a resistance R L , in the emitter 
of the BJT results in lowering f L and raising f H by the fac¬ 
tor • I +g mJ R t ). If the BJT is biased at I c = 1 mA, find 
R e that will result in f H at least equal to 5 MHz. What will 

the new values ol // and A ^ be? 


Figure P6.154 
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PART II 




H aving studied the MOSFET and the BJT and become familiar with their basic circuit 
applications, we are now ready to consider their use in the design of practical am¬ 
plifier circuits that can be fabricated in integrated-circuit (1C) form. Part II is devoted to 
this rich subject. Its six chapters constitute a coherent treatment of 1C amplifier design 
and can thus serve as a second course in electronic circuits. 

Beginning with a brief introduction to the philosophy of 1C design, Chapter 7 
presents the basic circuit building blocks that are utilized in the design of 1C amplifiers. 
However, the most important building block of all, the differential pair configuration, is 
deferred to Chapter 8, where it is the main topic. Chapter 8 also considers the design of 

amplifiers that require a number of cascaded stages. 

As mentioned at various points in Part I, amplifiers have finite bandwidths. Chapter 
9 is devoted to the frequency-response analysis of amplifiers; it provides a comprehensive 
study of the mechanisms that limit the bandwidth and the tools and methods that are 
utilized to estimate it for a wide variety of amplifier circuit configurations. While the 
study of the first half or so of Chapter 9 is essential, some of its later sections can be post¬ 
poned to a later point in the course or even to subsequent courses. 

An essential tool in amplifier design is the judicious use of feedback. Chapter 10 
deals with this exceedingly important subject. A thorough understanding of feedback 
concepts, insight into feedback configurations, and proficiency in the use of the feed¬ 
back analysis method are invaluable to the serious circuit designer. 

In Chapter 11, we switch gears from dealing with primarily small-signal amplifiers to 
those that are required to handle large signals and large amounts of power. Finally, 
Chapter 12 brings together all the topics of Part II in an important application, namely, 
the design of operational amplifier circuits. We will then have come full circle, from con 
sidering the op amp as a black box in Chapter 2 to understanding what is inside the box 

in Chapter 12. 

Throughout Part II, MOSFET and BJT circuits are treated side-by-side. Because over 
90% of ICs today employ the MOSFET, its circuits are presented first. Nevertheless, BJT 
circuits are presented with equal depth, although sometimes somewhat more briefly. In 
this regard, we draw the reader's attention to Appendix 7.A, which presents a valuable 
compilation of the properties of both types of transistors, allowing interesting compari 
sons to be made. As well, typical device parameter values are provided for a number of 
CMOS and bipolar fabrication process technologies. 
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IN THIS CHAPTER YOU WILL LEARN 

1 The basic integrated-arcuit (1C) design philosophy and how it differs 
from that for discrete-circuit design. 

2 The basic gain cells of 1C amplifiers, namely, the CS and CE amplifiers 

' with current-source loads. 

3 How to increase the gain realized in the basic gainlcells by employing the 
principle of cascoding. 

4 . Analysis and design of the cascode amplifier and the cascode current 
source in both their MOS and bipolar forms. 

5 . How current sources are used to bias 1C amplifiers and how the refer- 
" ence current generated in one location is replicated at various other 

locations on the 1C chip by using current mirrors. 


6. Some ingenious analog circuit design techniques that result in current 
mirrors with vastly improved characteristics. 

7. How to pair transistors to realize amplifiers with characteristics superior 
to those obtained from a single-transistor stage. 



Introduction 

Having studied the two major transistor types, the MOSFET and the BJT, and their basic discrete- 
circuit amplifier configurations, we are now ready to begin the study of integrated-circuit (IC) 
amplifiers. This chapter is devoted to the design of the basic building blocks ot IC amplifiers. 

We begin with a brief section on the design philosophy ot integrated circuits and how it 
differs from that of discrete circuits. Throughout this chapter, MOS and bipolar circuits are 
presented side by side, which allows a certain economy in presentation and, more impor- 
tantly, provides an opportunity to compare and contrast the two circuit types. Toward t at 
end, Appendix 7. A provides a comprehensive comparison of the attributes of the two tran¬ 
sistor types. This should serve both as a condensed review and as a guide to very interesting 
similarities and differences between the two devices. Appendix 7.A can be consulte at any 
time during the study of this or any ot the remaining chapters ot the book. 

The heart of this chapter is the material in Sections 7.2 to 7.4. In Section 1.2 we present 
^ basic gain cell of IC amplifiers, namely, the current-source-loaded common-source 

(common-emitter) amplifier. We then ask the question ot how to increase its gam. is ea s 

nntr.r/Ui . . . ■ ... _ a: _Uc jmnliration in amoliner 
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494 Chapter 7 Building Blocks of Integrated-Circuit Amplifiers 

f design: name |y, the cascode amplifier and the cascode current source, which are very i mpo[ . 

tant building blocks of 1C amplifiers. 

Section 7 4 is devoted to 1C biasing and the study ot another key It building block, the 
current mirror. We study a collection of current-mirror circuits with improved performance 
in Section 7 5. for their significance and usefulness, but also because they embody ideas that 
illustrate the beauty and power of analog circuit design. The chapter concludes with the pre¬ 
sentation in Section 7.6 of an interesting and useful collection of amplifier configurations, 

each utilizing a pair of transistors. 

7.1 IC Design Philosophy 

Integrated-circuit fabrication technology (Appendix A) imposes constraints on and pro- 
vides opportunities to—the circuit designer. Thus, while chip-area considerations dictate 
that large- and even moderate-value resistors are to be avoided, constant-current sources are 
readily available. Large capacitors, such as those we used in Sections 5.8 and 6.8 for signal 
coupling and bypass, are not available to be used, except perhaps as components external to 
the IC chip. Even then, the number of such capacitors has to be kept to a minimum; other¬ 
wise the number of chip terminals increases, and hence the cost. Very small capacitors, in the 
picofarad and fraction-of-a-picofarad range, however, are easy to fabricate in 1C MOS tech¬ 
nology and can be combined with MOS amplifiers and MOS switches to realize a wide 
range of signal processing functions, both analog (Chapter 16) and digital (Chapter 14). 

As a general rule, in designing 1C MOS circuits, one should strive to realize as many of 
the functions required as possible using MOS transistors only and, when needed, small MOS 
capacitors. MOS transistors can be sized; that is, their W and L values can be selected to fit a 
wide range of design requirements. Also, arrays of transistors can be matched (or. more generally, 
made to have desired size ratios) to realize such useful circuit building blocks as current mirrors, 

At this juncture, it is useful to mention that to pack a larger number of devices on the 
same IC chip, the trend has been to reduce the device dimensions. By 2009, CMOS process 
technologies capable of producing devices with a 45-nm minimum channel length were in 
use. Such small devices need to operate with dc voltage supplies close to 1 V. While low- 
voltage operation can help to reduce power dissipation, it poses a host of challenges to the 
circuit designer. For instance, such MOS transistors must be operated with overdrive volt¬ 
ages of only 0.1 V to 0.2 V. In our study of MOS amplifiers, we will make frequent com¬ 
ments on such issues. 

The MOS-amplifier circuits that we shall study will be designed almost entirely using 
MOSFETs of both polarities—that is, NMOS and PMOS—as are readily available in CMOS 
technology. As mentioned earlier, ( M()S is currently the most widely used IC technology 
for both analog and digital as well as combined analog and digital (or mixed-signal i applica¬ 
tions, Nevertheless, bipolar integrated circuits still offer many exciting opportunities to the 
analog design engineer. This is especially the case for general-purpose circuit packages, such 
as high-quality op amps that are intended tor assembly on printed-circuit (pc) boards (as 
opposed to being part of a system-on-chip). As well, bipolar circuits can provide much 
higher output currents and are favored for certain applications, such as in the automotive 
industry, for their high reliability under severe environmental conditions. Finally, hip olar 

circuits can be combined with CMOS in innovative and exciting ways in what is known as 
BiCMOS technology. 
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7.2 The Basic Gain Cell 

7 2.1 The CS and CE Amplifiers with Current-Source Loads 

The basic gain cell in an 1C amplifier is a common-source (C’S) or common-emitter (CE) tran¬ 
sistor loaded with a constant-current source, as shown in Fig. 7.1(a) and (b). These circuits are 
similar to the CS and C’E amplifiers studied in Sections 5.6 and 6.6, except that here we have 
replaced the resistances R n and R c with constant- current sources. This is done for two 
reasons: First, as mentioned in Section 7.1, it is difficult in IC technology to implement 
resistances with reasonably precise values; rather, it is much easier to use current sources, 
which are implemented using transistors, as we shall see shortly. Second, by using a constant- 
current source we are in effect operating the CS and CE amplifiers with a very high (ideally 
infinite ) load resistance; thus we can obtain a much higher gain than if a finite R D or R c is 
used. The circuits in Fig. 7.1 (a) and (b) are said to be current-source loaded or active loaded. 

Before we consider the small-signal analysis of the active-loaded CS and CE amplifiers, a 
word on their dc bias is in order. Obviously, in each circuit Q x is biased at I D = / and I c = /. 
But what determines the dc voltages at the drain (collector) and at the gate (base)? Usually, these 
gain cells will be part of larger circuits in which negative feedback is utilized to fix the values of 
jf an( j y uS (V CE and V BE ). We shall be discussing dc biasing later in this chapter. As well, in 

the next chapter we will begin to see complete IC amplifiers including biasing. For the time 
being, however, we shall assume that the MOS transistor in Fig. .1(a) is biased to operate in the 
saturation region and that the BJT in Fig. 7.1 (b) is biased to operate in the active region. We will 
often refer to both the MOSFET and the BJT as operating in the “active region." 



(c) 

Figure 7,1 1 he basic gain cells of IC amplifiers: (a) current-source- or 
amplifier; (b) current-source- or active-loaded commoii-emiucr amplifier, (c) 


(d) 

active-loaded common-source 
small-signal equivalent circuit 


°f (a); and (d) small-signal equivalent circuit of (b). 
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Small-signal analysis of the current-source-loaded t S and CE amplifiers can be per . 
formed by utilizing t'heir equivalent-circuit models, shown respectively in Fig. 7.1(c) 
id) Observe that since the current-source load is assumed to be ideal, it is represented in the 
models by an infinite resistance. Practical current sources will have finite output resistance, 
as we shall see shortly. For the time being, however, note that the CS and CE amplifiers of 
Fig. 7.1 are in effect operating in an open-circuit lashion. The only resistance between their 
output node and ground is the output resistance of the transistor itself, r„. Thus the voltage 
gain obtained in these circuits is the maximum possible for a CS or a CE amplifier. 

From Fig. 7.1(c) we obtain for the active-loaded CS amplifier: 

«i„ = “ (7.1) 

4 v0 — o ( 7 * 2 ) 

R 0 = r o (7*3) 

Similarly, from Fig. 7.1(d) we obtain for the active-loaded CE amplifier: 



(7.4) 

(7.5) 

(7.6) 


Thus both circuits realize a voltage gain of magnitude g m r 0 . Since this is the maximum gain 
obtainable in a CS or CE amplifier, we refer to it as the intrinsic gain and give it the symbol 
A 0 . Furthermore, it is useful to examine the nature of A 0 in a little more detail. 


7.2.2 The Intrinsic Gain 

For the BJT, we can derive a formula for the intrinsic gain A vv - g m r D by using the following 
formulas for g m and r 0 : 



(7.7) 

(7.8) 


The result is 



A o = Sm r o = 


K 
v, 


(7.9) 


Thus A(y is simply the ratio of the Early voltage V A , which is a technology-determined 

parameter and the thermal voltage V T , which is a physical parameter (approximately 0.025 

\ at room temperature). The value of V A ranges from 5 V to 35 V for modem 1C fabrication 

processes to 100 V to 130 V for the older, so-called high-voltage processes (see chapter 

appendix. Section 7.A.1). As a result, the value of A {) will be in the range of 200 V/V to 

5000 \ \, with the lower values characteristic ol modem small-feature-size devices. It is 

important to note that for a given bipolar-transistor fabrication process, A u is independent of 

the transistor junction area and ot its bias current. This is not the case for the MOSFET, as 
we shall now see. 

Recall from our study of the M( >M I T g m in Section 5.5, that there are three possible 
expressions for g m . Two of these are particularly useful for our purposes here: 



m 


VQy/'l 


(7.10) 
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gm= WJwTl) fro 


(7.11) 


For the MOSFET r 0 we have 



(7.12) 


where V is the Early voltage and V\ is the technology-dependent component of the Early volt- 
aoe utilizing each of the g m expressions together with the expression for r 0 , we obtain for A 0 , 



V 0 y/2 


which can be expressed in the alternate forms 





V'^m^VVL) 

Jh 


(7.13) 


(7.14) 


(7.15) 


The expression in Eq. (7.13) is the one most directly comparable to that of the BJT (Eq. 7.9). 

Here, however, we note the following: 


1. The quantity in the denominator is V ov /2, which is a design parameter. Although the 
value of V ov that designers use for modem submicron technologies has been 
steadily decreasing, it is still about 0.15 V to 0.3 V. Thus Vq V /2 is 0.075 V to 0.15 V, 
which is 3 to 6 times higher than V T . Furthermore, there are reasons for selecting 
higher values for Vq V (to be discussed in later chapters). 

2. The numerator quantity is both process dependent (through l' A ) and device depen¬ 
dent (through l, i. and its value has been steadily decreasing with the scaling down 

of the technology (see Appendix 7. A), 

3. From Eq. (7.14) we see that for a given technology (i.e., a given value of Q the 
intrinsic gain A 0 can be increased by using a longer MOSFET and operating it at a 
lower V ov , As usual, however, there are design trade-offs. For instance, we will see 
in Chapter 9 that increasing L and lowering V ov result, independently, in decreasing 

the amplifier bandwidth. 


s a result, the intrinsic gain realized in a MOSFET fabricated in a modem short-channel 
chnology is only 20 V/V to 40 V/V, an order of magnitude low'er than that tor a BJT. 

The alternative expression for the MOSFET A Q given in Eq. (7.15) reveals a very inter 
ting fact: For a given process technology ( V A and //„C or ) and a given device (Wan ), 
e intrinsic gain is inversely proportional to Jlp* This is illustrated in Fig. 7,2, whic s ows 
typical plot for A 0 versus the bias current I D . The plot confirms that the gain increases as 
« bias current is lowered. The gain, however, levels off at very low currents. This is 
-cause the MOSFET enters the subthreshold region of operation (Section 5.1.9), where it 
scornes very much like a BJT with an exponential current-voltage characteristic. e 
itrinsic gain then becomes constant, just like that of a BJT. Note, however, that a t ioug^ 

igher gain is obtained at lower values of I D , the price paid is a lower (Eq* • . 

‘ss ability to drive capacitive loads and thus a decrease in bandwidth. This point wi 


o 

o 

o 
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Figure 7.2 The intri nsic gain ot the M OSFET versus bias current I D . Outside the subthreshold region,this 
is a plot of Aq = V'j2/i„C 0X WL/I D for the case: H n C ox = 20 pA/V, V' A = 20 V/pm, L = 2\im, 
and W - 20 (im. 



We wish to compare the values of g m , rt m , R 0 , and A 0 for a CS amplifier that is designed using an 
NMOS transistor with L - 0.4 pm and W = 4 pm and fabricated in a 0.25-pm technology specified to have 
fl n C ox = 267 pA/V : and V\ - 10 V/pm, with those for a CE amplifier designed using a BJT fabricated 
in a process with p = 100 and V { = 10 V. Assume that both devices are operating at a drain (collector) 
current of 100 pA. 


Solution 

For simplicity, we shall neglect the Early effect in the MOSFET in determining V i thus. 



1 ( 4 
100 = ±x267x| — 

2 VO A 



resulting in 


V ov = 0.27 V 

2/ r\ 2x01 

S m =T~ =~r~- = 0.74 mA/V 
“ ov u.l! 


R m = OO 

, _ V'aL 10 x 0.4 

° I D ~ 0.1 

R 0 =r 0 = 40 kQ 


40 kn 


A o = Zm r o = 0.74x40 = 29.6 V/V 
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For the CE amplifier we have 


/, 


g m = 


*in = 


0.1 mA 


V T 0.025 V 


= 4 mA/V 


r n = 


£ _ \ oo _ 


g 


= 25 kQ 


m 


v 


= 


A 


K) 

0.1 


= 100 kQ 


R 0 = r Q = 100 kQ 


A 0 “ g m r o ~ 4 x 100 = 400 V/V 



7.1 A CS amplifier utilizes an NMOS transistor with L - 0.36 pm and W/L - 10; it was tabricated in a 
0.18-pm CMOS process for which fi n C ox = 387 pA/V : and V' A = 5 V/pm. Find the values of g m 

and A 0 obtained at I D = 10 pA, 100 pA, and 1 mA. 

Ans. 0.28 mA/V, 50 V/V; 0.88 mA/V, 15.8 V/V; 2.78 mA/V, 5 V/V 



7.2.3 Effect of the Output Resistance of the Current-Source Load 

The current-source load of the CS amplifier in Fig. 7.1(a) can be implemented using a 
PMOS transistor biased in the saturation region to provide the required current /, as shown 
in Fig. 7.3(a). We can use the large-signal MOSFE" model (Section 5.2, Fig. 5.15) to model 

0 : as shown in Fig. 7.3(b), where 





(7.16) 




(7.17) 


Thus the current-source load no longer has an infinite resistance, rather, it has a finite output 
resistance r a2 . This resistance will in effect appear in parallel with r ol , as shown in the 
amplifier equivalent-circuit model in Fig. 7.3(c), from which we obtain 



(7.18) 


Thus, not surprisingly, the finite output resistance ot the current-source load reduces the 
magnitude of the voltage gain from (g,„]^ f ,i) t0 Sm\ ( r oi II r oi )■ This reduction can sm 
Stantial. For instance, if Q-, has an Early voltage equal to that of Pi, t 0 2 ~ r o\ an e 
is reduced by half. 
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Figure 7.3 (a) The CS amplifier with the current-source load implemented with a /^-channel MOSFET £)>; 
(b) the circuit with Q } replaced with its large-signal model; and (c) small-signal equivalent circuit of the 
amplifier. 




1 

2 Sm^o 


Finally, we note that a similar development can be used for the bipolar case. 



xample 7.2 


A practical circuit implementation of' the common-source amplifier is shown in Fig. 7.4(a). Here the 

current-source transistor Q 2 is the output transistor of a current mirror formed by Q and and ted 

with a reference current / REF . Current mirrors were briefly introduced in Section 5.7.4 and will be stud- 

Al more ex * ei ! s ' ve ly * n Sections 7,4 and 7.5. For the time being, assume that Q and Qj are matched. 

so assume that / REF is a stable, we 11-predicted current that is generated with a special circuit on the 

f ^ a ° 6 3 e J° C * ear ^ see re 8’ on of vj over which the circuit operates as an almost-linear ampli¬ 
fier, determine the voltage transfer characteristic (VTC), that is, v 0 versus v,. 
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Vqvi 





\ 


/ 


DD 


Vqa — Vqd |V 


I I II | III I IV 


OV 2 


V, 


OB 



Q\ 

Qx 

Qt 

Q\ 

Qi 

Q\ 

Qi 


Cutoff 

Saturation 

Triode 

Saturation 

Saturation 

Triode 

Saturation 


/ 


C f „ I ia v /e 


\ /« — Vqb "I” ^ 


tn 


Vi 


(d) 


Figure 7.4 Practical implementation of the common-source amplifier; (a) circuit; (b) iv c ^ctenst ,c of the active 
load Q 2 \ (c) graphical construction to determine the transfer characteristic, ( ) trans er c a 
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Example 7.2 continued 


Solution 

First we concern ourselves with the current mirror, with the objective of determining the i v char¬ 
acteristic of the current source Q v Toward that end, we note that the current / REF flows through the 

diode-connected transistor Q, and thus determines V sc of Q } , wh.ch is in turn apphed between the 
source and the gate of Q„ Thus, the i-v characteristic ot the current source Q 2 will be the , D -v SD 
characteristic curve of Q 2 obtained for v sa - V sa . This is shown in Fig. 7.4(b), where we note that 

i will be equal to / RlF at one point only, namely, at v SD2 - 'sc ,h ’ s bem 8 thc onl > P olnl aI w| ttdt 
the two matched transistors Q, and Q } have identical operating conditions. We also observe the 

effect of channel-length modulation in Q 2 (the Early effect), which is modeled by the finite output 
resistance r Finally, note that Q , operates as a current source when i- is equal to or greater than 


0 V2 


= V 


SG 


V !p \. This in turn is obtained when v 0 < V DD 


V 0 y 2 . This is the maximum permuted 

value of the output voltage v 0 . 

Now. with the i- v characteristic of the current- source load Q 2 in hand, we can proceed to determine 
v versus v } . Figure 7.4(c) show's a graphical construction for doing this. It is based on the graphical anal¬ 
ysis method employed in Section 5.4.5 except that here the load line is not a straight line but is the i-v 
characteristic curve of Q 2 shifted along the v 0 axis by V DD volts and “flipped around." The reason for this 

is that 


v o ~ Vdd v 

The term V DD necessitates the shift, and the minus sign of v gives rise to the “flipping around" of the 
load curve. 

The graphical construction of Fig. 7.4(c ) can be used to determine v 0 for every value of , point by 
point: The value of v t determines the particular characteristic curve of 0, on which the operating point 
lies. The operating point will be at the intersection of this particular graph and the load curve. The hori¬ 
zontal coordinate of the operating point then gives the value of v 0 . 

Proceeding in the manner just explained, we obtain the VTC shown in Fig. 7.4(d). As indicated, it 
has four distinct segments, labeled I, II, III, and IV. Each segment is obtained for one of the four combi¬ 
nations o 1 the modes of operation of 0, and Q 2 , w'hich are also indicated in the diagram. Note that we 
have labeled two important break points on the transfer characteristic (A and B) in correspondence with 
the intersection points (A and B) in Fig. 7.4(c). We urge the reader to carefully study the transfer charac¬ 
teristic and its various details. 

Not surprisingly, segment III is the one of interest for amplifier operation. Observe that in 

region III the transfer curve is almost linear and is very steep, indicating large voltage gain. In region 

III both the amplifying 1 ransistor Q t and the load transistor Q are operating in saturation. The end 

points of region III are A and B: At A, defined by v 0 = V DD -\V OV2 \, Q- enters the inode region, 

and at B, defined by v 0 = t > } - V fn9 0j enters the triode region When the amplifier is biased at a 

point in region III, the small-signal voltage gain can be determined as we have done in Fig. 7.3(c). 

The question remains as to how' we are going to guarantee that the dc component of v ( will have 

such a value that will result in operation in region III. That is why overall negative feedback is 
needed, as will be demonstrated later. 

Before leaving this example it is useful to reiterate that the upper limit of the amplifier region (i.e., 
point A) is defined by V OA - V 0D ~ |f ovi\ an d the lower limit (i.e., point B) is defined by - Vqv l* 
w ere V 0 v | can be approximately determined by assuming that 7 /t| — /^j| A more precise value tor 
V OB can be obtained by taking into account the Early effect in both O. and O, as will be demonstrated 

in the next example. 
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Example 7.3 


Consider the CMOS common-source amplifier in Fig. 7.4(a) for the case V DD = 3 V, V fn = | V tp \ = 0,6 V, 
fi n C 0X ~ 200 pA/V‘, and U p C ox - 65 pA/V 2 . For all transistors, L = 0.4 pm and W = 4 pm. Also, 
V An = 20 V, | V Ap \ = 10 V, and /ref = 100 pA. Find the small-signal voltage gain. Also, find the coordi¬ 
nates of the extremities ot the amplifier region of the transfer characteristic—that is, points A and B. 


Solution 


Sm 1 



l J ^ REF 


= 12 x 200 x - x 100 = 0.63 mA/V 

0.4 


'\>i = 


4 n 


D I 


20 V 
0.1 mA 


= 200 kQ 


r 0 2 = 


i£ 


D2 


10 V 
0.1 mA 


= 100 kQ 


Thus, 


= ~gml( r oi W r ol) 

= -0.63(mA/V) x (200 || 100)(kQ) = -42 V/V 


Approximate values for the extremities of the amplifier region of the transfer characteristic (region III) 
can be detennined as follows: Neglecting the Early effect, all three transistors are carrying equal currents 
/ REF . and thus we can determine the overdrive voltages at which they are operating. Transistors Q 2 and 
will have equal overdrive voltages, |E on |, determined from 


= I 


1 




D3 — 1 REF 2^P^ ox \l 


3 


V. 


0 13 


Substituting, / R1F = 100 pA, jU n C ox = 6? pAA/% ( W /T) 3 - 4/0.4 - 10 results in 


vOV 3 “ ^ 


Thus, 


V 0 A = V 


DD 


0 13 


= 2.45 V 


Next we determine V on \ from 





Substituting, / REF 


100 0A. fJ„C = 200 |lA/V : , (W/L), = 4/0,4 = 10 results in 



= 0.32 V 


Thus, V 0B = V on = 0.32 V. 

More precise values for VOA and ^ OB 

m 

into account as follows. 


can be determined by taking the Early effect in all transistors 
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Example 7.3 continued 

First, we detemiine V sc of Q : and Q, corresponding to l D} 


= / kef = 100 pA using 




rjr 1 + 


SD 


V 


Ap 


Thus, 


100=ix65(^ 


( 


V on *11 + 


0 . 6 + V Q yy 


V 


10 


\ 

) 


( 719 ) 


where V on is the magnitude of the overdrive voltage at which Q 3 and Q 2 are operating, and ue have 
used the fact that, for Q„ V SD = V sa . Equation (7.19) can be manipulated to the lorm 

0.29 = | V on \ 2 (l +0.09| V on \) 

which by a trial-and-error process yields 


V 


on 


= 0.53 V 


plus, 

V SG = 0.6 + 0.53 = 1.13 V 

and 


Voa = Vdd - Von = 2.47 V 

To find the corresponding value of v f , V IA , we derive an expression for v 0 versus v } in region HL 
Noting that in region III. Q and Q 2 are in saturation and obviously conduct equal currents, we can write 



Substituting numerical values, we obtain 


8.55 (v y - 0.6) 2 = 


which can be manipulated to the form 


i 




v 0 = 7.69 - 65.77 (vy- 0.6) 2 (7.20) 

This is the equation of segment III of the transfer characteristic. Although it includes vj, the reader should 
not be alarmed: Because region III is very narrow, t > } changes very little, and the characteristic is nearly 
linear. Substituting v 0 = 2.47 V gives the corresponding value of v f ; that is, V n = 0.88 V. To detemiine 
the coordinates of B, we note that they are related by V 0B = V lB - V tn . Substituting in Eq. (7.20) and solving 
gives V /B - 0.93 V and V 0B - 0.33 V. The width of the amplifier region is therefore 


&’i = v ib ~ Via = 0.05 V 

and the corresponding output range is 


Atfo = V ob -V oa = -2,14 V 
Thus, the “large-signal” voltage gain is 


_ _ 2 - 14 
Aliy 0.05 

which is very close to the small-signal value of-42, 
istic is quite linear. 


= -42.8 V/V 

indicating that segment III of the transfer character- 
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7.2 A CMOS common-source amplifier such as that in Fig. 7.4(a), fabricated in a 0.18-pm technology, 
has W/L = 7.2 pm/0.36 pm for all transistors, k' = 387 pA/V 2 k p = 86 pA/V 2 , / REF = 100 pA, 
V.,' n = 5 V pm, and | V Ap \ = 6 V pm. Find g ml , r oi , r o2 , and the voltage gain. 

Ans. 1.25 mA/V; 18 kO; 21.6 kO; -12.3 V/V 

7.3 C onsider the active-loaded CE amplifier when the constant-current source I is implemented with a 
pnp transistor. Let l — 0.1 mA, | V A J - 5 < 1 \ r (for both the npn and the pnp transistors), and jd — 100. 
Find R in , r 0 (for each transistor), g m , A 0 ,and the amplifier voltage gain. 

Ans. 25 kQ; 0.5 M LI; 4 mA/V; 2000 V/V; -1000 V/V 


— 


7.2.4 Increasing the Gain of the Basic Cell 

We conclude this section by considering a question: How can we increase the voltage gain 
obtained from the basic gain cell? The answer lies in finding a way to raise the level of the 
output resistance of both the amplifying transistor and the load transistor. That is, we seek a 
circuit that passes the current provided by the amplifying transistor right through, but 
increases the resistance from r G to a much larger value. This requirement is illustrated in 
Fig. 7.5. Figure 7.5(a) shows the CS amplifying transistor £, together with its output equiv¬ 
alent circuit. Note that for the time being we are not showing the load device. In Fig. 7.5(b) 
we have inserted a shaded box between the drain of Q { and a new output terminal labeled 
d 2 . Here again we are not showing the load to which d 2 will be connected. Our “black box 
takes in the output current of and passes it to the output; thus at its out nut we have the 
equivalent circuit shown, consisting of the same controlled source g m jr,. but with tlw v 
resistance increased by a factor K. 

Now, what does the black box really do? Since it passes the current but raises the resis¬ 
tance level, it is a current buffer. It is the dual of the voltage buffer (the source and emitter 
followers), which passes the voltage but lowers the resistance level. 

Now searching our repertoire of transistor amplifier configurations studied in Sections 
5.6 and 6.6, the only candidate for implementing this current-buffering action is the 
common-gate (or common-base in bipolar) amplifier. Indeed, recall that the ( t • t B ui- 
cuits have a unity current gain. What we have not yet investigated, however, is their resis¬ 
tance transformation property. We shall do this in the next section. 

Two important final comments: 

1. It is not sufficient to raise the output resistance of the amplifying transistor only. We 
also need to raise the output resistance of the current-source load. Obviously, we 

can use a current buffer to do this also. 

2. Placing a CG (or a CB) circuit on top of the CS (or CE) amplifying transistor to 
implement the current-buffering action is called cascoding. We will explain the ori¬ 
gin of this name shortly. 
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To Load 









Figure 7.5 To increase the voltage gain realized in the basic gain cell shown in (a), a functional block, 
shown as a black box in (b), is connected between d t and the load. This new block is required to the air 
rentg^v, right through but raise the resistance level by a factor K. The functional block is a current hu 


7.3 The Cascode Amplifier 


7.3.1 Cascoding 

Cascoding refers to the use of a transistor connected in the common-gate (or the common- 
base i configuration to provide current buffering for the output ol a common-source (ora 
common-emitter) amplifying transistor. Figure 7.6 illustrates the technique for flic 
case. Here the CS transistor Q x is the amplifying transistor and Q 2 , connected in the CG 
configuration with a dc bias voltage V G2 (signal ground) at its gate, is the cascode transis¬ 
tor. A similar arrangement applies for the bipolar case and will be considered later. 

We will show in the following that the equivalent circuit at the output of the cascode 
amplifier is that shown in Fig. 7.6. Thus, the cascode transistor passes the currei' g w i l) t 10 
the output node while raising the resistance level by a factor K. We will derive an expression 
for K. 


t Jhe name cascode is a carryover from the days of vacuum tubes and is a shortened version 
cascaded cathot/c ; in the tube version, the anode of the amplifying tube (corresponding to the rai 
°f 0j) feeds the cathode of the cascode tube (corresponding to the source of 
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Figure 7.6 The current-buffering action of Fig. 7.5(a < is implemented using a transistor Q, connected in 
the CG configuration. Here V t , is a dc bias voltage. The output equivalent circuit indicates that the CG tran¬ 
sistor passes the current g mi i\ through but raises the resistance level by a factor AT. Transistor Q : is called a 

cascode transistor. 


7.3.2 The MOS Cascode 


Figure 7.7(a) shows the MOS cascode amplifier without a load circuit and with the gate of 
q , connected to signal ground. Thus this circuit is for the purpose of small-signal calcula¬ 
tions only. Our objective is to determine the parameters G,„ and R a of the equivalent circuit 
shown in Fig. 7.7(b), which we shall use to represent the output of the cascode amplifier. 
Toward that end, observe that if node d 2 of the equivalent circuit is short-circuited to 
ground, the current flowing through the short circuit will be equal to G m v r It follows that 
we can determine G m by short-circuiting ( 1 *om a signal point of view) the output of the cas¬ 
code amplifier to ground, as shown in Fig. 7.7(c), determine i c , and then 


G *o 

m V ; 


Now, replacing Q\ and Q 2 in the circuit of Fig. 7.7tC' with heir small-signal models results 
in the circuit in Fig. 7.7(d), which we shall analyze to determine i 0 in terms of v r 
Observe that the voltage at the d x > s 2 ) node is equal to -v gs 2 - ^ 1 ltin 8 a n °d e equation 
for that node, we have 


v gs2 T, g*2 

8m2 v gs2 + — + ~T~ ' Sm\ v i 

r oX r o2 

Thus, 

(#m2 + ~~ + T~ ) V gs2 = Sm\ V i 
X r o\ r o2 

Sinc eg ffl2 ^>(lA- ol ), 1 / t'o2 ’ 

(7.21) 

Sm2 V gs2 8m\ v i 

In other words, the current of the controlled source of Q 2 is equal to that of the controlled 
source of Q { . Next, we write an equation for the d 2 node, 

— Sml^gsl ^ ^ 

7 o2 

( X 1 1 , 

= [s m 2 + — ) v gs2 

7 o 2 
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(d) 

Figure 7.7 (a) A MOS cascode amplifier prepared for small-signal calculations; (b) output equivalent 

cuit of the amplifier in (a), (cj the cascode amplilier with the output short-circuited to determine 
(d) equivalent circuit of the situation in (c). 
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Thus, 

Using Eq. (7.21) results in 
Thus, 


i(> &ni2*'gs2 

io ~ §m\*'i 



(7.22) O 


which is the result we have anticipated. 

Next we need to determine R t> . For this purpose we set v i to zero, which results in Q, 
simply reduced to its output resistance r oU which appears in the source circuit of Q 2 , as 
shown in Fig. 7.8(a). Now, replacing Q 2 with its hybrid-;rmodel and applying a test voltage 
to the output node results in the equivalent circuit shown in Fig. 7.8(b). 'he output resis¬ 
tance R can be obtained as 

„ V x 

R ° s t 

X 

Analysis of the circuit is greatly simplified by noting that the current exiting the source 
node of Q 2 is equal to i x . Thus, the voltage at the source node, which is -v gs2 , can be 
expressed in terms of i x as 

-v gs2 = i x r 0 1 (7-23) 

Next we express v x as the sum of the voltages across r o2 and r ol as 

V x = (i x -g m 2 V gsl) r 02 + i x r 0l 


Substituting for v gs2 from Eq. (7.23) results in 

** tj((/ c \ "h ^2 "F gm2^o2* 4 Ql ) 

Thus, R it = v x /i x is given by 



Figure 7.8 Determining the output resistance of the MOS cascode amplifier. 
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o 

o 


o 

o 

o 


R t , = r„ I + r o2 + Srn i r oi r o\ (7.24) 

In this expression the last term will dominate, thus 

R„ = (g„i''o2) r ai (7.25) 

This expression has a simple and elegant interpretation: The CG transistor Q 2 raises the out- 
nut resistance of the amplifier by the factor (g ml r ol ), which is its intrinsic gam. At the same 
time the CG transistor simply passes the current ig ml v,) to the output node. Thus the C G or 
cascode transistor very effectively realizes the objectives we set lor the current buffer (refer 

to Figs. 7.5 and 7.6) with K = A 02 = g m 2 r o 2 - 

Voltage Gain If the cascode amplifier is loaded with an ideal constant-current source as shown 
in Fig 7.9(a). the voltage gain realized can be found from the equivalent circuit in Fig. 7.9(bias 


Thus, 

A vo = -(gml^l) ( 7 - 26 ) 

For the case g m] = g m2 - g m and r oI = r o2 ~ r 0 . 



Thus cascoding results in increasing 


the gain magnitude from A 0 to A 0 . 



(a) (b) 

Figure 7.9 (a) A MOS cascode amplifier with an ideal current-source load; (b) equivalent oku' 
representation of the cascode output. 
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(8m3 r ol) r o4 


Figure 7.10 Employing a cascode transistor Q } to raise the output resistance of the current source Q t , 


Cascoding can also be employed to raise the output resistance of the current-source load as 
shown in Fig. 7.10. Here Q A is the current-source transistor, and is the CG cascode transis¬ 
tor. Voltages V G3 and V G4 are dc bias voltages. The cascode transistor Q 2 multiplies the output 
resistance of Q 4 , r Q4 by (g m3 r o3 ) to provide an output resistance for the cascode current source 

of 


R o = (gml r ol) r o* ( 7 - 28 ) 

( ombining a cascode amplifier with a cascode current source results in the circuit of Fig. 
7.Ilia). The equivalent circuit at the output side is shown in Fig. 7.11(b), from which the 



Figure 


7.11 A cascode amplifier with a cascode current-source load. 
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voltage gain can be easily found as 


o 


o 


A = — = 'gml II R°P \ 

1 V 


f 


Thus, 


A v = -g m \{[{Sml r ol) r o\^\\^m'i r o'}) } oa]) 


F or the case in 


which all transistors are identical, 


1 


1 j2 


A v = -~(g m r 0 ) ' -;.4 0 


(7.291 


(7.30| 


Bv comparison to the gain expression in Eq. (7.18'). we see that using the cascode configu¬ 
ration for both the amplifying transistor and the current-source load transistor results in an 

increase in the magnitude of gain by a factor equal to A 0 . 


Example 7.4 



It is required to design the cascode current-source of Fig. 7.10 to provide a current of 100 pA and an out¬ 
put resistance of 500 kO. Assume the availability of a 0.18-pm CMOS technology for 
which V DD = 1.8 V, V, p = -0.5 V, = 90 pA/V ! and V’ A = -5 V/pm. Use l^oit - 0 3 v an<1 
determine I and WIL for each transistor, and the values of the bias voltages V GJ and V t 


nd * 


Solution 

The output resistance R 0 is given by 




Assuming Q 3 and Q 4 are identical. 


R 0 = (gm r o) r o 

\V\ 


X 


V 


Vov [/2 I D 


Using \ V oy = 0.3 V, we write 


500 kQ = 


V A 


x 


A 


0.15 0.1 mA 


Thus we require 


V A = 2.74 V 


Now, since \V t 


V' A \ L we need to use a channel length of 


2 74 

L - =0.55 pm 


which is about three times the minimum channel length. With V\ = 0.5 V and | V ov \ - 0.3 V, 


V SGA = 0.5 + 0.3 = 0.8 V 
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and thus, 


V G4 = 1.8 - 0.8 = 1.0 V 

To allow lor the largest possible signal swing at the output terminal, we shall use the minimum required 

voltage across £> 4 , namely, | V ov \ or 0.3 V. Thus, 

V D4 = 1.8-0.3 = 1.5 V 

Since the two transistors are identical and are carrying equal currents. 


Thus, 




0.8 V 


V G3 = 1.5 - 0.8 = +0.7 V 


We note that the maximum voltage allowed at the output terminal of the current source will be con 
strained by the need to allow a minimum voltage of \ v oA across Q 3 ; thus. 


"filmax = 1.5 - 0.3 = +1.2 V 


Ta Tatiirnninja thi^ rAmurArl M . / ratine () q nrl 




which yields 



100 = q X 90 X 






22.3 



D7.4 If in Example 7.4, L of each of Q 3 and Q 4 is halved while WIL is changed to allow l D and V ov 
to remain unchanged, find the new values ol /?,, and WIL. [Hint: In computing the required ( WIL), 
note that | V A \ has changed.] 

Ans. 125 kQ; 20.3 


7.5 Consider the cascode amplifier of Fig. 7.1 1 with the dc component at the input, l { - 0.7 V, 
V C2 = 1.0 V. V r , = 0.8 V, V GA = 1.1 V, and V DD = 1.8 V. If all devices are matched (i.e., if 


of 0.5 V, w hat is the overdrive voltage at which the 


k n I = k „2 = k P y = k P 4 )’ and have et l ual I V t 

four transistors are operating? What is the allowable voltage range at the output? 
Ans. 0.2 V; 0.5 V to 1.3 V 



The cascode amplifier in Fig. 7.11 is operated at a current 
V ov \ = 0.2 V. All devices have \V A \ = 2 V. Find g m] , 
and the output resistance o> the current source, R op . 
and the voltage gain realized. 

Ans. 2 mA/V; 200 kQ, 200 kQ; 100 kQ; -200 V/V 


of 0.2 mA with all devices operating at 
the output resistance of the amplifier. 
Also find the overall output resistance 
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7.3.3 Distribution of Voltage Gain in a Cascode Amplifier 

It'is often useful to know how much of the overall voltage gam of a cascode amplifier is real- 
led ifeach of its two stages: the CS stage 0„ and the CG stageft. For th,s purpose, con- 
slder the cascode amplifier shown in Fig. 7.12(a). Here for generality we have included a load 
resistance R which represents the output resistance ot the current-source load plus any add,. 
thanaTresistance that may be connected to the output node .Recalling, ha. t he cascode amplifier 
output can be represented with the equ.valent c.rcuit of Fig. 7.7(b), where G = g„, and 
«, = (g M r 0i )r 0] .the voltage gam A v of the amplifier in Fig. 7.12(a) can be found as 


o 


o 


a„ = -g m \(R 0 W R L) 


Thus, 


A v — § m ] (Srnl^ol* o l II ^ 


(731) 


The overall gain A. can be expressed as the product ot the voltage gains of Q x and Q 2 as 


Ay A v \A v 2 


V 


o I 


v 



v 


V 


(732) 


o 1 


To obtain A vX = v oX /v t we need to find the total resistance between the drain of £7, and 
ground. Referring to Fig. 7.12(b) and denoting this resistance R d] , we can express A v] as 


A v \ - 


V 


o 1 


= Sm\ R 


d 1 


(7.33) 


Observe that R d] is the parallel equivalent ot r 0] and R [n2 , where R m2 is the input resistance 
of the CG transistor Q 2 . We shall now derive an expression for R in2 . For this purpose, refer 
to the equivalent circuit of Q 2 with its load resistance R L , shown in Fig. 7.12(c). Observe that 
the voltage at the source of Q 2 is -v gs2 , thus R m2 can be found from 


^in2 - 




where i is the current flowing into the source ot Q 2 . Now this is the same current that flo\^ 
out of the drain of Q 2 and into R L . Summing the currents at the source node, we see that the 
current through r o2 is i + g m 2 v g S 2 ' We can now express the voltage at the source node, 
—v gs2 , as the sum of the voltage drops across r o2 and R r to obtain 

— v gs2 ~ ( i + gm2 v gs2) r o2 + iR L 


which can be rearranged to obtain 


^m2 ~~ v gs2^ 


» r l r 0 2 


_ (7.34) 

1 + ^2^2 

This is a useful expression because it provides the input resistance of a CG amp ! 
in a resistance R L . Since g m2 r o2 > 1, we can simplify R ml as follows: 


^in2 — 


R L 


1 


(7.33) 


Sm2^o2 Sm2 


The reader should not jump to the conclusion that 7? in -> is equal to l/g,„ 2 ’ ,s case 
neglect r o2 . As will be seen very shortly, R in2 can be vastly different from \/g m 2 ’ 
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(c) 

Figure 7.12 (a) The cascode amplifier with a load resistance R L . Only signal quantities are shown. 

(b) Determining v 0l . fc) Determining /? m2 . 

This is a very interesting result. First, it shows that if r o2 is infinite, as was assumed in our 
analysis of the discrete CG amplifier in Section 5.6.5, then R m2 1 hu es to l/g m 2 » verifying 
the result we found there. If r () -> cannot be neglected, as is always the case in IC amplifiers, 
we see that the input resistance depends on the value of Ri in an interesting fashion. The 
h'ad resistance R ; is divided by the factor ( g„, 2 r o 2 •- This is of course the flip side of the 
impedance transformation action of the CG. For emphasis and future reference, we illustrate 
the impedance transformation properties of the CG circuit in Fig. 7.13. 
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17 

,S #1 






Fiqure 713 The impedance-transformation properties of the common-gate amplifier. Depending on the 
values of R. and R„ we ean sometimes write R* = R L Hg.O *»<* “ <8-0*, However, such approxitna- 

tions are not always justified. 

Going back to the cascode amplifier in Fig. 7.12(a), having found the value of R inl we 
can now obtain R d] as 


R d] = r nl | 


O I 


ini 


(7.36) 


and A v] as 



1 — Sm I R d\ 




Finally, we can obtain A 2 by dividing the total gain A v given by Eq. (7.31) by A vV To pro- 
vide insight into the effect of the value of R t on the overall gain of the cascode as well as on 
how this gain is distributed among the two stages of the cascode amplifier, we provide in 
Table 7.1 approximate values for the case r ol = r f)2 = and lor tour different values ol 
r l : (1) R s - obtained with an ideal current-source load; (2) R { = {g m r a )r 0 , obtained 
with a cascode current-source load; (3) R, = r () , obtained with a simple current-source load, 
and (4) for completeness, R, = 0, that is, a signal short circuit at the output. 
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)bserve that while case 1 represents an idealized situation, it is useful in that it provides 
the theoretical maximum voltage gain achievable in a MOS cascode amplifier. Case 2. 
which assumes a cascode current-source load with an output resistance equal to that of the 
cascode amplifier, prov ules a realistic estimate of the gain achieved if one aims to maximize 
the realized gain. In certain situations, however, that is not our objective. This point is 
important, for as we shall see in < hapter 9, there is an entirely different application of the 
cascode amplifier: namely, to obtain wideband amplification by extending the upper 3-dB 
frequency /#. As will be seen, tor such an application one opts for the situation represented 
by case 3, where the gain achieved in the CS amplifier is only -2 V/V, and of course the 
overall gain is now only -(g„r 0 ). However, as will be seen in Chapter 9, this trade-off of the 
overall gain to obtain extended bandwidth is in some cases a good bargain! 


EXERCIS 


7.7 I'he common-gate transistor in Fig. 7.13 is biased at a drain current of 0.25 mA and is operating 
with an overdrive voltage V ov - 0.25 V. The transistor has an Early voltage V A of 5 V. 

(a) Find R m for R, = °°, 1 MQ, 100 kQ, 20 kQ, and 0. 

(b) Find R 0 for R x = 0, l kQ, 10 kQ, 20 kQ, and 100 kQ. 

Ans. (a) °o, 25.5 kQ, 3 kQ, 1 kQ, 0,5 kQ; (b) 20 kQ, 61 kQ, 430 kQ, 840 kQ, 4.12 MQ 

7.8 Consider a cascode amplifier for which the CS and CG transistors are identical and are biased to 
operate at I D = 0.1 mA with V ov - 0.2 V. Also let V A = 2 V. Find a\ A v2 , and A v for two 
cases: (a) R. = 20 kQand(b) R t = 400 kQ, 

Ans, (a) -1.82 VA/, 10.5 V/V,-19.0 VA/; (b)-10.2 VA/, 19.6 VA/,-200 V/V 


7.3.4 The Output Resistance of a Source-Degenerated 
CS Amplifier 


In Section 5.6.4 we discussed some of the benefits that are obtained when a resistance R s is 
included in the source lead of a CS amplifier, as in Fig. 7.14(a). Such a resistance is referred to 
as a source-degeneration resistance because of its action in reducing the effective transconduc¬ 
tance of the CS stage to gj( 1 + g n ,R s ), that is, by a factor (1 + g m R s ). This also is the factor 
by which we increase a number of performance parameters such as linearity and bandwidth (as 
will be seen in Chapter 9). At this juncture we simply wish to point out that the expression we 
derived for the output resistance of the cascode amplifier applies directly to the case ot a 
source-degenerated CS amplifier. This is because when we determine R 0 , we ground the input 
terminal, making transistor Q appear as a CG transistor. Thus R () is given by 


R 0 = R s + r 0 + g m r o R s 


(7.38) 


Since g m r f) I, the first term on the right-hand side will be much lower than the third and 
can be neglected, resulting in 


R a = (1 +g m R *) r o 


(7.39) 


Ihus source degeneration increases the output resistance of the CS amplifier from r Q to 
+ g m R x ) r (r again by the same factor (1 +g m R s )‘ Chapter ^ we vv *^ ^ at R s 
introduces negative (degenerative) feedback ot an amount (1 +g m ^)* 


o 

o 
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R 0 — R$ t - r o Km f o R s 

— (1 + R s ) ^ 

Figure 7.14 The output resistance expression of the cascode can be used to find the output resistance of a 
source-degenerated common-source amplifier. Here, a useful interpretation of the result is that R K increases 

the output resistance by the factor (1 + g M R t )- 



7.3.5 Double Castoding 

It a still higher output resistance and correspondingly higher gain are required, it is possible 
to add another level of cascoding, as illustrated in Fig. 7.15. Observe that Q 3 is the second 
cascode transistor, and it raises the output resistance by (g m ^ 3 ). For the case of identical 
transistors, the output resistance will be {g m r o yr 0 and the voltage gain, assuming an ideal 
current-source load, will be (g m r G ) 3 or a\. Of course, we have to generate another dc bias 
voltage for the second cascode transistor, Q y 

A drawback ot double cascoding is that an additional transistor is now stacked between 
the power-supply rails. Furthermore, to realize the advantage of double cascoding. the <-iir 
rent-source load will also need to use double cascoding with an additional transistor, Since 
for proper operation each transistor needs a certain minimum v DS (at least equal to Ipi )> 
and recalling that modem MOS technology utilizes power supplies in the range ot I ^ 

2 V, we see that there is a limit on the number of transistors in a cascode stack. 
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V DD 

k 


V c y O 


Vq 2 O 


Vj o- 



o V„ 


|_ T 

\ Qi (8ml r ol)(g m 2 r o2) r o\ = 


A l r o 


f 






f 


/ 


o\ 




Figure 7.15 Double cascoding. 

73.6 The Folded Cascode 

To avoid the problem of stacking a large number of transistors across a low-voltage power sup¬ 
ply. one can use a PMQS transistor tor the cascode device, as shown in Fig. 7.16. Here, as 
before, the NMOS transistor Q { is operating in the CS configuration, but the CG stage is imple¬ 
mented using the PMOS transistor Q ,. An additional current source lj is needed to bias Q 2 and 
provide it with its active load. Note that Q { is now operating at a bias current of (/[ — A). 
i inally, a dc voltage is needed to provide an appropriate dc level tor the gate ot the cascode 
transistor Q r Its value has to be selected so that Q 2 and Q t operate in the saturation region. 



Figure 


The folded cascode. 
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The small-signal operation of the eircuit in Fig. 7.16 is s.m, ar to that of the NMOS ca s . 
code The difference here is that the signal current g m v, is folded down and made to flow 
into the source terminal of Q 2 , which gives the circuit the name folded cascode. 1 The 
folded cascode is a very popular build,ng block in CMOS amphtiers. 


EXERCISE 


7.10 


Consider the folded-cascode amplifier of Fig. 7.16 for the following case: V DD = 1.8 V, 
k' = 1/4 k', and = -V, = 0.5 V. To operate 0, and Q 2 at equal bias currents /, /, = 21 
and h = / While current source /, is implemented using the simple circuit studied in Section 7,2, 
current source I 2 is realized using a cascoded circuit (i.e., the NMOS version of the circuit in Fig. 
7.10). The transistor W/L ratios are selected so that each operates at an overdrive voltage ot 0.2 V. 

(a) Whatrflust the relationship of {W!L ) 2 to {WiL)^ be? 

(b i What is the minimum dc voltage required across current source 7| for proper operation. Now, 
if a 0.1-V peak-to-peak signal swing is to be allowed at the dram of Q { , what is the highest dc bias 

voltage that can be used at that node? 

(c) What is the value of V so of Q 2 , and hence what is the largest value to which V G2 can be set? 

(d) What is the minimum dc voltage required across current-source 1 2 for proper operation 0 

(e) Given the results of (c) and (d), what is the allowable range of signal swing at the output? 
Ans. (a) (07 L) 2 = 4 (W7I),; (b) 0.2 V, 1.55 V; (c) 0.7 V, 0.85 V; (d) 0.4 V; (e) 0.4 V to 1.35 V 


7.3.7 The BJT Cascode 

Figure 7.17(a) shows the BJT cascode amplifier with an ideal current-source load. Voltage 
V B2 is a dc bias voltage for the CB cascode transistor Q 2 . The circuit is very similar to the 
MOS cascode, and the small-signal analysis will follow in a parallel fashion. Our objective 
then is to determine the parameters G m and R of the equivalent circuit of Fig. 7.17(b), 
which we shall use to represent the output of the cascode amplifier formed by Q x and 0 2 . 

As in the case of the MOS cascode, G„, is the short-circuit transconductance and can be 
determined from the circuit in Fig. 7.17(c). Here we show the cascode amplifier prepared tor 
small-signal analysis with the output short-circuited to ground. The transconductance 
can be determined as 



Replacing and Q 2 with their hybrid-/r equivalent-circuit models gives rise to the circuit 
in fig. 7.1 ' d). Analysis ol this circuit is straightforward and proceeds as follow's: The volt¬ 
age at the node (c,, e 2 ) is seen to be -v n2 , Thus we can write a node equation tor i c h e 2 ) as 


Sm2 v 




+ — 

r o2 





The circuit itself can be thought of as having been folded. In this same vein, the regular cascode is 

sometimes referred to as a telescopic cascode because the stacking of transistors resembles t < 
extension of a telescope. 
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Figure 7.17 (a) A BJT cascode amplifier with an ideal current-source load; (b) small-signal equivalent- 
circuit representation of the output of the cascode amplifier; (c) the cascode amplifier with the output short- 
circuited to ground, and (d) equivalent circuit representation of (c). 


Since g m2 > (1 /r n2 ), 1 /r o[ and 1 /r o2 , we can neglect all the terms beyond the first on the 
left-hand side to obtain 


Sm2 v n2 Sml v i 


(7.41) 


<ext, we write a node equation at o 2 , 


i D = Sm2 v if2 + 


v rtl 


ol 


and again neglect the second term on the right-hand side to obtain 


l a §M 2^Jf2 


Using Eq. (7.41) results in 
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Thus, 

- §m 1 

which is the result we have anticipated and is identical to that tor the MOS case. 

To obtain R we set v, = 0, which results in 0, being reduced to its output resistance 
which appears in the emitter lead of 0 2 as shown in Fig. 7.18(a). Here we have applied 

a test voltaee «„ and will determine R g as 



Replacing Q 2 with its hybrids model results in the circuit of Fig. 7.18(b). Before embark¬ 
ing on the analysis, it is very useful to observe first that the current tlowing into the emitter 
node must be equal to i x . Second, note that and r n2 appear in parallel. Thus the voltage 

at the emitter node, can be found as 




Next we write a loop equation around the c 2 -e 2 - ground loop as 

V x = (i x -g m 2^n2> r + IK 2 ) 


Substituting for i> n2 from Eq. (7.42) and collecting terms, we find R 0 

R 0 = r 02 + (r o[ I r n2 ) + {g ml r ol ){r oX || r n2 ) 


v/i x as 





Figure 7.18 Determining the output resistant R o of the BJT cascode amplifier. 
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which can be written as 


* 0 T o2 ^8m2 f o2 i )(^ o I II ^*tc2) 


^*o2 ^Sm2^o2^^ o\ I 


(7.44) 


Since g m2 (r 0 , lk„ 2 ) » 1, we can neglect the first term on the right-hand side of Eq. (7.44), 


^o ^Sm2 f o2^^o\ 


(7.45) 


This result is similar but certainly not identical to that for the MOS cascode. Here, because 
of the finite p of the BJT, we have appearing in parallel with r ol . This poses a very sig¬ 
nificant constraint on R , of the BJT cascode. Specifically, because (r f)1 1| r Kl ) will always 
he lower than />, it follows that the maximum possible value of R n is 


R 


O 


max 


Sm2^o2* k2 


O 


= (S,n2 r KlK2 = Pl r o2 


(7.46) O 


Thus the maximum output resistance realizable by cascoding is p 2 r 02 . This means that 
unlike the MOS case, double cascoding with a BJT would not be useful. 

Having determined G m and R 0 , we can now find the open-circuit voltage gain ol the 

bipolar cascode as 


Thus, 




= 


Q 


II ^ 112 ) 


(7.47) 


For the case g ml = g m2 , = r o2 , 



<g m r 0 )[g m {r 0 || r K )} 


(7.48) 


which will be less than g n /,X tn magnitude. In tact, the maximum possible gain magni¬ 
tude is obtained when r 0 > r n and is given by 


M Jmax = = ^0 


(7.49) 


Finally, we note that to be able to realize gains approaching this level, the current-source 
load must also be cascoded. Figure 7.19 shows a cascode BJT amplifier with a cascode 

current-source load. 


o 

o 



7.11 Find an expression for the maximum voltage gain achieved in the amplifier of Fig. 7.19. 


K 


= g 


(Pl r o2 IIA^rf) 


7.12 


T i 1 max I om i oa »» r- j , , 

Consider the BJT cascode amplifier of Fig. 7.19 when biased at a current ol 02! ^. A^ummgttat np« 

transistors have = 100 and V A = 5 V and that pnp transistors have P = 50 and ^ = 4 J'™ 
R . R and A . Also use the result of Exercise 7.11 to determine the maximum achievable ga . 
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Figure 7.19 A BJT cascode amplifier with a cascode current source. 


7.3.8 The Output Resistance of an Emitter-Degenerated 
CE Amplifier 



As we have done in the MOS case, we shall adapt the expression for R a derived for the BJT 
cascode (Eq. 7.43) for the case of a CE amplifier with a resistance R connected in its emit¬ 
ter, as shown in Fig. 7.20(a). The output resistance is obtained from Eq. (7.43) by replacing 
r d with r 0 , g m2 by g m , by r ns and r o] by R- 


R o = r o + ( R e\\ r ff) + (gm r o)( R e II r n) 


(7.50) 


Si nce g m f 0 ^ C we can neglect the second temi relative to the third; thus, 

R o= r o + g m r o ( R e II r *) 

That is, 


R o= U +g m ( R A\ f ' ff )]f‘o 

Thus, emitter degeneration multiplies the transistor output resistance r by the factor 

1 1 + £ m (tfJ r n)\ ■ 

Finally, for completeness and future reference we show in Fig. 7.20(b) the BJT equiva¬ 
lent ol Fig. 7,13. Here both R m and R 0 of a grounded-base BJT are shown. Note that we 
have not provided the derivation of R. 

in * 
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R 0 = r 0 + (J? e ||/v) + g m r 0 (R e \\rJ 


= '■„+(!+ S m O( R e IN 


r o T Rl 


R.= 


in 


1 r l 

1 + - grifo + r 


a 


77 


R 


r e + 


1 + 8m r o 


for Rl < (Hr 


O 



o 

o 

o 


(b) 

Figure 7.20 (a) Output resistance of a CE amplifier with emitter degeneration; (b) The impedance trans¬ 
formation properties of the CB amplifier. Note that for /i = these formulas reduce to those for the 

MOSFET case (Fig. 7.13). 



ERCISE 


Find the output resistance ol'a CE amplifier biased at I c = 1 mA and having a resistance ot 500 Q 
connected in its emitter. Let fi = 100 and V A = 10 V. What is the value ot the output res.stance 

without degeneration.? 

Ans. 177 kU; 10 kQ 



7 -3.9 BiCMOS Cascodes 

Certain advanced CMOS technologies allow the fabrication ot bipolar transistors, thus per¬ 
mitting the circuit designer to combine MOS and bipolar transistors in circuits tiat ta 
advantage of the unique features of each. The resulting technology is ca e 1 
the circuits are referred to as BiCMOS circuits. 
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Figure 7.21 BiCMOS cascodes. 


Figure 7.21 shows two possible BiCMOS cascode amplifiers. The circuit in Fig. 7.21(a) 
uses a MOS transistor for the amplifying device and a BJT for the cascode device. This cir¬ 
cuit has the advantage oi an infinite input resistance compared with an input resistance of 
obtained in the all-bipolar case. As well, the use of a bipolar transistor for the cascode 
stage can result in an increased output resistance as compared to the all-MOS case [because 
of the bipolar transistor is usually higher than (g m r 0 ) of the MOSFET]. 

The circuit of Fig. 7.21(b) uses a MOS transistor Q y to implement double cascoding. 
Recall that double cascoding is not possible with BJT circuits alone. 



7.14 For / 100 pA, find G m , R oi and A vo of the BiCMOS amplifiers in Fig. 7.21. Let V A = 5 V (lor 

both M( S and bipolar transistors), /? = 100, fi n C ox = 200 pA/V 2 , and WIL = 25. 

Ans. (a) 1 mA/V, 3.33 MQ, -3.33 x I0 3 V/V; (b) 4 mA/V, 167 MU. -668 x 10' V/V 



7.4 1C Biasing—Current Sources, Current Mirrors, 
and Current-Steering Circuits 


Biasing in integrated-circuit design is based on the use of constant-current sources. On an 
chip with a number of amplifier stages, a constant dc current (called a reference current}! 
generated at one location and is then replicated at various other locations tor biasing ^ 
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various amplifier stages through a process known as current steering. This approach has 
the advantage that the effort expended on generating a predictable and stable reference cur¬ 
rent usually utilizing a precision resistor external to the chip or a special circuit on the chip, 
need not be repeated for every amplifier stage, furthermore, the bias currents of the various 
stages track each other in case of changes in power-supply voltage or in temperature. 

In this section we study circuit building blocks and techniques employed in the bias 
design of 1C amplifiers. 1 hese current-source circuits are also utilized as amplifier load ele¬ 
ments, as we have seen in Sections 7.2 and 7.3. 


7 . 4.1 The Basic MOSFET Current Source 

Figure 7.22 shows the circuit of a simple MOS constant-current source. The heart of the cir¬ 
cuit is transistor Q,, the drain of which is shorted to its gate, 4 thereby forcing it to operate in 
the saturation mode w ith 



Ms: 

2 " \L 


(Vgs- VJ 


(7.52) 


where we have neglected channel-length modulation. The drain current ol Q x is supp ied by 
y through resistor R , which in most cases would be outside the IC chip. Since the gate 

currents are zero, 



(7.53) 


where the current through R is considered to be the reference current of the current source 
and is denoted / REF . Equations (7.52) and (7.53) can be used to determine the value required 

for R. 

Now consider transistor Q 2 ' It has the same V GS as \ thus, if we assume that it is oper¬ 
ating in saturation, its drain current, which is the output current l Q of the current source, will be 



(7.54) 



i 





Figure 7.22 Circuit for a basic MOSFET constant- 
current source. For proper operation, the output terminal, 
that is, the drain of Q 2 , must be connected to a circuit that 
ensures thftt operstes in s&turstion, 


Such a transistor is said to be diode connected. 
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+ 


Qi v 


Figure 7,23 Basic MOSFE I current mirror. 



where we have neglected channel-length modulation. Equations (7.52) and (7,54) enable us 
to relate the output current Iq to the reference current / REf as follows: 


Ip _ {W/L) 2 

/ ref ( W/L ) i 



This is a simple and attractive relationship: The special connection of Q A and Q : provides 
an output current I 0 that is related to the reference current / REF by the aspect ratios of the 
transistors. In other words, the relationship between I 0 and / REF is solely determined by the 
geometries of the transistors. In the special case of identical transistors, I Q - / REF , and the 
circuit simply replicates or mirrors the reference current in the output terminal. This has 
given the circuit composed of Q ] and Q 2 the name current mirror, a name that is used 
irrespective of the ratio of device dimensions. 

Figure 7.23 depicts the current-mirror circuit with the input reference current shown as 
being supplied by a current source for both simplicity and generality. The current gain or 
current transfer ratio of the current mirror is given by Eq. (7.55). 


Effect of V Q on / 0 In the description above for the operation of the current source of Fig. 
7.22, we assumed Q 2 to be operating in saturation. This is essential if Q 2 is to supply a con¬ 
stant-current output. To ensure that Q 2 is saturated, the circuit to which the drain of Q 2 is to 
be connected must establish a drain voltage V 0 that satisfies the relationship 


K) — ^GS~ Kn ( 7 . 56 ) 

or, equivalently, in terms of the overdrive voltage V ov of £>, and 

O V 0 > V 0¥ (7.57) 

In other words, the current source will operate properly with an output voltage Vq as low as 
Vov9 which is a few tenths of a volt. 

Although thus far neglected, channel-length modulation can have a significant effect on 
the operation of the current source. Consider, tor simplicity, the case of identical devices Q\ 
and Q 2 , The drain current of Q 2 , / 0 , will equal the current in 0„ / REF , at the value of V 0 
that causes the two devices to have the same V DSi that is, at V 0 = V cs . As V 0 is increased 

!L, 0V ? * 1S va ^ ue ’ h> will increase according to the incremental output resistance r o2 ot Q:- 
is is illustrated in Fig. 7.24, which shows l 0 versus V 0 . Observe that since Qi is oper- 

ng at a constant V GS (determined by passing / REF through the matched device Q I. 
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Vov 


Figure 7.24 Output characteristic of the current source in Fig. 7.22 and the current mirror of Fig. 7.23 for 

the case of Q : matched to Q v 


curve in Fig. 7.24 is simply the i D ~ v Ds characteristic curve of Q 2 for v GS equal to the par¬ 
ticular value V GS . 

In summary, the current source of Fig. 7.22 and the current mirror of Fig. 7.23 have a 
finite output resistance R 0 , 



(7.58) 


where l Q is given by Eq. (7.54) and V A2 is the Early voltage of Q 2 . Also, recall that for a 
eiven process technology, V A is proportional to the transistor channel length, thus, to obtain 
hi eh output-resistance values, current sources are usually designed using transistors with 
relatively long channels. Finally, note that we can express the current Iq as 



(7.59) 





Example 7.5 


Given V DD = 3 V and using / RFF = 100 pA, design the circuit of Fig. 7.22 to obtain an output current 
whose nominal value is 100 p A. Find R if 0, and Q 2 are matched and have channel lengths of 1 pm chan¬ 
nel widths of 10 pm, V = 0.7 V, and k'„ = 200 pA/V: What is the lowest possible value of V Q . Assum¬ 
ing that for this process technology, the Early voltage = 20 V/pm, find the output resistance o e 
current source. Also, find the change in output current resulting from a+I-V change in 0 . 


Solution 


^ D l 

100 


1 (w 

/ - -k' — 

■'REF - 2 " \L 


- x200 X \§Vqv 
2 



V 


oi 


= 0.316 V 


Thus, 
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Example 7.5 continued 




V,+ V or = 0.7 + 0.316-1 V 

Vpu ~ v as _ 3 - 1 _ 20 kjj 
7 ref 0.1mA 


^Omin ^01 


= 0.3 V 


For the transistors used, L = 1 |im Thus, 


V. = 20 x 1 = 20 V 

A 


20 V 


o2 


100 pA 


— = 0.2 MQ 


The output current will be 100 pA at V 0 = V GS = 1 V. If V 0 changes by +1 V, the corresponding change 
in / 0 will be 



1 V 


0.2 Mil 


- 5 |iA 




D7.15 In the current source of Example 7.5, it is required to reduce the change in output current, A I 0 , 
corresponding to a change in output voltage, AV 0 , of 1 V to 1% of l Q , What should the dimen¬ 
sions of Q x and Q 2 be changed to? Assume that Q { and Q 2 are to remain matched. 

Ans. L = 5 pm; W - 50 pm 




7.4.2 MOS Current-Steering Circuits 

As mentioned earlier, once a constant current has been generated, it can be replicated to pro¬ 
vide dc bias or load currents for the various amplifier stages in an IC. Current mirrors can 
obviously be used to implement this current-steering function. F igure 7.25 shows a simple 
current-steering circuit. Here Q l together with R determine the reference current /ref- ^ ran ’ 
sistors Q x , Q 2 , and Q 3 form a two-output current mirror, 

( 7 . 60 ) 

( 7 . 61 ) 

at the drains of Qi and Q 3 are 


L = I 


r l: f 


( W/L ) 
( W/L) 

( W/L) 
REF ( W/L) 

To ensure operation in the saturation region the vol 
constrained as follows: 


h = I 




(7,62) 
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Figure 7.25 A current-steering circuit, 
or, equivalently. 



^£>3 - — Vss + 'O v\ 


(7.63) 


where V on is the overdrive voltage at which Q x , Q 2 , and Q 3 are operating. In other 
words, the drains of Q : and Q } will have to remain higher than by at least the over¬ 
drive voltage, which is usually a tew tenths of a volt. 

Continuing our discussion ot the circuit in Fig. 7.25, we see that current I 3 is ted to the 
input side of a current mirror formed by PMOS transistors Q A and Q$. This mirror provides 


, = ,W£k 

5 4 (W7L ) 4 

where / 4 = I 2 . To keep Q 5 in saturation, its drain voltage should be 


(7.64) 




(7.65) 


where V 0V5 is the overdrive voltage at which is operating. 

The constant current A generated in the circuit ot Fig. 7.25 can be used to bias a source 
follower amplifier such as that implemented by transistor Q t in Fig. 7.26(a). Similarly, the 
constant current / 5 can be used as the load for a common-source amplifier such as that 

implemented with transistor Q 7 in Fig. 7.26(b). 

Finally, an important point to note is that in the circuit of Fig. 7.25, while Q 2 pu s its 
current } 2 from a circuit (not shown in Fig. 7.25), pushes its current /5 into a circuit 
(not shown in Fig. 7.25). Thus Q 5 is appropriately called a current source, whereas Q 2 
should more properly be called a current sink. In an IC, both current sources an ^current 
sinks are usually needed. The difference between a current source and a current sink is fur¬ 
ther illustrated in Fig. 7.27, where V CSmin denotes the minimum voltage needed across t e 

current source (or sink) for its proper operation. 
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Figure 7.26 Application of the 
constant currents L and generated 
in the current-steering circuit ot Fig. 

7.25. Constant-current /, is the bias 

£ 

current tor the source follower Q„ 
and constant-current l s is the load 
current for the common-source 
amplier Q,. 


C’Smin 



o V 


O 


V l>n 1 < Aimn 


(a) 


Figure 7.27 (a) A current source; and (b) a current sink. 
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D 7.16 



or he circuit of F,g. 7.25, let V ?B = V ss = 1.5 V. V,„ = 0.6 V. V. = -0.6 V. all channel 
Widttfnf iT' " ~ - 00 . MA/V '' K = 80 MA/V-, and X = 0. For / REF = 10 M A, find the 

rha!?h 1 !!,,‘ r . an5 2rV° a ' l = 60 MA ' " 20 MA,and /, = 80 flA It is further required 

and that thrf-h* ° f ^ ** aMowed t0 8 ° dm ™ to within 0.2 V of the negative supply 

C V» age at the drain ol g, be allowed to go up to within 0.2 V of Ihe positive su 
Ans. fV - ** c * - — 


2-5 Wl ~ 15 ^3 = 5 pm; W A = 12.5 pm; W, = 50 pm 




7,4.3 BiT Circuits 

Inhe a MOS IiZ n M mirr ° r “ Sh ° Wn in R S- 7 ' 28 - » works in a fashion very similar to * 

current of the BJT (nr °* e ) ,er ' lllere are two important differences: First, the nonzero has 

ihe BJT (or. equtvalently. the finite 0) causes an error in .he current transfer ran 
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/ 


REF 



Figure 7.28 The basic BJT current mirror. 


of the bipolar mirror. Second, the current transfer ratio is determined by the relative areas of 
the emitter-base junctions of Q x and Q 2 . 

Let us first consider the case of ^sufficiently high that we can neglect the base currents. 
The reference current / REF is passed through the diode-connected transistor Q A and thus 
establishes a corresponding voltage l BE’ which in turn is applied between base and emitter 
of Q 2 . Now, if Q : is matched to Q A or, more specifically, if the EBJ area of Q z is the 
same as that of Q h and thus Q 2 has the same scale current f s as Q then the collector cur¬ 
rent of Q 2 will be equal to that of Q, ; that is. 


I Q = I 


REF 


(7.66) 


For this to happen, however, Q 2 must be operating in the active mode, which in turn is 
achieved as long as the collector voltage V Q is 0.3 V or so higher than that ot the emitter. 

To obtain a current transfer ratio other than unity, say m, we simply arrange thai the area 
ot the EBJ of Q 2 is m times that of Q x . In this case. 


I Q — ml 


RF.F 


(7.67) 


In general, the current transfer ratio is given by 


/ 


o 


/ 


RFF 


S2 


SI 


Area of EBJ of Q 2 
\ rea of EBJ of Q x 


(7.68) O 


Alternatively, if the area ratio m is an integer, one can think ot Q 2 as equivalent to m tran- 

fi 

sistors, each matched to Q } and connected in parallel. 

Next we consider the effect of finite transistor p on the current transter ratio. The analysis 
for the case in which the current transfer ratio is nominally unity—that is, for the case in 
whi ch Q 2 is matched to 0, —is illustrated in Fig. 7.29. The key point here is that since Q, 
a nd Q 2 are matched and have the same l flJ r, their collector currents will be equal. The rest 
the analysis is straightforward. A node equation at the collector ot Q\ yields 


Atef — A' 7/c/^ — A\ ^ + p 


inally, since 1 0 — J c the current transfer ratio can be found 


as 


o 


u 


I 


/ 


REF 


r 2 

m 1 + p 


9 


(7.69) 
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Figure 7.29 Analysis of the current mirror 
taking into account the finite /?of the BJTs. 



Note that as ^approaches / 0 // RE f approaches the nominal value of unity. For typical 
values of ft, however, the error in the current transfer ratio can be significant. For instance, 
R - ioo results in a 2% error in the current transfer ratio. Furthermore, the error due to the 
finite p increases as the nominal current transfer ratio is increased. I he reader is encouraged 
to show that for a mirror with a nominal current transfer ratio m —that is, one in which 
I S2 = ml S] —the actual current transfer ratio is given by 



In common with the MOS current mirror, the B IT mirror has a finite ouiput resistance R 0 , 






A V, 


o 


M. 


*o2 


Vai 



o 1 0 

where V A2 and r o2 are the Early voltage and the output resistance, respectively, of Q : - Thus, 
even if we neglect the error due to finite /?, the output current I 0 will be at its nominal 
value only when Q 2 has the same V CE as Q x% namely at V a - V BE . As V 0 is increased, l 0 
will correspondingly increase. Taking both the finite ft and the finite R into account, we can 
express the output current of a BJT mirror with a nominal current transfer ratio m as 




\ 



where we note that the error term due to the Early effect is expressed in a form that shows 
that it reduces to zero for V Q — V BE . 



7.17 Consider^ BJT current mirror with a nominal current transfer ratio of unity. Let the transistors ha\ c 

I s = 10 A, /? = 100, and V A = 100 V. For / REF = 1 mA, find I () when V a = 5 V. Also, find the 
output resistance. 

Arts. 1.02 mA; 100 kQ 
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A Simple Current Source In a manner analogous to that in the MOS case, the basic BJT 
current mirror can be used to implement a simple current source, as shown in Fig. 7.30. Here 
the reference current is 



(7.73) 


where V gE is the base-emitter voltage corresponding to the desired value of / REF . The output 
current l 0 is given by 



Aief (, yp ~ ^_be \ 

1 +(2 /p) V V A ) 


{7.74} 


The output resistance of this current source is r 0 of (? 2 , 


„ V A V A 

Ro (= r o2 ) = — “ — 

1q ir 


REF 


(7.75) O 


V cc 

A 



Figure 7.30 A simple BJT current source. 



D7.18 


Assuming the availability of BJTs with scale currents / 5 —10 A, ft 100, and l A 50 V, 
design the current-source circuit of Fig. 7.30 to provide an output current f 0 = 0.5 mA at 
v 0 = 2 V. The power supply V cc = 5 V. Give the values of / REF , R , and F 0min . Also, find I 0 at 

= 5 V. 

Ans. 0.497 mA; 8.71 kQ; 0.3 V; 0.53 mA 



Current Steering To generate bias currents for different amplifier stages in an IC, the 
current-steering approach described for MOS circuits can be applied in the bipolar case. As 
an example, consider the circuit shown in Fig. 7.31. The dc reference current / RE p is 
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Figure 7.31 Generation of a number of constant currents of various magnitudes. 


ated in the branch that consists of the diode-connected transistor g,, resistor /?, and the 
diode-connected transistor Q 2 : 



Vgc + VeE ' yEB 1 ^ 8E2 

R 



Now; for simplicity, assume that all the transistors have high (3 and thus that the base curre? 
are negligibly small. We will also neglect the Early effect. The diode-connected transistor Q 4 
forms a current mirror with g 3 ; thus Q 3 will supply a constant current / equal to / REF . Tran¬ 
sistor Qy can supply this current to any load as long as the voltage that develops at the collec¬ 
tor does not exceed V cc -0.3 Vi; otherwise (j would enter the saturation region. 

To generate a dc current twice the value of / REF , two transistors, Q 5 and Q 6 , each ot which 
is matched to Q ,, are connected in parallel, and the combination forms a mirror with Q\- 
Thus / 3 = 2/ ref . Note that the parallel combination of Q s and is equivalent to a tran¬ 
sistor with an EBJ area double that of Q ,, which is precisely what is done when this arc 
is fabricated in IC form. 

Transistor Q A forms a mirror with thus Q 4 provides a constant current 1 2 u 

/ REF . Note that while Q z sources its current to parts of the circuit whose voltage should not 

exceed ( V cc - 0.3 V), Q 4 sinks its current from parts of the circuit whose voltage should 

not decrease below —V EE + 0.3 V. Finally, to generate a current three times / REF , three tran 

sistors, Q-j , £) g , and each of which is matched to are connected in parallel, and the 

combination is placed in a mirror configuration with Q->. Again, in an 1C implementation. 

Qiy and Qq would be replaced with a transistor having a junction area three times that 
of Q 2 . 


7.5 Current-Mirror Circuits with Improved Performance 537 





Figure E7.19 shows an A-output current mirror. Assuming that all transistors are matched and have 
finite /?and ignoring the effect of finite output resistances, show that 



I 


REF 


1 +(N+\)/fi 


For (3 = 100, find the maximum number of outputs tor an error not exceeding 10%. 



REF 


Chef 



Figure E7.19 
Ans. 9 


I 


| f 2 



Q\ | 

A 

Qz | 



1 





Qn 


7.5 Current-Mirror Circuits with 
Improved Performance 

As we have seen throughout this chapter, current sources play a major role in the design ot 
1C amplifiers: The constant-current source is used both in biasing and as active load. Simple 
forms of both MOS and bipolar current sources and, more generally, current mirrors were 
studied in Section 7.4. The need to improve the characteristics of the simple sources and 
mirrors has already been demonstrated. Specifically, two performance parameters need to be 
addressed: the accuracy of the current transfer ratio of the mirror and the output resistance of 
the current source . 

The reader will recall from Section 7.4 that the accuracy of the current transfer ratio suffers 
particularly from the finite f3 of the BJT. The output resistance, which in the simple circuits is 
limited to r„ of the MOSFET and the BJT, also reduces accuracy and, much more seriously, 
severely limits the gain available from cascode amplifiers (Section 7.3). In this section we 
study M()S and bipolar current mirrors with more accurate current transfer ratios and higher 
output resistances. 
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7.5.1 Cascode MOS Mirrors 

The use of cascoding in the design of current sources was presented in Section 7.3. Figure 
7 3 , shows the basic cascode current mirror. Observe that tn addition to the diode- 
connected transistor ft, which forms the basic mirror ft-ft, another diode-connected 
transistor 0 is used to provide a suitable bias voltage toi the gate of the cascode transis¬ 
tor 0 To determine the output resistance of the cascode mirror at the drain of ft, we 
assume that the voltages across ft and ft are constant, and thus the signal voltages at the 
gates of ft and ft will be zero. Thus «„will be that of the cascode current source formed 

by Q 2 and Q 3 , 

R 0 =“ gm^ oi r 0 2 (7,77) 

Thus, as expected, cascoding raises the output resistance of the current source by the tactor 
(g m} r 0 $), which is the intrinsic gain of the cascode transistor, 

" " a drawback of the cascode current mirror is that it consumes a relatively large portion of 
the steadily shrinking supply voltage V DD . While the simple MOS mirror operates properly 
with a voltage as low as V ov across its output transistor, the cascode circuit of Fig. 7.32 
requires a minimum voltage of V t + 2V ov . This is because the gate of Q 3 is at 2V GS = 
2 v + 2V 0 v Thus the minimum voltage required across the output of the cascode mirror is 
1 V or so. This obviously limits the signal swing at the output of the mirror (i.e., at the out¬ 
put of the amplifier that utilizes this current source as a load). In < 'hapter 1 2 we shall study a 

wide-swing cascode mirror. 


oV 0 



Figure 7.32 A cascode MOS current mirror. 



7.20 For a cascode MOS mirror utilizing devices with V, = 0.5 V, H n C ox = 387 pA/V\ V/ = 5 V/pm, 

= 3.6 pm/ 0.36 pm, and / REF = 100 (lA, find the minimum voltage required at the output and 
the output resistance. 

Ans. 0.95 V; 285 k Q. 



7.5 Current-Mirror Circuits with improved Performance 


7.5.2 A Bipolar Mirror with Base-Current Compensation 

Figure 7.33 shows a bipolar current mirror with a current transfer ratio that is much less 
dependent on p than that of the simple current mirror. I 'he reduced dependence on P is 
achieved by including transistor Q 3 , the emitter of which supplies the base currents of Q { 
and Q,. The sum of the base currents is then divided by {/? 3 + 1), resulting in a much 
smaller error current that has to be supplied by / REF , Detailed analysis is shown on the cir¬ 
cuit diagram; it is based on the assumpt ion that Q { and Q , are matched and thus have equal 
collector currents, 7 C . A node equation at the node labeled x gives 



2 

1+ ipTJ). 


Since 

^ o = Ic 

the current transfer ratio of the mirror will be 


[o _ _ 1 _ 

^ref 1 + 2/{/f + p) 


1 

1 +2/1f 


(7.78) 


which means that the error due to finite /?has been reduced from 2 //? in the simple mir¬ 
ror to 2/p\ a tremendous improvement. Unfortunately, however, the output resistance 
remains approximately equal to that of the simple mirror, namely r 0 . Finally, note that if a 
reference current / REF is not available, we simply connect node .r to the power supply. V cc 
through a resistance R. The result is a reference current given by 



(7.79) 



Figure 7.33 A current mirror with base-current 
compensation. 



7.5.3 The Wilson Current Mirror 

A simple but ingenious modification of the basic bipolar mirror results in both reducing the P 
dependence and increasing the output resistance. The resulting circuit, known as the Wilson 
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Figure 7.34 The Wilson bipolar current mirror: (a) circuit showing analysis to determine the current 
transfer ratio; (b) determining the output resistance. 


mirror after its inventor George Wilson, an IC' design engineer working tor Tektronix, is 
shown in Fig. 7.34(a). The analysis to determine the effect of finite /? on the current transfer 
ratio is shown in Fig. 7.34(a), from which we can write 




lc 


/ 


1 +1 1 + 'hj (P+ 1 ) 


P 




1 

1 + A/7+2) 


_ 1 (7.80) 

1 +2//? 2 

This analysis assumes that Q t and Q 2 conduci equal collector currents. There is, however. 
a slight problem with this assumption: The collector-to-emitter voltages ot Q\ and ^ 
not equal, which introduces a current offset or a systematic error. The problem can l 1 !- M ^ 
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by adding a diode-connected transistor in series with the collector of Q 2 , as we shall shortly 
show for the MOS version. 

To determine the output resistance of the Wilson mirror, we set / REF = 0 and apply a test 
voltage v x to the output node, as shown in fig. 7.34(b). Our purpose is to determine the cur¬ 
rent /, and hence R a as 


Rather than replacing each transistor with its hybrid-;r model, we shall do the analysis 
directly on the circuit diagram. For this purpose, we have “pulled r t> out” of each transistor 
and shown it separately. 

Observe that transistor Q y , viewed as a supemode (highlighted in color), has a current i x 
entering it and two currents /, and i 2 exiting it; thus, 

h + h = (c 


Next note that the action of current mirror Q -Q 2 forces i 2 to be approximately equal to 
i,; thus, 

h - = i x /1 

Current i 2 flows into the base of Q } and thus gives rise to a collector current fi 3 i 2 in the 
direction indicated. We are now in a position to write a node equation at the collector of Q 3 
and thus determine the current through r o2 as i x + A i 2 = i x + fis(i x /2) = i x (fi 3 /2+\). 
Finally, we can express the voltage between the collector of Q 3 and ground as the sum ot 

the voltage drop across r t)3 and the voltage across Q ]y 

= ',(y + + 

= + 1 /<.3 + (^) r e l 

Since r 0 > r e and t> 2 , 
and 


.(Pi 


V X M y )^o3 


= h r o 3/2 


(7.81) O 


I hus the Wilson current mirror has an output resistance (^/? 3 ) times higher than that of 
alone. This is a result of the negative feedback obtained by feeding the collector current 
of Q 2 (/,) back to the base of Q 3 . As can be seen from the above analysis, this feedback 
results in increasing the current through r o2 to approximately 2 PP X -, an d ^us the voltage 
across r o2 and the output resistance increase by the same factor, n °f e 

factor \ is because only half of /, is mirrored back to the base ot Qy 
The Wilson mirror is preferred over the cascode circuit because the latter has the same 
dependence on /ias the simple mirror. However, like the cascode mirror, the Wilson mir 
ror requires an additional V BE drop for its operation; that is, for proper operation we must 
allow tor 1 V or so across the Wilson mirror output. 
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7.21 



p or q _ joq an( j r ' - 100 kQ, contrast the Wilson mirror and the Mmpk mirror by evaluating 

the transfer-ratio error due to finite /?, and the output resistance. . 

Ans. Transfer-ratio error: 0.02% for Wilson as opposed to 2% for the simple circuit; R 0 = 5 MQ 

for Wilson compared to 100 k£2 tor the simple circuit 


7.5.4 The Wilson MOS Mirror 

Figure 7.35 a shows the MOS version of the Wilson mirror. Obviously there is no terror to 
reduce here, and the advantage of the MOS Wilson lies in its enhanced output resistance. 

To determine the output resistance of the Wilson MOS mirror, we set / REF = 0, and 
apply a test voltage v x to the output node, as shown in Fig. 7.35(b). Our purpose is to deter¬ 
mine the current i x and hence R 0 as 


R 0 = V4 

Rather than replacing each transistor with its hybrid-^", equivalent-circuit model, we shall 
perform the analysis directly on the circuit. For this purpose, we have “pulled r 0 out" of 
each transistor and shown it separately. 

Observe that the current i x that enters the drain of Q 2 must exit at its source. Thus the 
current that feeds the input side of the 0, -Q 2 mirror is equal to i x . Most of this current will 
flow in the drain proper of Q ] (i.e., only a very small fraction flows through r oX ) and will 
give rise to a voltage v — i x /g mi , where \/g m \ is the approximate resistance of the diode- 
connected transistor Q v The current-mirror action of ( Q 2 ) forces a current equal to i s to 
flow through the drain proper of Q 2 . Now, since the current in the drain of Q 2 is forced (by 
the connection to the gate of Q 3 ) to be zero, all of i x must flow through r o2 , resulting in a 
voltage -i x r o2 . This is the voltage fed back to the gate of Q y The drain current of Q 2 can 
now be found as 

^3 — Smi^gsi 

— Sm3^~ br^o2 ~ 1) 

^Sm^o2^x 

A node equation at the drain of gives the current through r o2 as (/ t -Vd = 

h + Smi r 0 2 i x ~ Sm^oiK- Finally, we can express v x as the sum of the voltage drop across 
r o 3 an d the voltage v across Q u 


= (S m if o3 r o2 )i x + (i x /g m{ ) 

S ml r ol r olix 

and obtain 
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Figure 7.35 The Wilson MOS mirror: (a) circuit; (b) analysis 
to determine output resistance; (c) modified circuit. 


Thus, the Wilson MOS mirror exhibits an increase of output resistance by a factor (£,,, 3 ^, 3 ), 
an identical result to that achieved in the cascode mirror. Here the increase in R 0 , as denu - 
strated in the analysis above, is a result of the negative feedback obtained by connecting the 
drain of Q 2 to the gate of Q v Finally, to balance the two branches of the mirror and thus 
av °id the systematic current error resulting from the dil lerence in V DS between Q x and Q 2 , 
the circuit can be modified as shown in Fig. 7.35(c). 


7.5.5 The Widlar Current Source 5 

Our final current-source circuit, known as the Widlar current source, is shown in Fig, 7.36. It 
differs from the basic current mirror circuit in an important way: A resistor R E is included in 


' s, arned alter Robert Widlar, a pioneer in analog IC design. 
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the emitter 


lead of Qr Neglecting base currents we can write 






where we have assumed that Q , and & are matched devices. Combining Eqs. (7.83) ad 

(7.84) gives 

r«i-r*2 = r r inlir) < 7J!5 > 



But from the circuit we see that 


Tli us. 


y$E 1 “ ^BE2 ^O^E 


IqRe ~ 


^REF^ 


V Iq j 


(7.86) 

(7.87) 


The design and advantages of the Widlar current source are illustrated in the following 
example. 




Figure 7.36 The Widlar current source. 


Example 7.6 


The two circuits for generating a constant current l Q =10 ^iA shown in Fig. 7.37 operate from a 10- v 

supply. Determine the values of the required resistors, assuming that V Bt is 0.7 V at a current of 1 mA 
and neglecting the effect of finite /?. 
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Figure 7.37 Circuits for Example 7.6. 


Solution 


For the basic current-source circuit in Fig. 7.37(a) we choose a value for /?, to result in / REF = 10 pA. At 
this current, the voltage drop across Q. will be 


Thus, 



= 0.7 + V T \n 



= 0.58 V 



10-0.58 

0.01 


= 942 kQ 


For the Widlar circuit in Fig. 7.37(b) we must first decide on a suitable value for / RFF . If we select 
/ Rl r - I mA, then V Hj = 0.7 V and R 2 is given by 



10-0.7 

1 


9.3 kQ 


The value of/?, can be determined using Eq, (7.87) as follows: 

10x10-% = 0.025 In(lH^) 
R, = 11.5 kil 


From the above example we observe that using the Widlar circuit allows the generation 
ot a small constant current using relatively small resistors. This is an important advantage that 
results in considerable savings in chip area. In fact the circuit ot Fig. 7.37(a), requiring a 
^4_-k£2 resistance, is totally impractical for implementation in 1C form because of the very- 

high value of resistor R r 
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o 


Another important characteristic of the W.dlar current source ,s that its output resistance 
is ht h The increase in the output resistance, above that aclueved m the baste current source, 
due to the emitter-degeneration resistance R e To detennme the output res,stance of £),, we 
assume that since the base of ft is connected to ground vta the small res,stance r. of fi|l 
"he incremental voltage at the base will be small. Thus we can use the formula in Eq. (7.51) 
and adapt it for our purposes here as follows: 


R out — [1 + Sm(^E II r n)] r o 


(7.88) 


TJnnc thr> nmnnt resistance is increased above 


kt/ o foptnr that ran cianifinant 



7 22 Find the output resistance of each oi the two current sources designed in Example 7.6. Let 

v 4 = 100 V and (3 = 100. 

Ans. 10 MQ; 54 M£2 



7.6 Some Useful Transistor Pairings 


The cascode configuration studied in Section 7.3 combines CS and CG M< )S transistors <t E and 
CB bipolar transistors) to great advantage. The key to the superior performance of the resulting 
combination is that the transistor pairing is done in a way that maximizes the advantages and 
minimizes the shortcomings of each of the two individual configurations. In this section we 
present a number of other such transistor pairings. In each case the transistor pai can be thought 
of as a compound device; thus the resulting amplifier may be considered as a single stage. 

7.6.1 The CC-CE, CD-CS, and CD-CE Configurations 

Figure 7.38(a) shows an amplifier formed by cascading a common-collector (emitter 
follower) transistor £>, with a common-emitter transistor Q 2 . This circuit has two mam 
advantages over the CE amplifier. First, the emitter follower increases the input resis¬ 
tance by a factor equal to (/?, + 1 ). As a result, the overall voltage gain is increased, 
especially if the resistance of the signal source is large. Second, it will be shownif 
Chapter 9 that the CC-CE amplifier can exhibit much wider bandwidth than that 
obtained with the CE amplifier. 

The MOS counterpart of the CC-CE amplifier, namely, the CD—CS configuration, is 
shown in Fig. 7.38(b), Here, since the CS amplifier alone has an infinite input resistant. d |L 
sole purpose for adding the source-follower stage is to increase the amplifier bandwidth, as 
will be seen in Chapter 9. Finally, Fig. 7.38(c) shows the BiCMOS version of this circuit 
type. Compared to the bipolar circuit in Fig. 7.38(a), the BiCMOS circuit has an infinj' 

input resistance. Compared to the MOS circuit in Fig. 7.38(b), the BiCMOS circuit typtca ) 
has a higher g m2 . 
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(c) 

Figure 7.38 (a) CC-CE amplifier; (b) CD-CS amplifier; (c) CD-CE amplifier. 


Example 7.7 


For the CC-CE amplifier in Fig. 7.38(a) let /, =/ ; = 1 mA and assume identical transistors with 
fi- 100. Find the input resistance R in and the overall voltage gain obtained when the amplifier is fed 
w ith a signal source having — 4 k£2 and loaded with a resistance Ri~ 4 Compare the results 
with those obtained with a common-emitter amplifier operating under the same conditions. Ignore r Q , 

Solution 

At an emitter current of 1 mA, and Q 2 have 

g m =40 mA/V 
r e = 25 Q 

= ^ = 2.5 kO 

' &, 40 
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Example 7.7 continued 


79- 



(c) 


Figure 7.39 Circuit for Example 7.7 
Referring to Fig. 7.39 we can find 


R m2 = = 2.5 kQ 


712 


R-in = (fi\ + 1 ) + ^in2) 

= 10] (0.025 + 2.5) = 255 kQ 


b 1 


/? 


m 


255 


v . /?.+/?. 255 + 4 

sig in ' sig 


= 0.98 VA/ 


v 


b 2 


/? 


m2 


2.5 


i' 


M 


i ? in2 + r e! 2,5 + 0.025 


= 0.99 V/V 


Thus. 


— = -g 2 R, = -40 x 4 = -160 V/V 




G„ = — = -160x0.99x0.98 = -155 V/V 

V sig 


For comparison, a C H amplifier operating under the same conditions will have 


R:_ = 


m 


r n = 2.5 kQ 


G b = 


R 


in 


^in ^sig 




2.5 


2.5 + 4 


(-40 x 4 ) 


61.5 V/V 
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Repeat Example 7.7 tor the CD^CE configuration of Fig. 7.38(c). Let/, = I 2 = 1 mA, p 2 = 100 . 

_ u _ a v/-. neg | ect ^ of both transistors. Find and G It when /? sj = 4 kQ (as in 


mA/V 


Example 7.7) and /t sjg = 400 kQ. What would G v ot the CC—CE amplifier in Example 7.7 be- 

r _ n i A A o 


come for R Si ^ - 40( 1 kQ ? 


Ans. 


*in = 


oo 


G v = -145.5 V/V, independent of R sjg ; -61.7 V/V 




7.6.2 The Darlington Configuration 6 


Figure 7.40(a) shows a popular BJT circuit known as the Darlington configuration. It 
can be thought of as a variation of the CC-CE circuit with the collector of Q\ connected 
to that of Qi . Alternatively, the Darlington pair can be thought of as a composite transis¬ 
tor with p - P\p 2 - I* can therefore be used to implement a high-performance voltage fol¬ 
lower. as illustrated in Fig. 7.40(b). Note that in this application the circuit can be 
considered as the cascade connection of two common-collector transistors (i.e., a CC-CC 
configuration). 

Since the transistor p depends on the dc bias current, it is possible that Q , will be 
operating at a very low /?, rendering the /^-multiplication effect of the Darlington pair 
rather ineffective. A simple solution to this problem is to provide a bias current for Q\, as 

shown in Fig. 7.40(c). 



F '9 Ure 7,40 (a) The Darlington configuration; (b) voltage follower using the Darlington configuration, 
hi the Darlington follower with a bias current / supplied to Q, to ensure that its /? remains high. 


Earned after Sidney Darlington, a pioneer in filter design and transistor circuit design. 
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7.24 For the Darlington voltage follower in Fig. 7.40(b), show that: 


An - (A + 1 M'Vi + (A + 1 )( r e2 + ^f)l l 

Aut “ A II 

r , m+!*«/( A + Uh 

' 2 + a + 1 J 


V 

0 

Re 


i' S ig R e + r e2 + [ r t , i + + 1 )|/( A + 1 ) ' 


Evaluate R m , R olll , and v 0 /v slg for the case l Fl = 5 mA, /?, = fi 2 = 100, R, - 1 kQ, and 
/? si a =IOOkfi. 

Ans. 10.3 M£2; 20 Q: 0.98 V/V 


7.6.3 The CC-CB and CD-CG Configurations 

Cascading an emitter follower with a common-base amplifier, as shown in Fig. 7.41(a), 
results in a ci> cuit with a low-frequency gain approximately equal to that of the CB but with 
the problem of the low input resistance of the CB solved by the buffering action of the CC 
stage. It will be shown in Chapter 9 that this circuit exhibits wider bandwidth than that 
obtained with a CE amplifier of the same gain. Note that the biasing current sources shown 
in Fig. 7.41(a) ensure that each of Q\ and Q 2 is operating at a bias current /. We arc not 



■ iygre /.HI 


w ^ ^ “ amplifier, (b) Another version of the CC-CB 
using a pnp transistor, (c) The MOSFET version of the circuit in (ay 




^ 4 
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showing, however, how the dc voltage at the base of Q { is set or the circuit that determines 
the dc voltage at the collector of Q 2 . Both issues are usually looked after in the larger cir¬ 
cuit of which the CC-CB amplifier is a part. 

An interesting version of the CC-CB configuration is shown in Fig. 7.41(b). Flere the 
CB stage is implemented with a pnp transistor. Although only one current source is now 
needed, observe that we also need to establish an appropriate bias voltage at the base of Q 2 . 
This circuit is part of the internal circuit of the popular 741 op amp, which will be studied in 
Chapter 12. 

The MOSFl I version of the circuit in Fig. 7.41(a) is the CD-CG amplifier shown in 
Fig. 7.41(c). 


Example 7. 


For the CC-CB amplifiers in Fig. 7.41(a) and (b), find R in , v 0 /v it and v 0 /v- when each amplifier is 
fed with a signal source having a resistance /? s , and a load resistance R L is connected at the output. For 
simplicity, neglect r a . 

Solution 

The analysis of both circuits is illustrated in Fig. 7.42. Observe that both amplifiers have the same R m 
and v 0 /v v The overal l voltage gain v 0 /v- can be found as 

v o _ An a 2 A 
l 'sig An Aig c 1 



Figure 7.42 Circuits for Example 7.8. {continued on following page) 
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Example 7.8 continued 





Figure 7.42 ( continued ) 



7.25 For the amplifiers in Example 7.8 find v 0 /v iy and v Q /v . for the case /“ 1 mA, p = 100. 
&L ~ ^sig = 5 k£2. 

Ans. 5.05 kQ; 100 V/V; 50 V/V 


07.26 (a) Neglecting r oV show that the voltage gain vjv i of the CD CG amplifier shown earlier in 

Fig. 7.4(c) is given by 

* kv mr 


l 'o ik l 


w here R L is a load resistance connected at the output and V () y is the overdrive voltage at which 
each of Q r and Q 2 is operating. 

lb) For / - 0.1 mA and Rl - 20 kd, find WIL for each of (7, and Q-> to obtain a gain ot 10 VA ; . 
Assume k' n = 200 pA/V 2 . 

Ans. (b) WIL = 25 





Summary 

n Integrated-circuit fabrication technology offers the circuit 
designer many exciting opportunities, the most important 
of which is the large number of inexpensive small-area 
MOS transistors. An overriding concern for IC designers, 
however, is the minimization of chip area or “silicon real 
estate.” As a result, large-valued resistors and capacitors 
are virtually absent. 

■ The basic gain cell of IC amplifiers is the C'S (CE) amplifi¬ 

er with a current-source load. For an ideal current-source 
load (i.e., one with infinite output resistance), the transistor 
operates in an open-circuit fashion and thus provides the 
maximum gain possible, Sm^o ^o* 

■ The intrinsic gain A 0 is given by A 0 = V A / V T fora BJT 
and A 0 = V A /{ V ov /2) for a MOSFET. For a BJT, A 0 
is constant independent of bias current and device dimen¬ 
sions. For a MOSFET, A 0 is inversely proportional to 
Jf D (see Eq. 7.15). 

b Simple current-source loads reduce the gain realized in the 
basic gain cell because of their finite output resistance (usual¬ 
ly comparable to the value of r 0 of the amplifying transistor). 

■ To raise the output resistance of the CS or CE transistor, 
we stack a CG or CB transistor on top. This is cascoding. 
The CG or CB transistor in the cascode passes the current 
g m \V i provided by the CS or CE transistor to the output 
but increases the resistance at the output from r o] to 

(Sm2 r o2) r o\ ,n the M0S case [S m l( r o\\\ r al) r o2 in the 
bipolar case]. The maximum output resistance achieved 

in the bipolar case is /? 2 r o2 - 

« A MOS cascode amplifier operating with an ideal current- 
source load achieves a gain of (g m r 0 ) - A 0 . 

■ To realize the full advantage of cascoding, the load current- 

source must also be cascoded, in which case a gain as high 

12 

as ;4 0 can be obtained. 

■ Double cascoding is possible in the MOS case only. How¬ 
ever, the large number of transistors in the stack between 
the power-supply rails results in the disadvantage ot a 
severely limited output-signal sw'ing. The folded-cascode 
configuration helps resolve this issue. 

■ A CS amplifier with a resistance R , in its source lead has an 
output resistance /?,, — (1 +g„R s )r tl - The corresponding 
formula for the BJT case is /?,, = [I + g m (R c II 


■ Biasing in integrated circuits utilizes current sources. As 
well, current sources are used as load devices. Typically 
an accurate and stable reference current is generated and 
then replicated to provide bias currents for the various 
amplifier stages on the chip. The heart of the current¬ 
steering circuitry utilized to perform this function is the 
current mirror. 

* The MOS current mirror has a current transfer ratio of 
{W/L) 2 /{W/L) v For a bipolar mirror, the ratio is 

*82'* SI- 

■ Bipolar mirrors suffer from the finite ft , w hich reduces 
the accuracy of the current transfer ratio. 

■ Both bipolar and MOS mirrors ol the basic type have a 
finite output resistance equal to r, of the output device. 
Also, for proper operation, a voltage of at least 0.3 V is 
required across the output transistor of a simple bipolar 
mirror (| V Q[ \ for the MOS case). 

■ Cascoding can be applied to current mirrors to increase 
their output resistances. An alternative that also solves the 
P problem in the bipolar case is the Wilson circuit. The 
MOS Wilson mirror has an output resistance of ( g m r t ,)r 0 , 
and the BJT version has an output resistance of \Pr a . Both 
the cascode and Wilson mirrors require at least 1 V or so 
for proper operation. 

■ The Widlar current source provides an area-efficient way 
to implement a low-valued constant-current source that 
also has a high output resistance. 

■ Preceding the CE (CS) transistor with an emitter follower 
(a source follower) results in increased input resistance in 
the BJT case and wider bandwidth in both the BJT and 

MOS cases. 

in Preceding the CB (CG) transistor with an emitter follower 
(a source follower) solves the low-input-resistance prob¬ 
lem of the CB and CG configurations. 

■ The Darlington configuration results in an equivalent BJT 
with a current gain approaching p . 
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Appendix 7.A Comparison of the MOSFET and 

the BJT 

In this appendix we present a comparison ot the characteristics ot the two major electronic 
devices* the MOSFET and the BJT To facilitate this comparison, typical values for the 
important parameters of the two devices are first presented. We also discuss the design 
parameters available with each ot the two devices, such as J c in the BJT, and / 0 and 
the MOSFET. and the trade-offs encountered in deciding on suitable values for these. 

7.A.1 Typical Values of MOSFET Parameters 

Typical values for the important parameters ot NMOS and PMOS transistors fabricated in a 
number of CMOS processes are shown in Table 7.A.1. Each process is characterized by the 
minimum allowed channel length, L min ; thus, for example, in a < U 8 -pm process, the smallest 
transistor has a channel length L = 0.18 pm. The technologies presented in Table 7.A.1 are 
in descending order of channel length, with that having the shortest channel length being the 
most modem. Although the 0.8-pm process is now' obsolete, its data are included to show 
trends in the values of various parameters. It should also be mentioned that although Table 
7 .A. 1 stops at the 0.13-pm process, by 2009 there were 90% 65-, and 45-nm processes avail¬ 
able. and processes down to 22 nm were in various stages of development. The 0.18-gmand 
the 0.13-|im processes, however, remained popular in the design of analog IC’s. The most 
recently announced digital ICs utilize 65-nm and 45-nm processes and pack as many as 2.3 
billion transistors onto one chip. An important caution is in order regarding the data pre¬ 
sented in Table 7.A.1: These data do not pertain to any particular commercially available 
process. Accordingly, these generic data are not intended for use in an actual 1C design; 
rather, they show trends and, as we shall see, help to illustrate design trade-offs as well as 
enable us to work out design examples and problems with parameter values that are as real¬ 
istic as possible. 

As indicated in Table 7.A. I, the trend has been to reduce the minimum allowable chan¬ 
nel length. This trend has been motivated by the desire to pack more transistors on a chip as 
well as to operate at higher speeds or, in analog terms, over wider bandwidths. 

Observe that the oxide thickness, t , r , scales down with the channel length, reaching 
2.7 nm for the 0.13-pm process. (The 65-nm process, not shown in Table 7.A.1, has an 
oxide thickness of 1.2 nm.) Since the oxide capacitance C ax is inversely proportional to i 0I , 


Table 7.A.1 Typical Values of CMOS Device Parameters 



0-8 pm 0.5 pm 0.25 pm 

0.18 pm 

0.13 pm 

Parameter NMOS PMOS NMOS PMOS NMOS PMOS 

NMOS PMOS 

NMOS PM0S_ 


f OT (nm) 15 

C a (fF/gm 2 ) 2.3 

//(cnf/V-s) 550 

MC m (pA/V 2 ) 127 

^ 0 (V) 0.7 

Voo (V) 5 

(V/jam) 25 

C*, (fF/pm) 0.2 


15 
2.3 
250 
58 
-0.7 
5 

20 

0.2 


9 

3.8 

500 

190 


9 

3.8 

80 

68 


6 

5.8 

460 

267 


6 

5.8 

160 

93 


4 

8.6 

450 

387 


4 

8.6 

too 

86 


2.7 
12.8 
400 
511 


0.7 

-0.8 

0.5 

-0.6 

0.5 

-0.5 

0.4 

3.3 

3.3 

2.5 

2.5 

1.8 

1.8 

1.3 

20 

10 

5 

6 

5 

6 

5 

0.4 

0.4 

0.3 

0.3 

0.37 

0.33 

0.36 


12.8 

100 

128 

- 4)4 

1.3 

6 

0.33 
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we see that C ox increases as the tec * nology scales down. The surface mobility // decreases as 
the technology minimum-feature size is decreased, and jj p decreases faster than fi n . As a 
result, the ratio of /J p to ju n has been decreasing with each generation oi technology, falling 
from about 0.5 for older technologies to 0.2 or so for the newer ones. Despite the reduction of 
n and /i, ’ the transconductance parameters k' = ji n C ox and k' = fi p C ox have been 
steadily increasing. As a result, modem short-channel devices achieve required levels of bias 
currents at lower overdrive voltages. As well, they achieve higher transconductance, a major 


advantage. 

Although the magnitudes of the threshold voltages V (n and V lp have been decreasing 
with l from about 0.7 - 1 '.8 V to 0.3-0.4 V, the reduction has not been as large as that of 


the power supply V DD . The latter has been reduced dramatically, from 5 V for older technol¬ 
ogies to 1.3 V for the 0.13-fim process (and approaching 1 V for the 45-nm process). This 
reduction has been necessitated by the need to keep the electric fields in the smaller devices 
f rom reaching very high values. Another reason for reducing V DD is to keep power dissipa¬ 
tion as low as possible given that the 1C chip now has a much larger number of transistors . 7 

The fact that in modern short-channel CMOS processes | V t \ has become a much larger 
proportion of the power-supply voltage poses a serious challenge to the circuit design engi¬ 
neer. Recalling that |F GS | = \V,\ +|K oy |, where V ov is the overdrive voltage, to keep 
v j reasonably small, | V ov \ for modem technologies is usually in the range of 0.1 V to 
0.2 V To appreciate this point further, recall that to operate a MOSFET in the saturation 
region. | V ns \ must exceed \V 0 v\\ thus, to be able to have a number 0 ? devices stacked 
between the power-supply rails in a regime in which V DD is only 1.8 V or lower, we need to 
keep | V ol | as low as possible. We will shortly see, however, that operating at a low | V ov \ has 


some drawbacks. 

Another significant though undesirable feature of modem deep submicron (i, nin <0.25 pm) 
CMOS technologies is that the channel-length modulation effect is very pronounced. As a result, 
y' has decreased to about 5 V/pm, which combined with the decreasing values of L has 
caused the Early voltage F, = V\L to become very small. Correspondingly, short-channel 

MOSFETs exhibit low output resistances. 

When we study the MOSFET high-frequency 8 equivalent-circuit model in Section 9.2 
and the high-frequency response of the common-source amplifier in Section 9.3, we will 
learn that two major MOSFET capacitances are C gs and C g(i . While C gs has an overlap 
component, 1 ' C gd is entirely an overlap capacitance. Both C gd and the overlap component 
of C, are almost equal and are denoted C ov . The last line of Table 7.A.1 provides the 
value of C per micron of gate width. Although the normalized C ov has been staying more 
or less constant with the reduction in £ mm , we will shortly see that the shorter devices 
exhibit much hiuher operating speeds and wider amplifier bandwidths than the longer 
devices. Specifically, we will, for example, see that f T tor a 0.25-pm NMOS transistor can 

be as high as 10 GHz. 


(hip power dissipation is a very serious issue, with some ICs dissipating as IT1 ^ C as m ‘ s a resu 
an important current area of research concerns what is termed “power-aware design^ , 

For completeness, this appendix includes material on the high-frequency mode s an operation o o 
the MOSFET and the BJT. These topics are covered in Chapter 9. The reader can easi y s p e ap 

Ji v paragraphs dealing with these topics until Chapter 9 has been studied. . f F1 

f Overlap capacitances result because the gate electrode overlaps the source an rain t 

5-1). 
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7.A.2 Typical Values of 1C BJT Parameters 

Table 7.A.2 provides typical values for the major parameters that characterize integrated- 
circuit bipolar transistors. Data are provided for devices fabricated in two different processes: 
the standard, old process, known as the “high-voltage process," and an advanced, modem pro¬ 
cess referred to as a “low-voltage process." For each process we show the parameters of the 
standard npn transistor and those of a special type of pnp transistor known as a lateral pnpfa 
opposed to vertical, as in the npn case) (see Appendix A). In this regard we should mention 
that a major drawback of standard bipolar integrated-circuit fabrication processes has been the 
lack of pnp transistors of a quality equal to that of the npn devices. Rather, there are a number 
of pnp implementations for which the lateral pnp is the most economical to fabricate. Unfortu¬ 
nately, however, as should be evident from Table 7. A.2, the lateral pnp has characteristics that 
are much inferior to those of the vertical npn . Note in particular the lower value of /?and the 
much 1 artier value of the forward transit time Tp that determines the emitter—base diffusion 
capacitance C and, hence, the transistor speed of operation. The data in Table 7,A.2csnbe 
used to show that the unity-gain frequency of the lateral pnp is 2 orders of magnitude lower 
than that of the npn transistor fabricated in the same process. Another important difference 
between the lateral pnp and the corresponding npn transistor is the value o' col lector current at 
which their Rvalues reach their maximums: For the high-voltage process, for example, this 
current is in the tens of microamperes range for the pnp and in the milliampere range for the 
npn. On the positive side, the problem of the lack of high-quality pnp transistors has spuned 
analog circuit designers to come up with highly innovative circuit topologies that either mini¬ 
mize the use of pnp transistors or minimize the dependence of circuit performance on that of 
the pnp. We shall encounter some of these ingenious circuits later in this book. 

The dramatic reduction in device size achieved in the advanced low-voltage process 
should be evident from Table 7.A.2. As a result, the scale current I s also has been reduced by 
about three orders of magnitude. Here we should note that the base width, W B , achieved in the 
advanced process is on the order of 0.1 pm, as compared to a few microns in the standard high- 
voltage process. Note also the dramatic increase in speed; for the low'-voltage npn transistor, 
T F = I ( i ps as opposed to 0.35 ns in the high-voltage process. As a result, f\ for the modem 
npn transistor is 10 GHz to 25 GHz. as compared to the 400 MHz to 600 MHz achieved in the 
high-voltage process. Although the Early voltage, V A , for the modem process is lower than 
its value in the old high-voltage process, it is still reasonably high at 35 V. Another feature of 
the advanced process—and one that is not obvious from Table 7.A.2—is that /? for the npn 
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peaks at a collector current of 50 pA or so. Finally, note that as the name implies, npn transis¬ 
tors fabricated in the low-voltage process break down at collector-emitter voltages of 8 V, 
versus 50 V or so for the high-voltage process. Thus, while circuits designed with the stan¬ 
dard high-voltage process utilize power supplies of ±15 V (e.g., in commercially available op 
amps of the 741 type), the total power-supply voltage utilized with modem bipolar devices is 
5 V (or even 2.5 V to achieve compatibility with some of the submicron CMOS processes). 

7.A.3 Comparison of important Characteristics 

Table 7.A 3 provides a compilation of the important characteristics of the NMOS and the 
npn transistors. The material is presented in a manner that facilitates comparison. In the fol¬ 
lowing, we comment on the various items in Fable 7.A.3. As well, a number of numerical 
examples and exercises are provided to illustrate how the wealth of information in Table 
7 A 3 can be put to use. Before proceeding, note that the PMOS and the pnp transistors can 
be compared in a similar way. 
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Table 7.A.3 continued 


Low-Frequency 
T Model 


NMOS 


D 9 


Go 



npn 



B o 



O 


Transconductance 

g„ 

g m ~ ^/( F 0 f / 2 ) 

g m = (A„C 0JC )(~) V QV 

= V V T 



S„ = J^ n C cx )lj)l D 



, Output Resistance 
r o 

V’ L 

r, = V'o = / 

l D 

r o = V A /l C 


Intrinsic Gain 
^0 Sm* o 

Aq - V A /( V 0 y/2) 

2 V’L 

A o- y 

f ov 

= A /V T 



, y'i^.c„wL 

°" A 



Input Resistance with 
Source 
(Emitter) 

Grounded 

QC 

E 

II 

Ik 



High-Frequency 
Model 


GO 


+ 


V 





•o D B 


B' 


+ 


V *r 

jr ' n 


6 

E 



(continued) 
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[■feble7.A.3 continued 






NMOS 


npn 





Capacitances 


C = ± WLC + WL C 

^gs 3 ox ovox 


c„ = c de + c je 


C de ~ T FS 


m 


c^ WL o,c 0 , 


C,. = 2C. . 

J e /eQ 


c - c 

^ fj ^/iO I 


1 + 




V, 


CO 


Transition 

Frequency/)- 


fr ~ 


g 


m 


g 


m 


2*C +C-,) 


For C„ and C gl ~- y H'LC ox , 


f T 2*C jr +C (1 ) 


For C„ > and 




/r 


1 -^An f QV 

2nl) 


fr ~ 


2 nwl 


j Design Parameters 

w 

I V l — 

l O ’ v OK’ ^ 

/ c> V BE , 4 £ (or / s ) 

Good Analog Switch? 

Yes, because the device is symmetrical and 
thus the i D -v DS characteristics pass directly 
through the origin. 

No, because the device is asymmetrical with 
an offset voltage V CEofr 


Operating Conditions At the outset, note that we shall use active mode or active region 
to denote both the active mode of operation of Lie BJT and the saturation mode of operation 

of the MOSFET. 

The conditions for operating in the active mode are very similar tor the two devices: 
The explicii threshold V, of the MOSFET has V BEm as its implicit counterpart in the BJT. 

Furthermore, for modem processes, KsEon and V, are almost equal. 

Also, pinching off the channel of the MOSFET at the drain end is very similar to reverse bias¬ 
ing the CBJ of the BJT; the first makes i D nearly independent of v D , and the second makes I c ne.i 
independent of v,. Note, however, that the asymmetry of the BJT results in V BCon and I BEon being 
unequal, while in the symmetrical MOSFET the operative threshold voltages at the source and the 
drain ends of the channel are identical ( V,). Finally, for both the MOSF l f and the BJT to operate 
in the active mode, the voltage across the device {v DS , v CE ) must be at least 0.1 V to 0.3 V. 

Current-Voltage Characteristics The square-law control characteristic, i D -v GS , m the 
MOSFET should he contrasted with the exponential control characteristic, i G °f the 

BJT, Obviously, the latter is a much more sensitive relationship, with the result that i c can 
vary over a very wide range (five decades or more) within the same BJT. In the MO 
the range of i D achieved in the same device is much more limited. To appreciate this point 
further, consider the parabolic relationship between i D and v ov , and recall from our iscus 

sion above that v ov is usually kept in a narrow range (0.1 V to 0.3 V). 

Next we consider the effect of the device dimensions on its current. For the bipo ar 

transistor, the control parameter is the area of the emitter-base junction (EBJ), £> w ^ 
determines the scale current I s . It can be varied over a relatively narrow range, sue 
1. Thus, while the emitter area can be used to achieve current scaling in an IC (as \xe can 
in Section 7.4 in connection with the design of current mirrors), its narrow range of Ration 
reduces its significance as a design parameter. This is particularly so if we compare E . . 
its counterpart in the MOSFET, the aspect ratio W/L. MOSFET devices can e esigne 
W/L rat,os in a wide range, such as 1.0 to 500. As a result, W/L is a very significant MOS 
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design parameter. Like A E , it is also used in current scaling, as we can see in Section 7 4 
Combining the possible range of variation of v 0V and W/L, one can design MOS transistors 
to operate over an i D range ot four decades or so. 

The channel-length modulation in the MOSFET and the base-width modulation in the 
BJT are similarly modeled and give rise to the dependence of i D (/ c ) on v DS (v C£ ) gJ 
hence, to the finite output resistance r a in the active region. Two important differences 
however, exist. In the BJT, V A is solely a process-technology parameter and does not 
depend on the dimensions of the BJT. In the MOSFET, the situation is quite different 
V A = V a L , where V A is a process-technology parameter and L is the channel length used. Also 
in modem deep submicron processes, V A is very low, resulting in V A values that are lower 
than the corresponding values for the BJT. 

The last, and perhaps most important, difference between the current-voltage character¬ 
istics of the two devices concerns the input current into the control terminal: While at low 
frequencies the gate current of the MOSFET is practically zero and the input resistance 
looking into the gate is practically infinite, the BJT draws base cunrent i B that is propor¬ 
tional to the collector current; that is, i B = i c /P- The finite base current and the correspond¬ 
ing finite input resistance looking into the base comprise a definite disadvantage of the BJT 
m comparison to the MOSFET. Indeed, it is the infinite input resistance of the MOSFET that 
has made possible analog and digital circuit applications that are not feasible with the BJT. 
Examples include dynamic digital memory (Chapter 15) and switched-capacitor filters 
(Chapter 16). 


Example 7.A.1 


(a) For an NMOS transistor with W/L = 10 fabricated in the 0.18-fim process whose data are given in Table 

7.A. 1, find the values of Vq V and required to operate the device at I lt — 100 juA. Ignore channel- 
length modulation. 

(b) Find l BE for an npn transistor fabricated in the low-voltage process specified in Table 7.A.2 and 
operated at I c = 100 pA. Ignore base-width modulation. 


Solution 



Substituting l D - 100 pA, W/L = 10, and, from Table 7.A.1, fi„C ox = 387 pA/V 2 results in 

100 = i x 387 x 10 x 
V ov = 0.23 V 

Thus, 


V GS = V 0 v= 0.5 + 0.23 = 0/73 V 


<b) 


l c - I$ e 


VBE/ V T 


Substituting I c — 100 pA and, from Table7.A,2, /, = 6 


18 


v be = 0.025 In 


s~ u x 10 A gives, 
100 x 10 _f) 


6 x 10 


18 


= 0.76 V 
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7.A.1 (a) ! or NMOS transistors fabricated in the 0.18-pm technology specified in Table 7.A.1, find the 
range of f D obtained for V ov ranging from 0.2 V to 0.4 V and W/L = 0.1 to 100. Neglect channel- 
length modulation. 


(b) If a similar range of current is required in an npn transistor fabricated in the low-voltage process 
specified in Table 7.A.2, find the corresponding change in its V BE . 


Ans. (as / Q m jn = 0.8 pA and/ Dmax = 3.1 mA for a range of about 4000:1 ;(b) for I c varying over 

a 4000:1 range, AV B£ = 201 mV 



Low-Frequency Small-Signal Models The low-frequency models for the two devices 
are very similar except, of course, for the finite base current (finite p) of the BJT, which 
gives rise to r n in the hybrid-;rmodel and to the unequal emitter and collector currents in the 
j m0( jels (a < I ). Here it is interesting to note that the low-frequency, small-signal models 

become identical if one thinks of the MOSFET as a BJT with p = °o (a = 1). 

For both devices, the hybrid-^ model indicates that the open-circuit voltage gain 
obtained from gate to drain (base to collector) with the source (emitter) grounded is -g m r 0 . 

It follows that g m r„ is the maximum gain available from a single transistor of either type. 
Phis important transistor parameter is given the name intrinsic gain and is denoted A 0 . We 

will have more to say about the intrinsic gain shortly. 

Although not included in the MOSFET low-frequency model shown in Table 7.A.3, the 
body effect can have some implications for the operation of the MOSFET as an amplifier. In 
simple terms, if the body (substrate) is not connected to the source, it can act as a second 
gate for the MOSFET. The voltage signal that develops between the body and the source. 

gives rise to a drain current component where the body transconductance g mb 

is proportional to g m ; that is, g mb - %g m , where the factor X i s ' n ^ ran t e °f 0T t0 0-2. 
The body effect has no counterpart in the BJT. 

The Transconductance For the BJT, the transconductance g„, depends only on the de 
collector current I c . (Recall that V T is a physical constant — 0.025 V at room temperature.) It 
is interesting to observe that g„, does not depend on the geometry ot the BJT, and its depen¬ 
dence on the EBJ area is only through the effect ot the area on the total collector current I c . 
Similarly, the dependence of g m on V BE is only through the tact that 1 BE determines the total 
current in the collector. By contrast, g m ot the MOSFET depends on 7^, Vov* and W/L. 
Therefore, we use three different (but equivalent) formulas to express g m of the MOSFET. 

The first formula given in Table 7.A.3 for the MOSFET's g m is the most directly compa¬ 
rable with the formula for the BJT. It indicates that tor the same operating current, g m of the 
MOSFET is smaller than that of the BJT, This is because K ok /2 is the range ot 0.05 V to 
0.15 V, which is two to six times the corresponding term in the BJT s formula, namely T . 

The second formula for the MOSFET’s g m indicates that for a given device 0-^, 

0 7). g,„ is proportional to V ov , Thus a higher g m is obtained by operating t e _ 

at a higher overdrive voltage. However, we should recall the limitations impose on " 

magnitude of V ol by the limited value of V DD . Put differently, the need to obtain a reasonably 

g m constrains the designer’s interest in reducing V 0Y . . 

The third g m formula shows that for a given transistor (i.e., given W/L), g m is proportiona 

Jl~o- This should be contrasted with the bipolar case, where g m is directly proportiona t t 

Output Resistance The output resistance for both devices is determined by similar for 
mulas, with r a being the ratio of V A to the bias current (l D or 7 C ). Thus, tor bot transistors. 
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r is inversely proportional to the bias current. The difference in nature and magnitude of 

V between the two devices has already been discussed. 

¥ A 17 

Intrinsic Gain The intrinsic gain A 0 of the BJT is the ratio of V A , which is solely a pro* 
cess parameter (5 V to 100 V), and V T , which is a physical parameter (0.025 V at room tem¬ 
perature) Thus A 0 of a BJT is independent of the device junction area and of the operating 
current and its value ranges from 200 V/V to 5000 V/V. The situation in the MOSFET is 
very different: Table 7.A.3 provides three different (but equivalent) formulas for expressing 
the MOSFET’s intrinsic gain. The first formula is the one most directly comparable to that of 
th* RIT Hpre however, we note the following: 


T. The quantity in the denominator is V ov /2, which is a design parameter, and 
although it is becoming smaller in designs using short-channel technologies, it is 
still at least two to four times larger than V T . Furthermore, as we have seen, there 
are reasons for selecting larger values for \ f ov . 

2. The numerator quantity V A is both process- and device-dependent, and its value has 
been steadily decreasing. 


As a result, the intrinsic gain realized in a single MOSFET amplifier stage fabricated in a 
modem short-channel technology is only 20 V/V to 40 V/V, at least an order of magnitude 

lower than that for a BJT. 

The third formula given for A 0 in Table 7.A.3 points out a very interesting fact: Fora 
given process technology ( V A and fJ n C 0X ) and a given device ( W/l\ the intrinsic gain is 
inversely proportional to Jf D . This is illustrated in Fig. 7.A.1, which shows a typical plot of 
A u versus the bias current I D . The plot confirms that the gain increases as the bias current is 
lowered. The gain, however, levels off at very low currents. This is because the MOSFET 
enters the subthreshold region of operation (Section 5.1.9), where it becomes very much like 
a BJT with an exponential current-voltage characteristic, lie intrinsic gain then becomes 
constant, just like that of a BJT. Note, however, that although a higher gain is achieved at 
lower bias currents, the price paid is a lower g m and less ability to drive capacitive loads and 
thus a decrease in bandwidth. This point will be further illustrated shortly. 



--*uiv r 

this is a plot of A = y' Jfjj c WU} 
1F= 20 pm. A V ox D 
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We wish to compare the values of g m , input resistance al the gate (base), r f „ and A 0 for an NMOS tran¬ 
sistor fabricated in the n .25-pm technology specified in Table 7.A.1 and an npn transistor fabricated in 
the low-voltage technology specified in Table 7.A.2. Assume both devices are operating at a drain (collec¬ 
tor) current of 100 pA. For the MOSFET, let L = 0.4 pm and W= 4 pm, and specify the required Vqv‘ 


Solution 

For the NMOS transistor, 


Thus, 


b = 5(A,C„)(l) V °* 


100 = x 267 x A x Vq V 


For the npn iransistor. 


V ov = 0.27 V 


.?"= .|2(^C„)l ~ J/ 0 


= J2 x 267 x 10 x 100 = 0.73 mA/V 


/? = 


oo 


m 


- 


V'aL 


D 


5 x 0.4 
0.1 


- 20 kQ 


A 0 = g m r Q = 0.73 x 20 = 14.6 V/V 


I, 


0.1 mA 


Sm 


V T 0.025 V 


= 4 mA/V 


= 'v = A/g 


100 


m 


4 mA/V 


= 25 kO 


35 


r „ - 


V A 


I c 0.1 mA 


- = 350 kQ 


A n = s r = 4 x 350 = 1400 VN 

Sm o 



7.A.2 For an NMOS transistor fabricated in the 0.5-pm process s P ecl ^ ie n ” mnuA andlmA 
I = 0.5 pm, find the transconductance and the intrinsic gain obtained at f D pA, pA, 

Ans. 0.2 mA/V, 200 V/V; 0.6 mA/V, 62 V/V; 2 mA/V, 20 V/V 
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Hiah-Frequency Operation The simplified high-frequency equ. valent circuits for the 
MOSFET and the BJT are very similar, and so are the formulas tor determining their 
unity-gain frequency (also called transition frequency) f r As we shall demonstrate in 
Chapter 9 f is a measure of the intrinsic bandwidth of the transistor itself and does not take 
into account"the effects of capacitive loads. We address the issue of capacitive loads shortly. 
For the time being, note the striking similarity between the approximate formulas given in 
Table 7. A.3 for the value of/ r of the two devices. In both cases f T is inversely proportional to 
the square of the critical dimension of the device: the channel length for the MOSFET and the 
base width for the BJT. These formulas also clearly indicate that shorter-channel MOSFET* 10 
and narrower-base BJTs are inherently capable of a wider bandwidth of operation. It is also 
important to note that while for the BJT the approximate expression for f T indicates that it is 
entirely process determined, the corresponding expression for the MOSFET shows that J T 
is proportional to the overdrive voltage V or . Thus we have conflicting requirements on V ov \ 
While a higher low-frequency gain is achieved by operating at a low V ov , wider bandwidth 
requires an increase in V ov . Therefore the selection ot a value h n V ov involves, among other 

considerations, a trade-off between gain and bandwidth. 

For npn transistors fabricated in the modem low-voltage process, f T is in the range of 
; < GHz to 20 GHz as compared to the 400 MHz to 600 MHz obtained with the standard high- 
voltage process. In the MOS case, NMOS transistors fabricated in a modern submicron 
technology, such as the 0.18-gm process, achieve f T values in the range of 5 ' I Iz to 15 GHz. 

Before leaving the subject of high-frequency operation, let's look into the effect of a 
capacitive load on the bandwidth of the common-source {common-emitteri amplifier. For 
this purpose we shall assume that the frequencies of interest are much lower than/ r ofthe 
transistor. Hence we shall not take the transistor capacitances into account. Figure 7.A.2(a) 
shows a common-source amplifier with a capacitive load C L . The voltage gain from gate to 
drain can be found as follows: 

K = 



v V gs 1 + sC L r 0 

Thus the gain has, as expected, a low-frequency value of g m r„ - A 0 and a frequency 
response of the single-time-constant (STC) low-pass type with a break (pole) frequency at 



Obviously this pole is formed by r D and C,. A sketch of the magnitude ot gain versus ire 
quency is shown in Fig. 7.A. 2(b). We observe that the gain crosses the 1 1-dB line at frequency 

<y„ 


co t = A 0 to F = {g m r 0 )~— 

_ C,r 0 

'“Although the reason is beyond our capabilities at this stage, f T of MOSFETs that have very short chan¬ 
nels vanes inversely with L rather than with L 2 . 
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(b) 

Figure 7.A.2 Frequency response of a CS amplifier loaded with a capacitance C L and fed with an ideal 
voltage source, it is assumed that the transistor is operating at frequencies much lower than / p and thus the 

internal capacitances are not taken into account. 


Thus, 



(7.A.3} 


That is, the unity-gain frequency or, equivalently, the gain-bandwidth product 11 CO, is 
the ratio of g m and C L , We thus clearly see that for a given capacitive load Q, a larger 
gain-bandwidth product is achieved by operating the MOSFET at a higher g Identical 
analysis and conclusions apply to the case ol the BJT. In each case, bandwidth increases as 

bias current is increased. 

Design Parameters For the BJT there are three design parameters—/ c , V BE , and I s 
(or, equivalently, the area of the emitter-base junction)—and the designer can select 
any two. However, since / ( is exponentially related to V BE and is very sensitive to the 


"The unity-gain frequency and the gain-bandwidth product of an amplifier are the same when the frequency 
response is of the single-pole type; otherwise the two parameters may differ. 
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value of V BE (V BE changes by only 60 mV for a factor of 10 change in I c ), / c is much 
more useful than V BE as a design parameter. As mentioned earlier, the utility ot the EBJ 
area as a design parameter is rather limited because ot the narrow range over which A E 
can vary. It follows that for the BJT there is only one effective design parameter: the 
collector current / c . Finally, note that we have not considered V CE to be a design parameter, 
ctnrp ire effect on Ir is only secondary. Of course, as we learned in Chapter 6, V CE affects the 


output-signal swing. * T , , , 

For the MOSFET there are four design parameters— 1 D , i OVy L, and II —and the 

designer can select any three. For analog circuit applications the trade-off in selecting a 
value for L is between the higher speed of operation < w ider amplifier bandwidth) obtained at 
lower values of L and the higher intrinsic gain obtained at larger values of L , Usually one 

selects an L of about 25% to 50% greater than L m] 

The second design parameter is V ov . We have already made numerous remarks about 

the effect of the value of V ov on performance. Usually, for submicron technologies, V ov is 
selected in the range of 0.1 V to 0.3 V. 

Once values for l and V ov have been selected, the designer is left with the selection 
of the value of l D or W{ or, equivalently, W/L). For a given process and for the selected 
values of L and V or , I D is proportional to W/L. It is important to note that the choice of 
/ or. equivalently, of W/L has no bearing on the value of intrinsic gain A 0 and the tran¬ 
sition frequency f T . However, it affects the value of g m and hence the gain-bandwidth 
product. Figure 7. A.3 illustrates this point by showing how the gain of a common-source 
amplifier operated at a constant V ov varies with I D (or, equivalently, W/L). Note that 
while the dc gain remains unchanged, increasing W/L and, correspondingly, l D , increases the 
bandwidth proportionally. This, however, assumes that the load capacitance \ is not 
affected by the device size, an assumption that may not be entirely justified in some 


cases. 



Figure 7.A.3 Increasing I D or W/L increases the bandwidth of a MOSFET amplifier operated at a constant 
V Qy and loaded by a constant capacitance C,. 
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in this example we investigate the gain and the high-frequency response of an npn transistor and an 
NMOS transistor. For the npn transistor, assume that it is fabricated in the low-voltage process specified 
in Table 7.A.2, and assume that C^-C^. For I c = 10 |iA, 100 pA, and 1 mA, find g m> r 0 , A 0 , C Jt „ 
C ie , CC M , and f T . Also, tor each value of / c , find the gain-bandwidth product / of a common- 
emitter amplifier loaded by a 1-pF capacitance, neglecting the internal capacitances of the transistor. For 
the NMC 'S transistor, assume that it is fabricated in the 0.25-pm CMOS process with L = 0.4 pm. 1 et the 
transistor be operated at V 0Y ~ ' .25 V. Find W/L that is required to obtain I D = 10 pA, 100 pA, and 
1 mA. At each value of I D , find g m , r oy A Qy C gs , C gcjy and f T . Also, for each value of I D , determine 
the gain-bandwidth product /, of a common-source amplifier loaded by a 1-pF capacitance, neglecting the 
internal capacitances of the transistor. 


Solution 


For the npn transistor. 




= 40 I c A/V 



35 

0.025 


= 1400 V/V 


c de = T F g m = 10 x !0~'" x 40/ c 
Cj, — 2Cy e0 = 10 fF 

C K - Cje + C je 





2 ^C„+C M ) 


0.4 x 10" 9 / c F 


r _ rri _ ^_ 

1 2 ffC L 2n x 1 x 10 


We thus obtain the following results: 


/c 

g m (mA /V) 

r a (kO) 

(V/V) 

C d , (fF) Cj' (fF) 

C, (f F) 

C„ (fF) 

f T (GHz) 

/ (MHz) 

10 pA 

0.4 

3500 

1400 

4 10 

14 

5 

3.4 

64 

100 pA 

4 

350 

1400 

40 10 

50 

5 

11.6 

640 

1 mA 

40 

35 

1400 

400 10 

410 

5 

15.3 

6400 


For the NMOS transistor. 



1 W 
= - x 267 x - x 

2 L 


16 
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Example 7.A.3 continued 
Thus, 


II 

0.12 1 D 



Id 

Id 

Sm 

Vov/ 2 

" 0.25/2 


V' a L 

5 x 0.4 

r O = 

Id 

b 

Aq = 

gm r o = 1 

16 V/V 

o 

Oq 

11 

-WLC + C = 

Cgd 

C =0 

^ ot; 

i.6 W 

/r = 

g, 

m 

2 ir(C gs 

+ C gd ) 


Sm 


2kC l 



= 8 i D a/v 


0 

4 -> 


D 


We thus obtain the following results: 


Id 

WiL 

g m (mA/V) 

r Q (kfl) 

^0 (V/V) 

C s , (ff) 

C gd (fF) 

f T (GHz) 

/, (MHz) 

10 pA 

1.2 

0.08 

200 

16 

1.03 

0.29 

9.7 

12.7 

100 pA 

12 

0.8 

20 

16 

10.3 

2.9 

9.7 

127 

1 mA 

120 

8 

2 

16 

103 

29 

9.7 

1270 




7. A. 3 Find I D , g m , r oi A { C gs , C gd , and/ r for an NMOS transistor fabricated in the 1 ).5-pm CMOS 
technology specified in Table 7.A.1, Let L = 0.5 pm, W- 5 pm, and V ov - 0.3 V. 

Ans. 85.5 pA; 0.57 mA/V; 66.7 kH; 38 V/V; 8.3 IT; 2 fF; 8.8 GHz 



7.A.4 Combining MOS and Bipolar Transistors—BiCMOS Circuits 

From the discussion above it should be evident that the BJ r l has the advantage over 
the MOSFET of a much higher transconductance i ) ai the same value ot dc bias eurrei' 1 
Thus, in addition to realizing higher voltage gains per amplifier stage, bipolar transistor 
amplifiers have superior high-frequency performance compared to their MOS counterparts^ 
On the other hand, the practically infinite input resistance at the gate ot a MOSFE 
makes it possible to design amplifiers with extremely high input resistances and an almo. 
zero input bias current. Also, as mentioned earlier the MOSFET provides an excellent 
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implementation ot a switch, a tact that has made CMOS technology capable of realizing a 
host of analog circuit functions that are not possible with bipolar transistors. 

It can thus be seen that each of the two transistor types has its own distinct and unique 
advantages: Bipolar technology has been extremely useful in the design of very-high-quality 
general-purpose circuit building blocks, such as op amps. On the other hand, CMOS, with its 
very high packing density and its suitability tor both digital and analog circuits, has become the 
technology of choice tor the implementation of very-large-scale integrated circuits. Neverthe¬ 
less. the performance ot CMOS circuits can be improved if the designer has available (on the 
same chip) bipolar transistors that can be employed in functions that require their high g,„ and 
excellent current-driving capability. A technology that allows the fabrication of high-quality 
bipolar transistors on the same chip as CMOS circuits is aptly called BiCMOS. At appropriate 
locations throughout this book we present interesting and useful BiCMOS circuit blocks. 

7.A 5 Validity of the Square-Law MOSFET Model 

We conclude this appendix with a comment on the validity of the simple square-law model 
we have been using to describe the operation of the MOS transistor. While this simple 
model works well for devices with relatively long channels (>I pm), it does not provide an 
accurate representation of the operation of short-channel devices, i'his is because a number 
of physical phenomena come into play in these submicron devices, resulting in what are 
called short-channel effects. Although a detailed study of short-channel effects is beyond 
the scope of this book, it should be mentioned that MOSFET models have been developed 
that take these effects into account. However, they are understandably quite complex and do 
not lend themselves to hand analysis of the type needed to develop insight into circuit oper¬ 
ation. Rather, these models are suitable for computer simulation and are indeed used in 
SPICE (Appendix B). For quick, manual analysis, however, we will continue to use the 
square-law model, which is the basis for the comparison ol Table 7.A.3. 


Computer Simulation Problems 


SIM 


Problems identified by this icon are intended to dem¬ 
onstrate the value of using SPICE simulation to verify hand 
analysis and design, and to investigate important issues such 
as allowable signal swing and amplifier nonlinear distortion. 
Instructions to assist in setting up PSpice and Multism simu¬ 
lations for all the indicated problems can be found in the 
corresponding files on the disc. Note that it a particulai 
parameter value is not specified in the problem statement, 
you are to make a reasonable assumption. 

* difficult problem; ** more difficult; *** very challenging 
and/or time-consuming; D: design problem. 


Section 7.2: The Basic Gain Cell 

^■1 Find g m , r K , r Q , and A 0 for the CE amplifier of Fig. 
Tl(b) when operated at / = 10 pA, 100 pA, and 1 mA. Assume 


fd = 100 and remains constant as I is varied, and that 
V =10 V. Present your results in a table. 

7.2 Consider the CE amplifiers of Fig. 7.1(b) for the case of 
/ = 1 mA, /? = 100, and V A = 100 V. Find R in> A vo> and 
R r If it is required to raise R w by a factor of 4 by changing/, 
what value of / is required, assuming that (3 remains 
unchanged? What are the new values of A vo and R 0 ? It the 
amplifier is fed with a signal source having /? sig = 5 kQ and 
is connected to a load of 100-kQ resistance, find the overall 

voltage gain, v 0 /v sig . 

7 2 Find the intrinsic gain of an N MOS transistor fabricated in 
a process for which k' n = 200 pA/V ; and V' = 20 V pm. 
The transistor has a 0.5-pm channel length and is operated at 

ia * ■ I ■ j 


I 


ov 


■mA/V 


mi ist / r. and l¥ be? 
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7 4 An NMOS transistor fabricated in a certain process is 

found to have an intrinsic gain of 80 V/V when operated at an 

/ of 100 pA. Find the intrinsic gain tor I D - 

j d - 400 pA, For each of these currents, find the factor > 

which g m changes from its value at I D - 100 pA. 

D 7.5 Consider an NMOS transistor fabricated in a 0.18-pm 
technology for which k' n - 387 pA/V and \ A - 5 V/prm 
It is required to obtain an intrinsic gain ot 25 V/V and a g m o 
1 mA/V. Using V ov = 0.2 V, find the required values ot L, 

W!L, and the bias current /. 

D 7.6 Sketch the circuit for a current-source-loaded CS 
amplifier that uses a PMOS transistor tor the amplifying 
device. Assume the availability of a single +) .8 -V dc supply. 

If the transistor is operated with \V 0 v\ = 0 3 V ’ vvhat is the 
highest instantaneous voltage allowed at the drain? 

D 7.7 An NMOS transistor is fabricated in the 0.18-pm pro¬ 
cess w'hose parameters are given in Table 7.A.1 on page 554. 
The device has a channel length twice the minimum and is 
operated at V ov - 0.25 V and l D - 10 pA. 

(a) What values of g m , r Q , and/f 0 are obtained? 

(b) If I D is increased to 100 pA. what do V ov , g m , r Q , and 
A 0 become? 

(c) If the device is redesigned with a new value ol W so that it 
operates at V ov = 0.25 V for l D = 100 pA, what do g m , 
r rl ,andv4 () become? 

(d) If the redesigned device in (c) is operated at 10 pA, find 

g m > r 0 , and A 0 . 

(e) Which designs and operating conditions produce the low est 
and highest values of A 0 '? What are these values? In each of 
these two cases, if WIL is held at the same value but L is made 
10 times larger, what gains result? 


D 7.11 The circuit in Fig. 7.3(a) is fabricated in a 0.1 
CMOS technology for which ll»C ox ~ 387 gA/v 2 
H p C ox = 86 pAM V tn = -V (p = 0.5 V, V'„ = 5 V/^ 
|J '' = 6 V/pm, and V DD = 1.8 V. It is required to design the 
circuit to obtain a voltage gain A v - -40 V/V, Use devices of 
equal length L operating at / = 100 pA and | V 0] \ = 0.2 V. 
Determine the required values of V G , L, (W/L),, and 

(W/l) 2 . 


7.12 Figure P7.12 shows an IC MOS amplifier formed by 
cascading two common-source stages. Assuming that 
V An = | V A \ and that the biasing current sources have output 
resistances equal to those of Q\ and Q 2 , find an expression 
for the overall voltage gain in terms of g m and r 0 of £>, and 

02 - 



Figure P7.12 




*7.13 The NMOS transistor in the circuit of Fig. P7.13 has 
V, = 0.5 V, k' n W/L = 2 mA N\ and V A = 20 V. 


D 7,8 Find A 0 for an NMOS transistor fabricated in a 
CMOS process for which k’ n - 200 pA/V 2 and V A -20 V/pm. 
The transistor has a I t.4-pm channel length and is operated with 
an overdrive voltage of 0.25 V. What must W'be for the NMOS 
transistor to operate at I D = 100 pA? Also, find the values of 
g m and r a . Repeat for L = 0.8 pm. 


D 7.9 Using a CMOS technology for which k' n - 200 pA/V : 
and V A - 20 V/pm, design a current-source-loaded CS ampli¬ 
fier for operation at / = 50 pA with V ov - 0.2 V. The ampli¬ 
fier is to have an open-circuit voltage gain of -100 V/V. 
Assume that the current-source load is ideal. Specify L and W/L 


D 7.10 The circuit in Fig. 7.3(a) is fabricated in a process f 
which M„C ox = 2//„Q x = 200 nA/V 2 , V' A „ = | V' 
20 V/jim, V„ = -V tp = 0.5 V, and V DD = 2.5 V. The tv 
transistors have L - 0.5 pm and are to he operated at i D — 1 ( 

pA and j V 0 ,-j = 0.3 V, Find the required values of V, 
( W/L) h ( W/L) 2 , and A,. 


o- 





200 pA 
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Figure P7.13 

(a) Neglecting the dc current in the feedback network and the 
effect of r,„ find V GS . Then find the dc current in the ieedbac 
network and V DS , Verify that you were justified in neg ec 
the current in the feedback network when you found I cS 1 
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(b) Find the small-signal voltage gain, vjv r What is the peak 
of the largest output sinewave signal that is possible while the 
NMOS transistor remains in saturation’? What is the corre¬ 
sponding input signal? 

(c) Find the small-signal input resistance R m . 


q 714 Consider the CMOS amplifier of Fig. 7.4(a) when 
fabricated with a process for which k' n = 2.5 k f p = 250 pA/V 2 , 
|P| =0.6 V r , and I j| = 10 V. Find / ref *md (ft / C)| to 
obtain a voltage gain of -40 V/V and an output resistance of 
100 k£I If Qi and 03 are to be operated at the same overdrive 


7.15 Consider the CMOS amplifier analyzed in Example 
7,3. If v, consists of a dc bias component on which is super¬ 
imposed a sinusoidal signal, find the value of the dc component 
that will result in the maximum possible signal swing at the 
output with almost-Iinear operation. What is the amplitude of 
the output sinusoid resulting? (Note: In practice, the amplifier 
would have a feedback circuit that causes it to operate at a point 
near the middle of its linear region.) 


7.16 1 he power supply of the CMOS amplifier analyzed in 
Example 7.3 is increased to 5 V. What will the extent of the lin¬ 
ear region at the output become? 

'7.17 Consider the circuit shown in Fig. 7.4(a), using a 3.3-V 
supply and transistors for which |F,j = 0.8V and L - 
1 pm. For Q r k' = 100 |lA/V 2 V A = 100 V, and W = 
20 pm. For tT and Q v k' } = 50 jiA/V" and | V A \ = 50 V. For 
Q 2 , W -40 pm. For W= 10 pm, 

(a) If is to be biased at 100 pA, find / REF . For simplic¬ 
ity, ignore the effect of V A . 

(b) What are the extreme values of v 0 for which Q x and Q 2 
just remain in saturation? 

(c) What is the large-signal voltage gain? 

(d) Find the slope of the transfer characteristic at v a = 

I ' dd^ 2 . 

(e) For operation as a small-signal amplifier around a bias 
point at v 0 - V DD /2, find the small-signal voltage gain and 
output resistance. 


'•■o me MUirtras in me circuit oi rig. 


Jli I r ■ V ' 


am 


matched, having k' t (W/L) { — k p (W/L ) 2 = 1 mA/V“ 

4,| = 0.5 V, The resistance R = 1 MQ. 

(a) For G and D open, what are the drain currents I D \ 

and / 02 ? 

(b) For r 0 - <*> t what is the voltage gain of the amplifier 
trom G to D? [Hint: Replace the transistors with their small- 
signal models.] 

< CI For finite r 0 ( \V A \ = 20 V), what is the voltage gain from 
*•' 10 D and the input resistance at G? 


(d) It G is driven (through a large coupling capacitor) from 

a source t/ sig having a resistance of 100 kU. find the voltage 

gain vj/v sig . 

(e) i -or what range of output signals do Q i and Q z remain in the 
saturation region? 


+ 1.5 V 

i 
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ipi Q 


R 

AAAr 


D 


'U Q 


t 

-1.5 V 


Figure P7.18 


7.19 1 ransistor in the circuit of Fig. P7.19 is operating as a 
CE amplifier with an active load provided by nransistor Q : , 
which is the output transistor in a current mirror formed by Q : 
and Q y (Note that the biasing arrangement for Q { is not 
shown.) 



Figure 


a) Neglecting the finite base currents of Q 2 and Q 2 and 
.ssuming that their V BE — 0.7 V and that Q 2 has five 

imes the area of Q v find the value ol /. 

b) If Q t and Q 2 are specified to have | V A \ = 50 V, find r ol 
md r 0 2 and hence the total resistance at the collector ot Q v 

c) Find i <dnd Sm\ assuming that f$ x = 50. 
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D 7.20 It is required to design the CMOS amplifier o ig. 
7 . 4 (a) utilizing a 0.18-|im process for which A„ - 3 8 / P- * • 

k' = 86 pAA/% V,„ = -V tp = 0.5 V, V m - 1.8 > 

V' = 5 V/pm, and V' = -6 V/pm. The output voltage must 
be able to swing to within approximately 0.2 V of the power- 
supply rails (i.e., from 0.2 V to 1 .6 V) and the voltage gam must 
be at least 10 V/V. Design for a dc bias current of 50 pA, and 
use devices with the same channel length. If the channel length 
is an integer multiple of the minimum 0.18 pm, what channel 
length is "needed and what WIL ratios are required'.’ It it is 
required to raise the gam by a factor of 2 , what channel length 
would be required, and by what factor does the total gate area 

of the circuit increase? 


Section 7.3: The Cascode Amplifier 

D 7.21 In a MOS cascode amplifier, the cascode transistor is 
required to raise the output resistance by a factor of 40. If the 
transistor is operated at 1 r 0 r = 0.2 V, what must its P A be? If 
the process technology specifies \'* A as 5 V/pm, what channel 
length must the transistor have? 


D 7.22 For a cascode current source such as that in Fig. 7.10, 
show that if the two transistors are identical, the current / sup¬ 


plied by the current source and the output resistance R 0 are 
related by IR,, - 2\V A \ 2 /\V oy \. Now consider the case of 
transistors that have \V A \ = 4 V and are operated at | V ov \ of 
0.2 V. Also, let fi p C ox = 100 pA/V ; . Find the WIL ratios 
required and the output resistance realized for the two cases: (a) 
/ = 0.1 mA and (b) I - 0.5 mA. Assume that V SD for the two 
devices is the minimum required (i.e., | ), 


D *7.23 For a cascode current source, such as that in Fig. 
7 . 10 , show that if the two transistors are identical, the current / 


supplied by the current source and the output resistance R m 
related by , 

2\K 1,2 


IK = 


VoA 



slow consider the case of a 0.18-pm technology for ... 
y* = 5 V/pm and let the transistors be operated at 
V ov \ = 0.2 V. Find the figure-of-merit IR t for the three 
;ases of L equal to the minimum channel length, twice the rain, 
mum, and three times the minimum. Complete the entnes of 
he table at the bottom of the page. Give W 7L and the area 2 Wi 
n terms of n. In the table, A denotes the gain obtained in acas- 
;ode amplifier such as that in Fig. 7.11 that utilizes our cunent 
;ource as load and which has the same values of g m and R o as 


( a) For each current value, what is price paid for the increase in 
R and A obtained as L is increased? 

O V 

(b) For each value of L, what advantage is obtained as /is 
increased, and what is the price paid ? 

(c ) Contrast the performance obtained from the circuit with the 
largest area with that obtained from the circuit with the smallest 
area. 


D 7.24 Design the cascode amplifier of Fig. 7.9(a) to obtain 
p , = 1 mA/V and R - 400 kQ. Use a 0.18-pm technol- 

om| o 1 

ogy for which V tn - 0.5 V, V' A = 5 V/pm and k' n = 400 
p.A/V\ Determine L, WIL, V G2 , and /. Use identical transistors 
operated at V ov - 0.2 V, and design for the maximum possi¬ 
ble negative signal swing at the output. What is the value of the 
minimum permitted output voltage? 

7.25 The cascode amplifier of Fig. 7.11 is operated at a cur¬ 
rent of 0.1 mA with all devices operating at | V 0( \ = 0.25 V. 


L= L mjn = 0.18 pm L = 2L min = 0.36 pm L = U mm - 0.54 pm 

IR 0 = V IR a = V IR 0 = v 



9 m 

(mA/V) 

«o 

(kQ) 

K 

(V/V) 

ZWL 

(pm 2 ) 

9 m 

(mA/V) 

(kU) 

(V/V) 

2WL 

(pm ) 

9m 

(mA/V) 

(kO > 

A 

(V/V) 

2 m 

. 2, 

(P m ) 

/ = 0.01 mA 

W/L = n 

1 












1 = 0.1 mA 

W!L = 













/* 1.0 mA 

WIL = 
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A j| devices have \V A \ = 4 V. Find g ml , the output 
resistance of the amplifier, R on , the output resistance of the 
current source, R op , the overall output resistance, R a , and 
foe voltage gain, A v . 


D 7.26 Design the CMOS cascode amplifier in Fig. 7.1 1 for 
foe following specifications: g m] - 2 mA/V and 
j = -200 V/V. Assume that for the available fabrication 
process, V' A | = 5 V/pm for both NMOS and PMOS devices 
and that fi n C 0X = 4 ji p C 0X = 400 pA/V 2 . Use the same 
channel length L for all devices and operate all four devices at 
I V J = 0.2 V. Determine the required channel length L, the 

Jr 1 

bias current /. and the WIL ratio for each of four transistors. 
Assume that suitable bias voltages have been chosen, and 
neglect the Early effect in determining the WIL ratios. 


D 7.27 Design the circuit of Fig. 7.10 to provide an output 
current of 100 pA. Use V DD = 3.3 V, and assume the PMOS 
transistors to have fi p C ox = 60 pA/V~, V tp = -0.8 V, and 
| y \ = 5 V. The current source is to have the widest possible 

i /l | 

signal swing at its output. Design for V ov - 0.2 V, and spec¬ 
ify the values of the transistor WIL ratios and of r c3 and V G4 . 
What is the highest allowable v oltage at the output? What is the 

value of RJ 


7.28 The cascode transistor can be thought of as providing a 
“shield" for the input transistor from the voltage variations at the 
output. To quantify this “shielding" property' of the cascode, 
consider the situation in Fig. P7.28. Here we have grounded the 
input terminal (i.e., reduced v t to zero), applied a small change v x 
to the output node, and denoted the voltage change that results at 
the drain of Q , by v y . By what factor is v smaller than v?. 


I-°— 

I [^02 

O-O v s 


Figure P7.28 

*7.29 In this problem we investigate whether, as an alterna¬ 
tive to cascoding, we can simply increase the channel length L 
of the CS MOSFET. Specifically, we wish to compare the two 
circuits shown in Fig. P7 .29(b) and (c). The circuit in Fig. 
P7.29(b) is a CS amplifier in which the channel length has 
teen quadrupled relative to that of the original CS amplifier 
in Fig. P7.29(a) while the drain bias current has been 
tept constant. 





Figure P7.29 

(a) Show that for this circuit V ov is double that of the origi¬ 
nal circuit, g rn is half that of the original circuit, and A 0 is 
double that of the original circuit. 

(b) Compare these values to those of the cascode circuit in 
Fig. P7.29(c), which is operating at the same bias current 
and has the same minimum voltage requirement at the drain 
as in the circuit of Fig. P7.29(b). 


'.30 Consider the cascode amplifier of Fig. 7.11 with the dc 
omponent at the input Vj — 0.8 V, V G2 — 1.2 V, 
' C3 = 1.3 V, V G4 = 1.7 V, and V DD = 2.5 V. If ail 

evices are matched, that is k fA = k lt2 = k pi = k pA , and 
ave equal | V,\ of 0.5 V, what is the overdrive voltage at 
vhich the four transistors are operating? What is the allowable 




7.31 Figure P7.31 shows a C’G transistor fed with a signal 
source (v . R 4 ) and loaded with a resistance R L . 


(a) Find R in . 

(b) Noting that the current through R, is equal to the input cur¬ 
rent i , find an expression for the overall voltage gain V o //l sig* 

(c) Determine the values of R m and v 0 /u sig tor the case of 
R. = r = 10 kQ, = 20, and R sie = 1 kH. 

L ^ 
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v. 


Slg 


Figure P7.3T 

7.32 The CG transistor in Fig. P7.31 can be replaced^by an 
equivalent circuit consisting of a control led-source G m* sig 
and an output resistance R 0 , as shown in Fig. P7.32. Here 
G m is the short-circuit transconductance. Its value can be 
determined by short-circuiting d to ground, finding the value 
of i, and dividing it by y sig . The value ot R 0 is that of a C G 
transistor with a resistance R slg in its source (Refer to Fig. 
7.13). 



(a) Find expressions for G m and R 0 , 

(b) For the case R L = r 0 - 10 k£2, g m r 0 ~ 20, and 
R sig = 1 k£ 2 , find G m , R ot and v 0 /v sig . 



-o 



Figure P7.32 


SIM 


7.33 A CMOS cascode amplifier has identical C'S and 


CG transistors that have WIL = 5.4 pm/0.36 pm and biased at 
/ = 0.2 mA. The fabrication process has p tJ C u = 4. 
M p C 0 x = 400 fiA/V 2 , and V‘ A = 5 V/pm. At what value of R L 
does the gain become -100 V/V? What is the voltage gain of 
the common-source stage? 


7.34 The purpose of this problem is to investigate the signal 
currents and voltages at various points throughout a cascode 
amplifier circuit. Knowledge of this signal distnbution is very 
useful in designing the circuit so as to allow for the required 
signal swings. Figure P7.34 shows a CMOS cascode amplifier 


with all dc voltages replaced with signal grounds. As well, we 
have explicitly shown the resistance r 0 of each of the fourty, 
sistors. For simplicity, we are assuming that the four transistors 
have the same g m and r Q . The amplifier is fed with a 
signal v r 

(a) Determine /?„ R v and R r 

(b) Determine i 2 , h> U* h> and * 7 , all in terms 

of . 

c) Determine v,, w 2 » and u 3 , all in terms of v ( . 

(d) If v t is a 5 -mV peak sine wave and g m r Q ~ 20, sketch 
and clearly label the waveforms of v lt v 2 , and u 3 . 



*i 


o 

+ 








Figure P7.34 


Problems 575 



7.35 Figure P7.35 shows a C’S amplifier with a resistance R s 
m the source lead and with the drain short-circuited to ground. 
Determine the short-circuit transconductance G nr Hence pro¬ 
vide the output equivalent circuit of the source-degenerated CS 
amplifier, and show that the open-circuit voltage gain 

Ko ' 


\ 


O 


■© 



R 


Figure P7.35 

7.36 A CS amplifier operating with a g m of 2 rtiA/V and 
having r u = 20 kC2 has a 2-kC2 resistance R s connected in 
its source lead. Find the output resistance R t ,. Recalling that 
the open-circuit voltage gain remains unchanged at A 0 , find 
the gain obtained with/?, = 100 ki 2 . 

D 7.37 Design the double-cascode current source shown in 
Fig. P7.37 to provide/ = 0.1 mA and the largest possible signal 
swing at the output; that is, design for the minimum allowable 
voltage across each transistor. The 0.18-ftm CMOS fabrication 
process available has V, = -0.5 V, I ", = -6 V/pm, and 
M p C 0X = 100 pA/V“. Use devices with L = 0.5 pm, and oper¬ 
ate at \V m \ = 0.2 V. Specify V Gh V G2 , V G3 , and the WIL 
ratios of the transistors. What is the value of R a achieved? 

7.38 Figure P7.38 shows a folded-cascode CMOS amplifier 
utilizing a simple current source Q 2 , supplying a current 2 /. 
and a cascaded current-source (£ 7 4 , ( 7 .; ) supplying a current /. 
Assume, for simplicity, that all transistors have equal parame¬ 
ters g m and r ti . 

(a) Give approximate expressions for all the resistances 

indicated. 

(hi Find the amplifier output resistance R t> . 

(c) Show' that the short-circuit transconductance G m is 

approximately equal to g m ,. 

(d) Find the overall voltage gain t» 0 /v ( and evaluate its 
v alue tor the case g m] = 2 mA/V and A 0 = 20. 

^-39 A cascode current source formed of two pnp transis¬ 
tors tor which /? = 50 and V A = 5 V supplies a current of 
R5 mA. What is the output resistance? 


^dd ~ 1.8V 


V 


G 1 O 


Q 


v, 


G 2 O 


Qi 


v, 


G3 O- 


\ r & 

L_ 


R 


n 


1 


Figure P7.37 


DO 



Figure P7.38 

7.40 Use Eq. (7.45) to show that for a BJT cascode current 
source utilizing identical pnp transistors and supplying a cur¬ 
rent /, 


//? = 


V 


A 
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Evaluate the figure-of-merit / R a for the case 
0= 50. Now find R 0 for the cases of / 

1.0 mA. 


V 


A 


= 5 V and 


= 0.1, 0.5, and 


7.41 Consider the BJT cascode amplifier of Fig. 7.19 tor the 
case all transistors have equal 0 and r 0 . Show that the voltage 
gain A can be expressed in the form 

i \y^y T 

Av ~ 2 (V T /\V A \) + 


Evaluate A v for the case | V A \ = 5 Vand/? = 50 Note that 
except for the fact that 0 depends on / as a second-order effect, 
the gain is independent of the bias current /! 

7.42 A bipolar cascode amplifier has a current-source load 
with an output resistance 0r o . Let 0 = 100, | V A \ - 100 V, 
and 7=0.1 mA. Find the voltage gain A v . 


7.43 Find the value of the resistance R e , which, when con¬ 
nected in the emitter lead of a CE BJT amplifier, raises the out¬ 
put resistance by a factor of (a) 5, (b) 10, and (c 150. What is the 
maximum possible factor by which the output resistance can be 
raised, and at what value of R e is it achieved? Assume the BJT 
has 0 = 100 and is biased at I c - 0,5 mA. 

*7.44 Consider the CE amplifier with an emitter* 
degeneration resistance 7? t> , shown in Fig. P7,44(a). It is 
required to represent the output circuit of the amplifier with the 
equivalent circuit shown in Fig. P7.44(b). Here A vo is the 
open-circuit voltage gain [v g /v,] R = and R 0 is the output 
resistance (given by Eq. 7.50). Replace the BJT with its hybrid- 
K model, set R L ~ 00 (i.e., open-circuit the collector), and 

show that 



Sm^o 


i - Vft-,, 

I + R/r n 


Now, use this result to find the overall short-circuit transcon- 
ductanee G m (see Fig. P7.44c) and show' that 



State clearly all the approximations you made to arrive at this 
expression for G m . 

For a BJT with 0 - 100 and r o = 100 k£2 biased at 
I c - 0.2 mA and having a resistance R t , = 250 Q in its 
emitter, find R 0 , A vo , and G m . Also calculate the voltage 
gain A obtained with R , = 10 k Q. 


D 7.4 5 Figure P7.45 shows tour possible realizations of th 
folded cascode amplifier. Assume that the BJTs hav 
0 - 100 and that both the BJTs and the MOSFETs hav 
| V A \ = 5 V. Let / = 100 pA, and assume that the MOSFET 
are operating at V 0 J = 0.2 V. Assume the current source 


- 0 -£ 

* 


(a) 

K 



(b) 


■#- OV 0 

% Ri 


Figure P7.44 

are ideal. For each circuit determine, R in , R 0 > ^ G°' 
Comment on your results. 

Section 7.4: IC Biasing—Current Sources, Cur 
rent Mirrors, and Current-Steering Circuits 

D 7.46 For V DD = 1.8 V and using / REF = 1°° ^ A ’ 
required to design the circuit of Fig. 7.22 to obtain an o# 
current whose nominal value is 100 pA. Find R if Q\ ^ ■ 
are matched with channel lengths ot 0.5 pm, channel 
4 nm. V, = 0.5 V, and k’ = 400 u AW 2 . What is (he ** 

possible value of V 0 1 Assuming that tor this process tec 
ogy the Early voltage V A — 10 V/pm, find the output 
tance of the current source. Also, find the change in 
current resulting from a +0.5-V change in 

D 7.47 Using V DD = 1.8 V and a pair "f "gj !jj 

I ETs, design the current-source circuit ot rig. 
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Figure P7.45 


an output current of 200-pA nominal value. To simplify mat¬ 
ters, assume that the nominal value of the output current is 
obtained at V 0 — V vs . It is further required that the circuit 
operate for i' 0 in the range of 0.2 V to V DD and that the change 
m 7 0 over this range be limited to 5% of the nominal value of /„. 
Find the required value of R and the device dimensions. For the 
fabrication-process technology utilized, fi„C ox - 400 pA/V*, 
FJ = 10 V/pm, and F, = 0.5 V. 


7.48 Sketch the/^-channel counteipart of the current-source 
circuit ot Fig. 7.22. Note that while the circuit of Fig. 7.22 
should more appropriately be called a current sink, the corre- 
1 ling PMOS circuit is a current source. Let V DD = 1,8 V, 
IM = 0.5 V, Q l and Q 2 be matched, and fJ p C ox = 100 pA/V : , 
Find the device W/L ratios and the value of the resistor that sets 
the value of / RFF .- so that a nominally 80-pA output current is 
obtained. The current source is required to operate for V 0 as 
high as 1.6 V. Neglect channel-length modulation. 


an two transistors having equal channel lengths uu. 
having a width five times that of Q v If / REF is 20 pA anc 
transistors ;ire operating at an overdrive voltage ot 0.2 V, 



7 t , results? What is the minimum allowable value of V a for 
proper operation of the current source? If I ] ~ 0.5 V, at what 
value of V () will the nominal value of /,, be obtained? If V (1 
increases by 1 V. what is the corresponding increase in /,,? Let 
V 4 = 20 V. 

7,50 For the current-steering circuit of Fig. P7.50, find /,, in 
terms of / REF and device WiL ratios. 


A 



VJ' 


Figure P7.50 
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D 7.51 The cunent-steering circuit ot Fig. P7-51 is fabricated 

in a CMOS technology for which p„C 0X = 200 ^ ’ 

uC = 80>iA/V 2 , V,„ = 0.6 V, V, p = -0.6 V, V A ,-lOV/ 

pk Und I v; p I = 12 V/nm. If all devices have i = M M«. 

design the circuit so that 2 I 1 ; 

/, = /.= 20 (tA. and A = 50 gA. Use the min.mum possi- 

ble device widths needed to achieve proper operation ot the 

current source Q , for voltages at its drain as high as +1.3 V 

and proper operation of the current sink Q s with voltages at its 

drain as low as -1.3 V. Specify the widths of all devices and the 

value of R. Find the output resistance of the current source Q 2 

and the output resistance ot the current sink Q y 


+ 1.5 V 

i 


Qx 


l 


REF 


I 


R 



ii 

T_ 

Qi 


Y ‘ 



ra 


A 


T T 

-1.5 V 


Figure P7.51 


*7.52 A PMOS current mirror consists of three PMOS tran¬ 
sistors, one diode connected and two used as cunent outputs. 
All transistors have | V,\ = 0.6 V, k' p = 100 pA/V : , and L — 
1.0 pm but three different widths, namely, 10 pm, 20 pm, and 
40 pm. When the diode-connected transistor is supplied from a 
100-pA source, how many different output currents are avail¬ 
able? Repeat with two of the transistors diode connected 
and the third used to provide current output. For each possible 
input-diode combination, give the values of the output currents 
and of the Ksg that results. 


7.53 Although thus far we have focused only on their appli¬ 
cation in dc biasing, current mirrors can also be used as signal- 
current amplifiers. One such application is illustrated in Pig. 
P7.53. Here Q , is a common-source amplifier fed with 
i>] = 1 'gs + v , ’ where V Gs is the gate-to-source dc bias voltage 
of Q x and v, is a small signal to be amplified. Find the signal 
component of the output voltage v 0 and hence the small-signal 
voltage gain v 0 /v s . For this purpose, you may neglect all r’s. 
Also, find the small-signal resistance of the diode-connected 
transistor Q : in terms of g m2 and r oV and hence the total 


Vdd 

i 



Figure P7.53 

resistance between the drain of Q, and ground. What is the volt¬ 
age gain of the CS amplifier Q{! 


7.54 Consider the basic bipolar current mirror of Fig. 7.28 
for the case in which Q x and Q 2 are identical devices having 
I s = 10' 16 A. 

(a) Assuming the transistor (3 is very high, find the range of 
V BE and I 0 corresponding to / REF increasing from 10 pA to 
10 mA. Assume that Q 2 remains in the active mode, and 
neglect the Early effect. 

(b) Find the range of l Q corresponding to / REF in the range 
of 10 pA to 10 mA, taking into account the finite /?. Assume 
that /?remains constant at 100 over the current range 0.1 mA 
to 5 mA but that at — In pA and at I c — 10 mA, /?= 50. 
Specify I 0 corresponding to / REF = 10 pA, 0.1 mA, 1 mA, 
and 10 mA. Note that /? variation with current causes the 
current transfer ratio to vary with current. 

7.55 Consider the basic BJT current mirror ot Fig. 7.28 for 
the case in which Q-, has m times the area of Q t . Show that the 
current transfer ratio is given by Eq. (7.69). If is specified to 
be a minimum of 50, what is the largest current transfer ratio 
possible if the error introduced by the finite is limited to 
10 %? 


7.56 Give the circuit for the pnp version ot the basic cunent 
mirror of Fig. 7.28. If /?of the pnp transistor is 20, what is the 
current gain (or transfer ratio) I 0 /1 RFF lor the case of identic 
transistors, neglecting the Early effect? 


7.57 Consider the basic BJT current mirror of Fig. 7.28 when 
Q y and (J are matched and /ref = ^ m A. Neglecting ^ i 
effect of finite /?, find the change in / 0 , both as an absolute w a 
and as a percentage, corresponding to V Q changing from I 
10 V. The Early voltage is 90 V. 


.58 The current-source circuit ot Fig. P7.5S utilizes a 

latched pnp transistors having l s ~ 10 A, p- ’ 

= 50 V. It is required to design the circuit to pro" 1 

_ - a « r ii i MiliiPC Cl 1 lQ H 
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and R are needed? Wliat is the maximum allowed value of V 0 
while the current source continues to operate properly? What 
change occurs in l 0 corresponding to V 0 changing from the 
maximum positive value to -5 V? 


Vcc"" ^ V 



Figure P7.58 

7.59 Find the voltages at all nodes and the currents through 
all branches in the circuit of Fig. P7.59. Assume | ^be I - 
0.7 V and /? = <». 


9 iuw rui uic circim 


# - * r Bt T 

P - 00 • Find /, V v V„ K,, V 4 , and V 5 for (a) R = 10 kQ and (b) 
R= 100 kQ. 




+ 3.7 V 



- 5.7 V 


Figure P7.60 










-10 V 

Figure P7.59 


3.6 kO 
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D 7.61 Using the ideas embodied in Fig. 7.31, design a 
multiple-mirror circuit using power supplies of ±5 V to create 
source currents of 0.2 mA, 0.4 raA, and 0.8 mA and sink 
currents of 0.5 mA, 1 mA. and 2 mA. Assume that the BJls 
have \V BE \ = 0.7 V and large ft What is the total power dissi¬ 
pated in your circuit? 

* 7,62 Figure P7.62 show's a curTent-mirror circuit prepared 
for small-signal analysis. Replace the BJTs with their hybrid- X 
models and find expressions for R ia and i 0 /i h where i 0 is 
the output short-circuit current. Assume r 0 t n . 



what value of V 0 is l 0 equal to / REF ? What does \ Q become 
at V 0 = 5 V? 


Section 7.5: Current-Mirror Circuits with 

Improved Performance 


I SIM 


7.65 


In a particular cascoded current minor. 


as 


that shown in Fig. 7.32, all transistors have V t = 0.6 V, 

p n C 0X = 160 ^A/V 2 , L = 1 ^ m ’ V a = 10 V. Width 
W A - 4 pm, and W 2 - = 40 pm. The reference 


current / REF is 20 pA. What output current results? What are the 


voltages at the gates of Q 2 and Qft What is the lowest voltage at 
the output for which current-source operation is possible? What 
are the values of g m and r o of Q 2 and Qft W r hat is the output 
resistance of the mirror? 


7.66 Find the output resistance of the double-cascode current 
mirror of Fig. P7.66. 


i 



7.63 For the constant-current source circuit shown in 
Fig. P7.63, find the collector current / and the output resis¬ 
tance. The BJT is specified to have ft = 100 and V A - 100 V. If 
the collector voltage undergoes a change of 10 V while the BJT 
remains in the active mode, what is the corresponding change 
in collector current? 


I 






Figure P7.63 


7.64 For the MOS cascode current mirror of Fig. 7.32 with 
V t - 0.5 V, k n = 4 mA/V\ V A - 10 V, and / REF = 100 pA, 
find R (J and the minimum allowable voltage at the output. At 


Figure P7.66 

7.67 For the base-current-compensated mirror ol Fig. 7.3, 
let the three transistors be matched and specified to have a col 
lector current of 1 mA at V BE - 0.7 V. For l REf of 100 pA 
assuming ft = 200, what will the voltage at node x be? If^ ’■ 
increased to 1 mA, what is the change in Vft What is the value 
of I n obtained with V Q - V x in both cases? Give the percent 

age difference between the actual and ideal value of I ff 1 
the lowest voltage at the output for which proper current si w 

operation is maintained? 

D 7.68 Extend the current-mirror circuit ot Fig. 733 1 
outputs. What is the resulting current nanster ratio * rorn 
input to each output, V^? If the deviation from uni ty 
kept at 0.1 % or less, what is the maximum possible num 
outputs for BJTs with ft- 100 ? 
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*7.69 For the base-current-compensated mirror of Fig. 7.33, 
show that the incremental input resistance (seen by the refer¬ 
ence current source) is approximately 2 F r // REF . Evaluate R in for 
/ - 100 pA. I Hint: Q } is operating at a current I B - 2I c /ft f 

where / ( is the operating current of each of Q, and Q r Replace 
each transistor with its T model and neglect r 0 .] 

7.70 Consider the Wilson current-mirror circuit of 
Fig 7.34 when supplied with a reference current / REF of 1 mA. 
What is the change in 1 0 corresponding to a change of 
+10 V in the voltage at the collector of Qft Give both the 
absolute value and the percentage change. Let ft - 100 and 
V. = 100 V. 

D *7.71 (a) The circuit in Fig. P7.71 is a modified version 
of the Wilson current mirror. Here the output transistor is 
“split” into two matched transistors, and Q r Find l ol and 
/ in terms of / REP Assume all transistors to be matched 
with current gain ft. 

ib) Use this idea to design a circuit that generates currents ol 
0.1 mA, 0.2 mA, and 0.4 mA, using a reference current 
source ot 0.7 mA. What are the actual values of the currents 
generated for ft - 50? 


1 



T 

— ^EE 

Figure P7.71 

D 7.72 Use the pnp version of the Wilson current mirror 
to design a 0.2-mA current source. The current source is 
required to operate with the voltage at its output terminal as low 
as -2.5 V. If the power supplies available are ±2.5 V. what is 
the highest voltage possible al the output terminal? 

7.73 For the Wilson current mirror of F ig. 7.34, show that 
the incremental input resistance seen by / RB is approximately 


2 Jt^ref- (Neglect the Early effect in tins derivation.) Evaluate 
R , n for / REF = 100 pA. 

*7.74 Consider the Wilson MOS mirror of Fig. 7.35(a) for 
the case of all transistors identical, with W/L - 12.5, 

AnQ. r = 400 pA V% and V A — 20 V. The mirror is fed 
with / REF = 100 pA. 

ia) Obtain an estimate ot V ov and V GS at which the three 
transistors are operating, by neglecting the Early effect. 

(b) Noting that (7| and Q 2 are operating at different F /)V . 
obtain an approximate value for the difference in their cur¬ 
rents and hence determine I 0 . 

(c) To eliminate the systematic error between I 0 and / REF 
caused by the deference in V DS between 0| and a 
diode-connected transistor Q A can be added to the circuit as 
shown in Fig. 7.35(c), What do you estimate I,, now to be. 1 

(d) What is the minimum allowable voltage at the output 
node of the mirror? 

(e) Convince yourself that Q A will have no effect on the 
output resistance of the mirror. Find R n . 

(f) What is the change in /,, (both absolute value and percent¬ 
age) that results from A F ( ) = IV? 

7.75 Show that the input resistance (seen by / REF ) for the 
Wilson MOS rnirTor of Fig. 7.35(a) is given by 2/,g m . 
Assume that all three transistors are identical and neglect the 
Early effect. [Hint: Replace all transistors by their T model 
and remember that Q { is equivalent to a resistance 1 /g m .] 

D 7.76 (a) Utilizing a reference current of 100 pA, design 
a Widlar current source to provide an output current of 1( 1 pA. 
Let the BJTs have v Bt - 0.8 V at 1-mA current, and assume ft 
to be high. 

(b) If ft - 200 and Y\ - 50 V, find the value of the output resis¬ 
tance, and find the change in output current corresponding to 
a 5-V change in output voltage. 

D 7.77 Design three Widlar current sources, each having a 
100-pA reference current: one with a current transfer ratio 
of 0.9. one with a ratio of 0.10. and one w ith a ratio of 0.01. 
all assuming high ft. For each, find the output resistance, and 
contrast it with r of the basic unity-ratio source for which 

L* 1 

R i - 0. Use ft = <*> and V A - 50 V, 

7.78 The BJT in the circuit of Fig. P7.78 has V BE = 0.7 V. 
ft - 100, and V, = 50 V. Find R 0 . 

D 7.79 (a) For the circuit in Fig. P7.79, assume BJTs with 
high /f and v„ E = 0.8 V at 1 mA. Find the value of R (hat will 

result in I 0 — 10 pA. 

(b) For the design in (a), find R u assuming ft = 100 and V A = 50 V. 

D *7.80 If the pnp transistor in the circuit of Fig. P7.80 is 
characterized by its exponential relationship with a scale current 
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D 7.51 The current-steering circuit ot Fig, P 5 is a 

in a CMOS technology for which p„C ox - ' 

ft p C„ = 80 \lW 2 , v„ = 0.6 V, v v - -0.6 V, 

^ and }K! P | - '2 V/|im. If all devices have £ = 08 dm. 

design the circuit so that /ref"- 0 2 , 

/, = /, = 20 |1A. and /, = 50 nA. Use the minimum possi¬ 
ble device widths needed to achieve proper operation ot the 
current source Q 2 for voltages at its drain as high as +1.3 
and proper operation of the current sink Q, with voltages at its 
drain as low as -1.3 V. Specify the widths of all devices and the 
value of R. Find the output resistance oi the current source (A 
and the output resistance of the current sink Q y 


V. 


+ 1.5 V 





Is 


T T 

-1.5 V 


Figure P7.51 


‘7.52 A PMOS current mirror consists of three PM )S tran¬ 
sistors, one diode connected and two used as current outputs. 
All transistors have | V,\ = 0.6 V, k' p = i ,M pA/V\ and L - 
\ .0 pm but three different widths, namely, 10 pm, 20 pm, and 
40 pm. When the diode-connected transistor is supplied from a 
100-pA source, how many different output currents are avail¬ 
able? Repeat with two of the transistors diode connected 
and the third used to provide current output. For each possible 
input-diode combination, give the values of the output currents 
and of the V SG that results. 

7.53 Although thus far we have focused only on their appli¬ 
cation in dc biasing, current mirrors can also be used as signal- 
current amplifiers. One such application is illustrated in Fig. 
P7.53. Here Q ] is a common-source amplifier fed with 
v f ~ VGS + v t , where V GS is the gate-to-source dc bias voltage 
of Q ] and v, is a small signal to be amplified. Find the signal 
component of the output voltage v 0 and hence the small-signal 
voltage gain v 0 /v, . For this purpose, you may neglect all r ’s. 
Also, find the small-signal resistance of the diode-connected 
transistor Q 2 in terms of g m2 and r oV and hence the total 


DD 

i 


w, 

i- 

T 




LU 


Vi 



& 


O Vn 


Rl 


Figure P7.53 

resistance between the drain of Q t and ground. W iiat is the volt¬ 
age gain of the CS amplifier Q x ? 

7.54 Consider the basic bipolar current mirror of Fig. 7.28 
for the case in which Q x and Q 2 are identical devices having 
I s = 10" 16 A. 

(a) Assuming the transistor fi is very high, find the range of 
V Bl and corresponding to / REF increasing from lOgAto 
10 mA. Assume that Q 2 remains in the active mode, and 
neglect the Early effect. 

(b) Find the range of I 0 corresponding to / REF in the range 
of 10 pA to 10 mA, taking into account the finite fi Assume 
that remains constant at 100 over the current range 0.1 mA 
to 5 mA but that at = 10 pA and at I c — 10 mA, fi- 50. 
Specify /„ corresponding to / REF = 10 pA, 0.1 mA, 1 mA, 
and 10 mA. Note that fi variation with current causes the 
current transfer ratio to vary with current. 

7.55 Consider the basic BJT current mirror of Fig. 7.28 for 
the case in which Q , has m times the area ot Q v Show that the 
current transfer ratio is given by Eq. (7.69). If fi is specified to 
be a minimum of 50, what is the largest current transfer ratio 
possible if the error introduced by the finite fi is limited to 

10 %? 

7.56 Give the circuit for the pnp version of the basic current 
mirror of Fig. 7.28. If fio( the pnp transistor is 2D, what is the 
current gain (or transfer ratio) / 0 /I r£ F for the case of identi 
transistors, neglecting the Early effect ? 

7.57 Consider the basic BJT current mirror ol Fig. 7-28 when 
Q x and Q are matched and / REF = 2 mA. Neglecting 1 
effect of finite fi\ find the change in I (r both as an absolute 
and as a percentage, corresponding to V Q changing from 

10 V, The Early voltage is 90 V. 

¥ 

D 7.58 The current-source circuit of Fig. P7.58 utilizes a pa 

of matched pnp transistors having I s =10 A * ” ~ ^ 

1 V A — 50 V. It is required to design the circuit to P rt,u ' 
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and R are needed? What is the maximum allowed value of V Q 
while the current source continues to operate properly? What 
change occurs in I a corresponding to V 0 changing from the 
maximum positive value to -5 V? 

Vcc = 5V 


7.60 For the circuit in Fig. P7.60, let \ V BE \ = 0.7 V and 

fi=°°. Find /, V v V 2 , V y V 4 , and V, for (a) R = 10 kf2 and(b) 
R- 100 kQ. 

+ 3.7 V 

i 



r i* 

k 

< 

►——- 


LS 

k 

m - 


o 


Figure P7.58 

7.59 Find the voltages at all nodes and the currents through 
all branches in the circuit of Fig. P7.59. Assume |K fi£ | = 
0.7 V and fi= 




-5.7 V 


Figure P7.60 



+ 10 V 



R, = 3 kH 


R, = 5 kO 


R, = 20 kO 



R, = 2 kX2 




= 3.6 kH 



Figure P7.59 


-10 V 
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D 7.61 Using the ideas embodied in Fig. 7.31. design a 
multiple-mirror circuit using power supplies of ±5 V to create 
source currents of 0.2 mA, 0.4 mA, and 0.8 mA and sink 
currents of 0.5 mA, 1 mA, and 2 mA. Assume that the BJTs 
have \V RF \ - 0.7 V and large fi. What is the total power dissi- 


vvhat value of V 0 is Iq e 9 ual t0 ^ref 7 w hat does I Q become 
at V 0 = 5 V? 

Section 7.5: Current-Mirror Circuits with 
Improved Performance 


paled in your circuit ? 

7 62 Figure P7.62 shows a current-mirror circuit prepared 
for small-signal analysis. Replace the BJTs with their hybrid- n 
models and find expressions for R m and i 0 /i h where i„ is 
the output short-circuit current. Assume r Q / n . 


© 



rnri 7.65 In a particular cascoded current mirror, such as 
that shown in Fig. 7.32, all transistors have V t = 0.6 V, 
p n C 0X - 160 pAAT, L = 1 pm, and = 10 V. Width 
IV } = W 4 =4 pm, and W 2 = IV i = 40 jam. The reference 
current / REf is 20 |lA. What output current results? What are the 
voltages at the gates of Q 2 and 0 3 ? What is the lowest voltage at 
the output for which current-source operation is possible? What 
are the values of g m and r 0 of Q 2 and Qp What is the output 
resistance of the mirror? 

7.66 Find the output resistance of the double-cascode current 
mirror of Fig. P7.66. 

i 



Figure P7.62 

7.63 For the con slant-current source circuit shown in 
Fig. P7.63, find the collector current / and the output resis¬ 
tance. The B IT is specified to have /? = 100 and V A - 100 V. If 
the collector voltage undergoes a change of 10 V while the BJT 
remains in the active mode, what is the corresponding change 
in collector current 17 





> 4.3 kH 


Figure P7.63 


7.64 For the MOS cascode current mirror of Fig, 7.32 with 
V,= 0,5V,4 = 4 mA N\V A = 10V,and/ REF = 100 pA, 
find R a and the minimum allowable voltage at the output. At 


Figure P7.66 

7.67 For the base-current-compensated mirror of Fig- 733. 
let the three transistors be matched and specified to have a col 
lector current of I m A at V BE = 0,7 V. For / REF of 100 ]4A an 
assuming /? - 200, what will the voltage at node x be? If 4 b is 
increased to 1 mA, what is the change in VP What is the value 
of / obtained with V n - V t in both cases? Give the percec* 
age difference between the actual and ideal value of /„■ 
the lowest voltage at the output for which prope 
operation is maintained? 


D 7.68 Extend the current-mirror circuit of Fig. 73- 1 
outputs. What is the resulting current transfer ratio fr om ^ 
input to each output, / 0 // REP ? If the deviation from unity 
kept at 0.1% or less, what is the maximum possible num 
outputs for BJTs with ft- 100? 
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*7 69 For the base-current-compensated mirror of Fig. 7.33, 
show that the incremental input resistance {seen by the refer¬ 
ence current source) is approximately 2 Vpi^. Evaluate R m for 
I =100 pA. [Hint: Q A is operating at a current /« = 2/ c /£ 
where I c is the operating current of each of Q, and Q : . Replace 
each transistor with its T model and neglect r 0 .] 

7.70 Consider the Wilson current-mirror circuit of 
Fig. 7.34 when supplied with a reference current of I mA. 
What is the change in l Q corresponding to a change of 
+ 10 V in the voltage at the collector of Qp Give both the 
absolute value and the percentage change. Let fi = 100 and 
V A = too V. 

D *7.71 (a) The circuit in Fig. P7.71 is a modified version 
of the Wilson current mirror. Here the output transistor is 
“split” into two matched transistors, Q } and Q r Find I m and 
/ . in terms of / HfF . Assume ail transistors to be matched 
with current gain ft. 

(b) Use this idea to design a circuit that generates currents of 
0.1 mA, 0.2 mA, and 0.4 mA, using a reference current 
source of 0.7 mA. What are the actual values of the currents 
generated for ft = 50? 


1 



Figure P7.71 


^ 7.72 l se the pnp version of the Wilson current mirror 
to design a 0.2-mA current source. The current source is 
required to operate with the voltage at its output terminal as low 
as -2.5 V. If the power supplies available are ±2.5 V, what is 
the highest voltage possible at the output terminal? 

7.73 For the Wilson current mirror of Fig. 7.34, show that 
the incremental input resistance seen by / HFJ . is approximately 


2 U T // REF , (Neglect the Early effect in this derivation.) Evaluate 
4 ^ref = 1130 pA, 

*7,74 Consider the Wilson MOS mirror of Fig. 7.35(a) for 
the case of all transistors identical, with W/L = 12.5, 

Mn^ox ~ 400 pA/V 2 , and V A — 20 V. The mirror is fed 
with / REF = 100 pA. 

(a) Obtain an estimate of V ov and ^GS at which the three 
transistors are operating, by neglecting the Early effect. 

(b) Noting that Q t and Q 2 are operating at different V DS , 
obtain an approximate value for the difference in their cur¬ 
rents and hence determine I 0 . 

(c) To eliminate the systematic error between l n and / RFF 
caused by the difference in f'os between Q { and Q 2 , a 
diode-connected transistor Q 4 can be added to the circuit as 
shown in Fig. 7.35(c). What do you estimate ! a now to be? 

(d) What is the minimum allowable voltage at the output 
node of the mirror? 

(e) Convince yourself that will have no effect on the 
output resistance of the mirror. Find R ir 

(f) What is the change in ! a (both absolute value and percent¬ 
age) that results from AI ’ G - IV? 

7.75 Show that the input resistance (seen by / REF ) for the 
Wilson MOS mirror of Fig. 7.35(a) is given by 2/g m . 
Assume that all three transistors are identical and neglect the 
Early effect. [Hint: Replace all transistors by their T model 
and remember that is equivalent to a resistance I / g m .] 

D 7.76 (a) Utilizing a reference current of 100 pA, design 
a Widlar current source to provide an output current of 10 pA. 
Let the BJTs have v 8E - 0.8 V at 1-mA current, and assume 
to be high. 

<b) If /? = 200 and F, = 50 V, find the value of the output resis¬ 
tance, and find the change in output current corresponding to 
a 5-V change in output voltage. 

D 7,77 Design three Widlar current sources, each having a 
100-pA reference current: one with a current transfer ratio 
of 0.9, one with a ratio of 0.10, and one with a ratio of 0.0), 
all assuming high /?. For each, find the output resistance, and 
contrast it with /*„ of the basic unity-ratio source for which 
R f = 0. Use /? = «> and V A = 50 V. 

7.78 The BJT in the circuit of Fig. P7.78 has V BE = 0.7 V, 
= 100, and V A = 50 V. Find R t> . 

D 7.79 (a) For the circuit in Fig. P7.79, assume BJTs with 
high /?and v BE - 0.8 V at I mA. Find the value of R that will 

result in /,,= 10 pA. 

(b) For the design in (a), find R a assuming/?- 100 and V A = 50 V. 

D *7.80 If the pnp transistor in the circuit of Fig. P7.80 is 
characterized by its exponential relationship with a scale current 
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Section 7.6: Some Useful Transistor Pairings 

7.81 The transistors in the circuit of Fig. P7.SI have 
- 100 and V A = 100 V. 

, ,, Find R w and the overall voltage gain. 

(b) what is the effect of increasing the bias currents by a 
factor of 10 on /? in , G v , and the power dissipation? 



10 kfl 


T 

-5 V 

Figure P7.78 



+ 5 V 



Figure P7.81 


D *7.82 Consider the BiCMOS amplifier shown in Fig. 
P7.82. The BJT has V B£ = 0.7 V and (5 - 2"LTheM0S- 
FET has V,~ \ V and k n = 2 mA/V 2 . Neglect the Early 

effect in both devices. 


Figure P7.79 



Figure P7.80 




4, show that the dc current / is determined by IR - v T ln(/// s ). 
Assume Q i and Q 2 to be matched and Q v Q and Q< to be 
matched. Find the value of R that yields a current / = 100 iiA. 
For the BJT, V ES - 0.7 V at J E = 1 mA. 


+ 5 V 



(a) Consider the dc bias circuit. Neglect the base current 

Q 2 in determining the current in Q, ■ F‘ n d ^ ' )tas ^ 
rents in Q l and Q 2 and show' that they are appr°xmia e 

100 jiA and 1 mA, respectively. „ , j( 

(b) Evaluate the small-signal parameters of Q\ an & 

their bias points, . _ 

(c) Determine the voltage gain A v = v 0 /v r Fort ns 

pose you can neglect R c . 


Problems 583 


U D Noting that R G is connected between the input node 
where the voltage is v t and the output node where the volt- 

and hence the overall voltage gain 


age is 


A v v find R 




ici To considerably reduce the effect of R G on R in and 
hence on G v , consider the effect of adding another 
i)-MU resistor in series with the existing one and placing 


a ] arue bypass capacitor between their joint node and 
ground. What will R m and become. 


7.83 The BJTs in the Darlington follower of Fig. P7.83 have 
^ - joe. If the follower is fed with a source having a 100-kQ 
resistance and is loaded with 1 kT2, find the input resistance 
and the output resistance {excluding the load). Also find the 
overall voltage gain, both open-circuited and with load. 


7.84 For the amplifier in Fig. 7.41(a), let I = 1 mA and (5 = 
120. and neglect r,. Assume that a load resistance of 10 k£2 is 
connected to the output terminal. If the amplifier is fed with a 
signal w • having a source resistance /? sig = 20 k£>, find G v . 





Figure P7.83 



7.85 Consider the CD-CG amplifier of Fig. 7.41(c) for the 
case g m = 5 mA/V, and R t =R L = 20 k£2. Neglecting r . find G , 

O' 

**7.86 In each of the six circuits in Fig. P7.86, let /?- 100. 
and neglect r o . Calculate the overall voltage gain. 



10 kH 



io kn 

MV 


0.5 mA 



+20 V 


+5 V 

1 


io kn 


-O 


f > 


V 


Slg 



io kn 

AAV 



0.5 mA 


+20 V 


10 kH 


io kn 



1 mA 



(a) 


(c) 



+5 V 

A 



+20 V 





Figure P7.86 
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APPENDIX 7.A: Comparison of the MOSFET 
and the BJT 

7.87 Find the range of I D obtained in a particular NMOS tran¬ 
sistor as its overdrive voltage is increased from 0.15 V to 0.4 V . 
If the same range is required in I c of a BJT, what is the corre- 

sponding change in V BE 1 

7.88 What range of I c is obtained in an npn transistoi as a 
result of changing the area of the emitter-base junction by a 
factor of 10 while keeping V BE constant? If I c is to be kept con¬ 
stant, by what amount must V BE change? 


7.89 For each of the CMOS technologies specified in Table 
7. A. I. find the |K or | and hence the | C G5 | required to operate a 
device with a W/L of 10 at a drain current I 0 = ! 1 " > ,uA. Ignore 
channel-length modulation. 

7.90 Consider NMOS and PMOS devices fabricated in the 
0.25-pm process specified in Table 7.A.I. If both devices are to 
operate at | V 0i \ = 0.25 V and I D = 100 pA, what must their 

WIL ratios be? 


7.91 Consider NMOS and PMOS transistors fabricated in 
the 0.25-pm process specified in Table 7.A.I. It the two 
devices are to be operated at equal drain currents, what must 
the ratio of ( W/L) p to ( W/L\ be to achieve equal values of g ffl ? 

7.92 An NMOS transistor fabricated in the 0.18-pm CMOS 
process specified in Table 7.A.1 is operated at V ov - 0,2 V. 

Find the required WIL and l D to obtain a g m ol 10 mA/V. At 
what value of I, must an npn transistor be operated to achieve 
this value of g m 2 

7.93 For each of the CMOS process technologies specified in 
Table 7.A.1, find the g m of an NMOS and a PMOS transistor 
with WIL - 10 operated at l D = 100 pA. 

7.94 An NMOS transistor operated with an overdrive volt¬ 
age of 0.25 V is required to have a g m equal to that of an npn 
transistor operated at I c - 0.1 mA. What must I D be? What 
value of g m is realized? 

7.95 It is required to find the incremental (i.e., small-signal) 
resistance of each of the diode-connected transistors shown in 
Fig. P7.95. Assume that the dc bias current / = 0.1 mA. For 
the MOSFET, let fJ. n C 0x - 200 pA/V- and WIL = 10. 

7.96 For an NMOS transistor with L - 1 pm fabricated in the 
0.8-pm process specified in Table 7.A, 1, find g m , r 0 , and A u if 
the device is operated with V ov - 0.5 V and I D = 100 pA. 
Also, find the required device width W. 


7.97 For an NMOS transistor with L = 0.3 pm fabricated in 
the 0. 18-pm process specified in Table 7.A.1, find e , r and 

O’rtf ” 0 ? 



(a) (b) 

Figure P7.95 

A 0 obtained when the device is operated at I D = 100 pA with 
V ov = 0.2 V. Also, find W. 



7,98 Fill in the table below. For the BJT, let /?= 100 and V A 
= 100 V. For the MOSFET, let fi„C 0X = 200 pA/V 2 , WIL = 
40. and V A = 10 V. Note that R m refers to the input resistance at 
the control input terminal (gate, base) with the (source, emitter) 
grounded. 


Bias Current 

BJT 

MOSFET 

I c = 0.1 mA I c = 

) mA 4 = 0.1 mA l D = 1 mA 

g„ (mA/V) 



r 0 (kH) 



A, (V/V) 



K (kQ) 


^-- 


7.99 For an NMOS transistor fabricated in the 0.18-pm pro¬ 
cess specified in Table 7.A.1 with L = 0.3 pm and W = 6 pin, 
find the value of f T obtained when the transistor is upera 

V 0l = 0.2 V. Use both the formula in terms of C gs and C gd 
and the approximate formula. Why does the approximate for¬ 
mula overestimate f T ? 

7.100 An NMOS transistor fabricated in the 0.18-pm pro¬ 
cess specified in Table 7.A, I and having L - 0.3 pm and II - 
6 pm is operated at V ov — 0.2 V and used to drive a capaci 
live load of 100 fF. Find A 0 , f P (or / 3dB ), and f r At what 

value is the transistor operating? If it is required to double 
f t , what must I D become? What happens to A Q and fp in tf 115 
case? 

7.101* For an npn transistor fabricated in the high*volty? c 

process specified in fable 7.A.2, evaluate f T at / G - ^ ^ 
100 pA, and 1 mA, Assume C u — C^ 0 . Repeat for the lm 

voltage process. 




Problems 585 


7 102 Consider an NMOS transistor fabricated in the 0.8-pm 
prueess specified in Table 7.A.1, Let the transistor have L = 

I pm, and assume it is operated at 1 D = 100 p A. 

(a ) For V 0 y = 0.25 V, find W, g m , r 0 , A 0 , C gs , C gd , 

and f r - 

(b) To what must V ov be changed to double / r ? Find the 

new' values ot W t g m , f 0 > Aq, ^nd 

7.103 For a lateral pnp transistor fabricated in the high- 
voltage process specified in Table 7.A.2, find f T if the device is 
operated at a collector bias current of I mA. Compare to the 
value obtained for a vertical npn. 

7.104 Show that for a MOSFET the selection of L and Vov 
determines A 0 and f T . In other words, show that A 0 and f T will 
not depend on l D and W. 

7.105 Consider an NMOS transistor fabricated in the 0.18- 
pm technology specified in Table 7.A.I. Let the transistor be 
operated at V ov = 0.2 V. Find A 0 and f T for L = 0.2 pm, 
0.3 pm, and 0.4 pm. 

D 7.106 Consider an NMOS transistor fabricated in the 0.5- 
pm process specified in Table 7.A. 1, Let L - 0.5 pm and 
V ov - 0.3 V, If the MOSFET is connected as a common-source 
amplifier with a load capacitance C L = 1 pi (as in Fig. 
7.A.2a), find the required transistor width W and bias current l D 
to obtain a unity-gain bandwidth of 100 MHz. Also, find ,4 0 
and f }dB . 

General Problem: 



Figure P7.107 


(a) Assuming that Y is connected to a voltage 1', a current / is 
forced into X, and terminal Z is connected to a voltage that 
keeps in the active region, show that a current equal to / 
flows through terminal Y, that a voltage equal to V appears at 
terminal X, and that a current equal to / flows through terminal 
Z. Assume (3 to be large. Corresponding transistors are 
matched, and all transistors are operating in the active region. 

(b) With Y connected to ground, show that a virtual ground 
appears at X. Now, if X is connected to a +5-V supply through 
a 10-kO resistor, what current flows through Z? 


*7.107 The circuit shown in Fig. P7.107 is known as a cur¬ 
rent conveyor. 
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IN THIS CHAPTER YOU WILL LEARN 




1 The essence of the operation of the MOS and the bipolar differential 
amplifiers: how they reject common-mode noise or interference and 
amplify differential signals. 

2 , The analysis and design of MOS and BJT differential amplifiers. 

3 Differential-amplifier circuits of varying complexity: utilizing passive 
resistive loads, current-source loads, and cascodes—the building blocks 
we studied in Chapter 7. 

4. An ingenious and highly popular differential-amplifier circuit that utilizes 
a current-mirror load. 

5. The structure, analysis, and design of amplifiers composed of two or 
more stages in cascade. Two practical examples are studied in detail: a 
two-stage CMOS op amp and a four-stage bipolar op amp. 


Introduction 


The differential-pair or differential-amplifier configuration is the most widely used building 
block in analog integrated-circuit design. For instance, the input stage of every' op amp is a 
differential amplifier. Also, the BJT differential amplifier is the basis of a very-high-speed 
logic circuit family, studied briefly in Chapter 14, called emitter-coupled logic (ECL). 

Initially invented in the 1940s tor use with vacuum tubes, the basic differential- 
amplifier configuration was subsequently implemented with discick- b | |"’Lu transistors. 
However, it was the advent of integrated circuits that has made the differential pair 
extremely popular in both bipolar and MOS technologies. There are two reasons why differ 
ential amplifiers are so well suited for 1C fabrication* First, as we shall shortly see, the per 
formance of the differential pair depends critically on the matching between the two sides of 
the circuit. Integrated-circuit fabrication is capable of providing matched devices whose 
parameters track over wide ranges of changes in environmental conditions. Second, by 
their very nature, differential amplifiers utilize more components (approaching twice as 
many) than single-ended circuits. Here again, the reader will recall from the discussion in 
Section 7.1 that a significant advantage of integrated-circuit technology is the availa i ty o 

large numbers of transistors at relatively low cost. 

We assume that the reader is familiar with the basic concept of a differentia amp i 
fier as presented in Section 2.1. Nevertheless it is worthwhile to answer the question: 
Why differential? Basically, there are two reasons for using differential in preference to 
single-ended amplifiers. First, differentia) circuits are much less sensitive to noise an 
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interference than single-ended circuits. To appreciate this point, consider two wires carrying 
a small differential signal as the voltage difference between the two wires. Now, assume 
■hat there is an interference signal that is coupled to the two wires, either capacitively 0r 
inductively As the two wires are physically close togethei, the interference voltages on 
the two wires (i.e„ between each of the two wires and ground) will be equal. Since, i n a 
differential system, only the difference signal between the two wires is sensed, it will 

contain no interference component! 

The second reason for preferring differential amplifiers is that the differential configure* 
tion enables us to bias the amplifier and to couple amplifier stages together without the need 
for bypass and coupling capacitors such as those utilized in the design of discrete-circuit 
amplifiers (Sections 5.8 and 6.8). This is another reason why differential circuits are ideally 
suited for IC fabrication where large capacitors are impossible to fabricate economically. 

The major topic of this chapter is the dilterential amplifier in both its MOS and bipolar 
implementations As will be seen, the design and analysis of differential amplifiers makes 
extensive use of the material on single-stage amplifiers presented in Chapters 5 through 7, 
We will follow the study of differential amplifiers with examples of practical multistage 
amplifiers, again in both MOS and bipolar technologies. 


8.1 The MOS Differential Pair 

Figure 8.1 shows the basic MOS differential-pair configuration. It consists of two matched 
transistors, £>, and whose sources are joined together and biased by a constant-current 
source I. The latter is usually implemented by a MOSFET circuit of the type studied in 
Sections 7.4 and 7.5. For the time being, we assume that the current source is ideal and that it 
has infinite output resistance. Although each drain is shown connected to the positive supply 
through a resistance R D , in most cases active (current-source) loads are employed, as will be 
seen shortly. For the time being, however, we will explain the essence of the differential- 
pair operation utilizing simple resistive loads. Whatever type of load is used, it is essential 
that the MOSFETs not enter the triode region of operation. 



Figure 8.1 The basic MOS differential-pair configuration. 
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g 1.1 Operation with a Common-Mode Input Voltage 

To see how the differential pair works, consider first the case when the two gate terminals are 
joined together and connected to a voltage V CAf , called the common-mode voltage. That is, as 
shown in Fig. 8.2, v C} = v m = V CM . Since and Q 2 are matched, the current / will divide equally 
between the two transistors. Thus, i m = i m - //2, and the voltage at the sources, V s , will be 

^5 “ V CM~ ^CS (8*1) 


where V { , is the gate-to-source voltage corresponding to a drain current ol 1/2, Neglecting 
channel-length modulation, V GS and 1/2 are related by 


/ 

2 




or in terms of the overdrive voltage V ov , 



/ 

2 



1 /' Kv 2 

2 kn L Vov 


JJ/K( w/L) 


(8.3) 

(8.4) 

(8.5) O 


The voltage at each drain will be 

v Dl ~ V D2 ~ ^DD - 2^0 (8.6) 

Thus, the difference in voltage between the two drains will be zero. 

Now. let us vary' the value of the common-mode voltage V CM . We see that, as long as Q { 
and Q 2 remain in the saturation region, the current / will divide equally between Q A and Q 2 
and the voltages at the drains will not change. Thus the ditteivn ,i p.m T ', ' 1 csp**nd ll> 

(i.e., it rejects) common-mode input signals. 


v Dl = v, 


CM 



V, 


DD 


oRb 


v gs = v i + v oy 

®' - n * ffm 


T 

-Vcc 


Figure 8.2 The MOS differential pair with a common-mode input voltage V CM . 
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An important specification of a differential amplifier is its input common-mode range 
This is the range of V cu over which the differential pair operates properly. The highest value 
of y jg limited by the requirement that Q and Q 2 remain in saturation, thus 

CA/ 

0 ^CA/max = K+V DD --R[) (8.7) 

The lowest value of V CM is determined by the need to allow tor a sufficient \ oltage across the 
current source I for it to operate properly. If a voltage V cs is needed across the current 

source, then 

0 A/m in = "^5 + V CS + K+ V OV (8.8) 



For the MOS ditterential pair with a common-mode voltage applied, as shown in Fig. 8.^., let Vqq — 
V = 1.5 V, k'(W/L) = 4 mA/V : . V = 0.5 V, / = 0.4 mA, and R h = 2.5 k£2, and neglect channel-length 
modulation. Assume that the current source I requires a minimum voltage of 0.4 V to operate properly. 

(a) Find V ov and V GS for each transistor. 

(b) For V CM = 0, find V s , I DV I m , V DV and V m , 

(c) Repeat (b) for K cw = +1 V. 

(d) Repeat (b) for V CM - -0.2 V. 

(e) What is the highest permitted value of K cw ? 

(f) What is the lowest value allowed for F cw ? 

Solution 

(a) With vq , = v C2 = Vcm> we see that V GS] = V CS2 . Now, since the transistors are matched, I will 
divide equally between the two transistors, 


[ hus. 


which results in 



/ 

2 



^(W/DV^y 


V ov = 0.316 V 


and thus. 



V t + 


Vo v - 


0.5 + 0.316 =* 0.82V 
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+ 1.5 V 


2.5 kfl 


V o 


•o 


0.82 \ 



1 


2.5 kfi 


0.2 



o + ] V 


+ 


0.82 V 


■o 


-0.82 V 



0.4 mA 


(a) 


+1 5 V 

4 4 


2.5 kH 


+1 V o 


+1 V o 



2,5 kO 


0.2 

mA 




o+l V 


0.82 V 


0.2 
m 


thr* 


+ 1 V 



0.82 V 


0.18 V 


0.4 mA 



(b) 


+ l.5V 


2.5 kH 


+ I Vo 


-0.2 V o- 



2.5 kfl 


0.2 

0.2 [1 

mA 

niAf" 


Qi 

0.2 

0.2 | 

mA 

mAY , 


-1.02 V 




o + l V 


+ 

0.82 V 


o -0.2 V 



0.4 mA 


-1.5 V 
(c) 


Figure 8.3 Circuits for Example 8.1. Effects of varying F CjW on the operation ot the differential pair. 


(b) The analysis for the case V CM = 0 is shown in Fig. 8.3(a) from 

v s = v 6 - V GS = 0-0.82 - -0.82 V 
Im = bi = ( = 02 mA 
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Example 8.1 continued 

V d\ - Vp2 ~ Vdd~ 2 R f> 

= 1 . 5 -0.2 x 2.5 = 1 V 


(c) The analysis for the case V CM = +1 V is shown in Fig. 8.3(b) from which we see that 

V s = V a -V cs = 1-0.82 = +0.18 V 

I D , ‘Id 2 = 3 = °- 2 

I'd, = * C 2 = Idd~ 2 Hd ‘ 1.5 - 0.2 x 2.5 -+1 V 

Observe that the transistors remain in the saturation region as assumed. Also observ e that / D1 , l D2 , 
and V D2 remain unchanged even though the common-mode voltage V CM changed by 1 V. 

(d) The analysis for the case Vcm = — 0.2 V is shown in Fig. 8.3(c), from which we sec that 

v s = V G -V GS = - 0 . 2 - 0.82 = - 1.02 V 

It follows that the current source / now has a voltage across it ot 

V cs = - ^-(-K 55 ) = - 1.02 + 1.5 = 0.48 V 

which is greater than the minimum required value of 0.4 V. Thus, the current source is still operating 
properly and delivering a constant current I — 0.4 mA and hence 

h, = b, = ( = 0 2 mA 

v d, = v D i= y D D-{ *» = + iv 

dm 

So. here again the differential circuit is not responsive to the change in the common-mode voltage V CSI . 

(e) The highest value of V CM is that which causes Q x and Q -> to leave saturation and enter the triode 

region. Thus, 


A/max “ K + Kd 

= 0.5 + 1 = +1.5 V 

(f) The lowest value allowed for V CM is that which reduces the voltage across the current source i to the 
minimum required of V cs = 0.4 V. Thus, 

— — ^55 ^CS ^GS 

= - 1.5 + 0.4 + 0.82 = -0.28 V 
Thus, the input common-mode range is 


-0.28 V < V cm <+\,5 V 


8.1 The MOS Differential Pair 



8.1 For the amplifier in Example 8.1, find the input common-mode range for the case in which the 
two drain resistances R D are increased by a factor of 2. 

Ans. -0.28 V to 1.0 V 



8.1.2 Operation with a Differential Input Voltage 

Next we apply a difference or differential input voltage by grounding the gate of Q : (i.e., set¬ 
ting Vqj - 0) and applying a signal v jd to the gate of as shown in Fig. 8.4. We can see that 
since v hi = v GS] - V CS2 , if v id is positive, v GS] will be greater than v GS2 and hence i D] will be 
greater than i [r and the difference output voltage ( v D1 - v DX ) will be positive. On the other 
hand, when v u is negative, will be lower than v GS2 , i D] will be smaller than i D2 , and corre- 
spondingly v m will be higher than v D2 \ in other words, the difference or differential output 
voltage (v D2 - v D] ) will be negative. 

From the above, we see that the differential pair responds to difference-mode or differ¬ 
ential input signals by providing a corresponding differential output signal between the two 
drains. At this point, it is useful to inquire about the value of x\ d that causes the entire bias 
current / to flow in one of the two transistors. In the positive direction, this happens when 
v cs reaches the value that corresponds to i m = /, and v GS2 is reduced to a value equal to the 
threshold voltage V r at which point v s = -V r The value ol can be found from 

\( W\ 

I - 2^n ) (' V GS\ ~ ^t) 



Figure 8.4 The MOS differential pair with a differential input signal v ld applied. Wit i v ld post ■ g.vi 
> i 01 , and v DX < v m ; thus (v D2 - v m ) will be positive. With v id negative: v GS1 < v csl , i Dl i D 2 > £>' 

V B 2 ' thus (v m - v m ) will be negative. 
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as 

v GS] = V,+ j2I/k'„{ W/L) 

= V f + J2V 0V (8.9) 

where V v is the overdrive voltage corresponding to a drain current ot / _ (Eq. 8.5). Thus, 
the value of v jd at which the entire bias current / is steered into Q x is 

v idm ix = V GS\ +V S 

= V t + j2 V OV ~ V, 

~ ( 8 , 10 ) 

Ifii w is increased beyond J2 Vpyt foi remains equal to /, remains equal to ( V t + *J2 and 
v s rises correspondingly, thus keeping Q 2 off. In a similar manner we can show that in the neg¬ 
ative direction, as v id reaches -Jl V ov , Q x tii ^^2 ent 1, 

Thus the current / can be steered from one transistor to the other by varying v ld in the range 

-72 Vov S V ld < 72 Vov 

which defines the range of differential-mode operation. ! inally, observe that we have assumed 
that Q\ and Q- remain in saturation even when one of them is conducting the entire cunent /. 



To use the differential pair as a linear amplifier, we keep the differential input signal small. 
As a result, the current in one of the transistors {Q when v id is positive) will increase by an incre¬ 
ment A / proportional to v y , to (1/2 + A I). Simultaneously, the current in the other transistor will 
decrease by the same amount to become (1/2 - A/). A voltage signal -A IR D develops at one ol 
the drains and an opposite-polarity signal. A IR lr develops at the other drain. Thus the output volt¬ 
age taken between the two drains will be 2A//?„, which is proportional to the differential input >ig- 
nal 1 )^. The small-signal operation of the differential pair will be studied in detail in Section 8-2- 

8.1.3 Large-Signal Operation 

We shall now derive expressions for the drain currents i D] and i m in terms ot the mp ul 
ential signal v ld = v Gl - v G2 . The derivation assumes that the differential pair is pertuO 
matched and neglects channel-length modulation (A = 0). Thus these expressions do not 
depend on the details of the circuit to which the drains are connected, and we do not dn 


8,1 The MOS Differential Pair 595 



Figure 8.5 The MOSFET differential pair for the purpose of deriving the transfer characteristics, and 

j k versus = v GI - v cv 


these connections in Fig. 8.5; we simply assume that the circuit maintains Q { and Q 2 in the 

saturation region of operation at all times. 

To begin with, we express the drain currents of and 0 2 as 


1 j 

l D l “ 2 

w 

K j("cs, - v,r 

(8.11) 

1 

‘D2- 2 ‘ 

W 2 

K ~^( v GS2 ~Vi) 

(8.12) 

Taking the square roots ot both sides ot each ot Eqs. (8.11) and (8.12), we obtain 


7 in - J 


(8.13) 

J‘D2 = J 

\KjGon-V,) 

(8.14) 

Subtracting Eq. (8.14) from Eq. (8.13) and substituting 


V GS\ V GS2 

— y Cl V G2 V id 

(8.15) 


results in 



(8.16) 


The constant-current bias imposes the const rain 


Id i + io 2 ~ I 

Equations (8.16) and (8.17) are two equations in the two unknowns i DX and i D2 
solved as follows: Squaring both sides of Eq. 8.16) and substituting for i D] + i D2 


(8.17) 


and can be 
= / gives 



D\ l D2 
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Substituting for i m from Eq. (8.17) as i m - 1- i m and squaring both sides ot the resulting 
equation provides a quadratic equation in i m that can be solved to yield 


l D\ 





Now since the increment in i Dl above the bias value ot / 2 must have the same polarity as 
v on | y t he root with the “+” sign in the second term is physically meaningful; thus, 



The corresponding value ot i D2 is found from i D2 — l 4u as 






At the bias (quiescent) point, v jd = 0, leading to 

i D\ ~ l D2 ~ Z 


Correspondingly, 


V GS 1 






where 


/ 

2 



1., W t/ 2 

L Voy 



This relationship enables us to replace k' n {W/L) in Eqs. (8.18) and 8.19) with I/V 0Y to 
express i DI and i D2 in the alternative form 







1 

2 



fv jd 

v 2 




These two equations describe the effect of applying a differential input signal v ld on the cur 
rents r D1 and i m . i hey can be used to obtain the normalized plots, i D \/l and ipi/l verslb 
v id^^ovt shown in Fig. 8.6. Note that at v id — 0, the two currents are equal to 1/2. Making 
positive causes i D] to increase and i m to decrease by equal amounts, to keep the sum constant, 
f Di + 1 di ~ The current is steered entirely into when v ld reaches the value JiVoyt®^ 
found out earlier. For v jd negative, identical statements can be made by interchanging ^ 
f D 2 * this case, v id = ~j2V ov steers the current entirely into Q ,. Finally, note that the pl° tsin 
Fig, 8.6 are universal, as they apply to any MOS differential pair. 


8.1 The MOS Differential Pair 597 



Figure 8.6 Normalized plots of the currents in a MOSFET differential pair. Note that V ov is the overdrive 
voltage at which Q t and Q 2 operate when conducting drain currents equal to 1/2, the equilibrium situation. 
Note that these graphs are universal and apply to any MOS differential pair. 


The transfer characteristics of Eqs. (8.23 t and 18.24 1 and Fig. 8.6 are obv iously nonlinear. 
This is due to the term involving v~ d . Since we are interested in obtaining linear amplification 
from the differential pair, we will strive to make this term as small as possible. For a given 
value of V ov , the only thing we can do is keep {v id / 2) much smaller than V ov , which is the 
condition for the small-signal approximation. It results in 




(8.25) 



/ 

2 


( I 


\ (V id \ 


\V 0i J\2J 


(8.26) 


which, as expected, indicate that i m increases by an increment i d , and i D2 decreases by the 
same amount, / , where i d is proportional to the differential input signal v^. 



(8.27) 


Recalling from our study of the MOSFET in Chapter 5 (also refer to Table 7.A.3), that a MOSFET 
biased at a current I n has a transconductance g m = 2I D /Vov -> we recognize the factor ( oi j n 
Eq. (8.27) as g m of each of and Q 2 > which are biased at I D = 1/2. Now, w y v id . imp y 

because v id divides equally between the two devices with = v id /2 and p w 1C 

causes Q } to have a current increment i d and Q 2 to have a current decrement i d . e s a ana yz 


o 

o 

o 
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Figure 8.7 The linear range of operation of the MOS differential pair can be extended by operating the 
transistor at a higher value of V OY . 

the small-signal operation of the MOS differential pair shortly. At this time, however, we wish to 
return to Eqs. (8.23) and (8.24) and note that for a given v id , linearity can be increased by increas¬ 
ing the overdrive voltage V 0! at which each of Q l and Q 2 is operating. This can be done by using 
smaller W/L ratios. The price paid for the increased linearity is a reduction in g m and hence a 
reduction in gain. In this regard, we observe that the normalized plot of Fig. 8.6, though compact, 
masks this design degree of freedom. Figure 8.7 shows plots of the transfer charactenstics i D J! 
versus for various values of V or 1 lese graphs clearly illustrate the linearity-transconductance 
trade-off obtained by changing the value of V ov \ The linear range ot operation can be extended by 
operating the MOSFETs at a higher V oy (by using smaller W/L ratios) at the expense of reducing 
g m and hence the gain. This trade-off is based on the assumption that the bias current 1 is being kepi 
constant. The bias current can, of course, be increased to obtain a higher g m . The expense fordoing 
this, however, is increased power dissipation, a serious limitation in 1C design. 


EXERCISE 


8.3 A MOS differential pair is operated at a bias current / of 0.4 mA. If (JC„ X = 0.2 mA'V , find the 
required values of W/L and the resulting g m if the MOSFETs are operated at V ov - 0.2, 0.3, and 0.4 V. 
For each value, give the maximum |w id | for which the term involving v] d in I qs. (8.23) and (8.24), namely 
{{v id /2)/ V ov ), is limited to 0.1. 

Ans. 


Vov (V) 

0.2 

0.3 

0.4 

W/L 

50 

22.2 

12.5 

g m (mA/V) 

2 

1.33 

] 

Mmax < mV ) 

126 

190 

253 
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8.2 Small-Signal Operation of the 
MOS Differential Pair 

In this section we build on the understanding gained of the basic operation of the differential 
pair and consider in some detail its operation as a linear amplifier. 


8.2.1 Differential Gain 

Figure 8.8(a) shows the MOS differential amplifier with input voltages 


V G\ ~ V CM + JW/rf 


(8.28) 


V D |0 



_ Wm T 0 v id 



O V D1 


V C2 ~ VcM 7 V id 


(a) 


R 


D 


V 0 l~ 


g,M v jd/2) o- 




8tr<( 


vj~)\ 


- + O—♦-o V o2 = +gA( v w/- ) 

v od ~ Sm^D V id 


v 0 \ o 



+v id/2 °~—11 


kgmLvJl) 


~ V ad + 



I '' 


t 


O 


Biased at 
7/2 


a 



"V,a/2 


+ 


V gs2 = ~ V idf 2 


G, o 


+ 


v id 


OV 


G-, o 



(c) 


Figure 8.8 Small-signal analysis of the MOS differential amplifier, (a) The circuit with a common-mode 
voltage applied to set the dc bias voltage at the gates and with v id applied in a complementary or a 
manner, (b) The circuit prepared for small-signal analysis, (c) An alternative way ot oo ung a 
signal operation of the circuit. 
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v 


G 2 


- VcM 2°id 



Here V denotes a common-mode dc voltage within the input common-mode range of 
the differential amplifier. It is needed in order to set the dc voltage of the MOSFET gate, 
Typically V CM is at the middle value of the power supply. Thus, for our case, where two com¬ 
plementary supplies are utilized, V CM is typical 1> 0 \ . 

The differential input signal v id is applied in a complementary (or balanced) manner; that is. 
v is increased by v id /2 and v m is decreased by v id /2. This would be the case, for instance, if 
the differential amplifier were fed from the output of another differentia I-amplifier stage. Some¬ 
times, however, the differential input is applied in a single-ended fashion, as we saw earlier in 
Fig. 8.4. The difference in the performance resulting is too subtle a ; uni tor our current needs. 

As indicated in Fig. 8.8( a) the amplifier output can be taken either between one of the 
drains and ground or between the two drains. In the first case, the resulting single-ended 
outputs v 0] and v o2 will be riding on top of the dc voltages at the drains, ( V DD - Lr d ). This is 
not the case when the output is taken between the two drains; the resulting differential out¬ 
put v od (having a 0-V dc component) will be entirely a signal component. We will see shortly 
that there are other significant advantages to taking the output voltage differentially. 

Our objective now is to analyze the small-signal operation of the dii ferential amplifier of 
Fig. 8.8(a) to determine its voltage gain in response to the differential input signal v d 
Toward that end we show in Fig. 8.8(b) the circuit with the power supplies grounded, the 
bias current source I removed, and V CM eliminated; that is, only signal quantities are indi¬ 
cated. For the time being we will neglect the effect of the MOSFE I r 0 . Finally note that each 
of 0, and Q : is biased at a dc current of 1/2 and is operating at an overdrive voltage V or 

From the symmetry of the circuit and because ot the balanced manner in which v d 
is applied, we observe that the signal voltage at the joint source connection must be zero, 
acting as a sort of virtual ground. Thus Q x has a gate-to-source voltage signal v gs] = v id /2 
and Q , has v gs2 = -v ld /2, Assuming v ld /2 *4 Vov, the condition for the small-signal 
approximation, the changes resulting in the drain currents of and Q 2 will be proportional 
to t) , and v 2 > respectively. Thus Q x will have a drain current increment g m {v ,/2) and ft 
will have a drain current decrement g m {v id / 2), where g m denotes the equal transconduc¬ 
tances of the two devices. 



These results correspond to those obtained earlier using the large-signal transfer characteristics 
and imposing the small-signal condition, Eqs. (8.25) to (8.27). 

It is useful at this point to observe again that a signal ground is established at the source 
terminals of the transistors without resorting to the use of a large bypass capacitor, dearly a 
major advantage of the differential-pair configuration. 

The essence of differential-pair operation is that it provides complementary current signals 
in the drains; what we do with the resulting pair of complementary current signals is, in a 
sense, a separate issue. Here, of course, we are simply passing the two current Mgnal 
through a pair of matched resistors, R n , and thus obtaining the drain voltage signals 


and 
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If the output is taken in a single-ended fashion, the resulting gain becomes 


V 


o 1 


V 




D 


(833) 



Alternatively, if the output is taken differentially, the gain becomes 


(834) 



(835) 


Thus another advantage of taking the output differentially is an increase in gain by a factor of 2 
(6 dB ). It should be noted, however, that although differential outputs are preferred, a single- 
ended output is needed in some applications. We will have more to say about this later. 

An alternative and useful way of viewing the operation of the differential pair in 
response to a differential input signal v id is illustrated in Fig. 8.8(c). Here we are making use 
of the fact that the resistance between gate and source of a MOSFET, looking into the 
source, is l /g,„. As a result, between G, and G : we have a total resistance, in the source cir¬ 
cuit. of 2/g m . It follows that we can obtain the current i d simply by dividing v id by 2/g m , as 
indicated in the figure. 


o 

o 

o 


8.2.2 The Differential Half-Circuit 

When a symmetrical differential amplifier is fed with a differential signal in a balanced 
manner, as in the case in Fig. 8.8, the performance can be determined by considering only 
half the circuit. The equivalent differential half-circuit is shown in Fig. 8.9. It has a 
grounded source, a result of the virtual ground that appears on the common sources termi¬ 
nal of the MOSFETs in the differential pair. Note that 0, is operating at a drain bias current 
of (7/2) and an overdrive voltage V ov 

The differential gain A d can be determined directly from the half-circuit. For instance, it 
we wish to take r , of Q x and Q into account, we can use the hall-circuit with the follow¬ 
ing result; 

A d = g m (R D IIO (8 - 36) o 


(y)° 


Figure 8.9 The equivalent differential half-circuit of the differential amplifier of Fig. 8.8. Here Q, is 
biased at 7/2 and is operating at V ov . This circuit can be used to determine the differential voltage gain of the 

differentia] amplifier A d = v t Jv td . 
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More significantly, the frequency response ol the differential gain can be determined by 
analyzing the half-circuit, as we shall do in Chapter 9. 



Give the differential half-circuit of the differential amplifier shown in Fig. 8.10(a). Assume that £>, and 
Q. , are perfectly matched. Neglecting r 0 , determine the differential voltage gain A d - v od /v ld . 



Figure 8.10 (a) Differential amplifier for Example 8.2. (b) Differential half-circuit. 


Solution 

Since the circuit is symmetrical and is fed with v id in a balanced manner, the differential half-circuit will 
be as shown in Fig, 8.10(b ). Observe that because the line of symmetry passes through the middle ot R L , 
e half-circuit has a resistance R L /2 connected between drain and ground. Also note that the virtual 

ground appears on i lie node between the two resistances R . As a result, the half-circuit has a source- 
degeneration resistance R s . 

Now, neglecting r 0 of the half-circuit transistor we can obtain the gain as the ratio of the total 
resistance in the drain to the total resistance in the source as 

= r d \\(r l /2) 
v u n i + r , 

with the result that 

A _ v _od _ Rp II (R l / 2) 
d *><, " I /g„ + R, 


(8.37) 
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A MOS differential amplifier is operated at a total current of 0.8 mA, using transistors with a WiL ratio 
of 100, j.i n C QX - 0.2 mA V% V A - 20 V, and R D = 5 kQ. Find V ov , g m , r (J , and A d . 

Ans. 0.2 V; 4 mA/V; 50 kQ; 18.2 \N 


8.2.3 The Differential Amplifier with Current-Source Loads 

To obtain higher gain, the passive resistances R D can be replaced with current sources, as 
shown in Fig. 8.11(a). Here the current sources are realized with PMOS transistors Q 3 and 
0 4 , and V G is a dc bias voltage that ensures that Q 2 and Q 4 each conducts a current equal 
to 12 The differential voltage gain A d can be found from the differential half-circuit shown 

in Fig. 8.11(b) as 

A d=)r 

1 id 



Figure 8.11 (a) Differential amplifier with current-source loads formed by Q , and Q r (b) Differential 
half-circuit of the amplifier in (a). 
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8.5 


The differential amplifier of Fig. 8.11 (a) is fabricated in a 0.18-pn, CMOS technology for which 

u C -4 uC = P 400 pA/V 2 , |F,| = 0.5 V.and |1^| = 10 V/gm. II the bias current / = 200 gA 

Mn L ox - ^ I n __17 _ at m r* < 


and aU transistors have a channel length twice the minimum and are operating at | V 
W/L for each of 0„ ft, ft, and ft, and determine the differential voltage gam A d 

Ans. (HVL)n = 12.5 ;(IF/i) 3 .4 = 50; A, = 18 V/V 


- 0.2 V, find 





8.2.4 Cascode Differential Amplifier 

The gain of the differential amplifier can be increased by utilizing the cascode configuration 
studied in Section 7.3. Figure 8.12(a) shows a CMOS differential amplifier with cascoding 



Figure 8.12 (a) Cascode differential amplilier; and (b) its differentia! half circuit. 


8.2 Small-Signal Operation of the MOS Differential Pair 605 


applied to the amplifying transistors Q, and Q 2 via transistors and Q A , and to the 
current-source transistors Q-, and Q % via transistors Q 5 and Q 6 . The differential voltage 
gain can be found from the differential half-circuit shown in Fig. 8.12(b) as 


= 


V 


ad 


V 


id 


where 


and, 


op 


Sm](^on R op ) 

(8.38) 

— 1 

(8.39) 

= (gm5 r osKl 

(8.40) 





8.6 The CMOS cascode differential amplifier of Fig. 8.12(a) is fabricated in a 0.18-pm technology for 
which Mn C o.x = 4 M p C ox ~ 400 ftA/V 2 , \V\ - 0.5 V, and | V'\ = 10 V/pm. If the bias current 
7= 200 uA. and all transistors have a channel length twice the minimum and are operating at 
l , , = 0.2 V, find WIL for each of 0, to Q % , and determine the differential voltage gain A d . 
Ans. {W/L ) l2 3 4 = 12.5; (0VL) 5A7>8 = 50;^ = 648 V/V 


— 


— 



8.2.5 Common-Mode Gain and Common-Mode Rejection Ratio 

(CMRR) 

Thus far, we have seen that the differential amplifier responds to a ditterential input signal 
and completely rejects a common-mode signal. This latter point was made very clearly at 
the outset of our discussion of differential amplifiers and was illustrated in Example 8.1, 
where we saw that changes in V c w over a wide range resulted in no change in the voltage at 
either of the two drains. This highly desirable result is, however, a consequence of our 
assumption that the current source that supplies the bias current / is ideal. As we shall now 
show, if we consider the more realistic situation ot the current source having a finite output 

resistance R ss , the common-mode gain will no longer be zero. 

Figure 8.13(a) shows a MOS differential amplifier biased with a current source having an 
output resistance R ss . As before, the dc voltage at t ie input is defined by V CiA . Here, how¬ 
ever, we also have an incremental signal v u . m applied to both input terminals. This common- 
mode input signal can represent an interference signal or noise that is picked up by both 
inputs and is clearly undesirable. Our objective now is to find how much ot v jcm makes its 

way to the output of the amplilier. 

Before we determine the common-mode gain ot the amplifier, we wish to address t e 
question of the effect of 7? ss on the bias current ot Q\ and Q 2 . That is, with v t€m set to zero, 
the bias current in each of Q ] and Q 2 will no longer be 1/2 but will be larger than 1/2 by mi 
amount determined by V CKf and R$ s . However, since R ss is usually very large, this ad i 
tional dc current in each of Q x and Q z is usually small and we shall neglect it, thus assuming 
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> 2 R.ss 

Biased 
at U2 

(d) 


Figure 8.13 (a) A MOS differential amplifier with a common-mode input signal v t m superimposed on the input de com mo 

mode voltage V CM . (b) The amplifier circuit prepared for small-signal analysis, (c) The amplifier circuit with the transistors 

replaced with their T model and r g neglected, <d) The circuit in (b) split into its two halves; each half is called the t M ^ 
circuit." 
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that Qi and Q 2 continue to operate at a bias current of 7/2. The reader might also be wonder¬ 
ing about the effect of R ss on the differential gain. The answer here is very simple: The vir¬ 
tual ground that develops on the common-source terminal results in a zero signal current 
through R ss ; hence R ss has no effect on the value of A d . 

To determine the response of the differential amplifier to the common-mode input signal 
v lcm »consider the circuit in Fig. 8.13(b), where we have replaced each of and 1 by a 
short circuit and 1 by an open circuit. T lie circuit is obviously symmetrical, and thus the two 
transistors will carry equal signal currents, denoted i. The value oft can be easily determined 
by replacing each of and Q 2 with its T model and, for simplicity, neglecting r a . The 
resulting equivalent circuit is shown in Fig. 8.13(c), from which we can write 

v icm = —+ 2 iR ss (8.41) 

Sm 

Thus, 


v . 

j = _ icm _ 

+ 2 R S $ 

The voltages at the drain of Q\ and Q 2 can now be found as 


(8.42) 


v 


O [ 




resulting m 





1 /«» + 2R 


'It 


tcm 


SS 


(8.43) 


It follows that both d o| and v u2 will be corrupted by the common-mode signal v icm and will 
be given approximately by 


v o\ _ v _ol ... R P 
Vicm icm 2 R$$ 

where we have assumed that 2 R ss > 1 /g m . Nevertheless, because v ol 
tial output voltage v od will remain free of common-mode interference: 


(8.44) 
v o2 , the different- 




(8.45) O 


Thus the circuit still rejects common-mode signals! Unfortunately, however, this will not be 
the case if the circuit is not perfectly symmetrical, as we shall now show'. 

Before proceeding further, it is useful to observe that all the above results can be obtained 
by considering only half the differential amplifier. Figure 8.13(d) shows the two halt- 
circuits of the differential amplifier that apply for common-mode analysis. To see the equiv¬ 
alence, observe that each of the two half-circuits indeed carries a current i given by Eq. 
(8.42) and the voltages at the source terminals are equal = 2iR ss ). Thus the two sources 
can be joined, returning the circuit to the original form in Fig. 8.13(b). Each ot the circuits in 
Fig. 8.13(d) is known as the common-mode half-circuit. Note the difference between the 
CV1 hall-circuit and the differential half-circuit. 


Effect of R d Mismatch When the two drain resistances exhibit a mismatch &R D , as they 
inevitably do, the common-mode voltages at the two drains will no longer be equal. Rather, 
lf the load of Q ] is R n and that of Q 2 is (R D + AR D )> the drain signal voltages arising from 



(8.46) 
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and 


Rp + A Rp 


V o2 ' 


2 R 


*’icm 


SS 



Thus, 


A/? 


D 


v od 


~ v 0 2 V/,t 


ol 


2 R 


v 


icm 


SS 


(8.48) 


and we can find the common-mode gain A cm as 

v od 


A = 

n cm 


l' 


icm 


D 


2 R 


(8.49) 


ss 


which can be expressed in the alternate form 


R D \fAR 


A = 

n cm 


D 


2 R 


R 


(8.49') 


D 


It follows that a mismatch in the drain resistances causes the differential amplifier to hase a 
finite common-mode gain. Thus, a portion of the interference or noise signal will 
appear as a component of t» orf . A measure of the effectiveness of the differential amplifier in 
amplifying differential-mode signals and rejecting common-mode interference is the ratio of 
the magnitude of its differential gain \A d \ to the magnitude of its common-mode gain \A ca \. 
This ratio is termed common-mode rejection ratio (C MRR). Thus, 


I Aj\ 

CMRR ■ — 


\ A C 


(8.50a) 




and is usually expressed in decibels. 


CMRR (dB) = 20 log 


\ A 


(8.50b) 


cm\ 


For the case of a MOS differential amplifier with drain resistances R D that exhibit a mis¬ 
match A R r „ the CMRR can be found as the ratio of A d in Eq. (8.35) to A cm in Eq. (8.49). 

thus 


CMRR= (2 g m R ss )/(AR D /R D ) 


(8.50c) 


It follows that to obtain a high CMRR, we should utilize a bias current source with a high 
output resistance R ss , and we should strive to obtain a high degree of matching between e 
drain resistances (i.e., keep AR D /R D small). 



8.7 A MOS differential pair operated at a bias current of 0.8 mA employs transistors with WiL 10 
and fj n C ox = 0.2 mA/V 2 , using R D = 5 kQ and R ss = 25 kQ. Find the differential gam, the 

common-mode gain when the drain resistances have a 1% mismatch, and the CMRR- 
Arts. 20 WV; 0.001 V/V; 86 dB 



Effect of g m Mismatch on CMRR Another possible mismatch between the two ^ 
°f the MOS differential pair is a mismatch in g m of the two transistors. For the p lir P 



8.2 Small-Signal Operation of the MOS Differential Pair 609 




Figure 8.14 Analysis of the MOS differential amplifier with an input common-mode signal v i m in the 

case the two transistors have a g m mismatch. 


finding the effect of a g m mismatch on CMRR, let 

1 A 

8m 1 8m -iA§' 


8 m2 8 m 


IS, 


(8.51) 

(8.52) 


8m I 8m2 ^8 


m 


(8.53) 


Since the circuit is no longer symmetrical, we cannot employ the common-mode halt- 
circuit. Rather, we shall return to the original circuit of Fig. 8.13(a) and replace each of (7, 
and Q 2 with its T equivalent-circuit model. The result is the equivalent circuit shown in Fig. 
8,14. Examination of this circuit reveals that the voltages between gate and source tor the 


'wo transistors are equal (and equal to t>. -v s ). Thus, 


f 1 (1 / 8 m 1) = hO / 8m2) 


(8.54) 





l\ +l 2 


(8.55) 
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Now 


the voltage between the gate of Q , and ground which is equal to „ 


tcm 


can be 


expressed as 


V 


icm 


= i/gm I + (*1 + * 2 )^ 


$s 



o 

o 


which can be rearranged to obtain i x in terms of v icm as 


^ 1 + (gm\ + Sml) R SS 

(8.56) 

We can then use Eq. (8.54) together with Eq.' 8.56) to express i 2 as 


1 + (gml + Sml)RsS 

(8.57) 

The voltages v a] and v o2 can now be obtained. 


Sml^D i 

v al=~h “O' -\+(g mi +g m2 )R SS iCm 

(8.58) 

Sm2^ D 

=-‘2«D -- 1+(g|ii 

(8,59) 

The differential output voltage v od is then obtained as 


(§m I” Sml^^D 

i- i + ( gml+ g„ 2 )« ss iic " 

(8.60) 


Substituting for g m] and g m2 from Eqs. (8.51) and (8.52), respectively, gives 

_ Ag OT R D 
^ 1 + 2 g m R ss Vicm 


Thus the common-mode gain resulting from a mismatch A g m can be expressed as 


A = 

V od _ kgm R D 

(8.61) 

**cm 

l ’icm 1+2 g m R SS 


which can be approximated by 

A 

- ( R d) f 

(8.62) 

**cm 

VlRsJVgJ 


and the corresponding CMRR will be 

CMRR 


(8.63] 


Thus to keep CMRR high, we have to use a biasing current source with a high output resi 
tance R ss and. of course, strive to maintain a high degiee oi matching between Q\ and Qv 



* 

8.8 For the MOS amplifier specified in Exercise 8.7, compute the CMRR resulting from a 1% 111 ,s 
match in g m . 

Ans. 86 dB 
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Example 83 


In this example we consider the design of the current source that supplies the bias current of a MOS 
differential amplifier. Let it be required to achieve a CMRR of 100 dB and assume that the only 
source of mismatch between Q A and Q 2 is a 2% mismatch in their WIL ratios. Let I - 200 ]iA and 
assume that all transistors are to be operated at V ov = 0.2 V. For the 0.18-pm CMOS fabrication 
process available, V' A = 5 V, pm. If a simple current source is utilized for /, what channel length is 
required? If a cascode current source is utilized, what channel length is needed for the two transis¬ 
tors in the cascode? 


Solution 


A mismatch in WIL results in a g m mismatch that can be found from the expression of g m : 



(8.64) 


It can be seen that an error of 2% in WIL will result in an error in g m of 1%. That is, the 2% mis¬ 
match in the WIL ratios of Q ; and Q 2 will result in a 1% mismatch in their g m values. The resulting 
CMRR can be found from Eq, (8.64), repeated here: 

CMRR = (2g m R ss )/{^) 

Sm 

Now, a 100-dB CMRR corresponds to a ratio of 10, thus, 


I0 5 = (2g m R 5S )/0.0l 


(8.65) 


1 he value of g m can be found from 


Substituting in Eq. (8.65) gives 


Sm 


_2Jo_ 2 x (7/2) 


V. 


ov 


2x0.1 


0.2 


ov 


= 1 mA/V 


R ss = 500 k£2 


Now if the current source is implemented with a single transistor, its r 0 must be 

r G = R ss = 500 k Q 


Thus, 

y 

— = 500 ka 
I 

Substituting / = 200 pA, we find the required value of V A as 

K, = 100 V 

A 

Since V A - V' L = 5L, the required value of L will be 

L = 20 pm 


which is veiy large! 
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Example 8.3 continued 

Using a cascode current source, we have 


RSS ~~ o 


where 


_ 2 I_ 2x0 2 _ , A/v 


Sm y 


OV 


0.2 


Thus, 


500 = 2 x r Q 
r = 15.81 kQ 


and the required V A now becomes 


15.81 = 


K 

1 


Va 

0.2 


V A = 3.16 V 


which implies a channel length for each of the two transistors in the cascode of 

L = = 0.63 pm 

V A 5 

a considerable reduction trom the case ot a simple current source. 


Differential versus Single-Ended Output The above study of common-mode rejec¬ 
tion was predicated on the assumption that the output of the differential amplifier is taken 
differentially, that is, between the drains of Qj and Q 2 ■ In some cases one might decide to 
take the output single-endedly; that is, between one of the drains and ground. If this is done, 
the CMRR is reduced dramatically. This can be seen from the above analysis, where the 
common-mode gain in the absence of mismatches is zero it the output is taken differentially 
and finite (Eq. 8.44) if the output is taken single-endedly. When mismatches are taken into 
account, the CM gain for the differential-output case departs from zero but remains 

lower than the value obtained for single-ended output {Eq. 8.44). 

We conclude that to obtain a large * MRR, the output of the differential amplifier must 
taken differentially. The subject ol converting the output signal trom differential to singk 
ended without loss of CMRR will be studied in Section 8.5. 


8.3 The BJT Differential Pair 

Figure 8.15 shows the basic BJT differential-pair configuration. It is very similar to t 
MOSFET circuit and consists of two matched transistors, Q t and Q 2 , whose emitters ar^ 
joined together and biased by a constant-current source /. The latter is usually implomcn 
by a transistor circuit of the type studied in Sections 7.4 and 7.5. Although each collector 
shown connected to the positive supply voltage V cc through a resistance R c , this connect ^ 
is no) essential to the operation of the differential pair—that is, in some applications the t 
collectors may be connected to current sources rather than resistive loads. It is essen 
though, that the collector circuits be such that Q , and (7, never enter saturation. 
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Figure 8,15 The basic BJT 
differential-pair configuration. 


8,3.1 Basic Operation 

To see how the BJT differential pair works, consider first the case of the two bases joined 
together and connected to a common-mode voltage V CM . That is, as shown in Fig. 8.16(a), v B{ = 
= J'ca/* Since £7, and Q 2 are matched, and assuming an ideal bias current source / with infi¬ 
nite output resistance, it follows that the current / will remain constant and from symmetiy that 
/ will divide equally between the two devices. Thus i t , = = 1/2 , and the voltage at the 



Figure 8,16 Different modes of operation of the BJT differential pair: (a) the differential pair with a 
common-mode input voltage V ( vf ; (b) the differential pair with a "large differential input signal, (c) the dif 
ferential pair with a large differential input signal ot polarity opposite to that in (b) t (d) the differential pair 
with a small differential input signal v r Note that we have assumed the bias current source / to be ideal (i.e., 
it has an infinite output resistance) and thus / remains constant with the change in 
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l 



Figure 8.16 continued. 


emitters will be V CM - V BD where V BE is the base^mitter voltage (assumed in Fig 8.16a to be 
;] ,proximate!y 0.7 V) corresponding to an emitter current of 1/2. The voltage at each collector 
will be V cc - \aIR ( . and the difference in voltage between the two collectors will be zero. 

Now let us vary the value of the common-mode input voltage V CM . Obviously, as long as 
0 { and Q , remain in the active region, and the current source I has sufficient voltage across 
it to operate properly, the current / will still divide equally between Q l and Q 2 , and the volt¬ 
ages at the collectors will not change. Thus the deferential pair does not respond to (i.e., it 

rejects) changes in the common-mode input voltage. 

As another experiment, let the voltage v B2 be set to a constant value, say, zero (b) 
grounding B,), and let v Bi = + 1 V (see Fig. 8.16b). Vv ith a bit ot reasoning it can be seen thji 
will be on and conducting all of the current / and that Q 2 will be oil. For (7| to be on 
(with V 8Ei - 0.7 V), the emitter has to be at approximately +0.3 V, which keeps the EBJ ol 

Q 2 reverse-biased. The collector voltages will be v c{ = V cc - aIR c and v a = V cc . 

Let us now change v Bi to -1 V (Fig. 8.16c). Again with some reasoning it can be seen 

that will turn off, and Q 2 will carry all the current /. The common emitter will be at -07 V. 
which means that the EBJ of will be reverse biased by 0.3 V. The collector voltage wi 


be v a = V cc and v a = V C( - aIR t . 

From the foregoing, we see that the differential pair certainly responds to |J r c 
difference-mode (or differential) signals. In fact, with relatively small difference voltages 
we are able to steer the entire bias current from one side of the pair to the other. This curren ^ 
steering property of the differential pair allows it to be used in logic circuits, as vvi 


demonstrated in Chapter 14. 

To use the BJT differential pair as a linear amplifier, we apply a very small dittcrent 
signal (a few millivolts), which will result in one of the transistors conducting a can 
ol 1/2 + A/; the current in the other transistor will be 1/2 — A/, with A/ being p |ll l'' rl! ^ 
to the difference input voltage (see Fig. 8T6d). The output voltage taken between the n 
collectors will be 2# A IR a which is proportional to the differential input signal v,. 
small-signal operation ol the differential pair will be studied shortly. 
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8.9 Find v E , v cv and v a in the circuit of Fig. E8.9. Assume that 
proximately 0.7 V and that a— 1. 


v 


BE 


of a conducting transistor is ap- 


+ 5 V 


I kO 


o % 


+0.5 V o- 



Q 


v c\ 


o- 



-O 1/^2 


1 kll 


1 kO 


-5 V 

Ans. +0.7 V; -5 V; -0.7 V 


Figure E8.9 



8.3.2 Input Common-Mode Range 


Refer to the circuit in Fig. 8.16(a). The allowable range ol is determined at the upper 
end by Q , and Q 2 leaving the active mode and entering saturation. Thus 


- Vn + 0.4 = Vrr-a-Rr^ 0.4 


f CWmax “ v c t vs* ~ ’ CC~ 


( 8 . 66 ) 


The lower end of the V c ^ range is determined by the need to provide a certain minimum 
voltage V cs across the current source I to ensure its proper operation. Thus, 


V 


CiV/min 


= - V 


EE 


+ F CS + ^ BE 


(8.67) 


o 

o 





8.10 Determine the input common-mode range tor a bipolar differential amplifier operating from +_.. V 
power supplies and biased with a simple current source that delivers a constant current of 0.4 mA an 
requires a minimum of 0.3 V for its proper operation. The collector resistances R c - 5 kQ. 

Ans. -|.5 V to +1,9 V 
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o 


o 


8 . 3.3 Large-Signal Operation 


We now 
voltage 


nresent a general analysis of the BJT differential pair of Fig. 8. 15. If we denote the 
at the common emitter by v e and neglect.ng the Early effect, the exponential re | a . 


tionship applied to each of the two transistors may be written 


/c iPsi~ V ^^T 

i E[ = -e 
L a 

Is r 

i F2 = -e 
E1 a 


( 8 . 68 ) 


(8.69) 


These two equations can be combined to obtain 


E 1 




- e 


i 


E 2 


which can be manipulated to yield 


i 


£1 


I 


*£l "b ? £2 


I + e 


l 


£2 


( z 's2 _z 'bi r 


1 


(8.70) 


l E\ + *£2 


1 + e 


(Vgi-V^^^T 


(8.71) 


I tie circuit imposes the additional constraint 


*£l + *£2 — ^ 


(8.72) 


Using Eq. (8.72) together with Eqs. (8.70) and (8.71) and substituting v m - = v u gives 


/ 


£1 


1 + e 


-Vjj/ v 


(8.73) 


r 


/ 


l E2 ~ 



1 + e 


V id / V T 


The collector currents / C1 and i a can be obtained simply by multiplying the emitter currents 
in Eqs. (8.73) and (8.74) by or, which is normally very close to unity. 

The fundamental operation of the differential amplifier is illustrated by Eqs. (8.73) and 
(8.74). First, note that the amplifier responds only to the difference voltage v jd . That is, it 
v m = = V CAft the current / divides equally between the two transistors irrespective ot the 

value of the common-mode voltage V CM . This is the essence of differential-amplifier opera¬ 
tion, which also gives rise to its name. 

Another important observation is that a relatively small difference voltage v jd will cause 
the current I to flow almost entirely in one of the two transistors. Figure 8.17 shows a plot o 
the two collector currents (assuming a — 1) as a function of the differential input signal. This 
is a normalized plot that can be used universally. Observe that a difference voltage ot about 
4V T (—100 mV) is sufficient to switch the current almost entirely to one side ot the BJT p<u* 
Note that this is much smaller than the corresponding voltage for the MOS pair, tj^ov' 
fact that such a small signal can switch the current from one side ot the BJI differential P al 
the other means that the BIT differential pair can be used as a l ast current switch (Chapter 
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Figure 8.17 Transfer characteristics of the BJT differential pair of Fig. 8.15 assuming a — 1 


The nonlinear transfer characteristics of the differential pair, shown in Fig. 8.17, will not 
be utilized any further in this chapter. Rather, in the following we shall be interested specif¬ 
ically in the application of the differential pair as a small-signal amplifier. For this purpose, 
the difference input signal is limited to less than about V T /2 in order that we may operate on 
a linear segment of the characteristics around the midpoint* (in Fig. 8.17). 

Before leaving the large-signal operation ot the differential BJT pair, we wish to point out 
an effective technique frequently employed to extend the linear range ot operation. It consists 
of including two equal resistances R in series with the emitters ot (3, and Q 2 , as shown in 
Fig. 8.18(a). The resulting transfer characteristics for three different values ot R e are sketched 
in Fig. 8.18(b). Observe that expansion of the linear range is obtained at the expense of 
reduced G m (which is the slope of the transfer curve at v u = 0) and hence reduced gain. This 
result should come as no surprise; R here is performing in exactly the same way as the emitter 
resistance R does in the CE amplifier with emitter degeneration (see Section 6.6.4). Finally, we 
also note that this linearization technique is in effect the bipolar counterpart of the technique 
employed for the MOS differential pair (Fig. 8.7). In the latter case, however, V ov was varied 
by changing the transistors’ W/L ratio, a design too! with no counterpart in the BJT. 



8,11 For the BJT differential pair of Fig. 8.15, find the value of input differential signal that is sufficient 


to cause i n - 0.99/. 
Arts. 115 mV 
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Figure 8.18 The transfer character! sties of the BJT differential pair (a) can be linearized (b) (i.e„ the hntir 
range of operation can be extended) by including resistances in the emitters. 


8.3.4 Small-Signal Operation 

b) ibis section we shall study the application of the BJT differential pair in small-signal 
amplification. Figure 8.19 shows the BJT differential pair with a difference voltage signals 
applied between the two bases. Implied is that the dc level at the input—that is, the common- 
mode input voltage—has been somehow established. For instance, one of the two mp ut 
terminals can be grounded and v jd applied to the other input terminal. Alternatively, v 
differential amplifier may be led from the output of another differential amplif ier - ^ 
latter case, the voltage at one of the input terminals will be Kw w ^ e 
the other input terminal will be V CM - v ld /2 . 
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Fee 



Figure 8.19 The currents and voltages in the differential amplifier when a small differential input signal 

v y is applied. 


The Collector Currents When v !d Is Applied For the circuit of Fig. 8.19, we may use 

Eqs, (8.73) and (8.74) to write 


l c\ ~ 


al 


1 + 6 


“Vid^ V T 


(8.75) 


l C2 ~ 


al 


1 + e 


v id/ f 


(8.76) 


Multiplying the numerator and the denominator of the right-hand side of Eq. (8.75) by 

vji v T gives 


ale 


V id/~^T 


l C\ - 


v ld n v T -v, d /i v T 

g + € 


Assume that v u! < 2V r . We may thus expand the exponential e 
only the first two terms: 

al (1 + v id /2 V T ) 

1 + Uid/2 V T + 1 - v td /2 V T 


±V,j/2V t 


in a series and retain 


l c\ 


Thus 


l c 1 “ 


al al v jd 
2 + 2 V T 2 


(8.77) 


l C2 — 


(8.78) 


Similar manipulations can be applied to Eq. 1 8.76 1 to obtain 

al _ al_ v _id 
2 2V T 2 

Equations (8.77) and (8.78) tell us that when v u = 0, the bias current / divides equally between 

the two transistors of the pair. Thus each transistor is biased at an emitter current ot l 2. hen 
a “small-don'. 1 ” --_i-- j just._ ^ kptuyppn the two bases 11 , the collector current 
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of O increases by an increment I, and that of ft decreases hy an equal amount. This ensures 
that the sum of the total currents in Q , and ft remains constant, as constrained by the cunent- 
source bias. The incremental (or signal) current component i c is given by 


al v 


id 




Equation (8.79) has an easy interpretation. First, note from the symmetry of the circuit 
(Fi CT 8 19) that the differential signal v id should divide equally between the hase-emitter 
junctions of the two transistors. Thus the total base-emitter voltages will be 


V 


BE 


Q I 





where V is the dc BE voltage corresponding to an emitter current of 1/2. Therefore, the col¬ 
lector current of Q , will increase by g m vj2 and the collector current of Q 2 will decrease by 
p it /2 Here e denotes the transconductance of Q ] and of Q 2 , which are equal and given by 

& m * id * om 



Thus Eq. (8.79) simply states that i c = g m vJ2. 


An Alternative Viewpoint There is an extremely useful alternative interpretation of the 
results above. Assume the current source / to be ideal. Its incremental resistance then will be 
infinite. Thus the voltage v hi appears across a total resistance of 2r e , where 



Correspondingly there will be a signal current i e , as illustrated in Fig. 8.2< , given by 







Figure 8.20 A simple technique for determining the signal currents in a 
differential voltage signal dc quantities are not shown. 


differential aiTiplitier exc 


iied by a 
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av, d 


2 (r e + R e ) 


1 


t 


av 


id 


2 (r e + R e ) 


R, 


R, 


aR, 


2 (r e + R c < 

Vid 


Vid °- 


l b 


2(jS + f) ( 

o - 


- + 
■o v od o 


ocR, 




+ 


Vid 



R 


id 


U = 


V 


id 


2(j8 + 1) (r e + R e ) 


(r e + R c ) 



Figure 8.21 A differential amplifier with emitter resistances. Only signal quantities are shown (in color). 


Thus ihe collector of Q l will exhibit a current increment i c and the collector of Q 2 will 
exhibit a current decrement i c : 



{8.83) 



Note that in Fig. 8.20 we have shown signal quantities only. It is implied, of course, that 

each transistor is biased at an emitter current of 1/2 . 

This method of analysis is particularly useful when resistances are included in the emit¬ 
ters, as shown in Fig. 8.21. For this circuit we have 

j = v id _ (8.84) 

c 2r e + 2R e 



nput Differential Resistance Unlike the MOS differential amplifier, which has an infinite 
nput resistance, the bipolar differential pair exhibits a finite input resistance, a result of the 

inite p of the BJT. ... 

I he input differential resistance is the resistance seen between the two bases, that is, it is 
he resistance seen by the differential input signal V id . For the differential amplifier in Figs. 8.19 
ind 8.20 it can be seen that the base current of Q ] shows an increment i h and the base current 

4 Q , shows an equal decrement, 

(8.85) 


u = 




v id nr e 






fhus the differential input resistance R ui is given by 



-!/ = (p+ 1)2 r e 

it 




( 8 . 86 ) 
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This result is just a restatement of the familiar resistance-reflection rule; namely, the resistance 
seen between the two bases is equal to the total resistance in the emit to a rout multiplied by (fi+j) 
We can employ this rule to find the input differential resistance tor the circuit in Fig. 8.21 as 


R id = (P + 1 )(2r e + 2R e ) 


(8.87) 


Differential Voltage Gain We have established that for small difference input voltages 
^ 2V ■ i e v smaller than about 20 mV), the collector currents are given by 

\yij ^ Jy ltW, J id 


, u id 

*C1 — T C + 8m 

(8.88) 

__ j l 'id 

tC2 ~ *C 8 m sy 

(8.89) 

where 


al 

k - 2 

(8.90) 

Thus the total voltages at the collectors will be 


v C] - (Vcc ~ h'R-c) ~ -j 

(8.91) 

"C2 = (Vcc-I C Rc) + g„R c f 

(8.92) 



The quantities in parentheses are simply the dc voltages at each of the two collectors. 

As in the MOS case, the output voltage signal of a bipolar differential amplifier can be taken 
differentially (i.e., between the two collectors, v od - v 2 - v c] ). The differential gain of the dif¬ 
ferential amplifier will be 




For the differential amplifier with resistances in the emitter leads (Fig. 8.21 ), the differ¬ 
ential gain is given by 


A d = 


a(2R r ) 


R c 


2 r e + 2 R e r e + R e 


(8.94) 


This equation is a familiar one: It states that the voltage gain is equal to the ratio oj the told 
resistance in the collector circuit (2R C ) to the total resistance in the emitter circuit (2r e +2R ( h 

The Differential Half-Circuit As in the MOS case, the differential gain ol the BJTdif¬ 
ferential amplifier can be obtained by considering its differential half-circuit. Figure 8 -2(a) 
shows a differential amplifier ted by a differential signal v jd that is applied in acomplem enta 0 
(push-pull or balanced) manner. That is, while the base of Q ] is raised by v jd /2, the baseot 
Q 2 is lowered by v jd /2. We have also included the output resistance R EE ol ihe bias current 
source. From symmetry, it follows that the signal voltage at the emitters will be zero. Thus tin 
circuit is equivalent to the two common-emitter amplifiers shown in Fig. 8.22(b), where each 
of the two transistors is biased at an emitter current of 1/2. Note that the finite output resistance 
of the current source will have no effect on the operation, ihe equivalent circuit in Fig- 
8.2 2(b) is valid lor differential operation only. 

In many applications the differential amplifier is not fed in a complementary fashio 
rather, the input signal may be applied to one of the input terminals while the other terrain 
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-L . Biased at ^ 

(a) fb) 


Figure 8.22 Equivalence of the BJT differential amplifier in (a) to the two common-emitter amplifiers in 
(b). This equivalence applies only for differential input signals. Either of the two common-emitter amplifiers 
in (b) can be used to find the differential gain, differential input resistance, frequency response, and so on, of 

the differential amplifier. 






Figure 8,23 The differential amplifier fed in a 
single-ended fashion. 


is grounded, as shown in Fig. 8.23. In this case the signal voltage at the emitters will not be 
zero, and thus the resistance E will have an effect on the operation. Nevertheless, 1 EE is 
large (R n > r), as is usually the case, 1 then v id will still divide equally (approximately) 
between the two junctions, as shown in Fig. 8.23. Thus the operation of the di erentta 
amplifier in this case will be almost identical to that in the case of symmetric feed, and t e 

common-emitter equivalence can still be employed. 

Since in Fig. 8.22, v a2 = -v o] = the two common-emitter transistors m Fig. 8.-4 

yield similar results about the performance of the differential amplifier. Thus on y on ^ 1 ® 
needed to analyze the differential small-signal operation of the differential amp l ter, an 


'Note that R ff appears in parallel with the much smaller r e of 
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Figure 8.24 Equivalent-circuit model of the differential half-circuit formed by Q t in Fig. 8.22(b). 


is known as the differential half-circuit. If we take the common-emitter transistor fed with 
12 as the differential half-circuit and replace the transistor with its low-frequency, 
equivalent-circuit model, the circuit in Fig. 8.24 results. In evaluating the model parameters 
r , g , and r„, we must recall that the half-circuit is biased at 1/2. The voltage gain of the 
differential amplifier is equal to the voltage gain ot the half-circuit— that is, v g ^/{v^l 2). Here, 
we note that including r will modify the gain expression in Eq. (8.93) to 



a * = gmkdk) 



The input differential resistance of the differential amplifier is twice that of the half-circuit— 
that is. 2r . Finally, we note that the differential half-circuit o: the amplifier of Fig. 8.21 is a 
common-emitter transistor with a resistance R t in the emitter lead. 


8.3.5 Common-Mode Gain and CMRR 

Figure 8.25 shows a bipolar differential amplifier with an input common-mode signal 
v. , Here R EE is the output resistance of the bias current source /. We wish to find the 
voltages that result from v lcm at the collectors of Q x and Q 2 , v o} and v ol , and between 
the two collectors, v od . Toward that end, we make use of the common-mode half-circuits 
shown in Fig. 8.25(b). fhe signal i» (j| that appears at the collector of in response to 


v lrm will be 

i cm 

aR c 

7 / * — — 1/ - 

(8.96) 


ol r e + 2R EE 

Similarly, v o2 will be 

aR c 

t/ =- V 

(8.97) 


o2 „ * 1 D tcm 

) e + ik ee 


where we have neglected the transistor r ,, for simplicity. The differential output 

signal v od 

can be obtained as 

V od= v o2- v ol- 0 



Thus, while the voltages at the two collectors will contain common-mode noise or interfer 
ence components, the output differential voltage will be free from such interference. This 
condition, however, is based on the assumption of perfect matching between the two sides o 
the differential amplifier. Any mismatch wil 1 result in v od acquiring a component prop 0 * 
tional to v icm . For example, consider the case of a mismatch A R c between the tw o collect*' r 
resistances: If the collector of has a collector resistance R ( . 
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(a) (b) 

Figure 8.25 (a) I he differential amplifier fed by a common-mode input signal v Km . (b) Equivalent 
“half-circuits” for common-mode calculations. 


aR 


2 R 


EE* r , 


V ■ 
icm 


and the collector of Q : has a collector resistance (R c + M ( ), 


(X^Rr- + A/? c ) 


'’° 2 2 «« + r. 


V- 

tcm 


then the differential output voltage v od will be 


v od = 


v o2 - V 


o l 

a&R 


2R EE + r e 


V 

tcm 


and the common-mode gain will be 


A cm ~ 


V 


od 


y ■ 
tcm 


aAR c 

2Rrr + t\ 


(8.98) 


Since a = 1. r < 2 R Et . Eq. (8.98) can be approximated and written in the form 

f R c \fA R(? 


A cm V 2/? 


EE 


Rc 


(8.99) O 


The common-mode rejection ratio can now be found trom 

CMRR = - LJL 


I A 


cm 


together with using Eqs. (8.93) and (8.99), with the result that 

VA Rc' 

m^EE)/ ^ Ri 


CMRR = (2 g,J? FJf )/( 


(8.100) O 
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Figure 8.26 (a) Definition of the input common-mode resistance R iem . (b) I he equivalent common-mode 
half-circuit. 


which is similar in form to the expression for the MOS pair [Eq. (8.50)]. Thus, to obtain a 
high CMRR. we design the current source to have a large output resistance R EE and strive 
for close matching of the collector resistances. 



Common-Mode Input Resistance The definition of the common-mode input resistance 
R icm is illustrated in Fig. 8.26(a). Figure 8.26(b) shows the equivalent common-mode half- 
circuit; its input resistance is 2 R, cm . The value ot 2 R icm can be determined by analyzing the 
circuit of Fig. 8.26(b) while taking r n into account (because R EE and R c can be equal to. or 
larger than, r n ). The analysis is straightforward but tedious and can be shown [Problem 8.79] 
to yield the following result 


Km “ PR 


1 + R c /pr a 


EE 


1 + 


R c + 2 R ee 


O 




The differential amplifier in Fig. 8.27 uses transistors with p - 100. Evaluate the following: 

(a) The input differential resistance R id . 

(b) The overall differential voltage gain v^/v^ (neglect the effect of'rj. 

(c) The worst-case common-mode gain if the two collector resistances are accurate to within ±1%- 

(d) The CMRR, in dB. 

le) The input common-mode resistance (assuming that the Early voltage V A - 100 V). 
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+ 15 V 

i i 


R c = 10 kH 


R r = 10 kn 


” %d 4 



R c = 150 a 



B 


r e = 150 a 


5 kfl 


R ee - 200 ka 


^ j I — I mA 


Figure 8.27 Circuit for Example 8.4. 


Solution 

(a) Each transistor is biased at an emitter current ot 0.5 mA. Thus 



V T _ 25 mV 
l t 0.5 mA 


50 n 


The input differential resistance can now be found as 


R id = 2(p+\)(r e +R E ) 


— 2 x 101 x (50 + 150) - 40 kQ 


(b) The voltage gain from the signal source to the bases of Q, and Q 2 is 

v m _ K 

^sig ^sig "f Rjd 

= _ — - = 0.8 V/V 

5 + 5 + 40 


I he voltage gain from the bases to the output is 

v„d Total resi stance in the collectors 
tT] ~ Total resistance in the emitters 
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Example 8.4 continued 

_ 2Rc _ 2xJ0 -_ = 50 v/V 

~ 2(r e +R e ) 2(50+ 150) x 10“' 

The overall differential voltage gain can now be tound as 


A A — 


v _°l ]jd?_od = o 8 x 50 = 40 V/V 


T ’sig v sit v id 


(c) Using Eq. (8.99), 


k 


m 


R c A R c 


2 R ee Rc 


where A/?, = 0.02/? c in the worst case. Thus, 

10 




M 



CMRR = 20 log 


W 

M on 


cm1 2 x 200 


- x 0.02 = 5x10 V/V 


40 

= 20 log-^ 

5 x 10 


= 98 dB 


jj _ 100 

' 7/2 ” 0.5 


= 200 kn 


(e) Using Eq. (8.101), 


R icm = 6.6 MQ 




EXERCISES 





8.12 For the circuit in Fig. 8.19, let / = 1 mA, V cc = 15 V, R c = 10 k£2, with a = 1, and let the input voltages 
be: u fll = 5 + 0.005 sin 2 k x 1000/, volts, and = 5 - 0.005 sin 2 k x 1000/, volts, (a) If the BJTs 
are specified to have v Bf of 0.7 V at a collector current of 1 mA, find the voltage at the emitters, (b) 
Find g m for each of the two transistors, (c) Find i ( for each of the two transistors, i d) Find v c tor each 
of the two transistors, (e) Find the voltage between the two collectors, (f) Find the gain experienced 
by the 1000-Hz signal. 

Ans. (a)4.317 V; (b)20mA/V; (c)/ Cl = 0.5 + 0.1 sin 2/rx 1000/, mA and i a = 0.5 - 0.1 sin 2/rx 1000/, 
mA; (d) v a = 10 - 1 sin 2k x 1000/, V and = 10 + 1 sin 2k x 1000/, V; (e) t/~ - v a = 2 sin 2 n x 
1000/, V;(f) 200 V/V 

8.13 A bipolar differential amplifier utilizes a simple (i.e., a single CE transistor) current source to supply 
a bias current / of 200 pA, and simple current-source loads formed by pup transistors. For all tr al + 

sistors, (3 = 100 and \V A \ = 10 V. Findg m , \A J, R, d , l\ EE , CMRR (if the two load transistors 

exhibit a 1% mismatch in their r a ' s), and R t 

Ans. 4 mA/V; 100 kQ; 400 V/V; 50 kQ, 50kt2; 86 dB; 1.67 MU 
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g.4 Other Nonideal Characteristics 
of the Differential Amplifier 

8 . 4.1 Input Offset Voltage of the MOS Differential Pair 

i onsider the basic MOS differential amplifier with both inputs grounded, as shown in 
Fig. 8.28(a). If the two sides of the differential pair were perfectly matched (i.e., Q { and Q 2 
identical and R Di = R D2 = tlien current / would split equally between and Q 1% and V 0 
would be zero. But practical circuits exhibit mismatches that result in a dc output voltage V 0 
even with both inputs grounded. We call V 0 the output dc offset voltage. More commonly, 
we divide V Q by the differential gain of the amplifier, A d , to obtain a quantity known as the 
input offset voltage, V os> 



(8.102) O 


We can see that if we apply a voltage -V os between the input tenninals of the differentia! 
amplifier, then the output voltage will be reduced to zero (see Fig. 8.28b). This observation 
gives rise to the usual definition of the input offset voltage. It should be noted, however, that 
since the offset voltage is a result of device mismatches, its polarity is not known a priori. 

Three factors contribute to the dc offset voltage of the MOS differential pair: mismatch in 
load resistances, mismatch in WIL , and mismatch in V r We shall consider the three contrib¬ 
uting factors one at a time. 

For the differential pair shown in Fig. 8.28(a) consider first the case where Q x and Q 2 are 
perfectly matched but R m and R D2 show' a mismatch AR D ; that is, 

R d , = Rd + ^ 2 < 8 - 103 ) 


Vdd 

i i 



(a) 




/ 




f i9ure 8.28 (a) The MOS differential pair with bod. inputs grounded. Owing to device and resistor 
mismatches, a finite dc output voltage results, (b) Application of a voltage equa to t e inpu o se v 
to the input terminals with opposite polarity reduces F 0 to zero. 
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Because Q and Q are matched, the current / will split equally between them. Nevertheless 
because of'the mismatch in load resistances, the output voltages V m and V m will be 





Thus the differential output voltage V 0 will be 






The corresponding input offset voltage is obtained by dividing V 0 by the gain gjt 0 and sub- 
stituting forg m from Eq. (8.30). The result is 



V ov \(AR 


D 


2 A R 


D 


( 8 . 106 ) 


Thus the offset voltage is directly proportional to V ov and, of course, to A R D /R D . As an exam¬ 
ple. consider a differential pair in which the two transistors are operating at an overdrive 
voltage of 0.2 V and each drain resistance is accurate to within ±1%. It follows that the 
worst-case resistor mismatch will be 


*/> 

and the resulting input offset voltage will be 


0.02 


\V 0S \ = 0.1 x 0.02 = 2 mV 

Next, consider the effect of a mismatch in the W/L ratios of Q , and Q 2 , expressed as 


(W\ 

= 

W 1 . 

= — + -A 

fW \ 

(8.107) 


L 2 

Iz, J 


rw\ 

£-k| 

tW 

(8.1081 

\lK = 

L 2 

U ) 



Such a mismatch causes the current / to no longer divide equally between Q { and Q r 
because V CS] = V GS2 , the current conducted by each of Q, and Q 2 will be proportional toils w* 
ratio, and we can easily show that 





A (W/L) ~ 
2 (W/L). 

A(W/L) ~ 
2 (W/L). 


(8.109) 

( 8 . 110 ) 


/ A( W/L) 
2 (W/L) 


Dividing the current difference. 
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by g m gives the in P ut offset volta £ e ( due 10 the mismatch in W/L values). 2 Thus 


V - ' V ° v 
v os — 


2 A ( W/L) ) 


(8.111) O 


Here again we note that V os , resulting trom a (W/L) mismatch, is proportional to V ov and, as 

expected, A( W //.)- 

finally, we consider the ettect of a mismatch AV t between the two threshold voltages. 


Vn = 

AV 

V ’ + T 

(8.112) 

V,i = 

*-¥ 

(8.113) 


l’he current L will be given by 


1 W( A 2 


1 W 2 

L / n j( Vcs-V,) 2 


1 - 


AV t 


i2 


2(V CS - V')] 


which, for AV, 2( V GS - V t ) [that is, AV t < 2 V ov ], can be approximated as 


/, = \K^Vos-y,f( 


AV, 


l _ V. 

y GS y t 


Similarly, 


/ 2 = \Kj(V ss - v,) 2 {\ + 


AV, 


V GS - K 


We recognize that 


\<-AV cs -V,Y = - 


iind the current increment (decrement) in Q, ( Q ,) is 

1 AV, = I AV, 

2 V as - V, 2 Vov 

Dividing the current difference 2A1 by g gives the input offset voltage (due to Al ,). Thus, 


V m = AV, 


( 8 . 114 ) A 


a very' logical result! For modem MOS technology AV, can be as high as a few mV. Finally, 
we note that since the three sources for offset voltage are not correlated, an estimate of the 

total input offset voltage can be found as 


Vos = 


A/?o\ 


2 /?„' 


+ 


Vov AiW/I/j ) 2 + (A f/ } 2 


2 W/L ) 


(8.115) A 


^ e are skipping a step in the derivation: Rather than multiplying the current difference b> R^ and di 
v, ding the resulting output offset by A = g m R a we are simply dividing the current difference by g m - 
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8.14 


For the MOS differential pair specified in Exercise 8.4, find the three components of the input offset 
voltage.^Let A R,jR„ = 2%, A< W/L)/( W = 2%. and AK, = 2 mV. Use Eq. (8.115) to obtain an esti- 

mate of the total V os . 

Ans. 2 mV; 2 mV; 2 mV; 3.5 mV 



8.4.2 Input Offset Voltage of the Bipolar Differential Amplifier 

The offset voltage of the bipolar differential pair shown in Fig. 8.29(a) can be determined in 
a manner analogous to that used above for the MOS pair. Note, however, that in the bipolar 
case there is no analog to the V t mismatch of the MOSFET pair. Here the output offset 
results from mismatches in the load resistances R CI and R a and from junction area, and 
other mismatches in Q ] and Qy Consider first the effect of the load mismatch. Let 

R cl = Rc + =r (8-116) 

Rci = R c -^£ (8.117) 

and assume that Q x and Q : are perfectly matched. It follows that current / will divide equally 
between Q , and Q v and thus 



C IA 

Figure 8.29 (a) The BJT differentia! pair with both inputs grounded. Device mismatches result in 
dc output V Q . (bj Application of the input offset voltage V os = V a /A d to the input terminals with ow 
polarity reduces V u to zero. 
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Vex = Ycc ~ 


Vci ~ Vrr — 


CC 


(?)(*♦¥ 

f )(*c-AAc 


Thus the output voltage will be 


V 0 = Vn - 


ci 


Vex = 


and the input offset voltage will be 



/>| 

2 / 


(A R c ) 


Vos = 


a(I/2 ){AR C ) 


( 8 . 118 ) 


Substituting A d = gj< c and 


Sm 


af/2 


gives 


Vos I = V, 


ARc\ 

R c y 


(8.119) 


An important point to note is that in comparison to the corresponding expression for the 
MOS pair (El 8.106) here the offset is proportional to V T rather than V ov /2. V T at 25 mV is 
3 to 6 times lower than V ov /2. Hence bipolar differential pairs exhibit lower offsets than 
their MOS counterparts. As an example, consider the situation of collector resistors that are 
accurate to within ±1%. Then the worst case mismatch will be 


A Rc 

R c 

and the resulting input offset voltage will be 


= 0.02 


V os \ = 25x0.02 = 0.5 mV 


Next consider the effect of mismatches in transistors Q { and Q v In particular, let the 
transistors have a mismatch in their emitter-base junction areas. Such an area mismatch 
gives rise to a proportional mismatch in the scale currents 1$, 


h\ =4 + 


A/, 


( 8 . 120 ) 


hi — h 


A/. 


( 8 . 121 ) 



Refer to Fig. 8.29(a) and note that V 8Ei — V BE2 , Thus, the current / will split between Q i and 
in proportion to their / s values, resulting in 


h\ — 

hi = 



( 8 . 122 ) 

(8.123) 


It follows that the output offset voltage will he 
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and the corresponding input offset voltage will be 





As an example an area mismatch of 4% gives rise to M s /I s = 0.04 and an input offset 
voltage of 1 mV Here again we note that the offset voltage is proportional to K r rather 
than to the much larger V ov , which determines the offset ot the MOS pair due to 4(1 VIL) 

mismatch. 


Since the two contributions to the input offset voltage are usually not correlated, an esti¬ 
mate of the total input offset voltage can be found as _ 


Vns = 



+ 



— l J 



A R c ' 


+ 


fA/A 2 


I 


1 


(8.125) 


There are other possible sources for input offset voltage such as mismatches in the val¬ 
ues of /?and r a . Some of these are investigated in the end-of-chapter problems. Finally, it 
should be noted that there is a popular scheme for compensating for the offset voltage. It 
involves introducing a deliberate mismatch in the values of the two collector resistances 
such that the differential output voltage is reduced to zero when both input terminals are 
grounded. Such an offset-nulling scheme is explored in Problem 8.81. 


8.4.3 Input Bias and Offset Currents of the 
Bipolar Differential Amplifier 

In a perfectly symmetric differential pair the two input terminals carry equal dc currents, 
that is. 



(8.126) 


This is the input bias current of the differential amplifier. 

Mismatches in the amplifier circuit and most importantly a mismatch in /? make the two 
input dc currents unequal. The resulting difference is the input otfset current, 1^ given as 




then 


P\ ~ P + 

Pi = p-^ 



1 1 

2 /?+ \ +Afi/2 

1 1 

2 /?+ 1 -A/?/2 


2/9+A ip> 

(8.128) 

LJU 1 + M) 

2/9+1V 2P> 

(8.18) 


8.5 The Differential Amplifier with Active Load 635 


Ios ~ 2 (jHj(^) 

Formally, the input bias current I B is defined as follows: 

, _ * B I + ^B2 _ / 

* - 2 “ 2 (^+ 1 ) 


(8.130) 


(8.131) O 


1 bus 



(8.132) O 


As an example, a 10% mismatch results in an offset current that is one-tenth the value of 
the input bias current. 

Finally note that a great advantage of the MOS differential pair is that it does not suffer 
from a finite input bias current or from mismatches thereof! 


8.4.4 A Concluding Remark 

We conclude this section by noting that the definitions presented here are identical to those 
presented in Chapter 2 for op amps. In fact, as will be seen in Chapter 12, it is the input 
differential stage in an op-amp circuit that primarily determines the op-amp dc offset volt¬ 
age. input bias and offset currents, and input common-mode range. 



8.15 For a BJT differentia! amplifier utilizing transistors having /?= 100, matched to 10% or better, and 
areas that are matched to 10% or better, along with collector resistors that arc matched to 2% or 
better, find V os , f B , and I os . The dc bias current / is 100 pA. 

Ans. 2.55 mV; 0.5 pA; 50 nA 


8.5 The Differential Amplifier with Active Load 

The differential amplifiers we have studied thus tar have been of the differential output vari¬ 
ety; that is, the output is taken between the two drains (or two collectors) rather than 
between one of the drams (collectors) and ground. Taking the output differentially has two 

major advantages: 

1* It decreases the common-mode gain and increases the common-mode rejection ratio 
(CMRR) dramatically. Recall that while the drain (collector! voltages change some¬ 
what in response to a common-mode input signal, the difference between the drain 
(collector) voltages remains essentially zero except for a small change due to the 
mismatches inevitably present in the circuit. 

2. It increases the differential gain by a factor of 2 (6 dB) because the output is the dif- 
ference between two voltages of equal magnitude and opposite sign. 
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Figure 8.30 A three-stage amplifier consisting of two differential-in, differential-out stages, A, and A, 

and a differential-in, single-ended-out stage A y 

These advantages are sufficiently compelling that at least the first stage in an 1C amplifier 

such as an op Imp is differential-in. differential-out. The differential transmission of the 
signal on the chip also minimizes its susceptibility to corruption with noise and interference, 
which usually occur in a common-mode fashion. Nevertheless, it is usually required at some 
point to convert the signal from differential to single-ended; for instance, to connect it loan 
off-chip load. Figure 830 shows a block diagram of a three-stage amplifier in which the first 
two stages are of the differential-in, differential out type, and the third has a single-ended 
output, that is. an output that is referenced to ground. We now address the question of con¬ 
version from differential to single-ended. 

8.5.1 Differential to Single-Ended Conversion 

Figure 831 illustrates the simplest, most basic approach for differential-to-single-ended 
conversion. It consists of simply ignoring the drain current signal of Q } and eliminating its 
drain resistor altogether, and taking the output between the drain of Q 2 and ground. The 
obvious drawback of this scheme is that we lose a factor of 2 (or 6 dB) in gain as a result of 
“wasting the drain signal current of Q r A much better approach would be to find a way of 
utilizing the drain-current signal of Q r and that is exactly what the circuit we are about to 
discuss accomplishes. 


+v id /2 o 





o -vj 2 


Figure 8.31 A simple but inetiicieni approach for differential to single-ended conversion. 
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8.5.2 The Active-Loaded MOS Differential Pair 

Figure 8.32(a) shows a MOS differential pair formed by transistors and Q : , loaded by a 
current mirror formed by transistors Q y and Q r To see how this circuit operates consider 
fust the quiescent or equilibrium state with the two input terminals connected to a dc voltage 
equal to the common-mode equilibrium value, in this case 0 V, as shown in Fig. 832(b). 

Assuming perfect matching, the bias current / divides equally between Q , and Q „ The drain 
current of Q r //2, is fed to the input transistor of the mirror, Q v Thus, a replica of this cur¬ 
rent is provided by the output transistor ol the mirror, Q r tbserve that at the output node the 
two currents 1/2 balance each other out, leaving a zero current to flow out to the next stage 
or to a load (not shown). If Q A is perfectly matched to Q y its drain voltage will track the volt¬ 
age at the drain of Q x \ thus in equilibrium the voltage at the output will be V DD - V SGV It 




Figure 8.32 (a) The active-loaded MOS differential pair, (h) The circuit at equilibrium assuming perfect 
matching, (c) The circuit with a differential input signal applied and neglecting the r 0 of all transistors. 
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should be noted, however, that in practical implementations, there will always be mis . 
matches, resulting in a net dc current at the output. In the absence ot a load resistance, this 
current will flow into the output resistances of Q 1 and 0 4 and thus can cause a large devia¬ 
tion in the output voltage from the ideal value. Therefore, this circuit is always designed » 
that the dc bias voltage at the output node is defined by a feedback circuit rather than by Mra , 
pW ra ving on the matching of & and Q r We shall see how this is done later. 

' Next consider the circuit with a differential input signal v id applied to the input, as 
shown in Fig. 8.32(c). Since we are now investigating the small-signal operation of the circuit, 
we have removed the dc supplies (including the current source /). Also, for the time being let 
us ignore r of all transistors. As Fig. 8.32(c) shows, a virtual ground will develop at the 
common-source terminal of Q , and Q r Transistor Q t will conduct a drain signal current/= 
v. /2, and transistor Q~ will conduct an equal but opposite current i. The drain signal cur- 
rem / of 0, is fed to the input of the Q, - ft mirror, which responds by providing a replica in 
the drain of ft. Now. at the output node we have two currents, each equal to /, which sum 
together to provide an output current 21 It is this factor of 2, which is a result of the current- 
mirror action, that makes it possible to convert the signal to single-ended form i.e., between 
the output node and ground) with no loss ot gain! If a load resistance is connected to the out¬ 
put node, the current 2 i flows through it and thus determines the output voltage v 0 . In the 
absence of a load resistance, the output voltage is determined by the output current 2/ and 
the output resistance of the circuit, as we shall shortly see. 

8.5.3 Differential Gain of the Active-Loaded MOS Pair 

As we learned in Chapter 7, the output resistance r 0 of the transistor plays a significant role 
in the operation of active-loaded amplifiers. Therefore, we shall now take r 0 into account 
and derive an expression for the differential gain v ( /v ld of the active-loaded MOS differential 
pair. Unfortunately, because the circuit is not symmetrical a virtual ground will not develop 
at the common source terminal, contrary to the qualitative description presented above 
(where the r s were neglected). Thus we will not be able to use the differential half-circuit 
technique. Rather, we shall perform the derivation from first principles: We will represent the 
output of the circuit by the equivalent circuit shown in Fig. 8.33 and hnd the short-circuit 
transconductance G m and the output resistance R ,. Then, the gain will be determined as GJt„. 

Determining the Transconductance G m Figure 8.34(a) shows the circuit 3 prepared for 
determining G m . Note that we have short-circuited the output to ground in order to findG ffi a> 

jp * - ■ o v ° 

Gm Vid 


Figure 8.33 Output equivalent circuit of the amplifier in Fig. 8.32(a) for differential input signals 


Note that rather than replacing each transistor with its small-signal model, we are, tor simplicity v 
the models implicitly, r hus we have "pulled r out' of each transistor and shown it separate y so 
the drain current becomes 2 v 

Otfi gt r 
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Figure 8.34 Determining the short-circuit transconductance G„, = ijv td of the active-loaded MOS dif¬ 
ferential pair. 


// v ld . Although the original circuit is not symmetrical, when the output is shorted to ground, 
the circuit becomes almost symmetrical. This is because the voltage between the drain of Q , 
and ground is very small. This in turn is due to the low resistance between that node and 
ground which is almost equal to 1 /g mV Thus, we can now invoke symmetry and assume that 
a virtual ground will appeal at the source of Q x and Q 2 and in this way obtain the equivalent cir¬ 
cuit shown in Fig. 8.34( b). Here we have replaced the diode-connected transistor Q } by its 
equivalent resistance [(l/g m3 1 ||r o3 ]. The voltage v ^ that develops at the common-gate node 
of the mirror can be found by multiplying the drain current of Q y (g ml v id /2), by the total 
resistance between the drain of Q, and ground. 



(8.133) 


which for the usual case of r ol and r t)3 > l/g m i) reduces to 



(8.134) 


This voltage controls the drain current of Q A resulting in a current ot g m4 v g y Note that the 
ground at the output node causes the currents in r ol and r 4 to be zero. Thus the output current i 0 
will be 


G gmA^'gi " 1 * ^ j 


Substituting foru g3 from Eq. (8.134) gives 


^ o Sm 1 




\ 


V 


id 


Ih 


gmV K2 




id 


Now, since g„ 3 = gmi and g m , = g„, 2 = g m , the current /„ becomes 


(8.135) 


^ o Stupid 
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from which G. is found to be 




fhus the short-circuit transconductance of the circuit is equal to g. of each of the two tra,- 

istors of the differential pair. 1 Here we should note that in the absence ol the currem-minw 
iction, G m would be equal to g m / 2. 


R 


(etermininq the Output Resistance R 0 Figure 8.35 shows the circuit tor determining 
,e output resistance R„. Observe that we have set v ld to zero resulting in the ground con- 
“Ctions at the gates of <2, and Q 2 . We have applied a test voltage «„ in order to determine 


V X 

R ° s i 


Analysis of this circuit is considerably simplified by observing the current transmission 
around the circuit by simply following the circled numbers. I he current i that enters ft 
must exist at its source. It then enters Q„ exiting at the drain to teed the Q } -Q t minor. 
Since for the diode-connected transistor Q s , 1 /g mi is much smaller than r o} . most of the 
current i flows into the drain proper of Q } . The mirror responds by providing an equal cut- 
rent i in the drain of Q t . The relationship between i and v„ can be determined by observing 

that at the output node 


; = vj R 


x 


ol 


where R 2 is the output resistance of Q v Now, Q 2 is a CG transistor and has in ii' soune 
lead the input resistance of the CG transistor Q,. Noting that the load resistance of ft 








Figure 8.35 


C ircuit for determining R 0 . The circled numbers 


indicate the order of the analysis steps. 


^Because the circuit of Fig. 8.34(a) is not perfectly symmetrical, the voltage at the common 
mmal will not be exactly zero. Nevertheless, it can be shown that the voltage will be ver> sm 
transconductance G m will indeed be very close to g m . 
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is |(1 gmi) II r o 3 ]’ vv hich is approximately l/g m3 , we can obtain R in[ by using the expres¬ 
sion tor the input resistance *>| a CG transistor (adapt Eq. 7.35 by replacing the subscript 2 

bv 1), 


^int “ 




1 ^o 


1 


1 . l/«„3 

T 


1 


Sm 1 Sml^ol Sm l 

We then use this value of R in] to determine R ol using the expression in Eq. (7.38) as 

follows: 

^ol — ^inl + 1 ol + Sm2 r o2^in\ 

-— + >-02 + f — V „2 


Sm I 

which, for g m] = g m2 = g m and g ml r ol 1, yields 


am 1 


Rq 2 ~ 2 r ol 


(8.137) 


Returning to the output node, we write 


B B 


V 


K = l + / + 


jt 


x 


r 


o4 


= 2 / + 


v x v x 

_L ?_1 


V 


+ 


r 


o 4 


Rq 2 r 


o 4 


Substituting for R o2 from Eq. (8.137), we obtain 


v x v r 
i = 2—— + — 

* ?r ^ 

^ o2 r o4 


i'hus. 


“ = r o2 II r o4 

x 


(8.138) 


which is an intuitively appealing result. 


Determining the Differential Gain Equations (8.136) and (8,138) can be combined to 
obtain the differential gain A d as 


V 


A d = — = G m R 0 = gjr a2 r o4 ) 


v id 


(8.139) 


For the case r,, = r , = r, 

a 2 o4 o* 


1 A 0 

A d = zg m r„ = 




(8.140) 


where is the intrinsic gain of the MOS transistor. 


o 

o 

o 


8.5.4 Common-Mode Gain and CMRR 

Although its output is single-ended, the active-loaded MOS differential amplifier has a low 
common-mode gain and, correspondingly, a high CMRR. Figure 8.36(a) shows the circuit 
v icm applied and with the power supplies eliminated except, of course, for the output 
resistance R ss of the bias-current source /. Although the circuit is not symmetrical and hence 
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Figure 8.36 Analysis of the active-loaded MOS differential amplifier to determine its common tnoti 
gain. 


we cannot use the common-mode half-circuit, we can split R equally between Q x and & 35 
shown in Fig. 8.36b. It can now be seen that each of Q x and Q 2 is a CS transistor with a ^ 
source degeneration resistance 2R SS . 

Each ot Q x and Q 2 together with their degeneration resistances can be replaced by t - t l Ll ^ 
lent circuits composed of a controlled source m v, and an output resistance cV > 
shown in Fig. 8.36(c). To determine G mt m we short circuit the drain to ground, as ^ 


Fig. 8.36(d) lor Q x . Observe that 2 R ss and r o] appear in parallel. I 'ius the voltage ^ 
source terminal can be found from the voltage divider consisting of 1 /g m \ an ^ ( 2 Rss r ° l! 
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V s = v icm 


r oX ) 


(~Rss II r ol) + 1 1 /gmO 


— V 


icm 


The short-circuit drain current i 0 can be seen to be equal to the current through 2 R ss ; thus. 


ll i 

* _ icm 

° 2 R ss 


which leads to 


G 


i 


o 


mcm 


V - 

icm 


2 R 


ss 


(8.141) O 


The output resistance R oX can be determined using the expression for R 0 of a CS transistor 
with an emitter-degeneration resistance (Eq. 7.38) to obtain 


R o\ = 2 R SS +r o\ + (gml f 'ol)i 2R Ss) 


(8.142) O 


Similar results can be obtained tor Q 2 , namely, the same G mcm and an output resistance 
R o2 given by 


R o2 = 2 R SS + r 02 + (gm2 / V2)(2/?Ss) 


(8.143) O 


Returning to the circuit in Fig. 8.36(c), the voltage v g3 can be obtained by multiplying 


G m . m » by the total resistance between the d x node and ground, 


^mcm v iciJ\ R o t 


o3 


J 


gm2 


This voltage in turn determines the current i A as 


(8.144) 


^'4 gm^^gsi 5m4 I, g3 


Thus, 


U ~ ~gm4^ 


V - 

mcm L icm 


«„j 


r 


t?3 


I 


S ml 


Finally, we can obtain the output voltage v Q by writing for the output node, 

G mcm V icm + U + + T“ = 0 

r o4 

Substituting for / 4 from Eq. (8.145) and for G mvm from Eq. (8.141) yields 


r 0 4 II R o2 


XJ = —v. - 

0 tcm 2 R 


I £m4l Rol 


o3 


1 3 




(8.145) 


ce R < 2 $> r 4 and R ltX > /;, 3 , we can neglect both. Also, substituting g m4 
ain the following expression for A cm > 


= gmi* WC 


A = 

/ cm 


V 


<?4 


1 


V 


icm 


2 R SS ] +gm) r o3 


(8.146) O 



is expression can be further simplified by noting that g m $r 0 3 ^ 1 an ^ '03 
result that 


r o4 with the 


I 


c " '2 g„,R 


ss 


(8.146') 
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o 

o 


Since R a is usually large, at least equal to r^ w.ll be smalT The= common-mode rejection 
ratio (CMRR) can now be obtained by utilizing Eqs. (8. L * 

CMRR = rj^i = [^( r o2|| r o4)][ 2 ^3^5sl (8.147) 

\**an | 

which for r ol = ^ = y and g m3 = g m simplifies to 

CMRR = (g m r 0 ){g m R S s) (8.148) 

We observe that to obtain a large CMRR, we select an implementation of the biasing current 
source / that features a high output resistance. Such circuits include the cascode current 
source and the Wilson current source studied in Section 7.5. 



o ic An active-loaded MOS differential amplifier of the type shown in Fig. 8.32(a) is specified as follows: 

00 (W),„=200. A C„ = 2/^,=0.2mA/V ! , V Am - \ V»\ = 20 V, 7=0.8mA.^= 25kft 

Calculate G m , R 0 , A# | A cm \ t and CMRR. 

Ans. 4 mA/V; 25 kQ, 100 V/V; 0.005 V/V; 20,000 or 86 dB 




8.5.5 The Bipolar Differential Pair with Active Load 

The bipolar version of the active-loaded differential pair is shown in Fig. 8.37(a). The circuit 
structure and operation are very similar to those ot its MOS counterpart except that here v\e 
have to contend with the effects of finite /? and the resulting finite input resistance at the 
base. r K . For the time being, however, we shall ignore the effect of finite /?on the dc bias of the 
four transistors and assume that in equilibrium all transistors are operating at a dc current of / - 


Differential Gain To obtain an expression for the differential gain, we apply an input dif¬ 
ferential signal ry as shown in the equivalent circuit in Fig. 8.37(b). Note that the output is con¬ 
nected to ground in order to determine the overall short-circuit transconductance G m = y 
Also, as in the MOS case, we have assumed that the circuit is sufficiently balanced so that 
virtual ground develops on the common emitter terminal. This assumption is predicated on the 
fact that the voltage signal at the collector of will be sma 1 as a result of the 
between that node and ground (approximately equal to r ei ). The voltage v b3 can be found from 


V 




Of the four resistances in the parallel equivalent on the right-hand side, r e3 is much smaller 
than the other three and thus dominates, with the result that 


Since v,, = 


~ ( V 'A 

7l A3 Sml^eiy 2 j 

(8.149) 

the collector current of Q x will be 


„ _ . ( v jd\ 

Sm4^h4 Srn^Sm 1 ^ eJ l J 

V Zm * 

(8,15°) 
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^cc 

A 


14,10- 



-V 


EE 








Figure 8.37 (a) Active-loaded bipolar differential pair, (b) Small-signal equivalent circuit for determining 
the transconductance Gy = / *c) Equivalent circuit tor determining the output resistance R t} = v x / i x . 


The output current i can be found from a node equation at the output as 


V £ 


id 


l 0 w 2 i rj J Sm4^b4 


(8.151) 


Using Eq. (8.150), we obtain 


Iq g m2 


2 ) 


fv 


T gmtgm 1 ^3 


(d 


K 2 


(8.152) 


^ince all devices are operating at the same bias current, g mi - g m2 - g ,„4 - where 
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o 

o 



1/2 


g 


m 


(8.153) 


and r 


el 


= aJg m 3 = a/g m « 1/fo. Thus, for G„ Eq. (8.152) yields 


G/n — g m 


( 8 . 154 ) 


vhich is identical to the result found for the MOS circuit. 

Next we determine the output resistance of the amplifier utilizing the equivalent circuit 
hown in Fi a 8.37(c ). We urge the reader to carefully examine this circuit and to note that the 
inalysis is very similar to that for the MOS pair. Note specifically that the total resistance 
between the collector of Q } and ground is approximately r e3 . Now, since this is a relatively low 
esistance, the input resistance of the CB transistor Q, will be approximately equal to its r e that 
s r , Then, the output resistance R r ot transistor Q 2 can be found using Eq. (7.50) by noting 
hat the resistance R e in the emitter of Q 2 is approximately equal to r el , thus. 


R ol — r ol\ 1 + gml( r e\ || 

— r o2 0 + gml r el) 

— 2 r nl 


( 8 . 155 ) 


where we made use of the fact that correspondi ng parameters of all four transistors are equal. 
The current i can now be found as 


V 


V 


/ = 


R 


o2 


2r o2 


( 8 . 156 ) 


and the current /, can be obtained from a node equation at the output as 


i x = 2/ + 


V 


V 


V 


o 4 


r 0 2 


+ 


o 4 


Thus, 


v Y 


o 2 


o4 


( 8 . 157 ) 


This expression simply says that the output resistance of the amplifier is equal to the paralle 
equivalent of the output resistance of the differential pair and the output resistance of the 
current mirror; a result identical to that obtained for the MOS pair. 

Equations (8.154 1 and (8.157) can now be combined to obtain the differential gain, 


^d=~ = G m R 0 = g m (r o2 \\r o4 ) 

1 id 


( 8 . 158 ) 


( 8 . 159 ) 


and since r o2 - r 4 = r ( , we can simplify Eq. (8.158) to 

Ad 2 Sm^o 

Although this expression is identical to that found for the MOS circuit, the gain here is mud 
larger because g m r 0 for the BJT is more than an order of magnitude greater thangj,, 0 ‘ 
MOSFET. 1 ie downside, however, lies in the low input resistance ot BJT amplify 
Indeed, the equivalent circuit of Fig. 8.37(b) indicates that, as expected, the difteruit a 
nput resistance of the differential amplifier is equal to 2r n , 

= 2 r, (8 ' l6 “ 

in sharp contrast to the infinite input resistance of the MOS amplifier. Thus, while thevoltd? 
gain realized in an active-loaded BJT amplifier stage is large, when a subsequent BJT 
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connected to the output, its inevitably low input resistance will drastically reduce the overall 

voltage gain. 


Common-Mode Gain and CMRR The common-mode gain A Lm and the common-mode 
rejection ratio (C MRJ^.) can be found following a procedure identical to that utilized in the 
MOS case. Figure 8.38 shows the circuit prepared for common-mode signal analysis. As we 
have done in the MOS case, we will represent each of Q ] and Q 2 together with their emitter 
resistances by a short-circuit output current /, 2 and an output resistance R ,, 2 . The short-circuit 
output currents of Q x and Q 2 are given by 


V 


1 1 1 1 ~ 




2 R 


( 8 . 161 ) 


EE 


It can be shown that the output resistances of and Q 2 , R til and R o2i are very large compared 
with the other resistances between the collector nodes of and Q 2 ground, and hence can be 
neglected. 1 hen, the voltage V b3 at the common base connection of £7, and Q 4 can be found by 
multiplying i [ by the total resistance between the common base node and ground as 


v 




(8.162) 


In response to v b3 transistor Q A provides a collector current g m4 v by At the output node we can 
write the equation 

~ + gm4 v b3 + h — 0 (8.163) 

r 0 4 

Substituting for v b3 from Eq. (8.162) and for q and i 2 from Eq. (8.161) gives 



(8.164) 


f _L 

1 



O l’ 


v icm 0 — | Q 


Figure 8.38 Analysis of the bipolar active- 
loaded differential amplifier to determine the 
common-mode gain. 
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where we 


have assumed g m3 = g„,- Now, t° r r r) - and i o3 > > Eq. (8.164) gives 


o 


o 


o 


r o4 


* 7t3 


"cm y.R 


EE 


Sm3 


r 


tt3 


r o4 

/^3 


r 


o4 


PJ 


EE 


(8.165) 


Usina A from Eq. (8.158) enables us to obtain the CMRR as 

__ I AJ _ . JAR 


CMRR = 


| A 


= gm( r o2 II r o 4) 


cm' 


oA 


\ 

/ 


( 8 . 166 | 


For r o2 = = r n , 


(>4 


CMRR - ifagmRgB 


(8.167) 


from which we observe that to obtain a large CMRR, the circuit implementing the bias current 
source should have a large output resistance R EE . This is possible with, say, a Wilson current 

mirror (Section 7.5.3). 

Before leaving the subject of the CM gain of the active-loaded differential amplifier, it is 
useful to reflect on the origin of its finite common-mode gain: It is simply due to the current 
transmission error introduced by the ctnTent-mirror load. In the case of the MOS circuit, this 
error is due to the finite r o3 ; in the case of the bipolar mirror, the error is due to the finite 0 

[Problem 8.98]. 



8.17 


For the active-loaded BJT differential amplifier let / = 0.8 mA, V A - 100 V, and p- 160. Find G m> 
R ,A„ and R ,. If the bias current source is implemented with a simple npn current mirror, find/? ££ , 


cm 


and CMRR. 


Ans. 16 mA/V; 125 kft; 2000 V/V; 20 kH; 125 kQ; -0.0125 V/V; 160,000 or 104 dB 




Systematic Input Offset Voltage In addition to the random offset voltages that resi 
from the mismatches inevitably present in the differential amplifier, the active-loaded bipol 
differential pair suffers from a systematic offset voltage. This is due to the error in the curre 
transfer ratio of the current-mirror load caused by the finite p of the pnp transistors th 
make up the minor. To see how this comes about, refer to Fig. 8.39. Here the input-' a 
grounded and the transistors are assumed to be perfectly matched. Thus, the bias current 
will divide equally between Q x and Q 2 with the result that their two collectors conduct tqu 
cunents ot al/2. 1 tie collector cunent of Q t is fed to the input of the current mirror Fro 
Section 7,4 we know that the cunent-transfer ratio of the mirror is 

h 1 


/ 


1 + 


Pi 


( 8 . 168 ) 
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i V cc A 



Figure 8.39 The active-loaded BJT differential pair suffers from a systematic input offset voltage 
resulting from the error in the current-transfer ratio of the current mirror. 


where p r is the value of /?of the pnp transistors Q x and Q r Thus the collector current of Q 4 
w ill be 


/„ = (8.169) 

I +w 
Pp 

which does not exactly balance the collector current ot Q v It follows that the current differ¬ 
ence A/ will flow into the output terminal ot the amplifier with 



al/2 



al 2/p P 



al 


Pr 

To reduce this output current to zero, an input voltage 
value of 


(8.170) 


V QS has to be applied with a 



Substituting for M from Eq. (8.170) and for G m = g m = {aI/2)/V T , we obtain for the 

M 

input offset voltage the expression 

al/p P _ 2 Vj 

05 ~ ~ al/2 V T ~ Pp 


(8.171) O 


















































































650 Chapter 8 Differential 


and Multistage Amplifiers 



Figure 8.40 An active-loaded bipolar differential amplifier employing a folded cascode stage (£5 3 and0J 
and a Wilson current-mirror load (Q$, Q 6 , and Q-,). 


As an example, for = 50, V os = -1 mV. To reduce V os , an improved current mirror 
such as the Wilson circuit studied in Section 7.5.3 should be used. Such a circuit pro¬ 
vides the added advantage of increased output resistance and hence voltage gain. How¬ 
ever, to realize the full advantage of the higher output resistance of the active load, the 
output resistance of the differential pair should be raised by utilizing a cascode stage. Figure 
8.40 shows such an arrangement: A folded cascode stage formed by pnp transistors Q ) 
and Q, is utilized to raise the output resistance looking into the collector ol Q 4 to /tyv A 
Wilson mirror formed by transistors Q s , Q 6 , and Q 1 is used to implement the active 
load. From Section 7.5.3 we know that the output resistance of the Wilson mirror (i.e., 
looking into the collector of Q<) is fi s (r o5 /2). Thus the output resistance of the amplifier 
is given by 



The transconductance G m remains equal to g m of Q { and Q T Thus the differential voltage 
gain becomes 


O A d = g m 

which can be very large. Further examples of improved-performance diltereniial ampli icr 
will be studied in Chapter 12. 


p A r 


o 4 


A 


r_os 

2 


(8.1731 
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3,18 Find G m and /? o5 , R 0 , and A d for the differential amplifier in Fig. 8.40 under the following con¬ 
ditions: / = 1 mA, fi p ~ 50, ~ 100, and V A = 100 V. 

Ans, 20 mA/V; 10 MU; 10 MU; 5 MU; 10 s V/V or 100 dB 



8.6 Multistage Amplifiers 

Practical transistor amplifiers usually consist of a number of stages connected in cas¬ 
cade In addition to providing gain, the first (or input) stage is usually required to pro¬ 
vide a high input resistance in order to avoid loss of signal level when the amplifier is 
fed from a high-resistance source. In a differential amplifier the input stage must also provide 
lame common-mode rejection. The function of the middle stages of an amplifier cascade 
is to provide the bulk of the voltage gain. In addition, the middle stages provide such 
other functions as the conversion of the signal from differential mode to single-ended mode 
(unless, ot course, the amplifier output also is differential) and the shifting of the dc level 
of the signal in order to allow the output signal to swing both positive and negative. These 
two functions and others will be illustrated later in this section and in greater detail in 

Chapter 12. 

Finally, the main function of the last (or output) stage of an amplifier is to provide a low 
output resistance in order to avoid loss ot gain when a low-valued load resistance is con¬ 
nected to the amplifier. Also, the output stage should be able to supply the current required 
by the load in an efticient manner—that is, without dissipating an unduly large amount of 
power in the output transistors. We have already studied one type of amplifier configuration 
suitable for implementing output stages, namely, the source follower and the emitter fol¬ 
lower, It will be shown in Chapter 11 that the source and emitter followers are not optimum 
from the point of view of power efficiency and that other, more appropriate circuit configu¬ 
rations exist for output stages that are required to supply large amount'' ol output power. In 
fact, we will encounter some such output stages in the op-amp circuit examples studied in 

Chapter 12. 

To illustrate the circuit structure and the method ot analysis of multistage amplifiers, we 
will present two examples: a two-stage "MOS op amp and a tour-stage bipolar op amp. 

8.6.1 A Two-Stage CMOS Op Amp 

Figure 8.41 shows a popular structure for CMOS op amps known as the two-stage configu¬ 
ration. The circuit utilizes two power supplies, which can range from ±2.5 V for the 0.5 pm 
technology down to ±0.9 V for the 0.18-pm technology. A reference bias current / REF is gen¬ 
erated either externally or using on-chip circuits. One such circuit will be discussed shortly. 
The current mirror formed by and Q 5 supplies the differential pair Q , — Q 2 with bias cur 
rent. The W/L ratio of Q, is selected to yield the desired value for the input-stage bias current 
/(or 7/2 for each of Q. and QX The input differential pair is actively loaded with the current 
mirror formed by Q, and Q 4 . Thus the input stage is identical to that studied in Section - 
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+ V, 


DD 



Figure 8.41 Two-stage CMOS op-amp configuration. 


(except that here the differential pair is implemented with PMOS transistors and the current 
mirror with NMOS). 

The second stage consists of Q which is a common-source amplifier loaded with the cur¬ 
rent-source transistor Q v A capacitor C c is included in the negative-feedback path ot the second 
stage. Its function will be explained in Chapter 9, when we study the frequency response ot 
amplifiers. 

A striking feature of the circuit in Fig. 8.41 is that it does not have a low-output- 
resistance stage. In fact, the output resistance of the circuit is equal to (/;* || r o7 ) and is thus 
rather high. This circuit, therefore, is not suitable for driving low-impedance loads. Never¬ 
theless, the circuit is very popular and is used frequently for implementing op amps in M s 
circuits, where the op amp needs to drive only a small capacitive load, tor example, in 
switched-capacitor circuits ( hapter 17). The simplicity of the circuit results in an op ampot 
reasonably good quality realized in a very small chip area. 


Voltage Gain The voltage gain of the first stage was found in Section 8.5 to be given by 




where g ml is the transconductance of each of the transistors of the first stage, that is, and{7 
The second stage is current-source-loaded, common-source amplifier vv 
gain is given by 



The dc open-loop gain ol the op amp is the product of A, and A 


o 
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Consider the circuit in Fig. 8.41 with the following device geometries (in pm). 


Transistor 

Q^ 

q 2 


P 4 

q 5 

o s 

Q, 

qT " 1 

W/L 

20/0.8 

20/0.8 

5/0.8 

5/0.8 

40/0.8 

10/0.8 

40/0.8 

40/0.8 


Let / ref = 90 p A. V rn = 0.7 V, V lp = -0.8 V. {l n C 0 = 160 pA/V 2 , Mp C 0X = 40 pA/V 2 , | V A \ (for all devices) = 
10 V, V DD = Kjs = 2.5 V. For all devices, evaluate I Vov I* I V cs \, g m , and r ti . Also find A ,, A v the dc open- 
loop voltage gain, the input common-mode range, and the output voltage range. Neglect the effect of V A 
on bias current. 


Solution 


Refer to Fig. 8.41. Since Q % and Q 5 are matched, I - / REF . Thus Q {% Q v Q y and Q A each conducts a current 
equal to 1/2 = 45 pA. Since Q 1 is matched to Q< and 0 K , the current in Q 1 is equal to = 90 pA. Finally, Q e 
conducts an equal current of 90 pA. 

With / D of each device known, we use 

l D = [{UC^W/QVbv 


to determine | V ov 


for each transistor. Then we find \V GS | from 


given in Table 8.1. 

The transconductance of each device is determined from 





. The results are 



2 V| V 0 , 


The value of r is determined from 



The resulting values of g m and r 0 are given in Table 8.1. 
The voltage gain of the first stage is determined from 



= ~gm\( r o2 lko4) 

= -0.3(222 II 222) = -33.3 


V/V 


The voltage gain of the second stage is determined from 

A 2 = 0 6 

= -0.6(111 || HI) = -33.3 V/V 



/ D (pA) 
V, 


ov 


V, 


GS 


(V) 
(V) 
g m (mA/V) 
^(kfl) 


Q , 

Qz 

Qz 

Q 4 

Qs 

& 

Qi 

Qt 

45 

45 

45 

45 

90 

90 

90 

90 

0.3 

0.3 

0.3 

0.3 

0.3 

0.3 

0.3 

0.3 

1.1 

1.1 

1 

1 

1.1 

1 

1.1 

1.1 

0.3 

0.3 

0.3 

0.3 

0.6 

0.6 

0.6 

0.6 

1 -1 1 

222 

722 

^ 

222 

ill 

jLr 4 - 

111 

111 

111 

1 1 1 




























































































































654 Chapter 8 


Differential and Multistage Amplifiers 


Example 8.5 continued 

Thus the overall dc open-loop gain is 

A 0 = A,A 2 = (-33.3) x (-33.3) = 


1109 V/V 


or 


20 log 1109 = 61 dB 


The lower limit of the input common-mode range is the value of input voltage at which ft, and ft 
leave the saturation region. This occurs when the input voltage falls below the voltage at the dram of ft 
bv \ V \ volts. Since the drain of ft, is at -2.5 + 1 = -1.5 V, then the lower limit of the input common¬ 
mode ranee is -2.3 V, 

The upper limit of the input common-mode range is the value of input voltage at which (ft leaves the sat¬ 
uration re si on. Since for {ft to operate in saturation the voltage across it (i.e., V sm ) should at least be equal to 
the overdrive voltage at which it is operating (i.e., 0.3 V), the highest voltage permitted at the drain of ft 
should be +2.2 V. It follows that the highest value of v ICM should be 


^/CAfmax 


= 2.2-1.1 = 1.1 V 


The highest allowable output voltage is the value at which (ft leaves the saturation region, which is V DD - 
V yi = 2.5 - 0.3 = 2.2 V. The lowest allowable output voltage is the value at which (ft leaves saturation, 
which is -V ss + V on = -2.5 + 0.3 = -2.2 V. Thus, the output voltage range is -2.2 V to +2.2 V. 


Input Offset Voltage The device mismatches inevitably present in the input stage give 
rise to an input offset voltage. The components of this input offset voltage can be calcu¬ 
lated using the methods developed in Section 8.4.1. Because device mismatches are random, 
the resulting offset voltage is referred to as random offset. This is to distinguish it from 
another type of input offset voltage that can be present even if all appropriate devices are 
perfectly matched. This predictable or systematic offset can be minimized by careful 
design. Although it occurs also in BJT op amps, and we have encountered it in Section 8.5.5, 

■i 

it is usually much more pronounced in CMOS op amps because their gain-per-stage is 
rather low. 

R 

I'o see how systematic offset can occur in the circuit of Fig. 8.41, Let the two input termi¬ 
nals be grounded. If the input stage is perfectly balanced, then the voltage appearing at the 
drain of (ft will be equal to that at the drain of (ft, which is (- V ss + K GS4 ). Now this is also the 
voltage that is fed to the gate of (ft. In other words, a voltage equal to V GS4 appears between 
gate and source of (ft. Thus the drain current of (ft, ft, will be related to the drain current of 
(ft, which is equal to 1/2 , by the relationship 



(W/L), 

{W/L) a 


{ 1 / 2 ) 



In order for no offset voltage to appear at the output, this current must be exactly equal to the 
current supplied by (ft .1 fie latter current is related to the current I ot the parallel tran^ist r 



Now, the condition for making ft 


_ ( W/L) 7 i , 8 . 177 ) 

7 (W/L)J 

= ft can be found from Eqs. (8.176) and (8.177) as 


(W/L), 


{W/L)j 
(W/L) 5 



o 


( W/L ) 4 
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If this condition is not met, a systematic offset will result. From the specification of the device 
geometries in Example 8.5, we can verify that condition (8.178) is satisfied, and, therefore, the 
op amp analyzed in that example should not exhibit a systematic input offset voltage. 



8.19 i onsrder the CMOS op amp ot Fig. 8.41 when fabricated in a 0.8-pm CMOS technology for which 
j U n C 0X - ^fi p C ox = 90 pA V-, | ft| = 0.8 V, and V DL) = I ' ss - 2.5 V. For a particular design, /= 100 pA, 
( W!L\ = (W/L\ = ( W/L), = 200, and ( W/L% = (WIL) A = 100. 

(a) Find the ( W/L) ratios of (ft and (ft so that ft = 100 pA. 

(b) Find the overdrive voltage, |F 0 ^|, at which each of Q ]t Q 2t and Q h is operating. 

(c) Find g m for Q„ Q ly and Q 6 . 

(d) If | V A \ = 10 V, find r o2J and r ol . 

(e) Find the voltage gains/1, and A y , and the overall gain A. 

Ans. (a) {W!L\ = (W/L^ = 200; (b) 0.129 V, 0.129 V, 0.105 V; (c) 0.775 mA/V, 0.775 mA/V, 
1 .90 mA/V; (d) 200 k£2, 200 kQ. 100 kQ, 100 kQ; (e) -77.5 VA^, -95 V/V, 7363 V/V 


A Bias Circuit That Stabilizes g n We conclude this section by presenting a bias circuit 
for the two-stage CMOS op amp. The circuit presented has the interesting and useful property 
of providing a bias current whose value is independent of both the supply voltage and the 
MOSFET threshold voltage. Furthermore, the transconductances of the transistors biased by 
this circuit have values that are determined only by a single resistor and the device dimensions. 

The bias circuit is shown in Fig. 8.42. It consists ot two deliberately mismatched iransis- 
tors, Q and {ft „ with {ft usually about four times wider than Q xy A resistor R B is connected 
in series with the source of Q vV Since, as will be shown, R B determines both the bias current 
I g and the transconductance g mP , its value should be accurate and stable; in most applica¬ 
tions, R b would be an off-chip resistor. In order to minimize the channel-length modulation 
effect on {ft,, we include a cascode transistor (ft,, and a matched diode-connected transistor 
ft, to provide a bias voltage for {ft,,. Finally, a /^-channel current mirror tormed by a pair of 
matched devices, (ft and ft,, both replicates the current I B back to (ft, and (ft 3 , and provides 
a bias line for ft, and ft. of the CMOS op-amp circuit ot Fig. 8.41. 5 

The circuit operates as follows; The current mirror ((ft, (ft) causes ft !3 to conduct a cur¬ 
rent equal to that in (ft 2 , that is, I B . Thus, 




(V asil -V,) 2 (8-179) 

(V asl3 -K) 2 (8-180) 


From the circuit, we see that the gate-source voltages of Q n Q ,< are related by 


Fgsi3 - ^asn A-I^R 


B 


We denote the bias current of this circuit by I B . It this circuit is 
fig- 8.41, then l H becomes the reference current 


utilized to bias the CMOS op amp of 
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Figure 8.42 Bias circuit for the CMOS op amp. 


o 


Subtracting V t from both sides of this equation and using Eqs. (8.179) and (8.180) to replace 
(V GSll ~ v ') and ( y csi 3 - K) results in 


21 


B 


21 


B 


+ IqR 


H„C 0S (W/L) {1 ^n„C os (W/L\ 


B IX B 


( 8 . 181 ) 


1 


This equation can be rearranged to yield 


'( W/L ) 


12 


h fi.C.JW/L) u R 2 B yt i(W/L), 3 


- I 


( 8 . 182 ) 


from which we observe that f H is determined by the dimensions ot Q i2 and the value of and by 
the ratio of the dimensions of Q l2 and Q ]y Furthermore, Eq. (8.182) can be rearranged to the lonii 


R B — 


t(W/L) 12 


13 


- 1 


o 


in which we recognize the factor j2p n C nx ( W/L) n I B as g m]2 ; thus. 


Sm\2 


(W/L) i2 A (8.1 

Rb^(W/L) 13 ' 

This is a very interesting result: g ml2 is determined solely by the value ot R b and the ratio_o| 
dimensions of Q u and Q [y Furthermore, since g m of a MOSFET is proportional to 
each transistor biased by the circuit of Fig. 8.42; that is, each transistor whose bias ci 
derived from l B will have a g m value that is a multiple of g ml2 . Specifically, the ith n -cha 
MOSFET will have 




o 
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and the ith p-channel device will have 

„ - „ WJWJL) ; 

&mi &m 12 I , . ... /T . 

b( W/L)\2 

Finally, it should be noted that the bias circuit of Fig. 8.42 employs positive feedback, 
and thus care should be exercised in its design to avoid unstable performance. Instability is 
avoided by making Q l2 wider than Q iV as has already been pointed out. Nevertheless, some 
form of instability may still occur; in fact, the circuit can operate in a stable state in which all 
currents are zero. To get it out of this state, current needs to be injected into one of its nodes, to 
"kick start" its operation. Feedback and stability will be studied in Chapter 10. 




8.20 ( onsider the bias circuit of Fig. 8.42 for the case of {}VIL\ = ( W/L ), = = {WtL) n = (WiL) n - 

20 and ( WIL) , ; - 80. The circuit is fabricated in a process technology for which pt„C ox = 90 |iA/V\ 
Find the value of R jt that results in a bias current 1 B = 10 pA. Also, find the transconductance g mn . 

Ans. 5.27 kQ; 0.379 mAAf 

D8.21 Design the bias circuit of I ig. 8.42 to operate with the CMOS op amp oi*Example 8.5. Use Q 8 and 
Q„ as identical devices with Q % having the dimensions given in Example 8.5. Transistors Q w Q ir 
and £), are to be identical, with the same g m as (d* and Q 9 . Transistor Q n is to be four times as 
wide as Find the required value of R H . What is the voltage drop across R/l Also give the val¬ 
ues of the de voltages at the gates of Q i2 , Q ]0 , and Q r 
Ans. 1.67 kil; 150 mV;-1.5 V; -0.5 V;+1.4V 


8.6.2 A Bipolar Op Amp 

Our second example of multistage amplifiers is the tour-stage bipolar op amp shown in 
I ig. 8.43. The circuit consists of four stages. The ditferential-in, ditferential-out mpui 
stage consists of transistors Q t and Q 2 , which are biased by current source Q y The second 
stage is also a differential-input amplifier, but its output is taken single-endedly at the col¬ 
lector of Q y This stage is formed by Q 4 and Q s , which are biased by the current source Q 6 . 
Note that the conversion from differential to single-ended as performed by the second 
stage results in a loss of gain by a factor of 2. In the more elaborate method for accom¬ 
plishing this conversion studied in Section 8.5, a current iiiirn>r wa-, used as an ai.ii\L 
load. 

In addition to providing some voltage gain, the third stage, consisting of th cpnp transis¬ 
tor Q y provides the essential function of shifting the dc level of the signal. Thus, while the 
signal at the collector of O is not allowed to swing below the voltage at the base of Q 5 (+10 V), 
the signal at the collector of Q 7 can swing negatively (and positively, of course). Fiom our 
study of op amps in Chapter 2. we know that the output terminal of the op amp should be 
capable of both positive and negative voltage swings. Therefore every op-amp circui 
eludes a level-shifting arrangement. Allhough the use of the complementary pnp transistor 
provides u simple solution to the level-shifting problem, other forms ot level shifter exist, 
one ol which will be discussed in Chapter 12. Furthermore, note that level shifting is 
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+15 V 



-15 V 


Figure 8.43 A four-stage bipolar op amp. 

accomplished in the CMOS op amp we have been studying by using coi iplementary devices 
for the two stages: that is,p-channel for the first stage and /r-channel tor the second stage. 

The output stage of the op amp consists of emitter follower 0 8 . As we know from our 
study of op amps in Chapter 2, ideally the output operates around zero volts. This and other 
features of the BJT op amp will be illustrated in Example 8.6. 



In this example, we analyze the dc bias of the bipolar op-amp circuit of Fig. 8.43. Toward that end. Fi r 
8.44 shows the circuit with the two input terminals connected to ground. 


(a) Perform an approximate dc analysis (assuming P>\,\V BE \ - 

to calculate the dc currents and voltages everywhere in the circuit, 
each of Q ' 9 and Q v 

(bj Calculate the quiescent power dissipation in this circuit. 


0.7 V, and neglecting the Early effect) 
Note that Q u has four times the area o 
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+ 15 V 


0.25 mA 


4 

4 

i 


L 



..0.25 mA 

1 mA 



T 



Y 

V 


y 


1 mA 


2.3 kn 


20 kn 


20 kn 


3 kn 


+ 10 V 


+ 10 V 


+ 12 V 


+ 12.7 V 



I mA 


28.6 kn 

-14.3 V 



0.5 mA 


I 


0.5 mA 


T 


\ 


1 mA 


0.25 mA 

^025 mA +10*111 

TTo.5 mA 

-0.7 V 



j,0.5 mA 


+ 10 V 


+9.3 V 


* 


+0.7 V- 


2 mA 



5 mA 


15.7 kn 



1 2 mA 


t 

15 V 


0 V 


3 kn 


Figure 8.44 Circuit for Example 8.6. 

(c) [f transistors Q s and Q have p = 100. calculate the input bias current ot the op amp. 

Id) What is the input common-mode range of this op amp? 

Solution 

(a) The values of all dc currents and voltages are indicated on the circuit diagram. These values were calcu¬ 
lated by ignoring the base current of every transistor—that is, by assuming p to be very high. The analysis 
starts by determining the current through the diode-connected transistor Q q to be 0.5 mA. Then we see that 
transistor Q conducts 0.5 mA and transistor Q 6 conducts 2 mA. The current-source transistor Q l feeds the 
differential pair (0 p Q 2 ) with 0.5 mA. Thus each of 0, and Q 2 will be biased at 0.25 mA. The collectors of 

Q ] and Q z will be at [+15 -0.25x20] = +10 V. 

Proceeding to the second differential stage formed by Q A and g s , we find the voltage at their emitters 
to be [+10 - 0.71 = 9 3 V. This differential pair is biased by the current-source transistor Q 6 , which sup¬ 
plies a current of 2 mA; thus Q 4 and Q ' 5 will each be biased at 1 mA. We can now calculate the voltage at 
the collector of Q s as [+15 - l x 3] = +12 V. This will cause the voltage at the emitter of the pnp transis¬ 
tor Q 7 to he +12.7 V, and the emitter current of 0 7 will be (+15 - 12.7)/2.3 = 1 mA. _ 

The collector current of C? 7 , I mA, causes the voltage at the collector to be [-15 + 1 x 15.7] - +0.7 . 

The emitter of Q „ will be 0.7 V below the base; thus output terminal 3 will be at 0 V. Finally, the emitter 

current of (X can be calculated to be [0 - (-15)]/3 - 5 mA. 
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Example 8.6 continued 

,M To calculate the power dissipated in the circuit in the quiescent state (i.e„ with zero input signal) we 
si evaluate the dc cuttem that the circuit draws from each of the two power supplies. From the +15 V 
sLlv the dc current is /* = 0.25 + 0.25 + 1 + I + 1 + 5 = 8.5 mA. Thus the power suppl.ed by the positive 
nower sunnlv is P* = 15 x 8.5 = 127.5 mW. The -I5-V supply provides a current I gtven by /- = 0.5 + 
0.5 + 2 + 7 + 5 =9 mA. Thus the power provided by the negative supply is P = 15 x 9 = 135 mW. Adding 

p* and p- provides the total power dissipated in the circuit P D '. P D = P' + P = 262.5 mW. 

(c) The input bias current of the op amp is the average of the dc currents that How in the two input ter¬ 
minals (i.e., in the bases of Q , and ft). These two currents are equal (because we have assumed matched 

devices); thus the bias current is given by 


r '£1 

0+ 


.5 pA 


Id) The upper limit on the input common-mode voltage is determined by the voltage at which Q l and £), 
leave the active mode and enter saturation. This will happen if the input voltage exceeds the collector volt¬ 
age. which is+30 V. by about 0.4 V. Thus the upper limit of the common-mode range is +10.4 V. 

The lower limit of the input common-mode range is determined by the voltage at which leaves 
the active mode and thus ceases to act as a constant-current source. This will happen if the collector volt¬ 
age of Q 3 goes below the voltage at its base, which is -14.3 V, by more than 0.4 V. It follows that the 
input common-mode voltage should not go lower than -14.7 + 0.7 = -14 V. Thus the common-mode 

range is —14 V to +10.4 V. 



Use the dc bias quantities evaluated in Sxample 8.6 to analyze the circuit in Fig. 8.43, to determine the 
input resistance, the voltage gain, and the output resistance. 

Solution 

The input differential resistance R ul is given by 

R id = 'Vl + r *2 

Since Q ] and Q 2 are each operating at an emitter current of 0.25 mA, it follows that 

= 100£i 

Assume (3 = 100; then 

r zTl = r ,a - 101 x 100 = 10.1 kQ 

Thus, 

R tJ = 20.2 kQ 

To evaluate the gain of the first stage, we first find the input resistance of the second stage, R a , 

R il ^ nA "h 

Q 4 and Q s are each operating at an emitter current of 1 mA; thus 

r eA = r eS ~ 25 il 
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Figure 8.45 Equivalent circuit for calculating the gain 
of the input stage of the amplifier in Fig. 8.43. 

101 x 25 = 2.525 kQ. 


Thus R n - 5.05 kSl This resistance appears between the collectors of Q ] and Q v as shown in Fig. 8.45. 
Thus the gain of the first stage will be 

, _ v oi Total resistance in collector circuit 
1 v id Total resistance in emitter circuit 

_ R i2 II (^1 "b R2) 

r el+ r e2 


_ 5.05 kQ || 40 kQ 


200 Q 


22.4 V/V 


Figure 8.46 shows an equivalent circuit ! : or calculating the gain of the second stage. As indicated, 
the input voltage to the second stage is the output voltage of the first stage, r nl . Also shown is the resis¬ 
tance R lV which is the input resistance of the third stage formed by Q v The value ot R n can be found by 



'o2 


Figure 8.46 Equivalent circuit for calculating the gain of the second stage of the amplifier in Fig. 8.43. 
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Example 8.7 continued 


multiplying the total resistance in 


the emitter of Q 7 by (/?+ 1)* 


R# = (fi+ l)(*4 + r «7> 


Since Q-, is operating at an emitter current of 1 mA, 

25 


r el = 


1 


= 25 a 


R a = 101 x2.325 = 234.8 kn 


We can now find the gain A 2 of the second stage as the ratio of the total resistance in the collector circuit 
to the total resistance in the emitter circuit: 


A, = 


v 


o 2 


J?,l R 


(3 


V 


ol 


+ r 


eA 1 ' eS 


_ _ 3 kO || 234.8 kH _ 2 y/y 

50 a 


To obtain the gain of the third stage we refer to the equivalent circuit shown in Fig. 8.47, where R A is 
the input resistance of the output stage formed by &. Using the resistance-reflection rule, we calculate the 

value of /?* as 


R iA = (P+ 0(^8 + * 6 > 


where 


25 

^ = f = 5 a 


R iA = 101(5 + 3000) = 303.5 ka 


Vol 


o 



■O 




R 


f'4 


Figure 8.47 Equivalent circuit for evaluating the gain of the 
third stage in the amplifier circuit of Fig. 8.43. 
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Figure 8.48 Equivalent circuit of the output stage of the amplifier cir¬ 
cuit of Fig. 8.43. 


The gain of the third stage is given by 


v 


A 3 - 


_ v o3 _ ^5 11^/4 


*5 II R 


V 


ol 


r el + R 4 


15.7 ka || 303.5 ka_ 


2.325 ka 


= -6.42 V/V 


Finally, to obtain the gain A 4 of the output stage we refer to the equivalent circuit in Fig. 8.48 and write 


Aa S 


V 


R 


v 


o 3 


*6 + r eS 


3000 
3000 + 5 


= 0.998 - 1 


The overall voltage gain of the amplifier can then be obtained as follows: 


l i 


O 


= A 1 A 2 A 3 A a = 8513 V/V 


v 


id 


or 78.6 dB. 

To obtain the output resistance R we "grab hold” ol the output terminal in Fig. 8.43 and look back 
into the circuit. By inspection we find 

R„ = «Jl r .« + V(/*+Dl 


R 0 = 152 Cl 


w hich gives 
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8.22 Use the resuhs of Example 8.7 to calculate the “ Fi * 8 « 

when it is connected to a source having a resistance of 10 k£2 and a load ot 1 kU. 

Ans. 4943 V/V 



Analysis Using Current Gains There is an alternative method for the analysis of bipolar 
multistage amplifiers that can be somewhat easier to perform in some cases. The method 
makes use of current gains or more appropriately current-transmission factors. In effect, one 
traces the transmission of the signal current throughout the amplifier cascade, evaluating all 
the current transmission factors in turn. We shall illustrate the method by using it to analyze 

the amplifier circuit of the preceding example. 

Figure 8.49 shows the amplifier circuit prepared for small-signal analysis. We have indi¬ 
cated on the circuit diagram the signal currents through all the circuit branches. Also indi¬ 
cated are the input resistances of all four stages of the amplifier. These should be evaluated 

before commencing the following analysis. 

The purpose of the analysis is to determine the overall voltage gain vjvj. Toward that 

end, we express v 0 in terms of the signal current in the emitter of Q g , i e%1 and v jd in terms ot 
the input signal current i ( ., as follows: 

V a = /Ve8 
v id = R nh 


Thus, the voltage gain can be expressed in terms of the current gain ( iji) as 

Vo _ ^6 *e8 

v id &i\ h 







■ 

Figure 8,49 The circuit of the multistage amplifier of Fig. 8.43 prepared for small-signal ana 
are the signal currents throughout the amplifier and the input resistances ot the tour stages. 
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Next, we expand the current gain in terms ot the signal currents throughout the circuit 

as follows: 

~ v V v * hl v * c5 V w ic2 

~ X . X T~X — X — X-^X — 

l i **8 hi l bl hi hi l c2 l i 


Each ot the current-transmission factors on the right-hand side is either the current gain of a 
transistor or the ratio of a current divider. Thus, reference to Fig. 8.49 enables us to find 

these factors by inspection: 



l bZ 




= h 

R$ + R, 4 

= A 


hi _ R$ 
hi ^3 + Rn 


■ 

/ 



/ 




m 

hs 

hi 

■ 

!sl 

h 


_ {R\ + Ri) 

(R] + R 2 ) + Rj2 

= A 


These ratios can be easily evaluated and their values used to determine the voltage gain. 

With a little practice, it is possible to carry out such an analysis very quickly, forgoing 
explicitly labeling the signal currents on the circuit diagram. ' >ne simply "walks through” 
the circuit, from input to output, or vice versa, determining the current-transmission factors 
one at a time, in a chainlike fashion. 



8.23 Use the values of input resistance found in Example 8.7 to evaluate the seven current-transmission 
factors and hence the overall current gain and voltage gain. 

Ans. The current-transmission factors in the order of their listing are 101, 0.0492, 100, 0.0126, 
100,0.8879. 100 A/A; the overall current gain is 55993 A/A; the voltage gain is 8256 V/V. This value 
differs slightly from that found in Example 8.7, because of the various approximations made in the 

example (e.g., a— 1). 
















































































































666 Chapter 8 


Differential and Multistage Amplifiers 


Summary 


■ The differential-pair or differential-amplifier configuratiui 
is the most widely used building block in analog 1C design. 
The input stage of every op amp is a differential amplifier. 

■ There are two reasons for preferring differential, to sin- 
ele-ended amplifiers: Differential amplifiers are insensi¬ 
tive to interference, and they do not need bypass and 
coupling capacitors. 

■ For a MOS (bipolar) pair biased by a current source /, 
each device operates at a drain (collector, assuming 
a = i» current of 1/2 and a corresponding overdrive 
voltage V tW (no analog in bipolar). Each device has 
g m = 1/ V ov ( al/2 V r , for bipolar) and r 0 = | V A \/(I/2). 

m With the two input terminals connected to a suitable dc 
voltaue V CM , the bias current I of a perfectly symmetri¬ 
cal differential pair divides equally between the two 
transistors of the pair, resulting in a zero voltage differ¬ 
ence between the two drains (collectors). To steer the 
current completely to one side of the pair, a difference 
input voltage v ld ol at least *J2 Iqy (4F r for bipflan I s 

needed. 


■ Superimposing a differential input signal v jd on the dc 
common-mode input voltage V CM such that v n — V CM + 
v id /2 and v n = V cu - v J2 causes a virtual signal 
ground to appear on the common-source (common- 
emitter) connection. In response to v llP the current in £), 
increases by g m v id /2 and the current in Q 2 decreases by 
g m v id /2. Thus, voltage signals of ±g m (R D II r 0 )v id /2 
develop at the two drains (collectors, with R D replaced by 
R t ). If the output voltage is taken single-endedly, that is, 
between one of the drains (collectors) and ground, a 
differential gain of ( R D || r Q ) is realized. When the 

im / 

output is taken differentially, that is, between the two 
drains (collectors), the differential gain realized is twice 
as large: g ffl (/?n|| rX 


■I The analysis of a differential amplifier to determine 
differential gain, differential input resistance, fre¬ 
quency response of differential gain, and so on is 
facilitated by employing the differential half-circuit, 
which is a common-source (common-emitter) transistor 
biased at 1/2. 


» An input common-mode signal v lrm gives rise to drain 
(collector) voltage signals that are ideally equal and giv¬ 
en by -v lcm (R D /2R ss ) [-v um (R c /2R EE ) for the bipolar 
pair], where R(R EE ) is the output resistance of the cur¬ 
rent source that supplies the bias current /, When the out¬ 
put is taken single-endedly, a common-mode gain of 
magnitude \A cm \ = R D /2R SS (R C /2R EE for the bipolar 
case) results. Taking the output differentially results, in 
the perfectly matched case, in zero (infinite CMRR). 


Mismatches between the two sides of the pair make A 
finite even when the output is taken differentially: A 
mismatch AR D causes \A cm \ = (R D /2R S , 
a mismatch A g m causes \A cm \ = (R 0 /2R s] 

(A g m /gJ- Corresponding expressions apply f or the bi¬ 
polar pair. 

■ While the input differential resistance R id of the MOS 
pair is infinite, that tor the bipolar pair is only 2r,but 
can be increased to 2(/? + 1 )(r, + R e ) by including resis¬ 
tances R e in the two emitters. The latter action, howev¬ 
er, lowers Aj. 

m Mismatches between the two sides of a differential pair 
result in a differential dc output voltage 1 0 even when the 
two input terminals are tied together and connected to a 
dc voltage V CM . 1 his signifies the presence of an input 
offset voltage V os = V 0 /A d . In a MOS pair there are 
three main sources for V os : 


A Rp => 

V ov A R d 
os ~ 2 R b 

A {W/L)^> 

Vov A{W/L) 
* os 2 W/L 

AV,: 

U 

it 

> 

■ 


For the bipolar pair there are two main sources: 

AR. 

A Rc I'os = * r~R^ 

A h 

A/5 => f T~j~ 

l s 

■ A popular circuit in both MOS and bipolar analog lCsi> 
the current-mirror-loaded differential pair. It realizes a 
high differential gain A d - g w (^ opa irll^omifTor) ai ^ a 

low common-mode gain, \A cm \ = \g m }Rss 
circuit ( r t , A /foR EE for the bipolar circuit), as well as per¬ 
forming the differential-to-single-ended conversion wit 

no loss of gain. 

■ The CMOS two-stage amplifier studied in Section 8.6.1 
is intended for use as part of an 1C system and thus is re 
quired to drive only small capacitive loads. There ore 
does not have an output stage with a low ou 

resistance. 

■ A multistage ampl i fier typically consists ot three or rn 

stages: an input stage having a high ' n P ut ^f S ' S rM no. 
reasonably high gain, and, if differential, a ’6* 1 f 
one or two intermediate stages that realize the u 
gain; and an output stage having a low output res ^ 
In designing and analyzing a multistage amp i ^ 
loading effect of each stage on the one that pre' 

must be taken into account. 







Computer Simulation Problems 

t j problems identified by this icon are intended to dem¬ 
onstrate the value of using SI’ICE simulation to verify hand 
analysis and design, and to investigate important issues such 
as allowable signal swing and amplifier nonlinear distortion. 
Instructions to assist in setting up PSpice and Multisim sim¬ 
ulations for all the indicated problems can be found in the 
corresponding files on the CD. Note that if a particular 
parameter value is not specified in the problem statement, 
y 0U ar e to make a reasonable assumption. 

* difficult problem; ** more difficult; *** very challenging 
and/or time-consuming; D: design problem. 

Section 8.1: The MOS Differential Pair 

8.1 For an NMOS differential pair with a common-mode 
voltage V CM applied, as showm in Fig. 8.2, let V DD = V^ = 
1.0 V, it; = 0.4 mAfV\(W/L) u = 12.5, V m = 0.5 V, / = 0.2 
mA. /?,, = 10 kil, and neglect channel-length modulation. 

(a) Find V ov and V os for each transistor. 

(b) For fi^^ I ^ 1d\' Idi' ^op ^d I ^ 

(c) Repeat (b) for V CM = +0.3 V. 

(d) Repeat (b) for V CM = -0.1 V. 

(e) What is the highest value of V CM for which Q ] and Q 2 
remain in saturation? 

(f ) If current source l requires a minimum voltage of 0.2 V 
to operate properly, what is the lowest value allowed for V 5 
and hence for V CM 1 

8.2 For the PMOS differential amplifier shown in Fig, 
P8.2 let V„ = -0.8 V and k'W/L - 4 mfiJV 2 . Neglect 
channel-length modulation. 



Y 1 0.5 mA 


Vc 


V. 


Cl 


0 —tly 


a ,3 


OV^ 


O r’o: 


4kff 


4kH 


-2.5 V 


Fi 9ure P8.2 


PROBLEMS 


(a) For u G1 = v C2 - 0 V, find V oy and V cs for each of Q A and 
Q v Also find Vp V DV and V m . 

(b) It the current source requires a minimum voltage of 
0.5 V, find the input common-mode range. 

8.3 For the differential amplifier specified in Problem 8.1 
let i' C2 - 0 and ri cl = v^. Find the value of v lU that corresponds 
to each of the following situations: 

(a) i Di = i m - 0.1 mA; (b) i Dl = 0.15 mA and i P2 = 0.05 mA; (c) 
i Di = 0.2 mA and i D2 = 0 (Q 2 just cuts off); (d) i DI = 0.05 mA 
and i m = 0.15 mA; (e) i Dl = 0 mA (Q l just cuts off) and i m — 
0.2 mA. For each case, find v Di , v D2i and (i' D , - v 


D 1 


SIM 


8.4 For the differential amplifier specified in Prob¬ 
lem 8.2, let v C2 - 0 and v Ci = v ld . Find the range of v id needed 
to steer the bias current from one side of the pair to the 
other. At each end of this range, give the value of the volt¬ 
age at the common-source terminal and the drain voltages. 

8.5 Consider the differential amplifier specified in Prob¬ 
lem 8.1 with G, grounded and v Gl = Let v u be adjusted to 
the value that causes i DI =0.1! mA and i D2 = 0.09 mA. Find 
the corresponding values of v CS2 , v# v GS] , and hence v ld . 
What is the difference output voltage v D2 -v m ? What is the 
voltage gain (v m - v Ln )A\J! What value of v id results in i Dl = 
0.09 mA and i D2 = 0.11 mA? 

D 8.6 Design the circuit in Fig. P8.6 to obtain a dc voltage 
of +0.2V at each of the drains of Q l and Q 2 when 
ij c| = v (r ~ 0 V. Operate all transistors at V ov = 0.2 V 
and assume that for the process technology in which the cir¬ 
cuit is fabricated, V tn — 0.5 V and jJ n C ox = 250 pA/V*. 
Neglect channel-length modulation. Determine the values of 
/?, R D , and the W/L ratios of £?,, Q ly Q 3 , and Q 4 . What 
is the input common-mode voltage range for your design? 


V DD = +1.2V 

* i 


Rd 


R 


D 


+ 1.2 V 


V G\ 

O- 


t 


Q 


Qi 


0.1 mA 4 



V G2 

I-° 




^ 0.4 mA 


Q 


V ss =- 1.2 V 


Figure P8.6 
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8.7 The table providing the answers to Exercise 8.3 shows 
that as the maximum input signal to be applred to the d^tl e 

entia) pair is increased linearity mV. 

level by operating at a higher V or It . , . 

use the' dma in the table to determine the requtred V oy and 

the corresponding values ot W/L and g m . 

8.8 Use Eq. (8.23) to show that if the term involving d, 
is to be kepi to a maximum value ot k then the 
maximum possible fractional change in the transistor current 

is given by 

^2££ = 2 Jk( \ -k) 

1/2 

and the corresponding maximum v alue of v jd is given by 

—rjk^oi 


state. What is the slope of the nearly linear portion of the 
VTC near the origin? '! his is the differential voltage gain. 

(c) Show on the same coordinates how the VTC changes if 
the bias current / is doubled? What is the change in the dif¬ 
ferential voltage gain ? 

(d > Prepare another sketch tor case (b). Show on the same 
coordinates what happens to the VTC if the WIL ratio of 
each transistor is doubled. What is the change in the differ- 
ential voltage gain? 

Section 8.2: Small-Signal Operation of the 
MOS Differential Pair 

8.13 An NMOS differential amplifier is operated at a bias 
current / of 0.4 mA and has a W/L ratio of 32, g n C m - 
200 pA/V 2 , V A - 10 V, and R 0 = 5 k£l Find V oyi g m , ^ 

and A d . 


Evaluate both expressions for k - 0.01,0.1, and 0.2. 

8.9 An NMOS differential amplifier utilizes a bias current 
of 400 |iA. The devices have V t - 0.5 V, W= 20 pm, and L - 
0.5 pm, in a technology for which fi n C„ - 200 gA/V . Find 
F r cs . and g m in the equilibrium state. Also find the value ot i\ d 
foTfull-current switching. To what value should the bias 
current be changed in order to double the value of v id for 
full-current switching? 

D 8.10 Design the MOS differential amplifier ol Fig. 
8.5 to operate at V ov — 0.25 V and to provide a transcon- 
ductance g m of 1 mA/V. Specify the W/L ratios and the 
bias current. The technology available pro\ ides V t — 0.8 V 
and fi<C„ = 100 pA/V 2 . 

8.11 Consider the NMOS differential pair illustrated in 
Fig. 8.5 under the conditions that / = 100 pA, using FETs 
for which k'J W/L) = 400 gA/V 2 , and V t = 1 V. What is the 
voltage on the common-source connection for v Gi = = 0? 

2 V? What is the relation between the drain currents in each 
of these situations? Now for v (n = 0 V, at what voltages must 
v C{ be placed to reduce i m by I0%? to increase i D2 by 10%? 
What is the differential voltage, v ld = v G1 - v Gr for which the 
ratio of drain currents iu/i Di is 1.0? 0.5? 0.9? 0.99? For the 
current ratio i D /i m - 20.0, what differential input is 
required? 

*8.12 (a) For the MOS differential amplifier of Fig. 8.1 
with v Gl = V CM + v jd /2 and v G2 = V CM -v id /2, use 
Eqns. (8,23) and (8.24) to derive an expression tor the out¬ 
put differential voltage v od - v D2 -v D] in terms of the 
input differential voltage v jd . 

(b) Sketch and clearly label the voltage transfer characteristic 
(VTC), that is, v od versus v id , over the range 
-a/2 V ov < v jd < J2 V 0 v , where V oy is the overdrive volt¬ 
age at which each transistor is operating in the equilibrium 


D 8.14 It is required to design an NMOS differential 
amplifier to operate with a differential input voltage that can 
be as high as 0.1 V while keeping the nonlinear term under 
the square root in Eq. (8,23) to a maximum of 0.05. A 
transconductance g m of 1 mA/V is needed. Find the required 
values of V ov , A and W/L. Assume that the technology 
available has fi„C ox = 200 pA/V\ What differential gain 
A d results when R D = 10 kfi? Assume >1 = 0. What is the 
resulting output signal corresponding to v id at its maximum 

value? 


D 8.15 Design a MOS differential amplifier to operate 
from ±1-V power supplies and dissipate no more than 
2 mW in the equilibrium state. The differential voltage gam 
A d is to be 5 V/V and the output common-mode dc voltage 
is to be 0.5 V, (Note: This is the dc voltage at the drains). 
Assume fi„C ox = 400 pA/V 2 and neglect the Early effect 

Specify /, R D , and W/L. 


D 8.16 Design a MOS differential amplifier to operate from 

± 1-V supplies and dissipate no more than 2 mW in its equi 
librium state. Select the value of V ov so that the value ot ; (J 
that steers the current from one side ol the pair to theot ens 
0.4 V. The differential voltage gain A d is to be . ■ 

Assume k' n — 400 pA/V' and neglect the Early effect, p’ 

ify the required values ot /, R^ and W/L. 

8.17 An NMOS differential amplifier employing equal 
drain resistors, R D = 47 kO, has a differential gain 

20 V/V. 


at is the value of g n , tor each of the two tra . . 
ach of the two transistors is operating at an o 
: V ov - 0.2 V, what must the value oi / be. 


0, what is the dc voltage across each R t » 
. ic on.mV neak-to-neak sine wave appla 1 


hil. 


the lowest value that V DD must have to ensure saturation- 
mode operation tor Qy and Q 2 at all times? Assume 
V t = 0.5 V. 

8.18 A MOS differential amplifier is designed to have a 
differential gam A d equal to the voltage gain obtained from 
a common-source amplifier. Both amplifiers utilize the 
same values of R D and supply voltages, and all the transis¬ 
tors have the same W/L ratios. What must the bias current I 
of the differential pair be relative to the bias current f D of 
the CS amplifier? What is the ratio of the power dissipation 
of the two circuits? 

819 A differential amplifier is designed to have a differen¬ 
tial voltage gain equal to the voltage gain of a common- 
source amplifier. Both amplifiers use the same values of R D 
and supply voltages and are designed to dissipate equal 
amounts of power in their equilibrium or quiescent state. As 
well, all the transistors use the same channel length. What 
must the width W of the differential-pair transistors be rela¬ 
tive to the width of the CS transistor? 


D 8.20 Figure P8.20 shows a MOS differential amplifer 
with the drain resistors R 0 implemented using diode- 
connected PMOS transistors, (? 3 and Q 4 .Let Q { and Q 2 
be matched, and Q y and Q 4 be matched. 







Figure P8.20 


t 


(a) Find the differential half-circuit and use it to derive an 
expression for A d in terms of g mi 2 , g m3 , 4 > r ol, 2 ' and 

r o3,4. 

(b) Neglecting the effect of the output resistances r 0> find 
^ in terms of( W/L ) U2 , and (W/L) yA . 


Problems 669 

(c) 1 i ji n - 4 jj p and all four transistors have the same chan¬ 
nel length, find( 2 /W } 4 ) that results in A d = 10 V/V. 

8.21 Find the differentia! half-circuit for the differential 
amplifier shown in Fig. P8.21 and use it to derive an expres¬ 
sion tor the differential gain A d = v od /v ld in terms of g m , 
Rq , and /? v . Neglect the Early effect. What is the gain with 
= 0? What is the value of R % (in terms of 1 /g m ) that 
reduces the gain to half this value? 





Figure P8.21 



T 


’8.22 The resistance R s in the circuit ol ffg. P8.21 can be 
implemented by using a MOSFET operated in the triode 
region, as shown in Fig. P8.22. Elere Q 2 implements R s , 
with the value of /?, determined by the voltage V c at the 
gate of Q 2 . 







Figure P8.22 
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(a) With i- c , = v G2 = 0 V, and assuming that ft and ft 
are operating in saturation, what dc voltages appear at the 
sources of ft and ft. Express these in terms of the over¬ 
drive voltage V ov at which each of ft and ft operates, 

anC j \ 

(b) For the situation in (a), what current flows in ft? What 
overdrive voltage V on is ft operating at, in terms ot c , 

V ov , and Vp 

(c) Now consider the case v Gl =+v id /l ana 
v = - v id / 2, where v id is a small signal. Convince 

yourself that Q 3 now conducts current and operates in the 
triode region with a small v D $- What resistance does it 
have, expressed in terms of the overdrive voltage V on at 
which it is operating. This is the resistance R s . Now it all^ 
three transistors have the same W/L, express /?, in terms ot 

Vov* Vov?>* ^nd g m j > 2 ' 

(d) Find V on and hence V c that result in (i) 

R s = l/g m i,2 * (h ) R s ~ »!;• 

*8.23 The circuit of Fig. P8.23 shows an effective way of 
implementing the resistance R , needed for the circuit in 
Fig. P8.21. Here R s is realized as the series equivalent ot 
two MOSFETs Q } and Q 4 that are operated in the triode 
region, thus, R s = r DS3 + r DS4 . Assume that Q { and Q 2 
are matched and operate in saturation at an overdrive volt¬ 
age V ov that corresponds to a drain bias current of //2, 
Also, assume that Q 3 and Q 4 are matched. 


ating? Find an expression for r DS for each of Q } and q 
and hence for R s in terms of (W/L) ] 2 , {W/L) u> ^ 

Sm I r 2‘ 

(b) Now with = Vjj/2 and v G2 = ~v id /2, where v 
is a small signal, find an expression of the voltage gain 


A d = v od /v id in temlS ° f SmXfr 
(W/L) 34 . 


R 


D' 


{W/L) 


i, 2 > and 


D *8.24 Figure P8.24 shows a circuit for a differential 
amplifier with an active load. Here Q i and Q 2 form the differ- 
ential pair, while the current source transistors andp 
form the acti ve loads for Q , and Q ,, respectively. The dc 
bias circuit that establishes an appropriate dc voltage at 
the drains of Q x and Q 2 is not shown. It is required to 
design the circuit to meet the following specifications: 

(a) Differential gain A d = 80 V/V. 

(b) / REF = / = 100pA. 

(c) The dc voltage at the gates of Q 6 and Q 3 is +1.5 V. 

(d) The dc voltage at the gates of Q 7 , Q v and Q s is -1.5 V. 

The technology available is specified as follows: ftp , - 
3 p p C m = 90 pA/V 2 ; V m = | V tp \ = 0.7 V, V An = \ V Ap \ =20V. 
Specify the required value of R and the W/L ratios for all 
transistors. Also specify / 0 and | at which each transis¬ 
tor is operating. For dc bias calculations you may neglect 
channel-length modulation. 


+ 2.5 V 


DD 


O- 
V C\ 


< 

|| 

< 

* - 0 V t ,j 0 - i 

Qi ft 

> 

L, 



<— 1‘ 
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■V 


ss 



Figure P8.23 


O V G2 


(a) With v G] - v G2 = 0 V, what dc voltages appear at the 
sources of Q l and Q-p. What current flows through Q 3 
and Q 4 ? At what overdrive voltages are Q } and Q 4 oper- 


/r(-F" W 


R 



—C« 

ii 


-i 




2.5 V 


Figure P8.24 








Problems 671 


8.25 A design error has resulted in a gross mismatch in the 
circuit of Fig. P8.25. Specifically, Q 2 has twice the W/L ratio 
of Q If v tJ is a small sine-wave signal, find: 

(a) /pi an ^ /p2- 

(b) V oy for each of Q i and Q 2 , 

(c) The differential gain A d in terms of R 0 , /, and V 0Y . 




Figure P8.25 


D 8,26 For the cascade differential amplifier of Fig. 
8.12(a) show that if al! transistors have the same channel 
length and are operated at the same | Voi and assuming 

V' 4 \, the differential gain A d is given by 


«“• K„= I VA= 



Now design the amplifier to obtain a differential gain of 
1000 V/V. Use \V m \ - 0.2 V. If \V' A \ = 10 V/pm, spec¬ 
ify the required channel length L. If g m is to be as high as 
possible but the power dissipation in the amplifier (in equi¬ 
librium) is to he limited to 1 m W, what bias current I would 


you use? Let V DD = -V ss = 0.9 V. 

Em 8 27 An NMOS differential pair is biased by a cur 


reni source / = 0.2 mA having an output resistance R^ — 
100 kQ. The amplifier has drain resistances R 0 = 10 kQ, 
Us ing transistors with k'JV/L - 3 mA/V ; , and r that is large. 
0 the output is taken differentially and there is a 1% mis¬ 
match between the drain resistances, find \A d \> L4 cm |, and 
CMRR 


0.^0 ror the dirferential amplifier shown in Fig. P8.2, let 
Q\ and Q 2 have k' p (W/L) — 4 mA/V 2 , and assume that 
the bias current source has an output resistance of 30 k£2. 
Find V ov , g m , \A d \, \A cm \, and the CMRR (in dB) obtained 
with the output taken differentially. I lie drain resistances 
are known to have a mismatch of 2%. 


SIM 


■l m ■— -mb' 








that this amplifier uses a single 5-V supply and thus the dc 
common-mode voltage V CM cannot be zero. Transistors Q , 
and Q 2 have k' n W/L = 2.5 mA/V 2 , V t = 0.7 V, and 2 = 0. 


(a) Find the required value of V CM . 

(b) Find the value of R D that results in a differential gain A d 
of 8 V/V. 

(c) Determine the dc voltage at the drains. 

(d) Determine the common-mode gain A V D , /A V CKf . (Hint: 
You need to take 1 /g m into account.) 

(e> Use the common-mode gain found in (d) to determine 
the change in V cu that results in Q t and Q 2 entering the tri¬ 
ode region. 



Figure P8.29 

*8.30 The objective of this problem is to detenuinc 
the common-mode gain and hence the CMRR ot the differen¬ 
tial pair arising from a simultaneous mismatch in g m and in 

R d . 

(a) Refer to the circuit in Fig. 8.13(a) and its equivalent in 
Fig. 8.14, and let the two drain resistors be denoted R m and 
R m where R Di — R D + (AR D /2) and R D2 = R 0 - (A R D / 2). 
Also let g ml = g m + (Ag m /2) and g m2 = g m - (Ag w /2). 
Follow an analysis process similar to that used to derive Eq. 

(8.63) to show that 
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r Rp } j &8m + 

<2R S J\ g m r d 


Note that this equation indicates that R D can be deliberately 
varied to compensate for the initial variability in g m and K D , 

that is, to minimize A cm . , 

(b) In a MOS differential amplifier for which R D - 5 kQ an 
R^ = 25 kQ, the common-mode gain is measured and found to 
be 0.002 V/V. Find the percentage change required in one o 
the two drain resistors so as to reduce A cm to zero (or close to 

zero). 


D 8.31 A MOS differential amplifier utilizing a simple 
cun-ent source to provide the bias current I is found to have a 
CMRR of 60 dB. If it is required to raise the CMRR to 
100 dB by adding a cascode transistor to the current source, 
what must the intrinsic gain T 0 of the cascode transistor be? 
If the cascode transistor is operated at V 0 y ~ 0-2 V, what 
must its V, be? If for the specific technology utilized 
V' = 10 V/um, specify the channel length L of the cascode 

transistor. 


Section 8.3: The BJT Differential Pair 

8.32 For the differential amplifier of Fig. 8.16(a) let / = 
0.5 mA, V cc = K ££ = 2.5 V, V m = -1 V, R c = 8 kQ, and 
/?= 100. Assume that the BJTs have v BE = 0.7 V at i ( — 

1 mA. Find the voltage at the emitters and at the outputs. 

8.33 An npn differential amplifier with I = 0.5 mA, 
V cc - V EE - 2.5 V, and R, = 8 kQ utilizes BJTs with 
{3 ~ 100 and v BE = 0.7 V at i c = 1 mA. If v B2 = 0, 
find V E , V C1 , and V C1 obtained with v B] = + 0.5 V, and 
with v B] - -0.5 V. Assume that the current source 
requires a minimum of 0.3 V for proper operation. 

8.34 An npn differential amplifier with / = 0.5 mA, 
V cc — V EE = 2.5 V, and R c = 8 kQ utilizes BJTs with 
ft - 100 and v 8E - 0.7 V at i c - 1 mA. Assuming that 
the bias current is obtained by a simple current source and that 
all transistors require a minimum v CE ol 0.3 V for operation 
in the active mode, find the input common-mode range. 

8.35 Repeat Exercise 8.9 for an input of-0.3 V. 

8.36 An npn differential pair employs transistors for 
which v BE = 690 mV at i c - 1 mA, and ft = 50. The 
transistors leave the active mode at v CE < 0.3 V. The col¬ 
lector resistors R c = 82 kQ, and the power supplies are 
±1.2 V. ! he bias current / = 20 pA and is supplied with a 
simple current source. 

(a) For v Bi = v B2 = V CM = 0 V, find V E , V C] , and V C2 . 

(b) Find the input common-mode range. 

(c) If v B2 = o, find the value of v B] that increases the cur¬ 
rent in Q | by 10%. 


8.37 Consider the BJT differential amplifier when fed 
with a common-mode voltage V CM as shown in Fig. g.| 6(a) 
As is often the case, the supply voltage V cc may not be pure 
dc but might include a ripple component v r of small ampli. 
tude and a frequency of 120 Hz (see Section 4.5). Thus the 
supply voltage becomes V cc + v r . Find the ripple cotnpo. 
nent of the collector voltages, v C] and v C2 , as well as of 
the difference output voltage v od s v C2 - v C] . Comment on 
the differential amplifier response to this undesirable power- 
supply ripple. 

D 8.38 Consider the differential amplifier of Fig. 815 and 
let the BJT /? be very large: 

(a) What is the largest input common-mode signal that can 
be applied while the BJTs remain comfortably in the active 
region with v CB = 0? 

(b) If an input difference signal is applied that is large 
enough to steer the current entirely to one side of the pair, 
what is the change in voltage at each collector (from the 
condition for which v jd = 0)? 

(c) If the available power supply V cc is 2.5 V, what value of 
JR should you choose in order to allow a common-mode 
input signal of ±1.0 V? 

(d) For the value of IR ( found in (c), select values for/and 
R t . Use the largest possible value for / subject to the con¬ 
straint that the base current of each transistor (when / 
divides equally) should not exceed 2 pA. Let (3= 1 M 0. 

8.39 To provide insight into the possibility of nonlinear fs- 
tortion resulting from large differential input signals applied 
to the dif ferential amplifier of Fig. 8.15, evaluate the normal¬ 
ized change in the current / £1 , A / £) /1 - (fyi -{//2))//,fa 
differential input signals v# of 5, 10, 20, 30, and 40 mV. Pro¬ 
vide a tabulation of the ratio {Ai Ei /I)/v ld , which represents 
the proportional transconductance gain ot the differential pair, 
versus v tJ , Comment on the linearity ot the differential pair a.' 

an amplifier. 

D 8.40 Design the circuit of Fig. 8.15 to provide a differ¬ 
ential output voltage ( i.e., one taken between the two collet 
tors) of 1 V when the differential input signal is 10 mV. 
current source of 1 mA and a positive supply of +5 »art 
available. What is the largest possible input common nu e 
voltage for which operation is as required? Assume a 

D *8.41 One of the trade-offs available in the design ^ 
the basic differential amplifier circuit of Fig. 8 . 

between the value of the voltage gain and the ran^ ^ 
common-mode input voltage. The purpose of this pro 
to demonstrate this trade-off. 

(a) Use Eqs. (8.73) and (8.74) to obtain % and i a G °^ P< ® ? 
ing to a differential input signal of 5 mV (i.e. 1 b\ 
mV), Assume //to be very high. Find the resulting vo ' 
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fere nee between the two collectors — u cl ), and divide this 
value by 5 mV to obtain the voltage gain in terms of (IR C ). 

(b) Find the maximum permitted value for V CM while the 
transistors remain comfortably in the active mode with v CB = 
0. Express this maximum in terms of V cc and the gain, and 
hence show that for a given value of V cc , the higher the gain 
achieved, the lower the common-mode range. Use this expres¬ 
sion to find V CMfatx corresponding to a gain magnitude of 100, 
200. 300, and 400 V/V. For each value, also give the 
required value of IR C and the value of R c for / = 1 mA. As an 
example, discuss what can be achieved with V cc = 10 V. 

*8.42 For the circuit in Fig. 8.15, assuming a~ 1 and !R t = 
5 V. use Eqs. (8.70) and (8.71) to find i a and i cv and hence 
determine v ih} = v ( : - v cl for input differential signals v id = 
d - u of 5 mV, 10 mV, 15 mV, 20 mV, 25 mV, 30 mV, 
35 mV, and 40 mV. Plot v o versus v id , and hence comment 
on the amplifier linearity. As another way of visualizing lin¬ 
earity, determine the gain (v 0 /v id ), versus v ld . Comment on 
the resulting graph. 

8.43 In a differential amplifier using a 3-mA emitter bias 
current source, the two BJTs are not matched. Rather, one 
has twice the emitter junction area of the other. Foi a differ¬ 
ential input signal of zero volts, what do the collector cur¬ 
rents become? What difference input is needed to equalize 
the collector currents? Assume a- 1. 

8.44 This problem explores the linearization of the transfer 
characteristics of the differential pair achieved by including 
emitter-degeneration resistances R e in the emitters (see Fig. 
8.18). Consider the case / = 200 pA with the transistors exhib¬ 
iting v BE = 690 mV at i c = 1 mA and assume a — 1. 

(a) With no emitter resistances R e , what value of V BE 
results when v id =0? 

(b) With no emitter resistances R t „ use the large-signal 
model to find / (1 and i C2 when v id - 20 mV. 

(c) Now find the value of R t that will result in the same i Ci 
and i C2 as in (b) but with v ld = 200 mV. Use the large- 
signal model. 

(d) Calculate the effective transconductance G m as the inverse 
of the total resistances in the emitter circuits in the cases with¬ 
out and with the R c s. By what factor is G m reduced? How 
does this factor relate to the increase in v id ? Comment. 

8.45 A BJT differential amplifier uses a 204-pA bias cur- 
"t. What is the value of g m of each device? It // is 150, 

what is the differential input resistance? 

D 8.46 Design the basic BJT differential amplifier circuit of 
Fig. 8.19 to provide a differential input resistance of at least 
10 kQ and a differential voltage gain of 100 V/V. The transis- 
tor ft is specified to be at least 1.00. The available positive 
Power supply is 5 V. 


8.47 For a differential amplifier to which a total difference 
signal of 10 mV is applied, what is the equivalent signal to its 
corresponding CE half-circuit? If the emitter current source 1 is 
100 pA, what is r of the half-circuit? For a load resistance 
of 10 kQ in each collector, what is the half-circuit gain? 
^ hat magnitude of signal output voltage would you expect 
at each collector ? Between the two collectors? 

8.48 A BJT differential amplifier is biased from a 1-mA 
constant-current source ;ind includes a 200-Q resistor in each 
emitter. The collectors are connected to V cc via 12-kQ resistors. 
A differential input signal of 0.1 V is applied between the two 

bases. 

(a) Find the signal current in the emitters (? ) and the signal 
voltage v he for each BJT, 

(b) What is the total emitter current in each BJT? 

(c) What is the signal voltage at each collector? Assume 
a- 1. 

(d) What is the voltage gain realized when the output is 
taken between the two collectors? 

D 8.49 Design a BJI differential amplifier to amplify a dif¬ 
ferential input signal of 0.2 V and provide a differential output 
signal of 5 V. To ensure adequate linearity, it is required to 
limit the signal amplitude across each base-emitter junction 
to a maximum of 5 mV, Another design requirement is that 
the differential input resistance be at least 50 kQ. The BJ I's 
available are specified to have /?> 100. Give the circuit con¬ 
figuration and specify the values of all its components. 

D 8.50 Design a bipolar differential amplifier such as that 
in Fig. 8.19 to operate from ±2.5 V power supplies and to 
provide differential gain of 40 V/V. Tlie power dissipation 
in the quiescent state should not exceed 2 mW. 

(a) Specify the values of I and R c . What dc voltage appears 
at the collectors? 

(b) If ft - 100. what is the input differential resistance? 

(c) For v ld = 20 mV, what is the signal voltage at each of 
the collectors? 

(d) For the situation in (c), what is the maximum allowable 
value of the input common mode voltage, l\ v /? Recall that 
to maintain an npn BJT in saturation, v B should not exceed 
i> c by more than 0.4 V. 

D '8.51 In this problem we explore the trade-off between 
input common-mode range and differential gain in the 
design of the bipolar BJT. Consider the bipolar differential 
amplifier in Fig. 8.15 with the input voltages 

J'ffl = 1 CM + K</-) 

V B2 ~ I'CM ~ 

(a) Bearing in mind that tor a BJT to remain in the active 
mode. v BC should not exceed 0.4 V, show that when v ld 
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has a peak v id> the maximum input common-mode voltage 


X 


CM max 


is given by 


v 


y C Mmn = V CC + 0 A-- 


id 


-AJ V T + 


V\ 

id 


2 


/ 


(b) For the case V cc = 5 V and i' ld = 10 mV use the 
relationship above to determine FcMraax tor the case 
A =100 V/V. Also find the peak output signal v od and 
the required value of IR C ■ Now if the power dissipation in 
the circuit is to be limited to 5 mW in the quiescent state 
(i.e.. with v, d = 0), find 1 and R c . (Remember to include the 
power drawn from the negative power supple ~^EE ~ 


v.) 

( C ) If V CMmn is to be 0 V, and all other conditions remain 
the same, what gain A d is achievable? 


8 52 For the differential amplifier ot Fig. 8.15, Let 
y = +5 V and IR C = 4 V. Find the differential gain 

A Sketch and clearly label the waveforms for the total col¬ 
lector voltages | and the following two cases. 

( a ) v Bl = l + 0.005 sin(^yr) 

Vg , - 1 - 0.005 sin(<yf) 

(b) v B[ = 1 +0.1 sin(6>0 
v B -> = 1 - 0.1 sin(/y/) 


8.53 Consider a bipolar differential amplifier in which the 
collector resistors R ( are replaced with simple current 



sources implemented using pnp transistors. Sketch th e 
circuit and give its differential half-circuit. If V A = ]q V 
for all transistors, find the differential voltage gain achieved 

8.54 For each of the emitter-degenerated differentia] 
amplifiers shown in Fig. P8.54, find the differential half, 
circuit and derive expressions for the differential gain A 
and differential input resistance R ld . For each circuit, what 
dc voltage appears across the bias current source(s) in the 
quiescent state (i.e., with v id = 0). Flence, which of the two 
circuits will allow a larger negative V CK p. 

8.55 Consider a bipolar differential amplifier that, in addi¬ 
tion to the collector resistances R c , has a load resistance R 
connected between the two collectors. What does the differ- 
ential gain A d become? 

8.56 A bipolar differential amplifier having resistance# 
inserted in series with each emitter (as in Fig. 8.21) is biased 
with a constant current /. When both input terminals are 
grounded, the dc voltage measured across each R e is found 
to be 4 V T and that measured across each R ( is found to be 
40 V T . What differential voltage gain A d do you expect the 
amplifier to have? 

8.57 A bipolar differential amplifier with emitter degener¬ 
ation resistances R e and R e , is fed with the arrangement 
shown in Fig. P8.57. Derive an expression for the overall 
differential voltage gain G v = v ad /v sig . If is of such a 
value that v id - 0.5v si , find the gain G v in terms of R 0 



Figure P8.54 
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Vj o- 


Figure P8.60 


+ 10 V 


0.2 mA 


25 kO 



* 250 n 


T—VA-1 



0.2 mA 


V, 


cc 


1 


Figure P8.57 

r ,, R , and a. Now if (3 is doubled, by what factor does 
G v increase? 

8.58 A particular differential amplifier operates from an emit¬ 
ter current source whose output resistance is 0.5 MQ. What 
resistance is associated with each common-mode half-circuit? 
For collector resistors of 20 kQ and 1 % tolerance, what is the 
resulting common-mode gain for output taken (a) single- 
endedly? and (b) differentially? 

8.59 Find the voltage gain and the input resistance of the 
amplifier shown in Fig. P8.59 assuming = 100, 



Figure P8.61 



Figure P8.59 



8.60 Find the voltage gain and input resistance of the 
amplifier in Fig. P8.60 assuming that (3 — 100. 


8.61 Derive an expression for the small-signal voltage gain 
v /v of the circuit shown in Fig. P8.61 in two different ways: 

Q l 

(a) as a differential amplifier 

(b) as a cascade of a common-collector stage (3, and a 
common-base stage Q 2 

Assume that the BJTs are matched and have a current gain 
ou and neglect the Early effect. Verify that both approaches 
lead to the same result. 


8.62 The differential amplifier circuit of ! : ig. P8.62 utilizes 
a resistor connected to the negative power supply to estab¬ 
lish the bias current I. 


(a) For v 8t = vJ2 and v B: = -v u /2, where v u is a small sig¬ 
nal with zero average, find the magnitude of the differential 


earn. 


v 




(b) For v Bl =v B2 = tw where has a zero average, find 

the magnitude of the common-mode gain, \v 0 /v icn 


(c) Calculate the CMRR. 

(d) If v Bl ~ 0.1 sin 2/rx 60/ + 0.005 sin 2;rx 1000/ volts, and 
v ., = 0. t'sin 2/r x 60/ - 0.005 sin 2/r x 1000/. volts, find v 0 . 

B2 
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+ 5 V 

A A 



4.3 kQ 


t 

-5 V 

Figure P8.62 


+ 10 V 



Figure P8.63 

8.63 For the differential amplifier shown in Fig. P8.63, iden¬ 
tify and sketch the differential half-circuit and the common¬ 
mode half-circuit, f ind the differential gain, the differential 
input resistance, the common-mode gain assuming the resis¬ 
tances R , have 1 % tolerance, and the common-mode input 
resistance. For these transistors, ft- 100 and V A = 100 V. 


8.65 In a differentia I-amplifier circuit resembling that 
shown in Fig. 8.26(a), the current generator represented by / 
and R n consists of a simple common-emitter transistor 
operating at 100 pA. For this transistor, and those used in 
the differential pair, V A = 2 " V and ft - 50. What common- 
mode input resistance would result? 

8.66 A bipolar differential amplifier with / = 0.5 mA uti¬ 
lizes transistors for which V A = 10 V and /?= 100. The 
collector resistances R c = 10 kQ and are matched to 
within 2%. Find: 

(a) the differential gain 

(b) the common-mode gain and the CMRR if the bias cur¬ 
rent / is generated using a simple current mirror 

(c) the common-mode gain and the CMRR if the bias cur¬ 
rent I is generated using a Wilson mirror. (Refer to Eq, 7.81 
for R of the Wilson mirror.) 

D 8.67 It is required to design a differential amplifier to pro¬ 
vide the largest possible signal to a pair of 10-kQ load resis¬ 
tances. The input differential signal is a sinusoid of 5-mV peak 
amplitude, which is applied to one input terminal while the 
other input terminal is grounded. The power supply available is 
10 V. To determine the required bias current /, derive an 
expression for the total voltage at eacli of the collectors in terms 
of V cc and / in the presence of the input signal. Then impose the 
condition that both transistors should remain well out of satura¬ 
tion with a minimum v CB of approximately 0 V. Thus determine 
the required value of /. For this design, wl at differential gain is 
achieved? What is the amplitude of the signal voltage obtained 
between the two collectors? Assume a — 1. 

D *8.68 Design a BJT differential amplifier that provides 
two single-ended outputs (at the collectors). The amplifier 
is to have a differential gain (to each of the two outputs) of 
at least 100 V/V, a differential input resistance >10 kQ. and 
a common-mode gain (to each of the two outputs) no 
greater than 0.1 V/V. Use a 2-mA current source for bias¬ 
ing. Give the complete circuit with component values and 
suitable power supplies that allow for ±2 V swing at each 
collector. Specify the minimum value that the output rest'- 
tance of the bias current source must have. The BJTs avail 
able have ft > 100. What is the value ol the input common 
mode resistance when the bias source has the l* ,WL 


8.64 Consider the basic differential circuit in which the 
transistors have ft = 100 and V A = 100 V, with / = 0.5 mA, 

R eb = 200 kQ, and R c — 20 kQ. The collector resistances are 
matched to within 1%. Find: 

(a) the differentia! gain 

(b) the differential input resistance 

(c) the common-mode gain 

id) the common-mode rejection ratio 
(e) the input common-mode resistance 


acceptable resistance? 

■ 

8.69 When the output of a BJT differential f 

taken differentially, its CMRR is found to be 40 dB *8 
than when the output is taken single-endedly. il 0 • 
source of common-mode gain when the output |s ’ J en ^ 
ferentially is the mismatch in collector resistances, 

must this mismatch be (in percent)? 






a m 
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base junction area that is twice that of the other. With the 
inputs grounded, how will the emitter bias current split 
between the two transistors? If the output resistance of the 
current source is 500 kQ and the resistance in each collector 
^ | is 12 kQ, find the common-mode gain obtained when 
the output is taken differentially. Assume a— I. 

Section 8.4: Other Nonideal Characteristics of 
the Differential Amplifier 

D 8.71 An NMOS differential pair is to be used in an 
amplifier whose drain resistors are 10 kQ ± 1%. For the 
pair. k'JV/L - 4 niA/V 2 . A decision is to be made concerning 
the bias current / to be used, whether 160 pA or 360 pA. 
Contrast the differential gain and input offset voltage for the 
two possibilities. 

D 8.72 An NMOS amplifier, whose designed operating 
point is at V ol = 0.2 V, is suspected to have a variability of F, 
of ±5 mV, and of W/L and R n (independently) of ±2%. What 
is the worst-case input offset voltage you would expect to 
find? What is the major contribution to this total offset? If you 
used a variation of one of the drain resistors to reduce the out¬ 
put offset to zero and thereby compensate for the uncertainties 
I including that of the other R D ), what percentage change from 
nominal would you require? If by selection you reduced the 
contribution of the worst cause of offset by a factor of 10, 
what change in R D would be needed? 

8.73 An NMOS differential pair operating at a bias current / 
of 100 pA uses transistors for which k' n = 250 pA/V" and 
W/L =10. Find the three components of input offset voltage 
under the conditions that A R D /R D = 5%, At W/L)/( W/L) - 
5%, and AV, = 5 mV. In the worst case, what might the total 
offset be? For the usual case of the three effects being 
independent, what is the offset likely to be? 

8.74 A bipolar differential amplifier uses two well- 
matched transistors but collector load resistors that are mis¬ 
matched by 8%. What input offset voltage is required to 
reduce the differential output voltage to zero? 

8.75 A bipolar differential amplifier uses two transistors 
whose scale currents I s differ by 10%. If the two collector resis¬ 
tors are well matched, find the resulting input offset voltage. 

8.76 Modify Eq. (8.119) for the case of a diflerential 
amplifier having a resistance R F connected in the emitter of 
each transistor. Let the bias current source be I. 

8.77 A differential amplifier uses two transistors whose ft 
values are ft , and ft If everything else is matched, show 
'hat the input offset voltage is approximately 
*rl( 1/ ft[) - (I 'ft 2 )\. Evaluate V os for ft i = 100 and ft z - 
200, Assume the differential source resistance to be zero. 


8.78 Two possible differential amplifiei designs are con¬ 
sidered. one using BJTs and the other MOSFETs. In both 
cases, the collector (drain) resistors are maintained within 
+2 ‘ < ot nominal value. The MOSFETs are operated at 
Voy — 300 mV. What input offset voltage results in each 
case? What does the MOS V os become if the dev rices are 
increased in width by a factor of 4? 

*8.79 A differential amplifier uses two transistors having V A 
values of 100 V and 300 V. If everything else is matched, find 
the resulting input offset voltage. Assume that the two transis¬ 
tors are intended to be biased at a V ce of about 10 V. 

*8.80 A differential amplifier is fed in a balanced or 
push-pull manner, and the source resistance in series with 
each base is R. Show that a mismatch AR between the val- 

-J 

ues of the two source resistances gives rise to an input offset 
voltage of approximately (. I/2ft)AR f / [1 + (g m Rj/ft]. 

8.81 One approach to "offset correction” involves the 
adjustment of the values of R ,, and so as to reduce the 
differential output voltage to zero when both input terminals 
are grounded, This offset-nulling process can be accom¬ 
plished h\ utilizing a potentiometer in the collector circuit, as 
shown in Fig. P8.81. We wish to find the potentiometer set¬ 
ting, represented by the fraction .v of its value connected in 
series with /?, ,, that is required for nulling the output offset 
voltage that results from: 

(a) R, being 4% higher than nominal and R ^ 4% lower 
than nominal 

(b) Q , having an area 20% larger than that of Q, 

V cc 

A 


Ra 

5 kQ 


o 


I mA 



(1 - x) 



Figure P8.81 
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8.82 A differential amplifier for which the total emitter bias 
current is 500 pA uses transistors for which /? is specifie o 
lie between 80 and 200. What is the largest possible input bias 
current? The smallest possible input bias current? The largest 

possible input offset current? 

**8.83 In a particular BJT differential amplifier, a produc¬ 
tion error results in one of the transistors having an emitter- 
base junction area twice that of the other. With both inputs 
grounded, find the current in each of the two transistors and 
hence the dc offset voltage at the output, assuming that the 
collector resistances are equal. Use small-signal analysis to 
find the input voltage that would restore current balance to 
the differential pair. Repeat using large-signal analysis and 

compare results. 

D 8.84 A large fraction ot mass-produced differential- 
amplifier modules employing 20-kQ collector resistors is 
found to have an input offset voltage ranging from +3 mV to 
_3 m v. By what amount must one collector resistor be 
adjusted to reduce the input offset to zero? It an adjustment 
mechanism is devised that raises one collector resistor while 
correspondingly lowering the other, what resistance change 
is needed? If a potentiometer connected as shown in Fig. 
P8.8I is used, what value of potentiometer resistance (speci¬ 
fied to 1 significant digit) is needed? 

Section 8.5: The Differential Amplifier with 
Active Load 

D 8.85 In an active-loaded differential amplifier of the 
form shown in Fig. 8.32(a), all transistors are characterized 
by k'W/L = 3.2 mA/V : , and \V A \ = 20 V. Find the bias 
current / for which the gain v 0 /v id - 100 V/V. 

rrm D 8.86 It is required to design the active-loaded di i fer- 
ential MOS amplifier of Fig. 8.32 to obtain a differential gain of 
50 V/V. The technology available provides JU n C ox - 
4{i p C ox = 400 pA/V 2 , | V\ = 0.5 V, and | V' 4 \ = 20 V/pm 
and operates from ±1 V supplies. Use a bias current / = 
200 pA and operate all devices at | V 0l \ - 0.2 V. 

(a) Find the WIL ratios of the four transistors. 

(b) Specify the channel length required of all transistors. 

(c) If V CM - 0, what is the allowable range of v Q ? 

<d) If / is delivered by a simple NMOS current source 
operated at the same Vq v and having the same channel 
length as the other four transistors, determine the CMRR 
obtained. 

8.87 f 'onsider the active-loaded M( S differential ampli¬ 
fier of Fig. 8.32(a) in two cases: 

(a) Current source / is implemented with a simple current 
mirror. 


(b) Current source / is implemented with the modified 
Wilson current mirror shown in Fig. P8.87. 

Recalling that for the simple mirror R S s = U^and for the 
Wilson mirror R ss - g ml r o7 r oS , and assuming that all tran¬ 
sistors have the same | V A \ and k' W/L, show that for case (a) 


CMRR = 2U 


Va 


Vov 


and for case (b) 


y \ 3 

CMRR = 2 v2 A 


Vq i 


where V ov is the overdrive voltage that corresponds to a 
drain current ot 1/2. For k WIL — 10 mA/V‘ /= 1 roA 
and V A = 10 V, find CMRR for both cases. 


Fi 



R 


ss 


D 8.88 Consider an active-loaded differential amplifier 
such as that shown in Fig. 8.32(a) with the bias curreni 
source implemented with the modified Wilson mirrorofFig 
P8.87 with / = 200 pA. The transistors have p = °* 5V 
and k' W/L = 5 mA/V 2 . What is the lowest value of the wt 


power supply ( V DD + 


yj that allows each transistor to oper¬ 


ate with 


VdS\ ~ 




*8.89 (a) Sketch the circuit of an active-loaded MOS * 
ferential amplifier in which the input transistors art t 
coded and a cascode current mirror is used for the ioa . 
(b) Show that if all transistors are operated at an ° ve 
voltage V oy and have equal Early voltages \V A \, ^ ie - 
given by 

A d = 2 (V A /V ov ) 2 



Problems 679 





v s —+v 


id/ 


/4 


Figure P8,90 


Evaluate the gain for V ov = 0.25 V and V A = 20 V. 


8.90 Figure P8.90 shows the active-loaded MOS differen¬ 
tial amplifier prepared for small-signal analysis. To help the 
reader we have already indicated approximate values for 
some of the node voltages. For instance, the output voltage 
v 0 = \(g m r 0 )v jcl , which we have derived in the text. The 
voltage at the common sources has been found to be approx¬ 
imately +v id /4, which is very far from the virtual ground 
one might assume. Also, the voltage at the gate of the mirror 
is approximately -v td / 4, confirming our contention that the 
voltage there is vastly different from the output voltage, 
hence the lack of balance in the circuit and the unavailability 
of a differential half-circuit. Find the currents labeled i ] to 
ij 3 . Determine their values in the sequence of their number¬ 
ing and reflect on the results. You will find that there is 
some inconsistency, which is a result of the approximations 
we have made. Note that all transistors are assumed to be 


operating at the same 



8,91 An active-loaded NMOS differential amplifier oper¬ 
ates with a bias current / of 100 pA. The NMOS transistors 
are operated at V 0 y = 0.2 V and the PMOS devices at 
\y 0 Ji ~ 0.3 V. The Early voltages are 20 V tor the NMOS 
and 12 V for the PMOS transistors. Find G,„, R 0 , and A d . 
For what value of load resistance is the gain reduced by a 
factor of 2? 


8.92 This problem investigates the effect ot transistor mis¬ 
matches on the input offset voltage ot the active-loaded 
MOS differential amplifier of Fig. 8.32(a). For this purpose, 


ground both input terminals and short-circuit the output 
node to ground. 


(a) If the amplifying transistors Q x and Q 2 exhibit a W/L 
mismatch of A( W/L ) ,, find the resulting short-circuit out¬ 
put current and hence show that the corresponding V os is 
given by 

A( W/ L ). 

Yo SI =(Yo,y2) 

where V Qf is the overdrive voltage at which Q x and Q 2 
are operating. 

(b) Repeat for a mismatch A{ W/L ) v/ in the If / L ratios ot 
the mirror transistor Q 2 and to show that the corre¬ 
sponding V os is given by 

A {W/L) m 

V - (V /2) —-- 

052 — ^ Q y/1) (W/L) 


here V ov is the overdrive voltage at which Q x and Q 2 
re operating. 

:) For a circuit in which all transistors are operated at 
- 0 2 V and all W/L ratios are accurate to within 


r/ 


on 

1 % of nominal, find the worst-case total offset voltage 


8.93 The differential amplifier in Fig. 8.37(a) is operated 
with I = 400 pA, with devices for which V A - 16 V and j3 = 
100. What differential input resistance, output resistance, 
equivalent transconductance, and open-circuit voltage gain 
would you expect? What will the voltage gain be if the input 
resistance of the subsequent stage is equal to R, d of this stage? 
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D "8.94 Design the circuit of Fig. 8.37(a) using a basic cur¬ 
rent mirror to implement the current source L It is required that 
the equivalent transconductance be 4 mA/V. Use +5-V power 
supplies and BJTs that have 0 = 125 and U, = 100 V. Give the 
complete circuit with component values and speedy the 
differential input resistance R the output resistance R 0 , e 
open-circuit voltage gain A d . the input bias current, the input 
common-mode range, the common-mode gain, and the CMRR. 

D 8.95 Repeat the design of the amplifier specified in 
Problem 8.94 utilizing a Widlar current source [Fig. 7.36] 
to supply the bias current. Assume that the largest resistance 

available is 2 kX2. 

D 8.96 Modify the design of the amplifier in Problem 
8.94 by connecting emitter-degeneration resistances of val¬ 
ues that result in R ld =125 k£2. What does A d become? 

8.97 An active-loaded bipolar differential amplifier such 
as that shown in Fig. 8.37(a) has / = 0.5 mA, V A = 30 V, and 
= 150. Find /?„, A d , and R ld . If the bias-current source 

is implemented with a simple npn current mirror, find R EE , 
A cm . and CMRR. If the amplifier is fed differentially with a 
source having a total of 20 resistance (i.e.. 10 kfi in 
series with the base lead of each of Q { and Q 2 ), find the 
overall differential voltage gain. 

8.98 This problem provides a general approach to the 
determination of the common-mode gain of the active- 
loaded differential amplifier of either type (MOS and BJT). 
The method is illustrated in Fig. P8.98, in which we have 
replaced each of and Q z together with their source 
(emitter) resistances 2 R ss (2 R EE ) with a controlled source 

and an output resistance R, ( 2 • For the MOS 

v lcm /2R EE for the bipolar 
case. Usually R l:[ and /?,, 2 are much larger than the resis¬ 
tances at the respective nodes and can be neglected. The cur¬ 
rent mirror has been replaced by an equivalent circuit 
consisting of an input resistance a controlled source 


G v ■ 

man icm 

case, G mcm — v-^ /2Rg$ 


in’ 


with current gain A mf and an output resistance R 


am * 


fa) Show that the common-mode gain is given approxi 
mately by 


A = 

cm 


u 


~ G mcm R om^ A m- l ) 


icm 


(b) For the simple MOS mirror consisting of Q , and Q 4 , 
as in Fig. 8.32(a), show that 

1 


A m = 1 

m 


i + 


6m3^o3- 

and hence derive the expression for the common-mode gain 
A cm given in Eq. (8.146). 

(c) For the simple bipolar mirror consisting of Q^ and £> 4 , 
as in Fig. 8.37(a), show that 


m 


= l / 


( j 

l / l + - 

/ 1 A 



Current 

Mirroi 


R 


A m‘, 


in 


f 


R„ 


a 1 


4>, 


^ 7 mcm 


G V 

mcm tem 



P8;98 


and hence derive the expression for the CM gain A m given 
in Eq. (8.165). 

8.99 For the active-loaded MOS differential pair, replac¬ 
ing the simple current-mirror load by the Wilson mirror of 
Fig. 7.35(a), find the CM gain. [Hint: Use the general for¬ 
mula in Problem 8.98, namely, 


\ A cml 


R 


am 


2 R 


(4 m -D 


where R om is the output resistance of the mirror and A m is 
its current transfer ratio. Note, however, that tins formula 
will overestimate A cm because we are neglecting R 02 .] 

8.100 For the active-loaded bipolar differential pair, 
replacing the simple current-mirror load by the base-curreni- 
compensated mirror of Fig. 7.33, find the expected system¬ 
atic input offset voltage. Evaluate V os for fi P - 30. 

8.101 For the active-loaded bipolar differential pair, replac 
ing the simple current-mirror load by the Wilson minor "t 
Fig. 7.34(a), find the expected systematic input offset \olt 

age. Evaluate V os for ftp = 50. 

8.102 Figure P8.102 shows a differential cascode ampli¬ 
fier with an active load formed by a Wilson current mirror 
Utilizing the expressions derived in Chapter 7 for the outpu^ 
resistance of a bipolar cascode and the output resistance o 
the Wilson mirror, and assuming all transistors to be i ^ 
cal, show that the differential voltage gain * s ^ 
approximately by 

Aj = \0g m >\ } 
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Evaluate A d for the case of P~ 100 and V A = 30 V. 


interesting input properties. Note that for simplicity the cir¬ 
cuit is shown with the base of Q 2 grounded. 



(a* With v ; - 0 V dc, find the input bias current l H assuming 
all transistors have equal value of /?. Compare the case with¬ 
out the Qf-Qi connection. 

(b) With i^OV (dc) + v id , find the input signal current / and 
hence the input differential resistance R ld . * ompare with the 
case without the Q 7 -Q s connection. By what factor does R td 
increase? 



Figure P8.102 

D 8.103 Consider the bias design of the Wilson-loaded 
cascode differential amplifier shown in Fig. P8.102. 

(a) What is the largest signal voltage possible at the output 
without Q 7 saturating? Assume that the CB junction con¬ 
ducts when the voltage across it exceeds 0.4 V. 

(b) What should the dc bias voltage established at the out¬ 
put i by an arrangement not shown) be in order to allow' tor 
positive output signal swing of 1.5 V? 

(c) What should the value of K B1AS be in order to allow for a 
negative output signal swing of 1.5 V? 

(d) What is the upper limit on the input common-mode 
voltage v CM 1 

**8.104 Figure P8.104 shows a modified cascode differ¬ 
ential amplifier. Here Q y and Q 4 are the cascode transistors. 
However, the manner in which Q 3 is connected with its base 
current feeding the current mirror Q 7 -results in very 


Figure P8,104 


8.105 For the folded-cascode differential amplifier of Fig. 
8.40. find the value of U B1AS that results in the largest possi¬ 
ble positive output swing, while keeping Q r Q 4 , and the pnp 
transistors that realize the current sources out of saturation. 
Assume V cc = V EE = 5 V. If the dc level at the output is 0 V, 
find the maximum allowable output signal swing. Foi / - 
0.4 mA, p F = 50, p s - 150, and V A - 120 V find G m . R ft4 , R oy 

R a 1 snd A^ • 


>6 For the BiCMOS differential amplifier in Fig. 

, j a t § rj//r 


06 let 
2 

— A r i / 


v - V - 3 V, 

1 DD SS J ' 


7 r 




I = 0.4 mA, 


k’ W/L = 

P 
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T 

_ Kss 


Figure P8.106 


Section 8.6: Multistage Amplifiers 


8.10/ Consider the circuit in Fig. 8.41 with the device 
geometries 'in pm) shown in the Table P8.107. Let / REF = 
225 pA, | K,| = 0.75 V for all devices, JijC^ = 180 pA/V\ 


fi p C ox = 60 pA/V\ \V A \ = 9 V for all devices, V 0D = = 
1.5 V. Determine the width of (/„, W, that will ensure that 
the op amp will not have a systematic offset voltage. Then, 
for all devices evaluate I D , and r o . Provide 


your results in a table similar to Table 8.1. Also find A , A ,, 
the open-loop voltage gain, the input common-mode range, 
and the output voltage range. Neglect the effect of V A on the 


bias current. 


D *8.108 The two-stage CMOS op amp in Fig. P8.108 is 
fabricated in a 0.18-pm technology having k' n - 4k'= 
400 (1A/V\ V,„ = -V, p = 0.4 V. 

(a) With A and B grounded, perform a dc design that will 
result in each of Q , Q v Q y and Q 4 conducting a drain cur¬ 
rent of 2i >0 |iA. Design so that all transistors operate at 0.2 
V-overdrive voltages. Specify the W/L ratio required for 
each MOSFET. Present your results in tabular form. What is 
the dc voltage at the output (ideally)? 

(b) rind the input common-mode range. 

(c) Find the allowable range of the output voltage. 


(s) With v A = v id /2 and v B = -v ld /2, find the voltage 
gain vjv id . Assume an Early voltage of 5 V. 


D *8.109 In a particular design of the CMOS op amp of 
Fig. 8.41 the designer wishes to investigate the effects of 
increasing the W/L ratio of both Q } and Q 2 by a factor of 4 
Assuming that all other parameters are kept unchanged 
refer to Example 8.5 to help you answer the following 
questions: 


(a) Find the resulting change in 


Vov I anci in g m of Q t and 


Qv 

(b) What change results in the voltage gain of the input 
stage? In the overall voltage gain? 

(c) What is the effect on the input offset voltages? (You 
might wish to refer to Section 8.4). 


8.110 Consider the amplifier of Fig. 8.41, whose parame¬ 
ters are specified in Example 8.5. If a manufacturing error 
results in the If i ratio of Q 7 being 50/0.8, find the current 
that Q 2 will now conduct. Thus find the systematic offset 
voltage that will appear at the output. (Use the results of 
Example 8.5.) Assuming that the open-loop gain will remain 
approximately unchanged from the value found in Example 
8.5, find the corresponding value of input offset voltage. 
V 

v os- 


8.111 Consider the input stage of the CMOS op ampin 
Fig. 8.41 with both inputs grounded. Assume that the two 
sides of the input stage are perfectly matched except that 
the threshold voltages of Q ? and Q 4 have a mismatch A I, 
Show that a current g ml AV, appears at the output ol the 
first stage. What is the corresponding input offset volt¬ 
age? 

*8.112 Figure P8.1I2 shows a bipolar op-amp circuit that 
resembles the CMOS op amp of Fig. 8.41. Here, the input 
differential pair Q-Q 2 is loaded in a current mirror formed by 
Q x and O r The second stage is formed by the current- 
source-loaded common-emitter transistor Unlike the 
CMOS circuit, here there is an output stage tormed by the 
emitter follower Q h . The function of capacitor C t will be 
explained later in Chapter 10. All transistors have ft = 100< 
I ^be\ =0.1 V, and r 0 — oo. 

(a) For inputs grounded and output held at 0 V (by negative 
feedback, not shown) find the emitter currents ot all transis 
tors. 

(b) Calculate the gain of the amplifier with R L = 10 k«- 


Table P8.107 


Transistor 


02 


<?4 

Os 

o 6 

0 7 

0, 

W/L 

30/0.5 

30/0.5 

10/0.5 

10/0.5 

60/0.5 

W/0.5 

60/0.5 

60/0.5 


Problems 683 



Figure P8.108 


k +5V 



t t -5 V 

Figure P8.112 

D 8,113 It is required to design the circuit ot Fig. 8.42 to 
provide a bias current 1 B of 225 pA with £?„ and as 
matched devices having WIL = 60/0.5. Transistors Q lc , Q u , 
and Q i2 are to be identical and must have the same g m as Q % 
and Q 9 . Transistor Q l2 is to be four times as wide as Q ir 
Let k' n = 3 *; = 180 (iA/Vand V DD = V ss = 1.5 V. Find 
the required value of R H . What is the voltage drop across 
^b? Also specify the W/L ratios of £7 10 , Q iV Q n , and Q l3 


and give the expected dc voltages at the gates of ^io' 
and 

8.114 A BJT differential amplifier, biased to have r\ = 100 Q. 
and utilizing two 100-0 emitter resistors and 5-kH loads, drives 
a second differential stage biased to have r, = 5( 1 Lf All 
BJTs have p = 100. What is the voltage gain of the first 
stage? Also find the input resistance of the first stage, and 
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the current gain from the input of the first stage to the col¬ 
lectors of the second stage. 

8.115 In the multistage amplifier of Fig. 8.43, emitter resis¬ 
tors are to be introduced—100 Q in the emitter lead of each 
of the first-stage transistors and 25 Q for eacl ot \ ie second- 
stage transistors. What is the ellect on input resistance, the 
voltage gain of the first stage, and the overall voltage gain? 
Use the bias values found in Example 8.6. 

D 8.116 Consider the circuit of Fig. 8.43 and its output resis¬ 
tance. Which resistor has the most effect on the output resis¬ 
tance? What should this resistor be changed to it the output 
resistance is to be reduced by a factor of 2? What will the 
amplifier gain become alter this change? What other change 
can you make to restore the amplifier gain to approximately 
its prior value? 

D 8.117 (a) If, in the multistage amplifier of Fig. 8.43, the 
resistor /? 5 is replaced by a constant-current source — ! mA. 
such that the bias situation is essentially unaffected, what 
does the overall voltage gain of the amplifier become? 
Assume that the output resistance of the current source in 
very high. Use the results of Example 8.7. 

(b) With the modification suggested in (a), what is the 
effect of the change on output resistance? What is the 
overall gain of the amplifier when loaded by 100 12 to 
ground? I 'he original amplifier (before modification) has 
an output resistance of 152 Q. and a voltage gain of 8513 
V/V. What is its gain when loaded by 100 12? Comment. 
Use /?= 100. 

*8.118 Figure P8.118 shows a three-stage amplifier in which 
the stages are directly coupled. The amplifier, however, utilizes 
bypass capacitors, and, as such, its frequency response falls off 
at low frequencies. For our purposes here, we shall assume (hat 
the capacitors are large enough to act as perfect short circuits at 
all signal frequencies of interest. 


+ 10V 



(a) Find the dc bias current in each of the three transistors 

Also find the dc voltage at the output. Assume 
I V BB \ = 0- 7 ^ = 100, and neglect the Early effect. 

(b) Find the input resistance and the output resistance. 

(c) Use the current-gain method to evaluate the voltage gain 

t/v 


**8.119 The MOS differential amplifier shown in Fn> 
P8.119 utilizes three current mirrors for signal transmission" 
Qa - Qfi has a transmission factor of 2 [j. e 
{ W/L) e /{ W/L 1 4 = 2 ], Q y - Q 5 has a transmission fac¬ 
tor of 1. and Q 1 - £7 g has a transmission factor of 2, All 
transistors are sized to operate at the same overdrive 


age, | f <;| |. All transistors have the same Early voltage IF 


(a) Provide in tabular form the values of / 0 , g m , and r of 
each of the eight transistors in terms of /, V ov , and V,. 

(b) Show that the differential voltage gain A (j is given by 

Ad = 2g m ,(r a6 ||r o8 ) = V A /V ov 


(c) Show that the CM gain is given by 


Mcm| “ 


06 


38 


] 


R 


SS Sml r ol 


where R ss is the output resistance of the bias current source/, 
[Hint: Replace each of £7, and Q 2 together with their 
source resistance 2R SS with a controlled current-source 
v u . m /2R ss and an output resistance. For each current mir¬ 
ror, the current transfer ratio is given by 


A, — A, (ideal) ( 1- 

v gj V 

where g m and r 0 are the parameters of the input transistor 
of the mirror.] 



Figure P8.118 


Figure P8.119 
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id) If the current-source / is implemented using a simple 
mirror and the MOS transistor is operated at the same V ov , 
show that the CMRR is given by 

CMRR = 4 (V A /V 0Y ) 2 


(e) Find the input CM range and the output linear range in 
terms of V DD , | V\ and | V ov 


Q *** 8.120 For the circuit shown in Fig. P8.120, which 
uses a folded cascode involving transistor Q y all transistors 
have 11 | = 0.7 V for the currents involved, V A = 200 V, 

and 8~ 100. The circuit is relatively conventional except for 
i ) which operates in a Class B mode (we will study this in 
Chapter 11) to provide an increased negative output swing 
for low-resistance loads. 


(a) Perform a bias calculation assuming | V BE \ - 0.7 V, high 
a y - oo, v + = v^ = 0 V, and v () is stabilized by feedback to 
about 0 V. Find R so that the reference current / REF is 


100 |iA. What are the voltages at all the labeled nodes? 
ib) Provide in tabulat form the bias currents in all transistors 
together with g m and r Q for the signal transistors (£7,, Q v £7„ 
Q v and £7 5 ) and r 0 for Q c , Q lP and Q G . 

(c) Now, using /?= 100, find the voltage gain v 0 Av+ ~ ?0, 
and in the process, verify the polarity of the input terminals. 

(d) Find the input and output resistances. 

(e) Find the input common-mode range for linear operation. 


-1-5 V 

k * 



Figure P8.120 


< I ) For no load, what is the range of available output volt¬ 
ages, assuming | V CEstlt \ = 0.3 V? 

(g) Now consider the situation with a load resistance con¬ 
nected from the output to ground. At the positive and negative 
limits of the output signal swing, find the smallest load resis¬ 
tance that can be driver if one or the other of £7, or £7, is 
allowed to cut off. 


D ***8.121 In the CMOS op amp shown in Fig. P8.121, 
all MOS devices have \ V, =1 V, /y,C, = 2 uC m = 40 fiA/V 2 , 


V A \ - 50 V, and 1 = 5 pm. Device widths are indicated on 
the diagram as multiples of W, where W = 5 pm. 


(a) Design R to provide a 10-pA reference current, 
i b ) Assuming v Q = 0 V, as established by external feedback, 
perform a bias analysis, finding all the labeled node volt¬ 
ages, V GS and ! n for all transistors. 

(c) Provide in table form V GS , g m , and r for all devices. 

(d) Calculate the voltage gain vj (v + - i/_), the input resis¬ 
tance, and the output resistance. 

(e) What is the input common-mode range ? 

(f) What is the output signal range for no load? 

(g) For what load resistance connected to ground is the out¬ 
put negative voltage limited to —1 V before (X begins to con¬ 
duct? 

(h) For a load resistance one-tenth of that found in (g), what 
is the output signal swing? 


+5 V 




Figure P8.121 
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THIS CHAPTER YOU WILL LEARN 


1. How coupling and bypass capacitors cause the gain of discrete-circuit 
amplifiers to fall off at low frequencies, and how to obtain an estimate of 
the frequency.^ at which the gain decreases by 3 dB below its value at 
midband. 

2. The internal capacitive effects present in the MOSFET and the BJT and 
how to model these effects by adding capacitances to the hybrid-;? 
model of each of the two transistor types. 

3. The high-frequency limitation on the gain of the CS and CE amplifiers and 
how the gain falloff and the upper 3-dB frequency f H are mostly determined 
by the small capacitance between the drain and gate (collector and base). 

4. Powerful methods for the analysis of the high-frequency response of 
amplifier circuits of varying complexity. 

5. How the cascode amplifier studied in Chapter 7 can be designed to ob¬ 
tain wider bandwidth than is possible with the CS and CE amplifiers. 

6. The high-frequency performance of the source and emitter followers. 

7. The high-frequency performance of differential amplifiers. 

8. Circuit configurations for obtaining wideband amplification. 


Introduction 

Except for brief comments in Sections 5.6.8 and 6.6.8, our study ot transistor amplifiers in 
Chapters 5 through 8 has assumed that their gain is constant independent of the frequency of 
the input signal. This would imply that their bandwidth is infinite, which of course is not 
true! To illustrate, we show in Fig. 9.1 a sketch ot the magnitude of the gain versus the fre¬ 
quency of the input signal of a discrete-circuit BJT or MOS amplifier. Observe that there is 
indeed a wide frequency range over which the gain remains almost constant. This is the use¬ 
ful frequency range of operation for the particular amplifier. Thus far, we have been assum¬ 
ing that our amplifiers are operating in this band, called the middle-frequency band or 
midband. The amplifier is designed so that its midband coincides with the frequency spec¬ 
trum ot the signals it is required to amplify. It this were not the case, the amplifier would 
distort the frequency spectrum of the input signal, with different components of the input 
signal being amplified by different amounts. 
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Figure 9.1 Sketch of the magnitude of the gain of a discrete-circuit BJT or MOS amplifier versus fre¬ 
quency, The graph delineates the three frequency bands relevant to frequency-response determination. 


Figure 9.1 indicates that at lower frequencies, the magnitude of the amplifier gain falls 
off. This occurs because the coupling and bypass capacitors no longer have low impedances. 
Recall that we assumed that their impedances were small enough to act as short circuits. 
Although this can be true at midband frequencies, as the frequency of the input signal is 
lowered, the reactance I !j(DC of each of these capacitors becomes significant and, as will be 
shown in Section 9.1, this results in a decrease in the overall voltage gain ot the amplifier. 
In the analysis of the low-frequency response of discrete-circuit amplifiers in Section 9.1 we 
will be particularly interested in the determination of the frequency f L , which defines the 
lower end of the midband. It is usually defined as the frequency at which the gain drops 
by 3 dB below its value in midband. Integrated-circuit amplifiers do not utilize coupling 
and bypass capacitors, and thus their midband extends down to zero frequency (dc). 

Figure 9.1 indicates also that the gain of the amplifier falls off at the high-frequency end 
This is due to internal capacitive effects in the BIT and in the MOSFET. We shall study these 


effects in Section 9.2 and model them with capacitances that we will add to the hybrid-/rmodel 
of the BJT and the MOSFET. The resulting high-frequency device models will be utilized in 
Section 9.3 in the analysis of the high-frequency response of the CS and CE amplifiers, 
discrete and integrated. We will be specifically interested in the determination of the frequency 
f H , which defines the upper end of the midband. It is defined as the frequency at which the gain 
drops by 3 dB below its midband value. Thus, the amplifier bandwidth is defined by /, 4 

(0 and f H for IC amplifiers). 

The remainder of this chapter will be concerned with the frequency response analysis of 1 
variety of amplifier configurations of varying degrees of complexity. Ot particular interest to 
us are ways to extend the amplifier bandwidth (i.e., increase f H ) either by adding specific cir- 
■ miponents, such as source and emitter degeneration resistances, or by changing the ctr 
cuit configuration altogether. 

Before embarking on the study of this chapter, the reader is urged to review Section L 
which introduces the subject ot amplifier frequency response and the extremely important 
topic of single-time-constant (STCj circuits. More details on STC circuits can be found m 
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Appendix E. As well. Appendix F provides a review ol important tools from circuit and sys¬ 
tem theory: poles, zeros, and Bode plots. 


9.1 Low-Frequency Response of the Common-Source 
and Common-Emitter Amplifiers 

9.1.1 The CS Amplifier 

Figure 9.2ia) shows a discrete-circuit, common-source amplifier utilizing coupling capaci¬ 
tors Q | and C c 2 , and bypass capacitor C s . We wish to determine the el feet of these capaci¬ 
tances on the gain F 0 /K S j g ot the amplifier. As mentioned before, at midband frequencies, 
these capacitances have negligibly small impedances and can be assumed to be perfect short 
circuits for the purpose of calculating the midband gain. At low frequencies, however, the 
reactance MjcoC ot each ot the three capacitances increases and the amplifier gain decreases, 
as we shall now show. 

Determining l/ 0 /l/ sjg To determine the low-frequency gain or transfer function of the 
common-source amplifier, we show in Fig. 9.2(b) the circuit with the dc sources eliminated 
(current source I open-circuited and voltage source V DD short-circuited). We shall perform 
the small-signal analysis directly on this circuit. However, we will ignore r o . This is done in 
order to keep the analysis simple and thus focus attention on significant issues. The effect 
of/;, on the low-frequency operation of this amplifier is minor, as can be verified by a 
SPICE simulation. t 

To determine the gain I ,/F . , we start at the signal source and work our way through the 
circuit, determining 1., / ,, / , and V o , in this order. 1 To find the fraction of F sig that appears at 
the transistor gate, T, we use the voltage divider rule at the input to write 

o 


sig | 

R G + T/F + ^sig 

s L Cl 



which can be written in the alternate form 




R G + ^sig 



S + 


C a (R G + ^sig) 


(9.1) 


Thus we see that the expression for the signal transmission from signal generator to ampli¬ 
fier input has acquired a frequency-dependent tactor. From our study ot frequency response 
in Section 1.6 (see also Appendix E), we recognize this tactor as the transter function ot an 

STC circuit of the high-pass type with a break or corner trequency (0^ — \/C c\(R G R^g)’ 
thus the effect of the coupling capacitor C n is to introduce a high-pass STC response with a 


Note that since we are now dealing with quantities that are functions of frequency, or, equivalently, the 
Laplace variable s, we are using capital letters with lowercase subscripts for our symbols. This conforms 
w iih the symbol notation introduced in Chapter 1. 
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Vdd 

k 




R 

^sig 

A/W 







Q 

am 




Figure 9.2 (a) Capacitively coupled common-source amplifier, (b) Analysis of the CS amplifier to deter¬ 
mine its low-frequency transfer function. For simplicity, r is neglected. 



break frequency that we shall denote 0) n> 

o w,,, = w n = — - 1 B — < 9 - 21 

C cl (R a + R sit ) 

Continuing with the analysis, we next determine the drain current l d by dividing by 
total impedance in the source circuit, which is [(1 / g m ) + (1 / sC s ) ] to obtain 
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which can be written in the alternate form 



(9.3) 


We observe that C s introduces a frequency-dependent factor, which is also of the STC high- 
pass type. Thus the amplif ier acquires another break frequency. 



(9.4) O 


To complete the analysis, we find V 0 by first using the current divider rule to determine 
the fraction of / that flows through R r , 



and then multiplying 7 by R L to obtain 



/<A = 


-U 


RqRl 

r d + R 


5 + 


1 


Cci(Rd + R-l) 


(9.5) 


from which we see that C c , introduces a third STC high-pass factor, giving the amplifier a 
third break frequency at 



1 


Ca 4 * Rl) 


(9.6) 


The overall low-frequency transfer function of the amplifier can be found by combining 
Eqs. (9.1), (9.3), and (9.5) and replacing the break frequencies by their symbols from Eqs. 
(9.2), (9.4), and (9.6): 


R 


G 


V. 


sig 


Rrz + R 






Slj 


s + (Op/ vs + (Op-/ \s + (Op 


(9.7) 


which can be expressed in the form 


v ( 

± = A 


V • 

Sig 


( 


f 


u 

M \S + COpy 


s 


\ 


where A v/ , the midband gain, is given by 



Vs + COp 2 ; VS + (Op/ 


( 9 . 8 ) O 
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which is the value we would have obtained, had we assumed that C cl , C C2 , and C s were acting 
as perfect short circuits. In this regard, note that at midband frequencies that is, at frequencies 
s = jco much higher than co Pl , o ) P1 , and co n Eq. (9.8) shows that V 0 /\ sjg approaches 
-A M , as should be the case. 


Determining the Lower 3-dB Frequency, f L The magnitude of the amplifier gain, 
V Q /V si I at frequency co can be obtained by substituting s = jeo in Eq. (9.8 and evaluating 
the magnitude of the transfer function. In this way, the frequency response of the amplifier 
can be plotted versus frequency, and the lower 3-dB frequency^ can be determined as the 
frequency at which |F 0 /F sig | drops to \A J/ Jl. A simpler approach, however, is possible if 
the break frequencies C0 P ], co P i, and co P 3 are sufficiently separated. In this case, we can 
employ the Bode plot rules (see Appendix F) to sketch a Bode plot for the gain magnitude. 
Such a plot is shown in Fig. 9.3. Observe that since the break frequencies are sufficiently 
separated, their effects appear distinct. At each break frequency, the slope of the asymptote 
to the gain function increases by 20 dB/decade. Readers familiar with poles and zeros will 
recognize f PV f n > and /„ as the frequencies of the three real-axis, low-frequency poles of the 
amplifier. (For a brief review of poles and zeros, refer to Appendix F. ) 




Figure 9.3 Sketch of the low-frequency magnitude response of a CS amplifier for which the three pt'lefr 
quencies are sufficiently separated for their effects to appear distinct. 
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A quick way lor estimating the 3-dB frequency f t is possible it the highest-frequency pole 
(here,/^) is separated from the nearest pole (here,^) by at least a factor of 4 (two octaves). In 
such a case, 4 is approximately equal to the highest of the pole frequencies, 

fi “ fpi 

Usually, the highest-frequency pole is the one caused by C s . This is because C s interacts 
with l/g m , which is relatively low (see Eq. 9.4). 

Determining the Pole Frequencies by Inspection Before leaving this section, we 
present a simple method for finding the time constant and hence the pole frequency associ¬ 
ated with each of the three capacitors. The procedure is simple: 

1. Reduce V sig to zero. 

2. Consider each capacitor separately; that is, assume that the other two capacitors are 
acting as perfect short circuits. 

3. For each capacitor, find the total resistance seen between its terminals. This is the 
resistance that determines the time constant associated with this capacitor. 

The reader is encouraged to apply this procedure to C cl , Q, and C C2 and thus see that 
Eqs. (9.2), (9.4), and (9.6) can be written by inspection. 

Selecting Values for tlie Coupling andl Bypass Capacitors We now address the design 
issue of selecting appropriate values for C a , C^, and C ( 2 . The design objective is to place the 
lower 3-dB frequency f, at a specified value while minimizing the capacitor values. Since as 
mentioned above C\ results in the highest of the three pole frequencies, the total capacitance 
is minimized by selecting C s so that its pole frequency f r: =f L . We then decide on the loca¬ 
tion of the other two pole frequencies, say 5 to 10 times lower than the frequency of the domi¬ 
nant pole, f pr However, the values selected for f P] and should not be too low, for that 
would require larger values for C,, and C c2 than may be necessary. The design procedure 
will be illustrated by an example. 



We wish to select appropriate values for the coupling capacitors C ci and C c2 and the bypass capaci¬ 
tor C s for a CS amplifier for which R c = 4.7 Mf2, R D - R L - 15 k£2, R si = 100 kQ, and g nj = 1 mA/V. 
It is required to have f. at 100 Hz and that the nearest break frequency be at least a decade lower. 


Solution 


We select C s so that 


Thus, 



1 

2 MC s /g m ) 




1 x 10~ 3 
2 ft y- 100 


1.6 (iF 


=f n = 10 Hz, we obtain 


_I_ 

2/rC C |(0.1 + 4.7) x 10 6 
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Example 9.1 continued 
which yields 



which results in 


C cl = 3.3 nF 

_1_ 

2flC C2 (15+ 15) x 10 3 

C c2 = 0.53 pF 



9.1 ACS amplifier has C cl = C s - C c2 - 1 JiF, R c — 10 M£2, /? sig - 100 kQ, g m 2 m A/V, R D R L 10 k£I 

F ind A fp j, fpr» fpy> and^. 

Ans. -9.9 V/V; 0.016 Hz; 318.3 Hz; 8 Hz; 318.3 Hz 


9.1.2 The CE Amplifier 

Figure 9.4 shows a common-emitter amplifier that utilizes coupling capacitors C cl and C c: 
and emitter bypass capacitor C E . As in the case ot the M< )S amplifier, the effect of these 
capacitors is felt only at low frequencies. Our objective is to determine the amplifier gain or 
transfer function VJ F slg with these three capacitances taken into account. Toward that end. 
we show in Fig. 9.4(b) the circuit with the dc sources eliminated. We shall perform the 
small-signal analysis directly on the circuit. To keep the analysis simple, we shall neglect 
the effect of r a% as we have done in the MOS case. 

The analysis of the circuit in Fig. 9.4(b) is somewhat more complicated than that for 
the CS case. This is a result of the finite /?of the BJT, which causes the input impedance at 
the base to be a function of C f . Thus the effects of C c) and C E are no longer separable 
Although one can certainly still derive an expression for the overall transfer function, the 
result will be quite complicated, making it difficult to obtain design insight. Therefore we 
shall pursue an approximate alternative approach. 

Considering the Effect of Each of the Three Capacitors Separately Our first cut at 
the analysis of the circuit in Fig. 9.4(b) is to consider the effect of the three capacitors C ci , 
C f , and C c2 one at a time. That is, when finding the effect of C cp we shall assume that C f 
and C c2 are acting as perfect short circuits, and when considering C E , we assume that t n 
and C c2 are perfect short circuits, and so on. This is obviously a major simplifying as^ump 
tion — and one that might not be justified. However, it should serve as a first cut at the ana 

ysis, enabling us to gain insight into the effect of these capacitances. 

Figure 9.5(a) shows the circuit with C E and C c2 replaced with short circuits. The voltage 
V n at the base ot the transistor can be written as 


K v Slg | 

II r n) + * sig + -pT~ 

S{ ~C I 
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(b) 

Figure 9.4 (a) A capacitively coupled common-emitter amplifier, (b) The circuit prepared for small-signal 

analysis. 


and the output voltage is obtained as 




These two equations can be combined to obtain the voltage gain V 0 / \ S [ g including the effect 

of C a as 



(7?b Ik*) 


CM r *■) "b ^sig 


Rl) 


s + 


CpI [ (Rb II ^ jt) ^sigfy 


(9.10) 
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from which we observe that the effect of C C) is to introduce the frequency-dependent f ac , 
tor between the square brackets on the right-hand side of Eq. (9,10). We recognize this 
factor as the transfer fraction of a single-time-constant (STC) circuit ot the high-pass type 
(see Section 1.6 and Appendix E) with a comer (or break or pole) frequency co P]t 



_1_ 

C cl [(/?*|| rj + ^sig] 



Note that f (R H || r T ) + R sig ! is the resistance seen between the terminals of C c} when V. g issetto 
zero. The STC high-pass factor introduced by C c , will cause the amplifier gain to roll off at low 
frequencies at the rate of 6 dB/octave (20 dB/decade) with a 3-dB frequency at fp\ - Q)p\/2n, 
as indicated in Fig, 9.5(a), Also note that we ha\ e denoted the midbund gain A jW , 



(R b Ik*) 


(R B II r x) + R 


gM\ r l) 


sig 



Next, we consider the effect ot C p For this purpose we assume that G^-j and Cq arc 
acting as perfect short circuits and thus obtain the circuit in Fig. 9.5(b). Reflecting r t and 
C into the base circuit and utilizing the Thevenin theorem enables us to obtain the base 


current as 



R 


B 


r b + r 


stg 


{ R B II R sig 1 + (/? + 1 )( r e + 


1 A 


sC 


The collector current can then be found as f$I b and the output voltage as 


K = -PhiRcW Rl) 


R 


B 


P(Rc II Rl ) 


RB + Rli *(R B \\R sie ) + (B+l)(r e + - 


V. 


sig 


sC 


Thus the voltage gain including the effect of C E can be expressed as" 



R, P(Rc\\Rl) 

Rb+R« s (R b II R 5it ) + (0+ 1 )r. 




We observe that C E introduces the STC high-pass factor on the extreme right-hand side 
Thus C E causes the gain to fall off at low frequency at the rate of 6 dB/octave with a 3-dB 
frequency equal to the comer (or pole) frequency of the high-pass STC function; that is. 



C 


f: 


r + 

r e r 




Observe that [r e + {{R B || R sig )l(fi+ 1))] is the resistance seen between the two ternunas 
of C E when K sig is set to zero. The effect of C E on the amplifier frequency response is i Us 
trated by the sketch in Fig. 9.5(b). 


■ It can be shown that the factor multiplying the high-pass transfer function in Eq. Fk 13) is e( l ua ^ 
of Eq. (9.12). 
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Figure 9.5 Analysis of the low-frequency response of the CE amplifier of Fig. 9.4: (a) the effect of C c , is 
determined with C E and C , assumed to be acting as perfect short circuits; (b) the effect of C £ is determined 
with C ci and C c2 assumed to be acting as perfect short circuits; 


Finally, we consider the effect of C cl . The circuit with C c , and C E assumed to be acting 
as perfect short circuits is shown in Fig. 9.5(c), for which we can write 
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and 
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V 


o 


V. 


Slg 


R. 



r c 

L i 

C2 

l __ 1 

i 1 

\ 

lR, 


o 1 


0 



V, 


V 


Slg 



Figure 9.5 (continued) (c) the effect of C C2 is determined with C cl and C E assumed to he acting as pertec: 
short circuits; (d) sketch of the low-frequency gain under the assumptions that C’ n , C E , and C c2 do not inter¬ 
act and that their break (or pole) frequencies are widely separated. 


These two equations can be combined to obtain the low-frequency gain including the eftei. 
of as 



R 


8 


7t 


(Rb II r x) + ^sig 


gJRc\\Ri) 


s 


s + 


1 


Cc2 (Rc + Rl) 



We observe that C c2 introduces the frequency-dependent factor between the square brae 
ets, which we recognize as the transfer function of a high-pass STC circuit with a P°^ e 
quency 



Cq2 1 Rc ^ Rl) 


(9.16) 
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Here we note that as expected, (R c + R L ) is the resistance seen between the terminals of C 
when fCg w set to zeto. Thus capacitor causes the low-frequency gain of the amplifier to 
decrease at the rate ot 6 dB/octave with a 3-dB frequency at f n = ay Pl /2n , as illustrated by 
the sketch in Fig. 9.5(c). 


Determining the Lower 3-dB Frequency, f L Now that we have determined the effects 
ot each ot C/, C/ und C c2 acting alone, the question becomes what will happen when all 
three are present at the same time. This question has two parts: First, what happens when all 
three capacitors are present but do not interact? The answer is that the amplifier low- 
frequency gain can be expressed as 



-A 


\ 


M 


■S + (Q p y \ S Hh 0) p y Vj + (Op 



(9.17) 


from which we see that it acquires three poles with frequencies/,, and/,,, ail in the low- 
frequency band. If the three frequencies are widely separated, their effects will be distinct, as 
indicated by the sketch in Fig. 9.5(d). 1 lie important point to note here is that the 3-dB frequency 
f L is determined by the highest of the three pole frequencies. This is usually the pole caused by the 
bypass capacitor C f simply because the resistance that it sees is usually quite small. Thus, even if 
one uses a large value for ^e> f P2 is usually the highest of the three pole frequencies. 

If fpofn.' anci /p 3 are close together, none of the three dominates, and to determine/, we 
have to evaluate |K 0 /K SIg | in Eq. (9.17) and calculate the frequency at which it drops to 
|A J/a/2. The work involved in doing this, however, is usually too great and is rarely justi¬ 
fied in practice, particularly because in any case, Eq. (9.17) is an approximation based on the 
assumption that the three capacitors do not interact. This leads to the second part of the 
question: What happens when all three capacitors are present and interact? We do know that 
C c , and C £ usually interact and that their combined effect is two poles at frequencies that 
will differ somewhat from co Pi and 0) P1 . Of course, one can derive the overall transfer func¬ 
tion taking this interaction into account and find more precisely the low-frequency response. 
This, however, will be too complicated to yield additional insight. As an alternative, for hand 
calculations, we can obtain a reasonably good estimate for / using the following formula 
(which we will not derive here) 3 : 



-LT-J_ + _!_ + _L_ 

27C[_C C \Rr\ CeRe CClRci - 


(9.18) 


or equivalently, 



(9.19) 


where R cv R f; , and R C1 are the resistances seen by C cl , C f , and C a , respectively, when F sig is 
set to zero and the other two capacitances are replaced with short circuits. Equations (9.18) and 
(9.19) provide insight regarding the relative contributions of the three capacitors to/. Finally, 
we note that a tar more precise determination ot the low-trequency gain and the 3-dB fre¬ 
quency/ can be obtained using SPICE. 

Selecting Values for C c1 , C f( and C Q We now address the design issue of selecting 
appropriate values for C n , C £ , and C c2 . The design objective is to place the lower 3-dB fre¬ 
quency/ at a specified location while minimizing the capacitor values. Since, as mentioned 
above, C E usually sees the lowest of the three resistances, the total capacitance is minimized 



o 

o 


The interested reader can refer to Appendix F. 
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bv selecting C, so that its contribution to f L is dominant. That is. by reference to Eq. (9 18) 
we may select C E such that I /(C c R E ) is, say, 80% of to L = lnf L , leaving each of the other 
capacitors to contribute 10% to the value of a) L . Example 9.2 should help to illustrate this 

process. 



We wish to select appropriate values for C a , C c2 , and C s for the common-emitter amplifier, which 
has R s = 100 k£), R c = 8 kfl, R L = 5 k£2. R^ = 5 k£2,/3 = 100, g m = 40 rnA/V, and /•„= 2.5 kU. It is 

required to have f L = 10* > Hz. 


Solution 

We first determine the resistances seen by the three capacitors C cl , C E , and C c2 as follows: 




2.5)+ 5 


7.44 k£2 




0.025 + 


100 5 


101 


= 0.072 k£2 = 72 a 


R C1 = R c + R l = 8 + 5 = 13 kQ 


Now, selecting C f so that it contributes 80% of the value of CO L gives 

—-—- = 0.8 x 2k x 100 
C E x 72 

C E = 27.6 pF 


Next, if C a is to contribute 10% of/, 


-- = 0.1 x 2 n x 100 

C c , x 7.44 x 10' 

C ci = 2.1 pF 

Similarly, if C/, is to contribute 10% of/, its value should be selected as follows: 


-r - 0.1 x2^x 100 

C c2 x 13 x 10 

C c2 = 1.2 pF 

In practice, we would select the nearest standard values for the three capacitors while ensuring 
k <100 Hz. 
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9.2 A common-emitter amplifier has C ci = C E = C c? =\ pF, R a = 100 kQ, = 5 kQ, g m = 40 mA/V, 

r ft ~ R c~ ^ kQ, ar| d = $ kQ. Assuming that the three capacitors do not interact, find f pr 

and f n , and hence estimate/. * 

Ans. -1.4 Hz, -.21 kHz, 12.2 Hz, since ^ > f Pi and f n ,f L — = 2.21 kHz; using Eq. (9,19), a some¬ 

what better estimate for/ is obtained: 2.24 kHz 


9.2 Internal Capacitive Effects and the 
High-Frequency Model of the MOSFET and the BJT 

While coupling and bypass capacitors cause the gain of transistor amplifiers to fall off at the low- 
frequency end, the gain falloff at high frequencies is caused by the capacitive effects internal to 
the transistors. In this section we shall briefly consider these effects and, more importantly, show 
how the device small-signal model can be augmented to take these effects into account. 


9.2.1 The MOSFET 


From our study of the physical operation of the MOSFET in Section 5.1, we know that the 
device has internal capacitances. In fact, we used one of these, the gate-to-channel capacitance, 
in our derivation of the MOSI FT i-v characteristics. We did, however, implicitly assume that 
the steady-state charges on these capacitances are acquired instantaneously. In other words, we 
did not account for the finite time required to charge and discharge the various internal capac¬ 
itances. As a result, the device models we derived, such as the small-signal model, do not 
include any capacitances. The use of these models would predict constant amplifier gains 
independent ol frequency. We know, however, that this (unfortunately) does not happen; in 
fact, the gain of every MOSFET amplifier falls off at some high frequency. Similarly, the 
MOSFET digital logic inverter (Chapter 13) exhibits a finite nonzero propagation delay. To 
be able to predict these results, the MOSFE I model must be augmented by including inter¬ 
nal capacitances. This is the subject of this section. 

To visualize the physical origin of the various internal capacitances, the reader is 
referred to Fig. 5.1. There are basically two types of internal capacitance in the MOSFET. 


1. The gate capacitive effect: The gate electrode (polysilicon) forms a parallel-plate 
capacitor with the channel, with the oxide layer serving as the capacitor dielectric. 
We discussed the gate ior oxide) capacitance in Section 5.1 and denoted its value 

per unit area as C (M . 

2. The source-body and drain-body depletion-layer capacitances: These are the capac¬ 
itances of the reverse-biased pn junctions formed by the n + source region (also 
called the source diffusion) and the p- type substrate and by the n drain region (the 
drain diffusion i and the substrate. Evaluation ot these capacitances will utilize the 

material studied in Chapter 3. 


Model between its four terminals, G, D, S, and B. There 
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o 

o 



C jf C j, C ' , C ffc , and Q,, where the subscripts indicate the location of the capacitances in 
the model. In the following, we show how the values of the five model capacitances can 
be determined. We will do so by considering each of the two capacitive effects separately. 


The Gate Capacitive Effect 

The gate capacitive effect can be modeled by the three capacitances C gs , C gd , and C,. The 
values of these capacitances can be determined as follows: 


1. When the MOSFET is operating in the triode region at small v DS , the channel will be 
of uniform depth. The gate-channel capacitance will be WL C ox and can be modeled 
by dividing it equally between the source and drain ends; thus, 

Cgj = C gd = \WLC m (triode region) (9.20) 

This is obviously an approximation (as all modeling is), but it works well for triode- 
region operation even when v DS is not small. 

2. When the MOSFET operates in saturation, the channel has a tapered shape and is 
pinched off at or near the drain end. It can be shown that the gate-to-channel capac- 
itance in this case is approximately \ WL C ox and can be modeled by assigning this 
entire amount to C gJ , and a zero amount to C gd (because the channel is pinched off at 
the drain); thus, 



(saturation region) 


(9.21) 

( 9 . 22 ) 


3. When the MOSFET is cut off, the channel disappears, and thus C = C d = 0. How¬ 
ever, we can (after some rather complex reasoning) model the gate capacitive effect 
by assigning a capacitance WL C ox to the gate-body model capacitance; thus. 



(cutoff i 



4. There is an additional small capacitive component that should be added to C p and 
C gd in all the preceding formulas. This is the capacitance that results from the tact 
that the source and drain diffusions extend slightly under the gate oxide ' tier to 
Fig. 5.1), If the overlap length is denoted L mit we see that the ov erlap capacitance 
component is 




Typically, L = 0.05 to 0.1 L. 


The Junction Capacitances The depletion-layer capacitances of the two reverse-biased 
pn junctions forme* 1 between each of the source and the drain diffusions and the body can be 
determined using the formula developed in Section 3.6 {Eq. 3.47). Thus, for the source diffu¬ 
sion, we have the source-body capacitance, C, . 



o 


( 9 . 26 ) 
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where C M is the value ot C „ at zero body-source bias, K S6 is the magnitude of the reverse- 
bias voltage, and V„ is the junction built-in voltage (0.6 V to 0.8 V). Similarly, for the drain 
diffusion, we have the drain-body capacitance C db , 

(9.27) O 


where C db0 is the capacitance value at zero reverse-bias voltage, and V DB is the magnitude of 
this reverse-bias voltage. Note that we have assumed that for both junctions, the grading 
coefficient m - i. 

It should he noted also that each of these junction capacitances includes a component 
arising from the bottom side of the diffusion and a component arising from the side walls of 
the diffusion. In this regard, observe that each diffusion has three side walls that are in con¬ 
tact with the substrate and thus contribute to the junction capacitance (the fourth wall is in 
contact with the channel). In more advanced MOSFET modeling, the two components of 
each of the junction capacitances are calculated separately. 

The formulas for the junction capacitances in Eqs. (9.26) and (9.27) assume small-signal 
operation. These formulas, however, can be modified to obtain approximate average values for 
the capacitances when the transistor is operating under large-signal conditions such as in logic 
circuits. Finally, typical values for the various capacitances exhibited by an / 7 -channel MOSFET 
in a 0.5-pm CMOS process are given in the following exercise. 



9.3 For an /7-channel MOSFET with t ox = 10 nm, L = 1.0 pm, W= 10 pm, L m = 0.05 pm, C sMj = C Jh0 = 
10 fF, V 0 - 0.6 V, V SB = 1 V, and V DS - 2 V, calculate the following capacitances when the tran¬ 
sistor is operating in saturation: C ox , C m , C gs , C gd , C sb , and C db . 

Ans. 3.45 fF/pnf; 1.72 fF; 24.7 fF; 1.72 fF;6.1 fF;4.1 fF 


The High-Frequency MOSFET Model Figure 9.6(a) shows the small-signal model of 
the MOSFET, including the four capacitances C , C grf , C ,,, and C db . This model can be used 
to predict the high-frequency response of MOSFET amplifiers. It is, however, quite com¬ 
plex for manual analysis, and its use is limited to computer simulation using, for example, 
SPICE. Fortunately, when the source is connected to the body, the model simplifies consid¬ 
erably, as shown in Fig. 9.6(b). In this model, C gd , although small, plays a significant role in 
determining the high-frequency response of amplifiers and thus must be kept in the model. 

(apacitance (' Jt> , on the other hand, can usually be neglected, resulting in significant simpli¬ 
fication ot manual analysis. The resulting circuit is shown in Fig. 9.6(c). 

The MOSFET Unity-Gain Frequency if T ) A figure of merit for the high-frequency opera- 
l| on ot the MOSFET as an amplifier is the unity-gain frequency. J p also known as the transi¬ 
tion Irequency, which gives rise to the subscript T. This is defined as the frequency at which 
short-circuit current-gain of the common-source configuration becomes unity \ Figure 9.7 
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Figure 9.6 (a) High-frequency, equivalent-circuit model for the MOSFET. (b) The equivalent ^ ^ 
case in which the source is connected to the substrate ' body), (c) The equivalent-circuit mo e ° 
neglected (to simplify analysis). 


shows the MOSFET hybrid-;r model with the source as the common terminal a 

input and output ports. To determine the short-circuit current gain, the input is e: ^ 
current-source signal / and the output terminals are short-circuited. It can be seen 

current in the short circuit is given by 

/ — a F _ cP 1/ 

J o 5 m r gs J ^gd r gs 


9.2 internal Capacitive Effects and the High-Frequency Model of the 


MOSFET and the BJT 705 



Figure 9.7 Determining the short-circuit current gain l 0 /L . 


Recalling that C gd is small, at the frequencies of interest the second term in this equation can 
be neglected, i < 

^ o Sm V gs (9.28) 

From Fig. 9.7, we can express V gs in terms of the input current /. as 

Vgs = I/s{C gs + C gd ) (9.29) 


Equations (9.28) and (9.29 1 can be combined to obtain the short-circuit current gain. 

[a _ _ Sm _ 

h s(C gs + C gd ) 


(9.30) 


For physical frequencies s = jco % it can be seen that the magnitude of the current gain 
becomes unity at the frequency 


Oh = g„/(C ?J + C^) 
Thus the unity-gain frequency f T = co t I2x is 



(9.31) 


Since f T is proportional to g ii; and inversely proportional to the MOSFI internal capaci¬ 
tances, the higher the value of f T , the more effective the MOSFET becomes as an amplifier. 
Substituting for g lt using Eq. (5.56), we can express f T in terms of the bias current I D (see 
Problem 9.18). Alternatively, we can substitute forg, from Eq. (5.55) to express f T in tenns 
of the overdrive voltage r oi (see Problem 9.19). Both expressions yield additional insight 
into the high-frequency operation of the MOSFET. The reader is also referred to Chapter 7, 
Appendix 7.A for a further discussion of f T . 

Typically, granges from about 100 MHz for the older technologies (e.g., a 5-Jim CMOS 
process) to many GHz for newer high-speed technologies (e.g., a 0.13-jum CMOS process). 




9.4 < Calculate f T for the n-channel MOSFET whose capacitances were found in Exercise 9.3. Assume op¬ 
eration at 100 pA, and that k' = 160 pA/V\ 

Ans. 3.7 GHz. 
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Summary . T , , 

We conclude this section by presenting a summary in Tab 




Table 9.1 The MOSFET High-Frequency Model 



M ode l 




6 6 

S B 


Model Parameters 




Smb = X = 0-' 

= \V A \/1 D 



\WLC 0S + WL 


01 * 



Cgd ^ ^ov *-ox 





2x(c gs + c gd ) 


9.2.2 The BJT 

In our study of the physical operation of the BJT in Section 6.1, we assumed tran ^^ 
action to be instantaneous, and as a result the transistor models we developed do not inc ^ 
any elements (i.e., capacitors or inductors) that would cause time or frequency e P e ^ 
Actual transistors, however, exhibit charge-storage phenomena that limn iIk l ' 
quency of their operation. We have already encountered such effects in our st ■ ^ 0 ]. 

junction in Chapter 3, and learned that they can be modeled using capacitances, n ^ ^ 
lowing we study the charge-storage effects that take place in the BJT and take model 
account by adding capacitances to the hybrid-;r model. The resulting augmented _ ^ 
will be able to predict the observed dependence of amplifier gain on frequency, an 
delays that transistor switches and logic gates exhibit. 


9,2 Internal Capacitive Effects and the High-Frequency Model of the MOSFET and the BJT 707 


The Base-Charging or Diffusion Capacitance C de When the transistor is operating 
in the active mode, minority carrier charge is stored in the base region. For an npn tran¬ 
sistor, the stored electron charge m the base, Q n , can be expressed in terms of the collec¬ 
tor current * c as 



(9.32) 


where r^.is a device constant with the dimension *»t time. It is known as the forward base- 
transit time and represents the average time a charge carrier (electron) spends in crossing 
the base. Typically, is in the range of 10 ps to 100 ps. 

Equation (9.32) applies for large signals and, since i c is exponentially related to v BE , 
Q„ will similarly depend on v BE . Thus this charge-storage mechanism represents a nonlinear 
capacitive effect. However, for small signals we can define the small-signal diffusion 
capacitance C de , 


resulting in 



(9.33) 


(9.34) 



Thus, whenever v Bt changes by v he , the collector current changes by g m and the charge 

stored in the base changes by C de v be = ( r F g m ) v be . 


The Base-Emitter Junction Capacitance C je A change in v BE not only changes the 
charge stored in the base region but also the charge stored in the base-emitter depletion 
layer. This distinct charge-storage effect is represented by the EBJ depletion-layer capaci¬ 
tance, C /e . From the development in hapter 3, we know that for a forward-biased junction, 
which the EBJ is, the depletion-layer capacitance is given approximately by 

Cj. = 2C Je0 (9.35) O 

where C je0 is the value of C je at zero EBJ voltage. 


The Collector-Base Junction Capacitance C In active-mode operation, the CBJ is 

reverse biased, and its tunction or depletion capacitance, usually denoted C a , can be found 
from 



(9.36) 


where C |(0 is the value of C u at zero voltage; V CB is the magnitude of the CBJ reverse-bias 
voltage, V Qc is the CBJ built-in voltage (typically, 0.75 V), and m is its grading coefficient 

(typically, 0.2-0.5). 



The High-Frequency Hybrid-/r Model Figure 9.8 shows the hybrid- k model of the BJT, 
including capacitive effects. Specifically, there are two capacitances: the emitter-base 
capacitance C n = C de + C je and the collector—base capacitance Topically, C n is in the 
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Figure 9.6 (a) High-frequency, equivalent-circuit model for the MOSFET. (b) The equivalent circuit or 
case in which the source is connected to the substrate (body), (c) The equivalent-circuit model of ( ) WI 
neglected (to simplify analysis). 


shows the MOSFET hybrid-# model with the source as the common terminal between 1 ^ 
input and output ports. To determine the short-circuit current gain, the input is fed wi 
current-source signal / ( and the output terminals are short-circuited. It can be seen tu 
current in the short circuit is given by 


/. = V 

o om ga 


sC 




V 


9.2 Internal Capacitive Effects and the High-Frequency Model of the 


MOSFET and the BJT 705 



Figure 9.7 Determining the short-circuit current gain /.//, • 


Recalling that C gd is small, at the frequencies of interest the second term in this equation can 
be neglected, 

h - g m V gs (9.28) 

From Fig. 9.7, we can express V gs in terms of the input current /. as 

Vgs = I/s{C gs + C gd ) (9.29) 


Equations (9.28) and (9.29) can be combined to obtain the short-circuit current gain. 


li s (C gJ + C gd ) 


(9.30) 


For physical frequencies 5 = jeo, it can be seen that the magnitude of the current gain 

C- 'C5 

becomes unity at the frequency 


(Or = £„,/( C gs + C gd ) 

Thus the unity-gain frequency f T = &) r /2#is 




2 M C gs + C gd ) 


(9.31) 


Since f T is proportional to g r; and inversely proportional to the MOSFE'l internal capaci¬ 
tances, the higher the value of f T , the more effective the MOSFET becomes as an amplifier. 
Substituting for g m using Eq. (5.56), we can express f T in terms of the bias current l D (see 
Problem 9 . 18 ). Alternatively, we can substitute forg,,, from Eq. (5.55) to express f T in terms 
of the overdrive voltage V ov (see Problem 9 . 19 ). Both expressions yield additional insight 
into the high-frequency operation of the MOSFET. The reader is also referred to Chapter 7. 
Appendix 7. A for a further discussion of f T . 

Typical! y, f T ranges from about 100 MHz for the older technologies (e.g., a 5-pm MOS 
process) to many GHz for newer high-speed technologies (e.g., a d. 13-jJim CN h >S process). 



EXERCISE 


9-4 Calculate f r for the ^-channel MOSFET whose capacitances were found in Exercise 9.3. Assume op¬ 
eration at 100 pA, and that k' = 160pA/V\ 

Ans. 3.7 GHz. 
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Summary 

We 


conclude this section by presenting a summary in Table 9.1. 


Table 9.1 The MOSFET High-Frequency Model 


9.2.2 The BJT 

In our study of the physical operation of the BJT in Section 6.1, we assumed transit 
action to be instantaneous, and as a result the transistor models we developed do not ine 
any elements (i.e„ capacitors or inductors) that would cause time or frequency dt.pen ^ ^ 
Actual transistors, however, exhibit charge-storage phenomena that limit the speed an ^' 
quency of their operation. We have already encountered such effects in our study 0 ^ ^ 
junction in Chapter 3, and learned that they can be modeled using capacitances, n t ® : 
lowing we study the charge-storage effects that take place in the BJT and take 
account by adding capacitances to the hybrid-#model. The resulting augmented ^ ^ 
will be able to predict the observed dependence of amplifier gain on frequency, an 
delays that transistor switches and logic gates exhibit. 



9.2 Internal Capacitive Effects and the High-Frequency Model of the MOSFET and the BJT 707 


The Base-Charging or Diffusion Capacitance C ds When the transistor is operating 
in the active mode, minority carrier charge is stored in the base region. For an npn tran¬ 
sistor, the stored electron charge in t ic base, Q n , can be expressed in terms of the collec¬ 
tor current / c as 



(9.32) 


where a device constant with the dimensicn t cue. It is known as the forward base- 
transit time and represents the average time a charge carrier (electron) spends in crossing 
the base. Typically, t F is in the range of 10 ps to 100 ps. 

Equation (9.32) applies for large signals and, since i c is exponentially related to v M , 
Q n will similarly depend on v BE . Thus this charge-storage mechanism represents a nonlinear 
capacitive effect. However, for small signals we can define the small-signal diffusion 
capacitance C de , 



(9.33) 


resulting in 



(9.34) 



Thus, whenever v BE changes by v be , the collector current changes by g m v h) and the charge 

stored in the base changes by C de v he = ( v F g m ) v he . 


The Base-Emitter Junction Capacitance C je A change in v BE not only changes the 
charge stored in the base region but also the charge stored in the base-emitter depletion 
layer. This distinct charge-storage effect is represented by the EBJ depletion-layer capaci¬ 
tance, C Je . From the development in Chapter 3, we know that for a forward-biased junction, 
which the EBJ is, the depletion-layer capacitance is given approximately by 

C je = 2 C je0 (9.35) O 

where C ye0 is the value of C je at zero EBJ voltage. 


The Collector-Base Junction Capacitance C In active-mode operation, the CBJ is 

■Jr 

reverse biased, and its junction or depletion capacitance, usually denoted C^ can be found 

from 



(9.36) 


where ( y0 is the value of C at zero voltage; V CB is the magnitude of the CBJ reverse-bias 
voltage, V is the CBJ built-in voltage (typically, 0.75 V), and m is its grading coefficient 
(typically, 0.2-0.5), 



The High-Frequency Hybrid-# Model Figure 9.8 shows the hybi id-#model ot the BJT, 
including capacitive effects. Specifically, there are two capacitances: the emitter-base 
capacitance C n ~ C de + C,. and the collector-base capacitance C„. Typically, C r is in the 
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Figure 9.8 The high-frequency hybrid-*- model. 


range of a few picofarads to a few tens of picofarads, and is in the range of a fraction of a 
picofarad to a few picofarads. 4 Note that we have also added a resistor r x to model the resis¬ 
tance of the silicon material of the base region between the base terminal B and a fictitious 
internal, or intrinsic, base terminal B' that is right under the emitter region (refer to Fig. 
6.6 ). Typically, r x is a few tens of ohms, and its value depends on the current level in a rather 
complicated manner. Since (usually) r x < r xi its effect is negligible at low frequencies. Its 
presence is felt, however, at high frequencies, as will become apparent later. 

The values of the hybrid-#, equivalent-circuit parameters can be determined at a given 
bias point using the formulas presented in this section and in Chapter 6. They can also be 
found from the terminal measurements specified on the BJT data sheets. For computer sim¬ 
ulation, SPICE uses the parameters of the given IC technology to evaluate the BJT model 

parameters (see Appendix B). 


The Cutoff Frequency The transistor data sheets do not usually specify the value ot C r 
Rather, the behavior of p{or h fe ) versus frequency is normally given. In order to determine 
C„ and C M , we shall derive an expression for the E short-circuit current gain, as a func¬ 
tion of frequency in terms of the hybrid-# components. For this purpose consider die 
shown in Fig. 9.9, in which the collector is shorted to the emitter. A ode equation at C pro¬ 
vides the short-circuit collector current l c as 

h = C g m -sC M )V „ < 9J7) 

A relationship between V n and I h can be established by multiplying I h by the impedance seen 
between B' and E: 




h 

1 Irt + sCf+sCp 



I bus h k can be obtained by combining Eqs. (9.37) and (9.38): 

h = — = g™ ~ s ^fi 

* e h l/r Jr + s(C jr + Cp) 


4 These values apply for discrete devices and devices fabricated with a relatively old IC .process ^ 
nology (the so-called high-voltage process, see Appendix 7.A). For modem 1C fabrication p r0 
C n and C fl are in the range of tens of femtofarads (f F). 
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Figure 9.9 Circuit for deriving an expression for h fe (s) = I c /l b . 

At the frequencies for which this model is valid, coC^ < g m ; thus we can neglect the sC term 
in the numerator and write 


Thus, 


h fe = 


Sm* n 


1 +s(C K + C u )r K 



_ Po _ 

1 +5' C T + 


(9.39) 


where fa is the low-frequency value of p. Thus h fe has a single-pole (or STC) response with 
a 3-dB frequency at (O— co tJ , where 



1 

{C x + C M )r x 


(9.40) 


Figure 9.10 shows a Bode plot for \h ft \. From the -6-dB/octave slope, it follows that the fre¬ 
quency at which \h fL \ drops to unity, which is called the unity-gain bandwidth njy is given by 



T hus, 


G)j — Pq G) p 


(9.41) 



(9.42) 


| (dB) 
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Figure 9.11 Variation of f T with J c . 




fr = 


m 


2 x(C„+ C„) 



This expression is very similar to that of f T for the MOSFET (Eq. 9.3 I) with C w replacing 
C gs and C u replacing C gd . 

The unity-gain bandwidth f T . also known as the transition frequency, which gives rise to 
the subscript T, is usually specified on the data sheets of a transistor. In some cases/ r is given 
as a function of I c and V CE . To see how /^.changes with / r , recall that g m is directly proportional 
to I 0 but only part of C K (the diffusion capacitance C de ) is directly proportional to I c It follows 
that f T decreases at low currents, as shown in Fig. 9.11. However, the decrease in/ r at high cur¬ 
rents, also shown in Fig. 9.11, cannot be explained by this argument; rather, it is due to the 
same phenomenon that causes to decrease at high currents 1 Section 6.9,2). In the region 
where f T is almost constant, C 7 is dominated by the diffusion part. 

Typically, f T is in the range of 100 MHz to tens of gigahertz. The value of/ r canbe 
used in Eq. (9.43) to determine C n + The capacitance C p is usually determined sepa¬ 
rately by measuring the capacitance between base and collector at the desired iv\ 
voltage V CB . Q „ 

Before leaving this section, we should mention that the hybrid-# model or rig. ?• 
characterizes transistor operation fairly accurately up to a frequency ol about 0.2 j r 1 
higher frequencies one has to add other parasitic elements to the model as well as refine 
the model to account for the fact that the transistor is in fact a distributed-parameter net 
work that we are trying to model with a lumped-component circuit. One such refinement 
consists of splitting r x into a number of parts and replacing C p by a number ot capacitor - 
each connected between the collector and one of the taps of This topic is beyond t e 
scope of this book. 

An important observation to make from the high-frequency model of Fig- 9.8 is 
frequencies above 5 to I' one may ignore the resistance r n . It can be seen thent at , 
becomes the only resistive part of the input impedance at high frequencies. Thus r x pw) s an 
important role in determining the frequency response of transistor circuits at high 
cies. It follows that an accurate determination of r x can be made only from a high-treque 
measurement. 
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9.5 Find 6 de , Cj et C C and/j. tor a BJT operating at a dc collector current 7 ( = I mA and a C BJ reverse 
bias of 2 V. The device has r F = 20 ps, C Je0 = 20 fF, C„ 0 = 20 fF, = 0.9 V, K* = 0.5 V, and m CfU = 0.33. 
Ans. 0.8 pF; 40 fT; 0.84 pF; 12 fF; 7.47 GHz 

9.6 For a BJT operated at I c = 1 mA, determine f T and C n if C u = 2 pF and \h J = 10 at 50 MHz. 

Ans. 500 MHz; 10.7pF 

9.7 It C n ot the BJT in Exercise 9.6 includes a relatively constant depletion-layer capacitance of 2 pi 
find f T of the BJT when operated at l ( - 0.1 mA. 

Ans. 130.7 MHz 




Summary 

For convenient reference. Table 9.2 provides a summary of the relationships used to deter¬ 
mine the values of the parameters of the BJT high-frequency model. 


Table 9.2 The BJT High-Frequency Model 


B o- 


B' 


+ 


V z r 

* 7 T ' IT 


O 



p V 

om 7T 


8m ~ I T 


r o = 


Va\ /A 


r n = A /Sm 




g 




m 


2^7 


C x — C de + C je C de - t F g m 


C fi ~ C jcO 1 + ■ v 



CB 


Oc 


, m — 0 . 3 - 0.5 


■o C 


o 



Cj e 2 Cj e Q 


9.3 High-Frequency Response 
of the CS and CE Amplifiers 

Equipped with equivalent-circuit models that represent the high-frequency operation of the 
MOSFET and the BJT, we now address the question of the high-frequency performance of the 
CS and CE amplifiers. Our objective is to identify the mechanism that limits the high-ftequenc\ 
performance of these important amplifier configurations. As well, we need to find a simple 
approach to estimate the frequency f H at which the gain tails by 3 dB below its value at midband 

frequencies, \A^\ . 
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Figure 9.12 Frequency response of a direct-coupled (dc) amplifier. Observe that the gain does not fall off 
at low frequencies, and the midband gain A M extends down to zero frequency. 


The analysis presented here applies equally well to discrete-circuit, capacitively coupled 
amplifiers and to IC amplifiers. The frequency response of the first was shown in Figs. 5.61 
and 6.69 and that of the latter is shown in Fig. 9.12. At the frequencies of interest to us here 
(the high-frequency band), all coupling and bypass capacitors behave as perfect short cir¬ 
cuits and amplifiers of both types have identical high-frequency equivalent circuits. 



9.3.1 The Common-Source Amplifier 


Figure 9.13(a) shows the high-frequency, equivalent-circuit model ot a CS amplifier. It is 
obtained by replacing the MOSFET in an amplifier circuit such as that in Fig. 9.2 by its high- 
frequency, equivalent-circuit model oi Fig. 9.6(c), while as always eliminating dc sources. 
Observe that the circuit in Fig. 9.13(a) is general; for instance, it includes a resistance R c , which 
arises only in the case of a discrete-circuit amplifier. Also, R D can be either a passive resistance 
or the output resistance of a current-source load, and similarly for R L . 

The equivalent circuit of Fig. 9.13(a) can be simplified by utilizing Thevenin theorem at 
the input side and by combining the three parallel resistances at the output side. The result 
ing simplified circuit is shown in Fig. 9.13( b). The midband gain A M can be found from 'his 
circuit by setting C gs and C d to zero. The result is 



R 


R c + *, ig 


(g„R [) 



The equivalent circuit in Fig. 9.13(b) can be further simplified if we can tind a way^ ea 
with the bridging capacitor C gd that connects the output node to the input side. Toward that 

end, consider first the output node. It can be seen that the load current is (g m V g , ~ V’ w " ere 
(g m Vgi) is the output current of the transistor and V s the current supplied through the 
small capacitance C gd . At frequencies in the vicinity of f H , which defines the edge ot the mi 
band, it is reasonable to assume that I gd is still much smaller than (g m V gs ), with the result t 
V o can be given approximately by 



-(gm V gs) R i= -g m R l'y gS 


(9.45) 
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Figure 9.13 Determining the high-frequency response of the CS amplifier: (a) equivalent circuit; (b) the 
circuit of (a) simplified at the input and the output; (Continued) 


where 



Since f = Eq. (9.45) indicates that the gain from gate to drain is -g m R L , the same value 
as in the midband. The current I gd can now be found as 



= sCJV g! -(-g„RlV gs )] 

= sC g A l + 

Now, the left-hand side of the circuit in Fig. 9.13(b), at XX, knows of the existence of C gll 
only through the current / . Therefore, we can replace by an equivalent capacitance C w 
between the gate and ground as long as C draws a current equal to l gd . That is, 

sC eq V g , = sC s a( I + g«K)Vg, 
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Figure 9,13 (Continued) (c) the equivalent circuit with C gd replaced at the input side with the equivalent 
capacitance C^; (d) the frequency response plot, which is that of a low-pass, single-time-constant circuit. 




which results in 




o 


(9.46) 




= C e ,(l+g m R' L ) 

Thus C gd gives rise to a much larger capacitance (7 , which appears at the amplil'^ r ,n P ul 
The multiplication effect that C gd undergoes comes about because it is connected ^ etvveer 
circuit nodes g and d , whose voltages are related by a large negative gain J' 

effect is known as the Miller effect, and (1 + g m R[) is known as the Miller multiplier 

will study Miller’s theorem more formally in Section 9.4. 

Using C eq enables us to simplify the equivalent circuit at the input side to thatshow ^ 
Fig. 9.13(c). We recognize the circuit of Fig, 9.13(c) as a single-time-constant (STC) circ 
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of the low-pass type (Section 1.6 and Appendix E). Reference to Table 1.2 enables us to 
express the output voltage V gs of the STC circuit in the form 


V = 


R 


R c + R slg 




\ 


Slg 


1 


y 


(9.47) 


I + 


co, 


0 


where G) 0 is the corner frequency, the break frequency, or the pole frequency of the STC 

circuit, 


co () — 1 / C m R si 


Slg 


(9.48) 


with 


Cin Cgs *F Ceq — C gs + C gct (\ + g m Ri ) 


(9.49) O 


and 


RL = R,„ II R g 


Slg Slg 


(9.50) 


Combining Fqs. (9.45) and (9.47) results in the following expression for the high-frequency 
gain of the CS amplifier, 


V 


o 


R 


V. 


Slg 


R c + R Sil 


( 


1 


(9.51) O 


1 + 


co, 


o 


whicti can be expressed in the form 


V. 


A 


M 


v 

r Slg 


(9.52) 


1 + 


CO 


H 


where the midband gain A w is given by Eq. (9.44) and co H is the upper 3-dB frequency. 


COfj — CO,\ — 


I 


0 


C R' 

L in A sig 


(9.53) 


and 


f H = 


O) 


H 


1 


2 K 2xC iB R' ig 


(9.54) O 


We thus see that the high-frequency response will be that of a low-pass STC network with a 
3-dB frequency f H determined by the time constant C in /? S j g . Figure 9.13(d) shows a sketch 

ot the magnitude of the high-frequency gain. 

Before leaving this section we wish to make a number of observations: 

1, The upper 3-dB frequency is determined by the interaction of R$ j g — /? slg || Rg an d 
C m = C KX + C yJ ( 1 + g m R' L ) . Since the bias resistance R G is usually very large, it 

can be neglected, resulting in R'[ B — R SIV the resistance ot the signal source. It fol¬ 
lows that a large value of R Sfg will cause j H to be lowered. 

2, The total input capacitance C in is usually dominated by C^, which in turn is made large 
by the multiplication effect that C gd undergoes. Thus, although C gd is usually a very 
small capacitance, its effect on the amplifier frequency response can be very significant 
as a result of its multiplication by the factor (1 + g m R[ ), which is approximately equal 
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to the midband gain of the amplifier. This is the Miller effect, which causes the c$ 
amplifier to have a large total input capacitance C jn and hence a low/„. 

3. To extend the high-frequency response of a MOSFET amplifier, we have to f ln( j 
configurations in which the Miller effect is absent or at least reduced. We shall 
return to this subject at great length in Section 9.6 and beyond. 

4. The above analysis, resulting in an STC or a single-pole response, is approximate, 
Specifically, it is based on neglecting /^relative to g m l an assumption that applies 
well at frequencies not too much higher than J H . An exact analysis of 'he circuit in 
Fig. 9.13(a) will be carried out in Section 9.5. The results above, however, are more 
than sufficient for a quick estimate of/ w . As well, the approximate approach helps to 
reveal the primary limitation on the high-frequency response: the Miller effect. 


Example 9.3 


Find the midband gain A M and the upper 3-dB frequency f H of a CS amplifier fed with a signal source 
having an internal resistance - 100 kQ. The amplifier has R G = 4.7 MQ, R D = R L = 15 kQ, 
gm = 1 mA/V, r a = 150 kQ, C gs = 1 pF, and C gd = 0.4 pF. 


Solution 


where 


R 


M *G + * si g 


Zm R L 


r;= r (t || R d || R l = 150(1 15 || 15 - 7.14 kQ 
gm R[= l x 7.14 = 7.14 V/V 


Thus, 


- 4.7 

‘ M ~ 4.7 + 0.1 


x 7.14 =-7 V/V 


The equivalent capacitance, C\ r is found as 


= (1 +g n ,R' L )C 


m lx U ^ gel 

= (1 + 7.14) x 0.4 = 3.26 pF 


The total input capacitance C m can be now obtained as 


C jn = C gs + C eq = 1 +3.26 = 4.26 pF 


The upper 3-dB frequency f H is found from 


hi ~ 


2/rCj n (/? S jg || R g ) 


1 


2k x 4.26 x 10 l2 (0.1 4.7 )x 10* 


= 382 kHz 
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9.8 1 or the C S amplifier specified in Example 9.3, find the values ofzl Af and that result when the signal- 
source resistance is reduced to 10 kQ. 

Ans.-7.I2 V/V; 3.7 MHz 

9.9 I f it is possible to replace the MOSFET used in the amplifier in Example 9.3 with another having the 
same (' gs but a smaller C gd , what is the maximum value that its C gd can be in order to obtain an f H of 

at least 1 MHz? 

Ans. 0.08 pF 


9.3.2 The Common-Emitter Amplifier 


Figure 9.14(a) shows the high-frequency equivalent circuit of a CE amplifier. It is obtained 
by replacing the BJT in a circuit such as that in Fig. 9.4(a) with its high-frequency, equivalent- 
circuit model of Fig. 9.8, and, as usual, eliminating all dc sources. Observe that the circuit in 
Fig. 9.14(a) is general and applies to both discrete and IC amplifiers. Thus, it includes R B , 
which is usually present in discrete circuits. Also R c can be either a passive resistance or the 
output resistance of a current-source load, and similarly for R L . 

The equivalent circuit of ' ig. 9.14(a) can be simplified by utilizing Th^venin theorem at 
the input side and by combining the three parallel resistances at the output side. Specifically, 
the reader should be able to show that applying Thdvenin theorem twice simplifies the resis¬ 
tive network at the input side to a signal generator and a resistance R' g , with the val¬ 
ues indicated in the figure. +• 

The equivalent circuit in Fig. 9.14(b) can be used to obtain the midband gain A a/ by set¬ 
ting C K and C„ to zero. The result is 



R 


8 


n 


^S + ^sig r /r + r x + (^sig II R b) 


( g m R L 1 


(9.55) 



where 

R’l = r. I) R c II R t < 9 - 56 > © 

Next we observe that the circuit in Fig. 9.14(b) is identical to that of the CS amplifier in Fig. 

9.1 Vb), Thus the analysis can follow the same process we used for the C S case. The analy¬ 
sis is illustrated in Fig. 9. ! 3 c) and (d). The final result is that the CE amplifier gain at high 

frequencies is given approximately by 

ik = a m (9.57) O 

V s 

K *'g l + cL 

0) u 

where A w is given by Eq. (9.55) and the 3-dB frequency f H is given by 

- _ % = 1 
H 2k 2KC m R[\ g 


19.58) 
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v , _ y R B _ [n _ 

!ie “ 8 «» + «,„ r, + r, + (RjM 


sig n 


D r 

^sig 


= r. 


[r, + (RjAi,)] 


(b) 


Si = rJJMR 


/ 



D * 

^sig 


+ 


\ 


71 


X 


B 


T 


/ 


x 


TT 


c 


in 


c 


eq 


C in - C w + C„ 

= + C^l + 

(c) 



j? v 

om w 


C 


/?; 


v = 

r (» 


-o 

+ 

V 




Figure 9.14 Determining the high-frequency response of the CE amplifier: (a) equivalent 
circuit of (a) simplified at both the input side and the output side; (c) equivalent circuit with C^K 
the input side with the equivalent capacitance C ; (continued) 
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Figure 9.14 (Continued) (d) sketch of the frequency-response plot, which is that of a low-pass 
STC circuit. *•' I 


where 

C,„= C„+ C„(l+ g m R' L ) (9.59) o 

and 

= ''J i r x + ( R B II *■*)] ^ 9 ‘ 60 ^ ® 

Observe that C jn is simply the sum of C„ and the Miller capacitance C^l + g m /?0 . The 
resistance R' seen by C m can be easily found from the circuit in Fig. 9.14(a) as follows: 

Reduce K si to zero, “grab hold" of the terminals B' and E and look back (to the left). You 
will see r] in parallel with r x , which is in series with (R b \\R^). This way of finding the 
resistance “seen by a capacitance" is very' useful and spares one from tedious work! 

Finally, comments very similar to those made on the high-frequency response ot the CS 

amplifier can be made here as well. 



It is required to find the midband gain and the upper 3-dB frequency of the common-emitter ampli¬ 
fier of Fig. 9.4(a) for the following case: V cc = V EE = 10 V, / = 1 mA, R B = 100 kQ, /? c - 8 kQ, tf sig - 
5 kQ, R =5 kQ, = 100, V A - 100 V,C^ = 1 pF, f T = 800 MHz, and r x = 50 Q. 


Solution 

The transistor is biased at I c — 


mA. Thus the values of its hybrid-^model parameters are 


[c = JjnA = 40 mA/v 
V T 25 mV 


A = too 

' n ~ a 40 mA/V 

o tn 

_ Vj _ 100 V _ 
f ° - I c - 1 mA 


= 2.5 kQ 
100 kQ 
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Example 9.4 continued 


C +C 

^ JT~ 




40 x 10 
x 800 x 10 



c u = I pF 

C„ = 7 P F 

r = 50 n 


The midband voltage gain is 


where 


Thus. 


and 


and 


Am - 


R 


B 


+ fi s jg / ^ t + ( | ^ s jg) 


gj*i 


R'l = r o II R C II R L 

= (100 1| 8 || 5) kQ = 3 kQ 


g m R[ = 40x3 = 120 V/V 


A m - 


100 


x 


2.5 


100 + 5 2.5+ 0.05 + (100 || 5) 


x 120 


= - 39 V/V 


20 log \A v/ | = 32 dB 


To determine f H we first find C in , 


c m ~ C X +C M ( \ + g m R'[) 

= 7 + 1(1 + 120) = 128 pF 


and the effective source resistance R ', , 


R k = r J ['* + (*« II *«*)] 

= 2.5 || [0.05+ (100 || 5)| 
= 1.65 kQ 



9.10 For the amplifier in Example 9.4, find the value of R, that reduces the midband gain to halt the value 

found. What value of f H results? Note the trade-off between gain and bandwidth. 

Ans. 1.9 kQ; 1.42 MHz 
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9,4 Useful Tools for the Analysis of the 
High-Frequency Response of Amplifiers 

The approximate method used in the previous section to analyze the high-frequency response of 
the CS and CE amplifiers provides a reasonably accurate estimate of f H and, equally important, 
considerable insight into the mechanism that limits high-frequency operation. Unfortunately, 
however, this method is not easily extendable to more complex amplifier circuits. For this reason, 
we will digress briefly in this section to equip ourselves with a number of tools that will prove 
useful in the analysis of more complex circuits such as the cascode amplifier. We will begin by 
stepping back and more generally considering the amplifier high-frequency transfer function. 


9.4.1 The High-Frequency Gain Function 

The amplifier gain, taking into account the internal transistor capacitances, can be expressed 
as a function of the complex-frequency variable s in the general form 

,4(s) = A m F h (s) (9.61) 


where .! w is the midband gain, which for 1C amplifiers is also equal to the low-frequency or dc 
gain (refer to Fig. 9.12). ! he value of A xf can be determined by analyzing the amplifier equiva¬ 
lent circuit while neglecting the effect of the transistor internal capacitances—that is, by assum¬ 
ing that they act as perfect open circuits. By taking these capacitances into account, we see that 
the gain acquires the factor F H (s ), which can be expressed in terms of its poles and zeros, which 
Lire usually real, as follows: 


(1 +S/CQ Z{ ){ 1 +S/(0 Z2 ).. .(1 +S/(D Z „) 

(1 +s/to Pl )( 1 +s/(o P2 )- - ■(' +s/o ) Pl ,) 


(9.62) 


where Q ) P] , (0 P2 , . . ., CO Pn are positive numbers representing the frequencies of the n real 

poles and 0) 7A , CO Z2 . 0) z „ are positive, negative, or infinite numbers representing 

the frequencies of the n real transmission zeros. Note from Eq, (9.62) that, as 4i ui i he 
expected, as s approaches 0, F H (s ) approaches unity and the gain approaches A M . 


9.4.2 Determining the 3-dB Frequency f H 

The amplifier designer usually is particularly interested in the part of the high-frequency 
band that is close to the midband. This is because the designer needs to estimate and if 
need he modify—the value of the upper 3-dB frequency (or 0 ) H ; fn — 0 ) h /2k). Toward 
that end it should be mentioned that in many cases the zeros are either at infinity or such 
high frequencies as to be of little significance to the determination of CO H . If in addition one 
of the poles, say a ) r ,, is of much lower frequency than any of the other poles, then this pole 
will have the greatest effect on the value of the amplifier CO H , In other words, this pole will 
dominate the high-frequency response of the amplifier, and the amplifier is said to have a 
dominant-pole response. In such cases, the function F^(s) can be approximated by 


F h (s) - 


1 


(9.63) 


1 + S / (Op | 


Which is the transfer function of a first-order (or STC) low-pass network (Appendix E). It 
follows that if a dominant pole exists, then the determination of 0) H is greatly simplitie ; 

(9.64) 


COj-i — t Op I 
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This is the situation we encountered in the cases of the common source and common-emitter 
amplifiers analyzed in Section 9.3. As a rule of thumb, a dominant pole exists if the lowest 
frequency pole is at least two octaves (a factor of 4) away from the nearest pole or zero 
If a dominant pole does not exist, the 3-dB frequency 0)^ can be determined trom a plot of 
\F H {jQ))\ . Alternatively, an approximate formula for CO H can be derived as follows: Consider, 
for simplicity, the case of a circuit having two poles and two zeros in the high-frequency 

band; that is, 

(I ,)(l +s/a)z2 ) 

Fh( - s) ~ (1 + s/a> PI )( I + s/m n ) l965 > 


Substituting s =jco and taking the squared magnitude gives 


1 


WnUcotf = 


(1 + of /af Zi )( 1 + af/a£ 2 ) 
(1 + ok/af PX )( 1 + of / (dp 2 ) 


By definition, at 0) = CO H , \F H \ — j; thus, 


1 _ (1 + af H /Gfa x )( \ + of H /of Z2 ) 

2 (1 +cd H /0fpi)( 1 + Ctf H / Of P2 ) 


1 + (Off 


+ 


1 




a) 


z 1 


2 

CO 71 


+ CO H / CO v\ CO 


Zl W Z7 


1 + C0u\ -r- + —T-1 + <%/Ofoy CO»-> 


f H\ 2 
COp\ 


COp2 


T 1 W P\ 



Since CO H is usually smaller than the frequencies of all the poles and zeros, we may neglect 
the terms containing co H and solve for co H to obtain 


• / l I 2 2 

&h — W + -- 

' t\J G)p\ C0p2 (0%\ £Oz2 

I his relationship can be extended to any number of poles and zeros as 





Note that if one of the poles, say P,, is dominant, then CO P] ^ C0 P2 , CO P2 ,, ..., (Oz\ ■> ®Z 2 < 
and Eq. (9.68 J reduces to Eq. (9.69). 



The high-frequency response of an amplifier is characterized by the transfer function 



_ 1 -5/10 5 _ 

(1 +x/10 4 )( 1 + s/4 x I0 4 ) 


Determine the 3-dB frequency approximately and exactly 
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Solution 

Noting that the lowest-frequency pole at 10 4 rad/s is two octaves lower than the second pole and a 
decade lower thai the zero, we find that a dominant-pole situation almost exists and co H — 10 4 rad/s. A 
better estimate of 0) H can be obtained using Eq. (9.68), as follows: 


* /V 10 8 + 16 x 10 8 lo 10 
= 9800 rad/s 

1 he exact value of co H can be determined from the given transfer function as 9537 rad/s. Finally, 
we show in Fig. 9.15 a Bode plot and an exact plot for the given transfer function. Note that this 
is a plot of the high-frequency response of the amplifier normalized relative to its midband 
gam. That is, if the midband gain is, say, 100 dB, then the entire plot should be shifted upward 
by 100 dB. 


H 


(dB) 



co (rad/s) 
(log scale) 


Figure 9.15 Normalized high-frequency response of the amplifier in Example 9.5. 
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9.43 Using Open-Circuit Time Constants 
for the Approximate Determination of f H 


If the poles and zeros of the amplifier transfer function can be determined easily, then we 
can determine f H using the techniques above. In many cases, however, it is not a simple matter 
to determine the poles and zeros by quick hand analysis. In such cases an approximate value 
for f H can be obtained using the following method. 

Consider the function F H (s) (Eq. 9.62), which determines the high-frequency response 
of the amplifier. The numerator and denominator factors can be multiplied out and F H [s) 
expressed in the alternative form 



2 n 

1 + a } s + a 2 s + • • • + a n s 
1 + b } s + b 2 s~ + * • • + b n s n 



where the coefficients a and b are related to the frequencies of the zeros and poles, respec 
lively. Specifically, the coefficient b , is given by 



It can be shown [see Gray and Searle (1969)] that the value of b { can be obtained by consid¬ 
ering the various capacitances in the high-frequency equivalent circuit one at a time while 
reducing all other capacitors to zero (or, equivalently, replacing them with open circuits). 
That is, to obtain the contribution of capacitance C we reduce all other capacitances to zero, 
reduce the input signal source to zero, and determine the resistance R seen by C r This pro¬ 
cess is then repeated for all other capacitors in the circuit. The value of b. is computed by 
summing the individual time constants, called open-circuit time constants. 

n 

b t = £ C,R , (9.71) 

|=1 

where we have assumed that there are n capacitors in the high-frequency equivalent circuit. 

This method for determining b ,is exact ; the approximation comes about in using the 
value of b { to determine co H . Specifically, if the zeros are not dominant and if one of the 
poles, say P v is dominant, then from Eq. (9.70), 



But, also, the upper 3-dB frequency will be approximately equal to o ) p ,, leading to the 
approximation 




]_ = 1 
b t ZCX 





Here it should be pointed out that in complex circuits we usually do not know whether - 

dominant pole exists. Nevertheless, using Eq. (9.73) to determine co H normally yields 

remarkably good results'even if a dominant pole does not exist. The method will be illustrated 
by an example. 


'The method of open-circuit time constants yields good results only when all the poles are real, as is 
the case in this chapter. 
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Example 9.6 


figure 9.16(a) shows the htgh-trequency equivalent circuit of a common-source MOSFET amplifier. 
The amplifier is fed with a signal generator having a resistance R sjp . Resistance R G is due to the 
biasing netw ork. Resistance R[ is the parallel equivalent of the load resistance R n the drain bias 
resistance R D > and the FFT output resistance r D . Capacitors and C gd are the MOSFET internal capaci¬ 
tances. For R^ = 100 kI2, R c = 420 k£2, C & — C gd = 1 pF, g m = 4 mA/V, and R{ =3.33 k£2, find the mid¬ 
band voltage gain. A M = VjV^ and the upper 3-dB frequency, f H . 

Solution 

The midband voltage gain is determined by assuming that the capacitors in the MOSFET model 
are perfect open circuits. This results in the midband equivalent circuit shown in Fig. 9.16(b), 





Figure 9.16 Circuits for Example 9.6: (a) high-frequency equivalent circuit of a MOSFET ampIMaKa*) the 
equivalent circuit at midband frequencies; (c) circuit tor determining I e resis ance s c ... 
determining the resistance seen by Cgd' 
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Example 9.6 continued 
from which we find 



R 


R G + R sig 



420 

420 +100 


x 4 x 3.33 =-10.8 V/V 


We shall determine (0 H using the method of open-circuit time constants. The resistance R gi seen by C is 
found by setting C gd = 0 and short-circuiting the signal generator F sig . This results in the circuit of Fig 
9.16(c), from which we find that 

R gs = R G \\R si$ = 420kn||100k0 = 80.8 k LI 

Thus the open-circuit time constant of C gs is 

f =CX = I x 10~ 12 x 80.8 x 10 '= 80.8 ns 

gs 8 s 8 s 


The resistance R gd seen by C gd is found by setting C p = 0 and short-circuiting V sig , I he result is the 
circuit in Fig. 9.16<d), to which we apply a test current I x . Writing a node equation at G gives 


Thus, 



V =-I R' 

gS JT Slg 



where/?' g = R G || 7? Sig . A node equation at D provides 


V es + V 

/ = s v + -E-- 

x Sm gs r n/ 

jL 


Substituting for V gs 1 >'om Eq. j( 9.74) and rearranging terms yields 


V. 


R gd^J = ^sig + K +g m R' l R' sig = 1.16 MO 


Thus the open-circuit time constant of C ^ is 

T gd — CgrfRgd 


- 1 X 10~ 12 x 1.16 x 10 h = 1160 ns 


The upper 3-dB frequency co H can now be determined from 


(o H — 


1 


T s * + T gd 


1 


(80.8+ 1160) x 10 


-9 


= 806 krad/s 



128.3 kHz 


Thus, 
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The method of open-circuit time constants has an important advantage in that it tells the circuit 
designer which ot the various capacitances is significant in determining the amplifier frequency 
response. Specifically, the relative contribution ot the various capacitances to the effective time 
constant b l is immediately obvious. For instance, in the above example we see that C . is the domi¬ 
nant capacitance in determining/*. We also note that, in effect to increase f H either we use a MOS- 
FET with smaller C gd or, for a given MOSFET, we reduce R by using a smaller or R{. If 
R[ , is fixed, then for a given MOSFET the only way to increase bandwidth is by reducing the load 
resistance. Unfortunately, this also decreases the midband gain. This is an example of the usual 
trade-off between gain and bandwidth, a common circumstance which was mentioned earlier. 


9.4.4 Miller's Theorem 

In our analysis ot the high-frequency response of the common-source and common-emitter 
amplifiers (Section 9.3), we employed a technique for replacing the bridging capacitance 
{C,, or C M ) by an equivalent input capacitance. I his very useful and effective technique is 
based on a general theorem known as Miller's theorem, which we now present. 

Consider the situation in I ? ig. 9.17(a). As part of a larger circuit that is not shown, we have 
isolated two circuit nodes, labeled I and 2, between which an impedance Z is connected. 
Nodes 1 and 2 are also connected to other parts of the circuit, as signified by the broken lines 
emanating from the two nodes. Furthermore, it is assumed that somehow it has been determined 
that the voltage at node 2 is related to that at node 1 by 

V 2 = KV l (9.75) 

In typical situations K is a gain factor that can be positive or negative and that has a magnitude 
usually larger than unity. This, however, is not an assumption for Miller’s theorem. 

Miller’s theorem states that impedance Zcan be replaced by two impedances: Z, connected 
between node 1 and ground and Z 2 connected between node 2 and ground, where 


Z, = Z/( 1 -K) 

(9.76a) 

and 


N 

II 

N 

1 

(9.76b) 

to obtain the equivalent circuit shown in Fig. 9.17(b). 





(a) 

figure 9.17 The Miller equivalent circuit. 
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Z, = Z/(l - K)i z 2 = z 
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The proof of Miller s theorem is achieved by deriving Eq. (9.76) as follows: In the original 
circuit of Fig. 9.17(a), the only way that node 1 “feels the existence" of impedance Zj s 
through the current I that Z draws away trom node 1. Therefore, to keep this current 
unchanged in the equivalent circuit, we must choose the value ot Z] so that it draws an 

equal current, 


/ 




y, , y,-xy. 


which yields the value of Z, in Eq. (9.76a). Similarly, to keep the current into node 2 
unchanged, we must choose the value of Z 2 so that 


U = 


0-^2 

Z, 


0 -KV } r Vi - KV j 


= / = 


z 


which yields the expression"’ for Z 2 in Eq. (9.76b). 



Figure 9.18(a) shows an ideal voltage amplifier having a gain of - 1 ><> V / V with an impedance Z 
connected between its output and input terminals. Find the Miller equivalent circuit when Z is (a) a 
1-Mfl resistance and (b) a 1-pF capacitance, in each case, use the equivalent circuit to determine 
V /V ■ 

o sig 


Solution 

(a) For Z = 1 MQ, employing Miller's theorem results in the equivalent circuit in Fig. 9.1N(b), 
where 


2 = ~— 

1 1 ~K 


1000 k i > 
1 + 100 


= 9.9 kQ 


Z, = 


Z 


1 MO 


1 -I 

K 


1 + 


1 


= 0.99 MO 


100 


fhe voltage gain can be found as follows 


V 

o 


v v 

O I 


V. 


sig 


V V 

I r S!g 


= -100 x 


1 


Z) + ^sig 


= -100 x 


9.9 


9.9+10 


= -49 7 V/V 


b Although not highlighted, the Miller equivalent circuit derived above is valid only as long as t e 
of the circuit remains unchanged; otherwise the ratio of V 2 to V\ might change. It follows 
Miller equivalent circuit cannot be used directly to determine the output resistance of an amp t * er ‘ ^ 
is because in determining output resistances it is implicitly assumed that the source signal is re , u , 
zero and that a test-signal source (voltage or current) is applied to the output terminals o vio 
major change in the circuit, rendering the Miller equivalent circuit no longer valid. 
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Figure 9.18 Circuits for Example 9.7. 


(b) For Z as a 

1-pF capacitance 

that is. / 

: = i /sc 

= l/5XlXl0 

allows us to repl 

ace Z by Z, and Z 

2 , where 




z, 

11 

1 Nj 

II 

1 /sC 

1 +100 

= 1/5(101C) 



Z 

1 1 

1 


^2 

"i-i" 

I.OIjC 

“ 5(1.010 


K 


applying Miller's theorem 


It follows that Z, is a capacitance I || 1C=101 pf and that Z 2 is a capacitance 1,01C — 1.01 pF. The 
resulting equivalent circuit is shown in Fig. 9.18(c), from which the voltage gain can be found as ol 

lows: 



V V- 1AC, 

——— = - 100 —77-77—TT - 

Vj F sjg 1 /(j(7j ) +/?jjg 


I 



+ sC?\R 
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Example 9.7 continued 


_ -100 _ 

1 +sx 101 x 1 x 10" 12 x lOx 10 3 
-100 

1 +5 x 1.01 x 10" 


This is the transfer function of a first-order low-pass network w ith a dc gain of 100 and a 3-dB fre¬ 


quency ,£ dB of 



-:-= 157.6 kHz 

2/rx 1.01 x 10 " 



From Example 9.7, we observe that the Miller replacement of a feedback or bndging 
resistance results, for a negative K , in a smaller resistance [by a factor (1 -K)] at the input. 
If the feedback element is a capacitance, its value is multiplied by {1 - K) to obtain the 
equivalent capacitance at the input side. The multiplication of a feedback capacitance by 
(1 -K) is referred to as Miller multiplication or Miller effect. We have encountered the 
Miller effect in the analysis of the CS and CE amplifiers in Section 9.3. 



9.VI A direct-coupled amplifier has a dc gain of 1000 V/V and an upper 3-dB frequency of 100 kHz. Find the 
transfer function and the gain-bandwidth product in hertz. 


Ans. 


1000 


10 8 Hz 


1 + 


2/rx 10 


9.12 The high-frequency response of an amplifier is characterized by two zeros at s = °° and two poles at 
0) Pl and co P2 . For co P2 - kco Pl , find the value of k that results in the exact value of 0) H being 0.9 
Repeat for co H = 0.99 co Pl . 

Ans. 2.78; 9.88 

9.13 For ti e amplifier described in Exercise 9.12, find the exact and approximate values using Eq. 9.68) of 
co H (as a function of co pl ) for the cases k = 1, 2, and 4. 

Ans. 0.64,0.71; 0.84, 0.89; 0.95, 0.97 

9.14 For the amplifier in Example 9.6, find the gain-bandwidth product in megahertz. Find the value of Ri 
that will result in f H = 180 kHz. Find the new values of the midband gain and of the gain-bandwidth 
product. 

Ans. 1.39 MHz; 2.23 kQ; -7.2 V/V; 1.30 MHz 

9.15 Use Miller s theorem to investigate the performance of the inverting op-amp circuit shown in Fig. 
Assume the op amp to be ideal except for having a finite differential gain, A. Without using any know 
edge of op-amp circuit analysis, find R- t V , V , and V/V , for each of the following values of A: 
10 V/V, 100 V/V, 1000 V/V, and 10,000 V/V. Assume V =*1 V. 

Slg 
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10 kn 

AAAr 




Ans 


A 


V 

v 0 

V IV 

V o‘ v iig 

10 V/V 

909 Q. 

476 mV 

- 4.76 V 

- 4.76 V/V 

too V/V 

99 Q 

90 mV 

-9 V 

- 9 V/V 

1000V/V 

9.99 £2 

9.9 mV 

- 9.9 V 

- 9.9 VA' 

10.000 V/V 

1 Q 

0.999 mV 

- 9.99 V 

- 9.99 V/V 




9.5 A Closer Look at the High-Frequency 
Response of the CS and CE Amplifiers 

In Section 9.3 we utilized the Miller approximation to obtain an estimate of the high- 
frequency 3-dB frequency of the CS and CE amplif iers. We shall now use the powerful 
tools we studied in the last section to revisit this subject. Specifically, we will first employ 
Miller s theorem to refine the Miller approximation, thus obtaining a better estimate of f H . 
Then we will use the method of open-circuit time constants to obtain another estimate of f H . 
In order to assess how good these various estimates are, the exact transfer function will be 
derived and analyzed. Finally, we will consider the case of low source resistance /? sjg with 
the limitation on the high-frequency response determined by the capacitance at the output 
node, a situation that is not uncommon in IC amplifiers. 


9.5.1 The Equivalent Circuit 

Figure 9.19 shows a generalized high-frequency equivalent circuit for the common-source 
amplifier. Here. V' n and /?'„ are the Thevenin equivalent of the signal generator together 
with whatever bias circuit may be present at the amplifier input (e.g„ a c in the circuit o tg. 
9.2a). Resistance R] represents the total resistance between the output (drain) node and 
ground and includes R D , r,, and R r (if one is present). Similarly, C L represents the total 
capacitance between the drain node and ground and includes the MOSFET s drain-to body 
capacitance ( C dh ), the capacitance introduced by a current-source load, the input capacitance 
of a succeeding amplifier stage (if one is present), and in some cases, as we will see in later 
chapters, a deliberately introduced capacitance. In IC MGS amplifiers, C L can be substantial. 

The equivalent circuit in Fig. 9.19 can also be used to represent the CE amplifier. Thus, 
vve will not need to repeat the analysis, rather we will adapt the CS results to the CE case by 
simply renaming thf* rnmnonents (i e,. replacing C_- e by C n and C sd b> C „ ). 
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Figure 9.19 Generalized high-frequency equivalent circuit for the CS amplifier 


9.5.2 Analysis Using Miller's Theorem 

Miller’s theorem allows us to replace the bridging capacitor C gd by two capacitors:C, 
between the input node and ground and C\ between the output node and ground, as shown 
in Fig. 9.20. The value of C, and C 2 can be determined using Eqs. (9.76a) and (9.76b), 

C, = C gd {\-K) 

=C g {\- i) 


where 


Obviously, K will depend on the value of C 2 , witich in turn depends on the value ot K, To 
simplify matters, we shall adopt an iterative procedure: First, we will neglect C 2 an ^ Q in 



* f 

Figure 9.20 The high-frequency equivalent circuit model of the CS amplifier after the application 
Miller s theorem to replace the bridging capacitor C. by two capacitors: C| = l 1 

^2 = C gd { 1-1 /K), where K - V Q /V . 
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determining V a , resulting in 


That is, K is given by 


V - 

O 


■ZmVgM 


K - - g m Rl 


(9.77) 


Then we will use this value to determine C, and C 2 as 




(9.78) 





(9.79) 


Next, we use C, and C 2 to determine the overall transfer function YJ V' . At the input side, 
we see that the input capacitance C jn = C„ s + C, together with /?7 form an STC low-pass 
circuit w ith a pole frequency f Pi : 



1 

^ r> / 

** ^ iir^sig 


(9.80) O 


At the output sides we see that C{ - C L + C 2 together with R] form an STC low-pass circuit 
with a pole frequency f Po : ' I 



1 

2 kC l R[ 


(9.81) © 


At this point we note that in Section 9.3 we neglected both C 2 and Qand thus/)> 0 . Thus the 
estimate of f H in Section 9.3 was based on the assumption that V 0 is given by Eq. (9.77), and 
thus the frequency limitation is caused entirely by the interaction of C in with /? sig , that is, by 
the input pole f Pi : 



(9.82) 


A somewhat better estimate of/,, can be obtained by considering both f Pi and f Po , that is, by 
using the approximate transfer function 



This transfer function is approximate because we obtained it using an 
one iteration! 


iterative process with in fact only 
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An estimate of f H can then be found using Eq. (9.68) as 




This estimate will diverge from that in Fq. (9.82) in situations for which f Po is not much 
higher than f Pl . This will be the case when R' ig is not very high and C L is relatively large. 


Example 9.8 



MOM 


Consider an IC CS amplifier for which g m = 1.25 mA/V 2 , = 20 fF, C gd - 5 fF, C L = 25 fF, 
R'. = 10 kQ , and R[ - 10 kQ . Assume that C L includes C db . Determine f H using (a) the Miller 
approximation and (b) Miller’s theorem. 


Solution 

(a) The Miller approximation assumes V o = -g m R L V and thus neglects the effect of C L and C 2 . In 
this case. 


where 



1 


2nC R' 

m iX sig 


Thus, 


C tn ~ C gs + C I ~ Cgs + 1 + gm R 'i ) 

Cfr = 20 + 5(1 + 1.25 x 10) 


= 87.5 fF 










and f Pi will be 



_1_ 

2xx 87.5 x 10~ 15 x 10 x 10 3 


Thus, 


= 181.9 MHz 


f H = 181.9 MHz 

(b) Using Miller s theorem, we obtain the same f Pl as above: 

f Pi = 181.9 MHz 
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But now we can take C 2 and C b into account. Capacitance Ci can be determined as 




( l > 

= 5! 1 + —' 
V 12.5^ 


= 5.4 fF 


I lie frequency of the output pole can now be determined as 



1 

2/zf Q + C 2 )R'l 



_1_ 

2^(25 +5.4) x 10“ 15 x 10 x lo' 


= 523.5 MHz 


An estimate of f H can now be found from Eq. (9.83): 



181.9 



n81.9 \ 2 
V523.5 J 


171.8 MHz 


9.5,3 Analysis Using Open-Circuit Time Constants 

The method of open-circuit time constants presented in Section 9.4.3 can be directly applied 
to the CS equivalent circuit of Fig. 9.19, as illustrated in Fig. 9.21, from which we see that 
the resistance seen by C gs , R gs — R&g ar| d that seen by C t is R[ . The resistance R gd seen 
by C gd can be found by analyzing the circuit in Fig. 9.21(b) with the result that 


R gd = *.'i g 0+gJ*D +R l 


Thus the effective time constant /?, or r /y can be round as 


r /( = C gs R gs + C gd R gd +C l R Cl 

= c s Xi g + cur:,, (i +gM + r:] + c l r : 


(9.84) O 


(9.85) O 


and the 3-dB frequency f H is 



(9.86) 


For situations in which C L is substantial, this approach yields a better estimate of f H than 
'hat obtained using the Miller approximation (simply because in the latter case we com 

Pletely neglected C L ). 
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(c) 

Figure 9.21 Application of the open-circuit time-constants method to the C'S equivalent circuit ol 
Fig. 9.19. 


It is interesting and useful, however, to note that applying the open-circuit time-constants 
method to the Miller equivalent circuit shown in Fig. 9.20 results in a very close approxima¬ 
tion to the value of x H in Eq. (9.85). 



Use the method of open-circuit time constants to obtain another estimate of f H for the CS amplifier 
of Example 9.8. 


R gs = R' iig = 10 kQ 

R gd ~ 1 + gm^L ) + R'l 

= 10(1 + 1.25 x 10)+ 10 = 145 kQ 
R' l - 10 kQ 


Solution 
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Thus, 

A/ — Cg S R gs + C gd R gd + C l R l 

= -Ox I0 _,5 x 10 x 10+5x10 b x 145 x 10’ + 25 x I0“ ,5 x 10 x I0 3 

= 1 175 ps 

and the 3-dB frequency f H can be estimated at 

, 1 1 

fn ~ ■> - — --—p = 135.5 MHz 

171 t h 2^x1175x10 

We note that this estimate is considerably lower than both estimates found in Example 9.8. 
Which one is closer to the exact value will be determined next. 


9.5.4 Exact Analysis 


The approximate analysis presented above provides insight regarding the mechanism by 
which and the extent to which the various capacitances limit the high-frequency gain of the 
CS amplifier. Nevertheless, given that the circuit of Fig. 9.19 is relatively simple, it is 
instructive to also perform an exact analysis/ This is illustrated in Fig. 9.22. A node equa¬ 
tion at the drain provides 

sCgd( K, - K) = Sr,V g ,+ Y l +SClK 


which can be manipulated to the form 

-K I +s(C L + C eJ )R' L 

es g m R[ 1 -sC. d /g m 


A loop equation at the input yields 


(9.87) 


v*. - / R' + V 

r Slg 1 I- £V Slg gj 


in which we can substitute for /, from a node equation at G, 

/, = s C gs V gs + sC gd ( V gs - V 0 ) 

to obtain 



V g , [ I + s(C gs + C gd )R' sig ]-sC gd R 


/ 

Slg 



“Exact" only in the sense that we are not making approximations in the circuit-analysis process. Tie 
reader is reminded, however, that the high-frequency model itself represents an approximation ol 
the device performance. 
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AAA f 


/ 






\ 









Figure 9.22 Analysis of the CS high-frequency equivalent circuit. 


We can now substitute in this equation for V gs from Eq. (9.87) to obtain an equation inf 
and V' lo that can be arranged to yield the amplifier gain as 


K 


1 - S(C gd /g m )] 


* sig 1 + ${[C + C gd (1 +g m Rl )K it +' Cl + Cgd) Rl) + s l(Q + C g d)C gs + C L C gd ]R[ l% R' L 

s 5 


(9.88) 

The transfer function in Eq. (9.88) has a second-order denominator, and thus the amplifier has 
two poles. Now, since the numerator is of the first order, it follows that one of the two trans¬ 
mission zeros is at infinite frequency. This is readily verifiable by noting that as s 
approaches <», (T 0 /K' jg ) approaches zero. The second zero is at 


s = S z = 


g 


m 


c 


(9.89) 




That is, it is on the positive real axis of the s-plane' 1 and has a frequen cy COy , 


«>z = gJC, 


X d 


(9.90) 


Since g m is usually large and C gd is usually small, f z is normally a very high frequency and 
thus has negligible effect on the value of f H . 

It is useful at this point to show a simple method for finding the value ot s at which 
K ~ 0—that is, s z . Figure 9.23 shows the circuit at s - s z . By definition, V 0 = 0 and j 
node equation at D yields 


s zC g d Kj - gm Ks 


Now, since V g$ is not zero (why not?), we can divide both sides by V gs to obtain 


5 


g 


m 


(9.91) 


C 


gd 


Before considering the poles, we should note that in Eq. (9.88), as 5 goes toward zero. 
K/K ig approaches the dc gain ( -g m R f) , as should be the case. Let’s now take a closer 
'" ^ 11 ! " ; iator polynomial. First, we observe that the coefficient ot the s term i s 

to the effective time constant obtained using the open-circuit time-constants method as S ,vei1 
by Eq. (9.85). Again, this should have been expected, since it is the basis for the open-cir cul 


Because the transmission zero is on the real axis, there is no physical frequency CO at which the trail 
mission is actually zero (except 0) — oo j 
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Figure 9.23 The CS circuit a ts = s z . The output voltage V 0 = 0, enabling us to determinefrom a node 
equation at D. *. ^ 1 


time-constants method (Section 9.4 1 . Next, denoting the frequencies of the two poles co P[ 
and (0 P2 , we can express the denominator polynomial D(j) as 


D(s) = 1 + 


co 


1 + 


PY 


0)t 


, i 1 l 

1 +s\ — + 


+ 


CO 


p I 


CO, 


Q)p i COp 2 


(9.92) 


Now, if CO P2 CO P \ —that is, the pole at 6) P[ is dominant—we can approximate D{s ) as 


, . s s 

D(s ) - 1 + — +- 

COpi CO P \ CO P2 


(9.93) 


Equating the coefficients of the s term in denominator polynomial of Eq. (9.88) to that ot the 

stemi in Eq. (9.93) gives 


COp i ~ 


1 


[C gs + c g A i + gJO] +(C £ + c gd )R[ 


(9.94) 


where the approximation is that involved in Eq. (9.93), Note that the expression in Eq. (9.94) is 
identical to the value of co H obtained using open-circuit time constants. Equating the coeffi¬ 
cients of s 2 in Eqs. (9.88) and (9.93) and using Eq. (9.94) gives the frequency of the second pole: 


_ 1 C„ + C ed (1 + g„,Rf)} R* + (Q + CJR[ 
Mn I ( C L + C gd )C gs + C l C s j}R{ R\, g 


(9.95) 


Example 9.10 


For the CS amplifier considered in Examples 9.8 and 9.9, use the exact transfer function in Eq. 
9.88 \ to determine the frequencies ot the two poles and the zero and hence the 3 dB frequency ^. 
Compare to the approximate values for f H obtained in Examples 9.8 and 9.9. 
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Example 9.10 continued 

Solution 

The frequency of the zero is determined using Eq. (9.90), 

f_ = - ]2 ~ x 10 = 40 GHz 

2nC' gd 2n x 5 x 10" * 


The frequencies of the two poles, eo Pi andru F2 , are found as the roots of the equation obtained by 
equating the denominator polynomial of Eq. (9.88) to zero: 

1 + 1.175 x 10 " 9 j + 7.25 x 10 2 Y = 0 


The result is 

and 


f pi = 143.4 MHz 


f P2 = 2.44 GHz 

Since f 7 , f P1 > f P ,, a good estimate for f H is 

f H — f PA = 143.4 MHz 

Finally, we note that the estimate of f PX obtained using Eq. (9.94) is 135.5 MHz, which is about 5.5% 
lower than the exact value. Thus, the method of open-circuit time constants underestimates f H by 
about 5.5%. The estimate from the Miller approximation is 181.9 MHz, which is about 27% higher 
than the exact value, and that using the refined application of Miller theorem is 171.8 MHz, which is 
about 20% higher than the exact value. We conclude that the estimate obtained using open-circuit 
time constants is remarkably good! 



9.16 For the CS amplifier in Example 9.10, using the value of f H determined by the exact analysis, find 
the gain-bandwidth product. Recall that g m = 1.25 mA/V and R[ = 10 kQ. Also, convince yourself 
that this is the frequency at which the gain magnitude reduces to unity, that is, f r 

Ans, GBW = 1.79 GHz; since this is lower than f P2 , then f ~ 1.79 GHz 

9.17 As a way to trade gain for bandwidth, the designer of the CS amplifier in Example 9.10 connects a 
load resistor at the output that results in halving the value of R[ . Find the new values of \A^ , Jh 
(using f H ~f Pl of Eq. 9.94), and jf. 

Ans. 6.25 V/V; 223 MHz; 1.4 GHz 

9.18 As another way to trade dc gain lor bandwidth, the designer of the CS amplifier in Example 9,10 

i! ■ "i '""pi i ii, 1 1 i! i plifying transistor at double the value of V f)l by increasing the bias cur- 

rent fourfold. Find the new values of g m , R[ , |4 J , f n , f H , and jf. Assume that R[ is the parallel 

equivalent of v n of the amplifying transistor and that of the current-source load. Use the approximate 
formula for f p , given in Eq. (9.94). 

Ans. 2.5 mA/V; 2.5 kQ; 6.25 V/V; 250 MHz; 250 MHz; I 56 GHz 
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9.5.5 Adapting the Formulas for the Case of the CE Amplifier 

Adapting the formulas presented above to the case ot the CE amplifier is straightforward. 
First, note from Fig. 9.24 how and /? sig relate to K sjg , rt sig , and the other equivalent- 
circuit parameters: YijNSri 


V' = V ~ 

Slg r sig n 


r 


ft 


+ r + 

sig T 'r T/ 


ft 



(9.96) 

(9.97) 


o 

o 


Thus the dc gain is now given by 


A m — - 


ft 


*s, e "F *F r n 


{gmK) 


Using the Millet approximation, we obtain 


C in = C s +CJl+g m Rl) 


Correspondingly, the 3-dB frequency f H can be estimated from 



1 


2 kC R' 


(9.98) O 

(9.99) O 

(9.100) O 



(b) 

Figure 9.24 (a) High-frequency equivalent circuit of the common-emitter amplifier, (b) Equivalent 
circu it obtained after Thevenin theorem has been employed to simplily the resistive circuit at t e input 
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o 


Alternatively, using the method ot open-circuit time constants yields 

% = 

= CX. g + C M H 1 + g m R' L )R' sig + R[\ + C l R{ 

from which f H can be estimated as 


(9.101 


o 


/h ~ 


1 


2/rr 


H 


(9.102 








o 


o 


o 


o 


The exact analysis yields the following zero frequency 


fz~ 


1 g 


m 


2k C 


and, assuming that a dominant pole exists. 


fp\ 


1 


JP2 ~ 


J__ 

2 k [ C n + C M (1 + g m R[) ] R' ig +( C L + C m )R' l 

1 IC'+CyQ +g n RD)R' s ' k+(C l + C m )R' l 
2k + 


For fz-> fpi ^ fp\ » 


Ih ~ fp 


p t 


(9. 


(9.104) 


(9.105) 



9.19 


Consider a bipolar active-loaded CE amplifier having the load current source implemented with 
a pnp transistor. Let the circuit be operating at a 1-mA bias current. Ihe transistors are specified 


Ap 


- 50 V, C = 16 pF 


= 0.3 pF, 


as follows: fl{npn) = 200, V An = 130 V, 

C L - 5 pF , and r x — 200 Q. The amplifier is fed with a signal source having a resistance ot 36 
kQ. Determine: (a) A M ; (b) C in and f H using the Miller approximation; (c) f H using open-circuit 
time constants; (d) f z , f pl , f P2 , and hence f H (use the approximate expressions in Eqs. 9.105 and 
9.104); and (e) the gain-bandwidth product. 

Ans. (a) -175 V/V ; (b)448pF, 82.6kHz;(c)75.1 kHz;(d)21.2 GHz, 75.1 kHz, 25.2 MHz,75.1 
kHz; (e) 13.1 MHz 


— 










9.5.6 The Situation When R Is Low 

5 IQ 

[ here are applications in which the CS amplifier is fed with a low-resistance signal source 
Obviously, in such a case, the high-frequency gain will no longer be limited by the intcrac 
tion ot the source resistance and the input capacitance. Rather, the high-frequency limitatio 
happens at the amplifier output, as we shall now show. 

Figure 9.25(a) shows the high-frequency equivalent circuit of the common -source anipli 1 
in the limiting case when R 9tg is zero. 1 he voltage transfer function V./V+ = VJV P call 
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Figure 9.25 (a) High-frequency equivalent circuit of a CS amplifier ted with a signal source having a 
very low (effectively zero) resistance, (b) The circuit with 1 sig reduced to zero, (c) Bode plot for the gain o 
the circuit in (ah m2 


tound by setting /? sig = 0 in Eq. (9.88). The result is 

Vp _ (~§wRl )l \ ~ A ’(£ s AL g™} ^ (9.106) O 

K sig 1 + s ( C L + C gd )Rl 

Thus, while the dc gain and the frequency of the zero do not change, the high-frequent^ 
response is now determined by a pole formed by C i + C gA together with Ri. us t e 
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frequency is now given by 

, = i 

O }h 2/e(Q + C gd )R' L (9.107) 

To see how this pole is formed, refer to Fig. 9.2> h), which shows the equivalent circuit with 
the input signal source reduced to zero. Observe that the circuit reduces to a capacitance 
(C L + C gd ) in parallel with a resistance R' L . 

As we have seen above, the transfer-function zero is usually at a very high frequency 
and thus does not play a significant role in shaping the high-frequency response. The gain of 
the CS amplifier will therefore fall off at a rate of -6 dB/octave (-20 dB/decade), reaching 
unity (0 dB) at a frequency f , which is equal to the gain-bandwidth product, 

ft — \Mfn 

p 1 

gm L 2rt.C L + C gd )R' L 

Thus, 





2 M C L + C gd ) 


Figure 9.25(c) shows a sketch of the high-frequency gain of the CS amplifier. 



Example 9.11 


Consider the j .’S amplifier specified in Example 9.8 when fed with a signal source having a negligi¬ 
ble resistance (i.e., jR slg = 0). Find A Ki , , f t , and f z . If the amplifying transistor is to be oper¬ 
ated at twice the original overdrive voltage while W and L remain unchanged, by what factor must 
the bias current be changed 1 ’ What are the new values of A Af , f dB , f , and f z l Assume that /?/ is 
the parallel equivalent oi r 0 of the amplifying transistor and that of the current-source load. 

Solution 

In Example 9.8 we found that 

a m = -g m R L = -12.5 V/V 
The 3-dB frequency can be found using Eq. (9.107), 

f — _ 1 _ 

ln{C L + C gd )R[ 

= _1_ 

2zz - (25 + 5) x 10~ 15 x 10 x 10 3 

= 530.5 MHz 

and the unity-gain frequency, which is equal to the gain—bandwidth product, can be determined as 

f = \ A hi /h = 12.5x 530.5 = 6,63 GHz 
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The frequency of the zero is 



1 &m 
inc Pi 


J_ 1.25X 10~ 3 
2 * 5 x 10~ ls 


= 40 GHz 


Now, to double V 0 y, I D must be quadrupled. The new values of g„, and R[ can be found 

as follows: r. 


Sm 


D 


m V ov / 2 


- 2.5 mA/V 


R[ = \ x\0 = 2.5kQ 
4 


Thus the new value of A v/ becomes 


A u = -g m R[= -2.5 x 2.5 = -6.25 V/V 


That of f H becomes 


Ih - 


1 


2 + C gd )R[ 


1 


2^(25 + 5) x 10" 15 x 2.5 x 10 3 


= 2.12 GHz 


and the unity-gain frequency (i.e., the gain-bandwidth product) becomes 

f= 6.25x2.12 = 13.3 GHz 

We note that doubling V ov results in reducing the dc gain by a tactor ot 2 and increasing the 
bandwidth by a factor of 4. Thus, the gain—bandwidth product is doubled a good bargain! 



9.20 For the CS amplifier considered in Example 9.11 operating at the original values of V ov and l D , 
find the value to which C L should be increased to place / at 2 GHz. 


Ans. 94.4 fF 


9.21 


Show that the CS amplifier when ted with /f sig - 
is related to f t by f 


0 has a transfer-function zero whose i requency 

C L 



















































































746 Chapter 9 Frequency Response 


o 


9.6 High-Frequency Response of the Common-Gate 

and Cascode Amplifiers 

Although common-source and common-emitter amplifiers provide substantial gain at mid¬ 
band frequencies, their gain falls off in the high-frequency band at a relatively low fre¬ 
quency. This is primarily due to the large input capacitance C m , whose value is significantly 
increased by the Miller component. The latter is large because of the Miller multiplication 
effect. It follows that the key to obtaining wideband operation, that is, high f H% is to use cm 
cuit configurations that do not suffer from the Miller effect. One such configuration is 
common-gate circuit. 

9.6.1 High-Frequency Response of the CG Amplifier 

Figure 9.26(a) shows the CG amplifier with the MOSFET interna! capacitances C„ and (L 
indicated. For generality, a capacitance C L is included at the output node to represent the 
combination of the output capacitance of a current-source load and the input capacitance of a 
succeeding amplifier stage. Capacitance C L also includes the MOSFET capacitance C s . 
Note the C L appears in effect in parallel with C gJ ; therefore, in the following discussion we 
will lump the two capacitances together. 

It is important to note at the outset that each of the three capacitances in the circuit 
of Fig. 9.26(a) has a grounded node. Therefore none of the capacitances undergoes the 
Miller multiplication effect observed in the CS stage It follow \ that the CG circuit can 
be designed to have a much wider bandwidth than that of the CS circuit, especially 
when the resistance of the signal generator is large. 

Analysis of the circuit in Fig. 9.26(a) is greatly simplified if r„ can he neglected. In such 
a case the input side is isolated from the output side, and the high-frequency equivalent circuit 
takes the form show n in Fig. 9.26(b). We immediately observe that there are two poles: one 
at the input side with a frequency f Ph 


fp\ ~ 


1 


2«CJ]l if J 


(9.109) 


g 


m 


and the other at the output side with a frequency j f P2 , 


o 


o 


o 


JP7 — z 


2/tiC g j + C l )R, 


(9.1 


in 


The relative locations of the two poles will depend on the specific situation. However, fp 

usually lower than f Pi ; thus f P2 can be dominant. The important point to note is that F 

fp\ and f/n are usually much higher than the frequency ol tin dominant input pole* 
stage. 

In IC amplifiers, r Q has to be taken into account. In these cases, the method of open-ci 

p 

lime constants can be employed to obtain an estimate for the 3-dB frequency Fig ure 
shows the circuits for determining the resistances R 9 and R gd seen by C gs and (C# + 
respectively. By inspection we obtain 


and 


= R 

g* Slg 


K 


(9. 


in 


Rgd = R, IIA 


(9.112) 
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Figure 9.26 (a) The common-gate amplifier with the transistor internal capacitances shown. A load 
capacitance C, is also included, (h) Equivalent circuit for the case in which r 0 is neglected. 



(a) 

Figure 9.27 Circuits for determining R gs and 
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o 

o 

o 


which can be used to obtain fa, 

.fa ~ 


I 


2/r[C gs R gs + (C ed + C 7 )R ecJ ] 




gd 


(9.113) 


Finally note that the input resistance/?,,, and output resistanceof the CG amplifier were 
derived in Section 7.3 and are summarized in Fig. 7.13, from which we obtain 


r 0 + R, 

R.„ = 0 1 


m 


1 +gm r o 


(9.114) 


and 


R a = r a + R+ + (g m r 0 )R 


Slg 


(9.115) 


Example 9.12 


Consider a common-gate amplifier with g m - 1.25 mA/V, r 0 = 20 k£2, C gs = 20 tF, C gJ = 5fF, 
C t - 15 fiF, /? sig = lOkQ, and R L = 20 kQ. Assume that C L includes C Jb . Determine the input 
resistance, the midband gain, and the upper 3-dB frequency f H . 


Solution 

Figure 9.28 shows the CG amplifier circuit at midband frequencies. We note that 

v 0 = iR L 

^sig — ((^sig 

Thus, the overall voltage gain is given by 

G = — = —— 

l, sig ^sig + ^in 




Figure 9.28 The CG amplifier circuit at midband. 
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The value of R m is found from Eq. (9.114) as 



r _o^L 

1 + p f 
6 m' o 


Thus, G. can now he determined as 


20 -f 20 

l +(1.25 x20) 


= 1.54 HI 



20 

10+ 1.54 


1.73 V/V 


Observe that as expected G is very low. I his is due to the low input resistance of the CG amplifier. 

To obtain an estimate of the 3-dB frequency f H , we first determine R gs and R g(j using Eqs. 
(9.Ill) and (9.112), 



= R sig \\R m = 101| 1.54 = 1.33 kQ 



where R is given by Eq. (9.115), 


Rq * o ^sig o)^sig 


= 20+ 10 + 25 x 10 = 280 kQ 


Thus, 

R gd = 20 || 280 = 18.7 kO 

Now we can compute the sum ot the open-circuit time constants, t H , 

0 / = C gs Rg 5 + (C gd + C L )R gt i 

z u = 20 x 10’ 15 x 1.33 x 10' + (5 + 15) x 10' 15 x 18.7 x 10 3 
= 26.6 x 10 12 + 374 x 10' 12 


= 400.6 ps 

and the upper 3-dB frequency f H can be obtained as 


fH = 


1 


1 


2 7tt H 2-7x400.6x10 


-12 


= 397.3 MHz 


Observe that/., is indeed much higher (more than twice) the corresponding value tor the CS amp i- 
fier found in Example 9.9. Another important observation can be made by examining e w° com¬ 
ponents of r„ : The contribution of the input circuit is 26.6 ps. while that ot the output circut is 
ns: thus the limitation on the hieh-treuuency response is posed by the output ctrcu 
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9.22 In order to raise the midband gain of the CG amplifier in Example 9,12, the circuit designer decides 
to use a caseode cunem source for the load device, thus raising R L by a factor of g m r () = 25; that 
is. R l becomes 500 kS2. Find R in , the midband gain, and f H . Comment on the results. 

Ans. 20 kQ; 16.7 WV; 42.7 MHz. While the midband gain has been increased substantially (b\ a 
factor of 9.7), the bandwidth f H has been substantially lowered (by a factor of about 9.3). Thus, the 
high-frequency advantage of the CG amplifier is completely lost! 


We conclude this section by noting that a properly designed CG circuit can have a wide 
bandwidth. However, the input resistance will be low and the overall midband gain can be 
very low. It follows that the CG circuit alone w ill not do the job! However, combining the 
CG with the CS amplifier in the cascode configuration can result in a circuit having the high 
input resistance and gain of the CS amplifier together with the wide bandwidth of the CG 
amplifier, as we shall now see. 


9.6.2 High-Frequency Response of the MOS Cascode Amplifier 

In Section 7.3 we studied the cascode amplifier and analyzed its performance at midband 
Irequencies. There we learned that by combining the CS and ( G configurations, the cascode 
amplifier exhibits a very high input resistance and a voltage gain that can be as high as A ],, 
where A 0 - g m r 0 is the intrinsic gain ot the MOSFET. For our purposes here, we shall see 
that the versatility ot the cascode circuit allows us to trade off some of this high midband 
gain in return for a wider bandwidth. 

Figure 9.29 shows the cascode amplifier with all transistor internal capacitances indi¬ 
cated. Also included is a capacitance C L at the output node to represent the combination ot 
Cdbi' l ^ e ou tput capacitance ot a current-source load, and the input capacitance of a succeeding 



Figure 9.29 The cascode circuit with the 
various transistor capacitances indicated. 
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am plifier stage (it any). Note that C db \ and C gs2 appear in parallel, and we shall combine 
them in the following analysis. Similarly, C L and C ^ appear in parallel and will be com¬ 
bined. 

The easiest and, in tact, quite insightful approach to determining the 3-dB frequency f H 

is to employ the open-circuit time-constants method: 


1. Capacitance C gs[ sees a resistance R s - , 

2. (Capacitance C gd] sees a resistance R gdl , which can be obtained by adapting the for¬ 

mula in Eq. (9.84) to 


R gd\ — (1 +&ml^dl)^sig + R d\ 

where R d \ , the total resistance at £>,, is given by 


(9.116) 




r 


o I 


o 2 


+ R 


Sm2^ o2 


(9.117) 


3. Capacitance {C db] + C gj2 ) sees a resistance R d] . 

4. Capacitance ( C L + C gd2 ) sees a resistance (R L || /?,,) where R n is given by 


R o = r o2 + r ol + (g m2 r o2 )r ol 

With the resistances determined, the effective time constant z H can be computed as 


o 

o 

o 



Cgs l^SIg + C g( ,j[( 1 +g„,l^l)^sig + ^rf|] 

+ ( Cdb\ + Cgsl) R d\ + (Q + Cgd 2 )( R L II R o) 


(9.118) O 


and the 3-dB frequency f H as 



To gain insight regarding what limits the high-trequency gain of the MOS cascode ampli¬ 
fier, we rewrite Eq. (9.118) in the form 



Tff = /? sig I C gsi + C gd] ( 1 +g m] R in )] + R d] (C gd] + C db j + C gs2 ) 

+ (R L \\ R 0 )(C L + C gdl ) (9.H9) o 

In the case of a large R til , the first term can dominate, especially it the Miller multiplier 
(1 +g m] R dl ) is large. This in turn happens when the load resistance R L is large (on the 
order of A 0 r o ), causing R in2 to he large and requiring the first stage, Q\ , to provide a large 
proportion of the gain (see Section 7.3.3). It follows that when ^? sjg is large, to extend the 
bandwidth we have to lower R to the order ot r 0 . This in turn lowers R m2 and hence R d j 
and renders the Miller effect in () insignificant. Note, however, that the dc gain of the cas¬ 
cade will then be Aq . Thus, while the dc gain will be the same as (or a little higher than) that 

achieved in a CS amplifier, the bandwidth will be greater. 

In the case when R sl , is small, the Miller effect in will not be of concern. A large 
value of R f (on the order of A 0 r,, ) can then he used to realize the large dc gain possible with 
a cascode amplifier—that is, a dc gain on the order of A \. Equation (9.119) indicates that in 
this case the third term will usually he dominant. To pursue this point a little further, con¬ 
sider the ease/?,, = 0 and assume that the middle term is much smaller than the third term. 

T r 

It follows that 


t h = (C, + C gd2 ){R L \\ R o) 
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and the 3-dB frequency becomes 


fn — 


1 


2n(C L + C gd2 )(R L \\ R 0 ) 


(9.120) 


which is of the same form as the formula for the CS amplifier with rt sig = 0 (Eq. 9 jo?) 
Here, however, {R, || R 0 ) is larger that R[ by a factor of about A 0 , Thus the f H of the cas- 
code will be lower than that of the CS amplifier by the same factor A 0 . Figure 9.30 shows a 
sketch of the frequency response of the cascode and of the corresponding common-source 
amplifier. We observe that in this case, cascoding increases the dc gain by a factor A n while 
keeping the unity-gain frequency unchanged at 



1 



2 n Ci 4- C gd 2 



Common Source 


Cascode 


V: 


Circuit 





V; 



1— 

Hi ’ 

A t) r„ > 


1—► 

<A «/?/. = 

=c, 

d 




V. 


C t 


DC Gain 


-8m R L 


A o 8m R L 


fl 


3dB 


ft 


i 


TTiC L + C gd )R' L 


2tt{C l 4 C gd )A Q R L 


m 


8 


m 


2tt(C l + C gd ) 


2tt{C, + C gd ) 



Figure 9.30 Effect of cascoding on gain and bandwidth in the case R it = 0. Cascoding can increase thec 

gain by the factor A n while keeping the unity-gain frequency constant. Note that to achieve the high £ Jin - 
load resistance must be increased by the factor A 0 . 
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Example 9.13 


I his example illustrates the advantages of cascoding by comparing the performance of a cascode 
amplifier with that of a common-source amplifier in two cases: 

(a) The resistance of the signal source is significant. R. a = 10 kQ. 

Slg 

(b) R sig is negligibly small. 

Assume all MOSFETs have g m = 1.25 mA/V , r 0 = 20 kQ, C gs = 20 fF , C gd = 5 fF, C db = 5 fF , and 
C L (excluding C dh ) = 10 fF. For case (a), let R L = r Q = 20 kQ for both amplifiers. For case (b), let 
R L = f 0 = 20 kQ tor the CS amplifier and R t = R 0 for the cascode amplifier. For all cases, determine 

A v , ./ w ,and jf. BH 


Solution 

(a) For the CS amplifier: 

A 0 =g m r o = 1.25 x20 = 25 V/V 

A v = -8m( R L II O = -gJ r o II r o) 

= -\A () = -12.5 V/V 


where 


Thus, 


T H ~ CgsR sig + CgdK 1 + gm R i) R si& + R L 1 + (Q + C db )R[ 




S!g 


r l = r o II r l = r 


r„ = 10 kQ 


t h = 20 x 10 4 5[(1 4 12.5)10+ 10] 4 (10+ 5)10 


= 200 + 725 + 150 = 1075 ps 


f _ ! _, 

2/rx 1075 x 10" l; 


= 148 MHz 


f= K[ fa = 12.5 x 148 = 1.85 GHz 


For the cascode amplifier: 


R a = 2 r a + (g m r 0 )r o = (2 x 20) + ( 25 x 20) = 540 kQ 

A v = -gjR 0 \\ R L ) 

= -1.25(5401| 20) = -24.1 V/V 


R - r o + R i - rolls* = J-= 1.6 kQ 

^ir.2 ” - - a 

om 


g m r o 


gitC< 


1.25 


R dl = r 0 lR M = 20 || 1.6= 1.48 kQ 

t h = /? S i g [C gs i +C grf |(l +g ffl i^i)]| 

+ R d ] ( C gd , + C db i + C gs2 ) 

+ (Rl R q)(^'L ^ dbJ ) 
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Example 9.13 continued 

= 10[20 + 5(1 + 1.25 x 1.48)] 

+ 1.48(5 + 5 + 20 ) 

+ (20 || 540)(10 + 5 + 5) 

= 342.5 + 44.4 + 385.7 
= 772.6 ps 

/„ = - - -- = 206 MHz 

2/rx 772.6 x 10' ‘ 

f t = 24.1 x 206 = 4.96 GHz 

Thus cascoding has increased f, by a factor of 2.7. 

(b) For the CS amplifier; 

A v = -12.5 V/V 

t h~ (C g d+C L + C db )R' L 
= (5 + 10 + 5)10 = 200 ps 

f H = - 1 -: = 796 MHz 

2;rx 200x10 

f t = 12.5x796 =9.95 GHz 
For the cascode amplifier: 


R, = R„ = 540 kQ 

A v = 

= -1.25(540 || 540) = -337.5 V/V 



r o + R L 


20 + 540 
1.25x20 


= 22.4 kQ 




R tta = 201| 22.4 = 10.6 kf2 


t h ~ Rd)(C g d\ + Qm + C gs2 ) + ( R l || R 0 )(C l + C gd 2 + C db 2 .) 


= 10.6(5 + 5 + 20) + (540 II 540)( 10 + 5 + 5) 


= 318 + 5400 = 5718 ps 

Ih = ---- = 27.8MHz 

2/rx 5718 x 10 2 

/, = 337.5 x 27.8 = 9.39 GHz 

Thus cascoding increases the dc gain from 12.5 V/V to 337.5 V/V. The unity-gain frequency 
this case, is equal to the gain-bandwidth product), however, remains nearly constant. 
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9.23 In this exercise we wish to contrast the gain oi a C S amplifier and a cascode amplifier. Assume that 
both arc fed \v ith a large source resistance R SIg that effectively determines the high-frequency re¬ 
sponse. Thus, neglect components of t h that do not include R, Also assume that all transistors are 
operated at the same conditions and thus corresponding small-signal parameters are equal. Also, 
both amplifiers have equal R, = r o , and g m r o = 40. 

(a) Find the ratio of the low-frequency gain of the cascode amplifier to that of the CS amplifier. 

(b) For the case of C g(j = 0.25 C , find the ratio of f H of the cascode to that of the CS amplifier. 

(c) Use (a) and (b) to find the ratio of f t of the cascode to that of the CS. 

Ans. 2; 3.6; 7.2 


9.6.3 High-Frequency Response of the Bipolar 
Cascode Amplifier 

The analysis method studied in the previous section can be directly applied to the BJT cas¬ 
code amplifier. Figure 9.31 presents the circuits and the formulas for determining the high- 
frequency response of the bipolar cascode. 



Figure 9.31 Determining the frequency response of the BJT cascode amplifier. Note that in addition to the 
BJT capacitances C T and C,, the capacitance between the collector and the substrate C„ tor each transistor are 

included. 
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EXERCISE 


9.24 The objective of this exercise is to evaluate the effect of cascoding on the performance of the CE am¬ 
plifier of Exercise 9.19. The specifications are as follows: / = 1 mA, /?= 200, r 0 = 130kQ, 
C 7 = 16 pF. C u — 0.3 pF, r x — 200 £2, C csl — C CJ 2 — 0» ^ l ~ ^ > ^ S ig — 36 kQ, R L ~ 

50 kQ. Find R m , A# , R a y , R in 2 > R 0 > ^a/» fa » an< ^ ft ■ Compare A f H , and f t with the correspond¬ 
ing values obtained in Exercise 9.19 for the CE amplifier. What should C L be reduced to in order 

to have f H - 1 MHz ? 

Ans. 5.2 kQ; 5200 V/V; 130 kQ; 35 Q; 26 MQ; -238 V/V ; 469 kHz; 111.6 MHz. |has in¬ 
creased from 175 V/V to 238 V/V; f H has increased from 75 kHz to 469 kHz; f t has increased from 
13.1 MHz to 111.6 MHz. C L must be reduced to 1.6 pF. 



© 9.7 High-Frequency Response of the Source 

and Emitter Followers 



In this section we study the high-frequency response of two important circuit building 
blocks: the source follower and the emitter follower. Both have voltage gain that is less than 
but close to unity. Their advantage lies in their high input resistance and low output resis¬ 
tance. They find application as the output stage of a multistage amplifier. As we will see 
shortly, both exhibit wide bandwidth. 


9.7.1 The Source Follower 


O 

O 


A major advantage of the source follower is its excellent high-frequency response. This comes 
about because, as we shall now see, none of the internal capacitances suffers from the Miller 
effect. Figure 9.32(a) shows the high-frequency equivalent circuit of a source follower fed with 
a signal V sig from a source having a resistance R sig . In addition to the MOSFl I capacitances 
and C gd , a capacitance C L is included between the output node and ground to account for 
the source-to-body capacitance C sb as well as any actual load capacitance. 

To obtain the low-frequency gain A w and the output resistance R , we set all capacitances 
to zero. The results are 



(R 

R o 



(Rl II o 

O + O/gJ 



( 9.1221 

(9.123) 


Combining R L and r 0 into a single resistance R s , we can redraw the circuit in the simplified 
from shown ii Fig, 9.32( b). Although one can derive the transfer function of this circuit, the 
resulting expression will be too complicated to yield insight regarding the role that each of the 
three capacitances plays. Rather, we shall first determine the location of the transmission zeros 
and then use the method of open-circuit time constants to estimate the 3-dB frequency, 
Although there are three capacitances in the circuit of Fig. 9.32(b), the transfer function is 
of the second order. This is because the three capacitances form a continuous loop. Todetfi 
mine the location of the two transmission zeros, refer to the circuit in Fig. 9.32(b), and not 
that V 0 is zero at the frequency at which C L has a zero impedance and thus acts as a short c' 
cuit across the output, which is coot s = «. Also, V will be zero at the value of s that causes 


9.7 High-Frequency Response of the Source and Emitter Followers 757 



Figure 9.32 Analysis of the high-frequency response of the source follower: (a) equivalent circuit; (b) 
simplified equivalent circuit; (c) determining the resistance R gJ seen by C^. 


Li It L III I V J1 L I11LU LIIC UllpCUdllkC ; 

transmission zero will be at s = s z , where 







(9.124) 


That is, the zero will be on the negative real axis of the s-plane with a frequency 



Recalling that the MOSFET’s co r = g m /(C gs + C gd ) and that C gd < 
will be very close to<y r , 



(9.125) 
we see that co z 



(9.126) 


Since the zero is at such a high frequency, we can employ the method ot open-circuit 
time constants to obtain an estimate of f H . Specifically, we will find the resistance seen by 
each of three capacitances C gJ , C g ,, and C L and then compute the time constant associated 
with each. With K si(1 set to zero and C gs and C L assumed to be open circuited, we tind by 
inspection that the resistance R g j seen by C.,j is given by 

R g d = r?sig 


o 

o 


(9. 
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o 


o 


Next, we consider the effect of C gs . The resistance R gs seen by C gs 
by straightforward analysis ol the circuit in Fig. 9.32(c) to obtain 



^sig + R L 

1 + g m R'i 


can be determined 



We note that the factor (1 + g m R[) in the denominator will result in reducing the effective 
resistance with which C gs interacts. 

Finally, it is easy to see from the circuit in Fig. 9.32(b) that C L interacts with R'\\ \/g . 


that is. 




1 



which is usually low because of 1 Ig m . Thus the effect of Q will be small. Adding all three 
time constants, we obtain T h and hence f H , 



f H = 7^— = 1/2^f (C gd R s \ g +C gs R gs +C l R C l ) (9.129) 

inz H 


9.25 Consider a source follower specified as follows: g m = 1,25 mA/V, r a = 20 k£2, /? sig = l> kli, 
Rj = 20 k£2, C g5 = 20 fF, C gd = 5 fF, and C L = 15 fF. Find A M , f T , and f z . Also, find R gdt 
R , R c , and hence the time constant associated with each of the three capacitances C gd , C gJ , 
and C L . Find r H and the percentage contribution to it from each of three capacitances. Find f H . 
Ans. 0.93 V/V; 8 GHz; 10 GHz; 10 kQ; 1.48 k£2; 0.74 k£2; 50 ps; 30 ps; 11 ps; 91 ps; 55%; 33%; 
12%; 1.75 GHz 


9.7.2 The Emitter Follower 

Figure 9.33(a) shows an emitter follower suitable for IC fabrication. It is biased b\ a 
constant-current source /. However, the circuit that sets the dc voltage at the base is not 
shown. The emitter follower is fed with a signal from a source with resistance R^- 
The resistance R L , shown at the output, includes the output resistance of current source 
I as well as any actual load resistance. 

^ i 

Analysis of the emitter follower of Fig. 9.32(ai to determine its low-frequency giM 
input resistance, and output resistance is identical to that performed in Section 6.6.6. We 
shall concent rate here on the analysis of the high-frequency response of the circuit. 

Figure 9.33(b) shows the high-frequency equivalent circuit. Lumping r 0 together with 
R L , and r x together with /? sjg and making a slight change in the way the circuit is drawn 
results in the simplified equivalent circuit shown in Fig. 9.33(c). We will follow a procedure 
for the analysis of this circuit similar to that used above for the source follower. Specifically 
to obtain the location of the transmission zero, note that V„ will be zero at the frequency h 
for which the current fed to R' is zero: 


g m Vs r+ 



+ s zP*V. 



0 
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Figure 9.33 (a) Emitter follower, (b) High-frequency equivalent circuit, (c) Simplified equivalent circuit. 


!'hus, 


S Z = “ 


gm +(1 / r x 1 

c. 


i 


C r 

^ n. e 


which is on the negative real-axis of the 5 -plane and has a frequency 


(0 7 - 


l 


C Y 

k' e 


(9.130) O 


(9.131) O 


This frequency is very close to the unity-gain frequency 0) T of the transistor. The other trans¬ 
mission zero is at 5 = oo . This is because at this frequency, Cy acts as a short circuit, making 

K zero, and hence V Q will be zero. 

Next, we determine the resistances seen by C \ and C For C fl the reader should be able 
to show that the resistance it sees, R it , is the parallel equivalent of R S j g and the input resistance 
looking into B'; that is. 


R„ = R'J [r K + (/?+ 1 ) r l\ 


(9.132) 


Equation (9.132) indicates that R p w ill be smaller than R ' ig , and since C M is usually very 
Mnall, the time constant C p R u will he correspondingly small. 
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The resistance R 7 seen by C n can be determined using an analysis similar to that 
employed for the determination of R gs in the MOSFET case. The result is 


R* = 


Rl 


t R' lf , K 
1 + - 2 * + — 


( 9 . 133 ) 


We observe that the term R[/r e will usually make the denominator much greater than unity, 
thus rendering R 7 rather low. Thus, the time constant C ^./? ff will be small. The end result is 
that the 3-dB frequency f H of the emitter follower, 

fn = 1 k\C pRjj + C^R 7 ] ( 9 , 134 ) 

will usually be very high. We urge the reader to solve the following exercise to gain familiarity 
with typical values of the various parameters that determine f H . 



9.26 For an emitter follower biased at I c - 1 mA ana having R sig = R L = 1 kU, r 0 = 100 kQ, 
P= 100, C p = 2 pF, and f T = 400 MHz, find the low-frequency gain, f z> R M , R x , and f H . 
Ans. 0.965 V/V; 458 MHz; 1.09 kQ; 51 Q; 55 MHz 




© 9.8 High-Frequency Response of Differential 

^Impiifiers 

In this section we study the high-frequency response of the differential amplifier. We 
will consider the variation with frequency of both the differential gain and the common- 
mode gain and hence of the CMRR, We will rely heavily on the study of frequency 
response of single-ended amplifiers presented in the sections above. Also, we will only 
consider MOS circuits; the bipolar case is a straightforward extension, as we saw above 
on a number of occasions. 


9.8.1 Analysis of the Resistively Loaded MOS Amplifier 

We begin with the basic, resistively loaded MOS differential pair shown in Fig. 9.34(a) 
Note that we have explicitly shown transistor Q s that supplies the bias current /. Although 
we are showing a 1c bias voltage K BIAS at its gate, usually Q s is part of a current mirror. T is 
detail, however, is of no consequence to our present needs. Most importantly, we are inter 
ested in the total impedance between node S and ground, Z ss . As we shall shortly see, “Bj 
impedance plays a significant role in determining the common-mode gain and the CMR ® 
the differential amplifier. Resistance R ss is simply the output resistance of current source & 
Capacitance C ss is the total capacitance between node S and ground and includes C db an ^ 

Q$> as we H ns C sb] , and C sb2 . This capacitance can be significant, especially it 
transistors are used for Q s , Q ]y and Q v 
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Figure 9.34 (a) A resistively loaded MOS differential pair; the transistor supplying the bias current is 
explicitly shown. It is assumed that the total impedance between node S and ground, consists of a resistance 

R_ in parallel with a capacitance C K . (h) Differential half-circuit, (c) Common-mode half-circuit. 


The differential half-circuit shown in Fig. 9.34(b) can be used to determine the frequency 
dependence of the differential gain V 0 / V h/ . Indeed the gain function A d (s) of the differential 
amplifier will be identical to the transfer function of this common-source amplifier. We 
studied the frequency response of the common-source amplifier at great length in Sections 
9.3 and 9.5 and will not repeat this material here. 



a 


9.27 A MOSFET differentia! amplifier such as that in Fig. 9.34(a) is biased with a current I = 0.8 mA. 
The transistors have W/L = 100, k' n = 0.2 mA/V 2 , V A = 20 V, C gs = 50 fF, C gd = 10 fF, and = 10 
fF. The drain resistors are 5 kQ each. Also, there is a 100-fF capacitive load between each drain 

and ground 

(a) Find V ov and g m for each transistor. 

(b) Find the differential gain A# 

(c) If the input signal source has a small resistance /? sjg and thus the frequency response is deter¬ 
mined primarily by the output pole, estimate the 3-dB frequency / w . {Hint. Refer to Section 9.5.6 

and specifically to Eq. 9.107.) 

(d) If, in a different situation, the amplifier is fed symmetrically with a signal source of 20 kft resist¬ 
ance (i.e., 10 kQ in series with each gate terminal), use the open-circuit time-constants method to 
estimate f H . {Hint: Refer to Section 9.5.3 and specifically to Eqs. [(9.85) and (9.86)].) 

Ans. (a) 0.2 V, 4 mA/V; (b) 18.2 V/V; (c) 291 MHz; (d) 53.7 MHz 
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The common-mode half-circuit is shown in Fig. 9.34(c). Although this circuit has other 
capacitances, namely C gd , and C db of the transistor in addition to other stray capaci- 
tances. we have chosen to show only 0^/2. This is because (C ss /2) together with (2J?,, 
forms a real-axis zero in the common-mode gain function at a frequency much lower than 
those of the other poles and zeros of the circuit. This zero then dominates the frequency 

dependence ot A cm and CMRR. 

If the output of the differential amplifier is taken single-endedly, then the common-mode 
gain of interest is V ocm /V lcm . More typically, the output is taken differentially. Nevertheless, 
as we have seen in Section 8.2, V ocm / V lcm still plays a major role in determining the common¬ 
mode nain. To be specific, consider what happens when the output is taken differentially and 
there is a mismatch AR D between the two drain resistances. The resulting common-mode gain 
was found in Section 8,2 to be (Eq, 8.49 ) 

( Rp ^ 

Acm ' ” v 2Rjs) R d (9 ‘ 135) 

which is simply the product of V^JV icm and the per-unit mismatch {M D /R D ). Similar 
expressions can be found for the effects of other circuit mismatches. The important pointto 
note is that the factor R 0 /2R SS is always present in these expressions. Thus, the frequency 
dependence of A t m can be obtained by simply replacing by in this factor. Doing so for 
the expression in Eq. (9.135) gives 



from which we see that A m acquires a zero on the negative real axis of the s-plane with 
frequency co z , 


or in hertz, 



1 


CssRss 




1 


2xCccR 


SS l 'SS 




As mentioned above, usually f 7 is much lower than the frequencies of the Other poles*® 
zeros. As a result, the common-mode gain increases at the rate of +6 dB/octave (2 
decade) starting at a relatively low frequency, as indicated in Fig. 9.35(a). Of course, * 
drops off at high frequencies because of the other poles of the common- mode ^ 
circuit. It is, however, f z that is significant, for it is the frequency at which the CM 
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k-ml CdB) 



W(*B) 



CMRR (dB) 



Figure 9.35 Variation of (a) common-mode gain, (b) differential gain, and (c) common-mode rejection 
ratio with frequency. ,tk! 
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Figure 9.36 The second stage in a differential amplifier, which is relied on to suppress high-frequency 
noise injected by the power supply of the first stage, and therefore must maintain a high CMRR at higher 
frequencies. 


the differential amplifier begins to decrease, as indicated in Fig. 9.35(c). Note that if both 
A d and A cm are expressed and plotted in dB, then CMRR in dB is simply the difference 
between A , and A . 

a CfTi 

Although in the foregoing we considered only the common-mode gain resulting from an 
R d mismatch, it should be obvious that the results apply to the common-mode gain resulting 
from any other mismatch. For instance, it applies equally well to the case of ag m mismatch, 
modifying Eq. (8.63) by replacing /? ss by Z„, and so on. 

Before leaving this section, it is interesting to point out an important trade-off found in 
the design of the current-source transistor Q s : In order to operate this current source with a 
small V DS (to conserve the already low V DI> ), we desire to operate the transistor at a low over¬ 
drive voltage V oy , For a given value of the current /, however, this means using a large H i 
ratio (i.e., a wide transistor). This in turn increases CV. and hence lowers /) with the result that 

L>|J ' “ | 

the CMRR deteriorates (i.e., decreases) at a relatively low frequency. Thus there is a trade¬ 
off between the need to reduce the dc voltage across Q s and the need to keep the CMRRf ea ' 
sonably high at higher frequencies. 

To appreciate the need for high CMRR at higher frequencies, consider the situation 

illustrated in Fig. 9.36: We show two stages of a differential amplifier whose power-supply 

voltage V DD is corrupted w ith high-frequency noise. Since the quiescent voltage at each of 

the drains of Q ] and Q 2 is [V DD - (I/l)R D ] f we see that v Dl and v D2 will have the same hiJi 

frequency noise as V DD . This high-frequency noise then constitutes a common-mode inp u * 

signal to the second differential stage, formed by Q l and Q r If the second differential stage 

is perfectly matched, its differential output voltage V v should be free ol high-frequeue, 

noise. However, in practice there is no such thing as perfect matching, and the second stage 

will have a finite common-mode gain. Furthermore, because of the zero formed by 

Qs of the second stage, the common-mode gain will increase with frequency, causing, so 

or the noise to make its way to V o . With careful design, this undesirable component o „ 
be kept small. 
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9.28 The differential amplifier specified in Exercise 9.27 has R^ = 25 kQ and C s , = 0.4 pF. Find the 
3-dB frequency of the CMRR. 

Ans. 15.9 MHz 






9.8.2 Analysis of the Active-Loaded MOS Amplifier 

We nexi consider the frequency response of the current-mirror-loaded MOS differential-pair 
circuit studied in Section 8.5. The circuit is shown in Fig. 9.37' a) with two capacitances 
indicated: C,„, which is the total capacitance at the input node of the current mirror, and C r 
which is the total capacitance at the output node. Capacitance C m is mainly formed by C y 

and C. v , but also includes C gdv C dbv and C dbv 

= Cgd i + Cdh\ + C db3 + Q 53 + Cgs* (9.139) O 

Capacitance C L includes C d2 , C db2 , C vw , C d4 as well as an actual load capacitance and/or the 
input capacitance of a subsequent stage (C x ), 

Q = C gd 2 + C db2 + C gd 4 + C db4 + C x (9.140) O 

These two capacitances primarily determine the dependence of the differential gain of this 
amplifier on frequency. 

As indicated in Fig. 9.37(a) the input differential signal / is applied in a balanced fashion 
and the output node is short-circuited to ground in order to determine the transconductance G, H . 




Figure 9.37 (a) Frequency-response analysis of the active-loaded MOS differential amplifier, (b) The 
overall transconductance G as a function of frequency. 

tn * 
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o 


Obviously, because of the output short circuit, C L will have no effect on G m , Transistor Q ] W || 
conduct a drain current signal of g m V id /2 f which flows through the diode-connected transis¬ 
tor Q 3 and thus through the parallel combination ot {1 g mi ) and C m , where we have 
neglected the resistances v G] and /' o3 which are much larger than ( 1 g m i), thus 


y g 3 = 


gml + S ^r, 


(9.141) 


In response to V^, transistor conducts a drain current I dA , 


Id4 gm4 ^ gi 


gm4 gm ytd^ ~ 


Sm3 


+ S C 


m 


Since g m3 = g mA , this equation reduces to 


IAA — 


g„ Vu/2 

lx C ” 

1 +s — 

g m} 

Now. at the output node the total output current that flows through the short circuit is 



I„ — IaA + / 


d4 T l d2 


g m yy2 

1 +S — 
§ m3 


+ gm( yid^ ) 


( 9 . 143 ) 


We can thus obtain G as 


1 +s 


C 


m 


_ o 

m ~ y 


= g 


^gml 


m 


1 + s 


C 


( 9 . 144 ! 


m 


§m 3 


Ihus, as expected, the low-frequency value of G tii is equal to g fl! of Q, and Q v At high fre¬ 
quencies, G m acquires a pole and a zero, the frequencies of which are 


© 


fpj ~ 


gml 

2nC 


( 9.1451 


m 


o 


and 


f7 ~ 


2& OT 3 


( 9 . 146 ) 


2 kC 


m 


That is, the zero frequency is twice that of the pole. Since C „ is approximately equ il 1 
C g s 2 + C gs4 - 2 C gs , we also have 


© 


fpl - 


Sm3 

2nC 


Sm3 


2/r(2C gs ) 


— ff/2 


( 9 . 147 ) 


and 


fz ~ fi 


o 


(9.148) 


9.8 High-Frequency Response of Differential Amplifiers 767 


J * 1 > 1 , T ^ mirror pole and zero 

occur at very high frequencies. Nevertheless, their effect can be significant. 

Figure 9.37(b) shows a sketch of the magnitude of G m versus frequency. It is interesting 
and useful to observe that the path of the signal current produced by 0 , has a transfer function 
different from that of the signal current produced by Q v It is the first signal that encounters C m 
and experiences the mirror pole. This observation leads to an interesting view of the effect of 
C„ on the overall transconductance G m of the differential amplifier. As we learned in Section 
8.5. at low frequencies /,, is replicated by the mirror Q i - Q t in the drain of & as I M , which 
adds to fj 2 ^ provide a factor-of -2 increase in G m (thus making equal to g r! , which is double 
the value available without the current mirror). Now, at high frequencies C m acts as a short cir¬ 
cuit causing FT, to be zero, and hence / /4 will be zero, reducing G m to g m /2 , as borne out by 
the sketch in Fig. 9.37(b). 

Having determined the short-circuit output current /„ we now multiply it by the total 
impedance between the output node and ground to determine the output voltage V, 


V ~ I - 

° M 

R 


I 


+ sC L 


0 


= G V 

m 


R 


Thus, 


V 


0 


id 


= (&AJ 


1 +sC l R 0 


t c ™i 





1 >| 

C 

m 

s — 

^1 +sC L Rj 


Sml - 


(9.149) 


where 



o 

o 


Thus, in addition to the pole and zero of G m , the gain of the differential amplifier will have a 
pole with frequency / Pl , 



1 

2ttC l R 0 


(9.150) O 


This, of course, is entirely expected, and in fact this output pole is often dominant, especially 
when a large loud capacitance is present. 



Consider an active-loaded MOS differential amplifier ot the type shown in Fig. 9.37(a). Assume that 

for all transistors, W/L = 7.2 pm/0.36 pm, C gs = 20 fF, C gd = 5 IF, and C db = 5 tF, Also, let /i n C 0X = 

= 6 V/pm. The bias current I = 0.2 mA, and 


387 pA/V 2 , juC m = 86 pA/V 2 , V'„= 5 V/pm, 


k Ap 


the bias current source has an output resistance R ss =25 kfi and an output capacitance C ss = 0.2 pF. 
In addition to the capacitances introduced by the transistors at the output node, there is a capacitance 
( r ot 25 fF. It is required to determine the low-frequency values of A d , A cm , and CMRR. It is also 
required to find the poles and zero of A d and the dominant pole ot CMRR. 
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Example 9.14 continued 

Solution 

Since / = 0.2 mA, each of the four transistors is operating at a bias current ot 100 pA. Thus, tor Q 
and Q 2 y 

100 = ix 387 x^xl^ K 


which leads to 

V ov = 0.16 V 


Thus, 





5x0.36 

0.1 


_ 2 x 0.1 
0.16 

= 18 kQ 


1.25 mA/V 


For Q % and Q, we have 


100 = ^ x 86 x 


7 2 2 

036 on ' 4 


Thus, 


V onA = 0.34 V, 


and 


2x01 

g , = g . = —- 0.6 mA/V 
Sm3 &m 4 0.34 

6 x 0.36 ~ 

r , = r.A - ——— = 21.6 kiz 


o 3 o 4 


0.1 


The low-frequency value of the differential gain can be determined from 

^d II ^"04) 

= 1.25(181|21.6) = 12.3 V/V 

The low-frequency value of the common-mode gain can be determined from Eq. (8.146 ) as 


t m 




1 


2x0.6x25 


= -0.033 V/V 


The low-frequency value of the CMRR can now be determined as 

CMRR = )—-.= = 369 

\A cm \ 0.033 


or, 


20 log 369 


51.3 dB 
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To determine the poles and zero of A d we first compute the values of the two pertinent capacitances 

C m and C r Using Eq. (9.139), F 

~ 6 + C dh[ -I- C db3 + c gj3 + 

= 5 + 5 + 5 -l- 20 + 20 = 55 fF 
Capacitance C L is found using Eq. (9.140) as 

^ L ~ ^gdl F f jb2 F E'gja F C rfM + C x 
= 5 + 5 + 5 + 5 + 25 = 45 fF 


Now, the poles and zero of ^ can be found from Eqs. (9.150), (9.145). and (9.146) as 


fp\ — 


1 


2 nC L R 0 


1 


2 *XQ(r 02 1 | r o4 ) 


2;rx45x 10 _l5 ( 18 |! 21.6)10 


fpi 


= 360 MHz 

Smi 


0.6 x 10 


-3 


2^x55x10 " 15 


= 1.74 GHz 


f z = 2f P1 = 3.5 GHz 


Thus the dominant pole is that produced by C,_ at the output node. As expected, the pole and zero of 
the mirror are at much higher frequencies. 

The dominant pole of the CMRR is at the location of the common-mode-gain zero introduced by 
C ss and R ss , that is. 



1 


2 xC ss R 


ss 


_ 1 _ 

2;rx 0.2 x 10 ~ 12 x 25 x 10 3 


= 31.8 MHz 

Thus, the C MRR begins to decrease at 31.8 MHz, which is much lower than f P] 



9.29 A bipolar current-mirror-loaded differential amplifier is biased with a cunent source / 1 mA. 

I he transistors are specified to have |f ,| = 100 V. The total capacitance at the output node is 2 
pF. Find the dc value and the frequency of the dominant high-frequency pole of the differential 

voltage gain. 

Ans. 2000 V/V; 0.8 MHz 
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© 9.9 Other Wideband Amplifier Configurations 

Thus far, we have studied one wideband amplifier configuration: the cascode amplifier. Cas- 
coding can. of course, be applied to differential amplifiers to obtain wideband differential 
amplification. In this section we discuss a number of other circuit configurations that are 
capable of achieving wide bandwidths. 


9.9.1 Obtaining Wideband!Amplification by Source 
and Emitter Degeneration 

As we discussed in Chapters 5 and 6 , adding a resistance in the source (emitter) lead of a CS 
CE > amplifier can result in a number of performance improvements at the expense of a 
reduction in voltage gain. Extension of the amplifier bandwidth, which is the topic of inter¬ 
est to us in this section, is among those improvements. 

Figure 9.38(a) shows a common-source amplifier with a source-degeneration resistance 
R As indicated in Fig. 9.38(b), the output of the amplifier can be modeled at low frequen¬ 
cies by a controlled current-source G m V t and an output resistance R a , where the transconduc¬ 
tance G m is given by 




(9.151) 


and the output resistance is given by 


o 


R 0 “ r o( i +&A) 


(9.1521 


Thus, source degeneration reduces the transconductance and increases the output resistance 
by the same factor, (1 + g m R s ). The low-frequency voltage gain can be obtained as 



V 


A/= rr = -0 m {R o II R l ) = -GJl 

V Slg 


(9.153) 


Let’s now consider the high-frequency response of the source-degenerated amplify 
Figure 9.38(c) shows the amplifier, indicating the capacitances C gs and C gd . A capacitance L 
that includes the MOSFET capacitance C db is also shown at the output. The method of ope 
circuit time constants can be employed to obtain an estimate of the 3 -dB frequency k 
Toward that end, we show in rig. 9.38(d) the circuit for determining R gd -> which is the rests 
tance seen by C gd . We observe that R gd can be determined by simply adapting the formula 
Eq. (9,84) to the case with source degeneration as follows: 

R,< = R*( l + C m R' L ) + R' l (9154) 


where 
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Figure 9,38 (a) The CS amplifier circuit, with a source resistance R,. (b) Equivalent-circuit representa¬ 
tion of the amplifier output. <c) The circuit prepared 'or frequency-response analysis, (d) Determining the 
resistance seen by the capacitance 
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Frequency Response 



The formula for R Cl can be seen to be simply 




The formula for is the most difficult to derive, and the derivation should be performed 
with the hybrid* Ji model explicitly utilized. The result is 




* s , g + R* 


1 + gn,Rs 


o 


\ 


r Q + R l J 


(9.157i 


When is relatively large, the frequency response will be dominated by the Miller 
multiplication of C gd . Another way for saying this is that < ? gd R gd wilt be the largest of the 
three open-circuit time constants that make up X H , 

t H - C gs R gs + C gd R gd + C l R Cl (9.158) 

enabling us to approximate T H as 



Cgd Rgd 


and correspondingly to obtain f H as 




1 


2 7tC gd R gd 


(9.159) 


(9.160) 


Now, as is increased, the gain magnitude, | = G m R[ , will decrease, causing R g j to 
decrease (Eq. 9.154), which in turn causes f], to increase (Eq, 9.160). To highlight the trade 
off between gain and bandwidth that R affords the designer, let us simplify the expression lor 
R gd in Eq. (9.154) by assuming that G m Rf> 1 and G ni R^ g 1, 

R gd — G^RiR^ — |^A/|^sig 


which can be substituted in Eq. (9.160) to obtain 





v 

which very clearly shows the gain-bandwidth trade-off. The gain-bandwidth product remains 
constant at 



o 


Gain-bandwidth product = |A v/ | f H = 


2 7rC gd R s \ g 
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In practice, however, the other capacitances will play a role in determining f t; . and the gain- 

bandwidth product will decrease somewhat as/?, is increased. 



9.30 Consider a CS amplifier having g m = 2mA/V, r 0 = 20 k£2, R,_ = 20kQ. * sig = 20 kQ. 

Cgs ~ fF, C gd — 5 fF, and C^ = 5 IT. (a) Find the voltage gain A w and the 3-dB frequency 
fn (using the method of open-circuit time constants) and hence the gain-bandwidth product. (b> 

Repeat (a) for the case in which a resistance R s is connected in series with the source terminal with 
a value selected so that e R = 2 . 

O fr) J 

Ans. (a) -20 V/V, 61.2 MHz, 1.22 GHz; (b) -10 V/V, 109 MHz, 1.1 GHz 


I 


9.9.2 The CD-CS, CC-CE and CD-CE Configurations 

In Section 7.6.1 we discussed the performance improvements obtained by preceding the CS 
and CE amplifiers by a buffer implemented by a CD or a CC amplifier, as in the circuits 
shown in Fig. 9.39. A major advantage of each of these circuits is wider bandwidth than that 
obtained in Die CS or CE stage alone. I'o see how this comes about, consider as an example 
the CD-CS amplifier in Fig 9.39(a) and note that the CS transistor Q 2 will still exhibit a 
Miller effect that results in a large input capacitance, C in2 , between its gate and ground. 
However, the resistance that this capacitance interacts with will be much lower than R sig ; 
the buffering action of the source follower causes a relatively low resistance, approximately 
equal to a 1 /g,„,, to appear between the source of and ground across C in2 . 



Figure 9.39 (a) CD-CS amplifier, (b) CC-CE amplifier, (e) CD-CE amplifier. 
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Example 9.15 


Consider a CC-CE amplifier such as that in Fig. 9.39(b) with the following specifications: /,=/,= 
l mA and identical transistors with (3 = 100, f T = 400 MHz, and C ' u - 2 pF. Let the amplifier be 
fed with a source V having a resistance R m = 4 kn, and assume a load resistance of 4 kQ. Find the 
voltage gain 4 M ,and estimate the 3-dB frequency, f H . Compare the results with those obtained with a 
CE amplifier operating under the same conditions. For simplicity, neglect i D and r x . 


Solution 

At an emitter bias current of 1 mA, Q\ and Q 2 have 

e = 40 mA/V 

o m 



r 


K 


Q + - 


25 Q 





2.5 ka 


40 x 10 

In x 400 x 10* 


15.9 pF 


C M = 2 pF 
C n = 13.9 pF 

The voltage gain A w can be determined from the circuit shown in Fig. 9.4(>(a) as follows: 

*in2 = r n2 = 2 - 5 

*in = (A + 1 X^l +^in2) 

= 101(0.025 + 2.5) = 255 kQ 


Thus, 


*41 = = 255 

r Mg + 255+4 


0.98 V/V 


*42 R in2 


^41 R m2 + r e[ 

K, 

y~ - 8m2 R L ~ 

y b2 


2.5 

2.5 + 0.025 


0.99 V/V 


-40x4 = -160 V/V 


V 

a m = TT- = -160x0.99 x0.98 = -155 V/V 

*sig 

ft 

To determine f H we use the method of open-circuit time constants. Figure 9.40(1 ) shows the cir 
cuit with set to zero and lie four capacitances indicated. Capacitance sees a resistance 

R p ] > 



= ii «i„ 

= 4 1255 = 


3.94 ka 
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(c) 


Figure 9.40 Circuits for Example 9.14: (a) the CC—CE circuit prepared tor low-frequency, small-signal 
analysis; <b) the circuit at high frequencies, with set to zero to enable determination of the open-circuit 
time constants; (c) a CE amplifier for comparison, 


To find the resistance R ,, seen by capacitance C ffl we refer to the analysis ot the 
high-frequency response of the emitter follower in Section 9.7.2. Specifically, we adapt Eq. 

(9.133) to the situation here as follows: 



* S ig + R m2 






_ 4000 + 2500 

, 4000 2500 

2500 25 


63.4 a 
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Example 9.15 continued 

Capacitance C n2 sees a resistance R n2 , 


R*2= r «z\\ r 


out 1 


= r 


tt2 


r e i + 


R n 

sig 


= 2500 


25 + 


A +1- 

4000 


101 


= 63 Q 


t 'apacitance C^-> sees a resistance R^ - To determine R refer to the analysis ot the frequency 
response of the CE amplifier in Section 9.5 to obtain 


Rgl = ( 1 + gm2 R i)( R in2 II ^outl ) + R l 


= (1+40x4) 


2500 II f25 + ^52!T| 

ZJUU H ioi yj 


+ 4000 


= 14,143 Q —14.1 kQ 


We now can determine t h from 

tjf/ = Cfl\ R fl\ ff\ R K\ "** ^p2 R fl2 "I” ^ rfl R 7tl 

= 2x3.94 + 13.9x0.0634 + 2 x 14.1 + 13.9x0.063 
= 7.88 + 0.88 + 28.2 + 0.88 = 37.8 ns 

We observe that C ff , and play a very minor role in determining the high-frequency response. As 
expected, C u2 through the Miller effect plays the most significant role. Also, C Ml , which interacts 
directly with (R s || R in ) , also plays an important role. The 3-dB frequency f H can be found as fol¬ 
lows: 


fn = 


1 


1 


2zt h 2k x 37.8 x 10 9 


= 4.2 MHz 


For comparison, we evaluate A M and f H of a CE amplifier operating under the same conditions. 
Refer to Fig. 9.40(c). The voltage gain A M is given by 


A m - 


R 


in 


R m + R s\g 


(Sm R L) 


V 


''/r+rtsig 


(~gm R L) 


2.5 


2.5 + 4 


-(-40 x 4) 


= -61.5 V/V 


R n= r n 


R sig = 2.5 || 4 = 1.54 kf 1 


R v= O +sJW*llrj + * £ 


= (1 + 40 x 4)(4 || 2.5)+ 4 


= 251.7 kO 
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Thus, 


T H ~ C 

= 13.9 x 1.54 + 2x251.7 
= 21.4 + 503.4 = 524.8 ns 

Observe the dominant role played by C p . The 3-dB frequency f H is 


fH- rjrr =- ' - 5 = 303 kHz 

1kt h 2/rx 524.8 x 10 

Thus, including the buffering transistor Q x increases the gain, \AJ\ , from 61.5 V/V to 155 VA-a factor 
of 2.5— and increases the bandwidth from 303 kHz to 4.2 MHz—a factor of 13.9! The gain-handwidth 
product is increased from 18.63 MHz to 651 MHz—a factor of 35! 


9 . 9.3 The CC-CB and CD-CG Configurations 

In Section 7.6.2 we showed that preceding a CB or CG transistor with a buffer implemented 
with a CC or a CD transistor solves the low-input-resistance problem of the CB and CG 
amplifiers. Examples of the resulting compound-transistor amplifiers are shown in Fig. 9.41. 
Since in each of these circuits, neither of the two transistors suffers from the Miller effect, 
the resulting amplifiers have even wider bandwidths than those achieved in the compound 
amplifier stages of the last section. To illustrate, consider as an example the circuit in 



Figure 9.41 (a) A CC-CB amplifier, (b) Another version of the CC-CB circuit with Q , implemented 
using a ptjp transistor, (c) The MOSFET version of the circuit in (a). 
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Fig. 9.41(a).' 0 The low-frequency analysis of this circuit in Section 7,6.2 provides f 0r tht 
input resistance. 


R ijt = ($ + 0(^l + ^2) 



which for r e \ — — r e an< ^ ~~ A ~~ $ becomes 



If a load resistance R L is connected at the output, the voltage gain V Q /V S will be 

K _ ch*L _ l R 

V, > e{ + r e2 2 




Now, if the amplifier is fed with a voltage signal f sig from a source with a resistance fl 

Slg 1 

the overall voltage gain will be 


K, g 2(jt m +\) (sM 




The high-frequency analysis is illustrated in Fig. 9.42(a). Here we have drawn the 
hybrid-^ equivalent circuit for each of Q x and Q 2 . Recalling that the two transistors are 
operating at equal bias currents, their corresponding model components will be equal (i.e., 
r n\ ~ r ni * C*i = ^*2 > etc -)- With this in mind the reader should be able to see that F ; = 
— V n i and the horizontal line through the node Labeled E in Fig. 9.42(a) can be deleted. Thus 
the circuit reduces to that in Fig. 9.42(b). T his is a very attractive outcome because the 
circuit shows clearly the two poles that determine the high-frequency response: I he pole at 
the input, with a frequency /}> l , is 



1 




+ C„)(R 


Slg 



(9.167) 



and the pole at the output, with a frequency f P2 , is 


fpi — 


1 


2 kC u R l 


(9.168) 


This result is also intuitively obvious: The input impedance at B, of the circuit in Fig. 9.42(a) 
consists of the series connection of r„ ( and r nl in parallel with the series connection of Cj] 

1 ^ Then there is C^ in parallel. At the output, we simply have Rl in parallel with 


C 




Whether one ot the two poles is dominant will depend on the relative values of 7? s j g and 
R l . If the two poles are close to each other, then the 3-dB frequency f H can be determined 
either by exact analysis—that is, finding the frequency at which the gain is down by 3 dB— 
or by using the approximate formula in Eq. (9.68), 




10 The results derived for the circuit in Fig. 9.41(a) apply directly to the circuit of Fig. 9 . 41 (b)and“' ;l 
appropriate change of variables to the MOS circuit of Fig. 9.41(c). 
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(b) 


Figure 9.42 (a) Equivalent circuit for the amplifier in Fig. 9.41(a). (b) Simplified equivalent circuit. Note 
that the equivalent circuits in (a) and (b) also apply to the circuit shown in Fig. 9.41(b). In addition, they can 
be easily adapted for the MOSFET circuit in Fig. 9.41(c), with 2 r x eliminated, C g replaced with C gs , 
replaced with C gd , and V„ replaced with f gJ . 



9.31 For the CC-CB amplifier of Fig. 9.41(a), let/-0.5 mA, P ^ 100 ,C X ~ 6pF,C^- 2pF, R S)g 

10 kQ, and R s = 10 kQ . Find the low-frequency overall voltage gain A Xi , the frequencies of the 
poles, and the 3-dB frequency f H . Find/ W both exactly and using the approximate formula in Eq. 

(9.169). _ .hh mu 

Ans. 50 V/V; 6.4 MHz and 8 MHz; f H by exact evaluation = 4.6 MHz;/„ using Eq. (9.169) - 

5 MHz. 


9.10 Multistage Amplifier Examples 

We conclude this chapter with the frequency-response analysis of the two multistage ampli¬ 
fiers we studied in Section 8.6. As we shall see, these are relatively complex circuits. Sim¬ 
ply replacing each transistor with its high-frequency, equivalent-circuit model will make it 
exceedingly difficult for pencil-and-paper analysis, and will most certainly not lead to any 
analysis and design insight. Rather, we will use the knowledge and experience we ave 
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sained throughout this chapter to decide on ways to simplify the analysis. Our objective is 
multifold: to be able to pinpoint the part or parts of a circuit that limit its high-frequency 
performance, to understand how this limitation comes about, to obtain an estimate of the 
3-dB bandwidth f H , and finally and most importantly, to find ways to improve the design of 
the circuit so as to extend its high-frecjuency operation. 

It is useful at this juncture to point out that computer simulation using PSpice and Multisim 
is a very valuable tool for the circuit designer, especially when frequency-response analysis is 
under consideration. Nevertheless, it is a tool that has to be used judiciously and certainly not as 
a replacement for a first-cut pencil-and-paper analysis. Circuit simulation, by utilizing sophisti¬ 
cated device models, will enable the designer to obtain a reasonably accurate prediction of what 
to expect after the circuit has been fabricated. It the expected performance is unsatisfactory, the 
designer will then have the opportunity to alter the design to meet specifications. 



9.T0.1 Frequency Response of the Two-Stage CMOS Op Amp 

Figure 9.43 shows the two-stage CMOS amplifier we studied in Section 8 . 6 . 1 . Before con¬ 
tinuing with this section, we urge the reader to review Section 8.6,1 and Example 8.5. To 
analyze the frequency response of the two-stage op amp, consider its simplified small-signal 

equivalent circuit shown in Fig. 9.44. Here G ml is the transconductance of the input stage 
(G ml = g mi = g m2 ), R t is the output resistance of the first stage ( R { = r n2 1| r 0 4 ), and C, is the 
total capacitance at the interface between the first and second stages 

= C gd4 + C Jh4 + C gd2 + C dh 2 + C gs6 



G ml is the transconductance of the second stage < G ml = g^j, R : is the output resistance of the 
second stage (R 2 - r„ 6 1| r (i7 ), and C 2 is the total capacitance at the output node of the op amp 

= Cdbb + Cdbl + ^ gdl + G L 







Figure 9.43 Two-stage C MGS op-amp configuration. 
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Figure 9,44 Equivalent circuit of the op amp in Fig. 9.43. 


where C is the load capacitance. Usually C L is much larger than the transistor capacitances, 
with the result that C\ is much larger than C r Capacitor C c is deliberately included for the pur¬ 
pose of equipping the op amp with a uniform -6-dB/octave frequency response. In the follow¬ 
ing. we shall see how this is possible and how to select a value for C c Finally, note that in the 
equivalent circuit of Fig. 9.44 we should have included C gdb in parallel with Usually, how¬ 
ever, C c C gdS , which is the reason we have neglected C ^ 

To determine V ,, analysis of the circuit in Fig. 9.44 proceeds as follows. Writing a node 
equation at node D ; . yields 

G ml V u +'-f + sC , V a + iC c ( V a - V 0 ) = 0 (9.170) 

Writing a node equation at node D 6 yields 

C m2 V,2+T+sC 2 K+sC c (K-y l2 ) = 0 (9.171) 

k 2 

:’o eliminate V a and thus determine f in terms of V id , we use Eq. (9.171) to express V a in 
terms of V and substitute the result into Eq. (9.170). After some straightforward manipula- 

Q 1 

tions we obtain the amplifier transter tunction 

K = _ G^G'H-sCJR^ _ 

v 'd 1 +s[C l R ] + C 2 R : + C c (G m 2 R ] R2 + R ] +R2)\+s : [C ] C 2 + C c (C ] +C 2 )]R l R 2 

(9.172) 


First we note that for s = 0 (i.e., dc), Eq. (9.172 1 gives V Q /l id - {G m \R\){G m2 R 2 ), which 
is what we should have expected. Second, the transter function in Eq. (9.172) indicates that 

the amplifier has a transmission zero at 5 = which is determined from 

G m i'S 2 C c = 0 




In other words, the zero is on the positive real axis with a frequency (t) z of 



(9.173) 



(9.174) O 
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Also, the amplifier has two poles that are the roots of the denominator polynomial of 
Eq. (9.172). If the frequencies of the two poles are denoted co P] and then the denominator 
polynomial can be expressed as 


£>(s) 





3 



6) P\ ®P2 


Now if one of the poles 
be approximated by 


is dominant, say with frequency 0 ) PI , then 0) PX < m P2 , and D{s) Can 


v . s s : 

D(s) - 1 +— +- 

COp | COp\ COpi 



The frequency of the dominant pole, a) pv can now be determined by equating the coeffi 
cients of the s terms in the denominator in Eq. (9.172) and in Eq. (9.175 ), 


1 

ft) — -- 

^ C\R\ + G 2 R 2 T G^G^RjR] T R t T R2 ) 


_1_ 

R\[C ] + C c (l + G m2 R 2 )] + R 2 (C 2 + C c ) 


( 9 , 176 ) 


We recognize the first term in the denominator as arising at the interface between the first and 
second stages. Here, R r the output resistance of the first stage, is interacting with the total capac¬ 
itance at the interface. The latter is the sum of C, and the Miller capacitanceC c ( 1 + G (n2 7? 2 ), 
which results from connecting C c in the negative feedback path of the second stage whose gain 
is G m2 R 2 • Now, since 7? ( and R 2 are usually of comparable value, we see that the first term in the 
denominator will be much larger than the second and we can approximate co P] as 

_ _1_ 

Wp ' *i[C, + C c (l + G. J * 1 )] 

A further approximation is possible because C, is usually much smaller than the Miller 
capacitance andG m2 /?e > 1, thus 




1 

R\G c G m2 R 2 


( 9 . 177 ) 


The frequency of the second, nondominant pole can be found by equating the coefficients of 
the s 2 terms in the denominator of Eq. (9.172) and in Eq. (9.175) and substituting for ty, 
from Eq. (9.176). The result is 



_ G m 2C c _ 

CjC 2 + C c ( C j + C 2 ) 


Since C, C 2 and Cj C c , can be approximated as 



In order to provide the op amp with a uniform gain rolloff of -20 dB/decade down to 0 dB, 
the value of the compensation capacitor C t is selected so that the resulting value of 4i 
(Eq. 9.177), when multiplied by the dc gain (G ml R i G m2 R 2 ) f results in a unity-gain frequency 
a), lower than m z and co n . Specifically 



(G m \R\G m2 R 2 ) (o P \ 



(9.179 
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which must be lower than CO z 
point in Section I — • 1 ■ 



and co P2 



. We will have more to say about this 



D9.32 Consider the frequency response of the op amp analyzed in Example 8,5. Let C, =0.1 pF and C, = 
2 pF. Find the value of C c that results in f] —10 MHz and verify that / is lower than f z and Recall 
from the results of Example 8.5, that G ml = 0.3 mA/V and G nP = 0.6 mA/V. 

Arts. C c = 4.8 pF; f z = 20 MHz \f pl = 48 MHz 



9.10.2 Frequency Response of the Bipolar Op Amp 
of Section 8.6.2 

We urge the reader to review Section 8.6.2 and Examples 8.6 and 8.7 before studying this 
section. The bipolar op-amp circuit shown earlier in Fig. 8.43 is rather complex. Neverthe¬ 
less. it is possible to obtain an approximate estimate of its high-frequency response. Fig¬ 
ure 9.45(a) shows an approximate equivalent circuit for this purpose. Note that we have 
utilized the equivalent differential half-circuit concept, with Q 2 representing the input stage 
and Q c representing the second stage. We observe, of course, that the second stage is not 
symmetrical, and strictly speaking the equivalent half-circuit does not apply. Nevertheless, 
we use it as an approximation so as to obtain a quick pencil-and-paper estimate of the domi¬ 
nant high-frequency pole of the amplifier. More precise results can of course be obtained 

using computer simulation with SPICE. 

Examination of the equivalent circuit in Fig. 9.45(a) reveals that if the resistance of the 
source of signal f is small, the high-frequency limitation will not occur at the input but rather 
at the interface between the first and the second stages. This is because the total capacitance at 
node A will be high as a result of the Miller multiplication of C pS . Also, the third stage, formed 
by transistor Q v should exhibit good high-frequency response, since Q-, has a large emitter- 
degeneration resistance, R .. The same is also true tor the emitter-follower stage, Q%. 

To determine the frequency of the dominant pole that is formed at the interface between 
Q and Q, we show in Fig. 9.45(b) the pertinent equivalent circuit. The total resistance 

between node A and ground can now be found as 

Req ~ Rl II r o2 II 

and the total capacitance is 

C cq = Cfj 2 + G*5 + G^5 ( 1 + SmS^Ls) 

where 

R L5 = Ri || r oS 11^/3 

The frequency of the pole can be calculated from R ^ and as 

1 
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(b) 


Figu re 9.45 (a) Approximate equivalent circuit for determining the high-frequency response of the 
op amp of Fig. 8.43. (b> Equivalent circuit of the interface between the output of Q , and the input of Q r 


9.33 Determine R^, C^, and f p for the amplifier in Fig. 8.43, utilizing the facts that () 2 is biased at 0.25 

mA and Q, at 1 mA. Assume/?= 100, F,= 100 V,/.= 400 MHz, andC =2pF. Assume R L , =* Rv 
Arts. 2.21 kI2; 258 pF; 280 kHz * P 


Summary 

■ The coupling and bypass capacitors utilized in discrete- 
circuit amplifiers cause the amplifier gain to fall off at 
low frequencies. The frequencies of the low-frequency 
poles can be estimated by considering each of these ca¬ 
pacitors separately and determining the resistance seen by 
the capacitor. The highest-frequency pole is the one that 
determines the lower 3-dB frequency f] . 


• * 

■ Both the MOSFET and the BJT have internal capacitive 
effects that can be modeled by augmenting the device ) 
brid-/r model w'ith capacitances. Usually at least two ca 

pacitances are needed: C gs and C gd (C^andC^, f° r ^ ’ 
BJT). A figure-of-merit for the high-frequency operate 
of the transistor is the frequency fj at which the short c ^ 
cuit current gain of the CS (CE) transistor reduces 
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unity. For the MOSFET, f T ~ g m /2x(C gs + C gd ) , and 
for the BJT. f T = g m /2n{C x + C„). 

m The internal capacitances of the MOSFET and the BJT 
cause the amplifier gain to fall off at high frequencies. 
An estimate of the amplifier bandwidth is provided by 
the frequency f n at which the gain drops 3 dB below its 
value at midband, A M . A figure-of-merit for the ampli¬ 
fier is the gain-bandwidth product GB = A M f H . Usual¬ 
ly ^ it is possible to trade off gain for increased bandwidth, 
with GB remaining nearly constant. For amplifiers with a 
dominant pole with frequency f H , the gain falls off at a 
uniform 6-dB/octave (20-dB decade) rate, reaching 0 dB 
at /, = GB . 

■ The high-frequency response of the CS and CE ampli¬ 
fiers is severely limited by the Miller effect: The small 
capacitance C gd (C^) is multiplied by a factor approx¬ 
imately equal to the gain from gate to drain (base to 
collector) g m R', and thus gives rise to a large capaci¬ 
tance at the amplifier input. i he increased C in interacts 
with the effective signal-source resistance/?' ig and 
causes the amplifier gain to have a 3-dB frequency 
f„= \/2%R' sie C in . 

■ The method of open-circuit time constants provides a 
simple and powerful way to obtain a reasonably good 
estimate of the upper 3-dB frequency f H . The capaci¬ 
tors that limit the high-frequency response are consid¬ 
ered one at time with F sjg = 0 and all the other 
capacitances set to zero (open circuited). The resistance 
seen by each capacitance is determined, and the overall 
time constant t H is obtained by summing the individual 

time constants. Then /// is found as 1/2 . 


■ The C’G and CB amplifiers do not suffer from the Miller 
effect. I bus the cascode amplifier, which consists of a 
cascade of a CS and CG stages (CE and CB stages), can 
be designed to obtain wider bandwidth than that achieved 
in the CS (CE) amplifier alone. The key, however, is to 
design the cascode so that the gain obtained in the C’S 
(CE) stage is minimized. 

■ The source and emitter followers do not suffer from the 
Miller effect and thus feature wide bandwidths. 

■ The high-frequency response of the differential amplifier 
can be obtained by considering the differential and 
common-mode half-circuits. The CMRR falls off at a rel¬ 
atively low frequency determined by the output imped¬ 
ance of the bias current source. 

■ 1 he high-frequency response of the current-mirror-loaded 
differential amplifier is complicated by the fact that there 
are two signal paths between input and output: a direct 
path and one through the current mirror. 

■ Combining two transistors in a way that eliminates or 
minimizes the Miller effect can result in a much wider 
bandwidth. Some such configurations are presented in 
Section 9.9. 

■ I he key to the analysis of the high-frequency response of 
a multistage amplifier is to use simple macro models to 
estimate the frequencies of the poles formed at the inter¬ 
face between each two stages, in addition to the input and 
output poles. The pole with the lowest frequency domi¬ 
nates and determines f H . 





Computer Simulation Problems 


SIM 


Problems identified 


by this icon are intended to 


demonstrate the value of using SlMCE simulation to 
verify hand analysis and design, and to investigate im¬ 
portant issues such as gain-bandwidth tradeoff. In¬ 
structions to assist in setting up PSpice and Multisim 
simulations for all the indicated problems can be found 
in the corresponding files on the disc. Note that it a par¬ 
ticular parameter value is not specified in the problem 

* 

statement, you are to make a reasonable assumption. 
* difficult problem; ** more difficult; *** very chal- 
' en ging and/or time-consuming; D: design problem. 


Section 9.1: Low-Frequency Response of the 
CS and CE Amplifiers 

D 9.1 The amplifier in Fig. P9.1 is biased to operate at g m 
- i mA/V. Neglecting r find the midband gain.! ind the value 

of C s that places j] at 20 Hz. 

9,2 Consider the amplifier of Fig. 9.2(a). Let R D = 10 kU, r a 
= 100 k LX and R, - 10 k£2. Find the value of C a , specified to 
one significant digit, to ensure that the associated break fre¬ 
quency is at, or below, 10 Hz. If a higher-power design results 
in doubling / 0 , with both R 0 and r 0 reduced by a factor of 2, 
what does the comer frequency (due to C a ) become? For 
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'DP 

A 


Rn= 10 kfi 



Figure P9.1 

increasingly higher-power designs, what is the highest comer 
frequency that can be associated with C a ? 

9.3 The NMOS transistor in the discrete C'S amplifier circuit 
ofFig. P9.3 is biased to have g m = 5 mA/V. Find A w f pv /,, 
and/. 


Voo 


\i<J 


4.7 kQ 


100 kfl 

■"WV- 


0.01 /rF 



-■u 


0.1 


o V o 


10 kU 


sig \ - 


10 MU 


kO 


IOjuF 


Figure P9.3 

D 9.4 Consider the low-frequency response of the CS 
amplifier ofFig. 9.2(a). Let R w = 0.5 MQ, R G = 2 MCI. g m = 

3 mA/V, R D — 20 kQ, and R F — 10 kQ. Find A^ r Also, design 
the coupling and bypass capacitors to locate the three low- 
frequency poles at 50 Hz, 10 Hz, and 3 Hz. Use a minimum 
total capacitance, with capacitors specified only to a single sig¬ 
nificant digit. What value of / results? 

D 9.5 A particular version of the CS amplifier in Fig. 9.2 uses 
a transistor biased to operate with g m = 5 mA/V. Resistances 
*sig= 200ka, R c = 10 MQ, R 0= 3kQ, and 
R l - 5 kQ . As an initial design, the circuit designer selects 
C c , - C C2 = C s = 1 pF, Find the frequencies f p , , f p ., 
and f p 3 and rank them in order of frequency, highest first. Cal¬ 


culate the ratios of the first to second, and second to thinj 
final design requires that the first pole dominate at 10 H ' 
the second a factor of 4 lower, and the third another a factor 
4 lower. Find the values of all the capacitances and the 'toy 
capacitance needed. If the separation factor were Id ^ 
capacitor values and total capacitance would be needetpH 
You can see that the total capacitance need not be much S 
to spread the poles, as is desired in certain applications) 

D 9.6 Repeat Example 9.1 to find C 5 , C c ,, and C r that 
provide f L ~ 20 Hz and the other pole frequencies at 4 Hz and 
1 Hz. Design to keep the total capacitance to a minimum. 

D 9.7 Reconsider Exercise 9.1 with the aim of finding a bet 
ter-performing design using the same total capacitance, that is 
3 pF. Prepare a design in which the break frequencies are sera- 
rated by a factor of 5 (i.e.,/ f/5, and //25). What are the three 
capacitor values, the three break frequencies, and f L that you 
achieve? 

9.8 Repeat Exercise 9.2 for the situation in which C F = 50 
pF and C C] = C c2 = 2 pF. Find the three break frequencies 
and estimate f L . 

D 9.9 Repeat Example 9.2 for a related CE amplifier whose 
supply voltages and bias current are each reduced to half their 
original value but R B , R C .R , and R t are left unchanged. 
Find C c , , C E , and C c2 for f L =- 100 Hz. Minimize the total 
capacitance used, under the follow ing conditions. Arrange that 
the contributions of C E , C cl , and C c2 are 80%, 10%, and 
10%, respectively. Specify capacitors to two significant digits, 
choosing the next highest value, in general, for a conservative 
design, but realizing that for C F , this may represent a larger 
capacitance increment. Check the value of f L that results. 
[Note: An attractive approach can be to select C E on the small 
side, allowing it to contribute more than 80% to /, while 
making C cl and C c2 larger, since they must contribute less to 

h) 

D 9.10 A particular current-biased CE amplifier operating at 
100p.A from ±3 -V power supplies employs R E - 20kfi, 
Rp— 200 kQ ; it operates between a 20-kQ source and a 10- 
kQ load. The transistor (3= 100. Select Qfirst for a 
minimum value specified to one significant digit and providing 
up to 90% of f L . Then choose C C] and C c2 , each specified to 
one significant digit, with the goal of minimizing the tot ^ 
capacitance used. What f t results? What total capacitance is 
needed? 

9.11 Consider the common-emitter amplifier of Fig. W*1 
under the following contritions: R si% = 5 kQ, R\ - 33 
kQ, R e = 3.9 kQ, R c = 4.7 kQ, R L = 5.6 kQ, V C c ~ 5 V * 
emitter current can be shown to be I, — 0.3 mA, at w 
J3 = 120. Find the input rest stance R,„ and the midbandgan 
If C cl = C c7 = 1 jiF and C B = 20 pF, find the three break 
quencies and f n and an estimate for/. Note that £ 
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v cc 

k A 



Figure P9.11 

O 9.12 For the amplifier described in Problem 9.11, design 
the coupling and bypass capacitors for a lower 3-dB frequency 
of 100 Hz. Design so that the contribution of each of C n and 
C, to determining / is only 5%. 

LX 

9.13 Consider the circuit of Fig. P9.ll. For R sjg - 10 kQ, 
R b = R,||R, = 10 kQ, r n = 1 kQ, = 100, and R E = 1 kQ, 
what is the ratio C E /C cx that makes their contributions to the 
determination of/ equal? 

D '9.14 For the common-emitter amplifier of Fig, P9.14, 
neglect r„ and assume the current source to be ideal. 

(a) Derive an expression for the midband gain. 


^cc 

A 



t 


(b) Derive expressions for the break frequencies caused by 
C £ and C c . 

(c) Give an expression for the amplifier voltage gain A(s). 

(d) For R ilg = R c = R l = 10 kQ, /? = 100, and /= 1 mA, find 
the value of the midband gain. 

(e) Select values for C £ and C ( to place the two break 
frequencies a decade apart and to obtain a lower 3-dB fre¬ 
quency of 100 Hz while minimizing the total capacitance. 

(f) Sketch a Bode plot for the gain magnitude, and estimate 
the frequency at which the gain becomes unity. 

(g) Find the phase shift at 100 Hz. 

9.15 The BJT common-emitter amplifier of Fig. P9.15 
includes an emitter degeneration resistance R e . 

(a) Assuming a — 1, neglecting and assuming the cur¬ 
rent source to be ideal, derive an expression for the small- 
signal voltage gain ,4(s) = V f) / F sig that applies in the mid¬ 
band and the low-frequency band. Hence find the midband 
gain A M and the lower 3-dB frequency /, 

(b) Show that including R reduces the magnitude of Ay by 
a certain factor. What is this factor? 

(c) Show that including R reduces / by the same factor as 
in (b) and thus one can use R e to trade-off gain for band¬ 
width. 

(d) For / = 0.25 mA, R ( = 10 kQ and C E = 10 pF, find |A J 
and / with R, = 0. Now find the value of R, that lowers/ 
by a factor of 5. What will the gain become? Sketch on the 
same diagram a Bode plot for the gain magnitude for both 

cases. 


Vcc 

A 



Figure P9.14 


Figure P9.15 
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Section 9.2: Internal Capacitative Effects and 
the High-Frequency Model of the MOSFET 
and the BJT 

9.16 Refer to the MOSFET high-frequency model in Fig. 

9.6(a). Evaluate the model parameters for an NMOS transis¬ 
tor operating at I D — 100 pA, = 1 V, and = 1.5 V. 
The MOSFET has W = 20 pm, L = 1 pm, t a = 8 nm. //„ = 
450 cmWs, y - 0.5 V'% = 0.65 V, 2 = 0.05 V* 1 , V 0 = 

0.7 V, C M = C M =\S fF, a nd L m , = 0 .05 pm. (Recall that 
g mb = where % = y/{2j2<p f + V SB ).) 

9.17 Find / r for a MOSFET operating at /„ = 100 pA and 

V oy =0.2 V. The MOSFET has = 20 fF and = 5 fF. 

9.18 Starting from the expression of f T for a MOSFET, 


Jt ~ i 


g 


m 


2 MC gs + C gd ) 


and making the approximation that C and that the 

overlap component of C_ is negligibly small, show that 

Cr 


fr ~ 


1.5 MJi 


xL m2 C 0Jt WL 


Thus note that to obtain a high j) from a given device, it must 
be operated at a high current. Also note that faster operation is 
obtained from smaller devices. 

9.19 Starting from the expression for the MOSFET unity-gain 
frequency, 

Sm 


Jt ~ 5 


2 x(C gs + C ed ) 




and making the approximation that C, §> C , and that the 
overlap component of C gs is negligibly small, show that 
for an ^-channel device 


/t ~ 


or 

AkV 


Observe that for a given channel length. f r can be increased by 
operating the MOSFET at a higher overdrive voltage. Evaluate 
f T for devices with L - 1.0 pm operated at overdrive voltages 
of 0.25 V and 0.5 V. Use p n = 450 cnr/Vs. 


9.20 It is required to calculate the intrinsic gain A and 

unity-gain frequency f T of an ^-channel transistor Fabric! 1 
in a 0.18-pm C MOS process for which L - q | 

(1 = 450 cm ’,'V s. and V'= 5 Vl\ua. The de“i c 'e i s 

ated at V or = 0.2 V. Find A 0 and f T f or devices with 


I - L L 
results in a table. 


L 


mm 


’ anc * 5 ^min- Present 


your 


9.21 A particular BJT operating at I r = 1 mA has C = | c 
C n = 10 P F, and/3 = 100. What are f T and f fi for this situation? 

9.22 For the transistor described in Problem 9 21 c 
includes a relatively constant depletion-layer capacitance of 
2 pF. If the device is operated at I c = 0.2 mA, what does its 
f T become? 

9.23 An npn transistor is operated at l c = 0.5 mA and V ~ 
2 V. It has A = 100, V A = 50 V, t f = 30 ps, C JA = 20 fF. C*= 
30 fF, = 0.75 V, m CBJ = 0.5, and r x = 100 Q. Sketch the com¬ 
plete hybnd-zr model, and specify the values of all its compo¬ 
nents. Also, find f r 

9.24 Measurement of h fe of an npn transistor at 50 MHz shows 
that | hjl- 10 at I c - 0.2 mA and 12 at l c = 1.0 mA.Furthermore, 
Cp was measured and found to be 0.1 pF. Find/ r at each of the 
two collector currents used. What must and C be? 

9.25 A particular small-geometry BJT has f T of 8 GHz and ( 
= 0.1 pF when operated at / ( = 1 .0 mA. What is C K in this situa¬ 
tion? Also, find g m . For /?= 160, find r K and fp. 

9.26 For a BJT whose unity-gain bandwidth is 2 GHz and /j 
= 200 , at what frequency does the magnitude of A*, become 20 ? 
What is4? 

*9.27 For a sufficiently high frequency, measurement of 
the complex input impedance of a BJT having (ac) grounded 

emitter and collector yields a real part approximating r ( . For 

* 

what frequency, defined in terms of fify, is such an estimate 
of r t good to within 10 % under the condition that 
r, < r„/ 10? 


*9.28 Complete the table entries below for transistors (a) 
through (g), under the conditions indicated, Neglect r,. 
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Section 9.3: High-Frequency Response of the 
CS and CE Amplifiers 

9.29 In a particular common-source amplifier for which the 
midband voltage gam between gate and drain (i.e., -g m R[ ) is 
-29 V/V, the NMOS transistor has C gs = 0.5 pF and 
q = 0.1 pF. What input capacitance would you expect? For 
what range of signal-source resistances can you expect the 
3 -dB frequency to exceed 10 MHz? Neglect the effect of R G . 

D 9.30 A design is required for a CS amplifier for which the 
MOSFET is operated at g m ~ 5 mA/V and hasC gs = 5 pF 
and C„, = 1 pF. T) te amplifier is fed with a signal source hav¬ 
ing R. = 1 kQ, and/? c is very large. What is the largest 
value of R’i for which the upper 3-dB frequency is at least 1 0 
MHz? What is the corresponding value of midband gain and 
gain-bandwidth product? If the specification on the upper 3-dB 
frequency can be relaxed by a factor of 3, that is, to (10/3) 
MHz, what can A M and GB become? 

9.31 Reconsider Example 9.3 for the situation in which the 
transistor is replaced by one whose width W is half that of 
the original transistor while the bias current remains 
unchanged. Find modified values for all the device parame¬ 
ters along with.4 lJf , f H , and the gain-bandwidth product, 
GB, Contrast this with the original design by calculating the 
ratios of new value to old for W, V QV , g m , C gs , C gd , C jn , 

///» anc ^ 

0 9.32 In a CS amplifier, such as that in Fig. 9.2(a), the resis¬ 
tance of the source R . = 100 kQ. amplifier input resistance 
(which is due to the biasing network) R m =100 kf2, C. = 1 pF, 
C gd = 0.2 pF, g m = 3 mA/V, r 0 = 50 kQ, R D = 8 k£J, and R L = 
10 kQ. Determine the expected 3-dB cutoff frequency^ and 
the midband gain. In evaluating ways to double^,, a designer 
considers the alternatives of changing either R L or R in . To raise 
f H as described, what separate change in each would be 
required? What midband voltage gain results in each case? 

9.33 A discrete MOSFET common-source amplifier has R 0 - 
1 MQ, g m = 5 mA/V, r 0 = 100 kQ, R„ = 10 kQ, = 2 pF, and 
C gd = 0,4 pF. The amplifier is fed from a voltage source with an 
internal resistance of 500 kQ and is connected to a 10-kQ 
load. Find: 

(a) the overall midband gain A M 

(b) the upper 3-dB frequency f H 

9.34 The analysis of the high-frequency response ot the com¬ 
mon-source amplifier, presented in the text, is based on the 
assumption that the resistance of the signal source, /f yg , is large 
and, thus, that its interaction with the input capacitance pro¬ 
duces the “dominant pole" that determines the upper 3-dB fre¬ 
quency /„. In some situations, however, the CS amplitier is fed 
with a very low JC. To investigate the high-frequency response 
ui the amplifier in such a case, Fig. P9.34 shows the equivalent 
circuit when the CS amplifier is fed with an ideal voltage 


source F rig having R ig - 0. Note that C L denotes the total capac¬ 
itance at the output node. By writing a node equation at the out¬ 
put. show' that the transfer function VJV^ is given by 

— = -e R' _ 1 ~ 5 (C g yg w ) 

r siE L \+s(C L + C gd )R[ 

At frequencies 0)< ig m /C gd ), the $ term in the numerator can 
be neglected. In such case, what is the upper 3-dB frequency 
resulting? Compute the values of A M and f H for the case: = 

0.4 pF, C L -2pF,g m -5 mA/V, and R[= 5 kQ. 



Figure P9.34 

9.35 The NMOS transistor in the discrete CS amplifier 
circuit of Fig. P9.3 is biased to have g m = l mAW and r 0 = 1 00 
kQ. Find A Kf . If C p = 1 pF and C gJ = 0.2 pF, find f H . 

9.36 A designer wishes to investigate the effect of changing 
the bias current I on the midband gain and high-frequency 
response of the CE amplifier considered in Example 9.4. Let / 
be doubled to 2 mA, and assume that /? 0 and f T remain 
unchanged at 100 and 800 MHz, respectively. To keep the node 
voltages nearly unchanged, the designer reduces R g and R lS by a 
factor of 2. to 50 kQ and 4 kQ, respectively. Assume r = 50 Q, 
and recall that V A - 100 V and that remains constant at 1 pi. 
As before, the amplifier is fed with a source having R m = 5 kQ 
and feeds a load R L - 5 kQ. Find the new values of A u ,/ w , and 
the gain-bandwidth product, |/4 A/ | f H . Comment on the results. 
Note that the price paid for whatever improvement in perfor¬ 
mance is achieved is an increase in power. By what factor does 
the power dissipation increase? 

*9.37 The purpose of this problem is to investigate the high- 
frequency response of the CE amplifier when it is fed with a 
relatively large source resistance R., g . Refer to the amplifier in 
Fig. 9.4 (a) and to its high-frequency, equivalent-circuit model 
and the analysis shown in Fig. 9,14. Let R a S> /? sig , 
r x < R iir fl si g > r^g m R' L > l,and g m R' L C M > C„ 

Under these conditions, show that: 

(a) the midband gain A M — -pR'i/R<a% 

(b) the upper 3-dB frequency f H — 1 /2jrC fl /3R' L 

(c) the gain—bandwidth product A^f^— \/2jsC f/ R^ g 

Evaluate this approximate value of the gain-bandwidtli product 
for the case R ti . = 25 kQ and C p = 1 pF. Now, if the transistor is 
biased at / c = 1 mA and has // = 100, find the midband gain and 
f for the two cases R[ = 25 kQ and R L = 2.5 kQ. On 

J H 
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the same coordinates, sketch Bode plots for the gain magnitude 
veisus frequency for the two cases. What f H is obtained when 
the gain is unity? What value of if i corresponds? 

9.38 For a version of the CE amplifier circuit in Fig. P9.ll, 
tf sig = 10 ka = 68 kQ, R 2 = 27 ka R e = 2.2 kQ, R c = 4.7 
kQ, and R L = 10 kQ. The collector cuirent is 0.8 mA, /?= 200, 
f T = 1 GHz, and C u = 0.8 pF. Neglecting the effect of r t and r o , 
find the midband voltage gain and the upper 3-dB frequency 

u 

9.39 A particular BJT operating at 2 mA is specified to have 
f T = 2GHz, = 1 pF t r x = 100 Q, and/? = 120. The 
device is used in a CE amplifier operating from a very-low- 
resistance voltage source. 

(a) If the midband gain obtained is-1 OVA/, what is the 
value of f H ? 

(b) If the midband gain is reduced to—1 V/V (by 
changing R[ ), w hat f H is obtained? 

9.40 Repeat Example 9.4 for the situation in which the 
power supplies are reduced to±5 V and the bias current is 
reduced to 0.5 mA. Assume that all other component values 
and transistor parameter values remain unchanged. Find A M , 
f H , and the gain-bandwidth product and compare to the values 
obtained in Example 9.4. 

*9.41 The amplifier shown in Pig. P9.41 has R i t = /?, = ! kQ, 
R c = 1 kQ, R b = 47 kQ, 100, C„ = 0.8 pF, and f T = 600 
MHz. Assume the coupling capacitors to be very large. 

(a) Find the dc collector current of the transistor. 

(b) Find g m and r K . 

(c) Neglecting r o , find the midband voltage gain from base 
to collector (neglect the effect of R B ). 

(d) Use the gain obtained in (c) to find the component of R ih 
that arises as a result of R Hence find R . 

° in 

(e) Find the overall gain at midband. 

(f) Find C to , 

(g) Find/„. 

+ 1.5 V 



*9.42 Figure P9.42 shows a diode-connected transistor win, 
the bias circuit omitted. Utilizing the BJT high-ftequ'^ 

hybnd-/r model with r x = 0 and r Q = derive an expression? 
Z,(s) as a function of r, and C r Find the frequency at which tk 
impedance has a phase angle of 45° for the case in which the 
BJI has/ 7 = 400 MHz and the bias current is relatively M 
What is the frequency w hen the bias current is reduced so tha 

Q ss C* 9 AQQiimp /y= 1 


C ,? Assume a- 1. 

M 



Figure P9.42 


Section 9.4: Useful Tools for the Analysis of 
the High-Frequency Response of Amplifiers 

9.43 A direct-coupled amplifier has a low-frequency gain of 
40 dB, poles at 1 MHz and 10 MHz, a zero on the negative real 
axis at 100 MHz, and another zero at infinite frequency. 
Express the amplifier gain function in the form of Eqs. (9.61) 
and (9.62), and sketch a Bode plot for the gain magnitude 
What do you estimate the 3-dB frequency f H to be? 

9.44 An amplifier with a dc gain of 60 dB has a single- 
pole high-fiequency response with a 3-dB frequencyol 10 
kHz. 


(a) Give an expression for the gain function /l(s). 

(b) Sketch Bode diagrams for the gain magnitude and phase. 

(c) What is the gain-bandwidth product? 

(d) What is the unity-gain frequency? 

(e) If a change in the amplifier circuit causes its transfer func¬ 
tion to acquire another pole at 100 kHz, sketch the resulting 
gain magnitude and specify the unity-gain frequency. Note 
that this is an example of an amplifier with a unity-gain hand 
width that is different from its gain—bandwidth product, 

9.45 Consider an amplifier whose F H {s ) is given by 



with G) Pi < o ) P2 . Find the ratio (0 P2 / (i} p\ f° r W ^ 1C . 
value of the 3-dB frequency ct) H calculated using the 0I ^ 
nant-pole approximation differs from that calculate us 
the root-sum-of-squares formula (Eq. 9.68) by. 



Figure P9.41 
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(a) 10 % 

(b) 1% 

9.46 The high-frequency response of a direct-coupled ampli¬ 
fier having a dc gain of - 1 000 V/V incorporates zeros at °° and 
10 s rad/s (one at each frequency) and poles at 10 4 rad/s and 10 6 
rad/s (one at each frequency). Write an expression for the 
amplifier transfer function. Find co H using 

(a) the dominant-pole approximation 

(b) the root-sum-of-squares approximation (Eq. 9.68). 

If a way is found to lower the frequency of the finite zero to 10 4 
rad/s. what does the transfer function become? What is the 3- 
dB frequency of the resulting amplifier? 

9.47 A direct-coupled amplifier has a dominant pole at 
1000 rad/s and three coincident poles at a much higher fre¬ 
quency. These nondominant poles cause the phase lag of the 
amplifier at high frequencies to exceed the 90 angle due to the 
dominant pole. It is required to limit the excess phase at m - 10 7 
rad/s to 30° (i.e., to limit the total phase angle to -120°). Find 
the corresponding frequency of the nondominant poles. 

D 9.48 Refer to Example 9.6. Give an expression for m H in 

terms of C gJ , /?' sig (note that R' sis = Rcll^sig)’ Cgd» 
and g m . If all component values except for the generator resis¬ 
tance R . are left unchanged, to what value must R . be 

> I L, p 

reduced in order to raise f H to 200 kHz? 

9.49 (a) For the amplifier circuit in Example 9.6, find the 
expression for x H using symbols (as opposed to numbers). 

(b) For the same circuit, use the approximate method of the 
previous section to determine an expression for C jn and 
hence the effective time constant r = C jn R s i( , that can be 
used to find 0) H as 1 / r. Compare this expression ot X with 
that of x H in (a). What is the difference? Compute the value 
of the difference and express it as a percentage of r. 

9.50 If a capacitor C L = 20 pF is connected across the output 
terminals of the amplifier in Example 9.6, find the resulting 
increase in x H and hence the new value of f H , 


9.51 A FET amplifier resembling that in Example 9.6, when 
operated at lower currents in a higher-impedance application, 
has R iig = 100 kQ, fl jn =1.0MQ, g m - 2 mA/V, 
R[- 15 kQ, and C gs — C gd = 1 pF. Find the midband 
voltage gain A Kj and the 3-dB frequency j H , 

9.52 Figure P9.52 shows the high-frequency equivalent cir¬ 
cuit of a CS amplifier with a resistance R s connected in the 
source lead. The purpose of this problem is to show that 
the value of R can be used to control the gain and bandwidth of 
the amplifier, specifically to allow the designer to trade gain for 
increased bandwidth. 

(a) Derive an expression for the low-frequency voltage gain 
(set Cgj and C glj to zero). 

(b) To be able to determine co H using the open-circuit time- 
constants method, derive expressions for R gs and R gd . 

(c) Let /? sig = 100 kQ , g m = 4 mA/V, R[ = 5 kQ , and 
C gs - C gd = 1 pF. Use the expressions found in (a) 
and (b) to determine the low-frequency gain and the 3-dB 
frequency f H for three cases: R s = 0 Q , 100 Q, and 250 Q. 
In each case also evaluate the gain-bandwidth product. 
Comment. 

9.53 A common-source MOS amplifier, whose equivalent 
circuit resembles that in Fig. 9.16(a), is to be evaluated for its 
high-frequency response. For this particular design, R ilg - 

1 MQ , R c = 4 MQ, R' l = 100 kQ , C gs = 0.2 pF, = 

0.1 pF, and g m = 0.5 mA/V. Estimate the midband gain and 
the 3-dB frequency. 

9.54 For a particular amplifier modeled by the circuit of Fig. 
9.16(a), g m = 5 mA/V, R sig = 150 kQ, R c = 0.65 MQ, 

r; = 10 kQ, C gs = 2 pF, and C gd = 0.5 pF. There is 
also a load capacitance of 30 pF. Find the corresponding mid- 
band voltage gain, the open-circuit time constants, and an esti¬ 
mate of the 3-dB frequency. 

9.55 C onsider the high-frequency response of an amplifier 
cons isting of two identical stages in cascade, each with an input 
resistance of 10 kQ and an output resistance of 2 kQ. The two- 
stage amplifier is driven from a 5-kQ source and drives a 




Figure P9.52 
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]-kQ load. Associated with each stage is a parasitic input 
capacitance (to ground) of 10 pF and a parasitic output capaci¬ 
tance (to ground) of 2 pF. Parasitic capacitances of 5 pF and 7 
pF also are associated with the signal-source and load connec¬ 
tions, respectively. For this arrangement, find the three poles 
and estimate the 3-dB frequency/^. 

9.56 Consider an ideal voltage amplifier with a gain of 0.9 V/ 
V and a resistance R — 100 kQ connected in the feedback 
path—that is. between the output and input terminals. Use 
Miller's theorem to find the input resistance of this circuit. 

9.57 An ideal voltage amplifier with a voltage gain of- 
1000 V/V has a 0.2-pF capacitance connected between its out¬ 
put and input terminals. What is the input capacitance of the 
amplifier? If the amplifier is fed from a voltage source I sjg 
having a resistance R sig = 1 kQ, find the transfer function 

VJ F S1 as a function of the complex-frequency variable s and 
hence the 3-dB frequency f H and the unity-gain frequency/. 

9.58 The amplifiers listed below are characterized by the 
descriptor (A, C), where A is the voltage gain from input to 
output and C is an internal capacitor connected between 
input and output. For each, find the equivalent capacitances 
at the input and at the output as provided by the use of 
Miller's theorem: 

(a) -1000 V/V, 1 pF 

(b) -10 V/V, 10 pF 

(c) -1 V/V, 10 pF 

(d) +1 V/V, 10 pF 

(e) +10 V/V, 10 pF 

Note that the input capacitance found in case (e) can be used to 
cancel the effect of other capacitance connected from input to 
ground. In (e), what capacitance can be canceled? 

9.59 Figure P9.59 shows an ideal voltage amplifier with a 
gain of +2 V/V (usually implemented with an op amp con¬ 
nected in the noninverting configuration) and a resistance R 
connected between output and input. 

(a) Using Miller's theorem, show that the input resistance 



Figure P9.59 


(b) Use Norton's theorem to replace F sjg) j?. ^ 
with a signal current source and an equivalent parallel ' 
tance. Show that by selecting /? 51g = R , the equivalent ^ 
lei resistance becomes infinite and the current I L j nto th 
load impedance Z L becomes V si /R . The circuit then knl 
tions as an ideal voltage-controlled current source with 

output current I v 

(c) If Z L is a capacitor C, find the transfer function V/V 
and show it is that of an ideal noninverting integrator 


an 


Section 9.5: A Closer Look at the 
High-Frequency Response of the CS 
and CE Amplifiers 

9.60 A CS amplifier that can be represented by the equiva¬ 
lent circuit of Fig. 9.19 has C gs = 2 pF, C g£/ = 0.1pF, 
C L = 2 pF, g m = 4 mA/V, and R' sig = R[ = 20 kfi. Find 
the midband gain A u , the input capacitance C in using the Miller 
approximation, and hence an estimate of the 3-dB frequency/ 
Also, obtain a better estimate of f H using Miller’s theorem. 


9.61 A CS amplifier that can be represented by the equiva¬ 
lent circuit of Fig. 9.19 has C gs - 2 pF, C gd = 0.1 pF, 
C L = 2 pF, g m = 4 mA/V, and R' sig = R[ = 20 kQ. Find 
the midband A Vj gain, and estimate the 3-dB frequency/using 
the method of open-circuit time constants. Also, give the per¬ 
centage contribution to r H by each oI three capacitances. (Note 
that this is the same amplifier considered in Problem 9.60; if 
you have solved Problem 9.60, compare your results.) 


9.62 A CS amplifier represented by the equivalent circuit ot 
Fig. 9.19 has C gs = 2 pF, C gd = 0.1, pF, Q=2pF, 
g m = 4 mA/V, and R[ ig = R[ = 20 kQ. Find the exact val¬ 
ues of f Zi fp V and f n using Eq. (9.88), and hence estimate/. 
Compare the values of/,, and f r to the approximate values 
obtained using Eqs. (9.94) and (9.95), (Note that this is the 
same amplifier considered in Problems 9.60 and 9.61; if you 
have solved either or both of these problems, compare your 
results.) 


9.63 A CS amplifier represented by the equivalent circuit 

of Fig. 9.19 has C gs = 2 pF, C gd = 0.1 pF, Q= 2pF, 
g m = 4 mA/V, and /T sig = 20 kQ. It is required to find 
an ^ ^ gain-bandwidth product tor each ol the to 
lowing values of R£: 5 k£2, 10 kO, and 20 kfl Uset ^ 
approximate expression for /,, in Eq. (9.94). However, in 
each case, also evaluate/», and f y to ensure that a dominant 
pole exists, and in each case, state whether the unit) ea 
frequency is equal to the gain—bandwidth product. Presen 
your results in tabular form, and comment on the gain 
bandwidth trade-off. 


.64 A common-emitter amplifier that can be re P res * n p 
y the equivalent circuit of Fig. 9.24(a) has C n - 
>0.3 nF. C, = 3 nF. 2.. = 40 mA/V, /»«'» 
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r x = 100 U, R[~ 5 kQ, and R sig = 1 kQ. Find the mid¬ 
band gain A m , and an estimate of the 3-dB frequency f H 
using the Miller approximation. Also, obtain a better esti¬ 
mate of/using Miller's theorem. 

9.65 A common-emitter amplifier that can be represented by 
the equivalent circuit of Fig. 9.24(a) has C K ~ \ 0 pF, 
C u = 0.3 pF, C L = 3 pF, g m - 40 mA/V, /?=100, 
r x = 100 Q, R; - 5kQ, and /? slg = 1 kQ. Find the 
midband gain A vf , and estimate the 3-dB frequency f H using 
the method of open-circuit time constants. Also give the per¬ 
centage contribution to t H of each of the three capacitances. 
(Note that this is the same amplifier considered in Problem 
9.64; if you have solved this problem, compare your results.) 

9.66 A common-emitter amplifier that can be represented 
by the equivalent circuit of Fig. 9.24(a) has C T = 10 pF, 
C o = 0.3 pF, C L = 3 pF, g m = 40 mA/V, /? = 100, 
r t = 100 Q, R[= 5 kQ, and /? sjg = 1 kQ. Find the mid- 
band gain A^ r the frequency of the zero f p and the values of 
the pole frequencies f Pi and f P2 . Hence, estimate the 3-dB fre¬ 
quency /. (Note that this is the same amplifier considered in 
Problems 6.64 and 9.65; if you have solved these problems, 
compare your results.) 

*9.67 For the current mirror in Fig. P9.67, derive an expres¬ 
sion for the current transfer function I 0 (s)/I,(s) taking into 
account the BJ T internal capacitances and neglecting r t and 
r v . Assume the BJTs to be identical. Observe that a signal 
ground appears at the collector of Q r I f the mirror is biased at 
1 mA and the BJTs at this operating point are characterized 
by f T = 400 MHz, C u - 2 pF, and /? 0 = find the frequen¬ 
cies of the pole and zero of the transfer function. 



Figure P9.67 

9.68 A CS amplifier modeled with the equivalent circuit of Fig 
9.25(a) is specified to have C gs = 2 pF, C gd = 0.1 pF , g,„ = 
4 mA/V, C l ~2 pF, and R' L = 20 kQ . Find A X) J Ha , and/. 

9.69 It is required to analyze the high-frequency response of 
the CMOS amplifier shown in fig. P L /69, The dc bias 



Figure P9.69 

current is 100 pA. For £„ /i„C ol = 90 pA/V : , V A = 12.8 V, 
W/L = 100 pm/1.6 pm, C., = 0.2 pF, C l ., = 0.015 pF, and C db = 
20 IT. For Q v C gd = 0.015 pF, C db = 36 fF, and | V A \ = 19.2 V. 
Assume that the resistance of the input signal generator is negli¬ 
gibly small. Also, for simplicity', assume that the signal voltage 
at the gate of Q 2 is zero. Find the low-frequency gain, the fre¬ 
quency of the pole, and the frequency of the zero. 

**9.70 This problem investigates the use of MOSFETs in the 
design of wideband amplifiers (Steininger, 1990). Such ampli¬ 
fiers can be realized by cascading low-gain stages. 

(a) Show that for the case C gd C t , ; and the gain of the 
common-source amplifier is low so that the Miller effect is 
negligible, the MOSFE? can be modeled by the approxi¬ 
mate equivalent circuit shown in Fig. P9.70(a), where (i) T is 
the unity-gain frequency of the MOSFET. 

(b) Figure P9.70(b) shows an amplifier stage suitable tor 
the realization ol low gain and wide bandwidth. Transistors 

and Q , have the same channel length L but different 
widths W x and W r They are biased at the same V cs and have 
the same f T . Use the MOSFET equivalent circuit of Fig. 
P9.70(a) to model this amplifier stage assuming that its out¬ 
put is connected to the input of an identical stage. Show that 
the voltage gain V 0 / V { is given by 


(0 T i ( G 0 + 1) 


w here 
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Figure P9.70 


(c) For L = 0,5 fim, W 2 = 25 pm,/ r = 12 GHz, and flJC m = 
200 pA/V : , design the circuit to obtain a gain of 3 VA^ per 
stage. Bias the MOSFETs at V ov = 0.3 V. Specify the required 
values of If', and /, What is the 3-dB frequency achieved? 

9.71 Consider an active-loaded common-emitter amplifier. 
Let the amplifier be fed with an ideal voltage source r, and 
neglect the effect of r. Assume that the bias cuirent source has 
a very high resistance and that there is a capacitance C L present 
between the output node and ground. This capacitance repre¬ 
sents the sum of the input capacitance of the subsequent stage 
and the inevitable parasitic capacitance between collector and 
ground. Show that the voltage gain is given by 


V. 


= ~g m r 0 


1 -s{CJg m ) 

1 + s{C L + Cjj)r ( 


If the transistor is biased at I c - 200 pA and V A = 100 V, C 
0.2 pF, and C L - i pF. find the dc gain, the 3-dB frequency, tl 
frequency of the zero, and the frequency at which the ga 
reduces to unity. Sketch a Bode plot for the gain magnitude. 


9.72 A common-source amplifier fed with a low-resistance 
signal source and operating with g m = 2 mA/V has a unity- 

gain frequency of 2 GHz. What additional capacitance must be 
connected to the drain node to reduce^ to 1 GHz? 


9.73 Consider a C S amplifier loaded in a current sm.™ , 

v ' 11 source wuh 

an output resistance equal to r Q of the amplifying transisto 
The amplifier is fed from a signal source with R . - , n 

i • j Slg ~~ ' J l 

The transistor is biased to operate at g m = 2 mA/V 

r a = 20 kQ ; C gs = C gd = 0.1 pF. Use the Miller 
approximation to determine an estimate of f H . Repeat forth f 

following two cases: (i) the bias current / in the entire system 
is reduced by a factor of 4, and (ii) the bias current / in the 

entire system is increased by a factor of 4. Remember that both 
Rr and R t will change as r Q changes. 


9.74 Use the method of open-circuit time constants to find f 
for a CS amplifier for which g m = | ,5 

= C gd = 0.2 pF, r 0 = 20 k£2, R L = 12 kfl.and 
/f sj = 100 kQ for the following cases: (a) C L = 0 ( {b) 
C L = 10 pF, and (c) C L - 50 pF. Compare with the value of 
fu obtained using the Miller approximation. 


Section 9.6: High-Frequency Response of the 
Common-Gate and Cascode Amplifiers 

9.75 A CG amplifier is specified to have C = 2 pF, 
C gd = 0.1 pF, C L = 2 pF, g m = 4 mA/V, R^= 1 kQ, 
and R[ - 20 kQ. Neglecting the effects of r 0 , find the 
low-frequency gain v 0 /v slg , the frequencies of the poles f n 
and fpj, and hence an estimate of the 3-dB frequency/,,. 

*9.76 Sketch the high-frequency equivalent circuit of a CB 
amplifier fed from a signal generator characterized by F jjg and 
R and feeding a load resistance R L in parallel with a capaci- 
tance C L . 

(a) Show that for p 0 — 00 the circuit can be separated into 
two parts: an input part that produces a pole at 

f _!—.— 

' 2nC^R, lt \\r t ) 

and an output part that forms a pole at 


/P2 2x(C m +C l )R l 

Note that these are the bipolar counterparts of the M0 

expressions in Eqs. (9.109) and (9.110), 

(b) Evaluate f P[ and f P2 and hence obtain an estimate or 

f H for the case C„ = 14 pF, C^ = 2 pF, Q " \ P ’ 
/, ■= 1 mA, R %ii = 1 kQ, and R L = 10 kQ. Also,tmd/ f 

of the transistor. 


'9.77 Consider a CG amplifier loaded in a resistance 
R, — r and fed with a signal source having a resistan 
R stg = r /2 . Also let C L = . Use the method of op®’ 

circuit time constants to show that for g m r 0 ^ 1 . „ (e 

dB frequency is related to the MOSFET fj by the app roXI 
expression 
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fa = fr/iSmO 


9.78 For the < G amplifier in Example 9.12, how much addi¬ 
tional capacitance should be connected between the output 
node and ground to reduce f), to 300 MHz? 

9.79 Find the dc gain and the 3-dB frequency of a MOS cas- 

code amplifier operated at g m = 1 mA/V and r B - 50 kQ . 
The MOSFETs have C gJ - 30 fF, C gd = ] 0 tF, and 
£ = 10 tF. The amplif ier is fed from a signal source with 

r =100 kQ and is connected to a load resistance of 2 

Slg 

M ii There is also a load capacitance C, of 40 fF. m 

*9.80 (a) Consider a CS amplifier having C gl} = 0.2 pF, 

R 8ig = R l = 20 kQ, g m = 4 mA/V, C gs = 2 pF, C L 

(including C db ) = 1 pF, C db - 0.2 pF, and r a = 20 kQ. Find 
the low-frequency gain and estimate f H using open-circuit 
time constants. Hence determine the gain-bandwidth product, 
(b) If a CG stage is cascaded with the CS transistor in (a) to cre¬ 
ate a cascode amplifier, determine the new values of and 
gain-bandwidth product. Assume R, remains unchanged. 

ID 9.81 It is required to design a cascode amplifier to provide 
a dc gain of 74 dB when driven with a low-resistance generator 
and utilizing NMOS transistors for which V A = 10 V, 
gL n C 0X - 200 pA/V\ W/L = 50, C gd = 0.1 pF, and 
C L = 1 pF, Assuming that R, = R„, determine the over¬ 
drive voltage and the drain current at which the MOSFE'i's 
should be operated. Find the unity-gain frequency and the 3-dB 
frequency. If the cascode transistor is removed and R, remains 
unchanged, what will the dc gain become”? 

9.82 Consider a bipolar cascode amplifier biased at a current ot 
1 mA. The transistors used have /? = 100, r 0 = f>"kQ, 
C n ~ 14 pF, C fl = 2 P F, C cs = 0, and r x = 50 Q. The 
amplifier is led with a signal source having /f sig = 4 kQ. Fhe 
load resistance R L =2.4 kQ. Find the low-frequency gain A w 
and estimate the value of the 3-dB frequency f H . 

*9,83 In this problem we consider the frequency response of 
the bipolar cascode amplifier in the case that r 0 can be 
neglected. 


(a) Refer to the circuit in Fig. 9.31, and note that the total resis¬ 
tance between the collector of Q l and ground will be equal to 
r. 2 , which is usually very small. It follows that the pole intro¬ 
duced at this node will typically be at a very high frequency and 
thus will have negligible effect on f ir It also follows that at the 
frequencies of interest the gain from the base to the collector of 
(?, will be ~g m , r, 2 — -1, i Jse this to find the capacitance at 
the input of and hence show that the pole introduced at the 

l. 

input node will have a frequency 







Then show that the pole introduced at the output node will have 
a frequency 


~ 2xR l {C l + C cs2 + C m2 ) 

(b) Evaluate f ri and/,,,, and use the sum-of-the-squares for¬ 
mula to estimate f H for the amplifier with / = 1 mA, 
5 pF, 5 pF, C cs = C L = 0, ^ = 100, and 

r x = 0 in the following two cases: 

(i) R si$ = 1 kQ 

(ii) /? sig = 10 kQ 

9.84 A BJT cascode amplifier uses transistors for which 
J5= 100, V A = 100 V,/ r = 1 GHz, and = 0.1 pF.It 
operates at a bias current of 0.1 mA between a source witli 
J? sig = r n and a load R L - f$r Q . Let C L = C„ = 0 and 
find the overall voltage gain at dc, f H , and f,. 

Section 9.7: High-Frequency Response of the 
Source and Emitter Followers 

9.85 A source follower has g m = 5 mA/V, r u - 20 kQ, 
tf sig = 20 kQ, R l = 2 kQ, C g5 = 2 pF, C grf = 
0.1 pF, and C L = 1 pF. Find A xr R,,,/# and f H . Also, find the 
percentage contribution of each of the three capacitances to 
the time-constant r„. 

9.86 Using the expression for the source follower f H in Eq. 
(9.129) show that for situations in which R S]g is large and R L 
is small. 



2/rR 


sty 


C 

C f +—— 

* d i+2„*;j 


Find f H for the case /2 sie = 100kQ,/? t = 1 kQ,r 0 - 20 
kQ , g m = 5 mA/V, C gd = 10 IF, and C g = 30 fF. 

9.87 Refer to Fig. 9.32(b). In situations in which J? slg is 
large, the high-frequency response of the source follower is 
determined by the low-pass circuit formed by /? slg and the 
input capacitance. An estimate of C m can be obtained by 
using the Miller approximation to replace C gi with an input 
capacitance C eq = C gs ( 1 - K) where K is the gain from 
gate to source. Using the low-frequency value of 

K = g m R' L /( 1 find C cq and heilCe C in and an 

estimate of f„. Is this estimate higher or lower than that 

obtained by the method of open-circuit time constants? 

9.88 For an emitter follower biased at I c = 1 mA and having 
r - R, = l kQ, and using a transistor specified to have 
f‘l 2 GHz, C„= 0.1 pF, r x = 100 fi, 100. and 

y - 20 V. evaluate the low-frequency gain A S) and the 3-dB 

frequency f H . 
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'9.89 For the emitter follower shown in Fig. P9.89, find 
the low-frequency gain and the 3-dB frequency/, tor the fol¬ 
lowing three cases: 

(a) /? sig = 1 kQ 

(b) R sig = 10 kQ 

(c) fl sig = 100 kQ 

Let p - 100, f T = 400 MHz, and = 2 pF. 


+ 10V 

i 



Figure P9.89 


Section 9.8: High-Frequency Response 
of Differential Amplifiers 

9.90 A MOSFET differential amplifier such as that shown in 
Fig. 9.34(a) is biased with a current source / = 200 pA. The 
transistors have W/L — 25, k' n = 200 pA/V 2 , V A = 200 V, 
C = 40 fF, C gd = 5 fF, and C Jh - 5 fF. The drain resistors are 
20 kQ each. Also, there is a 100-fF capacitive load between 
each drain and ground. 

(a) Find V ov and g m for each transistor. 

(b) Find the differential gain A d . 

(c) If the input signal source has a small resistance R , and 
thus the frequency response is determined primarily by the 
output pole, estimate the 3-dB frequency/,. 

(d) If, in a different situation, the amplifier is fed symmetri¬ 
cally with a signal source of 40 kQ resistance (i.e., 20 kQ in 
series with each gate terminal), use the open-circuit time- 
constants method to estimate/,. 

9.93 The amplifier specified in Problem 9.90 has R v - 

80 kQ and — 0.1 pF. Find the 3-dB frequency of the 
CMRR. 

9.92 In a particular MOS differential amplifier design, the 
bias current 1 = 100 p.A is provided by a single transistor 
operating at V ov ~ 0.5 V with V A — 30 V and output 
capacitance ^-ss of 100 fF, What is the frequency of the 
common-mode gain zero ( f z ) at which A cm begins to rise 
above its low-frequency value? To meet a requirement for 


reduced power supply, consideration is given to reducing V 
to 0.2 V while keeping 1 unchanged. Assuming the n,„°‘ 
source capacitance to be directly proportional to the device 
width, what is the impact on f z of this proposed change? 

9.93 Repeat Exercise 9.27 for the situation in which the bias 
current is reduced to 80 pA and R D is raised to 20 kQ F or 
(d), let R Mg be raised from 20 kQ to 100 kQ. 

{Note-. This is a low-voltage, low-power design.) 

9.94 A BJT differential amplifier operating with a 1-mA cur¬ 
rent source uses transistors for which /?= 100,/ = 600 MHz, 
C p - 0.5 pF, and i\ = 100 LI Each of the collector resistances is 
10 kQ, and r o is very large. The amplifier is fed in a symmetri¬ 
cal fashion with a source resistance of 10 kQ in series with each 
of the two input terminals. 

(a) Sketch the differential half-circuit and its high-frequency 
equivalent circuit. 

(b) Determine the low-frequency value of the overall differ¬ 
ential gain. 

(c) Use the Miller approximation to determine the input 
capacitance and hence estimate the 3-dB frequency/ and 
the gain-bandwidth product. 

9.95 A differential amplifier is biased by a current source 
having an output resistance of I MQ and an output capacitance 
of 1 pF. The differential gain exhibits a dominant pole at 
2 MHz. What are the poles of the C'MRR? 


9.96 A current-mirror-loaded MOS differential ampliiier 
is biased with a current source / = 0.2 niA. The twoNMOS 
transistors of the differential pair are operating at ¥ 0I = 0.2 
V, and the PMOS devices of the mirror are operating at |I/ 
= 0.2 V. The Early voltage V. ( „ - | V Af ,\ - 10 V. The total 
capacitance at the input node of the mirror is 0.1 pF and that 
at the output node of the amplifier is 0.2 pF. Find the dv 
value and the frequencies of the poles and zero of the differ¬ 
ential voltage gain. 

9.97 Consider the active-loaded CMOS differential amplifier 
of Fig. 9.37(a) for the case of all transistors operated at the 
same \V ol | and having the same ] V A . Also let the total 
capacitance at the output node ( C L ) be tour times the lota 
capacitance at the input node of the current mirror ( m . 311 

show that the unity-gain frequency ot A d is gj 2&Q- ® 
V A = 20 V, V oy = 0.2 V, / = 0.2 mA, C L - 100 fF and 

C. m - 25 fF, find the dc value of Aj , and the value ot .j>i* 

f n f Pl , and f 2 and sketch a Bode plot tor \A^. 


Section 9.9: Other Wideband Amplify 
Configurations 


9.98 A CS amplifier is specified 

40 kQ, C m - 2 pF, = 0,1 pF, C L 
R, = 40 kQ. 


d have g. - 5 mA/V,'' 

-IpF-V** - 
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(a) Find the low-frequency gain Ay, and use open-circuit 
time constants to estimate the 3-dB frequency /,, Hence 
determine the gain-bandwidth product. 

(b) If a 500-Q resistance is connected in the source lead, find 
the new values of | A vf |, /,, and the gain-bandwidth product. 


D 9.99 (a) Use the approximate expression in Eq, 

& m m » ill * m - _, 


i Q i a n 


/? sig =iok a. ;H| 

(b) If a low-frequency gain of 20 V/V is required, what /, 


corresponds? 

(c) For g m = 5 mAAv .Tt = 100 V/V, and R, = 20 kQ, find 
the required value of R s . 


9.100 For the CS amplifier with a source-degeneration resis¬ 
tance /?,, show for R sig > R s and R L = r 0 that 



. + c t R J 
l + (k/2) 8d slg V 



A o ^ 
2 + k) 


+ (Q + C gd )r 0 


1_ +Jc\ 
2 + k) 


where k = g m R s M 

D *9.101 It is required to generate a table of /„, and 
/ versus k = g m R s for a CS amplifier with a source-degener¬ 
ation resistance R s . The table should have entries 
for k = 0, 1, 2, .. ., 15. The amplifier is specified to have 
g m = 5 mA/V, r Q = 40 kQ, R L = 40 kQ, R^ g = 20 kQ, 
C p = 2 pF, C pl - 0.1 pF, and C, = 1 pF. Use the for¬ 
mula for t h given in the statement for Problem 9.1fi0. If 
f H = 2 MHz is required, find the value needed for R s and 
the corresponding value of \A^. 

*9,102 In this problem we investigate the bandwidth exten¬ 
sion obtained by placing a source follower between the signal 
source and the input of the CS amplifier. 

(a) First considei the CS an iplifier of Fig. P9.102(a). Show that 

A Af — o 


x h = C gs R sig + C gd [R sig { 1 + g m r 0 ) + rj + C L r a 

where C L is the total capacitance between the output node 
and ground. Calculate the value of A M , /,, and the gain- 
bandwidth product for the case g m = l mA/V. r 0 = 20 kQ, 
4 = 20 kQ, C gs = 20 fF, = 5 fF, and C L = 10 fF. 

(b) For the CD-CS amplifier in Fig. P9. 102(b), show that 



l/ 8ml +r o\ 






Figure P9.102 






•^sig 

1 +g m \ r o 






\ 


o t 


J 


(1 + gnrJol) + r o2 


+ Cl r o2 

Calculate the values of A M , f H , and the gain-bandwidth 
product for the same parameter values used in (a). Compare 

with the results of (a). 
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Figure P9.103 


D 9.103 The transistor in the circuit of Fig. P9.1C3 have 
fi 0 = 100, V A = 100 V, C M = 0.2 pF, and C je = 0.8 pF, At a bias 
current of 100 pA,/ r = 400 MHz. (Note that the bias details 

are not shown. ) 


(a) Find R- n and the midband gain. 

(b) Find an estimate of the upper 3-dB frequency f H . Which 
capacitor dominates? Which one is the second most signifi¬ 
cant? 

(Hint. Use the formulas in Example 9.15.) 


D 9.104 Consider the BiCMOS amplifier shown in 
Fig. P9.104. The BJT has | V BE \ = 0.7 V, = 200, C M = 
0.8 pF, and f T - 600 MHz. The NMOS transistor has V t - 1 V, 
k' n W/L = 2 mA/V 2 , and C p = C^= 1 pF. 


(a) Consider the dc bias circuit. Neglect the base current of 
Q 2 in determining the current in Q y Find the dc bias currents 
in Q x and Q 2 ,, and show that they are approximately 100 pA 
and 1 mA, respectively. 


(b) Evaluate the small-signal parameters of Q. and 0, at 
their bias points. 

(c) Consider the circuit at midband frequencies. First, deter¬ 
mine the small-signal voltage gain VjV. (Note that R c can 
be neglected in this process.) Then use Miller's theorem on 
R c to determine the amplifier input resistance R m . Finally, 
determine the overall voltage gain VJV.. 

(d) Consider the circuit at low frequencies. Determine die 
frequency of the poles due to C t and C,, and hence estimate 
the lower 3-dB frequency, f L . 

(e) Consider the circuit at higher frequencies. Use Miller's 
theorem to replace /?, with a resistance at the input. (The one 
at the output will be too large to matter.) Use open-circuit time 
constants to estimate /^. 

(t) To considerably reduce the effect of R c on R [fl and hence 
on amplifier performance, consider the effect of adding 
another 10-MQ resistor in series with the existing one and 
placing a large bypass capacitor between their joint node 
and ground. What will /? ir , A w and f H become' 1 


+5 V 



Figure P9.104 
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9.105 Consider the circuit of Fig. P9.105 for the case: / = 
200 \i A and V ov = 0.2 V, R ilg = 200 kQ, R D = 50 kQ, = 

1 pF, Find the dc gain, the high-frequency poles, and an esti¬ 
mate of f H . 




Figure P9.105 


9.106 For the amplifier in Fig. 9.41(a), let / = 1 mA, /? = 
120, f T = 700 MHz, and C u = 0.5 pF, and neglect r x and r o . 
Assume that a load resistance of 10 kQ is connected to the out¬ 
put terminal. If the amplifier is fed with a signal I' having a 
source resistance R sig = 20 kQ, find A M and f H . 

9.107 Consider the CD-CG amplifier of Fig. 9.41(c) for the 
case g m = 5 mA/V, C g , = 2 pF, C^ d = 0.1 pF, C (at the output 


node) - 1 pF, and i? sj - R L = 20 kQ. Neglecting r find A. r 
and f H . 

*”9.108 In each of the six circuits in Fig. P9.108 (p. 800). 
let {}= 100, C p = 2 pF, and f T = 400 MHz, and neglect r x and v 
Calculate the midband gain A ,, and the 3-dB frequency f H . 

Section 9.10: Multistage Amplifier Examples 

9.109 Use open-circuit time constants to obtain an expression 

for (Oft of the amplifier in Fig. 9.44. Compare to the expression 
in Eq. (9.176). 

9.110 For the C MOS amplifier in Fig. 9.43. whose equiva¬ 
lent circuit is shown in Fig. 9.44, let G ml = 1 mA/V, /?, = 

100 C, - 0.1 pF, = 2 mA/V, R , = 50 kQ, and 
C 2 = 2 pF. 

(a) Find the dc gain. 

< b) Without C c connected, find the frequencies of the two 
poles in radians per seconds and sketch a Bode plot for the 
gain magnitude. 

(c) With C c connected, find C0 P2 ■ Then find the value of 
C c that will result in a unity-gain frequency a) t at least two 
octaves below co P2 . For this value of C c , find co pl and 
G) z and sketch a Bode plot for the gain magnitude. 

9.111 A CMOS op amp with the topology in Fig. 9.43 has 
Sm\ “ g m 2 = 1 mA/V, g m6 = 3 mA/V, the total capaci¬ 
tance between node I U and ground is 0.2 pF, and the total 
capacitance between the output node and ground is 3 pF. Find 
the value of C c that results in f] - 50 MHz and verify that /’ 
is lower than f z and f P2 . 
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0.5 mA 


(d) 


0.5 mA 
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(bi 
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10 kn 


V. 


Mg 




+5 V 
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io kn 


0.5 mA 


(e) 



io kn 


0.5 mA 



V 


«# 


10 kfl 


DO 




(f) 


Figure P9.108 


9.112 Figure P9.112 shows an amplifier formed by cascading 
two CS stages. Note that the input bias voltage is not shown. 
Each of Q\ and Q 2 is operated at an overdrive voltage of 0.2 
V. and \V A \ = 10 V. The transistor capacitances are as fol¬ 
lows: C, = 20 fF, C gd = 5 fF, and C db = 5 fF. 

(a) Find the dc voltage gain. . 

(b) Find the input capacitance at the gate of Q lt using the 
Miller approximation. 

(cl i se the capacitance in (b) to determine the frequency of 
the pole formed at the amplifier input. Let R- = 10 kQ . 

(d) Use the Miller approximation to find the input 
capacitance of Q 2 and hence determine the total 
capacitance at the drain of Q v 

(e) Use the capacitance found in (d) to obtain the frequency 
of the pole formed at the interface between the two stages. 

(0 Determine the total capacitance at the output node and 
hence estimate the frequency of the pole formed at the out¬ 
put node. 

(g) Does the amplifier have a dominant pole? If so, at what 
frequency 
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IN THIS CHAPTER YOU WILL LEARN 












1. The general structure of the negative-feedback amplifier and the basic 
principle that underlies its operation. 

2 . The advantages of negative feedback, how these come about, and at 
what cost. 

3. The appropriate feedback topology to employ with each of the four am¬ 
plifier types: voltage, current, transconductance, and transresistance 
amplifiers. 

4. An intuitive and insightful approach for the analysis of practical feedback- 
amplifier circuits. 

5. Why and how negative-feedback amplifiers can become unstable (i.e., 
oscillate) and how to design the circuit to ensure stable performance. 


Introduction < 

Most physical systems incorporate some form of feedback. It is interesting to note, though, 
that the theory of negative feedback has been developed by electronics engineers. In his 
search for methods for the design of amplifiers with stable gain for use in telephone 
repeaters, Harold Black, an electronics engineer with the Western Electric Company, 
invented the feedback amplifier in 1928. Since then the technique has been so widely used 
that it is almost impossible to think of electronic circuits without some form of feedback, 
either implicit or explicit. Furthermore, the concept ot feedback and its associated theory 
are currently used in areas other than engineering, such as in the modeling ot biological 
systems. 

Feedback can be either negative (degenerative) or positive (regenerative). In amplifier 

design, negative feedback is applied to effect one or more of the following properties: 

1. Desensitize the gain: that is, make the value of the gain less sensitive to variations 
in the values of circuit components, such as might be caused by changes in temper¬ 
ature. 

2. Reduce nonlinear distortion: that is, make the output proportional to the input (in 
other words, make the gam constant, independent of signal level). 

3. Reduce the effect of noise: that is, minimize the contribution to the output ol 
unwanted electric signals generated, either by the circuit components themselves, or by 

extraneous interference. 
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4. Control the input and output resistances; that is, raise or lower the input and out pu * 
resistances by the selection of an appropriate feedback topology. 

5. Extend the bandwidth of the amplifier. 

All of the desirable properties above are obtained at the expense ot a leduetion in gain. It will 
be shown that the gain-reduction factor, called the amount of feedback, is the factor by 
which the circuit is desensitized, by which the input resistance of a voltage amplifier is 
increased, by which the bandwidth is extended, and so on. In short, the basic idea of nega¬ 
tive feedback is to trade off gain for other desirable properties. This chapter is devoted to 
the study of negative-feedback amplifiers: their analysis, design, and characteristics. 

Under certain conditions, the negative feedback in an amplifier can become positive and of 
such a magnitude as to cause oscillation. In tact, in Chapter 17 we will study the use of positive 
feedback in the design of oscillators and bistable circuits. Here, in this chapter, however, we 
are interested in the design of stable amplifiers. We shall therefore study the stability prob¬ 
lem of negative-feedback amplifiers and their potential for oscillation. 

It should not be implied, however, that positive feedback always leads to instability. In 
fact, positive feedback is quite useful in a number of nonregenerative applications, such as 
the design of active filters, which are studied in Chapter 16. 

Before we begin our study of negative feedback, we wish to remind the reader that we 
have already encountered negative feedback in a number of applications. Almost all op-amp 
circuits (Chapter 2) employ negative feedback. Another popular application of negative 
feedback is the use of the emitter resistance R r to stabilize the bias point of bipolar transis¬ 
tors and to increase the input resistance, bandwidth, and linearity of a BJT amplifier. In 
addition, the source follower and the emitter follower both employ a large amount of negative 
feedback. The question then arises about the need for a formal study of negative feedback. As 
will be appreciated by the end of this chapter, the formal study of feedback provides an 
invaluable tool for the analysis and design of electronic circuits. Also, the insight gained by 
thinking in terms of feedback can be extremely profitable. 


10.1 The General Feedback Structure 

Figure 10.1 shows the basic structure of a feedback amplifier. Rather than showing voltages 
and currents. Fig. 10.1 is a signal-flow diagram, where each of the quantities x can repre¬ 
sent either a voltage or a current signal. ! he open-loop ampl ifier has a gain A\ thus us output 
x 0 is related to the input x j by 



, and the quantities^ 


Figure 10.1 General structure of the feedback amplifier. Phis is a signal-tlow diagram 
represent either voltage or current signals. 
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The output x g is ted to tht load as well as to a teedback network, which produces a sample of 
the output. This sample x f is related to x 0 by the feedback factor /?, 


= P x 0 (10.2) 

The feedback signal x/is subtracted from the source signal which is the input to the com¬ 
plete teedback amplifier, to produce the signal x ( , which is the input to the basic amplifier. 

= x s -x f (10.3) 


Here we n<>tc that it is this subtraction that makes the teedback negative. In essence, nega¬ 
tive feedback reduces the signal that appears at the input of the basic amplifier. 

Implicit in the description above is that the source, the load, and the feedback network 
do not load the basic amplifier. That is, the gain A does not depend on any of these three net¬ 
works. In practice this will not be the case, and we shall have to find a method for casting a 
real circuit into the ideal structure depicted in Fig. 10.1. Figure 10.1 also implies that the for¬ 
ward transmission occurs entirely through the basic amplifier and the reverse transmission 
occurs entirely through the feedback network. 

The gain of the feedback amplifier can be obtained by combining Eqs. (10.1) through 
110 . 3 ): 



(10.4) 


The quantity Afd is called the loop gain, a name that follows from Fig. 10.1. For the feed¬ 
back to be negative, the loop gain /t/?musl be positive; that is, the feedback signal x f should 
have the same sign as x ( , thus resulting in a smaller difference signal x. Equation (10.4) indi¬ 
cates that for positive Aft the gain with feedback A f will be smaller than the open-loop gain 
A by a factor equal to 1 + Aj3, which is called the amount of feedback. 

If, as is the case in many circuits, the loop gain Ajd is large, AfA §> 1, then from Eq. (10.4) 
it follows that . 

(10.5) 


which is a very interesting result: The gain of the feedback amplifier is almost entirely deter¬ 
mined by the feedback network. Since the feedback network usually consists ol passive com¬ 
ponents, which usually can be chosen to be as accurate as one wishes, the advantage ot 
negative feedback in obtaining accurate, predictable, and stable gain should be apparent. In 
other words, the overall gain will have very little dependence on the gain ot the basic ampli¬ 
fier. A, a desirable property because the gain A is usually a function ot many manufacturing 
and application parameters, some of which might have wide tolerances. We have seen a dra¬ 
matic illustration of all of these effects in op-amp circuits in Chapter 2, where the closed- 
loop gain i which is another name for the gain-with-teedback) is almost entirely determined 
by the feedback elements. 

Equations (10.1) through (10.3) can be combined to obtain the following expression for 


the teedback signal x f \ 



( 10 . 6 ) 





In earlier chapters, we used the subscript “sig” for quantities associated with the signal source (e.g., 
and Rj. We did that to avoid confusion with the subscript “s,” which is usually used with FETs to de¬ 
note quantities associated with the source terminal of the transistor. At this point, however, it is expected 
that readers have become sufficiently familiar with the subject that the possibility ot contusion is min- 
•mal. Therefore, we will revert to using the simpler subscript s (or signal-source quantities. 
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Thus for Afi ^ 1 we see that x f — x s , which implies that the signal x ( . at the input of the basic 
amplifier is reduced to almost zero. Thus if a large amount ot negative feedback is employed 
the feedback signal x, becomes an almost identical replica of the input signal x s . An outcome 
of this property is the tracking of the two input terminals of an op amp. The difference 
between x s and x f , which is is sometimes referred to as the error signal. Accordingly, the 
input differencing circuit is often also called a comparison circuit. (It is also known asa 
mixer, i An expression tor x, can be easily determined as 

1 

0 Xi ~\+Afi Xs (la? ) 

from which we can verify that for Ap > 1, becomes very small. Observe that negative 
feedback reduces the signal that appears at the input terminals ot the basic amplifier by the 
amount of feedback, (1 + Ap). As will be seen later, it is this reduction of input signal that 
results in the increased linearity of the feedback amplifier. 2 



The noninverting op-amp configuration shown in Fig. 10.2(a) provides a direct implementation ot the 
feedback loop of Fig. 10.1. 

















(a) 


R 



(b) 

Figure 10.2 (a) A non-inverting op-amp circuit for Example 10.1. (b) The circuit in (a) with the op-amp replaced 
with its equivalent circuit. 


We have in fact already seen examples of this: adding a resistance R e in the emitter of a ^ ^ 

(or a resistance in the source of a CS amplifier) increases the linearity of these amplifiers eC 
t e same input signal as before, and v are now smallar (by the amount of feedback). 


10.1 The General Feedback Structure 807 


(a) Assume that the op amp has infinite input resistance and zero output resistance. Find an expression for 

the feedback factor p. 

( b 1 F in d t he condition under w Inch the closed-loop gain Aj is almost entirely determined by the feedback 

network. 

(c) If the open-loop gain A = 10 4 V/V, find R 2 /R ] to obtain a closed-loop gain A, of 10 V/V. 

(d) W hat is the amount of feedback in decibels? 

(e) If V s = 1 V, find V 0 , V f , and V t . 

(0 If .-1 decreases by 20%, what is the corresponding decrease in AX 


Solution 


i a) To be able to see more clearly the direct correspondence between the circuit in Fig. 10.2(a) and the 
block diagram in Fig. 10.1. we replace the op amp with its equivalent-circuit model, as shown in Fig. 
10.2(b). Since the op amp is assumed to have infinite input resistance and zero output resistance, its 
model is simply an ideal voltage-controlled voltage source of gain A , From Fig. 10.2(b) we observe that 
the feedback network, consisting ol the voltage divider R 2 ), is connected directly to the output and 
feeds a signal V f to the inverting input terminal of the op amp. It is important at this point to note that the 
zero output resistance of the op amp causes the output voltage to be A V t irrespective of the values of R } 
and R 2 and of R L . That is what we meant by the statement that in the block diagram of Fig. 10.1, the 
feedback network and the load are assumed not to load the basic amplifier. Now we can easily determine 
the feedback factor P from 




l 


R l + R 2 


Let’s next examine how V f is subtracted from V s at the input side. The subtraction is effectively per¬ 
formed by the differential action of the op amp; by its very nature, a dil ferential-input amplifier takes the 
difference between the signals at its two input terminals. Observe also that because the input resistance of 
the op amp is assumed to be infinite, no current flows in R K . Thus the value of R s has no bearing on V i ; 
or the source “does not load” the amplifier input. Similarly, because of the zero input current of the op 
amp, Vj will depend only on the ratio R t /R 2 and not on the absolute values of R { and R 2 . 

(b) The closed-loop gain A f is given by 

a - A 

Af 1 +AP 

To make A, nearly independent ol A. we must ensure that the loop gain Ap is much larger than unity. 


AP> 1 


Since under such a condition. 


the condition can be stated as 


R 


R i + R 


> 1 


A f p 


\ R { + R 2 


R 


- = 1 + 


R 

R 


A >A f 


(c) For A = \0 A V/V and A t = 10 V/V, we see that A 


> A/-, thus w'e can select R\ and R 2 to obtain 
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Example 10.1 continued 
Thus, 


i = n3 = A,= 10 
P *t ' 


which yields 


RJR^ 9 


A more exact value for the ratio Ri/R\ can be obtained trom 


A, = 


A 


1 +A8 


which results in 


10 = 


10 


i +107? 


(3 = 0.0999 


and. 


{d) 1 'he amount of feedback is 


which is 60 dB. 

(e) For V s = 1 V, 


R, 


R 


= 9.01 


i 


A 10 

1 + AB = - = - 7 — = 1000 
H A. 10 


V a = A f V s - 10x1= 10 V 

V, = PV= 0.0999 x 10 = 0.999 V 


„ _ V o 

v >= 7 


io 4 


= 0.001 V 


Note that it we had used the approximate value of /? = 0.1, we would have obtained V f 
V i = 0 V. 

(f) If A decreases by 20%, thus becoming 


- 1 V and 


A = 0.8 x 10 4 V/V 


the value of A* becomes 


A j — 


0.8 x 10' 


1 +0.8x 10 x 0.0999 


= 9.9975 V/V 


that is, it decreases by 0.025%, which is lower than the percentage change in A by approximately a factor 
(1 +A0). 
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10.1 Repeat Example 10.1, (c) to (f) for A = 100 V/V. 

Ans. (c) 10.11; (d) 20 dB; (e) 10 V, 0.9 V, 0.1 V;(f)2.44% 

10.2 Repeat Example 10.1, (c) to (f) for A f = 10 3 V/V. For (e) use V, = 0.01 V. 
Ans. (c) 11 10.1; (d) 20 dB; (e) 10 V, 0.009 V, 0.001 V; (f) 2.44% 


10.2 Some Properties of Negative Feedback 

The properties of negative feedback were mentioned in the Introduction. In the following, 
we shall consider some of these properties in more detail. 


10.2.1 Gain Desensitivity 

The effect of negative feedback on desensitizing the closed-loop gain was demonstrated in 
Example 10.1, where we saw that a 20% reduction in the gain of the basic amplifier gave 
rise to only a 0.025% reduction in the gain of the closed-loop amplifier. This sensitivity- 
reduction property can be analytically established as follows. 

Assume that ft is constant. Taking differentials of both sides of Eq. (10.4) results in 



dA 

(1 +ABf 


Dividing Eq. (10.8) by Eq. (10.4) yields 


dAf 1 dA 
Ay (1 A- Aft) A 


( 10 . 8 ) 


(10.9) O 


which says that the percentage change in A f (due to variations in some circuit pammetei' i- 
smaller than the percentage change in A by a factor equal to the amount of feedback. For this 
reason, the amount of feedback, I + Afi \ is also known as the desensitivity factor. 



10.3 An amplifier with a nominal gain A = 1000 V/V exhibits a gain change of 10 .4 as the operating 

temperature changes from 25°Cto 75 T. If it is required to constrain the change to 0.1 oby ap¬ 
plying negative feedback, what is the largest closed-loop gain possible? II three of these feedback 

amp]itiers are placed in cascade, what overall gain and gain stability are achieve * 

Arts. 10 V/V; 1000 V/V, with a maximum variability of 0.3% over the specified temperature 

range. 
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10.2.2 Bandwidth Extension 

Consider an amplifier whose high-frequency response is characterized by a single pole. | ls 
gain at mid and high frequencies can be expressed as 




1 + s/ 0 ){f 



where A M denotes the midband gain and 0) H is the upper 3-dB frequency. Application of neg¬ 
ative feedback, with a frequency-independent factor /?, around this amplifier results in a 
closed-loop gain Afis ) given by 



1 + fiA(s) 


Substituting for /f(j) from Eq. (10.10) results, after a little manipulation, in 



1 + s/co H { 1 + A M p) 


00 . 11 ) 


Thus the feedback amplifier will have a midband gain of A M /{ 1 + A M p) and an upper 3- 
dB frequency (0 Hf given by 



co H f — (0 H { 1 + A M fi) 


( 10 . 12 ) 



It follows that the upper 3-dB frequency is increased by a factor equal to the amount of 
feedback. 

Similarly, it can be shown that if the open-loop gain is characterized by a dominant low- 
frequency pole giving rise to a lower 3-dB frequency ( 0 L , then the feedback amplifier will 
have a lower 3-dB frequency 0) L 




Note that the amplifier bandwidth is increased by the same factor by which its midband 

* * * 

gain is decreased, maintaining the gain-bandwidth product at a constant value. This point is 
further illustrated by the Bode Plot in Fig. 10.3. 

Finally, note that the action of negative feedback in extending the amplifier bandwidth 
should no: be surprising: Negative feedback works to minimize the change in gain magni¬ 
tude, including its change with frequency. 



4 Consider the noninverting op-amp circuit of Example 10.1. Let the open-loop gain A have a low-fre¬ 
quency value of 10 and a uniform -6-dB/octave rolloff at high frequencies with a 3-dB frequency 

of 100 Hz. Find the low-frequency gain and the upper 3-dB frequency of a closed-loop amplify 
with R ] = 1 kQ and /?, = 9 kQ 

Ans. 9.99 V/V; 100.1 kHz 
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A 



Figure 10.3 Application of negative feedback reduces the midband gam, increases / w , and reduces/^, all by 
the same factor, ( I +A ,,/f), which is equal to the amount of feedback. 


10.2.3 Interference Reduction 


Negative feedback can be employed to reduce the interference in an amplifier or, more pre¬ 
cisely, to increase the ratio of signal to interference. However, as we shall now explain, this 
interference-reduction process is possible only under certain conditions. Consider the situa¬ 
tion illustrated in Fig. 10.4. Figure 10.4(a) shows an amplifier with gain A it an input signal 
V, and interference, V . It is assumed that for some reason this amplifier suffers from 

$ ■ n * j * * 

interference and that the interference can be assumed to be introduced at the input of the 
amplifier. The signal-to-interference ratio tor this amplifier is 

S/I = VJV n (10.14) 


Consider next the circuit in Fig. 10.4(b). Here we assume that it is possible to build another 
amplifier stage with gain A -> that does not suffer from the interference problem. If this is the 
case, then we may precede our original amplifier A\ by the clean amplifier A 2 and apply 
negative feedback around the overall cascade of such an amount as to keep the overall gain 
constant. The output voltage of the circuit in Fig. 10.4(b) can be found by superposition. 


AiA 2 jr ^ i _ 

V ° = V ’\ 71/170+ ” 1 + A l A 2 0 

Thus the signal-to-interference ratio at the output becomes 



(10.15) 


(10.16) 


which is A 2 times higher than in the original case. 

We emphasize once more that the improvement in signal-to-interference ratio y e 
application of feedback is possible only it one can precede the interference prone sta t 
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(a) 

K 



(b) 

Figure 10.4 Illustrating the application of negative feedback to improve the signal-to-interference ratio in 
amplifiers. 


by a (relatively) interference-free stage. This situation, however, is not uncommon in 
practice. The best example is found in the output power-amplifier stage of an audio 
amplifier. Such a stage usually suffers from a problem known as power-supply hum. 
The problem arises because of the large currents that this stage draws from the power 
supply and the difficulty of providing adequate power-supply filtering inexpensively 
The power-output stage is required to provide large power gain but little or no voltage 
gain. We may therefore precede the power-output stage by a small-signal amplifier that 
provides large voltage gain, and apply a large amount of negative feedback, thus restor¬ 
ing the voltage gain to its original value. Since the small-signal amplifier can be ted 
from another, less helty (and hence better regulated) power supply, it will not sutler 
from the hum problem. The hum at the output will then be reduced by the amou 
voltage gain ot this added preamplifier. 



10.5 Consider a power-output stage with voltage gain A , = 1, an input signal V s - 1 V, and a hum V n ot 
1 V. Assume that this power stage is preceded by a small-signal stage with gain A 2 = 100 

that overall feedback with/?=] is applied. If V x and V n remain unchanged, find the signal and inter¬ 
ference voltages at the output and hence the improvement in Sfl 
Ans. =1 V;~0.01 V; 100(40dB) 
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Figure 10.5 Illustrating the application of negative feedback to reduce the nonlinear distortion in ampli¬ 
fiers. Curve (a) shows the amplifier transfer characteristic (v Q versus v,) without feedback. Curve (b) 
shows the characteristic (v,, versus v s ) with negative feedback (ft = 0.0 1 ) applied. 


10.2.4 Reduction in Nonlinear Distortion 


Curve (a) in Fig. 10.5 shows the transfer characteristic v 0 versus v { of an amplifier. As indi¬ 
cated. the characteristic is piecewise linear, w ith the voltage gain changing from 1000 to 100 
and then to 0. This nonlinear transfer characteristic will result in this amplifier generating a 

large amount of nonlinear distortion. 

The amplifier transfer characteristic can be considerably linearized (i.e., made less non¬ 
linear) through the application of negative feedback. That this is possible should not be too 
surprising, since we have already seen that negative feedback reduces the dependence ot the 
overall closed-loop amplifier gain on the open-loop gait ot the basic amplifier. Thus large 
changes in open-loop gain (1000 to 100 in this case) give rise to much smaller corresponding 

changes in the closed-loop gain. 

To illustrate, let us apply negative feedback with /?= 0.01 to the amplifier whose open- 
loop voltage transfer characteristic is depicted in Fig. 10.5. The resulting transfer characteris¬ 
tic of the closed-loop amplifier, v 0 versus v s , is shown in Fig. 10.5 as curve (b). Here the 

slope of the steepest segment is given by 


1000 

A f' ~ 1 + 1000x0.01 


90.9 


anu me siope oi me lcal segment uj 


_ 100 = 50 
Afl ~ \ + 100x0.01 

Thus the order-of-magnitude change in slope has been considerably reduced. The price paid, of 
course, is a reduction in voltage gain. Thus it the overall gain has to be restore , 
preamplifier should be added. This preamplifier should not present a severe nonlmear-dis or- 
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Finally, it should he noted that negative feedback can do nothing at all about amplify 
saturation, since in saturation the gain is very small (almost zero! and hence the amount of 
feedback is almost unity. 

10.3 The Four Basic Feedback Topologies 

Based on the quantity to be amplified (voltage or current and on the desired form of output 
(voltage or current), amplifiers can be classified into four categories. 1 tiese categories were 
discussed in Chapter 1. In the following, we shall review this amplifier classification and 
point out the feedback topology appropriate in each case. 

10.3.1 Voltage Amplifiers 

Voltage amplifiers are intended to amplify an input voltage signal and provide an output 
voltage signal. The voltage amplifier is essentially a voltage-controlled voltage source 
The input resistance is required to be high, and the output resistance is required to be low 
Since the signal source is essentially a voltage source, it is convenient to represent it in 
terms of a Thevemn equivalent circuit. In a voltage amplifier, the output quantity of inter¬ 
est is the output voltage. It follows that the feedback network should sample the output 
voltage, just as a voltmeter measures a voltage. Also, because of the Th 6 venin representa¬ 
tion of the source, the feedback signal x f should be a voltage that can be mixed with the 
source voltage in series. 

The most suitable feedback topology for the voltage amplifier is the voltage-mixing, 
voltage-sampling one shown in Fig. 10.6. Because of the series connection at the input and 
the parallel or shunt connection at the output, this feedback topology is also known as 
series-shunt feedback. As will be shown, this topology not only stabilizes the voltage gain 
but also results in a higher input resistance (intuitively, a result of the series connection at 
the input) and a lower output resistance (intuitively, a result of the parallel connection at 
the output), which are desirable properties for a voltage amplifier. 



■ 

Figure 10.6 Block diagram ot a feedback voltage amplifier. Here the appropriate feedback topology 
series-shunt. 
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The increased input resistance results because V f subtracts from V s , resulting in a smaller 
signal V i at the input tit the basic amplifier. The lower V t , in turn, causes the input current to 
be smaller, with the result that the resistance seen by V s will be larger. We shall derive a for¬ 
mula for the input resistance ot the feedback voltage amplifier in the next section. 

The decreased output resistance results because the feedback works to keep V 0 as con¬ 
stant as possible. Thus if the current drawn from the amplifier output changes by A l G , the 
change AT,, in V a will be lower than it would have been if feedback were not present. Thus 
the output resistance AF 0 /A I 0 will be lower than that of the open-loop amplifier. In the fol¬ 
lowing section we shall derive an expression for the output resistance of the feedback volt¬ 
age amplifier. 

I hree examples of series-shunt feedback amplifiers are shown in Fig. 10.7. The ampli¬ 
fier in Fig. 10.7(a) is the familiar noninverting op-amp configuration. The feedback net¬ 
work. composed of the voltage divider (J?,, R z ), develops a voltage V f that is applied to the 
negative input terminal of the op amp. The subtraction of V } from V s is achieved by utiliz¬ 
ing the differencing action of the op-amp differential input. For the feedback to be negative, 
y must be of the same polarity as V s , thus resulting in a smaller signal at the input of the 
basic amplifier. I o ascertain that this is the case, we follow the signal around the loop, as 
follows: As V s increases, V 0 increases and the voltage divider causes V f to increase. Thus 
the change in V f is of the same polarity as the change in V s , and the feedback is negative. 

The second feedback voltage amplifier, shown in Fig. 10.7(b), utilizes two MOSFET 
amplifier stages in cascade. The output voltage V 0 is sampled by the feedback network com¬ 
posed of the voltage divider (R ly R : ), and the feedback signal V j is fed to the source termi¬ 
nal of Q x . The subtraction is implemented by applying V s to the gate of Q { and to its 
source, with the result that the signal at this amplifier input V i - V gs = V s - V f . To ascertain 
that the feedback is negative, let V s increase. The drain voltage of Q x will decrease, and 
since this is applied to the gate of Q 2 , its drain voltage V 0 will increase, he feedback net¬ 
work will then cause V, to increase, which is the same change in polarity initially assumed 

for V . Thus the feedback is indeed negative. 

*3 



Figure 10.7 Examples of a feedback voltage amplifier. All these circuits employ senes 
Note that the dc bias circuits are only partially shown. 


-shunt feedback. 
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Figure 10.7 continued 


The third example of series-shunt feedback, shown in Fig. l(*.7(c), utilizes aCG transis¬ 
tor Q with a fraction V. of the output voltage V 0 fed back to the gate through a voltage 
divider (/?,, /?,). Observe that the subtraction of K from V s is effected by applying \\ to the 
source, thus the input V f to the CG amplifier is obtained as V s - V< . As usual, however, we 
must check the polarity of the feedback: If K increases, V d (which is V it ) will increase and 
Vf will correspondingly increase. Thus V f and V s change in the same direction, verifying 
that the feedback is negative. 



10.6 For the circuit in Fig. 10.7(c) let (R ] + R : ) > R D , Using small-signal analysis, find expressions 

for the open-loop gain A = V Q /V t \ the feedback factor 0 = V/V g ; and the closed loop gain 

^ or Aft §> 1, find an approximate expression for A f , Neglect r tJ . 

Ans. A = g m R D ; 0 = /?,/(/?, + ^? 2 ); 

4 _ _ Sm^D _ . I . R2 ' 

' 1 +g m R D R l /(R l +R 2 )'\ + ~rJ 



3.2 Current Amplifiers 

The input signal in a current amplifier is essentially a current, and thus the signal sot 
most conveniently represented by its Norton equivalent. The output quantity of inte 
current, hence the feedback network should sample the output current , just as a c 
meter measures a current. The feedback signal should be in current form so that it n 
mixed in shunt with the source current. Thus the feedback topology most suitable for 
rent amplifier is the current-mixing, current-sampling topology, illustrated ii 
10.8(a). Because of the parallel (or shunt) connection at the input, and the series conn 
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Figure 10.8 (a) Block diagram of a feedback current amplifier. Here, the appropriate feedback topology 
is the shunt-series. (hf Example of a feedback current amplifier. 


the output, this feedback topology is also known as shunt-series feedback. As will be 
>wn, this topology not only stabilizes the current gain but also results in a lower input 
istance, and a higher output resistance, both desirable properties for a current ampli ter. 
The decrease in input resistance results because the feedback current I f subtracts rom 
input current l , and thus a lower current enters the basic current amplifier. This in turn 
ults in a lower voltage at the amplifier input, that is, across the current source I s . t (y 
vs that the input resistance of the feedback current amplifier will be lower than t at o t e 
en-loop amplifier. We shall derive an expression tor R if in Section 10.5. 

The increase in output resistance is simply a result of the action of negative ee 
eping the value of / as constant as possible. Thus if the voltage across ^ is changed, the 
'lilting change in /, will be lower than it would have been without the feedbac , w ic 
plies that the outnut resistance is increased. An expression for R of wi e enve 
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An example of a feedback current amplifier is shown in Fig. 10.8(b). It utilizes a CG 
stage Q s followed by a CS stage Q 2 . The output current J a is fed to a load resistance R, A 
sample of i 0 is obtained by placing a small resistance R M in series with R L . The voL 
developed across R M is fed via a large resistance R F to the source node of Q v The feedback 
current 1 , that flows through R F is subtracted from / s at the source node, resulting in 
input current /, = I s - //. For the feedback to be negative, I f must have the same polarity as 
l s To ascertain that this is the case, we assume an increase in I s and follow the change 
around the loop: An increase in I s causes I, to increase and the drain voltage of 0 W jj| 
increase. Since this voltage is applied to the gate ot the /^-channel device Q 2 , its increase will 
cause / 0 , the drain current of Q 2 > to decrease. Thus, the voltage across R M will decrease 
which will cause /, to increase. This is the same polarity assumed for the initial change in 
/ verifying that the feedback is indeed negative. 


Example 10.2 


For the feedback current amplifier shown in Fig 10.8(b), find expressions for the open-loop gain 
A = I 0 /I t , the feedback factor j3 = (I/IJ, and the closed-loop gain A f = I 0 /I s . For simplicity, neglect 
the Early effect in Q } and Q 2 . 
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Figure 10.9 Analysis of the feedback current amplifier of Fig. 10.8(b) to obtain A = L/I, and p = //4* 


Solution 


Figure 10.9 shows the circuit prepared for small-signal analysis. Some of the analysis is also indicated on 
the diagram. Since, as indicated. 


4 1)1 1 
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the open-loop gain A is given by 



“ Sm2^D 


To obtain p, we observe that l Q is ted to a current divider formed by R M and R F . Since current mixing 
results in a reduced input resistance, the voltage at the source node of Q 2 will be close to zero, and R F in 
effect appears in parallel with /? jW , enabling us to obtain P as 


0 = k ~ R v 
4 Rf + Rm 

where the negative sign is a result ot the reference directions used for I 0 and If. Note, however, that the 
loop gain Ap will be positive, as should always be the case in a negative feedback amplifier. We can 
now combine A and p to obtain A f as 



_ 8m2^_D _ 

1 + (’ + 



10.7 


For the feedback current amplifier of Fig. 10.8(b), analyzed in Example 10.2, find an approximate 
expression for the closed-loop current gain under the condition that the loop gain is large. Also, 

state the condition precisely. 

Rf 


Ans. A, — - ! + 
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Sm2 R D 


M 


, , Rf} 
^>1 1 + --- 

Rm 


10.33 Transconductance Amplifiers 

In transconductance amplifiers the input signal is a voltage and the output signal is a current. 
It follows that the appropriate feedback topology is the voltage-mixing, current-sampling 
topology, illustrated in Fig. 10.10(a). The presence of the series connection at both the input 
and the output gives this feedback topology the alternative name series-series feedback. 

As in the case of the feedback voltage amplifier, the series connection at the input results 
in an increased input resistance. The sampling of the output current results in an increased 
output resistance. Thus the series-series feedback topology provides the transconductance 
amplifier with the desirable properties of increased input and output resistances. 

Examples of feedback transconductance-amplifiers are shown in Fig. 10.10 (b) and (c). 
The circuit in Fig. 10.10(b) utilizes a differential amplifier /t, followed by a CS stage £4 
The output current /, is fed to R f and to a series resistance R F , which develops a leedbac 
voltage V f . The latter is applied to the positive input terminal ot the differential amp. ler 
A { . The subtraction of V, from V s is performed by the differencing action of t e 
differential-amplifier input. At this point we must check that Vf and V s avc 1 G sa 
polarity: A positive change in V s will result in a negative change at the gate of 2 ’ w _ . 
turn causes /„ to increase. The increase in I Q results in a positive change in V f , which is the 
same polarity assumed for the change in V s > verifying that the feedback is negative. 

The transconductance amplpifier in Fig. 10 .10(c) utilizes a CS amplifier Q } in cascade 
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Figure 10.10 (a) Block diagram of a feedback transconductance amplifier. Here, the appropriate feedback 
topology is series-series, (b) Example of a feedback transconductance amplifier, (c) Another example. 

R f that develops a feedback voltage V f , The latter is fed to the source of Q\, thus utilizing 
the input of to implement the subtraction. V t — V s - V f . The reader is urged to verity 
that Vf has the same polarity as V s and thus that the feedback is negative. 



10.8 For the circuit in Fig. 10.10(b), let the differential amplifier A , have an infinite input resistance. 
Use small-signal analysis to obtain expressions for the open-loop gain A = /, /V,, the feedback 
factor /? = Vf/I 0 , and the closed-loop gain A f = l n / T v . If the loop gain is much greater than unity, 
find an approximate expression for A f . Neglect r n2 . 


Arts. 
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10.3.4 Transresistance Amplifiers 

In transresistance amplifiers the input signal is current and the output signal is voltage. 
It follows that the appropriate feedback topology is of the current-mixing, voltage¬ 
sampling type, shown in Fig. 10,11(a). The presence of the parallel (or shunt) connection at 
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figure 10.11 (a) Block diagram of..feedback transresistmcc *** 
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both the input and the output makes this feedback topology also known as shunt-shu 
feedback. 

The shunt connection at the input causes the input resistance to be reduced. The shuntco 
nection at the output stabilizes the output voltage and thus causes the output resistance io 
reduced, Thus, the shunt-shunt topology equips the transresistance amplifier with the desir¬ 
able attributes of a low input and a low output resistance. 

Three examples of feedback transresistance amplifiers are shown in Fig, 10.11(b) ( C( 
and (d). The circuit in Fig. 10.11(b) utilizes an op amp with a feedback resistance R i 
senses V 0 and provides a feedback current I f that is subtracted from I s at the input node, Tp 
see that the feedback is negative, let I s increase. The input current /, will increase, causing 
the voltage of the negative input terminal to rise. In response, the output voltage will 
decrease, causing an increase in I f . Thus I f and I s have the same polarity, and the feedbacl 
is negative. 

The circuit in Fig. 10.11(c) utilizes a CG stage Q ] cascaded with a CS stage Q ,. A feed¬ 
back resistor R F senses V Q and feeds a current I f to the input node, where the subtraction 
from I s takes place. The reader is urged to show that I ( and l s have the same polarity and thus 
the feedback is negative. 

Finally, the BJT feedback transresistance amplifier in Fig. 10. 11 (d) utilizes a CE stage Q 
cascaded with an emitter follower Q y A feedback resistor R F senses V u and feeds back a cur 
rent I f to the input node, where it is subtracted from I s . The reader is urged to show that the 
feedback is indeed negative. 



10.9 


For the circuit in Fig. 10.11(b), let the op amp have an open-loop gain A , a differential input re¬ 
sistance R tJ , and a zero output resistance. Analyze the circuit from first principles (i.e., do not 
use the feedback analysis approach) to determine A f = V 0 /I. Under what conditions does 


7 


Ans 


-R f 1 


A f - R f 



l +- + 


1 R 


A AR: 


A > 1 and AR ld > R F 


id 


10.3.5 A Concluding Remark 

Throughout this section we introduced examples of the four different types of feedback 
amplifier. However, in order to use the feedback analysis approach, we had to make a van 
ety of approximations. For instance, in Example 10.2, to find ft we had to assume that the 
input resistance ol the closed-loop amplifier was very low. Also, in Exercise 10h vve 
assumed that (/?, + R 2 ) > R D , that is, that the feedback network does not load the haste 
amplifier. I lie need to make such approximations in a seemingly ad hoc manner is nud tUI 
somewhat disconcerting to the reader. There is, however, very good news: Starting > n * 
next section we will present a systematic approach for the analysis of feedback amplj^ 
that takes into account the various loading effects and thus obviates the need lor j 

approximations. 
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10.4 The Feedback Voltage Amplifier 'Series-Shunt) 

10.4.1 The Ideal Case 

As mentioned before, se es—shunt is the appropriate feedback topology for a voltage ampli- 
fier.The ideal structure of the series-shunt feedback amplifier is shown in Fig. 10.12(a). It 
consists ot a unilateral open-loop amplifier (the A circuit) and an ideal voltage-sampling, 
voltage-mixing feedback network (the /?circuit). The A circuit has an input resistance R r an 
open-circuit voltage gam f, and an output resistance R r It is assumed that the source and 
load resistances have been absorbed inside the A circuit (more on this point later). Further¬ 
more, note that the /?circuit does not load the A circuit; that is, connecting the ^circuit does 
not change the value of A (defined as A = V 0 / V ,). 
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Figure 10,12 The series-shunt feedback amplifier: (a) ideal structure; (b) equivalent circuit. 






























































































824 Chapter TO Feedback 


The circuit of Fig. 10.12(a) exactly follows the ideal feedback model of Fig. 10.1. There 
fore the closed-loop voltage gain ^is given by * 



A 

1 +AJ3 



The equivalent circuit model of the series-shunt feedback amplifier is shown in fig 
10.12(h). Observe that A f is the open-circuit voltage gain of the feedback amplifier. R j s j te 
input resistance, and R of is its output resistance. Expressions for R if and R o/ can be derived 
as follows. 

For R if , refer to the input loop of the circuit in Fig. 10.12(a). The series mixing subtracts 
y from V s and thus reduces V { by a factor equal to the amount of feedback lEq. 10.7), 

V _ K 

1 1 +A0 

Thus the input current /, becomes 



R, (1 +A&R, 



Since 1, is the current drawn from V s , the input resistance R lf can be expressed as 


and using Eq. (10.18) is found to be 




R,f - (1 + AP)R t 


(10.19) 


Thus, as expected, the series-mixing feedback results in an increase in the amplifier input 
resistance by a factor equal to the amount of feedback, (1 + 4/7), a highly desirable property 
for a voltage amplifier. 

It should be clear from the above derivation that the increased input resistance is a result 
only ot the series mixing and is independent of the type of sampling. Thus, the transconduc¬ 
tance amplifier, which is the other amplifier type in which series mixing is employed, will 
also exhibit an increased input resistance even though the Jeedback network samples its out¬ 
put current (series sampling). 

To determine the output resistance R f of the feedback amplifier in Fig. 10.12(a), we set 
V s = 0 and apply a test voltage V x between the output terminals, as shown in Fig. 10-13. If 
the current drawn from V x is / r , the output resistance R , f is 



An equation for the output loop yields 


From the input loop we see that 



V x -AV t 


R 


() 


Now 


Vf = 


pV 0 = fiV x ; thus, 
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Figure 10.13 Determining the output resistance of the feedback amplifier of Fig. 10.12(a): R of = VJI x . 


Vi = -pv x 

which when substituted in Eq. (10.21) yields 

V x {\+Ap) 

x K 

Substituting this value of I x into Eq. (10.20) provides the following expression for R iin 

**- ttS? « l#22> • 

Thus, as expected, the shunt sampling (or voltage sampling) at the output results in a 
decrease in the amplifier output resistance by a factor equal to the amount ot negative feed¬ 
back. (1 + Aft), a highly desirable property for a voltage amplifier. 

Although perhaps not entirely obvious, the reduction of the output resistance is a result 
only of the method of sampling the output and does not depend on the method ot mixing. 

Thus, the transistance amplifier, which is the other amplifier type in which shunt (or volt¬ 
age) sampling is employed, will also exhibit a reduced output resistance. 

10.4.2 The Practical Case 

In a practical series-shunt feedback amplifier, the teedback network will not be an ideal v oltage- 
controlled voltage source. Rather, the teedback network is usually resistive and hence will 
load the basic amplifier and thus affect the values of A, R jt and R 0 . In addition, the source and 
load resistances will affect these three parameters. Thus the problem we have is as follows. 

Given a series-shunt feedback amplifier represented by the block diagram of Fig. 10.14(a), find 

the A circuit and the p circuit. 

Our problem essentially involves representing the amplifier of Fig. 10.14(a) by the ideal 
structure of Fig. 10.12(a). As a first step toward that end we observe that the source and load 
resistances should be lumped with the basic amplifier. This, together with representing the 
two-port feedback network in terms of its h parameters see Appendix C), is illustrated in 
Fig. 10.14(b). The choice of h parameters is based on the fact that this is the only parameter 
set that represents the feedback network by a series network at port 1 and a parallel network 
at port 2. Such a representation is obviously convenient in view ot the series connection at 

the input and the parallel connection at the output. 

Examination of the circuit in Fig. 10.14(h) reveals that the current source /i,,/, represents 

the forward transmission of the feedback network. Since the teedback network is usua y 
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(b) 






Figure 10.14 Derivation of the A circuit and /? circuit for the series^-shunt feedback amplifier, ( 
diagram of a practical series-shunt feedback amplifier, (b) The circuit in (a) with the feedback 
represented hy its h parameters, (c) The circuit in (b) with h t neglected. 
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passive, its forward transmission can be neglected in comparison to the much larger forward 
transmission of the basic amplifier. We will therefore assume that \h 2l |feedback <§ |/ 7 21 [basic 
and thus omit the controlled source h 2i I l altogether. netW0Ik amplifier 

Compare the circuit of Fig. 10.14(b) (after eliminating the current source h 2 J\) with the 
ideal circuit oJ Fig. 10.12(a). We see that by including /?, and h 22 with the basic amplifier, 
we obtain the circuit shown in Fig. 10.14(c), which is very similar to the ideal circuit. Now, 
if the basic amplifier is unilateral (or almost unilateral)—that is it does not contain internal 
feedback —then the circuit of Fig. 1 1.14(c) is equivalent to the ideal circuit. It follows then 
that the A circuit is obtained by augmenting the basic amplifier at the input with the source 
resistance /?, ami the lesistance h u of the feedback network, and at the output with the load 
resistance R L and the conductance h 12 of the feedback network. 

We conclude that the loading effect of the feedback network on the basic amplifier is 
represented by the components h u and h 22 , \ rom the definitions of the h parameters in 
Appendix ( we see that is the resistance looking into port 1 of the feedback network with 
port 2 short-circuited. Since port 2 of the feedback network is connected in shunt with the 
output port of the amplifier, short-circuiting port _ destroys the feedback. Similarly, h 22 is 
the conductance looking into port 2 of the feedback network with port 1 open-circuited. 
Since port 1 of the feedback network is connected in series with the amplifier input, open- 
circuiting port 1 destroys the feedback. 

These observations suggest a simple rule for finding the loading effects of the feedback 
network on the basic amplifier: The loading effect is found by looking into the appropriate 
port of the feedback network while the other port is open-circuited or short-circuited so as to 
destroy the feedback. If the connection is a shunt one, we short-circuit the port; if it is a 
series one, we open-circuit it. In Sections 10.5, 10.6, and 10.7 it will be seen that this simple 
rule applies also to the other three feedback topologies. 

We next consider the determination of/?. From Fig. 10.14(c), we see that /? is equal to h l2 

of the feedback network, 


(10.23) 

' V 2 /,=o 

Thus to measure /?, one applies a voltage to port 2 of the feedback network .uul uk ^ the 
voltage that appears at port 1 while the latter port is open-circuited. This result is intuitively 
appealing because the object of the feedback network is to sample the output voltage ( V 2 = F 0 ) 
and provide a voltage signal ( V { = V f ) that is mixed in series with the input source. The series 
connection at the input suggests that (as in the case of finding the loading effects of the feed¬ 
back network) /?should be found with port 1 open-circuited. 


10.4.3 Summary 

A summary of the rules for finding the A circuit and /? tor a given series-shunt feedback 
amplifier of the form in Fig. 10.14(a) is given in Fig. 10.15. As tor using the feedback for¬ 
mulas in Eqs. (10.19) and (10.22) to determine the input and output resistances, it is impor¬ 
tant to note that: 

1. R and R t are the input and output resistances, respectively, of the A circuit in 
Fig. 10.15(a). 

2. R, and R of are the input and output resistances, respectively, of the feedback ampli 
tier, including R ( and R, (see Fig. 10.14a). 


A simple rule to remember: If the connection is s//unt, shoft it, it series, ,u\er it 
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Figure 10.15 Summary of the rules for finding the A circuit and (5 for the series-shunt case of Fig. 10.14(a). 


3. The actual input and output resistances of the feedback amplifier usually exclude/f, 
and R l . These are denoted R m and R t in Fig. 10.14(a) and can be easily detemiinedas 


^in ~ Rif~~ R. 


R oul = l 


Example 10.3 


r i 


V 


R„r R 


of 



■ P 




Figure 10.16(a) shows an op amp connected in the noninverting configuration. The op amp has an open* 
loop gain //, a differential input resistance R hjt and an output resistance r u . Recall that in our analysis oi 
op-amp circuits in Chapter 2, we neglected the effects of R id (assumed it to be infinite) and of r a (assumed 
it to be zero). Here we wish to use the feedback method to analyze the circuit taking both R ld *nd r„into 
account. Find expressions for A, /?, the closed-loop gain V 0 /V s , the input resistance R in (see Fig. 10.16a), 
and the output resistance R mv Also find numerical values, given u - 10 4 , R , = 10(1 kU, r, = 1 kQ, R t . 
kQ, /?, = 1 kQ, R 2 = ] MQ, and R = 10 kQ. 
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Figure 10.16 Circuits for Example 10.3. 
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Example 10.3 continued 

Solution 

We observe that the feedback network consists of R 2 and R v Thi^ network samples the output voltage V 
ll jSes a vlge signa. (across «,) .ha. is mixed in series with .he inpu, source K. 

The A circuit can be easily obtained following the rules of Fig. 10.15, and is shown in Fig. 10.16(b). 
•bserve that the loading effect of the feedback network at the input side is obtained by short-circuiting 
port 2 of the feedback network (because it is connected in shunt) and looking into port 1, with the result 
that R u = R , || J? 2 . The loading effect of the feedback network at the output side is found by open-cir¬ 
cuiting port 1 (because it is connected in series) and looking into port 2, with the result that 
r v = R 2 + R x . For the resulting A circuit in Fig. 10.16(b), we can write by inspection: 


F 


R, II (*.+*?) 


R. 


A ~ v, M [R L \\(R [ +R l )} + r l> R id +R s +(R x \\R 2 ) 


For the values given, we find that A — 6000 V/V . 

The circuit for determining /? is shown in Fig. 10.16(c), from which we obtain 




Vf 


R 


\ 


K *,+*2 


- 10 V/V 


The voltage gain with feedback can now be obtained as 


. -X* 

A f~ Y 


1 +A0 


6000 

7 


= 857 V/V 


The input resistance ^ determined by the feedback equations is the resistance seen by the external source 
(see Fig. 10.16a), and is given by 

R if = RiH+Ap) 

where R i is the input resistance of the A circuit in Fig. 10.16(b): 

i?, = R s + R id + (/?, ||/? 2 ) 

For the values given, R t — 111 k£2, resulting in 


R lf = 111x7 = 111 kQ 

i is, however, is not the resistance asked for. What is required is R tn , indicated in Fig. 10.16(a). To obtain 
R m we subtract R , from R lf \ 


R in ~ R i/~ R s 

For the values given, R m = 739 kU The resistance R iif given by the feedback equations is the output resis¬ 
tance of the feedback amplifier, including the load resistance /?,, as indicated in Fig. 10.16(a). R 0 j i s 
given by 

n _ 

0/ 1 +Ap 

where R 0 is the output resistance of the A circuit. R can be obtained by inspection of Fig. 10.16(b) as 

R o = r 0 || R l || (R 2 + R { ) 

For the values gi ven, R u ~ 667 Q, and 



667 


= 95.3 Q 


7 
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The resistance asked tor, /? out , is the output resistance of the feedback amplifier excluding R From Fig 

10.16(a) we see that L ' 6 

Kf = * ou, II R l 

Thus 

R out ^ 100 Q 


Example 10.4 


As another example of a series-shunt feedback amplifier, consider the circuit shown in Fig. 10.7(b) which 
is repeated in Fig. 10.17(a). It is required to analyze this amplifier to obtain its voltage gain V 0 /V s , input 
resistance R in , and output resistance R out . Find numerical values for the case g, f)1 = g m2 = 4 mA/V, 
r di ~ R di ~ = 1 kfi, and R 2 - 9 kQ. For simplicity, neglect r 0 of each of (2, and Q 2 . 


Solution 


We identify the feedback network as the voltage divider (R ] , R 2 ). Its loading effect at the input is 
obtained by short circuiting its port 2 (because it is connected in shunt with the output). Then, looking 
into its port I, we see /?] \\ R 2 - The loading effect at the output is obtained by open-circuiting port 1 of the 
feedback network (because it is connected in series with the input). Then, looking into port 2, we see R~, 
in senes with R { . The A circuit will therefore be as showm in Fig. 10.17(b). The gain A is determined as 
the product of the gain of Q } and the gain of Q 2 as follows: 


A ,-%1 
1 V, 


R 


D 1 


Sin I R D \ 


1 g m \ +( R \ 11^2) 1 +gm\( R \ 11^2) 


^2 “ r/ _ ~Sml[ R D2 II (^1 + ^ 2 )] 


t/1 


A = TT = AyA* = 


V 




8 m 1 R D)Sm2 I R D2 II (^1 + R 2^ 

1 +£«.(*! 11 * 2 ) 


Foi the numerical values given. 


4x 10 x 4110 I (1 +9)1 _ 173 9 v /y 
1+4(1 || 9) 

The value of j3 is determined from the /? circuit in Fig. 10.17(c), 


Vf 


R 


V 0 R i + R 2 


For the numerical values given. 


/? = 


1 +9 


= 0.1 


The closed-loop gain V a /V % can now be found as 


173.9 


V A 

y ~ \ + Aj3 1 + 173.9 x 0.1 


= 9.5 V/V 
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Example 10.4 continued 



Figure 10.17 (a) Series-shunt feedback amplifier for Example 10.4; (b) The A circuit; (c) The /^circuit. 


The input resistance is obviously infinite because of the infinite input resistance of the MOSFET. e 
output resistance R 0{1X is obtained as follows. 


^oul = ^of — 


R 


ft 


1 + Afi 


where R n is the output resistance of the A circuit. From Fig. 10.17(b) 


*«= II (^1 + «2> 



10 = 5 kQ 
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The amount of feedback is 


1 + A(d = 1 +(173.9x0.1) = 18.39 


Thus, 



5000 


18.39 


272 n 


which is relatively low given that the open-loop amplifier has R t ,= 5000 Q , 




10.10 If the op amp of Example 10.3 has a uniform -6-dB/octave high-frequency rolloff with / 3dB = 

1 kHz, find the 3-dB frequency of the closed-loop gain V 0 /V s . 

Ans. 7 kHz ' . 

10.11 The circuit shown in Fig. E10.11 consists of a differential stage followed by an emitter follower, 
with series-shunt feedback supplied by the resistors /?, and R v Assuming that the dc component of 
f.. is zero, and that (dot the BJTs is very high, find the dc operating current of each of the three 
transistors and show that the dc voltage at the output is approximately zero. Then find the values of 
.4, ( 3 , Af = l/ V s . R in , and R aut . Assume that the transistors have (3 - 100. 

Ans. 85.7 V/V; 0.1 V/V; 8.96 V/V; 191 kQ; 19.1 Q. 
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Figure EIO.11 

10.12 For the series-shunt amplifier in Fig. 10.7(c), find A, fd, Aj- , R in , and R oul . Neglect r a ot Q 

Ans. A = g m [R D \\(R t +R 2 )Y,P= /?,/(«, + « 2 )^ 

A, = A/( I + Ap) \ R m = (I /gj( 1 + Ap ); 

«ou. = [« 0 II<S, + K 2 >]/(I+' 
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10.5 The Feedback Transconductance Amplifier 

(Series-Series) 


10.5.1 The Ideal Case 

As mentioned in Section 10.3, the series-series feedback topology stabilizes 1/V, and 
is therefore best suited for transconductance amplifiers. Figure 10.18(a) shows the ideal 
structure for the series-series feedback amplifier. It consists of a unilateral open-loop 
amplifier (the A circuit) and an ideal feedback network. The A circuit has an input resis¬ 
tance R r a short-circuit transconductance A = I 0 / V) y and an output resistance R o . The 
(3 circuit samples the short-circuit output current I Q and provides a feedback voltage V, 
that is subtracted from V ; in the series input loop. Note that the /? circuit presents zero 
resistance to the output loop, and thus does not load the amplifier output. Also, the feed¬ 
back signal V f = j3l n is an ideal voltage source, thus the (3 circuit does not load the 
amplifier input. Also observe that while A is a transconductance, f3 is a transresistance, 
and thus the loop gain Af3 is, as expected, a dimensionless quantity. Finally, note that 
the source and the load resistances have been absorbed inside the A circuit (more on this 

later). 


A circuit 


S 

o 






Figure 10.18 


The series-series feedback amplifier (a) 


ideal structure; (b) equivaleni 
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Since the structure of Fig. 10.18(a) follows the ideal feedback structure of Fie 1 I, we 

can obtain the closed-loop gain A t as 



(10.26) 


The feedback transconductance amplifier can he represented by the equivalent circuit in Fig 
10.18(b). Note that Aj is the short-circuit transconductance. Because of the series mixing, 
the input resistance with feedback, R^, will be larger than the input resistance of the A cir¬ 
cuit, R , by a factor equal to the amount of feedback. 


Rtf - i + Afi) 


(10.27) O 


Recall that the derivation we employed in the previous section to obtain R if of the series- 
shunt feedback amplifier did not depend on the method of sampling. Thus it applies equally 
well to the series-series amplifier we are considering here. 

Next we consider the output resistance R of of the feedback transconductance amplifier. 
From the equivalent circuit in Fig. 10.18(b) we observe that R if is the resistance seen by 
breaking the output loop (say at 00 ) and setting V t to zero. Thus to find the output resis¬ 
tance R , of the series-senes feedback amplifier of Fig. 10.18(a) we reduce V t to zero and 
break the output circuit to apply a test current /, as shown in Fig. 10.19: 



( 10 . 28 ) 


In this case, V . = - 1 r ( = -pi, - -(31 x . Thus for the circuit in Fig. 10.19 we obtain 

V, = (I x -AVj)R 0 = ( I. + AfiI,)R 0 

Hence 


R of = {\+A0)R a (10.29) O 

That is, in this case the negative feedback increases the output resistance. This should have 
been expected, since the negative feedback tries to make I 0 constant in spite of changes in the 
output voltage, which means increased output resistance. This result also confirms our earlier 
observation: The relationship between R t/ and R is a function only of the method of sampling. 



figure 10.19 Determining the output resistance R„ of the series-series feedback amplifier. 
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While voltage (shunt) sampling reduces the output resistance, current (series) sampling 

increases it. (i . . , , 

We conclude that the series-series feedback topology increases both the input and the 

output resistance, a highly desirable outcome for a transconductance amplifier. 

10,5.2 The Practical Case 

Figure 10.20(a) shows a block diagram tor a practical series—series feedback amplifier. To 
be'able to apply the feedback equations to this amplifier, we have to represent it by the ideal 
structure of Fig. 10.18(a). Our objective therefore is to devise a simple method for finding ^ 
and /?. Observe the definition of the amplifier input resistance R in and output resistance R M . 
It is important to note that these are different from R lf and R op which are determined by the 

feedback equations, as will become clear shortly. 

The series-series amplifier of Fig. 10.20(a) is redrawn in Fig. 10.20(b) with R s andfl { 
shown closer to the basic amplifier, and the two-port feedback network represented by its 
z parameters (Appendix C). This parameter set has been chosen because it is the only one 
that provides a representation of the feedback network with a series circuit at the input and a 
series circuit at the output. This is obviously convenient in view of the series connections at 
input and output. The input and output resistances with feedback, 7? (/ and R of> are indicated 

on the diagram. 

As we have done in the case of the series-shunt amplifier, we shall assume that the 
forward transmission through the feedback network is negligible in comparison to that 
through the basic amplifier, and thus we can dispense with the voltage source z 2 ,/, in Fig. 
10.20(b). Doing this, and redrawing the circuit to include z n and z 22 with the basic ampli¬ 
fier, results in the circuit in Fig. 10.20(c). Now if the basic amplifier is unilateral (or 
almost unilateral), then the circuit in Fig. I ).20(c) is equivalent to the ideal circuit of 

Fig. 10.18(a). 

It follows that the A circuit is composed of the basic amplifier augmented at the inpm 
with R and z,, and augmented at the output with R, and z 22 . Since z tl and z 22 are the imped¬ 
ances looking into ports 1 and 2, respectively, of the feedback network with the other port 
open-circuited, we see that finding the loading effects oi the feedback network on the basic 
amplifier follows the rule formulated in Section 10.4. That is, we look into one port of the 
feedback network while the other port is open-circuited or short-circuited so as to destroy 
the feedback (open if series and short if shunt). 

From Fig. 10.20(c) we see that is equal to z n of the feedback network. 



(10.30) 


This result is intuiti vely appealing. Recall that in this case the feedback network samples the 
output current [/ 2 = /j and provides a voltage [V f - V x ] that is mixed in series with u 
input source. Again, the series connection at the input suggests that is measured wit 
port 1 open. 


10.5.3 Summary 

For future reference we present in Fig. 10.21 a summary of the rules for finding A an ^ 
for a given series-series feedback amplifier of the type shown in Fig. 10.20(a). Note ^ 
Rt is the input resistance of the A circuit, and its output resistance is R 0 , which ca 
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R , 



R 


in 


© 



Feedback 

network 


(a) 


© 


-o 


R 


out 


R 



(b) 


A circuit 



Figure 10.20 Derivation of the A circuit and the ^circuit for series-series feedback amplifiers, (a) A series- 
series feedback amplifier, (b) The circuit of (a) with the feedback network represented by its z parameters. 

(c) A redrawing of the circuit in (b) with z 2l neglected. 
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(a) The A circuit is 



o 


f i 


o— 


Feedback 

network 


'1 


—o 


R 


“ ... /, 

and the gain A is defined A — 


(b) f$ is obtained 


/■ = 0 


+ o 


- o 


Feedback 

network 


s 


Feedback 

network 


o 



l 


O 


~o 



Ry, 


I 


o 


/, = 0 


Figure 10.21 Finding the A circuit and /? for the series-series feedbag amplifier. 


determined by breaking the output loop and looking between Y and Y' while V i is set to 
zero. R. and R can be used in Eqs. (10.27) and < 10.29 * to determine R i} and R^i see Fig. 
10.20b). The input and output resistances of the feedback amplifier can then be found by 
subtracting R s from R if and R ; from R nf , 



( 10 . 31 ) 

( 10 . 32 ) 



As a first example of a feedback transconductance amplifier, consider the circuit shown in Fig. 10.22(a). 
This is the same circuit we presented in Fig. 10.10(b) and was the subject of Exercise 10.8. Here, for gen¬ 
erality we not only assume that A x has finite input and output resistances but include a source resistance 
R s . The ( if ice l ive is to analyze this circuit to determine its closed-loop gain Af = /,,/ the input resis 
tance of the feedback amplifier /? jn , and the output resistance R out - The latter is the resistance seen 
between the two terminals of R L looking back into the output loop. " 
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Figure 10.22 Circuits for Example 10.5. 


Solution 

First we identify the basic amplifier and the feedback circuit. The basic amplifier consists of the differen¬ 
tial amplifier/)', cascaded with the CS PMOS transistor Q 2 . The output current /„ is sensed by the senes 
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Example 10.5 continued 

resistance R F . The latter is the feedback network t Fig. 10.22b). It develops a voltage ly that is mixed in 
series with the input loop. 

The second step is to ascertain that the feedback is negative. We have already done this in Section 

10.3. , TJ> . . . f 

Next, we determine an approximate value tor A f - = /„/ V s under the assumption that the loop gain 

AB is much greater than unity. This value, found before any analysis is undertaken, will help us deter¬ 
mine at the end whether our analysis is correct: If the loop gain is found to be much greater than unity, 
then the final A f should be close to the value initially determined. I rom the circuit of Fig. 10.22(a), 

fi = Rf 


and thus for large Aj3< 


Af - I = JL 

f P r f 

Next, we determine the A circuit. Since the feedback network (Fig. 10.22b) is connected in series with 
both the input and output loops, we include a resistance R F in each of these loops < which is equivalent to 
saying we include, at the input, the input resistance of the feedback circuit with port 2 open and, at the 
output, the input resistance of the feedback circuit with port 1 open). Doing this, including R s and R L in 
the A circuit, and replacing ,4, and Q 2 with their small-signal models, results in the A circuit shown in 
Fig. 10.22(c). Analysis of this circuit is straightforward: 





R t d + 


Rs + R F 



A,V 


I r /, 





r o2 + R L + R F 


( 10 . 33 ) 

(10.34) 

(10.35) 


Combining these three equations results in 




R id \ 

+ Jij + Rpr 



r o2 


\ 


+ r l + r f 


(10.36) 


Usually R id > (R s + R F ), r o2 • R L + R F ). resulting in the approximate expression for A: 


4 — A [g m2 

The input resistance R , can be found by inspection as 

Rj = R s + R ld + R f 


(10.37) 


(10.38) 


The output resistance R l} is found by setting V t — (), and breaking the output loop at any location, sa\ 
between D 2 and D 2 . Thus, 

Ro ~ r oi + r l + R F 

Finally, p can be found from Fig. 10.22(d) as 



(10.39) 


£ 






m 

■ 
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The loop gain Ap is thus 


A P = i A \gm2 R F ) 


R 


id 


r ol ^ 


+ R s + Rp Kr oi + RL + RP 


(10.40) 


A \Sm2 R F 


( 10 . 41 ) 


With numerical values, one can now obtain the value of AP and determine whether it is indeed much 
greater than unity. We next determine the closed-loop gain 


A /~ 


i +Ap 


Substituting for A from Eq. (10.37) and for AP from Eq. (10.41), we have 


A f ~ 


A \g 


m 


1 + ^1 SmlRf 


For A*g m2 R F >h 


A f “ 


R 


which is the value we found at the outset. 

The series mixing raises the input resistance with feedback, 

R if = R.a+Ap) 

Substituting for R from Eq. (10.38) and for Ap from the full expression in Eq. (10.40), we obtain 

R,f - ( R s + R id + R f )( \ + a P) 


- Rs + Rid + Rp + A ]Sm2RfRid 




r o2 + R l + R f 


which for r o2 >R L + R F yields 


Rtf — R s + R^ + R F + A \gmiRpRid 


To obtain R m , we subtract R from R ^ (see Fig. 10.22a): 


R in = R jd + R f + A\g m zR F Rid 


Usually R F <§ R id , 


R[ n — Rjdi I + A iSmiRp^ 


(10.42) 


which is an intuitively appealing result: The series mixing at the input raises the input resistance R id by a 

factor equal to the approximate value of (1 + Ap), . 

To obtain R , ,. we note that the series connection at the output raises the output resistance, thus, 

R of = R o 0 + A P) 

= (r o2 + Ri + R F )( ^ +A $ 

= r o2 + R l + R f + A P^ r o2 A r l + r f) 
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Example 10.5 continued 

Substituting for A0 from Eq. (10.40) and making the approximation R id $> (R s + R F ), we write 

R 0 f — r o2 + R l + R f + ^]g m 2^F r o2 

To obtain R ,, which is the resistance seen by R L in the circuit of Fig. 10.22(a), we subtract R L from 

IfcF Ur 1 

V 

R ot]l = r o2 + &F + ^\Sm2^F r o2 

usually R F <f r o2 \ thus, 

^ou. - r o2 {\ +A x g m2 R F ) 

which is an intuitively appealing result: The series connection at the output raises the output resistance of 

Q-, (r f ,,) by a factor equal to the amount of feedback. 

Finally, we note that we have deliberately solved this problem in great detail to illustrate the beaut) 



DIO.13 For the circuit analyzed in Example 10.5, select a value for R f that will result in A, — 5 mA/V. 
Now, for A\ - 200 V/V, g m2 - 2 mA/V, R id = 100 kf2, r o2 = 20 kQ, and assuming that 
R s <1 R ld and R L < r o2 , find the value of A t realized and the input and output resistances of the 
feedback transconductance amplifier. If lor some reason g m2 drops in value by 50%, what is the 
corresponding percentage change in A,2 
Ans. 200 Q; 4.94 mA/V; 8.1 M£2; 1.62 MO; -1.25 % 



Because negative feedback extends the amplifier bandwidth, it is commonly used in the design ot broad¬ 
band amplifiers. One such amplifier is the MC1553. Part of the circuit of the M* 1553 is shown in Fig. 
10.23(a). The circuit shown (called a feedback triple) is composed of three gain stages with series-series 
feedback provided by the network composed of R n , R r and R fr . 

Observe that the feedback network samples the emitter current l Q of Q x , and thus l„ is the output 
Ljiunuty of the feedback amplifier. However, practically speaking, I n is rather difficult to utilize, Thus 
usually the collector current of Q 3 , I c , is taken as the output. This current is of course almost equal to I 0 i 
4 ~ TTius, as a transconductance amplifier with / ( as the output current, the output resistance ot 
interest is that labeled R oM in Fig. 10.2 • a). In some applications, I t is passed through a load resistance, 
such as R C3 , and the voltage V 0 is taken as the output. Assume that the bias circuit, which is not shown, 

establishes — 0.6 mA, I C2 ~ 1 mA, and I C3 - 4 mA. Also assume that for all three transistors, 
h fe - 100 and r n = w. 


4 To avoid possible confusion of the BJT current gain 0 and the feedback factor 
sistor p. 


0, we sometimes use 



to denote the tran- 
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(a) Anticipating that the loop gain will be large, find an approximate expression and value for the closed- 
loop gain A f = /,/ V s and hence for I c / V s . Also find VJ V s . 

(b) Use feedback analysis to find A s 0, A fi V D /V S , R in , and R ouV For the calculation of R mt , assume 
that r 0 of Qi is 25 k 12 . 


Solution 


(a) When A 0 > 1, 



1 



w here the feedback i actor 0 can be found from the feedback network. The feedback network is high¬ 
lighted in Fig. 10.23( a), and the determination of the value of 0 is illustrated in Fig. 10.23(b), from which 

we find 



R£2 

&E2 + R F + &E\ 


X R 


£1 


100 

100 + 640+ 100 


x 



u.9 a 


i * * 



(b) 

Figure 10.23 Circuits for Example 10.6. 
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Example 10.6 continued 



Figure 10.23 continued 


Thus. 


A , = 


1 

0 

1 


R 


E2 




R p-) + R&\ 
1 + —-- 


R 


E I 


11.9 


= 84 mA/V 


j7 = 7 1 =84 mA/V 

K . K . 




/ 


o 


—I R 

c C - = -84x0.6 = -50.4 V/V 


V V 

5 r J 

(b) Employing the loading rules given in Fig. 10.21, we obtain the A circuit shown in Fig. 10.23(c). To 
find A — I 0 / Vj we first determine the gain of the first stage. This can be written by inspection as 


V 


I! 


4 ^e\ t^£ | || (/?£+ /? n )] 

Since Q ; is biased at 0.6 mA, r el - 41.7 Q. Transistor Q 2 is biased as 1 niA; thus = ^ e /g m 2 ~ 
100/40 = 2.5 kQ. Substituting these values together with a, = 0 99 R =9 kQ, R n = 100 Q, R e 
640 Q, and R F2 = 100 Q, results in 

K, 


V. 


= - 14.92 V/V 


1 

Next, we determine the gain of the second stage, which can be written bv inspection (noting that V h2 - Kt)® 

V c2 _ 

y ( Sm2 t ^C2 II ( hfe + * ) f r e 3 + ( ^E2 II (Rf + Rfr\ ) ) ] } 
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Substituting g m2 = 40 mA/V, R C1 = 5 kQ, A /f = 100, r e3 = 25/4 = 6.25 Q, 
Q, and R t = 100 Q, results in 


y 

~ = -131.2 V/V 

*cl 


Finally, for the third stage we can write by inspection 

[o _ _ 1 

V c 2 V bl r ei + ( R E 2 II (&F + *£|)) 



= _1_ 

6.25 + (100 || 740) 

Combining the gains of the three stages results in 


10.6 mA/V 



-14.92 x-131.2 x 10.6 x !0 “ 3 


= 20.7 A/V 


1 00 Q, R F = 640 


The closed-loop gain A , can now be found from 



20.7 

1 + 20.7 x 11.9 


83.7 mA/V 


which we note is very close to the approximate value found in (a) above. 
The voltage gain is found from 


V 0 -4 * C 


V. 


—I Rrt 

v~ 


- -AfR C7l 


-3 


= -83.7 x 10 x 600 = -50.2 V/V 


which is also very close to the approximate value found in (a) above. 

The input resistance of the feedback amplifier is given by 

R in = R tf = Rid + Aft 

where R is the input resistance ol the A circuit. The value of R t can be found from the circuit in Fig. 

10.23(c) as follows: 

Rj = {hf e + 1 )[r e i + (/?£] II (/?f+i?£2))] 

= 13.65 kQ 


Thus, 


R , - 13.65(1 +20.7 x 11.9) = 3.38 MQ 


To determine the output resistance R m , which is the resistance looking into the collector ot Q, we lace 
a dilemma The feedback does not sample l c and thus we cannot employ the feedback lormulas directly. 
Nevertheless, we present a somewhat indirect solution to this problem below. Here we note parentheti¬ 
cally that had Q , been a MOSFET, this problem would not have existed, since V 

' Since the feedback senses the emitter current /„, the output resistance given by the teedbaek analysis 

will he the resistance seen in the emitter circuit, say between 1 and 1 , 


T his important point was Trst brought to the authors attention 


by Gordon Roberts (see Roberts and Sedra, 



* 
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Example 10.6 continued 

where R 0 can be determined from the A circuit in Fig. 10.23(c) by breaking the circuit between Kand Y\ 
The resistance looking between these two nodes can be found to be 

R Q2 

R„ = [Jf£jll(*F + *£l)] + ' , «3 + ^71’ 

which, for the values given, yields /?,. = 143.9 il. The output resistance R J ot the feedback amplifier can now 
be found as 


R of = R o ( 1 +Ap) = 143.9(1 + 20.7 x 11.9) = 35,6 kQ 


We can now use the value of R^ to obtain an approximate value for R^ r To do this, we assume that the 
effect of the feedback is to place a resistance R 0J (35.6 k£2) in the emitter of and find the output resis¬ 
tance from the equivalent circuit shown in Fig. 10.23(d). This is the output resistance of a BJT with a 
resistance R (tf in its emitter and a resistance R C1 in its base. The formula we have for this (Eq. 7.50) does 
not unfortunately account for a resistance in the base. The formula, however, can be modified (see Prob¬ 
lem 10.48) to obtain 



r oi + [*j| ( r n3 + ^C2)J 


1 +g 


r 


3T 3 


m3 o 3 


r fi3 + R C2 


= 25 + [35.61| (0.625 + 5)) 


1 + 160 x 25 x 


0.625 ~ 
0.625 + 5 


= 2.19 MQ 


Thus R oul is increased (from r oi ) but not by (1 + Aft). 



DIO .14 For the feedback triple in Fig. 10.23(a), analyzed in Example 10.6, modify the value of R F to ob¬ 
tain a closed-loop transconductance 1J V s of approximately 100 mA/V. Assume that the loop 
gain remains large. What is the new value of R F 1 For this value, what is the approximate value 
of the voltage gain if the output voltage is taken at the collector of Q 3 ? 

Ans. 800 Q; -60 V/V 


10.6 The Feedback Transresistance Amplifier 

(Shunt-Shunt) 

10.6.1 The Ideal Case 

As mentioned in Section 10.3, the shunt—shunt feedback topology stabilizes V 0 /h ant ^ 
best suited for transresistance amplifiers. Figure 10.24(a) shows the ideal structure tor ^ 
" ^ 111 ■° T- i 1 ! lifiet. It consists of a unilateral open-loop amplifier (the >4 circui 

and an ideal feedback network. The A circuit has an input resistance R ,, an open-circwj 
transresistance A = V 0 / /., and an output resistance R a The jd circuit samples the open*^ 11 
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A circuit 



circuit 


S o 


S' o 


/. 


R 


if 


R 


of 


O 



Figure 10.24 (»i Ideal structure for the shunt-shunt feedback amplifier, (b) Equivalent circuit of the 

amplifier in (a). ' ’ ’ . * » 

output voltage I and provides a feedback current i f that is subtracted from the signal-source 
current / 1 at the input nodes. Note that the /? circuit presents an infinite impedance to the 
amplifier output and thus does not load the amplifier output. Also, the feedback signal 7/ - a 
is provided as an ideal current source, and thus the /? circuit does not load the amplifier input. 
Also observe that while A is a transresistance, /3 is a transconductance and thus the loop gam 
A(5 is. as expected, a dimensionless quantity. Finally, note that the source and load resistances 

have been absorbed inside the A circuit (more on this later). 

Since the structure of Fig. 10.24(a) follows the ideal feedback structure of Fig. 10.1, we 

can obtain the closed-loop gain A f as 

A _ V o __ A (10.43) 

A f~T s '\TTp 

The feedback transresistance amplifier can be represented by the equivalent circuit in Fig. 
10.24(b). Note that A. is the open-circuit transresistance. To obtain the input resistance R^, 
refer to the input side of the block diagram in Fig. 10.24(a). The shunt connection at the 
input causes the feedback current to subtract from /, resulting in a reduce current , in o 
the A circuit, 


I, = 
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o 




Substituting I, = pV 0 = 0AI t and rearranging, results in 


/. = 


1 + A0 


which indicates that the shunt mixing reduces the input current by the amount of feedback 
This is, of course, a direct application of Eq. (10.7), where in the case of shunt mixing 
a = / and x ~ /,. The input resistance with feedback, R if , can now be obtained from 

S s 

Tf t r 


_ V i _ v, 

R,/ ~ I. ~ ( 1 + 


Substituting for V/I, = R r which is the input resistance of the A circuit, results 


in 


R: 

R ‘ f ~ TTab 


(10.44) 


Thus, as expected, the shunt connection at the input lowers the input resistance by a factor 
equal to the amount of feedback. The lowered input resistance is a welcome result for the 
transresistance amplifier; the lower the input resistance, the easier it is for the signal current 
source that feeds the amplifier input. 

Turning our attention next to the output resistance, we can follow an approach identical to 
that used in the case of the series-shunt amplifier (Section 10.4) to show that the shunt connec¬ 
tion at the output lowers the output resistance by a factor equal to the amount of feedback, 




o 


ft 


o 


R ° f \ +Ap 


( 10 , 45 ) 


This also is a welcome result for the transresistance amplifier as it makes its voltage-output 
circuit more ideal; the output voltage will change less as we draw current from the amplifier 
output. Finally, note that the shunt feedback connection, whether at the input or at the out¬ 
put, always reduces the corresponding resistance. 










10.6.2 The Practical Case 

Figure 10,25 shows a block diagram for a practical shunt-shunt feedback amplifier. To be 
able to apply the feedback equations to this amplifier, we have to represent it by the ideal 
structure of Fig. 10.24(a). Our objective therefore is to devise a simple method for finding 
the A circuit and p . Building on the insight we have gained from our study of the series- 
snunt and series—series topologies, we present the method for the shunt-shunt case, without 
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Rif 
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Figure 10.25 Block diagram lor a practical shunt-shunt feedback amplifier. 
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The A circuit is 




Basic 

amplifier 


where R u is obtained from 


Feedback 

network 



and the gain A is defined A = -~ 


(b) (3 is obtained i rom 


Figure 10.26 Finding the A circuit and /?for the shunt-shunt feedback amplifier in Fig. 10.25 


derivation, in Fig. 10.26. As in previous cases, the method ot Fig. 10.26 assumes that the 
basic amplifier is unilateral or almost so) and that the feedforward n msmission through the 

feedback network is negligibly small. 

As indicated in Fie. 10.26, the A circuit is obtained by including R s across the input termi¬ 
nals of the amplifier and R L across its output terminals. The loading effect of the feedback net¬ 
work on the amplifier input is represented by the resistance R^ and its loading effect at the 
output is represented by the resistance * The value ot R u is obtained by looking into port 1 
of the feedback network while port 2 is shorted (because it is connected in shunt). Similarly, 
R 22 is found by looking into port 2 while port 1 is shorted (because it is connected in shunt). 
Finally, observe that since the feedback network senses V 0 , it is fed by a voltage V (> , and since 
it delivers a current I. that is mixed in shunt at the input, its port 1 is short-circuited and ft is 
found as /,/ F , where L is the current that flows through the short circuit. 

The open-loop resistances R and R 0 are determined from the A circuit and are used in 
Eqs. (10.44) and (10.45) to determine Ry and R of . Finally, the resistances R ia and R out t at 
characterize the feedback amplifier are obtained from R m and R 0 f by reference to Fig. 
as follows: 



(10.46) 

(10.47) 
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Figure 10.27(a) shows a feedback transresistance amplifier. It is foi med by connecting a resistance R F j n 
the negative-feedback path ot a voltage aini'liiici with gain //* an input resistance R ld , and an output 
resistance r 0 . The amplifier ju can be implemented with an op amp, a simple differential amplifier, a sin¬ 
gle-ended inverting amplifier, or, in the limit, a single-transistor CE or CS amplifier. The latter case will 
be considered in Exercise 10.15. Of course, the higher the gain //, the more ideal the characteristics of the 
feedback transresistance amplifier will be, simply because of the concomitam increase in loop gain. 


Rf 



(a) 

Rf 







Figure 10.27 


(a) A feedback transresistance 


amplifier; i b) ihe circuit; (c) the A circuit. 
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(a) It the loop gain is large, find an appinximate expression tor the closed-loop open-circuit transresis¬ 
tance of the feedback amplifier. 

(b) Find the A circuit and expressions for ,4, R t , and R n . 

(c) Find expressions for the loop gain, A f , R if , R m , R o/ , and R ouV 

(d) Find the values of R, , R 0 , A, fl, A ft R ifi R m , R of , and R out for the case ft = 10 4 V/V, R id = oo, 
r 0 - 100 Q, R F ~ 10 k 12, and R s - R L = 1 kQ. 

(ei It instead ot a current source I s having a source resistance R s = 1 kQ, the amplifier is fed from a 
voltage source P s having a source resistance R s = 1 kQ, find an expression for and the value of the 

voltage gain V 0 /V s . 


Solution 


(a) If the loop gain Af3 is large. 


V i 

i O i 


where /? can be found from the /? circuit in Fig. 10.27(b) as 


/ 


P = if = ~ 


l 


0 


R 


(10.48) 


Thus, 


V n 

O ._ p 

I 


Note that in this case the voltage at the input node (the inverting input terminal of fi ) will be very close to 
ground and thus very little, if any, current flows into the input terminal of the amplifier. Nearly all ot l s 
will flow through R F , resulting in V„ - 0 - I S R F = - I S R F . This should be reminiscent of the inverting 
op-amp configuration studied in Section 2.2. 

(b) Since the feedback network consists of R F , the loading effect at the amplifier input and output will 
simply be R r . This is indicated in the A circuit shown in Fig. 10.27(c). The open-loop transresistance A 

can he obtained as follows: 


y id = w 


(10.49) 


where 



(10.50) 

(10.51) 


Combining hqv < 10.49) and (10.51) gives 




(Rf || Rj) 

r 0 + (R F W R L) 


10.52) 


The open-loop output resistance can be obtained by inspection of the A circuit with I, 
V uJ = 0 , and 





L 


set to 0. We see that 

(10.53) 


(c) The loop gain A fican be obtained by combining Eqs. (10.48) and (10.52). 

p \ II /?.! 
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Example 10.7 continued 

Observe that although both A and /? are negative, Afi is positive, a comforting tact confirming that the 
feedback is negative. Also note that Ajd is dimensionless, as it must always be. 

The closed-loop gain A f can now be found as 

, = K = A 
f ~I s 1 + Afl 


Thus 



-fjR 


1 Rf 11 


r 0 + {R 


F 


Ri ) 


R; (^fll^i.) 


1 + JU 


R f r a +(R F | R l ) 


(10,54) 


Note that the condition of Aft 1 which results in A f - - R F corresponds to 




fRi\ (RfUl) 


^Rf r 0 + 1 Rf II Rl ) 


§> 1 


(10.55) 


The input resistance with feedback, R lf , is obtained by dividing R, by (1 + Aj5) with the result 

R if = —— 

" 1 +A3 


or 


R 


L= i + -i^= l + ii 

R. R 


if 


t i 


(Rf II ^ 

h) 

r o + ( R F 

Ri) 


Substituting for R t from Eq. (10.50) and replacing p(R F || Ri)/\r t , + (R F || J? £ )] by fj\ where fl' is 
lower than but usually close to the value of /j , results in 


Rf/ Rid 11 

The two terms containing R F can be combined. 


Rf 11 R, II (Rf / /O 


R if= R s \\Rid\\[RF / (M'+ 1)3 


(10.56) 


Since R^ = R 


R m , we see that 


«m= D] 


Usually R ld is large and thus 


Rf 

R — ^ 

,n //'+1 


R 


A 


(10.57) 


from which we observe that tor large amplifier gain //, the input resistance will be low. 
The output resistance with feedback R of can be found by dividing R„ by (1 + Afl) 


R of = 


R 


O 


1 +A0 


R 


oj 


K, R. 

l R 

+ M 


R„ r R F r 0 + (R F \\R,)R o 


i'hus. 
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Substituting for R 0 from Eq. (10.53), 



Thus, 



Since, moreover. 



= R,\\R 




ant 


we obtain for R 0[il 





Usually R f rj [(1 + n(R k /Rf)] ; thus, 

■^out 




from which we see that for large /7, the output resistance will be considerably reduced. 


(d) For the numerical values given: 



* oo 


10 || 1 = 0.91 kQ 



O 


Rf II R s 


0.1 II 10 II 1 = 90 Q 





r 0 + (R 




= -10 4 x 0.91 x 


nolio _ 

0.1 + (10 II 1) 


-8198 kQ 



Afi = 819.8 
1 +A0= 820.8 

, - d 

f 1 +A/3 


— = -0.1 mA/V 
10 


= -9.99 kQ 

820.8 


which is very close to the ideal value ot -R F - 



-10 kQ. 

_ 910 
” 820.8 


1.11 n 


-—i-^ i.ii a 

j_i_ 

1.11 1000 
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Example 10.7 continued 

which is very low, a highly desirable property. We also have 


* --5_ 

K °f 1 +Ap 


90 


820.8 


= 0.11 Q 


R .... = 


1 


1 


out 


R 


of 


\_ 

r l 


1 


1 


= 0.11 Q 


0.11 1000 


which as well is very low, another highly desirable property. 

( e) If the amplifier is fed with a voltage source V s having a resistance R s = 1 kQ, the output voltage can 
be found from 

V 


V. = A f h = A f J 


Thus, 


H - df - ^ = _9 99 y/V 

V. R. 1 kQ 



10.15 For the transresistance amplifier in Fig. El0.15, replace the MOSFET with its equivalent-circuit 
model and use feedback analysis to show the following: 



/ (ideal) 


QC 


*/ 

vw 


/ 



R 


5 


t 


o V 


Q 


R 


10 


R 


out 


Figure EIO.15 


(a) For large loop gain (which cannot be achieved here), A f 

~( R S II Rf)g m ( r o\\Rr) 


v / / 

f o' A s 


Rf. 


(b) A f = 


(C) ^in = 


I + 


(*. II R f)gjr 0 || R,)/R 


R 


r 


1 


n + gj f 'a \\Rf)\ 
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(d) *out = r o II 


R 


1 + g m (R s II A/) 


(e) For g m = 5 mA/V, r Q = 20 kQ , R f = 10 k^ 
A,/s Ain' flfl/’ an d flout 1 

Ans. (e) -30.3 kQ; -0.1 mA/V; 3.03; -7.52 1 
909 Q; 6.67 kQ; 226 Q; 291 Q; 1.66 kQ; 1.66 kQ 


10.6.3 An Important Note 

The feedback analysis method is predicated on the assumption that all (or most) of the feed¬ 
forward transmission occurs in the basic amplifier and all (or most) of the feedback trans¬ 
mission occurs in the feedback network. The circuit considered in Exercise 10.15 above is 
simple and can be analyzed directly (i.e., without invoking the feedback approach) to deter¬ 
mine Af. In this way we can check the validity of our assumptions. This point is illustrated 
in Problem 10.58, where we find that for the circuit in Fig. E10.15, all of the feedback trans¬ 
mission occurs in the feedback circuit. Also, as long as g m is much greater than 1 //?, , the 
assumption that most of the feedforward transmission occurs in the basic amplifiers is valid, 
and thus the feedback analysis is reasonably accurate. 

10.7 The Feedback Current Amplifier (Shunt-Series) 

10.7.1 The Ideal Case 

As mentioned in Section 10.3, the shunt-series feedback topology is best suited for current 
amplifiers: The shunt connection at the input reduces the input resistance, making it easier to 
feed the amplifier w ith a current signal; the sampling of output current stabilizes I Q , which 
is the output signal in a current amplifier, and the series connection at the output increases 
the output resistance, making the output current value less susceptible to changes in load 
resistance. 

Figure 10.28(a) shows the ideal structure tor the shunt-series feedback amplifier. It con¬ 
sists of a unilateral open-loop amplifier the A circuit) and an idea! feedback network. The A 
circuit has an input resistance R , a short-circuit current gain A = I 0 / , and an output resis¬ 
tance R a . The /? circuit samples the short-circuit output current I a and provides a feedback 
current I, that is subtracted from the signal-source current I s at the input node. Note that the 
ji circuit presents a zero resistance to the output loop and thus does not load the amplifier 
output. Also, the feedback signal I t - pl 0 is provided as an ideal current source, and thus 
the p circuit does not load the amplifier input. Also observe that both A and P are current 
gains and Ap is a dimensionless quantity. Finally, note that the source and load resistances 

have been absorbed inside the A circuit (more on this later). 

Since the structure of Fig. 10.28(a) follows the ideal feedback structure of Fig. 10.1, we 

can obtain the closed-loop current gain A f as 

A = h _ A (10.59) 

f h i+ Ap 

The feedback current amplifier can be represented by the equivalent circuit in Fig. 10.28(b). 
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o 


So 


S'o- 


A circuit 



/. 


B circuit 


O 

■o 


4> 


R 


if 


Afl, 



R 


of 


■O 


o' 


(b) 


Figure 10.28 (a) Ideal structure for the shunt-series feedback amplifier, (b) Equivalent circuit of the 
amplifier in (a). 

Note that A< is the short-circuit current gain. The input resistance R,f is found by dividing 
R, by {1 + Aft ), which is a result of the shunt connection at the input Thus, 


R, 

n _ i 

A j / ^ 

,j 1 + AB 


( 10 . 60 ) 


The output resistance R llf is the resistance obtained by setting /, = 0, breaking the short- 
circuit output loop, at say OO ', and measuring the resistance between the two terminals thus 
created. Since the series feedback connection always raises resistance, we can obtain R oj by 
multiplying R 0 by ()+Aft), 


o 


R of = O + Ap)R Q 



10.7.2 The Practical Case 

Figure 10.29 shows a block diagram for a practical shunt-series feedback amplifier. To K 
able to apply the feedback equations to this amplifier, we have to represent it by the idea 
structure of Fig. 10.28(a). Our objective therefore is to devise a simple method for fin mg 
the A and /? circuits. Building on the insight we have gained from the study of the t ^ 
other topologies, we present the method for the shunt—series case without •• i> iwdion, in 6 
10.30. As in previous cases, the method of Fig. 10.30 assumes that the basic amplifier i s uni¬ 
lateral (or almost so) and that the feedforward transmission in the feedback network is ne& 
gibly small. 
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Feedback 

network 



Figure 10.29 Block diagram tor a practical shunt-senes feedback amplifier. 


(a) The A circuit is 


/. 


R 


u 


and the gain A is defined as A = 


O 


/. 


(b) ft is obtained from 


/ 


f 


+ 


V, = 0 (I 


D 


Feedback 

network 


■o 




/ 



Rr 


0 


Figure 10.30 Finding the A circuit and ft for the current-mixing current-sampling (shunt-series t feedback 

amplifier of Fig. 10.29. 


As indicated in Fig. 10.30, the A circuit is obtained by including R s across the input termi¬ 
nals of the amplifier and R t in series with its output loop. The loading effect of the feedback 
network on the amplifier input is represented by the resistance R u , and its loading effect at 
the amplifier output is represented by resistance R 22 . The value of is obtained by look¬ 
ing into port 1 of the feedback network while its port 2 is open-circuited (because it is con¬ 
nected in series). The value of R :: is obtained by looking into port 2 of the feedback 
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network while its port 1 is short-circuited (because it is connected in shunt). Finally, observe 
that since the feedback network senses / 0 , it is fed by a current 1 0 ; and since it delivers a 
current I f that is mixed in shunt at the input, its port 1 is short-circuited and /? is found as 
jj I gi w here I, is the current that flows through the short circuit. 

The open-loop resistances R t and R 0 are determined from the A circuit as indicated. 
Observe that R, t is found by breaking the output loop at say YY ' and measuring the resis¬ 
tance between 1 and Y - Resistances R t and R 0 are then used in Eqs. (10.60) and (1 1 i.6l), 
respectively, to determine R t f and R 0 f • Finally, the resistances R in and R out that character¬ 
ized the feedback amplifier are obtained from R if and R of by reference to Fig. 10.29, as 

follows: 

* in = ^r^j'r) * l0,62) 

Roux = R or R i 00.63) 



Figure 10.31 shows a feedback current amplifier formed by cascading an inverting voltage amplifier 
//"with a MOSFET Q. The output current /, is the drain current of Q. The feedback network, con¬ 
sisting of resistors /?, and R z , senses an exactly equal current, namely, the source current of Q , and 
provides a feedback current signal that is mixed with /, at the input node. Note that the bias arrange¬ 
ment is not shown. 




Figure 10.31 Circuit for Example 10.8. 
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Figure 10.31 continued 
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Example 10.8 continued 

The amplifier jj can be implemented in a variety of ways, including by means of an op amp, a dif¬ 
ferential amplifier, ora single-ended inverting amplifier. The simplest approach is to implement g 
wit h a CS MOSFET amplifier. However, in such a case the loop gain will be very limited. Assume 
that the amplifier fi has an input resistance R id , an open-circuit voltage gain u, and an output 

resistance r ol . 

(a ) If the loop gain is large, find an approximate expression tor the closed-loop gain A f = / o // . 

(b) Find the A circuit and derive expressions for A , R ,, and R 0 . 

(c) Give expressions for A/3 y Aj t R in , R 0 j , snd /? oul . 

(d) Find numerical values tor /l, ft. Aft* A 7? f /, R in * R 0 t ^o/> ^out following case: 

H - 1000 V/V, R, = *>, R d - «, r ol = 1 kQ, R l = 10 k£2, R 2 = 00 ki2, and for Q: g m = 5 mAI 

V and r 0 - 20 k £1. 


Solution 

(a) When the loop gain A/3 > 1, A f - W/3. To determine (3 refer to Fig. 10.31(b), 

If R, 

[3 = - - - - 1 — 


(10.64) 


Thus, 



(10.65) 


To see what happens in this case more clearly, refer to Fig. 10.31(c). Here we have assumed the loop gain 
to be large, so that /, — 0 and thus I f — /,. Also note that because /,- — 0, V, will be close to zero. 
Thus, we can easily determine the voltage at the source of Q as -I f R 2 — R 2 - The current through /?, 

will then be I s R 2 /R v The source current of Q will be -(/, +1 R 2 /R ,). which means that the output cur¬ 
rent I 0 will be 

R->\ 


K = < 




i + 


V 


which confirms the expression for A t obtained above (Eq. 10.65). 

(b) To obtain the A circuit we load the input side of the basic amplifier with R and R u . The latter 
in this case is simply /?, + R 2 (because port 2 of the feedback network is opened). We also load the 
output of the basic amplifier with /? 22 , which in this case is /?, || R 2 (because port 1 of the feedback 
network is shorted). The resulting A circuit is shown in Fig., 10.31(d), where we have replaced the 
amplifier fj. with its equivalent circuit. Analysis of the A circuit is straightforward and proceeds as 
follows: 


R , = *J*J|(*|+*2> 


K = -mv,- 


K = W 


i 


r o2 


\/g m + {RA\R 


Combining Eqs. (10.67) and (10.68) results in A: 


r oi) r o2 + (R 


1 


aJ- 


R 


r„ 2 


1 Jg m + (R I II R i II r „i ) r „2 + 1 R 


Rj) 


R ->) 


( 10 . 66 ) 

(10.67) 

< 10.68) 


{10.6*0 
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For the case 1 /g m <t (R ] || R 2 1| r o2 ), 


A — -fj 


R 


r 


o2 


Which reduces to 


*1 1*2 \ r ol f 0 2 + ( R \ II Rl) 


A = -// 


R , 


/?, R 


(10.70) 


Noting that R t) is the output resistance of Q, which has a resistance (R\ || R 2 ) in its source lead, we 
can write 


R o = r o2 + (/?, || R 2 ) + (g m r o2 )(R l || R 2 ) 


= gm r ol( R \ II r 2 ) 


(10.71) 


(c) The loop gain is obtained by combining Eqs. ( 10.64) and (10.69), 


A/3 = jj 


R 


f 'o2 


R 


1 


g 


+ <*|ll*2 


ol 


) r o2 + ( R \ II R 2 1 R \ + R 2 


m 


For the case \/g m <(R l || II 


A/3 - 


R 


R 


R 


R 


/?-> R | + R i ^ 7? 2 


The input resistance R f is found as 


R„= R/( 1 +A0) 


(10.72) 


(10.73) 


L- L + AJ 

R„ R, R, 

We can substitute for .4/3 from the full expression in Eq. (10.72). For the approximate case, we use Af) 

_L - _!_ + £ 


i hat is. 


R,f Rf R 2 


ii R ' 

Ru = Ri II -z 


Substituting for R, from Eq. (10.66). we write 


R, f = MM (*! + *:) 


R, 

4 - 

A 


Since by definition. 


R.r = RA\R 


$ II in 


we can easily find /? m as 



= R,<] II i R \ + ^2) 



(10.74) 
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Example 10.8 continued 

Usually the third component on the right-hand side is the smallest, thus, 


*in- 


R 2 
A 



For the output resistance, we have 


R of = R o (\+Afl)~A0R 


0 


Substituting for R„ for Eq. (10.71) and for Afi from the approximate expression in Eq. (10.73), we 
have 

Kf** liir)(gm r o2){ R \ 11 ^ 2 ) 




R 


R af = M r + ’ £ (gm r o2) R \ 


(10.76) 


Finally, we note that 


*ou, = Rof = M 


R 


R j +R 2 


‘~irg m r o2 R 


(10.77) 


(d) For the numerical values given. 


R. = 00 || 00 || (10+ 90) = 100 kQ 


Since 1 /g m - 0.2 k£2 < (10 || 90 |[ 20), 


A — -/I 


R 


R I I R-, 


t nnri 100 1111 1 n ^ A/ A. 

-1000 - -- ; r = -1 1.1 1 X 10 




10 II 90 
R \ 10 


R 1 + R-, 10 + 90 


= -0.1 A/A 


A0= 111) 


A f = 


11.11 x 10 
1 + 1111 


= -9.99 A/A 


which is very close to the ideal value of 


+ - 


*,» = 


Rj\ 

1 +^ 

V 


■ 41 + 


10 


= -10 A/A 


R, 

JLm 

JU 


90 kQ 
1000 


= 90 LI 


R o = g m r o2 (R 1 ||/? 2 ) 

= 5x20(10 || 90) = 900 kQ 


R 0 « = (1 +Ap) R 0 = 1112 x 900 = 1000 MU 
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10.16 For the amplifier in Example 10.8, find the values of A„ and R„ when the value of M is 10 

times lower, that is when [j - 100. ' 

Ans. -9.9] A/A; 900 U; 100 MU 


10.17 


If in the circuit in Fig. 10.31(a), R 2 is short-circuited, find the ideal value of A f . For the case 
R < = R id = g' ve expressions for R,,R o ,A,0. A,, R,„, and R m , 

Ans. Aj = 1 A/A; R, = R = r o2 , A = -fig m R x -0 = -1; A f = + (lg„R,Y, 

^in ^out 




10.8 Summary of the Feedback Analysis Method 

Table 10.1 provides a summary of the rules and relationships employed in the analysis and 
design of the four types of feedback amplifier. In addition to the wealth of information in 
Table 10.1. we offer the following important analysis tips. 

1. Always begin the analysis by determining an approximate value for the closed-loop 

gain Af „ assuming that the loop gain Ap is large and thus 

A f - 1 /ff O 

This value should serve as a check on the final value you find for A,. How close the 
actual A/ is to the approximate value will depend on how large Aft is compared to 
unity. 

2. The shunt connection at input or output always results in reducing the correspond¬ 
ing resistance (input or output). The series connection at input or output always 
results in increasing the corresponding resistance (input or output). 

3. In utilizing negative feedback to improve the properties of an amplifier under 
design, the starting point in the design is the selection of the feedback topology 
appropriate for the application at hand. Then the required amount of negative feed¬ 
back (1 + AfS) can be ascertained utilizing the fact that it is this quantity that deter¬ 
mines the magnitude of improvement in the various amplifier parameters. Also, the 
feedback factor (3 can be determined from 

p - 1 /Af 0 

10.9 Determining the Loop Gain 

We have already seen that the loop gain Ap is a very important quantity that characterizes a 
feedback loop. Furthermore, in the following sections it will be shown that AP determines 
whether the feedback amplifier is stable (as opposed to oscillatory). In this section, we shall 
describe an alternative approach to the determination of loop gain. 
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10.9 Determining the Loop Gain 865 


10.9.1 An Alternative Approach for Finding Afi 

First, consider again the general leedback amplifier shown in Fig. 10.1. Let the external 
source a 5 he set to zero. Open the leedback loop by breaking the connection ofx to the feed¬ 
back network and apply a test signal v,. We see that the signal at the output of the feedback 
network is x f = fix;, dial at the input ot the basic amplifier is jc. = -fix;, and the signal at the 
output of the amplifier, where the loop was broken, will be x = -Afix r It follows that the 
loop gain Afi is given by Uk negative ot the ratio ot the returned signal to the applied test 

signal, that is, Afi — —x 0 / x,. Ii should also be obvious that this applies regardless of 

where the loop is broken. 

How e vei, in breaking the teedbaek loop ol a practical amplifier circuit, we must ensure that 
the conditions that existed prior to breaking the loop do not change. This is achieved by termi¬ 
nating the loop where it is opened with an impedance equal to that seen before the loop was 
broken. To be specific, consider the conceptual feedback loop shown in Fig. 10.32(a). If we 
break the loop at XX . and apply a test voltage V t to the terminals thus created to the left of 
XX'. the terminals at the right of XX' should be loaded with an impedance Z, as shown in 
Fig. 10.32(b). The impedance Z, is equal to that previously seen looking to the left of XX'. 
The loop gain Afi is then determined from 


(10.78) O 

Finally, it should be noted that in some cases it may be convenient to determine Afi by 
applying a test current I, and finding the returned current signal /. In this case, Afi - ~l r /l r 
An alternative equivalent method for determining Afi (see Rosenstark. 1986) that is usu¬ 
ally convenient to employ especially in SPICE simulations is as follows: As before, the loop 
is broken at a convenient point. Then the open-circuit voltage transfer function T is deter¬ 
mined as indicated in Fig. 10.32(c), and the short-circuit current transfer function T is 
determined as shown in Fig. 10,32(d). These two transfer functions are then combined to 
obtain the loop gain Afi. 



1/1 1 ■ T. + T 


(10.79) 


o 


This method is particularly useful when it is not easy to determine the termination imped¬ 
ance Z. 

■ 

To illustrate the process ot determining loop gain, we consider the feedback loop shown 
in Fig. 10.33(a). This feedback loop represents both the inverting and the noninverting op-amp 
configurations. Using a simple equivalent-circuit model lor the op amp, we obtain the circuit 
of Fig. 10.33(b). Examination of this circuit reveals that a convenient place to break the loop 
is at the input terminals of the op amp. The loop, broken in this manner, is shown in Fig. 
10.33(c) with a test signal V, applied to the right-hand-side terminals and a resistance /^ter¬ 
minating the left-hand-side terminals. The returned voltage V r is found by inspection as 


K = -// v, 


{**111*, + *, || (*„+*)J} I*. II <*../ + *>! 


*« 


{R l || |/?: + /?, || (/?„,+ R ) I } +' l*i II (K,j +*)] + *: R,J + * 


(10.80) 


1 his equation can he used directly to find the loop gain L - Afi - -V r /V t - K 7 ^i * 

Since the loop gain L is generally a function ot frequency, it is usual to call it loop trans- 
* _ * 


ITl liClAn riM J 
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Figure 10.32 A conceptual feedback loop is broken at XX' and a test voltage V, is applied. The imped 
ance Z, is equal to that previously seen looking to the left of XX \ The loop gam Afi - where b ,s 
the returned voltage. As an alternative, Afl can be determined by finding the open-circuit transfer function 
T , as in (c), and the short-circuit transfer function T as in (d), and combining them as indicated. 


Finally, we note that the value of the loop gain determined using the method discuss 
here may differ somewhat from the value determined by the approach studied in the P rev 1 
ous sections. The difference stems from the approximations made in the feedback 
method utilized in the previous sections. However, as the reader will find by solving 
end-of-chapter problems, the difference is usually limited to a few percent. 


10.9.2 Equivalence of Circuits from a Feedback-Loop Point of 
View 

f the 

From the study of circuit theory we know that the poles of a circuit are independent o 
external excitation. In fact the poles, or the natural modes (which is a more app r0 P 
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L 


i a) 




(c) ' a n lall af 

Figure 10.33 i a) A feedback loop that represents both the inverting and the noninverting op-amp config¬ 
urations; (h) equivalent circuit; (c) determination of the loop gam. > 


name), can be determined by setting the external excitation to zero. It follows that the poles 
o! a feedback amplifier depend only on the feedback loop. This will be confirmed in a later 
section, where we show that the characteristic equation (whose roots are the poles) is com¬ 
pletely determined by the loop gain. Thus, a given feedback loop may be used to generate a 
number of circuits having the same poles but dif ferent transmission zeros. The closed-loop 
gain and the transmission zeros depend on how and where the input signal is injected into 
the loop. 

As an example, return to the feedback loop ot Fig. 10.33(a). This loop can be used to 
generate the noninverting op-amp circuit by feeding the input voltage signal to the terminal 
ot R that is connected to ground; that is, we lift this terminal off ground and connect it to V s . 
The same feedback loop can be used to generate the inverting op-amp circuit by feeding the 
input voltage signal to the terminal of R s that is connected to ground. 

Recognition of the fact that two or more circuits are equivalent bom a feedback-loop 
point of view is very useful because (as will be shown in Section 10.10) stability is a func¬ 
tion ot the loop. Thus one needs to perform the stability analysis only once tor a given loop. 

In Chapter 16 we shall employ the concept ot loop equivalence in the synthesis of active 
filters. 
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10.18 


Find the loop gain A0 for the feedback amplifier in Fig. 10.17 (Example 10.4). Set V s = 0, break 

the loop at the uate of Q 2 , apply a voltage V, to the gate of Q 2 » and determine the returned voltage 

V at the drain of Q x . Evaluate the expression for Aft for the values given in Example 10.4 and 
compare to the value obtained in Example 10.4. Neglect / ol and r o2 . 

Sm2^D2 

a p = - r 


R { R 


Arts 


; 16.67 (compared to 17.39 obtained in Example 104) 


R[)2 + R 2 


R 


R, + 


Sm2 


m 1 


10.19 Find the loop gain A p for the feedback amplifier in ig. El 0.15 (Exercise 10.15). Set I s = 0, break 
the loop at the gate of Q, apply a voltage V, to the gate of Q, and determine the voltage V r that 
appears across J?,. Find the value of Ap using the component values given in Exercise 10.15, and 
compare to the value given in the answer to Exercise 10.15. 

n 

Arts. AB - — (compared to 3.03 obtained in Exercise 10.1' > 

r 0 + R,+ R s 



10.10 THe Stability Problem 


O 


o 


o 


10.10.1 Transfer Function of the Feedback Amplifier 

In a feedback amplifier such as that represented by the general structure ot Fig. 10.1, the open- 
loop gain A is generally a function of frequency, and it should therefore be more accurately 
called the open-loop transfer function, zl(s). Also, we have been assuming for the most part 
that the feedback network is resistive and hence that the feedback factor /? is constant, but this 
need not be always the case. We shall therefore assume that in the general case the feedback 
transfer function is J3(s). It follows that the closed-loop transfer function A f {s) is given by 


A As) = 


^( 5 ) 


( 10 . 81 ) 


1 +/4(s)/?(s) 

To focus attention on the points central to our discussion in this section, we shall assume 
that the amplifier is direct coupled with constant dc gain A () and with poles and zeros occur 
ring in the high-frequency band. Also, for the time being let us assume that at low frequen 
cies Pis) reduces to a constant value. Thus at low frequencies the loop gain A(s)p{s 
becomes a constant, which should be a positive number; otherwise the feedback would not 
be negative. The question then is: What happens at higher frequencies? 

For physical frequencies s = jco, Eq. (10.81) becomes 


AAjco) = 


A (j co) 



1 + A {jco) Pi jco) 

Thus the loop gain A( jO))(3{joS) is a complex number that can be represented by its 
tude and phase. 


L{jm) h A(joj)pijco) 

= \A{J co) B{j cd)\e 


1 <p\ at) 


(10.83) 
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It is the manner in which the loop gain varies with frequency that determines the stability or 
instability of the feedback amplifier. To appreciate this fact, consider the frequency at which 
the phase angle <p{ co) becomes 180 .At this frequency, *y |K0 , the loop gain A( jco)p{ jco) will 
he a real number w ith a negative sign. Thus at this frequency the feedback will become pos¬ 
itive. If at co = (O m (he magnitude of the loop gain is less than unity, then from Eq. < 10.82) 
we see that the closed-loop gain A f (jO)) will be greater than the open-loop gain A{ jca), since 

the denominator of Eq. (M.82) will be smaller than unity. Nevertheless, the feedback ampli¬ 
fier will be stable. 

On the other hand, if at the frequency co m the magnitude of the loop gain is equal to unity, 
it follows from Eq. (10.82) that Apjco) will he infinite. This means that the amplifier will have 
an output for zero input; this is by definition an oscillator. To visualize how this feedback loop 
may oscillate, consider the general loop of Fig. 10.1 with the external input x set to zero. Any 
disturbance in the circuit, such as the closure of the power-supply switch, will generate a signal 
xfi) at the input to the amplifier. Such a noise signal usually contains a wide range of frequen¬ 
cies, and we shall now concentrate on the component with frequency co = co W) , that is, the sig¬ 
nal X i sin(ry 180 /). This input signal will result in a feedback signal given by 

X f = A(j ca m ) (Q m )Xt = -X, 

Since X f is further multiplied by -1 in the summer block at the input, we see that the feed¬ 
back causes the signal X, at the amplifier input to he sustained. That is, from this point on, 
there will be sinusoidal signals at the amplifier input and output of frequency ct) m . Thus the 
amplifier is said to oscillate at the frequency a) m . 

The question now is: What happens if at a) m the magnitude of the loop gain is greater 
than unity? We shall answer this question, not in general, but for the restricted yet very 
important class of circuits in which we are interested here. The answer, w hich is not obvious 
from Eq. (10.82), is that the circuit will oscillate, and the oscillations will grow in amplitude 
until some nonlinearity (which is always present in some form) reduces the magnitude of the 
loop gain to exactly unity, at which point sustained oscillations will be obtained. This mech¬ 
anism for starting oscillations by using positive feedback with a loop gain greater than unity, 
and then using a nonlinearity to reduce the loop gain to unity at the desired amplitude, will 
he exploited in the design of sinusoidal oscillators in Chapter 17. Our objective here is just 
the opposite: Now that we know how oscillations could occur in a negative-feedback ampli¬ 
fier, we wish to find methods to prevent their occurrence. 


10.10.2 The Nyquist Plot 

1 he Nyquist plot is a formalized approach for testing lor stability based on the discussion 
above. It is simply a polar plot of loop gain with frequency used as a parameter. Figure 
10.34 shows such a plot. Note that the radial distance is \AJ3\ and the angle is the phase 
angle (j .). The solid-line plot is for positive Irequencies. Since the loop gain and tor that 
matter any gain function of a physical network—has a magnitude that is an even function 
of frequency and a phase that is an odd function of frequency, the AP plot for negative fre- 
uencies (shown in Fig, 10.34 as a broken line) can be drawn as a mirror image through the 
axis. 


The Nyquist plot intersects the negative real axis at the frequency Thus, if this 
itersection occurs to the left of the point (-1,0), we know that the magnitude of loop gain 
t this frequency is greater than unity and the amplifier will be unstable. On the other 
a nd, if the intersection occurs to the right of the point (-1, 0) the amplifier will be stable, 
t follows that if the Nyquist plot encircles the point (-1, 0) then the amplifier will be 












































870 Chapter TO Feedback 


w — ^180 


tu negative and 
increasing in 
magnitude 



oj positive 
and increasing 


Figure 10.34 1 he Nyquist plot of an unstable amplitier. 


unstable. It should be mentioned, however, that this statement is a simplified version of 
the Nyquist criterion; nevertheless, it applies to all the circuits in which we are inter¬ 
ested. For the full theory behind the Nyquist method and for details of its application, 
consult Haykin (1970). 



Let the feedback factor be a constant independent of frequency. Lind the frequency #| go at 
which the phase shift is 180°. Then, show that the feedback amplifier will be stable if the feedback 
factor is less than a critical value /? r and unstable if > /? r , and find the value of f3 Qt . 

A ns. co m = Jl x 10 4 rad/s; /? cr = 0.008 


jl0.11 Effect of Feedback on the Amplifier Poles 

The amplitk': frequency response and stability are determined directly by its poles. Ther 
fore we shall investigate the effect of feedback on the poles of the amplifier . 6 


For a brief review of poles and zeros and related concepts, refer to Appendix F. 
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10.11.1 Stability and Pole Location 


We shall begin by considering the relationship between stability and pole location. For an 
amplifier oi an\ othci system to be stable, its poles should lie in the left halt of the 5 plane. A 
pair of complex-conjugate poles on the jeo axis gives rise to sustained sinusoidal oscillations. 
Poles in the right half of the 5 plane give rise to growing oscillations. 

To verity the statement above, consider an amplitier with a pole pair at s — <J t) i jG) If 
this amplifier is subjected to a disturbance, such as that caused by closure of the power- 
supply switch, its transient response will contain terms of the form 


-W 


, <v. +/au _. 

v{t)-e [e +e ' ] = 2 e cos {0)J) 


<v 


(10.84) 


This is a sinusoidal signal with an envelope e "’. Now if the poles are in the left half of the 
s plane, then < 3 *, will be negative and the oscillations will decay exponentially toward zero, as 
shown in Fig. 10.35(a), indicating that the system is stable. If, on the other hand, the poles are in 










Figure 10.35 Relationship between pole location and transient response. 
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the right half-plane, then of, will be positive, and the oscillations will grow exponentially (until 
some nonlinearity limits their growth), as shown in Fig. 1 < 1.35(b). Finally, if the poles are on the 
/a; axis, then a, will be zero and the oscillations will be sustained, as shown in Fig. 10.35(c). 

Although the discussion above is in terms of complex-conjugate poles, it can be shown 
that the existence ot any right-half-plane poles results in instability. 

10.11.2 Poles of the Feedback Amplifier 

From the closed-loop transfer function in Eq. (10.81), we see that the poles of the feedback 
amplifier are the zeros of 1 + A(s)fi(s). That is, the feedback amplifier poles are obtained by 

solving the equation 

1 +/((s)/?(s) = 0 (10.85, 

which is called the characteristic equation of the feedback loop. It should therefore be 
apparent that applying feedback to an amplifier changes its poles. 

In the following, we shall consider how feedback affects the amplifier poles. For this 
purpose we shall assume that the open-loop amplifier has real poles and no finite zeros (i.e., 
all the zeros are at s = «>). This will simplify the analysis and enable us to locus our attention 
on the fundamental concepts involved. We shall also assume that the feedback factor /7is 
independent of frequency. 


10.113 Amplifier with a Single-Pole Response 

Consider first the case of an amplifier whose open-loop tiansfer function is characterized by 
a single pole: 

^(i) = —A— (10.86) 

I -F S / (Op 


The closed-loop transfer function is given by 


o 


A As) - 


-Vd +A U /J) 

1 + s/ G)p{ \ + Aftfi) 


(10.87) 



Thus the feedback moves the pole along the negative real axis to a frequency (Q Pf , 

a) Pt - o) P { 1 + A Q p) 

This process is illustrated in Fig. 10.36(a). Figure 10.36(b) shows Bode plots for Ml and 
\A,\. Note that while at low frequencies the difference between the two plots |S 
20 log( 1 4- AJ$\ the two curves coincide at high frequencies. One can show that this indeed 
is the case by approximating Eq. (10.87) for frequencies co $> G) p { 1 + /4,,/f: 


A / V A^Wp .. , 

A f {s) — -— zl(5) 


( 10 . 89 ) 


s 


Physically speaking, at such high frequencies the loop gain is much smaller than unity andth 
feedback is ineffective. 

Figure 10.36(b) clearly illustrates the fact that applying negative feedback to an ampl 
fier results in extending its bandwidth at the expense of a reduction in gain. Since the po® 
the closed-loop amplifier never enters the right half of the s plane, the single-pole * . 
is stable for any value of /?. Thus this amplifier is said to be unconditionally stable. 
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Figure 10.36 Effect of feedback on (a) the pole location and (b) the frequency response of an amplifier 

having a single-pole, open-loop response. v '^ •*' ‘. 


result, however, is hardly surprising, since the phase lag associated with a single-pole response 
can never be greater than 90 . Thus the loop gain never achieves the 180 phase shift required 

for the feedback to become positive. 



10.21 An op amp having a single-pole rolloff at 100 Hz and a low-frequency gain of 10' is operated in 
a feedback loop w ith /?= 0.01. What is the factor by which feedback shifts the pole? To what fre¬ 
quency? If/?is changed to a value that results in a closed-loop gain ot+1, to what frequency does 
the pole shift? ' ' t> • - * " w 

Arts. 1001; 100.1 kHz; 10 MHz 


10.11.4 Amplifier with Two-Pole Response 

Consider next an amplifier whose open-loop transfer function is characterized by two real- 

axis poles: j ; - t. •« » « 

A o 

S “ ( I +s/G) P[ )(\ +s/0) P2 ) 


(10.90) 


In this case, the closed-loop poles are obtained from 1 + A{s)(5- 0, which leads to 

S~ + s( (Qp\ + CO P2 ' + ( 1 + AS CO P] COp 2 - 0 
Thus the closed-loop poles are given hy 


(10.91) 


5 = -~l (Op ! + 


U( 


(10.92) 


From Eq. (10.92) we see that as the loop gain T 0 /?is increased from zero, the poles are 
brought closer together. Then a value of loop gain is reached at which the poles become 
coincident. If the loop gain is further increased, the poles become complex conjugate and 
move along a vertical line. Figure 10.37 shows the locus of the poles for increasing cop 
gain. This plot is called a root-locus diagram, where “root" refers to the tact that the poles 


am __ _ r ,i_ _ . *_i_* ** 
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Figure 10.37 Root-locus diagram for a feedback 
amplifier whose open-loop transfer function has tv>o 
real poles. 


From the root-locus diagram of Fig. 10.37 we see that this feedback amplifier also is 
unconditionally stable. Again, this result should come as no surprise; the maximum phase 
shift of ^( 5 ) in this case is 180° (90° per pole), but this value is reached at (0 - Thus there 
is no finite frequency at which the phase shift reaches 180°. 

Another observation to make on the root-locus diagram of Fig. 10.37 is that the open- 
loop amplifier might have a dominant pole, but this is not necessarily the case for the closed- 
loop amplifier. The response of the closed-loop amplifier can, of course, always be plotted 
once the poles have been found from Eq. (10.92). As is the case with second-order responses 
generally, the closed-loop response can show a peak (see Chapter 16). To be more specific, 
the characteristic equation of a second-order network can be written in the standard form 

o S 2 + 4 ^ + <yii = 0 (10.93) 

where a) n is called the pole frequency and Q is called pole Q factor. The poles are complex 
if Q is greater than 0.5. A geometric interpretation for cq and Q of a pair of complex-conjugate 
poles is given in Fig. 10.38, from which we note that fq, is the radial distance of the poles 
from the origin and that Q indicates the distance of the poles from the jco axis. Poles on the 
jco axis have Q = <*>. 

By comparing Eqs. (10.91) and (10.93) we obtain the Q factor for the poles of the feed¬ 
back amplifier as 

( , f 1 +^o P)(Qp\0>p2 (io.94) 

| + COp*) 



Figure 10.38 Definition of ft* and Q of a pair 
conjugate poles. 
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Figure 10.39 Normalized gain of a two-pole feedback amplifier for various values of Q. Note that Q is 
determined by the loop gam according to Eq. (10.94). 


From the study of second-order network responses in Chapter 16, it will be seen that the 
response of the feedback amplifier under consideration shows no peaking for Q < 0.707. The 
boundary case corresponding to Q ~ 0.707 (poles at 45 angles) results in the maximally 
flat response. Figure 10.39 shows a number of possible responses obtained for various val¬ 
ues of Q (or, correspondingly, various values of AJ$). 



10.22 An amplifier with a low-frequency gain of 100 and poles at 10 4 rad/s and 10 6 rad/s is incorporated 
in a negative-feedback loop with feedback factor /?. For what value of y0do the poles of the closed- 
loop amplifier coincide? What is the corresponding Q ot the resulting second-order system? For 
what value of p \s a maximally flat response achieved? What is the low-frequency closed-loop 

gain in the maximally flat case? 

Ans, 0.245; 0.5; 0.5; 1.96 V/V 



As an illustration of some of the ideas just discussed, we consider the positive-feedback circuit shown in 
Fig. 10.40(a). Find the loop transmission L(s) and the characteristic equation. Sketch a root-locus ^gram 
for varying K, and find the value of K that results in a maximally flat response and the value of K t at 
makes 'the circuit oscillate. Assume that the amplifier has frequency-idependent gain, infinite input imped- 






Solution 


To obtain the loop transmission, we 
input. We then apply a test voltage V f 


short-circuit the signal source and break the loop at the amplifier 
and find the returned voltage V r , as indicated in Fig. 10.40(b). The 
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Example 10.9 continued 



(a) 




IOJ 


K = 1.586 
Q = 0.707 


K 

O 



K = 1.586 
Q = 0.707 


(c) 


Figure 10.40 Circuits and plot for Example 10 . 9 . 



loop transmission L(s) = A(s)p{s) is given by 



( 10 . 95 ) 


where Tis) is the tranMci furn 11 ■ ■ <■ oj the two-port R( network shown 
10.40(b): 


inside the broken-line box in Fig- 



.s( 1 /CR) 

s 2 + s(3/CR ) + (1 /CR f 


( 10 . 96 ) 
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Thus. 


L(s) = 


-s ( K/CR ) 


The characteristic equation is 


s 2 + s(3/CR) + (\/CR) 2 


(10.97) 


that is. 


1 + L(s) = 0 


3 


1 3 2 




5 +5 - + , 

CR kC7?7 


- S ~R = ° 


2 1- K 1 

5+5 — + 


CR \CR 


= 0 


(10.98) 


(10.99) 


By comparing this equation to the standard form of the second-order characteristic equation (Eq. 

10 . 93 ) we see that the pole frequency 0\ is given by 


O) 0 = 


1 


CR 


( 10 . 100 ) 


and the Q factor is 


Q = 


l 


3 -K 


( 10 . 101 ) 


Thus for K = 0, the poles have Q = 1 and are therefore located on the negative real axis. As K is 

■■r* _ 

increased, the poles are brought closer together and eventually coincide (Q = 0.5. K - 1). Further increas¬ 
ing K results in the poles becoming complex and conjugate. The root locus is then a circle because the 
radial distance rq, remains constant (Eq. 10.100) independent of the value of K, 

The maximally Hat response is obtained when Q = 0.707, which results when K= 1.586. In this case 
the poles are at 45 ° angles, as indicated in Fig. 10.40(c). The poles cross the jw axis into the right half of 
the s plane at the value of K that results in Q = <*>, that is, K = 3. Thus for K > 3 this circuit becomes unsta¬ 
ble. This might appear to contradict our earlier conclusion that the feedback amplifier with a second-order 
response is unconditionally stable. Note, however, that the circuit in this example is quite different from 
the negative-feedback amplifier that we have been studying. Here we have an amplifier with a positive 
train K and a feedback network whose transfer function T(s) is frequency dependent. This feedback is in 
fact positive, and the circuit will oscillate at the frequency for which the phase of T(jco) is zero. 


Example 10.9 illustrates the use of feedback (positive feedback in this case) to move the 
poles of an RC network from their negative real-axis locations to complex-conjugate loca¬ 
tions. One can accomplish the same task using negative feedback, as the root-locus diagram 
of Fig. 10.37 demonstrates. The process of pole control is the essence of active-filter design, 

as will be discussed in Chapter 16. 


10,11.5 Amplifiers with Three or More Poles 

Figure 10.41 shows the root-locus diagram tor a teedback amplifier whose open loop 
response is characterized by three poles. As indicated, increasing the loop gain from zero 
moves the highest-frequency pole outward while the two other poles are broug t c ose 
together. As A {) (3 is increased further, the two poles become coincident and t en e _ 
complex and conjugate. A value of exists at which this pair of complex conjugate po e. 
enters the right half of the 5 plane, thus causing the amplifier to become unstab e. 
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Figure 10.41 Root-locus diagram for 
an amplifier with three poles. The arrows 
indicate the pole movement as AJ is 
increased. 


This result is not entirely unexpected, since an amplifier with three poles has a phase 
shift that reaches -270° as o) approaches 00 . Thus there exists a finite frequency, (o m at 
which the loop gain has 180 c phase shift. 

From the root-locus diagram of Fig. 10.41, we observe that one can always maintain 
amplifier stability by keeping the loop gain A u /? smaller than the value corresponding to the 
poles entering the right half-plane. In terms of the Nyquist diagram, the critical value of Aj 
is that for which the diagram passes through the (-1, 0) point. Reducing below this 
value causes the Nyquist plot to shrink and thus intersect the negative real axis to the right of 
the (-1, 0) point, indicating stable amplifier performance. On the other hand, increasing AJ 
above the critical value causes the Nyquist plot to expand, thus encircling the (-1,0) point 
and indicating unstable performance. 

For a given open-loop gain A 0 the conclusions above can be stated in terms of the feed¬ 
back factor /?. That is, there exists a maximum value for /? above which the feedback ampli¬ 
fier becomes unstable. Alternatively, we can state that there exists a minimum value tor the 
closed-loop gain A m below which the amplifier becomes unstable. To obtain lower values ol 
closed-loop gain one needs therefore to alter the loop transfer function L(s). This is the pro¬ 
cess known as frequency compensation. We shall study the theory and techniques of fre¬ 
quency compensation in Section 10.13. 

Before leaving this section we point out that construction of the root-locus diagram for 
amplifiers having three or more poles as well as finite zeros is an involved process for which 
a systematic ; rocedure exists. However, such a procedure will not be presented here, and the 
interested reader should consult Haykin (1970). Although the root-locus diagram provides 
the amplifier designer with considerable insight, other, simpler techniques based on Bode 
plots can be effectively employed, as will be explained in Section 10.12. 



10.23 Consider a feedback amplifier for which the open-loop transfer function A(s) is given by 


A(s) = 


10 


1 + .s71f 
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Lei the teedbaek factor /?be frequency independent. Find the closed-loop poles as functions of /?, 
and show that the root locus is that ol Fig. El0.23. Also find the value of/fat which the amplifier 
becomes unstable. {Note: This is the same amplifier that was considered in Exercise 10.20.) 


j*> i 



10.12 Stability Study Using Bode Plots 


10.12.1 Gain and Phase Margins 

From Sections 10.10 and 10.1 I we know that whether a feedback amplifier is or is not sta¬ 
ble can be determined by examining its loop gain /f/?as a function of frequency. One of 
the simplest and most effective means for doing this is through the use of a Bode plot for Aj3, 
such as the one shown in Fig. 10.42. (Note that because the phase approaches -360 , the net¬ 
work examined is a fourth-order one. I he feedback amplifier whose loop gain is plotted in 
Fig, 10.42 will be stable, since at the frequency of 180 phase shift, co m , the magnitude of the 
loop gain is less than unity i negative dB 1 . The difference between the value of \A(j\ at a) {90 
and unity, called the gain margin, is usually expressed in decibels. The gain margin re P r ® 
sents the amount by which the loop gain can be increased while stability is maintaine. 
Feedback amplifiers are usually designed to have sufficient gain margin to allow tor t e 

inevitable changes in loop gain with temperature, time, and so on. . 

Another way to investigate the stability and to express its degree is to examine t e 0 
plot at the frequency for which | Aj3\ — l, which is the point at which the nia^nitu e: p' 0 
crosses the 0-dB line. If at this frequency the phase angle is less (in magnitude) than 
then the amplifier is stable. This is the situation illustrated in Fig. 10.42. The dlf ™ en ™ 
between the phase angle at this frequency and 180 is termed the phase margin. _ 
other hand, if at the frequency of unity loop-gain magnitude, the phase lag is in excess 0 

the amplifier will be unstable. 
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Figure 10.42 Bode plot for the loop gain Aft illustrating the definitions of the gain and phase margins. 


EXER 


10.24 Consider an op amp having a single-pole, open-loop response with A 0 — 10 5 and f p = 10 Hz. Let 
the op amp be ideal otherwise (infinite input impedance, zero output impedance, etc. >. If this am¬ 
plifier is connected in the noninverting configuration with a nominal low-frequency, closed-loop 
gain ot 100, find the frequency at which \Aft\ = 1, Also, find the phase margin. 

Ans. 10 4 Hz; 90° 


10.12.2 Effect of Phase Margin on Closed-Loop Response 

Feedback amplifiers are normally designed with a phase margin of at least 45°. The amount 
of phase margin has a profound effect on the shape of the closed-loop gain response. To 
see this relationship, consider a feedback amplifier with a large low-frequency loop 
^ 1. It follows that the closed-loop gain at low frequencies is approximately 1//?- Denot¬ 
ing the frequency at which the magnitude of loop gain is unity by <y,. we have ( refer to Fig 
10.42) ' ' 

A{j( 0 { )P= \ xe' Jd O°* l02a) 

where 


0 - 180° - phase margin 


(10.102b) 
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At the closed-ioop gain is 




A{jco^) 


1 + A(fw l )ft 


Substituting from Eq. (10.102a) gives 


A/j m s ) = 

1 + e 


-jo 

-J0~ 


Thus the magnitude of the gain at co x is 


M//®i)l = 


- VP 


1 + 6 


-jO 


For a phase margin of 45°, 6- 135°; and we obtain 


MAM) I = 1-34 


(10.103) 


(10.104) 


(10.105) 


(10.106) 


That is, the gain peaks by a factor of 1.3 above the low-frequency value of 1//?. I his peaking 
increases as the phase margin is reduced, eventually reaching <» when the phase margin is 
zero. Zero phase margin, of course, implies that the amplifier can sustain oscillations [poles 
on the jO) axis; Nyquist plot passing through (-1, 0)]. 



10.25 Find the closed-loop gam at ru, relative to the low-frequency gain when the phase margin is 30°, 

60°, and 90°. ; * * 

Ans. 1.93; 1; 0.707 



10.12.3 An Alternative Approach for Investigating Stability 

Investigating stability by constructing Bode plots tor the loop gain Aft can be a tedious and 
time-consuming process, especially il we have to investigate the stability ot a given amplifier 
for a variety of feedback networks. An alternative approach, which is much simpler, is to 
construct a Bode plot for the open-loop gain A{jco) only. Assuming tor the time being that ft 
is independent of frequency, we can plot 20 log{ Mft) as a horizontal straight line on the same 
plane used for 20 \og\A \. The difference between the two curves will be 


20 \og\A{jd>)\ -20 log^ - 20 logU/?| 


(10.107) 


which is the loop gain (in dB). We may therefore study stability b> examining the differenc 
between the two plots. If we wish to evaluate stability for a different feedback factor, we sim¬ 
ply draw another horizontal straight line at the level 20 log( !//?)• , , 

To illustrate, consider an amplifier whose open-loop transfer function isxharactenzedby 

three poles. For simplicity let the three poles be widely sepauited sa >< at . * _ . 

and 10 MHz. as shown in Fin. 10.43. Note that because the poles are widely separa e . 
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phase is approximately -45° at the first pole frequency. -135° at the second, and -225° at 
the third. The frequency at which the phase of A{jco) is -180° lies on the - 40 -dB/decade 
segment, as indicated in Fig. 10.43. 

The open-loop gain ot this amplifier can be expressed as 

A --_ (10.108) 

(1 +//10 5 )(1 +Jf/ I0 f ){I + jf/\0 ) 

from which \A\ can be easily determined tor any frequency / ( in Hz), and the phase can be 
obtained as 


0= -[tan 1 C//10 5 ) 4- tan '(f/XO*) + tan -1 (//10 7 )] 


(10.109) 


The magnitude and phase graphs shown in Fig. 10.43 are obtained using the method tor 
constructing Bode plots (Appendix I t. These graphs provide approximate values 
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important amplifier parameters, with more exact values obtainable from Eqs. (10.108) and 
(10.109). For example, the frequency /J at which the phase angle is 180° can be found from 
Fig. 10.43 to be approximately 3.2 X 10 6 Hz, Using this value as a starting point, a more 
exact value can be found by trial and error using Eq. (10.109). The result is f m = 3.34 x 10 6 
Hz. At this frequency, Eq. (10.108) gives a gain magnitude of 58.2 dB, which is reasonably 
dose to the approximate value of 60 dB given by Fig. 10.43. 

Consider next the straight line labeled (a) in Fig. 10.43. This line represents a feedback 
factor for which 2< log(l Ip) = 85 dB, which corresponds to f- 5.623 x 10" ? and a closed- 
loop gain of 83.6 dB. Since the loop gain is the difference between the \A\ curve and the 1 If 
line, the point of intersection X, corresponds to the frequency at which \Afi\ = 1. Using the 
graphs of Fig. 10.43, this frequency can be found to be approximately 5.6 x 10 5 Hz. A more 
exact value of 4.936 x I ' can be obtained using the transfer-function equations. At this 
frequency the phase angle is approximately -108°. Thus the closed-loop amplifier, for 
which 20 log( Mfl) — 85 dB, will be stable with a phase margin of 72°. The gain margin can 
be easily obtained from Fig. 10.43; it is 25 dB. 

Next, suppose that we wish to use this amplifier to obtain a closed-loop gain of 50-dB 
nominal value. Since A„ = 100 dB, we see that A 0 fi > I and 20 log (AJ3) — 50 dB, resulting 
in 2Ol0g(L/0 — 50 dB. To see whether this closed-loop amplifier is or is not stable, we 
draw line (b) in Fig. 10.43 with a height of 50 dB. This line intersects the open-loop gain 
curve at point X 2 , where the corresponding phase is greater than 180°. Thus the closed-loop 
amplifier with 50-dB gain will be unstable. 

In fact, it can easily be seen from Fig. 10.43 that the minimum value of 20 log(l//7) that 
can be used, with the resulting amplifier being stable, is 60 dB. In other words, the minimum 
value of stable closed-loop gain obtained with this amplifier is approximately 60 dB. At this 
value of gain, however, a manufactured version of this amplifier may still oscillate, since no 

margin is left to allow for possible changes in gain. 

Since the 180°-phase point always occurs on the -40-dB/decade segment of the Bode 
plot for \Al a rule of thumb to guarantee stability is as follows: The closed-loop amplifier 
will be stable if the 20 log( 1 tp) line intersects the 20 log Ml cur\>e at a point on the -20-dB/ 
decade segment . Following this rule ensures that a phase margin ot at least 45° is obtained. 
For the example of Fig. 10.43, the rule implies that the maximum value of /?is KT 4 , which 

corresponds to a closed-loop gain of approximately 80 dB. 

The rule of thumb above can be generalized tor the case in which fi is a function of 

frequency. The general rule states that at the intersection of 20 log[l/|/?(y(y)|] and 
20 \o%\A(ja>)\ the difference of slopes (called the rate of closure) should not exceed 

20 dB/decade. * m 



10.26 


Consider an op amp whose open-loop gain is identical to that of Fig. 10 43 Assume that the ep 
amp is ideal otherwise. Let the op amp be connected as a differentiator. Use the rule of thu 
above to show that for stable performance the differentiator time constant should be greater than 

159ms. [Hint: Recall that for a differentiator, the Bode plotfor \/\^ja»\ as ^ s P 
dB/decade and intersects the 0-dB line at l/r. where ns the diflerent.ator time eonstan .] 
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10.13 Frequency Compensation 

In this section, we shall discuss methods for modifying the open-loop transfer function^) 
of an amplifier having three or more poles so that the closed-loop amplifier is stable for 
given desired value ot closed-loop gain. 



Figure 10.44 Frequency compensation for /?= 10"\ The response labeled A' is obtained by introducing 
an additional pole at f Lr The A response is obtained by moving the original low-frequency pole to f$. 



10.13.1 Theory 

Miw implc .1 method of frequency compensation consists of introducing a new pole in the 

function /Ifs) at a sufficiently low frequency, f n , such that the modified open-loop ga )n - 

A (s) intersects the 20 log(l/|^|) curve with a slope difference of 20 dB/decade. As an 

example, let it be required to compensate the amplifier whose A(s) is shown in Fig. 

such that closed-loop amplifiers with /? as high as 10 2 (i.e., closed-loop gains as low as 

approximately 40 dB) will be stable. First, we draw a horizontal straight line at the 40-dB 

level to represent 20 log{ 1//?), as shown in Fig. 10.44. We then locate point Ton this lint? at 

the frequency of the first pole, f pv From Y we draw a line with - 20 -dB/decade slope and 

determine the point at which this line intersects the dc gain line, point Y' This latter point 

Jl ' f ,l " lrci l ,k ' [ icy f D ot the new pole that has to he introduced in the open-loop transfer 
function. 
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The compensated open-loop response A (s) is indicated in Fig. 10.44. It has four 
poles: at /p, &^fpy Thus | A | begins to roll off with a slope of-20 dB/decade at f D . 
At f Pi the slope changes to -40 dB/decade, at f n it changes to -60 dB/decade, and so on. 
Since the 20 log( \/ff) line intersects the 20 log 1^1 curve at point Ton the -20-dB/decade 
segment, the closed-loop amplifier with this Rvalue (or lower values) will be stable. 

A serious dism ant age of this compensation method is that at most frequencies the open- 
loop gam has been drastically reduced. This means that at most frequencies the amount of 
feedback available will be small. Since all the advantages of negative feedback are directly 
proportional to the amount ot feedback, the performance of the compensated amplifier will 
be impaired. 

Careful examination ot Fig. 10.44 shows that the gain A'( s) is low because of the pole at 
f If we can somehow eliminate this pole, then—rather than locating point Y, drawing YY\ 
and so on—we can start I rom point / 1 at the frequency of the second pole) and draw the line 
22’. i his would result in the open-loop curve A (s), which shows considerably higher gain 

than A'(s). 

Although it is not possible to eliminate the pole nlf PV it is usually possible to shift that 
pole from/= f PX to f = /)> This makes the pole dominant and eliminates the need for intro¬ 
ducing an additional lower-frequency pole, as will be explained next. 


10.13.2 Implementation 

We shall now address the question of implementing the frequency-compensation scheme 
discussed above. I he amplifier circuit normally consists of a number of cascaded gain 
stages, with each stage responsible tor one or more of the transfer-function poles. Through 
manual and/or computer analysis of the circuit, one identifies which stage introduces each of 
the important poles fp^f^ and so on. For the purpose of our discussion, assume that the first 
pole f n is introduced at the interface between the two cascaded differential stages shown in 
Fig. 10.45(a). In Fig. 10.45(b) we show a simple small-signal model of the circuit at this 
interface. Current source I x represents the output-signal current of the Q—Q 2 stage. Resis¬ 
tance R and capacitance C x represent the total resistance and capacitance between the two 
nodes B and B', It follows that the pole/ pl is given by 


fpi - 5 


1 


2 jtC\ R 


( 10 . 110 ) 


Let us now connect the compensating capacitor C c between nodes B and B . This will 
result in the modified equivalent circuit shown in Fig. 10.45(c) from which we see that 
the pole introduced will no longer be at f pl \ rather, the pole can be at any desired lower 

frequency ': 


fo = 


1 


2 MC x +C c )R x 


( 10 . 111 ) 


We thus conclude that one can select an appropriate value for C c to shift the pole frequency 

tom/ P1 to the value /,, determined by point Z / in Fig. 10.44. 

At this juncture it should be pointed out that adding the capacitor C c wi usua y resu 
in changes in the location of the other poles (those at f n and / P3 ). One might there ore nee t 
calculate the new location af/„ and perform a few iterations to arrive at the required value 

for C,. 
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I 




B' B' 



Figure 10.45 (a) Two cascaded gain stages of a multistage amplifier, (b) Equivalent circuit for the inter¬ 
lace between the two stages in (a), (c) Same circuit as in (b), but with a compensating capacitor C] added 
Note that the analysis here applies equally well to MOS amplifiers. 

A disadvantage of this implementation method is that the required value of C c is usually 
quite large. Thus if the amplifier to be compensated is an IC op amp, it will be difficult, and 
probably impossible, to include this compensating capacitor on the IC chip. (As pointedoui 
in Chapter 7 and in Appendix A, the maximum practical size of a monolithic capacitor is 
about 100 pF.) An elegant solution to this problem is to connect the compensating capacitor 
in the feedback path of an amplifier stage. Because of the Miller effect, the compensating 
capacitance will be multiplied by the stage gain, resulting in a much larger effective capaci¬ 
tance. Furthermore, as explained later, another unexpected benefit accrues. 

10.13.3 Miller Compensation and Pole Splitting 

Figure 10.46(a) shows one gain stage in a multistage amplifier. For simplicity, the stage is 
shown as a common-emitter amplifier, but in practice it can be a more elaborate circuit. In 
the feedback path of this common-emitter stage we have placed a compensating capacitor C f - 

Figure 10.46(b) shows a simplified equivalent circuit of the gain stage ot Fig. 1046 (a). 
Here R x and C, represent the total resistance and total capacitance between node B and 
ground. Similarly, R 2 and C 2 represent the total resistance and total capacitance between node 
C and ground. Furthermore, it is assumed that C, includes the Miller component due to 
capacitance C^ and C 2 includes the input capacitance of the succeeding amplify 
Finally, I { represents the output signal current of the preceding stage. 
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(a) (b) 


Figure 10.46 (al A gain stage in a multistage amplifier with a compensating capacitor connected in the 
feedback path, and (b) an equivalent circuit. Note that although a BJT is shown, the analysis applies equally 
well to the MOSFET case. 


In the absence of the compensating capacitor C r we can see from Fig. 10.46(b) that 
there are two poles—one at the input and one at the output Let us assume that these two 

poles are/p, and/^ of Fig. 10.44; thus, 



1 

2 



1 

2 xC 2 R 2 


( 10 . 112 ) 


With C present, analysis of the circuit yields ti e transfer function 


K = _ (sQ-gJRiR 2 _ 

7 < 1 + s[C,/?, + C 2 R 2 + Cf(g m R x R 2 + R ] + R 2 )] +s 2 [C l C 2 + C/C, + C 2 )]R,R 2 


(10.113) 


The zero is usually at a much higher frequency than the dominant pole, and we shall neglect 
its effect. The denominator polynomial D(s) can be written in the form 




2 

S 


+ 


(Op\ 0) P2 


(10.114) 


where Q) f ', x and (Op-, are the new frequencies ot the two poles. Normally one of the poles will 
be dominant; w' PX < a)p 2 . Thus, 


D(J) - 1 + 







(10.115) 


Equating the coefficients of s in the denominator ot Eq. (10.113) and in Eq. (10.115) results 

* 

in 


1 


0 ) P \ = 


C|/?, + C 2 R 2 + C f {g m R\Ri + R\ + R i) 


which can be approximated by 


1 


0) P{ ~ 


gm R lCf R \ 


(10.116) O 
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To obtain cof 2 we equate the coefficients of s 2 in the denominator of Eq. (10.113) and in 
Eq. (10.115) and use Eq. (10.116): 

/ __ gnS- f _ 

O a>n ~ C,C 2 + C f {C, + C2) 0°.117) 

From Eqs. (10.116) and (10.117), we see that as C f is increased, cof { is reduced and o)' r j s 
increased. This action is referred to as pole splitting. Note that the increase in o) P2 is highly 
beneficial; it allows us to move point Z (see Fig. 10.44) further to the right, thus resulting iii 
higher compensated open-loop gain. Finally, note from Eq. 1 10.116) that C, is multiplied by 
the Miller-effect factor thus resulting in a much larger effective capacitance, gj?,c. 
In other words, the required value of C, will be much smaller than that of C c in Fig. 10.45, 

















Consider an op amp whose open-loop transfer function is identical to that shown in Fig. 1 0.43. We wish to 
compensate this op amp so that the closed-loop amplifier with resisti\e feedback is stable for any gain 
(i.e., for /?up to unity ). Assume that the op-amp circuit includes a stage such as that of Fig. 10.46 with C 
= 100 pF, C 2 = 5 pF, and g m - 40 mA/V, that the pole at f pi is caused by the input circuit of that stage, and 
that the pole at f n is introduced by the output circuit. Find the value of the compensating capacitor for two 
cases: either if it is connected between the input node B and ground, or in tile feedback path of the transis¬ 
tor. 


Solution 

First we determine R and R-, from 


f Pl = 0.1 MHz = 


1 


IxCM 


Thus, 


10 

R * = —n 

lit 


f P2 = 1 MHz = 


1 


2nt\R-, 


£. - 


Thus, 


10 

r, = — a 

n 


If a compensating capacitor C c is connected across the input terminals of the transistor stage, then the 
frequency of the first pole changes from f Fl to f' D \ 


fn = 


2rtC ] + C c )R l 

The second pole remains unchanged at I -MHz. The required value for ff t is determined by drawing a "20- 
dB/decade line from the 1-MHz frequency point on the 20 log(l//?) = 20 log 1 = 0 dB line. This line will 
intersect the 1 00-dB dc gain line at 1 0 Hz. Thus 


f' D = 10 Hz = 


2tffC, + C ( )/? 
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w hich results in C c 1 pF, which is quite large and certainly cannot be included on the 1C chip. 

Next, if a compensating capacitor C f is connected in the feedback path of the transistor, then both 
poles change location to the values given by Eqs. (10. 11 6) and (10.117): 



1 

^■XgmRiCfRx 



_ Sm^f_ _ 

2n\C x C 2 + f/(C| + C 2 )] 


( 10 . 118 ) 


tion, let us assume that C f >C 2 , which enables us to obtain 


f' - 
JP2 ~ 


g 


m 


= 60.6 MHz 


2^C, + C 2 ) 

Thus it appears that this pole will move to a frequency higher than f n (which is 10 MHz). Let us therefore 
assume that the second pole will be at/ pv This requires that the first pole be located at 


fp] ~ 


Ips 10" Hz 


= 100 itz 


o 


10 


I bus. 


fn = 100 Hz = 


1 


^ ^Sm^2 CfR 


which results in C f ~ 78.5 pF. Although this value is indeed much greater than C,, we can determine the 
location of the pole f P2 from Eq. (10.118), which yields f P2 = 57.2 MHz, confirming that this pole has 
indeed been moved past f py " ' ,, ^3 

We conclude that using Miller compensation not only results in a much smaller compensating capac¬ 
itor but, owing to pole splitting, also enables us to place the dominant pole a decade higher in frequency. 
This results in a wider bandwidth for the compensated op amp. 



10.27 A multipole amplifier having a first pole at 1 MHz and an open-loop gain of 100 dB is to be com¬ 
pensated for closed-loop gains as low as 20 dB by the introduction of a new dominant pole. At 

what frequency must the new pole be placed? 

A ns. 1 00 Hz 

10.28 For the amplifier described in Exercise 10.27, rather than introducing a new dominant pole, we 
can use additional capacitance at the circuit node at which the first pole is tormed to reduce the 
frequency of the first pole. If the frequency of the second pole is 10 MHz and it it remains un¬ 
changed while additional capacitance is introduced as mentioned, find the frequency to which the 
first pole must be lowered so that the resulting amplifier is stable for closed-loop gains as low as 
20 dB By what factor must the capacitance at the controlling node be increased? 

Arts. 1000 Hz; 1000 
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Summary 

■ Negative feedback is employed to make the amplifier 
gain less sensitive to component variations; to control in¬ 
put and output impedances; to extend bandw idth; to 
reduce nonlinear distortion; and to enhance signal-to- 
interference ratio. 

■ The advantages above are obtained at the expense of a 
reduction in gain and at the risk of the amplifier becom¬ 
ing unstable (that is, oscillating). 1 he lattei problem is 
solved by careful design. 

■ For each of the four basic types of amplifier, there is an 
appropriate feedback topology. The four topologies, to¬ 
gether with their analysis procedure and their effects on 
input and output impedances, are summarized in Table 

10.1 in Section 10.8. 

■ The key feedback parameters are the loop gain {A (3), 
which for negative feedback must be a positive dimen¬ 
sionless number, and the amount of feedback (1 + A/3). 
The latter directly determines gam reduction, gain de- 
sensitivitv. bandwidth extension, and changes in R 
and R n . 

o 

■ Since A and f3 are in general frequency dependent, the 
poles of the feedback amplifier are obtained by solving 
the characteristic equation 1 + A(s)f3(s) - 0. 


■ For the feedback amplifier to be stable, its poles mu<i , n 

be in the left half of the 5 plane. 1 

a Stability is guaranteed if at the frequency for which the 
phase angle ofA/3is 180° (i.e., a) m ), \A/3\ is less than unf 
ty; the amount by which it is less than unity, expressed in 
decibels, is the gain margin. Alternatively, the amplifier is 
stable if, at the frequency at which \Aj3\ = \ t the phase 
angle is less than 180°; the difference is the phase margin 

■ The stability of a feedback amplifier can be analysed by 
constructing a Bode plot for \A\ and superimposing on it a 
plot for \/\{3\. Stability is guaranteed if the two plots inter¬ 
sect with a difference in slope no greater than 6 dB octave 

» ! o make a given am pi i fier stable for a given feedback fac¬ 
tor j3, the open-loop frequency response is suitably modi¬ 
fied by a process known as frequency compensation 

■ A popular method for frequency compensation involves 
connecting a feedback capacitor across an inverting stage in 
the amplifier. This causes the pole formed at the input of the 
amplifier stage to shift to a lower frequency and thus be¬ 
come dominant, while the pole formed at the output of the 
amplifier stage is moved to a very high frequency and thus 
becomes unimportant. This process is known as pole 
splitting. 






Computer Simulation Problems 


Section 10.1: The General Feedback Structure 


SIM 


Problems identified by this icon are intended to 
demonstrate the value of using SPICE simulation to ver¬ 
ify hand analysis and design, and to investigate important 
issues such as allowable signal swing and amplifier non¬ 
linear distortion. Instructions to assist in setting up 
PSpice and Multisim simulations for all the indicated 


problems can be found in the corresponding files on the 
disc. Note that if a particular parameter value is not spec¬ 
ified in the problem statement, you are to make a reason¬ 
able assumption. * difficult problem; ** more difficult; 

*** very challenging and/or time-consuming; D: design 
problem. 


10.1 A negative-feedback amplifier has a closed-loop gain 
A f - 100 and an open-loop gain A = 10 4 . What is the feed¬ 
back factor J3l If a manufacturing error results in a reduction 
of A to 10 3 , what closed-loop gain results? What is the pet 
centage change in A f corresponding to this factor of 10 reduc¬ 
tion in A? 

10.2 Consider the op-amp circuit shown in Fig' 
where the op amp has infinite input resistance and zero out 

put resistance but finite open-loop gain A. 

(a) Convince yourself that f3 = R\/{R\+Ri) y 

(b) If /? ( = 10 kiT, find R 2 that results in A f = 10 v/ 
for the following three cases: (i) A — 1000 V V, (ii) 

A = 100 V/V; (iii) A = 12 V/V. 
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(c) For each ot the three cases in (b), find the percentage 
change in A, that results when A decreases by 20%. Com¬ 
ment on the results. 



Figure PIO.2 

10.3 The non inverting buffer op-amp configuration shown 
in Fig. PI 0.3 provides a direct implementation of the feed¬ 
back loop of Fig. 10.1. Assuming that the op amp has infi¬ 
nite input resistance and zero output resistance, what is /?? If 
A = 1000, what is the closed-loop voltage gain? What is the 
amount of feedback (in dB)? For V s = 1 V, find F and V r If 
A decreases by 10%, what is the corresponding percentage 
decrease in Ap 



Figure PIO.3 

10.4 In a particular circuit represented by the block diagram 
of Fig. 10.1, a signal of 1 V from the source results in a dif¬ 
ference signal of 10 mV being provided to the amplifying ele¬ 
ment A, and 10 V applied to the load. I or this arrangement, 
identify the values of A and (3 that apply. 

10.5 Find the loop gain and the amount of feedback ot a 
voltage amplifier for which ^and 1 //? differ by (a) 1%, (b) 
5%,(c) 10%, (d) 50%. 

10.6 In a particular amplifier design, the (3 network con¬ 
sists of a linear potentiometer for which /?is 0.00 at one end, 
1 -00 at the other end, and 0,50 in the middle. As the potenti¬ 
ometer is ad)usted, find the three values ot closed-loop gain 
that result when the amplifier open-loop gain is (a* i V/V. 
(b) 10 V/V, (c) 100 V/V, (d) 10,000 V/V. 

10.7 A newly constructed feedback amplifier undergoes a 
performance test with the following results: With the feed¬ 
back connection removed, a source signal ot 5 mV is 


required to provide a 10-V output to the load; with the feed¬ 
back connected, a 10-V output requires a 200-mV source 
signal. For this amplifier, identify values of A, /?, Aft, the 
closed-loop gain, and the amount of feedback (in dB). 

Section 10.2: Some Properties of Negative 
Feedback 

10.8 For the negative-feedback loop of Fig. 10.1, find the 
loop gain A/3 for which the sensitivity of closed-loop gain to 
open-loop gain [i.e., (dAj/A f )/{dA/A)] is -40 dB. For what 
value of A/3 does the sensitivity become 1/2? 

D 10.9 A designer is considering two possible designs of a 
feedback amplifier. The ultimate goal is A r ~ 20 V/V. One 
design employs an amplifier for which A = 500 V/V and 
the other uses A = 250 V/V. Find [3 and the desensitivity 
factor in both cases. If the A - 500 amplifier units have a 
gain uncertainty of ± 10%, what is the gain uncertainty for 
the closed-loop amplifiers utilizing this amplifier type? If 
the same result is to be achieved with the A = 250 ampli¬ 
fier. what is the maximum allowable uncertainty in its gain? 

D 10.10 A designer is required to achieve a closed-loop 
gain of 25 ± 1 % V/V using a basic amplifier whose gain 
variation is ±10%. What nominal value of ,-1 and [3 
(assumed constant) are required? 

D 10.11 A circuit designer requires a gain of 25 ± 1 % V/V 
using an amplifier whose gain varies by a factor of 10 over 
temperature and time. What is the lowest gain required? The 
nominal gain? The value of /?? 

O 10.12 A power amplifier employs an output stage w hose 
gain varies from 2 to 12 for various reasons. What is the 
gain of an ideal (non varying) amplifier connected to drive it 
so that an overall gain with feedback of 100 ± 5% V/V can 
be achieved? What is the value of f3 to be used? What are 
the requirements if Af must be held within ±0.5 %? For 
each of these situations, what preamplifier gain and feed¬ 
back factor f3 are required if A { is to be 10 V/V (with the 
two possible tolerances)? 

D 10.13 It is required to design an amplifier with a gain 
of 100 that is accurate to within ±1%. You have available 
amplifier stages with a gain of 1000 that is accurate to 
within ±30%. Provide a design that uses a number of these 
gain stages in cascade, with each stage employing negative 
feedback of an appropriate amount. Obviously, your design 
should use the lowest possible number of stages while meet¬ 
ing specification. 

10.14 Consider an amplifier having a midband gain A „and a 
low-frequency response characterized by a pole at s = ~(O l 
and a zero at s = 0. Let the amplifier be connected in a nega¬ 
tive-feedback loop with a feedback factor (3. Find an expres- 
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sion for the midband gain and the lower 3-dB frequency ot 
the closed-loop amplifier. By what factor have both changed. 

D *10.15 It is required to design an amplifier to have a 
nominal closed-loop gain of 10V/V using a battery-oper¬ 
ated amplifier whose gain reduces to half its normal full-bat¬ 
tery value over the life of the battery. It only 2% drop in 
closed-loop gain is desired, what nominal open-loop ampli¬ 
fier gain must be used in the design? (Note that since the 
change in A is large, it is inaccurate to use differentials.) 
What value of ft should be chosen? If component-value vari¬ 
ation in the ft network may produce as much as a ±1% v aria¬ 
tion in ft, to w r hat value must A be raised to ensure the 
required minimum gain ? 

10,16 A capacitively coupled amplifier has a midband 
gain of 1000 V V, a single high-frequency pole at 10 kHz, 
and a single low-frequency pole at 100 Hz. Negative feed¬ 
back is employed so that the midband gain is reduced to 10. 
What are the upper and lower 3-dB frequencies of the 
closed-loop gain? 

D 10.17 Low-cost audio power amplifiers often avoid 
direct coupling of the loudspeaker to the output stage 
because any resulting dc bias current in the speaker can use 
up (and thereby waste) its limited mechanical dynamic 
range. Unfortunately, the coupling capacitor needed can be 
large! But feedback helps. For example, for an 8-Q loud¬ 
speaker and f L = 100 Hz, what size capacitor is needed' 7 
Now, if feedback is arranged around the amplifier and the 
speaker so that a closed-loop gain A , - 10 Y V is obtained 
from an amplifier whose open-loop gain is 1000 V V. what 
value of f Lf results? If the ultimate product-design specifi¬ 
cation requires a 50-Hz cutoff, what capacitor can be used? 

D **10.18 It is required to design a dc amplifier with a low- 
frequency gain of 1000 and a 3-dB frequency of 0.5 MHz. 
You have available gain stages with a gain of 1000 but with 
a dominant high-frequency pole at 10 kHz. Provide a design 
that employs a number of such stages in cascade, each with 
negative feedback of an appropriate amount. Use identical 
stages. [Hint: When negative feedback of an amount 
( I + Aft) is employed around a gain stage, its x-dB fre¬ 
quency is increased by the factor (1 + Aft).] 

D 10,19 Design a supply-ripple-reduced power amplifier 
for which the output stage can be modeled by the block dia¬ 
gram of Fig. 10.4, where A, = 0.9 V/V, and the power-sup¬ 
ply ripple V s = +\ V. A closed-loop gain of 10 V/V is 
desired. What is the gain of the low-ripple preamplifier 
needed to reduce the output ripple to ±100 mV? To ±10 

mV, To ±1 mV? For each case, specify the value required 
for the feedback factor ft. 

□ 10.20 Design a feedback amplifier that has a closed- 
loop gain of 100 V/V and is relatively insensitive to change 


in basic-amplifier gain. In particular, it should provide 
reduction in A, to 00 V/V for a reduction in A to one-tenth 
nominal value. What is the required loop gain? What mnT 
nal value of A is required? What value of should be usd' 
What would the closed-loop gain become if 4 Were 
increased tenfold ? If d were made infinite? 

D 10.21 A feedback amplifier is to be designed using a 
feedback loop connected around a two-stage amplifier The 
first stage is a direct-coupled, small-signal amplifier with a 
high upper 3-dB frequency. The second stage is a power- 
output stage with a midband gain of 10 V/V and upper and 
lower 3-dB frequencies of 8 kHz and 80 Hz, respectively 
The feedback amplifier should have a midband gain of 11)0 
V/V and an upper 3-dB frequency of 40 kHz. What is the 
required gain of the small-signal amplifier? What value of ft 
should be used.’ What does the lower 3-dB frequency of the 
overall amplifier become? 

*10.22 The complementary BJT follower shown in 
Fig. PI0.22(a) has the approximate transfer characteristic 


+ V 




Figure P10.22 


Problems 893 


shown in Fig. P 10.22(b). Observe that for -0.7 V <v,< +0.7 
V, the output is zero. This “dead band" leads to crossover 
distortion (see Section I 1.3). Consider this follower to be 
driven by the output of a differential amplifier of gain 100 
whose positive-input terminal is connected to the input sig¬ 
nal source v s and whose negative-input terminal is con¬ 
nected to the emitters of the follower. Sketch the transfer 
characteristic v 0 versus v s of the resulting feedback ampli¬ 
fier What are the limits of the dead band, and what are the 
gains outside the dead band? 

D 10.23 A particular amplifier has a nonlinear transfer 
characteristic that can be approximated as follows: 


(a) For small input signals, \v,\ < 10 mV, v o^ v i ~ 10 

(b) For intermediate input signals, 10 mV<|v ; | <60 mV, 

Aiu/Aff = 10 


If the amplifier is connected in a negative-feedback loop, 
find the feedback factor ft that reduces the factor-of-10 
change in gain (occurring at \v t \ = 10 mV) to only a 10% 
change. What is the transfer characteristic v Q versus u s of the 
amplifier with feedback”? 


ft = If/1 0 , and Af = l Q /1 s , assuming that the feedback 
causes the voltage at the input node to be near ground. If the 
p gain is large, w'hat does the closed-loop current gain 
becor ic? State precisely the condition under w'hich this is 
obtained. For // = 10 4 V/V, R id = 1 Mil, r n = 100 Q , 

R l = 10 kQ, R M = 100 Q, and R F = 10 kQ,find^l, 
ft , and A f , 






R 


,w 


Figure P10.26 


Section 10.3: The Four Basic Feedback 
Topologies 

D 10,24 For the feedback voltage amplifier of Fig. 10.7(a) 
let the op amp have an infinite input resistance, a zero output 
resistance, and a finite open-loop gain A - 10 V/V. If 
= 1 kfi, find the value of R 2 that results in a closed- 
loop gain of 100 V/V. What does the gain become if R\ is 
removed? 

10.25 Consider the feedback voltage amplifier of Fig. 
10.7(c). Neglect r 0 and assume that (/?] + R 2 > ' &d ■ 

(a) Find expressions for A and ft and hence the amount of 
feedback. 

(b) Noting that the feedback can be eliminated by removing 
R | and R 2 and connecting the gate of Q to a constant dc 
voltage (signal ground) give the input resistance R, and the 
output resistance R : , of the open-loop amplifier. 

(c) Using standard circuit analysis (i.e, without invoking the 
feedback approach), find the input resistance R,f and the 
output resistance R ilf - of the circuit in Fig, 10.7(b). How 
does Ry relate to R ,, and /?„, to R a ? 

10.26 The feedback current amplifier in Fig. PI0.26 uti¬ 
lizes an op amp with an input differential resistance R id . an 
open-loop gain fJ , and an output resistance r 0 . The output 
current l o that is delivered to the load resistance R^ is 
sensed by the feedback network composed of the two resis¬ 
tances and R F , and a fraction If is fed back to the 
amplifier input node. Find expressions tor A=I 0 /I,, 


10.27 Figure PI0.27 shows a feedback transconductance 
amplifier utilizing an op amp with open-loop gain u , very 
large input resistance, and a very small output resistance, 
and an NMOS transistor Q. The amplifier delivers its output 
current to R L . The feedback network, composed of resistoi 
R, senses the equal current in the source terminal of Q and 
delivers a proportional voltage V j to the negative input ter¬ 
minal of the op amp. 



Figure PIO.27 

(a) Show that the feedback is negative, 

(b) Open the feedback loop by breaking the connection of R 
to the negative input of the op amp and grounding the nega¬ 
tive input terminal. Find an expression tor A = /„/ f, • 
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(c) Find an expression tor /? = V/I a . 

(d) Find an expression for Af= l Q / V s ■ 

(e) What is the condition to obtain I 0 — V s /R ? 

10.28 Figure P10.28 shows a feedback transconductance 
amplifier implemented using an op amp with open-loop ga 
ju , a very large input resistance, and an output resistance r Q . 
The output current I n that is delivered to the load resistance 
R ^ is sensed by the feedback network composed ot the three 
resistances Ry , R j , and R 2 » and a proportional voltage Vf 
is fed back to the negative-input terminal of the op amp. Find 

expressions for A s 7 0 /F, P = Vf/1 Q , an( ^ 

If the loop gain is large, find an approximate expression tor 
A f and state precisely the condition for which this applies. 



Figure P10.28 

10.29 For the feedback transresistance amplifier in Fig. 
10.11(d), use small-signal analysis to find the open-loop 
gain A s V 0 /I t , the feedback factor p = IJ V 0 , and the 
closed-loop gain Af = V 0 /1 s . Neglect r n of each of Q { 
and Q 2 and assume that R c < p 2 R E and R £ < R F , and that 
the feedback causes the signal voltage at the input node to 
be nearly zero. Evaluate V Q /I S for the following compo¬ 
nent values: P x - p-, - 100, R c = R E = 10 kQ, and 
R f = 100 kQ. 

10.30 For the feedback transresistance amplifier in Fig. 
PI0.30, let R F >R C and r 0 >R c , and assume that the 
feedback causes the signal voltage at the input node to be 
nearly zero. Derive expressions for A = V Q /I r p = I/V 0 , 
and Af = V Q /l s . Find the value of A, for the case of 
R c = iO kQ, R F — 100 kQ, and the transistor current 
gain P = 100. 

Section 10.4: The Feedback Voltage Amplifier 
(Series-Shunt) 

10.31 A series-shunt feedback amplifier employs a basic 
amplifier with input and output resistances each of 2 kQ and 


v 

v cc 



gain A = 1000 V/V. The feedback factor ft= 0.1 V/V. Find 
the gain A p the input resistance R ir and the output resistance 
R o/ of the closed-loop amplifier. 

10.32 For a particular amplifier connected in a feedback 
loop in which the output voltage is sampled, measurement 
of the output resistance before and after the loop is con¬ 
nected shows a change by a factor of 100. Is the resistance 
with feedback higher or lower? What is the value of the loop 
gain .4/?? If R of is 100 Q, what is R 0 without feedback? 

10.33 The formulas for R lf and R of in Eqs. (10.19) and 
(10.22), respectively, also apply for the case in which .-I is a 
function of frequency. In this case, the resulting impedances 
Zjf and Z of will be functions of frequency. Consider the 
case of a series—shunt amplifier that has an input resistance 
R t , an output resistance /?,,, and open-loop gain 
A = A 0 /( 1 + (s/co H )), and a feedback factor /? that is 
independent of frequency. Find Z (/ and Z oj and gi\e an 
equivalent circuit for each, together with the values of all the 
elements in the equivalent circuits. 

10.34 A series-shunt feedback amplifier utilizes the feed¬ 
back circuit shown in Fig. PI0.34. 

(a) Find expressions for the h parameters of the feedback 
circuit (see Fig. 10.14b). 

(b) If/?, = 1 kQ and /?=0.01, what are the values of all four 

h parameters? Give the units of each parameter. 

(c) For the case R - 1 kQ and R, = I kQ, sketch and label 

an equivalent circuit following the model in Fig. 10.14(c). 

o- t V W-o 

© 5*2 © 

O-1-o 

Figure PIO.34 
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10.35 A feedback amplifier utilizing voltage sampling and 
employing a basic voltage amplifier with a gain of 1000 V/V 
and an input resistance of 1 )< '0 Q has a closed-loop input 
resistance of 10 kQ What is the closed-loop gain? If the 
basic amplifier is used to implement a unity-gain voltage 
buffer, what input resistance do you expect? 

*10.36 In the series-shunt feedback amplifier shown in 
Fig. PI0.36, the transistors are biased with ideal current- 
sources 1\ = 0.1 mA and I 2 = 1 mA, the devices operate 
with V Bi - 0.7 V and have p x = p 2 = 100. The input 
signal V s has a zero dc component. Resistances 
r = 100 Q, R] = 1 kQ, R 2 = 10 kQ, and R ; = 1 kQ. 

(a) If the loop gain is large, what do you expect the closed- 
loop gain V 0 /V s to be? Give both an expression and its 
approximate value. 

(b) f ind the dc emitter current in each of Q x and Q 2 . Also 
find the dc voltage at the emitter of Q 2 . 

(c) Sketch the A circuit without the dc sources. Derive 
expressions for A , /?,, and R 0 , and find their values. 

(d) Give an expression for /?and find its value. 

[(e) Find the closed-loop gain V a / V s , the input resistance 
R m , and the output resistance R tmV By what percentage 
does the value of Af differ from the approximate value 
found in (a)? 


SIM 


D *10.37 Figure PI 0.37 shows a series-shunt ampli¬ 
fier with a feedback factor p= 1. The amplifier is designed 
so that v 0 = 0 for - 0, with small deviations in v 0 from 0 V 
dc being minimized by the negative-feedback action. The 
technology utilized has k n '= 2 k'= 120 //A/V 2 , | V\ = 0.7 V, 


and | V/\ = 24 V/|im. 

(a) Show that the feedback is negative. 

(b) With the feedback loop opened at the gate of Q 2 , and the 
gate terminals of Q, and Q 2 grounded, find the dc current and 
the overdrive voltage at which each of Q , to Q s is operating. 
Ignore the Early effect. Also find the dc voltage at the output. 


(c) Find g m and r o of each of the five transistors. 

(d) Find the expressions and values of A and R o . Assume 
that the bias current sources are ideal. 

(e) Find the gain with feedback, A f , and the output resis¬ 
tance R m . 

(t) How would you modify the circuit to realize a closed 
loop voltage gain of 5 V/V? What is the value of output 
resistance obtained? 






which the three MOSFETs are sized to operate at 
\V 0i \ = 0.2 V. Let \V\ = 0.5 V and \ V A \ = 10 V. The 
current sources utilize single transistors and thus have out¬ 
put resistances equal to r . 


(a) Show that the feedback is negative. 

(b) Assuming the loop gain to be large, what do you expect 
the closed-loop voltage gain V / V s to be approximately? 

(c) If V % has a zero dc component, find the dc voltages at 
nodes S l? G ; , S Jt and G,. Verify that each of the current 
sources has the minimum required dc voltage across it for 
proper operation. 

id) Find the A circuit. Calculate the gain of each of the three 
stages and the overall voltage gain, A. 

[Hint: A CS amplifier with a resistance R s in the source 
lead has an effective transconductance g m /1 1 + g m R s ) and 
an output resistance r 0 ( 1 + g^RJ. ] 

(e) Find p. 

(f) Find Af = V a /V s . By what percentage does this value 
differ from the approximate value obtained in (b)? 

(g) Find the output resistance R 0{Jt . 


D 10,39 The active-loaded differential amplifier in 
Fig PI0.39 has a feedback network consisting of the volt¬ 
age divider (R X> R 2 ), with R x +R 2 — 1 MQ. The 
devices are sized to operate at |F 0I j = 0.2 V. For all 
devices, \ V A \ = 10 V. The input signal source has a zero dc 

rnmnnnent 



figure P10.36 
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Figure P10.37 
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Figure P10.38 

(a) Show that the feedback is negative. 

(b) What do you expect the dc voltage at the gate of Q 2 to 
be? At the output? (Neglect the Early effect.) 

(c) Find the .4 circuit. Derive an expression for A and find its 
value. 

(d) Select values for R { and R 2 to obtain a closed-loop 
voltage gain V J V s = 5 V/V. 

(e) Find the value of /? nUt . 



oV„ 


*nu. 


(f) Utilizing the open-circuit, closed-loop gain (5 ^ ^ 

the value of R llli{ found in (e), find the value ot fl a j" 
obtained when a resistance R\ — 10 kQ is connects 

the output. . - s 

(g) As an alternative approach to (0 above, redo the aru 
of the A circuit including R L . Then utilize the values o ^ 
and R 2 found in (d) to determine /? and Aj - Compaq 
value of A f to that found in (f). 
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Figure P10.39 
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Figure P10.40 

D **10,40 The CMOS op amp in Fig. PI0.40(a) is fabri¬ 
cated in a 1-pm technology for which V (n - -V tp = 0.75 V, 
R n C ox = 2fi p C ox = 100 pA/V", and V A = 10 V/pm. All 
transistors in the circuit have L = 1 pm. 

(a) It is required to perform a dc bias design ot the circuit. 
For this purpose, let the two input terminals be at zero volts 
dc and neglect channel-length modulation (i.e, let V A - 00 )■ 
Design to obtain l D , = l D2 = 50 pA, I DS = 250 pA, and 


y - 0, and operate all transistors except for the source 
follower Q$ at V ov - 0.25 V. Assume that Q ( and Q 2 
are perfectly matched, and similarly lor Q 2 and Q A . For 
each transistor, find l D and W/L. 

(b) What is the allowable range of input common-mode 
voltage? 

(c) Find g m for each of 0 h 0i, and Q s . 

(d) For each transistor, calculate r a . 
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(e) The 100-kQ potentiometer shown in Fig. 10.40(b) is con¬ 
nected between the output terminal (Out) and the inverting 
input terminal [(-In) to provide negative feedback whose 
amount is controlled by the setting of the wiper. A voltage 
signal V s is applied between the noninverting input (+In) and 
ground. A load resistance R L - 100 kQ is connected 
between the output terminal and ground. The potentiometer is 
adjusted to obtain a closed-loop gain A f = V 0 / V s — 10 V/V. 

Specify the required setting of the potentiometer by giv¬ 
ing the values of R j and R y. Toward this end, find the A 
circuit (supply a circuit diagram), the value ot A , the /? cir¬ 
cuit (supply a circuit diagram), and the value of /?. 

(f) What is the output resistance of the feedback amplifier, 
excluding R L ? 

D *10.41 Figure PI0.41 shows a series-shunt feedback 
amplifier without details of the bias circuit. 

(a) Sketch the A circuit and the circuit for determining /?. 



Figure P10.41 


(b) Show that if Afi is large then the closed-loop vo h, 
gain is given approximately by 

a — 1 9 ~ b 

A/= k~~ 

(c) If R e is selected equal to 50 Q, find R\ F that will result i 
a closed-loop gain of approximately 25 V/V. 

(d) If Q x is biased at 1 mA, Q , at 2 mA, and Q s at 5 mA, and 
assuming that the transistors have h ft = 100, find approxi¬ 
mate values for R Ci and R C2 to obtain gains from the stage- 
of the A circuit as follows: a voltage gain of of about -)o 
and a voltage gain of Q : of about -50. 

(e) For your design, what is the closed-loop voltage gain 
realized? 

(f) Calculate the input and output resistances of the closed- 

loop amplifier designed. 


10.42 Figure PI0.42 shows a three-stage feedback ampli¬ 
fier: 

A | has an 82-kQ differential input resistance, a 20-V/V 
open-circuit differential voltage gain, and a 3.2-kf2 output 
resistance. 

A 2 has a 5-kU input resistance, a 20-mA/V short-circuit 
transconductance, and a 20-kQ output resistance. 

Ay has a 20-kl2 input resistance, unity open-circuit voltage 
gain, and a 1-kQ output resistance. 

The feedback amplifier feeds a 1-kO load resistance and is 
fed by a signal source with a 9-kQ resistance. The feedback 
network has R\- 10 k!2 and /C= 90 kQ. 

(a) Show that the feedback is negative. 

(b) Supply the small-signal equivalent circuit. 

(c) Sketch the A circuit and determine A. 

(d) Find /? and the amount of feedback. 

(e) Find the closed-loop gain A, = VJV S . 

(f) Find the feedback amplifier’s input resistance R m . 

(g) Find the feedback amplifier’s output resistance R 0]iV 

(h) If the high-ffequency response of the open-loop gain/I is 
dominated by a pole at 100 Hz, what is the upper 3-dB fre¬ 
quency of the closed-loop gain? 



Figure PIO.42 
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i) If for some reason A ] drops to half its nominal value, 
what is the percentage change to A f l 

Section 10.5: The Feedback Transconductance 
Amplifier (Series-Series) 

10.43 A series-series feedback amplifier employs a 
transconductance amplifier having a short-circuit transcon¬ 
ductance G m of 0.5 A/V, input resistance of 10 kU, and out¬ 
put resistance of 100 kll The feedback network has /? = 
100 ft, an input resistance (with port 1 open-circuited) of 
100 ft, and an input resistance (with port 2 open-circuited) 
of 10 kft. The amplifier operates with a signal source having 
a resistance of 10 kft and with a load resistance of 10 kft. 
Find A f , R m , and R wt . 

10.44 Reconsider the circuit in Fig. 10.23(a), analyzed in 
Example 10.6, this time with the output voltage taken at the 
emitter of Q y . In this case the feedback can be considered 
to be of the series-shunt type. Note that R E2 should now be 
considered part of the basic amplifier and not of the feed¬ 
back network. 

(a) Determine ft. 

(b) Find an approximate value for A f - V s assuming 

that the loop gain remains large (a safe assumption, since the 
loop in fact does not change). ^ ^ 

[Mote: If you continue with the feedback analysis, you’ll 
find that Afi in fact changes somewhat; this is a result of the 
different approximations made in the feedback analysis 
approach.] 


D *10,45 Figure I’ 10.45 shows a feedback triple utilizing 
MOSFETs. All three MOSFETs are biased and sized to 
operate at g m = 4 mA/V. You may neglect their r n ’s 
(except for the calculation of R oun as indicated below). 

(a) Considering the feedback amplifier as a transconduc- 
tance amplifier with output current /,,, find the value of R F 
that results in a closed-loop transconductance of approxi¬ 
mately 100 mA/V. 

(b) Sketch the A circuit and find the value of A = I / V . 

O t 

(Cl Find 1 + Afi and A, = F// r Compare to the value of 
Aj- you designed for. What is the percentage difference? 
What resistance can you change to make A f exactly 100 
mA/V, and in which direction (increase or decrease)? 

(d) Assuming that r o3 = 20 kQ, find the output resistance 
?? out i . Since the current sampled by the feedback network is 
exactly equal to the output current, you can use the feedback 
formula. 

(e ) If the voltage V 0 is taken as the output, in which case 
the amplifier becomes series—shunt feedback, what is the 
value of the closed-loop voltage gain V 0 / V s ? Assume that 
R f has the original value you selected in (a). Note that in 
this case R S1 should be considered part of the amplifier 
and not the feedback network. The feedback analysis will 
reveal that Aft changes somewhat, which may be puzzling 
given that the feedback loop did not change. The change is 
due to the different approximation used. 

(f) What is the closed-loop output resistance R out2 of the 
voltage amplifier in (e) above? 
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Figure P10.45 
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10.46 Consider the circuit in Fig. I 1 10.46 as a transconduc¬ 
tance amplifier with input V s and output I 0 . The transistor 
is specified in terms ot its g m and r 0 . 




Figure P10.46 


(a) Sketch the small-signal equivalent circuit and convince 
yourself that the feedback circuit is composed of resistor 

Rp. 

(b) Find the A circuit and the (3 circuit. 

(c) Derive expressions for A, (3, ( l +Afi ), A f , R a , and 

R of 

D 10.4 i he transconductance amplifier in Fig. P10.47 
utilizes a differential amplifier with gain ji and a very high 
input resistance. The differential amplifier drives a transistor 
Q characterized by its g m and r 0 . A resistor R F senses the 
output current I Q . 


A 


I 





Figure P10.47 



it 


a) For Af3> 1 , find an approximate expression for the 
closed-loop transconductance A f = IJV . Hence, select a 
value for R F that results in A f — 10 mA/V. 

(b) Find the ,4 circuit and derive an expression for A. Evalu¬ 
ate A for the case jj - 1000 V/V. g m ~ 2 mA/V, 
r 0 = 20 kQ , and the value of R F you selected in (a). 


(c) Give an expression for Af} and evaluate 
that of 1 + A f3. 


its value and 


(d) Find the closed-loop gain A f and compare to the val u 

you anticipated in (a) above. e 

(e) Find expressions and values for R and R 

of’ 


*10.48 It is required to show that the output resistance ■ 
the BJT circuit in Fig. PI0.48 is given by 


R o= r o + II ( r jr + R b)] 



1 + . 

o m o 



To derive this expression, set V= 0 , replace the BIT with 
its small-signal, hybrid-#mode!, apply a test voltage V t 0 
the collector, and find the current I x drawn from V and 

hence R 0 as V x /I x . Note that the bias arrangement is not 

shown. For the case of R h = 0, find the maximum possible 
value for R 0 . Note that this theoretical maximum is 
obtained when R t is so large that the signal current in the 
emitter is nearly zero. In this case, with V x applied and 
V s = 0, what is the current in the base, in the g m V' genera¬ 
tor, and in r Q , all in terms of I x ? Show these cunentsona 
sketch of the equivalent circuit with R e set to 



Figure PIO.48 


10.49 As we found out in Example 10.6. whenever the 
feedback network senses the emitter current ot the BJT, uie 
feedback output resistance formula cannot predict the output 
resistance looking into the collector. To understand this 
issue more clearly, consider the feedback transconductanee 
amplifier shown in Fig. P10.49(a). To determine the output 
resistance, we set V s - 0 and apply a test voltage V x to® e 
collector, as shown in Fig. PI 0.49(b). Now, let R he 
increased to the point where the feedback signal across R f 
equals the input to the positive terminal of the differentia 
amplifier, now zero. Thus the signal current through Rf 
will be zero. By replacing the BJT with its hybrid- K mode 
show that 


^out = r x + (hf e + 1 )r 0 — hfe r o 

where h u , is the transistor (3. I ius for large amounts^ 
feedback, R oal is limited to a maximum ot h f / 0 » n e P e rf 
dent of the amount of feedback. This should be ex P ece j 
since no current flows through the feedback networ / 
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Figure P10.49 


This phenomenon does not occur in the MOSFET version of 
this circuit. 

10.50 For the feedback transconductance amplifier of Fig. 
10.10(c) derive expressions for A, (3 , Aft, A f -, R a , and R 0 j. 
Evaluate A f and R , f for the case of g m , = g m2 = 5 mA/V, 
R 0 = 10 kQ, r o2 = 20 kQ, R F = 100 Q, and R L = 1 
kQ, For simplicity, neglect r oX and take r ol into account 
only when calculating output resistances. 

D 10.51 For the feedback transconductance amplifier in 
Fig. PI0.51, derive an approximate expression for the 
closed-loop transconductance A f =1 0 /V S for the case of 
A(3 > 1, Hence select a value for R : to obtain A f = inn 
mA/V. If Q is biased to obtain g m - 1 mA/V, specify the 
value of the gain fl of the di fferential amplifier to obtain an 
amount of feedback of 60 dB. If Q has r Q - 50 kQ, find 
the output resistance R out , j 



SIM 


10.52 All the MOS transistors in the feedback 
transconductance amplifier (series—series) of Fig. PI0.52 
are sized to operate at | f' C) , | - 0.2 V. For all transistors, 
V , = 0.4 V and V A = 20 V. 


(a) If V s has a zero dc component, find the dc voltage at the 
output, at the drain of Q ,, and at the drain of Q 2 ■ 

(b) ! : ind an approximate expression and value for 
A j = / / V s for the case A (3 > 1 . 

(c) Use feedback analysis to obtain a more precise value for 

Af. 

(d) Find the value of R oat . 

(e) If the voltage at the source of is taken as the output, 
find the voltage gain using the value of l 0 / V s obtained in 

(c). Also find the output resistance of this series—shunt volt¬ 
age amplifier. 


Section 10.6: The Feedback Transresistance 
Amplifier (Shunt-Shunt) 

10.53 For the transresistance amplifier analyzed in Exam¬ 
ple 10.7. use the formulas derived there to evaluate A f , 
R . and R 0lll when // is one-tenth the value used in the 

example. That is, evaluate for jj = 10 VA/, R id - 00 . 
r 0 = 100 Q. R/ = 10 kQ , and R x = R L = 1 kQ . Com¬ 
pare to the corresponding values obtained in Example 

10.7. 

10.54 Use the formulas derived in Example 10.7 to soke 
the problem in Exercise 10.15. 

10.55 The CE BJT amplifier in Fig. P10.55 employs 
shunt-shunt feedback: Feedback resistor R F senses the out¬ 
put voltage V„ and provides a feedback current to the base 

node. 
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Figure P10.52 


+ 12 V 



f a) If V s has a zero dc component, find the dc collector cur¬ 
rent of the BJT. Assume the transistor P - 100. 

(b) Find the small-signal equivalent circuit of the amplifier 
with the signal source represented by its Norton equivalent 
(as we usually do when the feedback connection at the input 
is shunt). 

(c) Find the + circuit and determine the value of A R and 

<d) Find p and hence Af3 and 1 + Afi. 

(e) Find A f , R if , and R of and hence R w and R om . 

10 What voltage gain V Q /V S is realized? Flow does this 
value compare to the ideal value obtained if the loop gain is 
very large and thus the signal voltage at the base becomes 
almost zero (like what happens in an inverting op-amp cir¬ 
cuit). Note that this single-transistor poor-man’s op amp is 
not that bad! 


D 10.56 I he circuit in Fig. PI 0.56 utilizes a voltage ampli¬ 
fier with gain fd in a shunt—shunt feedback topology with 
the feedback network composed of resistor R F . In order to 
be able to use the feedback equations, you should first con¬ 
vert the signal source to its Norton representation. You will 
then see that all the formulas derived in Example 10.7 apply 
here as well. 


Rf 



Figure P10.56 


(a) If the loop gain is very large, what approximate closed 

loop voltage gain V Q / V s is realized? If R s = l 
the value of R F that will result in V 0 /V a “”1® VN. 

(b) If the amplifier fd has a dc gain of 10 V/V, an inpul 

resistance R td = 100 kQ, and an output resistance 
r 0 = 1 kQ , find the actual V Q / V s realized. Also find m 

and R ou{ (indicated on the circuit diagram). You may use 

formulas derived in Example 10.7. 

(c) If the amplifier fd has an upper 3-dB frequency of 
and a uniform -20 -dB/decade gain rolloff, what is t e 


frequency of the gain 
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10.57 The feedback transresistance amplifier in Fig. PI0.57 
utilizes two identical MOSFETs biased by ideal current 
sources / = 0.5 mA. The MOSFETs are sized to operate at 
y Q[ = 0.2 V and have V, - 0.5 V and V A = 10 V. The 
feedback resistance R F = 10 kQ. 

(a) If A h as a zer0 dc component, find the dc voltage at the 
input, at the drain of Q\ , and at the output. 

(b) Find g m and r 0 of Q, and Q 2 . 

(c) Provide the A circuit and derive an expression for + in 

terms of g m] , ** ol , g m2 ' r ui - and Rf • 

(d> What is pi Give an expression for the loop gain Ap 

and the amount of feedback (1 + A p). 

(e) Derive an expression for A f . 

(f) Derive expressions for /?,, R in , R 0 , and R mV 

(g) Evaluate A, p , Ap , Ay, R t , R 0 , R m , and /? out for the 
component values given. 



Figure P10.57 


10.58 Analyze the circuit in Fig. El0.15 from first princi¬ 
ples (i.e., do not use the feedback approach) and hence show 
that 






Comparing this expression to the one given in Exercise 
10.15, part <b), you will note that the only difference is that 
has been replaced by ( g m — 1 /R,). Note that -\/Rf 
represents the forward transmission in the feedback net¬ 
work, which the feedback-analysis method neglects. What is 
the condition then for the feedback-analysis method to be 
reasonably accurate for this circuit? 


10.59 For the shunt—shunt feedback amplifier of Fig. 
10.11(c), derive expressions for + , p, Ap , Ay, R , R if , 
R * and Rof in terms of g mU g m2> R 0b R D2 , and R F . 
Neglect r 0 , and r o2 . Present your expressions in a format 
that makes them easy to interpret (e.g., like those derived in 
Example ' 0.7 or those asked for in Exercise 10.15). 

10.60 For the feedback transresistance amplifier in Fig. 
10.11(d) let V cc = -V EE = 5 V, R c = R E = R F = 
10 ki2 . The transistors have V BE = 0.7 V and p - 100. 

(a) If I s has a zero dc component, show that Q { and Q-> are 
operating at dc collector currents of approximately 0.3? mA 
and 0.58 mA, respectively. What is the dc voltage at the out¬ 
put? 

(b) i ind the A circuit and the value of A, R s , and R,. 

(c) Find the value of /?, the loop gain, and the amount of 
feedback. 

(d) Find Ar = V 0 /I s , the input resistance R lf . and the out¬ 
put resistance R of . 

D ““lO-Gl (a) Show that for the circuit in Fig. P10.61(a), 
if the loop gain is large, the voltage gain V 0 /V s is given 
approximately by 

K ^ Rf 

K K 

(b) Using three cascaded stages of the type shown in 
Fig. PI0.61(b) to implement the amplifier jj. design a feedback 
amplifier with a voltage gain of approximately -10O V/V. The 
amplifier is to operate between a source resistance R ~ 10 kQ 
and a load resistance R, - l kQ. Calculate the actual value of 
V/V realized, the input resistance (excluding Rj, and the 
output resistance (excluding R L \ Assume that the BJ fs have 
ft of 100. [Note: In practice, the three amplifier stages are not 
made identical, for stability reasons.] 

D 10.62 Negative feedback is to be used to modify the 
characteristics of a particular amplifier for various purposes. 
Identify the feedback topology to be used if: 

(a) Input resistance is to be lowered and output resistance 
raised. 

(b) Both input and output resistances are to be raised. 

(c) Both input and output resistances are to be lowered. 

Section 10.7: The Feedback Current Amplifier 
(Shunt-Series) 

10.63 For the feedback cunent amplifier in Fig. 10.8(b): 

(a) Provide the A circuit and derive expressions for /?, and 
A. Neglect r 0 of both transistors. 

(b) Provide the P circuit and an expression tor p. 

(c) Find an expression for Ap. 
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V. 



O-i 


Voltage amplifier 


R, 


(a) 


+ 15 V 

1 A 




(a) If 1\ has zero dc component, show that both Q } and 0, 
are operating at I D - 0.2 mA. What is the dc voltage at the 
input? 

(b) Find g m and r 0 for each of Q ] and Q : . 

(c) Find the A circuit and the value of R, , A, and R 0 . 

(d) Find the value of 

(e) Find A(5 and Af. 

(f) Find R m and /? out _ 


(b) 

Figure P10.61 

(d) For g ml = g m2 = 5 mA/V, R D = 20 k£l R M = 10 kQ, and R F 
= 90 kQ, find the values of A, /?, A ft , A f , R t , and R f 

(e) If r o2 = 20 kQ and R L = 1 kQ, find the output resis¬ 
tance as seen by R t . 

D 10.64 Design the feedback current amplifier of Fig. 
i 0.31(a) to meet the following specifications: 

(i) Af — I n /I s — —100 A/A 

(ii) amount of feedback — 40 dB 

(iii) R in — 1 kQ 

Specify the values of /?,, R 2 and fl. Assume that the ampli¬ 
fier (JL has infinite input resistance and that R s — OO . First 
obtain an approximate value of {J utilizing the approximate 
formulas derived in Example 10.8. Then with the knowl¬ 
edge that for the MOSFET, g m = 5 mA/V and 

r o - 20 kQ, modify the value of // to meet the design 
specifications. What R oul is obtained? 

10.65 The feedback current amplifier in Fig, P10.65 uti¬ 
lizes two identical NMOS transistors sized so that at 

1 D = 0.2 mA they operate at V ov - 0.2 V. Both devices 
have V t - 0.5 V and V A - 10 V. 


*10.66 The feedback current amplifier in Fig. P10.66(a) 
can be thought of as a “super” CG transistor. Note that rather 
than connecting the gate of Q : to signal ground, an ampli¬ 
fier is placed between source and gate, 

(a) If is very large, what is the signal voltage at the input 
terminal? What is the input resistance? What is the current 
gain I a /l s ? 

(b) For finite /J but assuming that the input resistance ot the 
amplifier fl is very large, find the A circuit and derive 
expressions forv4, R t , and R n 

(c) What is the value of /?? 

(d) Find A(5 and A f . If (1 is large, what is the value of Af) 

(e) Find R m and R oul assuming the loop gain is large. 

(0 The "super" C (» transistor can be utilized in the cascode 
configuration shown in Fig. PI0.66(b), where V G is a dc bias 
voltage. Replacing Q ( by its small-signal model, use the 
analogy of the resulting circuit to that in Fig. P10.66(a) to 
find 1 0 and R ow . 

*10.67 Figure PI 0.67 shows an interesting and very useful 
application of feedback to improve the performance of e 
current mirror formed by Q\ and Q>. Rather than connect 
ing the drain of Q { to the gate, as is the case in simple cur 
rent mirrors, an amplifier of gain +/J is connected between 
the drain and the gate. Note that the feedback loop does no 
include transistor Q-, . The feedback loop ensures that t e 
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Figure P10.66 




value of the gate-to-source voltage of is such that I oX 
equals This regulated V gs is also applied to Q 2 . Thus, 

if W!L of (>2 > s «times WIL of Q x . l o2 = nl o\ = nI r This 
current tracking, however, is not regulated by the feedback 

loop. 



(a) Show that the feedback is negative. 

(b) If is very large and the input resistance ot the ampli¬ 
fier // is infinite, what dc voltage appears at the drain ot 
£9| ? If Q x is to operate at an overdrive voltage ot 0.2 V, 

what is the minimum value that I bias must have? 

(c) Replacing Q x by its small-signal model, find an expres¬ 
sion for the small-signal input resistance R\ n assuming 
finite gain but infinite input resistance for the amplifier jJ. 
Note that here it is much easier to do the analysis directly 
than to use the feedback-analysis approach. 

(d) What is the output resistance R 0lit ? 


and the complementary source follower ((9 V , Q P ). (Note 
that this feedback circuit is one we have encountered a num¬ 
ber of times in this chapter, albeit with only one source fol¬ 
lower transistor.) In the following, assume that the 
differential amplifier has a very large gain ji and infinite 
differential input resistance. Also, let the two current mirrors 
have unity current-transfer ratios. 



*10.68 The circuit in Fig. PI 0.68 is an implementation of a 
particular circuit building block known as second- 
generation current eonvover (CCII). It has three terminals 
besides ground: x, v, and z. The heart oi the circuit is the 
feedback amplifier consisting of the differential amplifier /J 


(a) If a resistance R is connected between y and ground, a 
voltage signal V x is connected between * and ground, and r 
is short-circuited to ground. Find the current I. through the 
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tjy 

00 

O 

Cl 

CC 


short circuit. Show how this current is developed and its 
path for V x positive and for V x negative. 

(h) If x is connected to ground, a current source I y is con¬ 
nected to input terminal y, and z is connected to ground, 
w hat voltage appears at v and what is the input resistance 
seen by /,. ? What is the current l. that flows through ihe 
output short circuit? Also, explain the current flow through 
the circuit for / t positive and for /,, negative, 

(c) What is the output resistance at z? 

I1EI 10.69 For the amplifier circuit in Fig. PI0.69, 
assuming that I has a zero dc component, find the de volt¬ 
ages at all nodes and the dc emitter currents of Q, and Q y 
Let the BJ'Ts have /? = 100. Use feedback analysis to find 
VJV. and R Let V„ = 0.7V. 

os in ah 

+ 15 V 


A A 



I (?, 


R , = 10 kfl R, = 10 kit 

—AAA^—o—• AAA t -4 



Figure P10.69 

10.70 The feedback amplifier of Fig. PI0.70 consists of a 
common-gate amplifier formed by Q t and R v , and a feed¬ 
back circuit formed by the capacitive divider (C,, C,) and 
the common-source transistor Q f . Note that the bias circuit 
for Q f is not shown. It is required to derive expressions for 

~ and R im . Assume that C, and C 2 are suffi¬ 

ciently small that their loading effect on the basic amplifier 
can be neglected. Also neglect r 0 . Find the values of A , R t , 
and R iyu , for the case in which g mi = 5 mA/V, R D = 10 kfl, C. = 
0.9 pF, C 2 = 0.1 pF, and g mf ~ ) mA/V. 

* 1°- 71 Figure PI0.71 shows a feedback amplifier utilizing 
the shunt-series topology. All transistors have /?= 100 
and V BE = 0.7 V. Neglect r a except in (f). 

(aj Perform a dc analysis to find the dc emitter currents in Q 
and Q 2 and hence determine their small-signal parameters. 





(b) Replacing the BJTs with their hybrid-;r models, give the 
equivalent circuit of the feedback amplifier. 

(c) Give the A circuit and determine A , R t , and R 0 . Note 
that R a is the resistance determined by breaking the emitter 
loop of Q 2 and measuring the resistance between the termi¬ 
nals thus created. 

(d) Find the /? circuit and determine the value of /?. 

(e) Find Af3 , 1 + Aft, A ,, R tf , and R ilf . Note that R :l j rep¬ 
resents the resistance that in effect appears in the emitter of 
Q 2 as a result of the feedback. 

(0 Determine / out // m , R m , and /? out . To determine R m , 
use V a2 - 75 V and recall that the maximum possible 
output resistance looking into the collector of a BJT is 
approximately /?r 0 , where /? is the BJT’s P (see Problem 
10.49). 

Section 10.9: Determining the Loop Gain 

10.72 Derive an expression for the loop gain Aft 
feedback amplifier in Fig. 10.22(a) (Example 10.5). Set 
V s - 0, break the loop at the gate of Q 2 . apply a tesl 
voltage V t to the gate of Q 2 , and determine the voltage 
V r that appears at the output of amplifier Ay Put your 
expression in the form in Eq. (10.36) and indicate the 
difference. 

10.73 It is required to determine the loop gain of the 
amplifier circuit shown in Fig. PI 0.41. The most convenient 
place to break the loop is at the base of Q v Thus, connect a 
resistance equal to r x2 between the collector of Q\ *** 
ground, apply a test voltage V t to the base of Qy an( l 
mine the returned voltage at the collector of Q x (with F sel 
to zero, of course). Show that 
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+ 12 V 


R B] = 100 kfl 


R n - 10 kit 


Rri = 8 kfl 


V. 



r, = io kn 

AAAr — 


00 


R„2 = 15 kfl 



870 11 


1 

X 


V. 


R t2 = 

3.4 kit 


R 




R, = 10 kfl 


Figure P10.71 


\ \ 
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| 

Qi 



!X 


R, = 1 kit 


A(3 = 


~ 1 ~ 1 1 


Rc2 + ( h feJ + + **■+(*£ II ^l)) 


Section 10.10; The Stability Problem 


^(«n l|r„> 

K E + , e I M 

10.74 Show that the loop gain of the amplifier circuit in 
Fig. PI0.52 is 


Ap §ml,2^o2 



Rf li r oS 

(Rf II r o5 ) + \/g m $ 


where g ml2 is the g m of each ol Q { and Q r 

10,75 Derive an expression for the loop gain of the feed¬ 
back circuit shown in Fig. PI0.26. Assume that the op amp 
is modeled by an input resistance R i(h an open-circuit voltage 
gain //, and an output resistance r 0 . 

*10.76 Find the loop gain of the feedback amplifier shown 
in Fig. P10.37 by breaking the loop at the gate of Q 2 (and, of 
course, setting v s = 0). Use the values given in the statement 
of Problem 10.37. Determine the value of R inil , 


10.80 An op amp designed to have a low-frequency gain 
of 10’ and a high-frequency response dominated by a single 
pole at 100 rad/s, acquires, through a manufacturing error, a 
pair of additional poles at 10,000 rad/s. At what frequency 
does the total phase shift reach 180°? At this frequency, for 
what value of p, assumed to be frequency independent, does 
the loop gain reach a value ot unity? What is the corre¬ 
sponding value of closed-loop gain at low frequencies? 

*10.81 For the situation described in Problem 10.80, sketch 
Nyquist plots for p~ 1.0 and 10 \ (Plot tor Q)~ 0 rad/s, 
100 rad/s, 10 3 rad/s, 10 4 rad/s, and « rad/s.) 

10.82 An op amp having a low-frequency gain of 10 3 and a 
single-pole rolloff at 10 4 rad/s is connected in a negative- 
feedback loop via a feedback network having a transmission 
k and a two-pole rolloff at 10 4 rad/s. Find the value of k 
above which the closed-loop amplifier becomes unstable. 

10.83 Consider a feedback amplifier for which the open- 
loop gain /f(s) is given by 


10.77 Derive an expression for the loop gain of the feed¬ 
back amplifier shown in Fig. 10.27(a) (Example 10.7). Eval¬ 
uate Ap for the component values given in Example 10.7 
and compare to the value determined there. 

10.78 Derive an expression for the loop gain ot the feed¬ 
back amplifier in Fig. 10.31(a) (Example 10.8). Evaluate 
AP for the component values given in Example 10.8 and 
compare to the result found there. 

10.79 For the feedback amplifier in Fig. PI0.70, set / = 0 
and derive an expression for the loop gain by breaking the 
loop at the gate terminal of transistor Q f - Refer to Problem 
10.70 for more details. 


1000 

A (s) — ~ 7*2 

(1 +5/10 )(1 + i/10 ) 

If the feedback factor //is independent of frequency, find the 
frequency at which the phase shift is 180°, and find the criti¬ 
cal value of p at which oscillation will commence. 

Section 10.11: Effect of Feedback on the 
Amplifier Poles 

10.84 A dc amplifier having a single pole response with 
pole frequency 10 Hz and unity-gain frequency of 1M11/ is 
operated in a loop whose frequency-independent feedback 
factor is 0.01. Find the low-frequency gain, the 3-dB 
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frequency, and the unity-gain frequency ot the closed-loop 
amplifier. By what factor does the pole shift? 

'10.85 An amplifier having a low-frequency gain of 10’ 
and poles at 10 J Hz and 10' Hz is operated in a closed nega¬ 
tive-feedback loop with a frequency-independent /?. 

(a) For what value of p do the closed-loop poles become 
coincident? At what frequency? 

(b) What is the low-frequency gain corresponding to the sit¬ 
uation in (a)? What is the value of the closed-loop gain at 
the frequency of the coincident poles? 

(c) What is the value of 0 corresponding to the situation in 
(a)? 

(d) If /?is increased by a factor of 10, what are the new pole 
locations? What is the corresponding pole 

D 10.86 A dc amplifier has an open-loop gain of 1000 and 
two poles, a dominant one at 1 kHz and a high-frequency 
one whose location can be controlled. It is required to con¬ 
nect this amplifier in a negative-feedback loop that provides 
a dc closed-loop gain of 10 and a maximally flat response. 
Find the required value of f3 and the frequency at which the 
second pole should be placed, 

10.87 Reconsider Example 10.9 with the circuit in Fig. 
10-40 modified to incorporate a so-called tapered network, 
in which the components immediately adjacent to the ampli¬ 
fier input are raised in impedance to C/10 and 10 R. Find 
expressions for the resulting pole frequency to u and Q factor. 
For what value of K do the poles coincide? For what value 
of K does the response become maximally flat? For what 
value of K does the circuit oscillate? 

10.88 Three identical inverting amplifier stages each char¬ 
acterized by a low-frequency gain K and a single-pole 
response with / 1dB = 100 kHz are connected in a feedback 
loop w f ith p = 1. What is the minimum value of K at which 
the circuit oscillates? What would the frequency of oscilla¬ 
tion be? 

Section 10.12: Stability Study Using Bode 
Plots 

10.89 Reconsider Exercise 10.24 for the case of the op 
amp wired as a unity-gain buffer. At what frequency is 
\Afi\ - 1? \\ iat is the corresponding phase margin? 

10.90 Reconsider Exercise 10.24 for the case of a manu¬ 
facturing error introducing a second pole at 10 J Hz. What is 
now the frequency for which \Ap\ = 1? What is the corre¬ 
sponding phase margin? For what values of p is the phase 
margin 45° or more? 

10.91 For what phase margin does the gain peaking have a 

value of 5%? Of 10%? Of 0.1 dB? Of 1 dB? [Hint: Use the 
result in Eq. 10.105,] 


10.92 An amplifier has a dc gain of la’ and pole, ,,... 

Hz. 3.16 x 10' Hz, and IO Hz. Find the value of « 
corresponding closed-loop gain, for which a rl, ^ 

of 45° is obtained. 

10.93 A two-pole amplifier for which A (] = lo 3 and havi 
poles at 1 MHz and 10 MHz is to be connected as a differ^ 
tiator. On the basis of the rate-of-closure rule, what is 2 
smallest differentiator time constant for which operation ’ 

stable? What are the corresponding gain and phase marld 

1 

10. 94 For the amplifier described by Fig. 10.43 and with 
frequency-independent feedback, what is the minimum 
closed-loop voltage gain that can be obtained for phase mar 
gins of 90° and 45°? 


Section 10.13: Frequency Compensation 

D 10.95 A multipole amplifier having a first pole at 3 
MHz and a dc open-loop gain of 60 dB is to be compensated 
for closed-loop gains as low as unity by the introduction of a 
new dominant pole. At what frequency must the new pole be 
placed? 


D 10.96 For the amplifier described in Problem 10.95, 
rather than introducing a new dominant pole we can use 
additional capacitance at the circuit node at which the pole 
is formed to reduce the frequency of the first pole. If the fre¬ 
quency of the second pole is 15 MHz and if it remains 
unchanged while additional capacitance is introduced as 
mentioned, find the frequency to which the first pole must 
be lowered so that the resulting amplifier is stable for 
closed-loop gains as low as unity. By what factor is the 
capacitance at the controlling node increased? 


10.97 Contemplate the effects of pole splitting by consid¬ 
ering Eqs. (10.112), (10.116), and (10.117) under the condi¬ 
tions that R^R 2 = R, C 2 = CJ 10 = C, C, S> C, andg„ = 100/ 
R, by calculating o> pv 0)^, and co' px , 0)p 2 . 


D 10.98 An op amp with open-loop voltage gain ot 10* 
and poles at 10 5 Hz, 10 7 Hz, and 10 8 Hz is to be compen¬ 
sated by the addition of a fourth dominant pole to operate 
stably with unity feedback (P = 1). What is the frequency of 
the required dominant pole? The compensation network i> 
to consist of an RC low-pass network placed in the negative- 
feedback path of the op amp. The dc bias conditions ate 
such that a 1-M£2 resistor can be tolerated in series with 


each ot the negative and positive input terminals. What 
capacitor is required between the negative input and groun 
to implement the required fourth pole? 


D 10.99 An op amp with an open-loop voltage gain o 
80 dB and poles at 10 5 Hz, 10 f> Hz, and 2 x 10 6 Hz in t0 ^ 
compensated to be stable for unity p. Assume that the op 
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amp incorporates an amplifier equivalent to that in Fig. 
10.46, with Cj = 150 pF, C 2 = 5 pF t and g m = 40 mA/V, and 
that f n is caused by the input circuit and f n by the output 
circuit of this amplifier. Find the required value of the com¬ 
pensating Miller capacitance and the new frequency of the 
output pole. 

pTTi *‘10.100 The op amp in the circuit of Fig. PI0.100 
has an open-loop gain of 10 s and a single-pole rolloff with 

^B= 10rad/S - 

(a) Sketch a Bode plot for the loop gain, 
lb) Find the frequency at which \Ap\ = 1, and find the cor¬ 
responding phase margin. 

(c) Find the closed-loop transfer function, including its zero 
and poles. Sketch a pole-zero plot. Sketch the magnitude of 
the transfer function versus frequency, and label the impor¬ 
tant parameters on your sketch. 



Figure P10.100 
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IN THIS CHAPTER YOU WILL LEARN 

1. The classification of amplifier output stages on the basis of the fraction 
of the cycle of an input sine wave during which the transistor conducts. 

2. Analysis and design of a variety of output-stage types ranging from the 
simple but power-inefficient emitter follower (class A) to the popular 
push-pull class AB circuit in both bipolar and CMOS technologies. 

3. Thermal considerations in the design and fabrication of high-output- 
power circuits. 

4 Useful and interesting circuit techniques employed in the design of power 
amplifiers. 

5. Special types of MOS transistors optimized for high-power applications. 



Introduction 

An important function of the output stage is to provide the amplifier with a low output resis¬ 
tance so that it can deliver the output signal to the load without loss of gain. Since the output 
stage is the final stage of the amplifier, it usually deals with relatively large signals. Thus the 
small-signal approximations and models either are not applicable or must be used with care. 
Nevertheless, linearity remains a very important requirement. In fact, a measure ot goodness 
of the output stage is the total harmonic distortion (THD it int roduces. This is the rms 
value of the harmonic components of the output signal, excluding the fundamental, expressed 
as a percentage of the rms of the fundamental. A high-fidelity audio power amplifier features a 
THD of the order of a fraction of a percent. 

The most challenging requirement in the design ot an output stage is tor it to deliver the 
required amount of power to the load in an efficient manner. This implies that the power dis¬ 
sipated in the output-stage transistors must be as low as possible. This requirement stems 
mainly from the fact that the power dissipated in a transistor raises its internal junction tem¬ 
perature, and there is a maximum temperature (in the range ot 150 C to 200 C tor silicon 
devices) above which the transistor is destroyed. A Uigh power-conversion efficiency also 
may be required to prolong the life of batteries employed in battery-powered circuits, to permit 
a smaller, lower-cost power supply, or to obviate the need for cooling fans. 

We begin this chapter with a study of the various output-stage configurations employed 
in amplifiers that handle both low and high power. In this context, high power generally 
means greater than I W. We then consider the specific requirements of BJTs employed tn 
the design of high-power output stages, called power transistors. Special attention will be 

paid to the thermal properties of such transistors. 
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A power amplifier is simply an amplifier with a high-power output stage. Examples 
of discrete- and integrated-circuit power amplifiers will be presented. Since BJTs can hal 
die much larger currents than MOSFETs, they are preferred in the design of output stages 
Nevertheless, some interesting CMOS output stages are also studied. 






11.1 Classification of Output Stages 


Output stages are classified according to the collector current waveform that results when an 
input signal is applied. Figure 11.1 illustrates the classification for the case of a sinusoidal 
input signal. The class A stage, whose associated waveform is shown in Fig. 1 l.]( a ), b 
biased at a current /, greater than the amplitude of the signal current, t c . Thus the transistor in 
a class A stage conducts for the entire cycle of the input signal; that is, the conduction angle 
is 360°. In contrast, the class B stage, whose associated waveform is shown in Fig. 11.1(b), 
is biased at zero dc current. Thus a transistor in a class B stage conducts for only half the 
cycle of the input sine wave, resulting in a conduction angle of 180 . As will be seen later. 





Figure 11.1 Collector current waveforms for transistors operating in (a) class A, (b) class B, (c) class AB, 
and (d) class C amplifier stages. 
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the negative halves ot the sinusoid will be supplied by another transistor that also operates in 
the class B mode and conducts during the alternate half-cycles. 

An intermediate class between A and B, appropriately named class AB, involves biasing 
the transistor at a nonzero dc current much smaller than the peak current of the sine-wave 
signal. As a result, the transistor conducts tor an interval slightly greater than half a cycle, as 
illustrated in Fig. 11.1(c). The resulting conduction angle is greater than 180° but much less 
than 360 . The class AB stag*, has another tiansistor that conducts tor an interval slightly 
greater than that ol the negative half-cycle, and the currents from the two transistors are 
combined in the load. It follows that, during the intervals near the zero crossings of the input 
sinusoid, both transistors conduct. 

Figure I .1(d) shows the collector-current waveform for a transistor operated as a class C 
amplifier. Observe that the transistor conducts for an interval shorter than that of a half¬ 
cycle; that is, the conduction angle is less than 180°. The result is the periodically pulsating 
current waveform shown. 7o obtain a sinusoidal output voltage, this current is passed 
through a parallel LC circuit, tuned to the frequency of the input sinusoid. The tuned circuit 
acts as a bandpass filter (Chapter 16) and provides an output voltage proportional to the 
amplitude ot the fundamental component in the Fourier-series representation of the current 
a i|§ I I I H ' I 

Class A, AB, and B amplifiers are studied in this chapter. They are employed as output 
stages of op amps and audio power amplifiers. In the latter application, class AB is the pre¬ 
ferred choice, for reasons that will be explained in the sections to folow. Class C amplifiers 
are usually employed for radio-frequency (RF) power amplification (required, e.g., in mobile 
phones and radio and TV transmitters i. The design of class C amplifiers is a rather specialized 
topic and is not included in this book. However, we should point out that the tuned-resonator 
oscillator circuits described in Chapter 17 operate inherently in the class mode. 

Although the BJT has been used to illustrate the definition of the various output-stage 
classes, the same classification applies to output stages implemented with MOSFETs. Further¬ 
more. the classification above extends to amplifier stages other than those used at the output. 
In this regard, all the common-emitter, common-base, and common-collector amplifiers 
(and their FET counterparts) studied in earlier chapters fall into the class A category. 


11.2 Class A Output Stage 

Because of its low output resistance, the emitter follower is the most popular class A cutout 
stage. We have already studied the emitter follower in Chapter 6; in the following we con¬ 
sider its large-signal operation. 


11.2.1 Transfer Characteristic 

Figure 11.2 show's an emitter follower biased with a constant current / supplied by transistor 
Q 2 . Since the emitter current i FA = 1 + i r the bias current / must be greater than the largest negative 
load current; otherwise, Q x cuts off and class A operation will no longer be maintained. 

The transfer characteristic of the emitter follower of Fig. 11.2 is described by 


v Q - - v BEi 


( 11 . 1 ) 


where v Bt , depends on the emitter current i E] and thus on the load current i L . If we neglect the 
relatively small changes in v BEl (60 mV for every factor-of-10 change in emitter current), the 
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vI 




■O Vo 


R 




Figure 11.2 An emitter follower {£),) 
biased with a constant current / supplied by 
transistor 


linear transfer curve shown in Fig. 11.3 results. As indicated, the positive limit of the linear 
region is determined by the saturation of Q A ; thus 

O ^Omax = ^CC ^Cflsat (U-2) 

In the negative direction, depending on the values of / and R L , the limit of the linear region is 
determined either by Q, turning off, 

O ” 0m ,„ = -!Rl < 1U > 



Figure 11,3 Transfer characteristic of the emitter follower in Fig. 11.2. This linear charactem^ 
obtained by neglecting the change in v HFA with i t . The maximum positive output is determined by the satu j" J 

o Q r In the negative direction, the limit of the linear region is determined either by Q\ turning o ° r 
saturating, depending on the values ot / and R, 
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or by Q 2 saturating, 




^Omin 


V CC + ^C£2sat 


( 11.4) 


The absolutely lowest (most negative) output voltage is that given by Eq. (11.4) and is 
achieved pro\ ided thv bias current / is greater than the magnitude of the corresponding load 

current, 



^CC + ^C£2sai 

&L 


(11.5) 





D11.1 For the emitter follower in Fig. 11.2, V cc = 15 V, K c&aI = 0.2 V, V BF = 0.7 V and constant, and p is 
very high. Find the value of R that will establish a bias current sufficiently large to allow the largest 
possible output signal swing tor R L - 1 kfi. Determine the resulting output signal swing and the 
minimum and maximum emitter currents for Q r 
Ans. 0.97 k 12; -14.8 V to +14,8 V; 0 to 29.6 mA 

11.2 For the emitter follower of Exercise 11.1, in which I = 14.8 mA, consider the case in which v 0 is 
limited to the range -10 V to +10 V, Let Q , have v BE - 0.6 V at i c = 1 mA, and assume a= 1. Find 
v, corresponding to v Q = -10 V, 0 V, and +10 V. At each of these points, use small-signal analysis to 
determine the voltage gain v ( /v r Note that the incremental voltage gain gives the slope of the v ( - 

versus-v, characteristic. . tx- jf 

Ans, -9.36 V, 0.67 V, 10.68 V; 0.995 V/V, 0.998 VAA 0.999 VfV 


11.2.2 Signal Waveforms 

Consider the operation of the emitter-follower circuit of Fig. 11.2 for sine-wave input. 
Neglecting V CE ^ we see that if the bias current / is properly selected, the output voltage can 
swing from — V cc to +V CI with the quiescent value being zero, as shown in Fig. 11.4(a). Figure 
11.4(b) shows the corresponding waveform of v c£1 = V cc - v Q . Now, assuming that the bias 
current / is selected to allow a maximum negative load current of V cc /Rl . that is, 

f = Vcc^ Rl 

the collector current of Q i will have the waveform shown in Fig. 11.4(c). Finally, Fig. 
II 4(d) shows the waveform of the instantaneous power dissipation in £),, 



■ 

v CE\ l C\ 


( 11 . 6 ) 


11.2.3 Power Dissipation 

figure 11.4(d ) indicates that the maximum instantaneous power dissipation in Q x is V CC I. This 
is equal to the power dissipation in Q y with no input signal applied, that is, the quiescent 
power dissipation. Thus the emitter-follower transistor dissipates the largest amount of power 
when v Q = {). Since this condition (no input signal) can easily prevail for proloi iged periods of 
time, transistor Q t must be able to withstand a continuous power dissipation of V cc l. 
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Figure 11.4 Maximum signal waveforms in the class A output stage of Fig. 11.2 under the condition 
/ = V cc / R l or, equivalently, R L - V cc /I. Note that the transistor saturation voltages have been 
neglected. 


The power dissipation in Q, depends on the value of R r Consider the extreme case ( 
an output open circuit, that is, R, = «>. In this case, i C] = / is constant and the instantaneoi 
power dissipation in will depend on the instantaneous value ot v 0 . The maximu; 
power dissipation will occur when v Q - -V cc , for in this case v CEl is a maximum of 21, 
aR d p Di — 2V CC 1. This condition, however, would not normally persist for a prolongs 
interval, so the design need not be that conservative. Observe that with an open-circu 
load, the average power dissipation in Q t is V a /. A far more dangerous situation occurs 
i!k "ther • ■ time ot Rj —specifically, R, =0. In the event of an output short circuit, apo 
itive input voltage would theoretically result in an infinite load current. In practice, a vei 
large current may flow through and if the short-circuit condition persists, the resultir 
large power dissipation in Q , can raise its junction temperature beyond the specified m i 
imum, causing Q s to burn up. To guard against such a situation, output stages are usual 
equipped with short-circuit protection, as will be explained later. 

The power dissipation in Q 2 also must be taken into account in designing an emitte 

follower output stage. Since Q 2 conducts a constant current /, and the maximum va l Ul 

1 ’ce 2 2^cc* the maximum instantaneous power dissipation in Q , is 2V CC J. This maxima 

however, occurs when v 0 = V cc , a condition that would not normally prevail for a prolong 

period of time. A more significant quantity for design purposes is the average power dissip 
tion in Q t , which is V cc l. 
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Example 11.1 


1 -—- 

Consider the emitter follower in Fig. 11.2 with r cc = 10 V, / = 100 mA, and R L = 100 Q 

(a) Find the power dissipated in Q ] and Q 2 under quiescent conditions (v 0 - 0). 

(b) For a sinusoidal output voltage ot maximum possible amplitude (neglecting V CE ), find the av¬ 
erage power dissipation in Q { and Q 2 . Also find the load power. 

Solution 

(a) Under quiescent conditions v 0 = 0, and each of and Q 2 conducts a current I = 100 mA = 0.1 A 
and has a voltage V CE = V cc = 10 V, thus 

P D\ = P D2= P CC l = 10x01 = I W 

(b) For a sinusoidal output voltage of maximum possible amplitude (i.e., 10-V peak), the instantaneous 
power dissipation in Q ] will be as shown in Fig. 1 1.4 d). 1 ius the average power dissipation in Q x 
will be 

P D\ = \ v cc f = ^ x 10x 0.1 = 0.5W 

For Q 2 , the current is constant at / =0.1 A and the voltage at the collector will have an average value of 
0 V. Thus the average voltage across Q 2 will be Vcc and the average dissipation will be 




a\ erage 


lx V cc = 0.1 x 10 - 1W 


Finally, the power delivered to the load can be found from 



yt 


orms 



(10/72) 2 

100 


0.5 W 


11.2.4 Power-Conversion Efficiency 


The power-conversion efficiency of an output stage is defined as 

Load power (P^) 

1 Supply power (P s ) 


(11.7) 


For the emitter follower of Fig. 11.2, assuming that the output voltage is a sinusoid with the 
peak value V a , the average load power will be 



( 11 . 8 ) 


Since the current in Q \ is constant (/), the power drawn from the negative supply is \ cc /. 
The average current in Q t is equal to /, and thus the average power drawn from the positive 


This does not include the power drawn by the biasing resistor R and the diode-connected transistor Q y 
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supply is V CC L Thus the total average supply power is 

P s = 2 V cc l 

Equations (11.8) and (11.9) can be combined to yield 

A 2 

= 1 Vo 
4 IRi Vcc 

= 1 (Vo\ 

O 4\IR l J\V cc ) 

Since V„ < V cc and V 0 < IR L , maximum efficiency is obtained when 

K = V cc — (11.11) 

The maximum efficiency attainable is 25%. Because this is a rather low figure, the class 
A output stage is rarely used in high-power applications (>1 W). Note also that in prac¬ 
tice the output voltage swing is limited to lower values to avoid transistor saturation and asso¬ 
ciated nonlinear distortion. Thus the efficiency achieved in practice is usually in the 
10% to 20% range. 


(11.91 


( 11.10 



11.3 i'or the emitter follower of Fig. 11.2, let V cc = 10 V, / = 100 mA, and R, - 100 Q. If the output 
voltage is an 8-V-peak sinusoid, find the following: (a) the power delivered to the load; (bi the 
average power drawn from the supplies; (c) the power-conversion efficiency. Ignore the loss in 
and R. 

Ans. 0.32 W; 2 W; 16% 


11.3 Class B Output Stage 

Figure 11.5 shows a class li output stage. It consists of a complementary pair of transistors 
(an npn and a pnp) connected in such a way that both cannot conduct simultaneously. 


11.3.1 Circuit Operation 

ii 

When the input voltage v t is zero, both transistors are cut off and the output voltage vq$ 
zero. As v } goes positive and exceeds about 0.5 V, Q N conducts and operates as an emitter 
follower. In this case v 0 follows v, (i.e., v 0 = v, - v BFN ) and Q N supplies the load current. 

Meanwhile, the emitter—base junction of Q f , will be reverse-biased by the V BF of 
approximately 0.7 V. Thus Q r will be cut off. 
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“b Vcc 



vi o- 




Figure 11.5 A class B output stage. 


If the input goes negative by more than about 0.5 V, Q p turns on and acts as an emitter 
follower. Again v Q follows v, (i.e., v 0 - v, + v EBP ), but in this case Q p supplies the load current 
and Q n will be cut off. 

We conclude that the transistors in the class B stage of Fig. 11.5 are biased at zero cur¬ 
rent and conduct only when the input signal is present. The circuit operates in a push-pull 
fashion: Q N pushes (sources) current into the load when v, is positive, and Q p pulls (sinks) 
current from the load when v, is negative. 

11.3.2 Transfer Characteristic 

A sketch of the transfer characteristic of the class B stage is shown in Fig. I 1.6. Note that 
there exists a range of v t centered around zero where both transistors are cut off and v 0 is 
zero. r !Tiis dead band results in the crossover distortion illustrated in Fig. 11.7 for the case 
of an input sine wave. The effect of crossover distortion will be most pronounced when the 



b<9ure 11.6 Transfer characteristic for the class B output stage in Fig. 11-5 
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T 

t 



Figure 11.7 Illustrating how the dead band in the class B transfer characteristic results in crossover distortion 


amplitude of the input signal is small. Crossover distortion in audio power amplifiers gives 
rise to unpleasant sounds. 


11.3.3 Power-Conversion Efficiency 


To calculate the power-conversion efficiency, //, of the class B stage, we neglect the cross¬ 
over distortion and consider the case of an output sinusoid of peak amplitude V 0 . The aver¬ 
age load power will be 


* 



( 11 . 12 ) 


The current drawn from each supply will consist o' half-sine waves of peak amplitude (F 0 /^i)- 
Thus the average current drawn from each of the two power supplies will he V 0 / ItPi- ft f°Nows 
that the average power drawn from each of the two power supplies will be the same. 



and the total supply power will be 



A, 



Thus the efficiency will be given by 



A 







o 
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I, follows that the maximum efficiency is obtained when V„ is at its maximum This maxi¬ 
mum is limited by the saturation of Q, and 0, t0 K cc - V CCia = K rc . A, this value of peal 
output voltage, the power-conversion efficiency is 


Hmax “ 4 - 78.5% (11.16) 

This value is much larger than that obtained in the class A stage (25%). Finally, we note that 

the maximum average power available from a class B output stage is obtained by substitut¬ 
ing K = Vcc ill Eq. (11.12), HHH 1 V| rc ^ 




max 


1 Vcc 

2 R l 


(11.17) O 


11.3.4 Power Dissipation 

Unlike the class A stage, which dissipates maximum power under quiescent conditions (v Q = 0), 
the quiescent power dissipation of the class B stage is zero. When an input signal is applied, the 
average power dissipated in the class B stage is given by 



(11,18) 


Substituting for P s from Eq. (11.14) and for P t from Eq. (11.12) results in 



(11.19) 


From symmetry we see that half of P D is dissipated in Q s and the other half in Qp. Thus Q N and 
Q P must be capable of safely dissipating \P D watts. Since P D depends on V 0 , we must find the 
worst-case power dissipation, Differentiating Eq. (11.19) with respect to V 0 and equat¬ 
ing the derivative to zero gives the value of V u that results in maximum average power dissi¬ 
pation as 



D max 



Substituting this value in Eq. (11.19) gives 


Dmax 


2 Vic 

n'R,_ 


Thus, 


P, 


DSnm 


= P 


DP max 


lie 

if R 


( 11 . 20 ) 


( 11 . 21 ) 


< 11 . 22 ) 


At the point of maximum power dissipation, the efficiency can be evaluated by substituting 

for K from Eq. (11.20) into Eq. (11.15); hence, /? = 50%. 

Figure 11.8 shows a sketch of P : ( Eq. 11.19) versus the peak output voltage V 0 . Curves 
such as this are usually given on the data sheets ot IC pov amplifiers. [Usually, however, 
P 0 is plotted versus P L , as P = \(Pl/R L ), rather than V 0 .] An interesting observation fol¬ 
lows from Fig. 11.8: Increasing V„ beyond 2 V cc /x decreases the power dissipated in the 


o 

o 
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Figure 11.8 Power dissipation of the class B output stage versus amplitude of the output sinusoid, 

class B stage while increasing the load power. The price paid is an increase in nonlinear dis- 
tortion as a result of approaching the saturation region of operation of £? v and Q p . Transistor 
saturation flattens the peaks of the output sine waveform. Unfortunately, this type of distor¬ 
tion cannot be significantly reduced by the application of negative feedback (see Section 
10.2), and thus transistor saturation should be avoided in applications requiring low THD 













It is required to design a class B output stage to deliver an average power of 20 W to an 8-Q ioad. The 
power supply is to be selected such that V cc is about 5 V greater than the peak output voltage. This avoids 
transistor saturation and the associated nonlinear distortion, and allows for including short-circuit protec¬ 
tion circuitry. (The latter will be discussed in Section 11.8.) Determine the supply voltage required, the 
peak current drawn from each supply, the total supply power, and the power-conversion efficiency. Also 
determine the maximum power that each transistor must be able to dissipate safely. 

Solution 

Since 


then 



K = J2TJk 

= 41 x 20 x 8 = 17.9 V 


Therefore we select V cc - 23 V. 

The peak current drawn from each supply is 



2.24 A 
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S r™ b ?Ti y a “ wavefom of half-sinusoids, the average current drawn from each sup- 

ply Will he V Ji. I hus the average power drawn from each supply is 


1 


p s + = P S- = 2.24x23 = 16.4 W 


for a total supply power of 32.8 W. The power-conversion efficiency is 


n = 


20 

32.8 


x 100 = 61% 


The maximum power dissipated in each transistor is given by Eq. (11.22); thus. 


— P — 

DA'max r DP max ~~ 


v 2 

v CC 

jfR t 


- (23f _ 


Tf X 8 


= 6.7 W 


11.3.5 Reducing Crossover Distortion 

The crossover distortion of a class B output stage can be reduced substantially by employing 
a high-gain op amp and overall negative feedback, as shown in Fig. 1 i .9. The ±0.7-V dead 
band is reduced to ±0.7//i 0 volt, where is the dc gain of the op amp. Nevertheless, the 
slew-rate limitation of the op amp will cause the alternate turning on and off of the output 
transistors to be noticeable, especially at high frequencies. A more practical method for 
reducing and almost eliminating crossover distortion is found in the class AB stage, which 
will be studied in the next section. 



+ V CC 

i 



Q 




Q? 



-Vcc 


o- 


-O Vo 


R 


Figure 11.9 Class B circuit with an op amp connected in a negative-feedback loop to reduce crossover 
distortion. 





















































































924 Chapter 11 Output Stages and Power Amplifiers 


11.3.6 Single-Supply Operation 

The class B stage can be operated from a single power supply, in which case the load is 
capacitively coupled, as shown in Fig. 11.10. Note that to make the tormulas derived in 
Section 11.3.4 directly applicable, the single power supply is denoted 2V CC . 


C 



R 


Figure 11.10 Class B output stage operated with 
a single power supply. 



11.4 For the class B output stage of Fig. 11.5. let V cc = 6 V and R t -4 Q.. I f the output is a sinusoid with 
4.5-V peak amplitude, find (a t the output power; (b) the average power drawn from each supply; (c) 
the power efficiency obtained at this output voltage; (d) the peak currents supplied by v assuming 
that /?, - (5p~ 50; (e) the maximum power that each transistor must be capable of dissipating safely. 

Ans. (a) 2.53 W; (b) 2.15 W; (c) 59%; (d) 22.1 mA; (e) 0.91 W 


11.4 Class AB Output Stage 


Crossover distortion can be virtually eliminated by biasing the complementary output transistors 
at a small nonzero current. The result is the class AB output stage shown in Fig. 11.11. A bias 
voltage V BB is applied between the bases of Q x and Q P . For v, = 0, v a = 0, and a voltage V 8B / - 
appears across the base-emitter junction of each of Q N and Q p . Assuming matched devices, 






v BB n v T 


The value of V BB is selected to yield the required quiescent current I (} . 



11.4.1 Circuit Operation 

When Vj goes positive by a certain amount, the voltage at the base ot Q N increases by th 
same amount and the output becomes positive at an almost equal value. 




o 


V J + 



— V 


BEN 



1 


11.4 Class AB Output Stage 925 










Figure 11,11 Class AB output stage. A bias voltage l' BB is applied between the bases ot Q, and Q p giving 

i se to a bias current given by Eq. (11.23). I hus, for small v P both transistors conduct and crossover dis¬ 
tortion is almost completely eliminated. '.IsHlH| 


The positive v Q causes a current i L to flow through R L , and thus / v must increase; that is, 

fv = ip + 4 (11.25) 


The increase in i N will he accompanied by a corresponding increase in v BES (above the quies¬ 
cent value of V bb /2). However, since the voltage between the two bases remains constant at 
V BB , the increase in v BEN will result in an equal decrease in v EBP and hence in i p . The relation¬ 
ship between i N and i p can be derived as follows: _ 1™ 

v BEN v EBP = BS 

V T In y + V r \n'-f = 2 V T In 7- 

4 h h 

i N i P = Iq (11.26) O 


Thus, as ^ increases, i F decreases by the same ratio while the product remains constant. 
Equations (11.25) and (1 1.26) can be combined to yield i N for a given i, as the solution to the 
quadratic equation 



(11.27) O 


From the equations above, we can see that for positive output voltages, the load current is 
supplied by Q s , w'hich acts as the output emitter follower. Meanwhile, Q p will be conducting a 
current that decreases as v 0 increases; for large v 0 the current in Q P can be igi »rcd altogether. 

For negative input voltages the opposite occurs: The load current will be supplied by Q pi 
w'hich acts as the output emitter follower, while Q N conducts a current that gets smaller as v t 
becomes more negative. Equation (11.26), relating i N and i p , holds tor negative inputs as well. 

We conclude that the class AB stage operates in much the same manner as the class B 
circuit, with one important exception; For small v p both transistors conduct, and as v f is 
increased or decreased, one of the two transistors takes over the operation. Since the 
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transition is a smooth one, crossover distortion will be almost totally eliminated. Figure 
11.12 shows the transfer characteristic of the class AB stage. 

The power relationships in the class AB stage are almost identical to those derived for 
the class B circuit in Section 11.3. The only difference is that under quiescent conditions the 
class AB circuit dissipates a power of V CC I () per transistor. Since , is usually much smaller 
than the peak load current, the quiescent power dissipation is usually smal. Nevertheless, it 
can be taken into account easily. Specifically, we can simply add the quiescent dissipation 
per transistor to its maximum power dissipation with an input signal applied, to obtain the 
total power dissipation that the transistor must be able to handle safely. 


11.4.2 Output Resistance 

If we assume that the source supplying v { is ideal, then the output resistance of the class AB 
stage can be determined from the circuit in Fig. 11.13 as 




(11.28) 


where r eN and r eP are the small-signal emitter resistances of Q w and Q P , respectively. At a 
given input voltage, the currents i N and i p can be determined, and r eN and r eP are given by 

- _ Yl (11.29) 

r eN ~ . 

l N 


Thus, 












Since as i N im cases, i p decreases, and vice versa, the output resistance remains app r0 ^ 
mately constant in the region around v, = 0. This, in effect, is the reason for the virtuJ 
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* Figure 11.13 Determining the small-signal output resistance of 

the class AB circuit of Fig. 11.11. 

absence of crossover distortion. At larger load currents, either i s or i p will be significant, and 
R .decreases as the load current increases. 


Example 11.3 


In this example we explore the details of the transfer characteristic, v a versus v }i of the class AB circuit 
in Fig. 1 1.11. For this purpose let V cc = 15 V, I Q = 2 mA, and R L = 100 Q . Assume that Q N and Q P 
are matched and have I s = 10 A. First, determine the required value of the bias voltage V BB , Then, 
find the transfer characteristic for v Q in the range -10 V to +10 V. 

Solution 

To determine the required value of Vbb we use Eq. ( 11.23) with Ig = 2 mA and I s = 10 1 A. Thus, 

In (Iq/I s ) 

= 2x0.025 ln(2x 10 -3 / 1 0 -13 ) = 1.186 V 

The easiest way to determine the transfer characteristic is to work backward; that is, for a given v 0 we 
determine the corresponding value of v r We shall outline the process for positive i* a : 

1. Assume a value for v 0 . 

2. Determine the load current i L , 

h = v o^l 

3. Use Eq. ( 11 .27) to determine the current conducted by Q N , i N . 

4. Determine v BEK from 

1 *BEN ~ 

5. Determine v } from 

v } - v 0 + v BEN - V bb /2 
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Example 11.3 continued 

It is also useful to find ip and Vggp as follows. 

ip — ijf ~ i l 

V EBP ~ ^(ip/Ig) 

A similar process can be employed tor negative vq . However, symmetry can be utilized, obviating 
the need to repeat the calculations. The results obtained are displayed in the following table: 


v o 00 

/; (mA) 

i s (mA) 

i P (mA) 


V HBP 0^) 

U|(V) 

V 0 / Vj 

(W) 

U / V 

0 I 

+10.0 

100 

100.04 

0.04 

0.691 

0.495 

10.1 

0.99 

0.25 

1.00 

+5.0 

50 

50.08 

0.08 

0.673 

0.513 

5.08 

0.98 

0.50 

1.00 

+1.0 

10 

10.39 

0.39 

0.634 

0.552 

1.041 

0.96 

2.32 

0.98 

+0.5 

5 

5.70 

0.70 

0.619 

0.567 

0.526 

0.95 

4.03 

0.96 

+0.2 

2 

3.24 

1.24 

0.605 

0.581 

0.212 

0.94 

5.58 

0.95 

+0.1 

i 

2.56 

1.56 

0.599 

0.587 

0.106 

0.94 

6.07 

0.94 

0 

0 

2 

i 

0.593 

0.593 

0 


6.25 

0.94 

-0.1 

-] 

1.56 

2.56 

0.587 

0.599 

-0.106 

0.94 

6.07 

0.94 

-0.2 


1.24 

3.24 

0.581 

0.605 

-0.212 

0.94 

5.58 

0.95 

-0.5 

-5 

0.70 

5.70 

0.567 

0.619 

-0.526 

0.95 

4.03 

0.96 

-TO 

-10 

0.39 

10.39 

0.552 

0.634 

-1.041 

0.96 

2,32 

0.98 

-5.0 

-50 

0.08 

50.08 

0.513 

0.673 

-5.08 

0.98 

0.50 

1.00 

! -10.0 

-100 

0.04 

100.04 

0.495 

0.691 

-10.1 

0.99 

0.25 

1.00 


The table also provides values for the dc gain v 0 /v { as well as the incremental gain v a /v t at the various 
values of v Q . The incremental gain is computed as follows 

— — ^ L 

V i &L + R om 

where is the small-signal output resistance of the amplifier, given by Eq. (1 1.31). The incremental 
gain is the slope of the voltage transier characteristic, and the magnitude of its variation over the range ot 
v 0 is an indication of the linearity of the output stage. Observe that for 0 < |iy,| < 10 V, the incremental 
gain changes from 0.94 to 1 .00, about 6%. Also observe as v a becomes positive, Q N supplies more and 
more of i L and Q p is correspondingly reduced. The opposite happens for negative i' (? . 



11.5 


i’ 

To increase the linearity of the class AB output stage, the quiescent current /,, is increased. The price 
paid is an increase in quiescent power dissipation. For the output stage considered in Example 11-3 
(a) Find the quiescent power dissipation. 


(b) If I Q is increased to 10 mA, find vjv y at v f) 
change. Compare to the case in Example 11.3. 


0 and at 



10 V, and hence the percentage 


(c) Find the quiescent power dissipation for the case in (b). 

Ans. (a) 60 mW; (b) 0.988 to 1.00; for a change ofl.2% compared to the 6% change in Example 
! 1.3; (c) 300 mW 


— 
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11.5 Biasing the lass AB Circuit 


In this section we discuss two approaches for generating the voltage V 
the class AB output stage. 


required for biasing 


11.5.1 Biasing Using Diodes 

Figure 11.14 shows a class AB circuit in which the bias voltage V m is generated by passing a 
constant LurRiii / B(AS through a pair of diodes, or diode-connected transistors, D, and D v In cir¬ 
cuits that supply large amount-' ol |">uer, the output transistors are large-geometry devices 
The biasing diodes, however, need not be large devices, and thus the quiescent current I 
established in Q A and Q p will be !g = u/ BlAS , w here n is the ratio of the emitter-junction area of 
the output devices to the junction area of the biasing diodes. In other words, the saturation (or 
scale) current I s of the output transistors is n times that of the biasing diodes. Area ratioing is 
simple tt* implement in integrated circuits but difficult to realize in discrete-circuit designs. 



Figure 11.14 A class AB output stage utilizing 
diodes for biasing. If the junction area of the out¬ 
put devices, Q s and £),,, is n times that of the bias¬ 
ing devices D { and Z),, a quiescent current 
/ (1 = h/ II;vs flows in the output devices. 


When the output stage of Fig. 11.14 is sourcing current to the load, the base current of Q N 
increases from Ig /(which is usually small) to approximately /,/ p N . This base current 
drive must be supplied by the current source / BUV It follows that / B1AS must be greater than the 
maximum anticipated base drive for Q s . This sets a lower limit on the value of / BIAS . Now, 
since n = / / W/ (V , and since /., is usually much smaller than the peak load current (<I0%), we 
see that we cannot make n a large number. In other words, we cannot make the diodes much 
smaller than the output devices. This is a disadvantage of the diode biasing scheme. 

From the discussion above we see that the current through the biasing diodes will decrease 
when the output stage is sourcing current to the load. Thus the bias voltage V BB will also 
decrease, and the analysis of Section 11.4 must be modified to take this effect into account. 

Fhe diode biasing arrangement has an important advantage: It can provide thermal stabiliza¬ 
tion of the quiescent current in the output stage. To appreciate i his point, recall that the class AB 
1 ! put stage dissipates power under quiescent conditions. Power dissipation raises the internal 
temperature of the BJTs. From Chapter 6 we know that a rise in transistor temperature results in 
a decrease in its V BE (approximately -2 mV/°C) if the collector current is held constant. Alterna¬ 
tively, if V BE is held constant and the temperature increases, the collector current increases. The 
increase in collector current increases the power dissipation, which in turn increases the junction 
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temperature and hence, once more, the collector current. Thus a positive-feedback mechanism 
exists that can result in a phenomenon called thermal runaway. Unless checked, thermal run 
away can lead to the ultimate destruction of the BJT. Diode biasing can be arranged to provide a 
compensating effect that can protect the output transistors against thermal runaway under quits 
cent conditions. Specifically, if the diodes are in close thermal contact with the output transis¬ 
tors. their temperature will increase by the same amount as that of Q N and Q p . Thus V gs wil] 
decrease at the same rate as Vqen ^ EBb tlie result that Ig remains constant. Close thermal 
contact is easily achieved in 1C fabrication. It is obtained in discrete circuits by mounting the 

bias diodes on the metal case of Q N or Q p . 



Consider the class AB output stage under the conditions that V cc = 15 V, R L - 100 £2, and the output is sinu¬ 
soidal with a maximum amplitude of 10 V. Let Q s and Q P be matched with I s = 10" A and ^ = 50, Assume 
that the biasing diodes have one-third the junction area of the output devices, f ind the value of / BIAS that guar¬ 
antees a minimum of 1 mA through the diodes at all times. Determine the quiescent current and the quiescent 
power dissipation in the output transistors (i.e., at v Q = 0 ). Also find V BB for v Q = 0, +10 V, and -10 V. 

Solution 

The maximum current through is approximately equal to / imax = 10 V/0.1 kO = 100 mA. Thus the 
maximum base current in Q N is approximately 2 mA. To maintain a minimum ot I mA through the 
diodes, we select / B1AS = 3 mA. The area ratio of 3 yields a quiescent current of 9 mA through £7 V and 
Q p . The quiescent power dissipation is 

P D q = 2 x 15 x9 = 270 m W 

For v 0 - 0, the base current of Q , is 9/51 — 0. 1 8 mA, leaving a current of 3 - 0.18 = 2.82 mA to flow 
through the diodes. Since the diodes have I s = \ x 10 _ 1 A, the voltage I ' gg will be 

7 87 mA 

V bb = 2V t \u - = 1.26 V 

*s 

Atv 0 - +10 V, the current through the diodes will decrease to 1 mA, resulting in V BB — 1.21 V. At the 
other extreme of v 0 = -10 V, Q s will be conducting a very small current; thus its base current will be 
negligibly small and all of / mAS (3 mA) flows through the diodes, resulting in V BB — 1.26 V. 



11.6 For the circuit of Example 11.4, find i N and i p for v 0 - +10 V and v Q = -10 V. {Hint: Use the 
V BB values found in Example 11.4.) 

Ans. 100.1 mA, 0.1 mA; 0.8 mA, 100.8 mA 

11.7 If the collector current of a transistor is held constant, its v Bt decreases by 2 mV for every 1°C rise in 
temperature. Alternatively, if v BE is held constant, then i r increases by approximately g m * 2 
every 1 °C rise in temperature. For a device operating at /, = 10 m A, find the change in collector cur¬ 
rent resulting from an increase in temperature of 5°C, 

Ans. 4 mA 
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11.5.2 Biasing Using the V et Multiplier 

An alternative biasing arrangement that provides the designer with considerably more flexi¬ 
bility in both discrete and integrated designs is shown in Fig. 1U 5. The bias circuit consists 
of transistor Q { with a resistor R x connected between base and emitter and a feedback resis¬ 
tor R 2 connected between collector and base. The resulting two-terminal network is fed with 

a constant-current source / BIAS . If we neglect the base current of then R t and R, will earn 
the same current l R , given by J 



(11.32) 


and the voltage f BB across the bias network will be 


V BB - Ir(R [ + R 2 ) (11.33) O 

Thus the circuit simply multiplies V BE] by the factor (I + /?,//?,) and is known as the “V BE 
multiplier." The multiplication factor is obviously under the designer’s control and can be 
used to establish the value of I BB required to yield a desired quiescent current I t ,. In IC 
design it is relatively easy to control accurately the ratio of two resistances. In discrete- 

circuit design, a potentiometer can be used, as shown in Fig. 11.16, and is manually set to 
produce the desired value of I. r 

The value of V BEX in Eq. (11.33) is determined by the portion of / BIAS that flows through 

the collector of Q,; that is. 



Figure 11.15 A class AB output stage utilizing a V BE multiplier tor biasing. 
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/ 


BIAS 




Vj o 



Figure 11.16 A discrete-circuit class AB output stage with a potentiometer used in the V M multiplier, The 
potentiometer is adjusted to yield the desired value of quiescent current in Q s and Q p . 

V BEX = V T \Jf- (11.35) 

*S\ 

where we have neglected the base current of Q v , which is normally small both under quies¬ 
cent conditions and when the output voltage is swinging negative. However, for positive 
especially at and near its peak value, the base current of Q M can become sizable and will 
reduce the current available for the V Bf multiplier. Nevertheless, since large changes in l a 
correspond to only small changes in V HFr the decrease in current will be mostly absorbed bv 
2,t leaving I R , and hence V BB , almost constant. 


EXERCISE 


11.8 C onsider a V BE multiplier with R { = R Z - 1.2 kQ, utilizing a transistor that has V BE = 0.6 V at / c - 1 

and a very high fl. (a) Find the value of the current / that should be supplied to the multiplier to obtain 
a terminal voltage of 1 2 V. (b) Find the value of/that will result in the terminal voltage changing(from 
the 1.2-V value) by +50 mV, +100 mV, +200 mV, -50 mV, -100 mV, -200 mV. 

Ans. (a) 1.5 mA; (b) 3.24 mA, 7,93 mA, 55.18 mA, 0.85 mA, 0.59 mA, 0.43 mA 


Like the diode biasing network, the V BE —multiplier circuit can provide thermal stabili ^ 
tion of l Q . This is especially true if R, = R 2 , and Q t is in close thermal contact with the outpu 
transistors. 
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Example 11.5 


It IS required to redesign the output stage of Example 11.4 utilizing a V Be multiplier for biasing. Use a 
small-geometry transistor tor Q, with I s = 10 A and design for a quiescent current /, = 2 mA 


Solution 


Since the peak positive current is 100 mA, the base current of Q, can be as high as 2 mA. We shall there- 
tore select / BIA s - 3 mA, thus providing the multiplier with a minimum current of 1 mA. 

Under quiescent conditions (v 0 - 0 and i L = 0) the base cument of Q N can be neglected and all of/,,, . 
Hows through the multiplier. We now must decide on how this current (3 mA) is to be divided between 

/ n and l R . It we select I R greater than 1 mA, the transistor will be almost cut off at the positive peak ofv n 
Therefore, we shall select I R = 0.5 mA, leaving 2.5 mA for J a . 

To obtain a quiescent current of 2 mA in the output transistors, V 8B should be 


r _ r/ , _ 2 X 10 
Vbb ~ 4 f r ln - — 

I O ' 13 


-3 


= 1.19 V 


We can now determine R. + /?, as follows: 


Ri + R 2 - 


V DD 1.19 


BB 


At a collector current of 2.5 m A, Q. has 


^BEl ~ 


The value of R , can now be determined as 


R 


0.5 


= 2.38 kH 


F r ln 


2.5 x 10 


-3 


10 


-14 


= 0.66 V 


11 66 

/?, = — = 1.32 kQ 
0.5 


and as 

. 4 * 


fi, = 2.38- 1.32 = 1.06 k£2 


11.6 CMOS Class AB Output Stages 

In this section we study CMOS class AB output stages. We begin with the CMOS counterpart 
of the BJT class AB output stage studied in the previous section. As we shall see. this circuit 
suffers from a relatively low output signal-swing, a serious limitation especially in view of the 
shrinking power-supply voltages characteristic of modem deep-submicron C MOS technolo¬ 
gies. We will then look at an attractive alternative circuit that overcomes this problem. 

11.6.1 The Classical Configuration 

figure 11.17 shows the classical CMOS class AB output stage. The circuit is the exact coun¬ 
terpart of the bipolar circuit shown in Fig. 11.14 with the biasing diodes implemented with 
diode-connected transistors Q\ and Q 2 . The constant current /bias flowing through Q ( and 
establishes a dc bias voltage V GG between the gates of C.v anc ^ Qp- v °l ta 6 e ‘ n turn 
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Figure 11.17 Classical CMOS class AB output stage. This circuit is the < MOS counterpart of the BJT 
circuit in Fig. 11.14 with the biasing diodes implemented with diode-connected MOSFETs, Q t and Q v 


establishes the quiescent (v 0 - 0) current I a in Q N and Q P . Unlike the BJT circuit in Fig. 
11.14, here the zero dc gate current ol Q x results in the current through Q , and Q 2 remaining 
constant at / BIAS irrespective of the value of and the load current i L . Thus f'oB remains 
constant and the circuit is more like the idealized bipolar case shown in Fig. 11.11. 

1 he value o' Ig can be determined by utilizing the i D - v GS equations for the four MOS 
transistors for the case v 0 = 0 . Neglecting channel-length modulation, we can write for Q v 


I ox = /bias = \KXW/LHV 0Si - vj 


and for Q 2 , 


1 


hi = /bias = 2 k A w/L h(y s ai-K\) 


IP I 


(11.36) 


(11.37) 


Equations (11.36) and (11.37) can be used to find F C5I and V SG2 , which when summed 
yield V GG ; thus, 



^ GS I + ^ SG2 ~ Vtn + 


! P 




BIAS 


+ 


(11.38) 


« Jk'(W/L)i 


I 

We can follow a similar process for Q N and Q P which, for v D = 0 , are conducting the qui¬ 
escent current l a ; thus, 



^GSN + VsGP - Vtn + | Vfpl + a/27 


f 


MW7L) n MW7i\ 


Equations (11.38) and (1 1.39) can be combined to obtain 





\/Jk&W/L) x + \/Jk, 

( W/L) 2 

h/Mty/L)„ + \/jr p 

XW/L) 



11.6 CMOS Class AB Output Stages 935 


which indicates that I Q is determined by / BiAS together with the (W/L) ratios of the four 
transistors. For the case Q, and Q 2 are matched, that is, 

k' p ( W/L) 2 = k'(W/L), (11.41) 

and Q n and Q P are matched, that is. 


k;{W/L)„= k'(W/L)„ 


Equation ( 11.40) simplifies to 


I - / < W/L )» 

y B'AS (HVt), 

which is an intuitively appealing result. 


(11.42) 


(11.43) O 



11.9 For the CMOS class AB output stage of Fig. 11.17, consider the case of matched Q x and Q 2 , and 
matched Q N and Q P . If I Q = 1 mA and / B1AS = 0.2 mA, find (W/L) for each of Q ,, Q 2 , Q N , 
and Q P so that in the quiescent state each transistor operates at an overdrive voltage of 0.2 V. Let 
v dd = v ss = 2.5 V, k' = 250 pA/V : , k' = 100 pA/V 2 , and V tn = -V tp = 0.5 V, Also find 

V GG - 

Arts . 40; 100; 200; 500; 1.4 V 




A drawback of the CMOS class AB circuit of Fig. 11.17 is the restricted range of output 
voltage swing. To find the maximum possible value of v 0 , refer to Fig. 11.17 and assume 
that across the bias current source is a dc voltage of F B1AS . We can w'rite for v 0 , 

v O = ^DD ~ ^ BIAS — V GSN (11.44) 

The maximum value of v Q will be limited by the need to keep F BJAS to a minimum ot V 0f - 
ot the transistor supplying / mA $ (otherwise the current-source transistor no longer operates 
in saturation i; thus. 


v Omax ~ V DD ~ V 0v \ B(AS “ V GSN 111,4DJ 

Note that w'hen v {) is at its maximum value, Q N will be supplying most or all of i L , and 
v gsn w >*l he large, 


* ! 0max 



(11.46) O 


liere u 0J/JV is the overdrive voltage of v when it is supplying /^ max . 
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11.10 For the circuit specified in Exercise 11.9, find v Q 


max When W 


supplying all of i Lmax 

Arts. 1.17 V 


and that V 


o v 


BIAS 


= 0.2 V. 


,0 mA. Assume that Q n j s 


— 




The minimum allowed value of v 0 can be found in a similar way. Here we note that the 
transistor supplying (not shown) will need a minimum voltage across it of V oy \ .Thus 


O *'Omin “ ^SS + ^Ov\j + rip\ + \ v OVp\ ( 11.47) 

where \v 0VP \ is the overdrive voltage of Q P when sinking the maximum negative value oft. 
Finally, w f e observe that the reason for the lower allowable range of v 0 in the CMOS cir¬ 
cuit is the relatively large value of v ovx and \v ovp \ ; that is, the large values of i* rcu and 
v SGP required to supply the large output currents. In the BJT circuit the corresponding volt¬ 
ages, v BEN and v EBP , remain close to 0.7 V. The overdrive voltages v OVN and \v 0yp \ can be 
reduced by making the WfL ratios of Q s and Q P large. This, however, can lead to impractf 
cally large devices. 


11.6,2 An Afternative Circuit Utilizing Common-Source 
Transistors 


The allowable range of v Q can be increased by replacing the source followers with a pair of 
complementary transistors connected in the common-source configuration, as shown in Fig. 
11.18. Here Q p supplies the load current when v Q is positi ve and allows v 0 to go as high as 
< L'dd ~ | T 'or/»|)» a much higher value than that given by Eq. (11.46). For negative v 0 , Q s 
sinks the load current and allows v 0 to go as low as - P s . 5 + v OVN , This also is larger in mag¬ 
nitude than the value given by Eq. (11.47). Thus, the circuit of Fig. 11.18 provides an output 
voltage range that is within an overdrive voltage of each of the supplies. The disadvantage 
of the circuit, however, is its high output resistance. 



(11.48) 


V 


DD 

k 



Figure 11.18 An alternative CMOS output stage utilizing a pair of complementary MOSFETs conne’ 
in the common-source configuration. The driving circuit is not shown. 
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v f o 




Figure 11.19 Inserting an amplifier in the negative feedback path of each of 0 V and Q r reduces the output 
resistance and makes v Q — v t ; both are desirable properties for the output stage. 

To reduce the output resistance, negative feedback is employed as shown in Fig. 11.19. Here 
an amplifier with gain /y is inserted between drain and gate of each of 0 V and Q P , For rea¬ 
sons that will become clear shortly, these amplifiers are called error amplifiers. To verify 
that the feedback around each amplifier is negative, assume that v Q increases. The top 
amplifier will cause the gate voltage of Q P to increase, thus its v SG decreases and i DP 
decreases. The decrease in i DP causes v 0 to decrease, which is opposite to the initially 
assumed change, thus verifying that the feedback is negative. A similar process can be used 
to verify that the feedback around the bottom amplifier also is negative. 

From our study of feedback in 1 hapter 10, we observ e that each of the two feedback 
loops is of the series-shunt type, which is the topology appropriate for a voltage amplifier. 
Thus, as we shall show shortly, the feedback will reduce the output resistance of the ampli¬ 
fier. Also, observe that if the loop gain is large, the voltage difference between the two input 
terminals of each feedback amplifier, the error voltage, will be small, resulting in v 0 — v r 

Both the low output resistance and the near-unity dc gain are highly desirable properties 
for an output stage. 

Output Resistance To derive an expression for the output resistance /? out , we consider 
each half of the circuit separately, find its output resistance, R outj for the top half and R OUVt for 
the bottom half, and then obtain the overall output resistance as the parallel equivalent of the 
two resistances, 



= R 


outn 



(11.49) 


Figure 11.20(a) shows the top half of the circuit, drawn a little differently to make the 
feedback topology clearer. Observe that feedback is applied by connecting the output back 
to the input. Thus the feedback network is the two-port shown in Fig. 11.2< '(b) and the feed- 
back factor is 


(11.50) 

Including the loading effects of the feedback network results in the A circuit shown in 
Fig. 11.20(c). Note that since we are now interested in incremental quantities, we have 
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Figure 11.20 Determining the output resistance; (a) The top half of the output stage showing the defini¬ 
tion of and R of \ (b) The ft circuit; and (c) the A circuit. 


replaced V DD with a short circuit to ground. The open-loop gain A can be found from the 
circuit in Fig. 11.20(c) as 



(11.51) 


where we have assumed the input resistance o' the amplifier to be infinite and thus resis¬ 
tance R l at i lie input has no effect on the gain, and we have utilized implicitly the small- 
signal model ot Q p . The values of the small-signal parameters g mf , and r op are to be eval¬ 
uated at the current at which Q p is operating. The open-loop output resistance R 0 is found 
by inspection as 



* ' ’ MJ, I' 111 ’ i ti feedback R, can now be found as 


R 


R 


o 


of 


(Kill r op ) 


\ +Afi 1 +jig mp (r \\R l ) 


and the output resistance R oulp is found by excluding R, from R Ilf , that is 


rt oul ,= 1 


f 


I 


1 




rto/ Rl J 


(11,53) 


(11.54) 
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which results in 



(11.55) 


which can be quite low. A similar development applied to the bottom half of the circuit in 
Fig. 11.19 results in 


rtout n 1 / MS mn 

Combining Eqs. (11.55 and « ! 1,56 gives 


(11.56 


rtout ~ * /Kgrnp + g mn ) (1 1.57) O 

The Voltage Transfer Characteristic Next we derive an expression for the voltage 
transfer characteristic, v Q veisus , ot the class AB common-source buffer. Toward that 
end, we first consider the circuit in the quiescent state, shown in Fig. 11.21(a). Here v, = 0 
and v 0 = 0. Each of the error amplifiers is designed to deliver to the gate of its associated 
MOSFET the dc voltage required to establish the desired value of quiescent current I Q . To 
obtain class AB operation, I Q is usually selected to be 10% or so of the maximum output cur¬ 
rent. Referring to Fig. 11.21(a), we can write for Q P , 


1 /HA 

'dp = Iq = 2 k P [ -[} 


< Vsgp -1 y, P \) 


Substituting V SGP = 

vostage of Q P , gives 


KJ + V 0¥% where V ov is the magnitude ot the quiescent overdrive 


1 q = rAiJ 


VqV 


(11.58) 


Similarly, we obtain for Q h 


1 (W\ 

I Q = ~k' \ ~ 
Q 2 n \U 


ov 


n 


(11.59) 


^dd 



— 1/ + 
* cc r V nv 


-V 


ss 


(a) 


( ^DD KsC/*) 
"t" AH Vf) 


oOV VjO- 


( IAj f VgSs) 

+ - v i) 



V GSN 


-V 


55 


tb) 


o v Q 


figure 11.21 Analysis of the CMOS output stage to determine v 0 versus v,: (a) Quiescent conditions; 
(b) The situation with v, applied. 
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Usually the two transistors are matched. 




k 


Thus, 


/ - Im/ 
l Q A * £ 


H 


(11.60 


Next consider the situation with v ( applied, illustrated in Fig. 11.21(b). The voltage at tin 
output of each of the error amplifiers increases by /i(v Q -v 7 ). Thus v SGp decreases by 
fi(v 0 -v } ) and v GSN increases by A( v o _t, /)> and we can write 

I 2 

t DP = ^*1 *OV~ AU'o ~ 


2 

-kV 

-, Ky oi 


1 -// 


v o~ v i 


V 


OV -I 


and 


At the output node we have 


~ ^o\ 1 A y 


Oq v. 


or 


>d\ = } o\ 1 + A 


71 — 7 / \ ~ 

v O * / 


* 0 


( 11 . 61 ) 


( 11 . 62 ) 


{ L ~ l DP l DX 


(11.63) 


o 


Substituting for i L = v 0 /R L and for / D/J and / DA r from Eqs. (11.61) and (11.62). and solv¬ 
ing the resulting equation to obtain v n , results in 


v o = 


V ! 


1 + 


V 

v o 


4juI 0 R l 


Usually (V ot / 4 /j!qR l ) ], enabling us to express v a as 


v o “ v t 


v ov 


4 l qRj 


Thus the gain error is 


Gain error = v () -v, = - 


Vn 


4 Vl<J R ! 


Since at the quiescent point. 


g tnp Sm 


2L 

_i> 

y 

V O: 


the gain error can be expressed as 


(11.64) 


(11.65) 


1 . 66 ) 


(11.67) 


o 


Gain error = - 


2 Mg m R L 


. 68 ) 
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Thus selecting a large value for a results in reducing both the gain error and the output 

resistance. However, a large a can make the quiescent current I Q too dependent on the 

input offset voltages that are inevitably present in the error amplifiers. Typically, a is 

selected in the range 5 to IT Trade-offs are also present in the selection of 1 ,: A large I, 

reduces crossover distortion, /? out , and gain error, at the expense of increased quiescent 
power dissipation. 


Example 11.6 


In this example we explore the design and operation ot a class AB common-source output stage of the 
type shown in Fig. 11.19, required to operate from a ±2.5 -V power supply to feed a load resistance 
R l = 100 a . The transistors available have V tn = -V lp = 0.5 V and k' n = 2.5*; - 250 pA/V“ The 
gain error is required to be less than 2.5% and I Q = 1 mA. 

Solution 

The gain error is given by Eq. (11.66), * .. . 

Gain error =-— — 

4 mIqRl 

We are given the required maximum gain error of -0.025 , I ( , = 1 mA, and /?, = 100 Q . In order to 
keep a low and also obtain as high a g m as possible [g m = 2I a /V ov ], we select V ov to be as low- as 
possible. Practically speaking, Vov is usually 0.1 V to 0.2 V. Selecting V ov - 0.1 V results in 

0.025 = - —— - 

4 x a x 1 x 10 3 x 100 

which yields 

A = 10 


which is within the typically recommended range. 


Figure 1 1.22(a) shows the circuit in the quiescent state w-ith the various dc voltages and currents indi¬ 
cated. The required (W/L) ratios of O y and Q P can be found as follows: 



-3 


1 


1 x 10 = ^ x 0.1 x 10 


-3 


r W 


x (0.1) 


Thus, 


it; 

V/A 


-1 = 2000 


( W/L L 2000 


n 


k'/k' 


7 s 


= 800 


Thus Q n and Q p are very large transistors, not an unusual situation in a high-power output 
To obtain the output resistance at the quiescent point, we use Eq. (11.57), 
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Example It.6 continued 


o 


+0.41 V 

o- 


+ 2.5 V 

A 


+ 1.9 V 



1 mA 


1 mA 


-o 0V 


1° 

R, = 100 ft 



0.4 V 


—ir> 

2 V I—h 


t 

-2.5 V 
(b) 




O ma 


^/nuu O 



At the edge of 
triode l egion 


-o v, 


Omax 


(C) 


Figure 11.22 (a) Circuit in the quiescent state; 

(b) circuit at the point at which Q K turns o , 

(c) conditions at v Q = v 


Omax* 
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where 


I hus 




2 x 1 

0.1 


= 20 mA/V 


K n „, ~ - =250 

out 10 ( 0.02 + 0 . 02 ) 

Next we wish to determine the maximum and minimum allowed values of v a . Since the circuit is 
symmetrical, we need to consider only either the positive-output or negative-output case. For v n positive, 
Qp conducts more of the output current i L . Eventually, Q N turns off and Q P conducts all of i L . To find 
the value of v 0 at which this occurs, note that Q N turns off when the voltage at its gate drops from the 
quiescent value ot —1.9 V (see Fig. 1 1.22a) to -2 V, at which point v G $ N — V trj . An equal change of 
-0. 1 V appears at the output of the top amplifier, as shown in Fig. 11 .22(b). Analysis of the circuit in Fig. 
1 1 .22(b) shows that 


h = ‘dp = 4 mA 

v 0 = i L R L = 4x I0' 3 xl00 = 0.4 V 

For v Q > 0.4 V, Q P must conduct all the current i L . The situation at v Q - v 0 is illustrated in Fig. 
11.22(c). Analysis of this circuit results, after some straightforward but tedious manipulations, in 



"Omax ^ 2.05 V 

W = 20.5 mA 


11.11 


11.12 






Suppose it is required to reduce the size of Q v and Q P in the circuit considered in the above ex¬ 
ample by a factor of 2 while keeping l Q at 1 mA. What value should be used for V ov "! What is 
the new value for the gain error and for /? out at the quiescent point? 

Ans. 0.14 V; -3.5 %; 3.5 ft 

Show that in the CMOS class AB common-source output stage, Q N turns off when = 41 Q R L 
and that Q P turns off when v 0 = -4 1 Q R L . This is equivalent to saying that one of the transistors 

turns off when |/J reaches 4/^. 


r—---- 



11.7 Power BJTs 

Transistors that are required to conduct currents in the ampere range and to withstand power 
dissipation in the watts and tens-of-watts ranges differ in their physical structure, packaging, 
and specification from the small-signal transistors considered in earlier chapters. In this sec¬ 
tion we consider some of the important properties ot power transistors, especia y os 
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aspects that pertain to the design of circuits of the type discussed earlier. There 
course, other important applications of power transistors, such as their use as switch 
ments in power inverters and motor-control circuits. Such applications are not studied intlf 


book. 


11.7.1 Junction Temperature 

Power transistors dissipate large amounts of power in their collector-base junctions The 
dissipated power is converted into heat, which raises the junction temperature. However the 
junction temperature Tj must not be allowed to exceed a specified maximum T • other 
wise the transistor could suffer permanent damage. For silicon devices. T. is in the n 
of 150°Cto200°C. ' /ma ' 3nge 


11.7.2 Thermal Resistance 

Consider first the situation of a transistor operating in free air—that is, with no special 
arrangements for cooling. The heat dissipated in the transistor junction will be conducted 
away from the junction to the transistor case, and from the case to the surrounding environ¬ 
ment. In a steady state in which the transistor is dissipating P n watts, the temperature rise of 
the junction relative to the surrounding ambience can be expressed as 

0 Tj~T a = 0 JA P D (11.69} 

where 0 JA is the thermal resistance between junction and ambience, having the units of 
degrees Celsius per watt. Note that 0 JA simply gives the rise in (unction temperature over the 
ambient temperature for each watt ot dissipated power. Since we wish to be able to dissipate 
large amounts ot power without raising the junction temperature above T lmix , it is desirable 
to have, for the thermal resistance 0 JV as small a value as possible. For operation in free air, 
depends primarily on the type ot case in which the transistor is packaged. The value of 
e M is usually specified on the transistor data sheet. 


- 1 - oh 

P D < ®JA 

| , r . Figure 11.23 Electrical equivalent circuit of the thermal- 

• ° Ci conduction process; T, - T, = P h 0 

Equation (11.69), which describes the thermal-conduction process, is analogous to 
Ohm s law', which describes the electrical-conduction process. In this analogy, power dissi¬ 
pation corresponds to current, temperature difference corresponds to voltage difference, and 
ermal resistance corresponds to electrical resistance. Thus, we may represent the thermal* 
conduction process by the electric circuit shown in Fig. I 1.23. 


n./.5 power Dissipation Versus Temperature 

transistor manufacturer usually specifies the maximum junction temperature T Jm 
maximum power dissipation at a particular ambient temperature T l{) (usually, 25°C), and 
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Figure 11.24 Maximum allowable power dissipation versus ambient temperature for a BJT operated in 
free air. This is known as a “power-derating” curve. T* ' 

thermal resistance 0 IA . In addition, a graph such as that shown in Fig. 11.24 is usually pro¬ 
vided. The graph simply states that lor operation at ambient temperatures below 7\, 0 , the 
device can safely dissipate the rated value of P m watts. However, if the device is to be oper¬ 
ated at higher ambient temperatures, the maximum allowable power dissipation must be 
derated according to the straight line shown in Fig. 11.24. The power-derating curve is a 
graphical representation of Eq. (11.69). Specifically, note that if the ambient temperature is 
T w and the power dissipation is at the maximum allowed (P^), then the junction temperature 
will be T w . Substituting these quantities in Eq. (11.69) results in 

e JA = Tjm l~ Tm (11.70) o 

'DO 

which is the inverse of the slope of the power-derating straight line. At an ambient tempera¬ 
ture Tj, higher than T m , the maximum allowable power dissipation can be obtained 
from Eq. (11.69) by substituting T, = T Jmax \ thus, 

Po* 3, = %-^ O 

&ja ; 4 

Observe that as T , approaches F /max , the allowable power dissipation decreases; the lower 
thermal gradient limits the amount of heat that can be removed from the junction. In the 
extreme situation of T t — T tmM , no power can he dissipated because no heat can be removed 

from the junction. 


Example 11.7 



A BJT is specified to have a maximum power dissipation P m of 2 W at an ambient temperature T M ot 
25‘ C. and a maximum junction temperature F Jmilx of 150 C. Find the follow ing. 


la) the thermal resistance tt JA . 


(b i i he maximum power that can be safely dissipated at an ambient temperature of 50 C. 
(c) The junction temperature it the device is operating at T A - C and is dissipating 
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Example 11.7 continued 


Solution 

(a) Qja = 


T/max “ 5o 


150-25 


P 


= 62.5 °C/W 


0 >) ^Dmax - 


DO 






150-50 

62.5 


= 1.6 W 


(c) Tj = T a + d JA P D = 25 +62.5 x 1 = 87.5°C 


11.7.4 Transistor Case and Heat Sink 

The thermal resistance between junction and ambience, 0 IA , can be expressed as 

O &JA = @jc T @CA (11.72) 

where 0 JC is the thermal resistance between junction and transistor case (package) and 6 is 
the thermal resistance between case and ambience. For a given transistor. 0 h is fixed by the 
device design and packaging. The device manufacturer can reduce 6 J( by encapsulating the 
device in a relatively large metal case and placing the collector (where most of the heat is 
dissipated) in direct contact with the case. Most high-power transistors are packaged in this 
fashion. Figure 11.25 shows a sketch of a typical package. 



Figure 11.25 The popular T03 package for power transistors. The case is 
metal w ith a diameter ot about 2,2 cm; the outside dimension of the “seating 
plane” is about 4 cm. The seating plane has two holes for screws to bolt it to a 
heat sink. The collector is electrically connected to the case. Therefore an 
electrically insulating but thermally conducting spacer is used between the 
transistor case and the “heat sink.” 


Although the circuit designer has no control over 0 M (once a particular transistor has 
been selected), the designer can considerably reduce 6 , below its free-air value (specified 
by the manufacturer as part of 0 JA ). Reduction of 0 C ^ can be effected by providing means to 
facilitate heat transfer from case to ambience. A popular approach is to bolt the transistor to 
the chassis or to an extended metal surface. Such a metal surface then functions as a heat 
sink. Heat is easily conducted from the transistor case to the heat sink; that is, the thermal 
resistance 0 CS is usually very small. Also, heat is efficiently transferred (by convection and 
radiation) from the heat sink to the ambience, resulting in a low thermal resistance 9$? Thus, 
if a heat sink is utilized, the case-to-ambience thermal resistance given by 



(11.73) 


can be small because its two components can be made small by the choice ot an appropriate 
heat sink. For example, in very high-power applications the heat sink is usually equipped 
wit ms that further facilitate cooling by radiation and convection. 


elpptriraM ear '* er ’ meta * case a P°wer transistor is electrically connected to the collector. Thus a! j 
electrically insulating material such as mica is usually placed between the metal case and the metal heat 

k. Also, insulating bushings and washers are generally used in boiling the transistor to the heat sink 
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Figure 11.26 Electrical analog of the thermal conduction process when a heat sink is utilized. 




Figure 11.27 Maximum allowable power dissipation versus transistor-case temperature. 


The electrical analog o ! the thermal-conduction process when a heat sii k is employed is 
shown in Fig. 11.26, from which we can write 


Tj 




(11.74) 


As well as specifying 0 IO the device manufacturer usually supplies a derating curve for 
Pomn versus the case temperature, T c . Such a curve is shown in Fig. 11.27. Note that the 
slope of the power-derating straight line is -1 l0 jC For a given transistor, the maximum 
power dissipation at a case temperature T co usually 25°C) is much greater than that at an 
ambient temperature T (usually 25°C). If the device can be maintained at a case temper 
ature T c , T ( 0 < T c < 7J raM , then the maximum safe power dissipation is obtained when 

T. = T, ' mM 


D max 



(11.75) 
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A BJT is specified to have T „ V|> = 150°C and to be capable of dissipating maximum power as follows- 

40 W at T c = 25°C 

2 Wat T a = 25°C 

Above 25 °C, the maximum power dissipation is to be derated linearly with 0 h - 3.12°C'/W and 6, - 62.5°C/W 
Find the following: 

(a) The maximum power that can be dissipated safely by this transistor when operated in free air at T, ~ 50°C 

(b) The maximum power that can be dissipated safely by this transistor w hen operated at an ambient tem¬ 
perature of 50°C\ but with a heat sink for which 0 i s - 0.5°C/W and 6 S i = 4°C/W. Find the temperature 

of the case and of the heat sink. 

(c) The maximum power that can be dissipated safely if an infinite heat sink is used and T = 50°C. 

Solution 



Dm ax 


T 

-J max 




150-50 

62.5 


1.6 W 


(b) With a heat sink, 0 JA becomes 


@JA ~ &JC + ®CS + &SA 

= 3.12 + 0.5 + 4 = 7.62 °C/W 


Thus, 


Dmax 


150-50 

7.62 


= 13.1 W 


Figure 11.28 shows the thermal equivalent circuit with the various temperatures indicated. 



o T, — 150° < 


■o T c - 109°C 


0.5°C/W 


o T s = 102.4° C 


50° ( 


Figure 11.28 Thermal equivalent circuit for Example 11.8 
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(c) An in mite heat sink, tl it existed, would cause the case temperature T c to equal the ambient tempera¬ 
ture T,. The infinite heat sink has 0 a = 0, Obviously, one cannot buy an infinite heat sink; neverthe¬ 
less, this terminology is used by some manufacturers to describe the power-derating curve of Fig. 11.27. 
The abscissa is then labeled T A and the curve is called "power dissipation versus ambient temperature 
with an infinite heat sink. For our example, with infinite heat sink. 


£>max 


Lw ~ T a 


$ 


JC 


150-50 

3.12 


= 32 W 


The advantage of using a heat sink is clearly evident from Example 11.8: With a heat sink, the 
maximum allowable power dissipation increases from 1.6 W to 13.1 W. Also note that although the 
transistor considered can he called a “40-W transistor, this level of power dissipation cannot be 
achieved in practice; it w'ould require an infinite heat sink and an ambient temperature T t < 25°C. 



11.13 The 2N6306 power transistor is specified to have T Jm3x = 200°C and P iW = 125 W for T c < 25°C. 
for T c > 25 C, 6 k - 1.4 C/W. If in a particular application this device is to dissipate 50 W and 
operate at an ambient temperature of 25°C, find the maximum thermal resistance of the heat sink 
that must be used (i.e., 6 ( ). Assume 0, s = 0.6°C/W. What is the case temperature, T c ? 

Ans. 1.5°C/W; I30°C 


11.7.5 The BJT Safe Operating Area 


In addition to specifying the maximum power dissipation at different case temperatures, power- 
transistor manufacturers usually provide a plot of the boundary of the sate operating area (SOA) 
in the i c -v CF plane. The SOA specification takes the form illustrated by the sketch in Fig, 11.29; 
the following paragraph numbers correspond to the boundaries on the sketch. 


1. The maximum allowable current Exceeding this current on a conimui his Kms v.m 
result in melting the wires that bond the device to the package terminals. 

2. I he maximum power dissipation hyperbola. This is the locus of the points for which 

v CE i c = P (at T co ). For temperatures T c > T co , the power-derating curves described in 

Section 11.7.4 should be used to obtain the applicable P and thus a correspondingly 
lower hyperbola. Although the operating point can be allowed to move temporarily above 
the hyperbola, the avenage power dissipation should not be allowed to exceed F > i)max . 

3. The second-breakdown limit. Second breakdown is a phenomenon that results 
because current flow across the emitter—base junction is not uniform. Rather, the 
current density is greatest near the periphery of the junction. This current crowding 
gives rise to increased localized power dissipation and hence temperature rise (at loca 
tions called hot spots). Since a temperature rise causes an increase in current, a local¬ 
ized form of thermal runaway can occur, leading to junction destruction. 
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Figure 11.29 Safe operating area i SOA) of a BJT. 

4. The collector-to-emitter breakdown voltage, BV ceo . The instantaneous value of» Cf 
should never be allowed to exceed BV CEO ; otherwise, avalanche breakdown of the 
collector-base junction may occur (see Section 6.9). 

Finally, it should be mentioned that logarithmic scales are usually used for i c and v cp 
leading to an SOA boundary that consists of straight lines. 

11.7.6 Parameter Values of Power Transistors 

Owing to their large geometry and high operating currents, power transistors display typical 
parameter values that can be quite different from those of small-signal transistors. The 
important differences are as follows: 

1. At high currents, the exponential i c -v BE relationship exhibits a factor of 2 reduction in 
the exponent; that is, i c = ! s e l>B£/1 'A 

2. ft is low, typically 30 to 80, but can be as low as 5. Here, it is important to note that /j 
has a positive temperature coefficient. 

3. At high currents, r n becomes very small > a few ohms) and v y becomes important(r,is 
defined and explained in Section 9.2.2). 

4. f T is low (a tew megahertz), C p is large (hundreds of picofarads), and C^is even 
larger. (These parameters are defined and explained in Section 9.2.2). 

5. I CB0 is large (a few tens of microamps) and, as usual, doubles for every 10°C rise in 
temperature. 

B^ceo is typically 50 to 100 V but can be as high as 500 V. 

Armax * s typically in the ampere range but can be as high as 100 A. 

© 11.8 Variations on the Class AB Configuration 

we discuss a number oi circuit improvements and protection techniques tor 
the BJT class AB output stage. 
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11.8.1 Use of Input Emitter Followers 

Figure 11.30 shows a class AB circuit biased using transistors and which also func¬ 
tion as emitter followers, thus providing the circuit with a high input resistance. In effect, the 
circuit functions as a unity-gain butter amplifier. Since all four transistors are usually 
matched, the quiescent current (v, = 0, R L - °o) in Q z and Q 4 is equal to that in Q } and Q ,. 
Resistors R 3 and R 4 are usualh v. ei \ ’■'iruill and are included to compensate for possible mis¬ 
matches between Q 3 and Q, and to guard against the possibility of thermal runaway due to 
temperature differences between the input- and output-stage transistors. The latter point can 
be appreciated by noting that an increase in the current of, say, Q 3 causes an increase in the 
voltage drop across R 3 and a corresponding decrease in 1 BE3 . Thus /?, provides negative feed¬ 
back that helps stabilize the current through Q r 

Because the circuit of Fig. 11.30 requires high-quality pnp transistors, it is not suitable 
for implementation in conventional monolithic IC technology. However, excellent results 
have been obtained with this circuit implemented in hybrid thick-film technology (Wong 
and Sherwin, 1979). This technology permits component trimming, for instance, to mini¬ 
mize the output offset voltage. The circuit can be used alone or together with an op amp to 
provide increased output driving capability. The latter application will be discussed in the 
next section. 



Figure 11.30 A class AB output stage with an input buffer. In addition to providing a high input resis 
tance, the buffer transistors Q ] and Q bias the output transistors Q 3 and Q v 





















































952 Chapter 11 Output Stages and Power Amplifiers 



11.14 {Note: Although very instructive, this exercise is rather long.) Consider the circuit of Fig. 11 jo with 
R [= R^ = 5 kQ, R y = R 4 = 0 £2, and V cc = 15 V. Let the transistors be matched with I s = 3.3 x iq-h 
A and p~ 200. (These are the values used in the LH002 manufactured by National Semiconductor 
except that R x = /? 4 = 2 Q there.) (a) For v, = 0 and R L = «>, find the quiescent current in each of 1 
four transistors and v 0 . (b) For = =», find i cl , / a , i a , i C4 , and v Q for v, ~ + 10 V and ^10 V. (c) 
Repeat (b) for R L = 100 Q. 

Ans. (a) 2.87 mA;0 V; (b) for ^ = + 10 V: 0.88 mA, 4.87 mA, 1.95 mA, 1.95 mA, +9,98 V; for v 
= -10 V: 4.87 mA, 0.88 mA. 1.95 mA, 1.95 mA, -9.98 V; (c) for v, = +10 V: 0.38 mA, 4.87 mA. 
100 mA, 0.02 mA, +9.86 V; for v t = — 10 V: 4.87 mA, 0.38 mA, 0.02 mA. 100 mA. -9 86 V 


11.8.2 Use of Compound Devices 

To increase the current gain of the output-stage transistors, and thus reduce the required base 
current drive, the Darlington configuration shown in Fig. 11.31 is frequently used to replace 
the npn transistor of the class AB stage. The Darlington configuration is equivalent to a sin¬ 
gle npn transistor having p — /?,/?,, but almost twice the value of V jU , 

The Darlington configuration can be also used for pnp transistors, and this is indeed 
done in discrete-circuit design. In 1C design, however, the lack of good-quality pnp transis¬ 
tors prompted the use of the alternative compound configuration shown in Fig. 11.32. This 
compound device is equivalent to a single pnp transistor having P — P$ v When fabricated 
with standard IC technology, Q i is usually a lateral pnp having a low Pip= 5 - 10) and poor 
high-frequency response (f T — 5 MHz); see Appendix A and Appendix 7.A. The compound 
device, although it has a relatively high equivalent P, still suffers from a poor high- 
frequency response. It also suffers from another problem: The feedback loop formed by 
and Q 2 is prone to high-frequency oscillations (with frequency near/ r of the pnp device, i.e., 
about 5 MHz). Mel nods exist for preventing such oscillations. The subject of feedback- 
amplifier stability was studied in Chapter 10. 





0 


Bo 




O 
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Figure 11.31 The Darlington configuration. 
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Figure 11.32 The compound-/j«p configuration. 


E 

o 





P “ P 1 P 2 




To illustrate the application of the Darlington configuration and of the compound pnp, we 
show in Fig. 11.33 an output stage utilizing both. Class AB biasing is achieved using a V BE 
multiplier. Note that the Darlington npn adds one more V BE drop, and thus the V Bt multiplier 
is required to provide a bias voltage of about 2 V. The design of this class AB stage is inves¬ 
tigated in Problem 1 1.43. 



Figure 11.33 A class AB output stage utilizing a Darlington and a compound pnp. Biasing is obtained 
using a V BE multiplier. 
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11.15 (a) Refer to Fig. 11.32. Show that, tor the composite pup transistor, 

l c 


8 Mp 

and 

■ * 

Hence show that 

i ~ /? / p v eb/Vt 
l C PN J SP e 

and thus the transistor has an effective scale current 

4 ” Pn^sp 

where I sp is the saturation current of the pnp transistor Q v 

(b) For p P = 20, p s - 50, I SF = 10 14 A, find the effective current gain of the compound device and 
its v £S when i c = 100 mA. 

An$. (b) 1000; 0.651 V 





11.8.3 Short-Circuit Protection 

Figure 11.34 shows a class AB output stage equipped with protection against the effect of 
short-circuiting the output while the stage is sourcing current. The large current that flows 
'ough Q x in the event o! a short circuit will develop a voltage drop across R Ei of sufficient 
value to turn Q s on. Ti e collector of Q s will then conduct most of the current / 8IAS . robbing £), 
of its base drive. The current through Q x will thus be reduced to a safe operating level. 

This method of short-circuit protection is effective in ensuring device safety, but it has 
the disadvantage that under normal operation about 0.5 V drop might appear across each R E 
11 ' means that the voltage swing at the output will be reduced by that much, in each direc¬ 
tion. On the other I and, the inclusion of emitter resistors provides the additional benefit ot 
protecting the output transistors against thermal runaway. 



D11.16 In the circuit of Fig. 11.34 let / BIAS = 2 mA. Find the value of R n that causes Q, to turn on and 

absorb all 2 mA when the output current being sourced reaches 150 mA. For Q 5 , I s = 10 4 A * 

If the normal peak output current is 100 mA, find the voltage drop across R,, and the collector 
current of Q % . 

Ans. 4.3 Q; 430 mV; 0.3 pA 
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+ V CC 

k k 



Figure 11.34 A class AB output stage with short-circuit protection. The protection circuit shown operates 
in the event of an output short circuit while v () is positive. 


11.8.4 Thermal Shutdown 

In addition to short-circuit protection, most IC power amplifiers are usually equipped with a 
circuit that senses the temperature of the chip and turns on a transistor in the event that the 
temperature exceeds a safe preset value. The turned-on transistor is connected in such a way 
that it absorbs the bias current of the amplifier, thus virtually shutting down its operation. 

Figure 11.35 shows a thermal-shutdown circuit. Here, transistor Q 2 is normally off. As 
the chip temperature rises, the combination of the positive temperature coelficient of 
zener diode Z, and the negative temperature coefficient of V BEl causes the voltage at the 
emitter of Q { to rise. This in turn raises the voltage at the base of Q 2 to the point at which 
Q 2 turns on. 

11.9 IC Power Amplifiers 

A variety of fC power amplifiers are available. Most consist of a high-gain, small-signal 
amplifier followed by a class AB output stage. Some have overall negative teedback already 
applied, resulting in a fixed closed-loop voltage gain. Others do not have on-chip feedback 
and are, in effect, op amps with large output-power capability. In fact, the output current- 
driving capability of any general-purpose op amp can be increased by cascading it with a 
class B or class AB output stage and applying overall negative teedback. The additional out¬ 
put stage can be either a discrete circuit or a hybrid IC such as the buffer discussed in the 
preceding section. In the following we discuss some power-amplifier examples. 
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Figure 11,35 Thermal-shutdown circuit. 


11.9,1 A Fixed-Gain 1C Power Amplifier 


Our first example is the LM380 (a product of National Semiconductor Corporation), which 
is a fixed-gain monolithic power amplifier. A simplified version of the internal circuit of the 
amplifier 3 is shown in Fig. 11.36. The circuit consists of an input differential amplifier utiliz¬ 


ing Q x and Q 2 as emitter followers for input buffering, and Q. and Q i as a differential pair 
with an emitter esistor R r The two resistors /?_, and R^ provide dc paths to ground for the 
base currents ol Q i and (C, thus enabling the input signal source to be capacitively coupled 
to either of the two input terminals. 

The differential amplifier transistors Q 3 and Q 4 are biased by two separate currents: £), is 
biased by a current from the dc supply l through the diode-connected transistor Q w and resis- 
tor /?,; Q 4 is biased by a dc current from the output terminal through R-,. Under quiescent condi¬ 
tions (i.e. t with no input signal applied) the two bias currents will be equal, and the current 
through and the voltage across R^ will be zero. For the emitter current of Q , we cun write 


A =* 


V; f EB10 f/rti K 


EB 3 


EB I 


R 


where we have neglected 
V BB to be equal. 


the small dc voltage drop across R r Assuming, for simplicity, all 


r ^ Vs-^VeB 
' *■ 

For the emitter current of Q 4 we have 

f — ^ ~ ^EBA ~ ^ EB2 __ V 0 — 2 l 

4 ~ r 2 ~ r 2 


(11.76) 



The main objective of showing this circuit is to point out some interesting design 
,s not a deta,led thematic diagram of what is actually on the chip. 
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Figure 11.36 The simplified internal circuit of the LM380IC power amplifier. (Courtesy National Semi¬ 
conductor Corporation.) 


where V n is the dc voltage at the output, and we have neglected the small drop across R s . 
Equating /, and / 4 and using the fact that /?, = 2 R : results in 

Vo = \Vs + i r *» (ll - 78) 

Thus the output is biased at approximately half the power-supply voltage, as desired tor 
maximum output voltage swing. An important feature is the dc teedback irom the output to 
the emitter of Q r through R This dc feedback acts to stabilize the output dc bias voltage at 
the value in Eq. (11.78). Qualitatively, the dc feedback functions as follows: If for some rea¬ 
son V 0 increases, a corresponding current increment will flow through R 2 and into the emit¬ 
ter of Q 4 . Thus the collector current of Q 4 increases, resulting in a positive increment in the 
voltage at the base of Q xV This, in turn, causes the collector current of Q n to increase, thus 

bringing down the voltage at the base of Q n and hence f 0 . 

Continuing with the description of the circuit in Fig. 11.36, we observe that the dif¬ 
ferential amplifier (Q 3 , Q 4 ) has a current mirror load composed of and Q h (refer to Section 
8.5 for a discussion of active loads). The single-ended output voltage signal ot the first 
stage appears at the collector of Q ,, and thus is applied to the base of the second-stage 
common-emitter amplifier Q r . Transistor Q n is biased by the constant-current source 
fin, which also acts as its active load. In actual operation, however, the load of Q V2 will be 
dominated by the reflected resistance due to R L . Capacitor C provides frequency compensa 

tion (see Chapter 10). 
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Figure 11.37 Small-signal analysis of the circuit in Fig. 1 1.36. The circled numbers indicate the order of 
the analysts steps. 


The output stage is class AB, utilizing a compound pnp transistor (0 K and Q 9 ). Nega¬ 
tive feedback is applied from the output to the emitter of Q i via resistor R 2 . To find the closed- 
loop gain consider the small-signal equivalent circuit shown in Fig. 11.37. Here, we have 
replaced the second-stage common-emitter amplifier and the output stage with an invert¬ 
ing amplifier block with gain A. We shall assume that the amplifier A has high gain and 
high input resistance, and thus the input signal current into A is negligibly small. Under 
this assumption. Fig. 1 1 .37 shows the analysis details with an input signal v f applied to tiu 1 
inverting inp i rminal. The order ot the analysis steps is indicated by the circled numbers. 
Note that since the input differential amplifier has a relatively large resistance, Ry in the 
emitter circuit, most of the applied input voltage appears across R y In other words, the 
signal voltages across the emitter-base junctions of Q v Q „ Q y and Q 4 are small in compari¬ 
son to the voltage across R y Accordingly, the voltage gain can be found by writing a node 
equation at the collector of Q ( ; 


— + ~ — = 0 
*3 Ry 


2 R, 


R 


-50 V/V 


3 


which yields 
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11 '17 “ ng lhe ,0ta ' res,s,ance betwee “ *e collector of & and ground by show, using Fig. 11.37. 


V 


V < 


-2 R,/R 


3 


1 +(R 2 /AR) 


which reduces to ( 2 R 2 / /? 3 ) under the condition that AR R 



As was demonstrated in Chapter 10, one of the advantages of negative feedback is the 
reduction of nonlinear distortion. This is the case in the circuit of the LM380. 

The LM380 is designed to operate from a single supply F s . in the range of 12 V to 22 V. 
The selection of supply vtdtag dept. Is on the value of R t and the required output power P, 
The manufacturer supplies turves tor the dc ce power dissipation versus output power 
for a given load resistance and various supply voltages. One such set of curves for R l — 8 Q 
is shown in Fig. 11,38. Note the similarity to the class B power dissipation curve of Fit | | s 
In fact, the reader tan easily verity that the location and value of the peaks of the curves 
in Fig. 11.38 are accurately predicted by Eqs. (11.20) and (11.21), respectively (where 
v cc = j V s )• The Iine labeled “3% distortion level” in Fig. 11.38 is the locus of the points on 
the various curves at which the distortion (THD) reaches 3%. A THD of 3% represents the 
onset of peak clipping due to output-transistor saturation. 

The manufacturer also supplies curves tor maximum power dissipation versus temperature 
(derating curves) similar to those discussed in Section 11.7 for discrete power transistors. 



Output power (W) 

Pi9ure 11.38 Power dissipation (P/>) versus output power (P L ) tor the LM380 with R { — <S Q. (Courtesy 
National Semiconductor Corporation.) 
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S 


11.18 The manufacturer specifies that for ambient temperatures below 25°C the LM380 can dissipate a 
maximum of 3.6 W. This is obtained under the condition that its dual-in-line package be soldered 
onto a printed-circuit board in close thermal contact with 6 square inches of 2-ounce copper foil 
Above T a = 25°C, the thermal resistance is 0 M = 35°CAV. T Jmx is specified to be 150°C. Find the 
maximum power dissipation possible if the ambient temperature is to be 50°C. 

Arts. 2.9 W 

011.19 It is required to use the LM380 to drive an 8-Q loudspeaker. Use the curves of Fig. 11.38 to determine 
the maximum power supply possible while limiting the maximum power dissipation to the 2.9 W de¬ 
termined in Exercise 11.1 8 . If for this application a 3% THD is al lowed, find P L and the peak-to-peak 

output voltage. 

Ans. 20 V;4.2 W; 16.4 V 


11.9.2 Power Op Amps 

Figure 11.39 shows the general structure of a power op amp. It consists of a low-power op 
amp followed by a class AB buffer similar to that discussed in Section 11.8.1. The buffer 
consists of transistors Q v Q t , Q y , and Q 4 , with bias resistors R } and R 2 and emitter degeneration 
resistors J? 5 and R lt . The buffer supplies the required load current until the current increases to 
the point that the voltage drop across R . (in the current-sourcing mode) becomes sufficiently 
large to turn Q s on. Transistor Q 5 then supplies the additional load current required. In the cur¬ 
rent-sinking mode, Q a supplies the load current until sufficient voltage develops across J? 4 to 
turn Q h on. Then, Q b sinks the additional load current. Thus the stage formed by Q 5 and Q b acts 
as a current booster. 1 he power op amp is intended to be used with negative teedbackin the 
usual closed-loop configurations. A circuit based on the structure of Fig. 11.39 is commer¬ 
cially available from National Semiconductor as LH0101. This op amp is capable of provid¬ 
ing a continuous output current of 2 A. and with appropriate heat sinking can provide 40 W of 
output power (Wong and Johnson, 1981). The LH0101 is fabricated using hybrid thick-film 
technology. 


11.9.3 The Bridge Amplifier 

We conclude this section with a discussion of a circuit configuration that is popular in high 
power applications. This is the bridge-amplifier configuration shown in Fig. 11.40 utilizinj 
two power op amps. A, and A 2 . While A, is connected in the noninverting configurate 
with a gain A = 1 + {R 2 / /?i), A, is connected as an inverting amplifier with a gain of eq 113 
magnitude A = R 4 /R j, The load R L is floating and is connected between the output temii 
nals of the two op amps. 

If is a sinusoid with amplitude V. . the voltage swing at the output of each op amp _ 
be ±K V., and that across the load will'be ±2KV. Thus, with op amps operated from ±1-' 
supplies and capable of providing, say a ±12-V output swing, an output swing ^ 
be obtained across the load ot the bridge amplifier. 
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+ v cc 



T t t 

Fee 


Figure 11.39 Structure of a power op amp. The circuit consists of an op amp followed by a class AB 
buffer similar to that discussed in Section 11.8.1. The output current capability of the buffer, consisting of 
Qi, Qt Qv anc l Qv 1S further boosted by Q s and £9„- 



figure 11.40 The bridge-amplifier configuration. 
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In designing bridge amplifiers, note should be taken of the tact that the peak current 
drawn from each op amp is 2 KV./Ri . This effect can be taken into account by considerinc 

the load seen by each op amp (to ground) to be R L / 2. 



the voltage gain and the input resistance. The power supply used is ±18 V. Ifi>, is a 20-V peak-to-peak 
sine wave, what is the peak-to-peak output voltage? What is the peak load current? What is the load 

power? 


Ans. 3 V/V: 10 k<2i; 60 V; 3.75 A; 56.25 W 



© 11.10 MOS Power Transistors 

In this section we consider the structure, characteristics, and application of a special ty pe of 
MOSFET suitable for high-power applications. 


11.10.1 Structure of the Power MOSFET 

I'he MOSFET structure studied in Chapter 5 (Fig. 5.1) is not suitable for high-power 
applications. To appreciate this fact, recall that the drain current of an ^/-channel Mt SFET 
operating in the saturation region is given by 


i 


D 



(11.79) 


It follows that to increase the current capability of the M( iSFET, its width 11 should be 
made large and its channel length L should be made as small as possible. Unfortunately, 
however, reducing the channel length of the standard MOSFET structure results in a 
reduction in its breakdown voltage. Specifically, the depletion region of the reverse-biased 
body-to-drain junction spreads into the short channel, resulting in breakdown at a relatively 
low voltage. Thus the resulting device would not be capable of handling the high voltages 
typical of power-transistor applications. For this reason, new structures had to be found tor 
fabricating short-channel 1 1- to 2-fim) MOSFETs with high breakdown voltages. 

At the present time the most popular structure for a power MOS I I I is the double 
did used or DO OS transistor shown in Fig. 11.41. As indicated, the device is fabricated on 
a lightly doped n-type substrate with a heavily doped region at the bottom for the dram con¬ 
tact, Two diffusions 4 are employed, one to form the y?-type body region and another to torm 


the Ai-type source region. 

The DMOS device operates as follows. Application of a positive gate voltage, v GS . greater 
than the threshold voltage /induces a lateral /? channel in the p -type body region ufldernca 
the gate oxide. The resulting channel is short; its length is denoted L in Fig. 11,41. Currentr 
then conducted by electrons from the source moving through the resulting short channe ^ 
the substrate and then vertically down the substrate to the drain. This should be contras 
with the lateral current flow in the standard small-signal MOSFET structure (Chapter->• 


See Appendix A for a description of the IC fabrication process. 
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Source 
o— 


Gate 



Drain 


Figure 11.41 Double-diffused vertical MOS transistor (DMOS: 


Even though the DMOS transistor has a short channel, its breakdown voltage can be very 
high (as high as <>"0 \ ), This is because the depletion region between the substrate and the 
body extends mostly in the lightly doped substrate and does not spread into the channel The 
result is a MOS transistor that simultaneously has a high current capability (50 A is possible) 
as well as the high breakdown voltage just mentioned. Finally', we note that the vertical struc¬ 
ture of the device provides efficient utilization of the silicon area. 

An earlier structure used for power MOS transistors deserves mention. This is the V-groove 

t*--' 

MOS device [see Sevems (1984)]. Although still in use, the V-groov e MOSFET has lost appli¬ 
cation ground to the vertical DM* >S structure of Fig. 11.41, except possibly for high-frequency 
applications. Because of space limitations, we shall not describe the V-groove MOSFET. 


11.10.2 Characteristics of Power MOSFETs 


In spite of their radically different structure, power MOSFETs exhibit characteristics that 
are quite similar to those of the small-signal MOSFETs studied in Chapter 5. Important dif¬ 
ferences exist, however, and these are discussed next. 

Power MOSFETs have threshold voltages in the range of 2 V to 4 V. In saturation, the 
drain current is related to v cs by the square-law characteristic of Eq. (1 1.80). However, as 
shown in Fig. 1 1.42, the i D -v as characteristic becomes linear for larger values of v GS . The lin¬ 
ear portion of the characteristic occurs as a result of the high electric field along the short 
channel, causing the velocity of charge carriers to reach an upper limit, a phenomenon 
known as velocity saturation '. The linear i D —v a:s relationship implies a constant g ni in the 

velocity-saturation region. 


The i D —v G <, characteristic shown in Fig. 11.42 includes a segment labeled “subthreshold. 

Though of little significance for power devices, the subthreshold region ot operation is of 

■ 


irilprpvr m 










t * * 1 / 

. » I . ■«.. Mlm * i rt £ 




in „ i- ■ C i m 


Velocity saturation occurs also in standard MOSFET structures when the channel length is in the sub¬ 
micron range. We shall discuss velocity saturation in some detail in Section 13.5. 
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(Subthreshold) 


Figure 11.42 Typical i D -v GS characteristic for a power MOSFET. 

11.10.3 Temperature Effects 

Of considerable interest in the design of MOS power circuits is the variation of the MOSFET 
characteristics with temperature, illustrated in Fig. 11.43. Observe that there is a value of u GS (in 


i D (A) 1 


5.0 


4.0 


3.0 


2.0 


1.0 


0 


F ds = +15 V 



+ 125°C 


1.0 


2.0 


3.0 


Zero-temperature 
coefficient point 


—55°C 


+25° C 


4.0 


5.0 vqs (V) 


Figure 11.43 The i D —v GS characteristic curve of a power MOS transistor (1RF 630, Siliconix) atca 
peratures of-55°C, +25°C, and +I25°C. (Courtesy of Siiiconix Inc.) 
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the range of 4 V to 6 V for most power MOSFETs) at which the temperature coefficient of i, is 
zero. At higher v ues of v c ^ G exhibits a negative temperature coefficient. This is a significant 

j . J^f* p i | ' * 4 | ■ ^ ^ the zero-temperature-coefficient point 

docs not sutler from the possibility (4’ thermal runaway. This is not the case, however, at low 

currents (i.e., lower than the zero-temperature-coefficient point). In the (relatively) low-current 
region, the temperature coefficient ot i D is positive, and the power MOSFET can easily suffer 

thennal runaway (with unhappy consequences). Since class AB output stages are biased at low 
currents, meons must be provided to guurd sgsinst themicd runaway 

The reason for the positive temperature coefficient of /„ at low currents is that v = 
* v gs ~ ^\) ls el> low, and the temperature dependence is dominated by the negative 
temperature coefficient of V t (in the range of -3 mV/°C to -6 mV/°C) which causes v to 
rise with temperature. ov 


11.10.4 Comparison with BJTs 

The power M )SFET does not suffer from second breakdown, which limits the safe operating 
area ot BJTs. Also, [ wet MOSFETs do not require the large dc base-drive currents ol 
power BJTs, Note, however, that the driver stage in a MOS power amplifier should be capable 
of supplying sufficient current to charge and discharge the MOSFET’s large and nonlinear 
input capacitance in the time allotted. Finally, the power MOSFET features, in general, a 
higher speed of operation than the power BJT. This makes MOS power transistors especially 
suited to switching applications—for instance, in motor-control circuits. 


11.10.5 A Class AB Output Stage Utilizing Power MOSFETs 

As an application ot power MOSFETs, we show in Fig. 11.44 a class AB output stage utilizing 
a pair ot complementary MOV FTs and employing BJTs for biasing and in the driver stage. 
I he latter consists of complementary Darlington emitter followers formed by Q x through Q 4 
and has the low output resistance necessary' for driving the output MOSFETs at high speeds. 

Ot special interest in the circuit of Fig. 11.44 is the bias circuit utilizing two V SE multipli¬ 
ers formed by Q 5 and Q t and their associated resistors. Transistor Q h is placed in direct ther¬ 
mal contact with the output transistors; this is achieved by simply mounting Q b on their 
common heat sink. Thus, by the appropriate choice of the V BE multiplication factor of Q h . the 
bias voltage V GC (between the gates of the output transistors) can be made to decrease with 
temperature at the same rate as that of the sum of the threshold voltages ( V tS + | V tP |) of the 
output M( >S1 I Fs. In this way the overdrive voltages and hence the quiescent current of the 
output transistors can be stabilized against temperature variations. 

Analytically, V GG is given by 


Vgc = 11 + 


R 


3 


*4 




V - 41 

y BES H y 


/ 

BE 


Since V BEf> is thermally coupled to the output devices while the other BJTs remain at con 
stant temperature, we have 


dr 



which is the relationship needed to determine Ry/R\ so that = 3(f^v + Kp\)' 

The other V Bt multiplier is then adjusted to yield the value ot V GG required tor the desired 

quiescent current in Q N and Q p . 
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+ Vcc 

♦ i 



f 


Figure 11.44 A class AB amplifier with MOS output transistors and BJT drivers. Resistor/?, is adjusted to 
provide temperature compensation while /?, is adjusted to yield the desired value of quiescent current in the output 
transistors. Resistors R c are used to suppress parasitic oscillations at high frequencies. Typically, R c = 100 Q. 



11.21 


11.22 


For the circuit in Fig, 11.44, find the ratio R/R A that provides temperature stabilization of the qui¬ 
escent current in Q s and Q p . Assume that Vi changes at —3 mV/°C and that <)V 8E /dT = -2 mV/ C. 
Ans. 2 

For the circuit in Fig. II .44 assume that the BJTs have a nominal V Bt of 0.7 V and that the MOS- 
FETs have | V t \ = 3 V and fi n C ox ( W/L) = 2 A/V. It is required to establish a quiescent current of 
10F mA in the output stage and 20 mA in the driver stage. Find \V GS \ , V CG > R , and R } /R t Use 

the value of R y /R A found in Exercise 11.21. Assume that the MOSFETs are represented by 
square-law i 0 -u cs characteristics. 

Ans. 3.32 V; 6.64 V; 332 Q; 9.5 
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Summary 

m Output stages are classified according to the transistor 
conduction angle: class A (360°), class AB (slightly 
more than 180°), class B (180°), and class C (less than 
180°). 

■ The most common class A output stage is the emitter 
follower. It is biased at a current greater than the peak 
load current. 

■ The class A output stage dissipates its maximum power 
under quiescent conditions (v 0 = 0). It achieves a maxi¬ 
mum power-conversion efficiency of 25%. 

■ The class B stage is biased at zero current, and thus dis¬ 
sipates no power in quiescence. 

m The class B stage can achieve a power conversion effi¬ 
ciency as high as 78.5%. It dissipates its maximum 
power for V Q - (2/71) V cc . 

m The class B stage suffers from crossover distortion. 

a The class AB output stage is biased at a small current; 
thus both transistors conduct for small input signals, 
and crossover distortion is virtually eliminated. 

a Except for an additional small quiescent power dissipa¬ 
tion, the power relationships of the class AB stage are 
similar to those in class B. 

■ fo guard against the possibility of thermal runaway, the 
bias voltage of the class AB circuit is made to vary with 
temperature in the same manner as does V BE of the out¬ 
put transistors. 

■ The classical CMOS class AB output stage suffers from 
reduced output signal-swing. This problem can be over¬ 
come by replacing the source-follower output transis¬ 
tors with a pair of complementary devices operating in 
the common-source configuration. 

■ The CMOS class AB output stage with common-source 
transistors allows the output voltage to swing to within 
an overdrive voltage from each of the two power 


supplies. Utilizing error amplifiers in the feedback path 
ot each of the output transistors reduces both the output 
resistance and gain error of the stage. 

To facilitate the removal of heat from the silicon chip, 
power devices are usually mounted on heat sinks. The 
maximum power that can be safely dissipated in the 
device is given by 


T - T 
m 


f>max 


Ojq + Or c + 0 


CS 


f SA 


where T Jma and $ JC are specified by the manufacturer, 
while 0 i S and 0^ depend on the heat-smk design. 

Use of the Darlington configuration in the class AB out¬ 
put stage reduces the base-current drive requirement. In 
integrated circuits, the compound pup configuration is 
commonly used. 

Output stages are usually equipped with circuitry that, 
in the event of a short circuit, can turn on and limit the 
base-current drive, and hence the emitter current, of the 
output transistors. 

IC power amplifiers consist of a small-signal voltage 
amplifier cascaded with a high-power output stage. 
Overall feedback is applied either on-chip or 
externally. 

1 he bridge amplifier configuration provides, across a 
floating load, a peak-to-peak output voltage w'hich is 
twice that possible from a single amplifier with a 
grounded load. 

The DM OS transistor is a short-channel power device 
capable of both high-current and high-voltage opera¬ 
tion. 


The drain current of a power MOSFET exhibits a posi¬ 
tive temperature coefficient at low currents, and thus the 
device can suffer thermal runaway. At high currents the 
temperature coefficient of i D is negative. 







































































































Computer Simulation Problems 


_ Problems identified by this icon are intended to dem¬ 
onstrate the value of usinti SPICE simulation to verify hand 


SIM 


analysis and design, and to investigate important issues such 
as allowable signal swing and amplifier nonlinear distortion. 
Instructions to assist in setting up PSpice and Multism simu¬ 
lations for all the indicated problems can be found in the 
corresponding files on the disc. Note that if a particular 
parameter \alue is not specified in the problem state! lent, 
you are to make a reasonable assumption. 

* difficult problem; ** more difficult; *** very challenging 
and/or time-consuming; D; design problem. 


Section 11.2: Class A Output Stage 

11.1 A class A emitter follower, biased using the circuit 
shown in Fig. 11.2, uses V a = 5 V, R = R L = I kQ, with all 
transistors (including Qa identical. Assume V BE - 0.7 V, 

I, £ = 0.3 V, and /? to be very large. For linear operation, 

what are the upper and lower limits of output voltage, and 
the corresponding inputs? How do these values change if the 
emitter-base junction area of Q y is made twice as big as that 
of Qp. Half as big? 

11.2 A source-follower circuit using NMOS transistors is 
constructed following the pattern shown in Fig. 11.2. All 
three transistors used are identical, with 1= 1 V and 
M n C m W/L =20 mA/V : ; V cc = 5 V, R = R L = 1 kO. For linear 
operation, what are the upper and lower limits of the output 
voltage, and the corresponding inputs? 

D 11.3 Using the follower configuration shown in Fig. 11.2 
with ±9-V supplies, provide a design capable of ±7-V out¬ 
puts with a l-kil load, using the smallest possible total sup¬ 
ply current. You are provided with four identical, high-/? 
BJTs and a resistor of your choice. 

D 11.4 An emitter follower using the circuit of Fig. 11.2, 
for which the output voltage range is ±5 V, is required using 
K c = *0 V. The circuit is to be designed such that the cur¬ 
rent variation in the emitter-follower transistor is no greater 
than a factor of 10, for load resistances as low as 100 £1 
What is the value of R required? Find the incremental volt¬ 
age gain of the resulting follower at v 0 = +5. 0, and -5 V. 

with a 100-fl load. What is the percentage change in gain 
over this range of v a J 

'11.5 Consider the operation of the follower circuit of 
Fig. 11.2 for which R, = V cc //, when driven by a square 
wave such that the output ranges from + f' r to -V L (ignoring 
V CEsat ). F° r this situation, sketch the equivalent of Fig. 11.4 f or 
1 Vr V, ’ and p or Repeat for a square-wave output that has peak 
levels ot ^Vqq/2. What is the average power dissipation in 
Q\ i in ea ch case? Compare these results to those for sine 
waves of peak amplitude V cc and V cc /2 t respectively. 


11.6 Consider the situation described in Problem IM 
square-wave outputs having peak-to-peak values of 21 ^ 
f'c P and for sme waves of the same peak-to-peak val^' S 
the average power loss in the current-source transistor£> ™ 

11.7 Reconsider the situation described in Exercise ||]i 
variation in V cc — specifically for V cc = 16 V, 12 V m 

and 8 V. Assume V CEial is nearly zero. What is the power- 
conversion efficiency in each case? 


Section 11.3: Class B Output Stage 

11.8 Consider the circuit of a complementary-BJT cU b 
output stage. For what amplitude of input signal does the 
crossover distortion represent a 10% loss in peak amplitude 1 


11.9 Consider the feedback configuration with a class B 
output stage shown in Fig. 11.9. Let the amplifier gain .l = 


1UU v/v. Derive an expression tor v G versus v,, assuming 

that \ V BE \ = 0.7 V. Sketch the transfer characteristic ^ver¬ 
sus v r and compare it with that without feedback. 


SIM 


11.10 Consider the class B output stage, using 
enhancement MOSFETs, shown in Fig. PH. 10. Lei the 
deviceshave \V\ = 0.5 V and uC. n W/L - 2 mA/V 2 . With 


a 10-kHz sine-wave input of 5-V peak and a high value of 
load resistance, what peak output would you expect 1 ’ What 
fraction of the sine-wave period does the crossover interval 
represent? For what value of load resistor is the peak output 
voltage reduced to half the input? 


+ 5 V 

1 

'U Q < 


l(?L Qi 


t 

-5 V 

Figure P11.10 


11.11 Consider the complementary-BJT class B output 
and neglect the effects of finite V BE and 1‘ or " 
power supplies and a 100-Q load resistance, what is the nil 

mum sine-wave output power available ? What supply I® 
corresponds? What is the power-conversion efficiency- * 
output signals ol' half this amplitude, find the output po 
the supply power, and the power-conversion efficiency- 

_ _ + c.v suDpl* es 

D 11.12 A class B output stage operates from — ^ 

Assuming relatively ideal transistors, what is the output 
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for maximum power-conversion efficiency? What is the output 
voltage for maximum device dissipation? If each of the output 
devices is individually rated for 1-W dissipation, and a factor- 
of-2 safety margin is to be used, what is the smallest value of 
load resistance that can be tolerated, if operation is always at 
full output voltage? If operation is allowed at half the full out¬ 
put voltage, what is the smallest load permitted? What is the 
greatest possible output power available in each case? 

D 11.13 A class B output stage is required to deliver an average 
power of 100 W into a 16-Q load. The power supply should be 4 
V greater than the corresponding peak sine-wave output voltage. 
Determine the power-supply voltage required (to the nearest 
volt in the appropriate direction), the peak current from 
each supply, the total supply power, and the power-conver¬ 
sion efficiency. Also, determine the maximum possible 
power dissipation in each transistor for a sine-wave input. 

11.14 Consider the class B BJT output stage with a square- 
wave output voltage of amplitude V„ across a load R L and 
employing power supplies ±1^. Neglecting the effects of 
finite V BE and V CEisa , determine the load power, the supply 
power, the power-conversion efficiency, the maximum 
attainable power-conversion efficiency and the correspond¬ 
ing value of V a , and the maximum available load power. 
Also find the value of L, at which the power dissipation in 
the transistors reaches its peak, and the corresponding 
value of power-conversion efficiency. 


Section 11.4: Class AB Output Stage 

D 11.15 Design the quiescent current of a class AB BJT 
output stage so that the incremental voltage gain for v, in the 
vicinity of the origin is in excess of 0.98 V/V for loads 
larger than 100 Q. Assume that the BJTs have V BE of 0.7 V at a 
current of 100 mA and determine the value of V BB required. 


11.16 For the class AB output stage considered in Example 
11.3. add two columns to the table of results as follows: the 
total input current drawn from v, ( i, , mA); and the large-sig¬ 
nal input resistance R m — v /0 - Assume Pf/ — Pp ~ 
P = 49. Compare the values of R in to the approximate value 
obtained using the resistance reflection rule, R m — pR L . 


11.17 In this problem we investigate an important trade-ofl 
in the design of the class AB output stage of Fig. 11.11: 
Increasing the quiescent current Iq reduces the nonlinearity 
of the transfer characteristic at the expense of increased qui¬ 
escent power dissipation. As a measure of nonlinearity, we 
use the maximum deviation of the stage incremental gain, 
which occurs at v Q = 0 , namely 



(a) Show that e is given by 



V T ^h 

R, + ( Vj/2 Iq) 


xxhich tor 2IqR l > V T can be approximated by 


£ = V t /2I q R l 


(b) It the stage is operated from power supplies of ±2 V cc , 
tmd the quiescent power dissipation. P D . 

(c) Show that tor given V cc and R { , the product of the qui¬ 
escent power dissipation and the gain error is a constant 
given by 






(d) For - 15 V and R/ ~ l()i) Q, find the required 
values of P D and I Q if £ is to be 5%, 2%, and 1%. 

"11,18 A class AB output stage, resembling that in Fig. 11.11 
but utilizing a single supply of +10 V and biased at V, = 6 V, 
is capacitively coupled to a 100-Q load. For transistors for 
which j V BE | = 0.7 V at 1 mA and for a bias voltage V BB = 
1.4 V, what quiescent current results? For a step change in 
output from o to -1 V, what input step is required? Assum¬ 
ing transistor saturation voltages of zero, find the largest 
possible positive-going and negative-going steps at the 
output. 


Section 11.5: Biasing the Class AB Circuit 

D 11.19 Consider the diode-biased class AB circuit of 
Fig. 11.14. For / mAs = 100 pA, find the relative size («) that 
should be used for the output devices (in comparison to the 
biasing devices) to ensure that an output resistance of 10 Q or 
less is obtained in the quiescent state. Neglect the resistance 
of the biasing diodes. 

D 11.20 A class AB output stage using a two-diode bias 
network as shown in Fig. 11.14 utilizes diodes having the 
same |unction area as the output transistors. For V cc = 10 V, 
/ aiAS = 0.5 mA, R l = 100 a, p N = 50, and | f C£sal | = 0 V, 
what is the quiescent current? What are the largest possible 
positive and negative output signal levels? I'o achieve a pos¬ 
itive peak output level equal to the negative peak level, what 
value of p s is needed if / B1AS is not changed? What v alue of 
/ 0|AS is needed if is held at 50? For this value, what does 

I become? 

**11,21 A class AB output stage using a two-diode bias 
network as shown in Fig. 11.14 utilizes diodes having the 
same junction area as the output transistors. At a room tem¬ 
perature of about 20°C the quiescent current is l mA and 
V BE \ - 0.6 V. Through a manufacturing error, the thermal 
coupline between the output transistors and the biasing 
diode-connected transistors is omitted. After some output 
activity, the output devices heat up to 70°C while the bias- 
ing devices remain at 20°C. Thus, while the \ BE ol each 
device remains unchanged, the quiescent current in the out¬ 
put devices increases. To calculate the new current value, 
recall that there are two effects: l s increases by about 
14%/°C and V T = k T/q changes, where T = (2 73’ + 
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temperature in °C), and V T = 25 mV only at 20°C. However, 
you may assume that ft K remains almost constant. This 
assumption is based on the fact that ft increases with tem¬ 
perature but decreases with current. What is the new value 
of IqI If the power supply is ±20 V, what additional power 
is dissipated? If thermal runaway occurs, and the tempera¬ 
ture of the output transistors increases by 10°C for every 
watt of additional power dissipation, w hat additional tem¬ 
perature rise and current increase result? 

D 11.22 Repeat Example 11.5 for the situation in which the 
peak positive output current is 200 mA. Use the same gen¬ 
eral approach to safety margins. What are the values of R y 
and /?, you have chosen? 

**11.23 A V BE multiplier is designed with equal resistances 
for nominal operation at a terminal current of 1 mA. with 
half the current flowing in the bias network. The initial 
design is based on and V BE - 0.7 V at 1 mA. 

(a) Find the required resistor values and the terminal voltage. 

(b) ,: ind the terminal voltage that results when the terminal 
current increases to 2 mA. Assume ft- 

<c) Repeat < b) for the case the terminal current becomes 10 mA. 
(d) Repeat (c) using the more realistic value of ft = 100. 


Section 11.6: CMOS Class AB Output Stages 


D 11.24 (a) Show that for the class AB circuit in Fig. 11.17, the 
small-signal output resistance in the quiescent state is given by 



1 


8mn + Smp 


which for matched devices becomes 


2 

om 

(b) For a circuit that utilizes MOSFETs w ith \V,\ = 0.7 V 

and k'(W/L) — 200 mA/V", find the voltage V GG that 
results in R oui = 10 Q. 

D 11.25 (a) For the circuit in Fig. 11.17 in which Q , and Q 2 
are matched, and Q N and Q p are matched, show that the 
small-signal voltage gain at the quiescent condition is given by 

— = Hi 

V i R L + ( 2/ g m ) 

where 8m > s the transconductance of each of and Q,. 
and where channel-length modulation is neglected. 

(b) For the case / BIAS = 0.1 mA. R, = 1 kQ, k n = k = 
nk x “ nk„ where k=pCJW/L), and A', = 20 mA/V 2 , find 
the ratio n that results in an incremental gain of 0.98. Also find 
the quiescent current Ig. 


D 1.26 Design the circuit of Fig. 11.17 to operate at / ,= 
1 mA with / BIAS = 0.1 mA. Let p n C ox = 250 pA/V 2 , 


= I"" HA/V, V„ = -V lp =0.45 V.and V 
V ss = 2.5 V. Design so that Q, and Q, are match “' 

Qn and Qp are matched, and that in the quiescent 
each operates at an overdrive voltage of 0.2 V ^ 

(a) Specify the W1L ratio for each of the four transistors 
(b> In the quiescent state with v Q = 0, what must v be? 

(c) If Q n required to supply a maximum load current of 
10 mA, find the maximum allowable output voltage 
Assume that the transistor supplying / B1AS needs a mint 
mum of 0.2 V to operate properly. 

11.27 For the CMOS output stage of Fig. H .19 ^ 
Ig = 3 mA, \V m \ = 0.15 V for each of Q p and Q s , a t 
the quiescent point, and ju = 5, find the output resistance 

the* nni^uvnl nninf 


at the quiescent point. 

11.28 (a) Show that for the CMOS output stage of Fig. 11.19, 

R 


Gain error 


out 


Rl 


(b) For a stage that drives a load resistance of 100 ft with a 
gain error of less than 5%, find the overdrive voltaqe at 
which Q P and Q x should be operated. Let l v - I mA 
and fl - 10 . 

D 11.29 It is required to design the circuit of Fig. 11.19 to drive 
a load resistance of 50 £2 while exhibiting an output resistance, 
around the quiescent point, of 2.5 Q. Operate Q lX and Q P at 
/, ; = 1.5 mA and 11 G = 0,15 V. The technology utilized 
is specified to have k'= 250 |iA/V“, k' = 100 gA/V\ 
Kn = -K P = °- 5 V,and = 2.5 V. 


(a) Specify ( IV/L) for each of Q N and Q P . 

(b) Specify the required value of //. 

(ci What is the expected error in the stage gain : 1 

(d) In the quiescent state, what dc voltage must appear at the 

output of each of the error amplifiers? 

{e) At what value of positive v 0 will Qp be supplying all 
the load current? Repeat for negative Vq and Q\ supplying 
all the load current. 

(0 What is the linear range of v 0 ? 


Section 11.7: Power BJTs 

D 11.30 A particular transistor having a thermal resi 
tance Q u = 2°C/W is operating at an ambient temperaiu 

ol 30°C with a collector-emitter voltage of 20 V, If l° r 

f 1 

life requires a maximum junction temperature 0 

9 What 

what is the corresponding device power rating. ^ 
the greatest average collector current that should 
considered? 

11.31 A particular transistor has a power rating at -- 

200 mW, and a maximum junction temperature of 

What is its thermal resistance? What is its powerjfl 

, 7n o r? What 

when operated at an ambient temperature 01 ' 
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its junction temperature when dissipating 100 mW at an 
ambient temperature of 50°C? 

11.32 A powei transistor operating at an ambient temperature 
of 50°C, and an average emitter current of 3 A, dissipates 30 
W. If the thermal resistance of the transistor is known to be less 
than 3 °C/W, what is the greatest junction temperature you 
would expect? If the transistor V aE measured using a pulsed 
emitter current of 3 A at a junction temperature of 25°C is 
0.80 V, what average V BE would you expect under normal oper¬ 
ating conditions? (Use a temperature coefficient of-2 mV/°C.) 

11.33 For a particular application of the transistor specified 
in Example 11.7, extreme reliability is essential. To improve 
reliability, the maximum junction temperature is to be lim¬ 
ited to 100°C. What are the consequences of this decision 
for the conditions specified? 

11.34 A power transistor is specified to have a maximum 
junction temperature of 130 C. When the device is operated 
at this junction temperature with a heat sink, the case temper¬ 
ature is found to be 90' O. The case is attached to the heat 
sink with a bond having a thermal resistance 9 CS = 0.5°C/W 
and the thermal resistance of the heat sink 9 U - 0.I°CAV. If 
the ambient temperature is 30°< what is the power being 
dissipated in the device? What is the thermal resistance of 
the device, 8 JC , from junction to case? 

11.35 A power transistor for which r /nm = 180°C can dissi¬ 
pate 50 W at a case temperature of 50°C. If it is connected to 
a heat sink using an insulating washer for which the thermal 
resistance is 0.6 CAV, what heat-sink temperature is 
necessary to ensure safe operation at 30 W? For an ambient 
temperature of 39°C, what heat-sink thermal resistance is 
required? If, for a particular extruded-aluminum-finned heat 
sink, the thermal resistance in still air is 4.5°C/W per centi¬ 
meter of length, how long a heat sink is needed? 

Section 11.8: Variations on the Class AB 
Configuration 

11.36 Use the results given in the answer to Exercise 11.14 
to determine the input current of the circuit in Fig. 11.30 for 
v, = 0 and ±10 V with infinite and 100-U loads. 

11.37 For the circuit in Fig 11.30 when operated near 
Vf = 0 and fed with a signal source having zero resistance, 
show that the output resistance is given by 

*„ut ~ ^1^3 + r e3 + II r <?l ^ (A +1)1 

Assume that the top and bottom halves of the circuit are per¬ 
fectly matched. 

D ’11.38 Consider the circuit of Fig. 11.30 in which 
a nd Q 2 are matched, and Qj and Q x are matched but have 



three times the junction area of the others. For f ? = 10 V 
find values for resistors /?, through R x which allow for a base 
Lurrent ot at least 10 mA in Q 3 and at v } = +5 V (when a 
loud demands it) with at most a 2 -to-l variation in currents in 
Q i and Q v and a no-load quiescent current of 40 mA in Q 3 
and (7 4 ; 2 > 150, and /?, 4 > 50. For input voltages around 

0 V, estimate the output resistance of the overall follower 


driven by a source having zero resistance. For an input volt¬ 
age ot +1 V and a load resistance of 2 Q, what output voltage 
results > Q x and Q 2 have 1 V BE of 0.7 V at a current of 10 mA. 


11. :’9 Figure PI 1.39 shows a variant of the class AB circuit 
ot Fig. 11,30. Assume that all tour transistors are matched 

and have ft - 100 . 



—C 



Figure P11.39 


(a) For Vj - 0, find the quiescent current in Qy and Q 4 , the 
input current i ,, and the output voltage v v . 

(b) Since the circuit has perfect symmetry, the small-signal per¬ 
formance around v { = 0 can be determined by considering 
either the top or bottom half of the circuit only. In this case, the 
load on the half-circuit must be 2R L . the input resistance found 
is 2/? m , and the output resistance found is 2R ouV Using this 
approach, find R in , v 0 /v, , and R oul (assuming that the circuit is 
fed with a zero-resistance source). 

11.40 For the Darlington configuration shown in Fig. 
11.31, show that for /?, > 1 and/? 2 ^ 1: 

(a) The equivalent composite transistor has ft — ft\ft?_• 

(b) If the composite transistor is operated at a current / t . then 

w iH be operating at a collector current approximately 
























































CHAPTER 11 PROBLEMS 


972 Chapter 11 Output Stages and Power Amplifiers 


equal to 7 C , and Q i will be operating at a collector current 
approximately equal to l c /fi 2 - 

(c) The composite transistor has a V BE — 2 Vj In (I E /I S ) 
-V T \n(fi 2 ) . where I s is the saturation current of each of 

0 1 and Q 2 . 

(d) The composite transistor has an equivalent 

r x — 2 fi\ fiii V’t/Iq). 

(e) The composite transistor has an equivalent 

Sm ~ l^ c// ^ T 

*11.41 For the circuit in Fig. PI 1.41 in which the transistors 
have V BE = 0.7 V and fi = 100: 


+ 5 V 

A 





Figure P11.41 


(a) Find the dc collector current for each of 0, and Q-,. 

(b) Find the small-signal current i t that results from an 
input signal v t , and hence find the voltage gain v 0 /v , 

(c) Find the input resistance R 


v * 


11.42 The BJTs in the circuit of Fig. PI 1.42 have 


= 10. = 100,1 V BE \ = 0.7 V, and \V A \ = 100 V. 


(a) Find the dc collector current of each transistor and the 
value of V c . 

(b) Replacing each BJT with its hybrid-/rmodel, show that 


“ =*8m il'* 


fix ( r o2 


<c> Find the values of v /v and R 

ot m 



D *11.43 Consider the compound-transistor class AB out 
put stage shown in Fig. 11.33 in which Q 2 and Q_ are 
matched transistors with V BE = 0.7 V at 10 mA and f5- 100, 
Q\ an( ^ Q$ have V BE - 0.7 V at 1 -mA currents and /?= 100, and 

Qj has v eb = 0 7 v at a 1-mA current and (5~ 10. Design the 
circuit for a quiescent current of 2 mA in Q-, and Q I 

that is 100 times the standby base current in Q and a cur¬ 
rent in that is nine times that in the associated resistors. 
Find the values of the input voltage required to produce nut- 
puts of ±10 V for a 1-kQ ioad. Use V C( of 15 V. 


+ 10 V 



Figure P11.42 

11.44 Repeat Exercise 11.16 for a design variation in 
which transistor Q , is increased in size by a factor of 10, all 
other conditions remaining the same. 

11.45 Repeat Exercise 11.16 for a design in which the 
limiting output current and normal peak current are 50 mA 
and 33.3 mA. respectively. 

D 11.46 The circuit shown in Fig. PI 1.46 operates in a 
manner analogous to that in Fig. 11.35 to limit the output 
current from Q } in the event of a short circuit or other mis¬ 
hap It has the advantage that the current-sensing resistor if 
does not appear directly at the output. Find the value of R 
that causes Q 5 to turn on and absorb all of / K , AS - 2 mA. 
when the current being sourced reaches 150 mA For Q y 




I 


Figure P11.46 
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1= 1CT 14 A. If the normal peak output current is 100 mA, 
find the voltage drop across R and the collector current 
in Q y 

D 11.47 Consider the thermal shutdown circuit shown in 
Fig. 11.35. At 25°C, Z, is a 6.8-V zener diode with a TC of 
2 mV/°C, and Q t and Q 2 are BJTs that display V m of 0.7 V 
at a current of 100 pA and have a TC of -2 mV/°C. Design 
the circuit so that at 125 C, a current of 100 pA Hows in 
each of Q, and Q 2 . What is the current in Q 2 at 25°C? 

Section 11.9: 1C Power Amplifiers 

D 11.48 In the power-amplifier circuit of Fig. 11.36 two 
resistors are important in controlling the overall voltage 
gain. Which are they? Which controls the gain alone? 
Which affects both the dc output level and the gain? A new 
design is being considered in which the output dc level is 
approximately V s (rather than approximately ' V s ) with a 
gain of 50 (as before). What changes are needed? 

11.49 Consider the front end of the circuit in Fig. 11.36. 
For V s = 20 V, calculate approximate values fci the bias cur¬ 
rents in through Q h . Assume fi npri = 100, 0 pnp = 20, and 
\Vbe\ = 0.7 V. Also find the dc voltage at the output. 

11.50 It is required to use the LM380 power amplifier to drive 
an 8-C2 loudspeaker while limiting the maximum possible device 
dissipation to 1.5 W. Lise the graph of I : ig. 11.38 to determine the 
maximum possible power-supply voltage that can be used. (Lise 
only the given graphs; do not interpolate.) If the maximum 
allowed Tl! O is to be 3%, what is the maximum possible load 
power? Po deliver this power to the load what peak-to-peak out¬ 
put sinusoidal voltage is required? 

D 11.51 Consider the power-op-amp output stage shown in 
Fig. 11.39. Using a +15-V supply, provide a design that provides 
an output of ±11 V or more, with currents up to ±20 mA pro¬ 
vided primarily by Q , Lind Q t with a 10% contribution by and 
Q k , and peak output currents of I A at full output (+11 V). As the 
basis of an initial design, use /?= 50 and j V BE \ - 1 >.7 V lor all 
devices at all currents. Also use R $ = R b = 0. 




Figure P11.54 

amplifier circuit shown in Fig. 2.20b.) What is the gain 
v 0 /v/l For op amps (using ±!5-V supplies) that limit at 
±13 V, what is the largest sine wave you can provide across 
/t ? Using 1 kQ as the smallest resistor, find resistor values 
that make v 0 /v, = 10 V/V. Make sure that the signals at 
the outputs of the two amplifiers are complementary. 


11.52 For the circuit in Fig. PI 1.52, assuming all transis¬ 
tors to have large /?. show that i 0 = v/R. 1 This voltage- 
to-cuirent converter is an application of a versatile circuit 
building block known as the current conveyor; see Sedra 
and Roberts (1990)]. For 100, by what approximate per¬ 
centage is i a actually lower than this ideal value? 

D 11.53 For the bridge amplifier of Fig. 11.40, let R y = /? 3 = 
10 kU. Find /?, and R. to obtain an overall gain ot 10. 

D 11.54 An alternative bridge amplifier configuration, with 
high input resistance, is shown tn Fig. PI 1.54. (Note the sim¬ 
ilarity ot this circuit to the front end of the instrumentation 


Section 11.10: MGS Power Transistors 


11.55 Consider the design of the class AB amplifier 
Fig. 11.44 under the following conditions: |l'| - 2 V, 
2 W/L = 200 mA/V 2 , \V BE \ = 0.7 V, j3 is high, I QN = 

= 4 = 10 mA. 4, vs = 100 pA, Iq 5 = Iq& = ^bias^ 7, 
= R r the temperature coefficient ot V BE = -2 mV/ c C, 
d the temperature coefficient of F, = -3 mV/ v C in the 
w-cutrent region. Find the values ot R, R r /? 2 , R and R r 
isume @ 6 , Q { „ and Q N to be thermally coupled. (R 0 , used 
suppress parisitic oscillation at high frequency, is usu- 
y 100 L2 or so.) 































































































































































CHAPTER 12 



Introduction 975 

12.1 The Two-Stage CMOS Op Amp 976 

12.2 The Folded-Cascode CMOS Op 
Amp 991 

12.3 The 741 Op-Amp Circuit 1002 

12.4 DC Analysis of the 741 1006 

12.5 Small-Signal Analysis of the 741 1013 


12.6 Gain, Frequency Response, and Slew 
Rate of the 741 1026 

12.7 Modern Techniques for the Design of 
BJT Op Amps 1031 

Summary 1050 

Problems 1051 


IN THIS CHAPTER YOU WILL LEARN 


1. The design and analysis of the two basic CMOS op-amp architectures: 
the two-stage circuit and the single-stage, folded-cascode circuit. 

2. The complete circuit of an analog 1C classic: the 741 op amp. Though 40 

years old, the 741 circuit includes so many interesting and useful design 
techniques that its study is still a must. ^ 

3. Interesting and useful applications of negative feedback within op-amp 
circuits to achieve bias stability and increased CMRR. 

4. How to break a large analog circuit into its recognizable blocks, to be 

able to make the analysis amenable to a pencil-and-paper approach, 
which is the best way to learn design. Ts® 1 * 

5 . Some of the modern techniques employed in the design of low-voltage, 
single-supply BJT op amps. 

6 . Most importantly, how the different topics we learned about in the pre¬ 
ceding chapters come together in the design of the most important 
analog 1C, the op amp. 



Introduction 

In this chapter, we shall study the internal circuitry ot the most important analog IC, namely, 
the operational amplifier. The terminal characteristics and some circuit applications of op 
amps were covered in Chapter 2. Here, our objective is to expose the reader to some of the 
ingenious techniques that have evolved over the years lor combining elementary analog cir 
cuit building blocks to realize a complete op amp. We shall study both CMOS and bipolar 
op amps. The CMOS op-amp circuits considered find application primarily in the design of 
analog and mixed-signal \ LSI circuits. Because these op amps are usually designed with a 
specific application in mind, they can be optimized to meet a subset ot the list of desired 
specifications, such as high dc gain, wide bandwidth, or large output-signal swing. For 
instance, many CMOS op amps are utilized within an IC and do not connect to the outsi e 
terminals of the chip. As a result, the loads on their outputs are usually limited to sma 
capacitances of at most lew picofarads. Internal CMOS op amps therefore o not ne ^ 
have low output resistances, and their design rarely incorporates an output stage, so, l e 
op-amp input terminals are not connected to the chip terminals, there wi e n0 ® 

static charge damaging the gate oxide of the input MOSFETs. Hence, "1 CMOS op 
amps do not need input clamping diodes for gate protection and thus do not suffer from 
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leakage effects of such diodes. In other words, the advantage of near-infinite input ■ 
of the MOSFET is fully realized. resi $tance 

While CMOS op amps are extensively used in the design of VLS ! 
remains the device of choice in the design of general-purpose op amps. These are on 1 ^ 
are utilized in a wide variety of applications and are designed to fit a wide ran»e of s ec'fi ** 
tions. As a result, the circuit of a general-purpose op amp represents a compromise ' ^ 
many performance parameters. We shall study in detail one such circuit, the 741-type o 
Although the 741 has been available for nearly 40 years, its internal circuit remains as rel 3mP 
and interesting today as it ever was. Nevertheless, changes in technology have introduced ^ 
requirements, such as the need for general-purpose op amps that operate from a single power 
supply of only 2 V to 3 V. These new requirements have given rise to exciting challenges to 
op-amp designers. The result has been a wealth of new ideas and design techniques. We shall 
present a sample of these modem design techniques in the last section. 


In addition to exposing the reader to some of the ideas that make analog IC design such 

an exciting topic, this chapter should serve to tie together many of the concepts and methods 
studied thus far. 


12.1 The Two-Stage CMOS Op Amp 

The first op-amp circuit we shall study is the two-stage CMOS topology shown in Fig. 12.1. 
1 h i ^ simple hut .. L j.im i ^ i k u it ^ ,i I k\. * >me a classic and is used in a variety of forms in the 
design of VLSI systems. We have already studied this circuit in Section 8.6.1 as an example 
of a multistage CMOS amplifier. We urge the reader to review Section 8.6.1 before proceed¬ 
ing further. Here, our discussion will emphasize the performance characteristics of the circuit 
and the trade-offs involved in its design. 


+V, 


DD 




Figure 12.1 The basic two-stage CMOS 


op-amp configuration. 


12.1 The Two-Stage CMOS Op Amp 977 


12.1.1 The Circuit 

The circuit consists of two gain stages. The first stage is formed by the differential pair Q— Q-* 
together with its current mirror load Q r Q r This differential-amplifier circuit, studied in 
detail in Section 8.5, provides a voltage gain that is typically in the range of 20 V/V to 60 V/V. 
as well as performing conversion from differential to single-ended form while providing a 
reasonable common-mode rejection ratio (CMRR). 

The differential pair is biased by current source which is one of the two output transistors 
of the cunent mirror formed by Q s , Qy and Q v The current mirror is fed by a reference current 
/ REF , which can be generated by simply connecting a precision resistor (external to the chip) to 
the negative supply voltage -F S5 or to a more precise negative voltage reference if one is avail¬ 
able in the same integrated circuit. Alternatively, tor applications with more stringent require¬ 
ments, / REF can be generated using a circuit such as that studied in Section 8.6.1 (Fig. 8.41). 

The second gain stage consists of the common-source transistor Q , and its current-source load 
Q v The second stage typically provides a gain of 50 V/V to 80 V/V. In addition, it takes part in 
the process of frequency compensat ing the op amp. I ram Section 10.13 the reader will recall that 
to guarantee that the op amp will operate in a stable fashion (as opposed to oscillating) wfien neg¬ 
ative feedback of various amounts is applied, the open-loop gain is made to roll off with fre¬ 
quency at the uniform rate of-20 dB/decade. This in turn is achieved by introducing a pole at a 
relatively low frequency and arranging for it to dominate the frequency-response determination. 
In the circuit we are studying, this is implemented using a compensation capacitance C\ con¬ 
nected in the negative-feedback path of the second-stage amplify ing transistor Q b . As will be 
seen, C c (together with the much smaller capacitance C gd6 across it) is Miller-multiplied by the 
gain of the second stage, and the resulting capacitance at the input of the second stage interacts 
with the total resistance there to provide the required dominant pole (more on this later). 

Unless properly designed, the C MOS op-amp circuit of Fig. 12.1 can exhibit a systematic 
output dc offset voltage. I his point was discussed in Section 8.6.1, where it w'as found that the 
dc offset can be eliminated by sizing the transistors so as to satisfy the following constraint: 

(W/L)„ (W/Lh 121 . 

(W/L) t (W/L), 

Finally, we observe that the C MOS op-amp circuit of Fig. 12.1 does not have an output stage. 
This is because it is usually required to drive only small on-chip capacitive loads. 


12.1.2 Input Common-Mode Range and Output Swing 

Refer to Fig. 12.1 and consider the situation when the two input terminals are tied together 
and connected to a voltage V ICM . The lowest value of V ICM has to be sufficiently large to keep 
Q , and O in saturation. Thus, the lowest value of V lCM should not be lower than the voltage 
at the drain of Q, (-L v , + V GSJ = -V ss + V tn + V on ) by more than | thus 


V ICM ^ - f SS + Kn + n \ K 


ss 


fp I 


( 12 . 2 ) 


The highest value of V /CA , should ensure that Q 5 remains in saturation; that is, the voltage 
across CX, V ,, should not decrease below | Vqvs I ■ Equivalently, the voltage at the drain of 

A- ? jI/J 1 i* i £ 1 / 'ri 

Qs should not go higher than V DD - \ Von I - Thus the upper limit o lCM \s 


V 


1CM 


< Vdd ~ Von ~ ^ 


C?J5 


SCI 


or equivalently 
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The expressions in Eqs. (12.2) and (12.3) can be combined to express the input 
mode range as 


conunon- 



~V SS + Vr 


on 


+ v - V 

' r ln r tp 


< v lcu < v, 


DD 


V I - 

tpl 


Vr 


on 


(12.4) 

As expected, the overdrive voltages, which are important design parameters subtract 
the dc supply voltages, thereby reducing the input common-mode range It follows that tr! 
a V lCM range point of view it is desirable to select the values of V m as low as possible We 
observe from Eq. (12.4) that the lower limit of V lCM is approximately within an overdrive 
voltage of-F^.The upper limit, however, is not as good; it is lower than V DD by twoover- 
drive voltages and a threshold voltage. 

The extent of the signal swing allowed at the output of the op amp is limited at the lower end 
by the need to keep Q b saturated and at the upper end by the need to keep Q 1 satm ,r, j. i 




“I" K)V6 






Thus the ouput voltage can swing to within an overdrive voltage of each of the supply rails 
This is a reasonably wide output swing and can be maximized by selecting values for | V 0} 
of Q h and Q 7 as low as possible. 

An important requirement of an op-amp circuit is that it be possible for its output terminal 
to be connected back to its negative input terminal so that a unity-gain amplifier is obtained. 
For such a connection to be possible, there must be a substantial overlap between the allow¬ 
able range ofv 0 and the allowable range of V IC Xf . This is usually the case in the CMOS amplifier 
circuit under study. 



12.1 For a particular design of the two-stage CMOS op amp of Fig. 12.1, ±1.65-V supplies are utilized 

and all transistors except tor Q 6 and Q n are operated with overdrive voltages of 0.3-V magnitude; 

Q 6 and Q 1 use overdrive voltages ot 0.5-V magnitude. The fabrication process employed provides V ln 

~ I ^tp\ ~ ^ ^ Find the input common-mode range and the ran^e allowed for v n 
Ans. -1.35 V to 0.55 V;-1.15 V to + 1.15 V 



12.1.3 Voltage Gain 

To determine the voltage gain and the frequency response, consider a simplified equivalent 

circuit model for the small-signal operation of the CMOS amplifier (Fig. 12.2), where each 

of the two stages is modeled as a transconductance amplifier. As expected, the input resis¬ 
tance is practically infinite, 



o© 


The first-stage transconductance G ml 
(see Section 8.5). 


is equal to the transconductance of each of Q\ 




Sm\ Sm2 


( 12 . 6 ) 
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Figure 12.2 Small-signal equivalent circuit for the op amp in Fig. 12.1 . 


Since Q s and Q 2 are operated at equal bias currents (7/2) and equal overdrive voltages, 

V()V\ = V OY p 



Resistance R { represents the output resistance of the first stage, thus 


(12.7) 


where 





The dc gain of the first stage is thus 


( 12 . 8 ) 


(12.9) 


(12.10) 


Ai - -G m] R\ 


(12.11) 


= -gtoifcalKd 


< 12 . 12 ) 


Von i U (12 


1 


+ 


1 


V« 


(12.13) 


Observe that the magnitude of A, is increased by operating the differential-pair transistors, 
Q { and (A, at a low overdrive voltage, and by choosing a longer channel length to obtain 

larger Early voltages, | V A \. 

Returning to the equivalent circuit in Fig. 12.2 and leaving the discussion ot the various 
model capacitances until Section 12,1.5, we note that the second-stage transconductance G ml 

is given by 


V ffj 2 § ffi 6 


21 


D 6 


V 

* orb 


(12.14) 
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Resistance R 2 represents the out pin resistance of the second stage, thus 



where 


and 




The voltage gain of the second stage can now be found as 


(12.15) 

(12.16) 

(12.17) 





(12.19) 



Here again we observe that to increase the magnitude of A 2 , Q h has to be operated at alow 
overdrive voltage, and the channel lengths of Q b and Q 7 should be made longer. 

The overall dc voltage gain can be found as the product A,A ,, 

A v — AjA 2 



~ G m[ R x G m2 R 2 



(12.21) 

o 

^o2 

1 ^ ^ 

>o6 

f'ol) 

(12.22) 


Note that A v is of the order of (g m r o )\ Thus the value of A will be in the range of 500 V/V to 
5000 V/V. 

Finally, we note that the output resistance of the op amp is equal to the output resistance 
of the second stage, 



Hence R o can be large (i.e., in the tens-of-kilohms range). Nevertheless, as we learned trom 

the study of negative feedback in Chapter 10, application of negative feedback that samples 

11 T "i oupnt voltage results in reducing the ouput resistance by a factor equal to the 

amount of feedback (! + Ap ), Also, as mentioned before, CMOS op amps are rarely required 
to drive heavy resistive loads. 
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12.2 




A v A » and A v l1a11 de vices are 1 pm long, V on = 0.2 V, and V on : 
resistance obtained when the second stage is biased at 0.5 mA. 
Ans. -100 V/V; -40 V/V; 4000 V/V; 20 kQ 


ft** f/ * 

0.5 V. Also, find the op-amp output 


12,3 11 the CMOS op amp in F ig. 12.1 is connected as a unity-gain buffer, show that the closed-loop out¬ 

put resistance is given by 

*ou, I ' -I? m6 I ( A?2 II ^ <?4 ) I 



12.1.4 Common-Mode Rejection Ratio (CMRR) 

The CMRR of the two-stage op amp of Fig. 12.1 is determined by the first stage. This was 
analyzed in Section 8.5.4 and the result is given in Eq. (8.147), namely, 


CMRR 




o2 I 'o4 


)][2 g 


m3 °SsJ 


(12.24) O 


where R ss is the output resistance of the bias current source Q 5 . Observe that CMRR is of 
the order of {g m r 0 ) and thus can be reasonably high. Also, since g m r o is proportional to 
V A /V ov = V' a L/V ov , the CMRR is increased if long channels are used, especially for (? 5 , 
and the transistors are operated at low overdrive voltages. 


12.1.5 Frequency Response 

Refer to the equivalent circuit in Fig. 12,2, Capacitance C, is the total capacitance between 
the output node of the first stage and ground, thus 

Cj - C g j2 + Cdt >2 + C^/4 + C^ 4 + (12.25) 

Capacitance C 2 represents the total capacitance between the output node of the op amp and 
ground and includes whatever load capacitance C. that the amplifier is required to drive, thus 

C 2 = C m + C t M7 + C g(J1 T C L (12,26) 

Usually, C, is larger than the transistor capacitances, with the result that C 2 becomes much 
larger than C,. Finally, note that C v/6 should be shown in parallel with C c but has been 

ignored because C c is usually much larger. 

The equivalent circuit of Fig. 12.2 was analyzed in detail in Section 9.8.^., where it wasfoun 
that it has two poles ami a positive real-axis zero with the following approximate frequencies: 

f „ 1 _ (12.27) O 

M 2 kR , G„ l2 7?,C c 
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o 

o 



Here, f n is the dominant pole formed by the interaction of Miller-multiplied C I 

(1 +G m Jt 2 )C c = G m2 R,C c ] and R r To achieve the goal of a uniform -20-dB/decade e* 
rolloff down to 0 dB, the unity-gain frequency /, n 



( 12 . 30 ) 

(12.31) 


must be lower than/p, and/, thus the design must satisfy the following two conditions 


and 




<> ( 12 . 33 ) 

Simplified Equivalent Circuit The uniform -20-dB/decade gain rolloff obtained at fre¬ 
quencies/^* />, suggests that at these frequencies, the op amp can be represented by the sim¬ 
plified equivalent circuit shown in Fig. 12.3. Observe that this attractive simplification is 
based on the assumptii n that the gain of the second stage, \A 2 \, is l^rge, and hence a virtual 
ground appears at the input terminal of the second stage. The second stage then effectively 
acts as an integrator that is fed with the output current signal of the first stage; b,/ 
\ I though derived l<*r ! he CMOS amplifier, this simplified equivalent circuit is general and 

applies to a variety ol two-stage op amps, including the first two stages of the 741 -type bipolar 
op amp studied later in this chapter. 

Phase Margin The frequency compensation scheme utilized in the two-stage CMOS am¬ 
plifier is of the pole-splitting type, studied in Section 10.13.3: It provides a dominant low* 
[tl juuu. I * 1 ^ if' i requency /,, and shifts the second pole beyond / Figure 12.4 shows a 


+ 

O-O 

+ 

v u 


o-o 


C c 



Figure 12.3 An approximate high- 
frequency equivalent circuit ot the 
stage op amp. This circuit applies 

frequencies/ />,. 
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20 log |A| (dB) 



representative Bode plot for the gain magnitude and phase. Note that at the unity-gain frequency 
/ the phase lag exceeds the 90° caused by the dominant pole at This so-called excess phase 
shift is due to the second pole, 

(ff P2 = -tan~'[— ] (12.34) 

■jpi' 

and the right-half-plane zero, (12.35) 

0 Z = (12.36) 

Thus the phase lag at / = / will be 

0, OIa i = 90° + tan (/// 2 ) + I an Of46) (12.37) 


and thus the phase margin will be 

Phase margin = 180° - $ ota i 

= 90° - tan'(/// 2 ) " tan _i (///) (12.38) O 

From our study of the stability ot feedback amplifiers in Section 10.12.2, we know that the 
magnitude of the phase margin significantly atlects the closed-loop gain. Therefore, obtain 
ing a desired minimum value of phase margin is usually a design requirement. 
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+ 

o-o 

+ 

Vtf 

o-o 




G m ,V 



Figure 12.5 Small-signal equivalent circuit of the op amp in Fig. 12.1 with a resistance R included 
with C c . 


in series 



The problem of the additional phase lag provided by the right-half-plane zero ha^ 
rather simple and elegant solution: By including a resistance R in series with C D as shown in 
Fig. 12.5, the transmission zero can be moved to other less-harmful locations. To find the 
new location of the transmission zero, set V - 0. Then, the current through C c and will be 
V, 2 /( R + 1 /$C c ), and a node equation at the output yields 


Thus the zero is now at 



— Cr V 

~ u m2 v il 




We obsei ve that by selecting R = 1 (} m2 , we can place the zero at infinite frequency. An 
even better choice would be to select R greater than 1 / G nr , thus placing the zero at a nega¬ 
tive real-axis location where the phase it introduces adds to the phase margin. 



RCI 


12.4 



A particular implementation of the CMOS amplifier of Figs. 12.1 and 12.2 provides G mt = I mA/V, 
G m2 = 2 mA/V, r o2 = r,* = 100 k£i, r* = r ol = 40 kQ, and C = 1 pF. 

(a) Fi n ^ the value of C c that results in f t — 100 MHz. What is the 3-dB frequency of the open-loop 


gam / 


(b) Find the value of the resistance R that when placed in series with C c causes the transmission 
zero to be located at infinite frequency. 

’ l md the frequency of the second pole and hence find the excess phase lag at/=/„ introduced 
by the second pole, and the resulting phase margin assuming that the situation in {b) pertains, 
Ans. 1.6 pF; 50 kHz; 500 Q; 318 MHz; 17.4°; 72.6° 



-- - - 


— 


— 



12.1.6 Slew Rate 

The slew-rate limitation of op amps is discussed in Chapter 2. Here, we shall illustrate the ori¬ 
gin of the slewing phenomenon in the context of the two-stage CMOS amplifier understudy. 
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Figure 12.6 A unity-gain follower with a large step input. Since the output voltage cannot change imme¬ 
diately, a large differential voltage appears between the op-amp input terminals. 


Consider the unity-gain follower of Fig. 12.6 with a step of, say, l V applied at the input. 

Because of the amplifier dynamics, its output will not change in zero time. Thus, immedi¬ 
ately after the input is applied, the entire value of the step will appear as a differential signal 
between the two input terminals. In all likelihood, such a large signal will exceed the voltage 
required to turn off one side of the input differential pair (j2V on : see earlier illustration. 

Fig. 8.6) and switch the entire bias current / to the other side. Reference to Fig. 12.1 shows 
that for our example, Q 2 will turn off, and £>, will conduct the entire current /. Thus Q i will 
sink a current I that will be pulled from C c , as shown in Fig. 12.7. Here, as we did in 
Fig. 12.3, we are modeling the second stage as an ideal integrator. We see that the output 
voltage will be a ramp with a slope of 7/C c : 

»„( t) = 7r‘ 

L c 

Thus the slew rate, SR , is given by 

SR = Jr (12.40) O' 

It should be pointed out, however, that this is a rather simplified model of the slewing process. 

Relationship Between SR and f t A simple relationship exists between the unity-gain 
bandwidth / and the slew rate SR. This relationship can be found by combining Eqs. (12.31) 


- 



Figure 12.7 Model of the two-stage CMOS 
op-amp of Fig. 12.1 when a large differential volt¬ 
age is applied. 
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and (12.40) and noting that G mX = g mX = // V 0v] , to obtain 



SR = 2 Kf t V c 


)l 


02.41} 


or equivalently, 


SR = V Q v co, 



at a 



Thus, for a given co lt the slew rate is determined by the overdrive voltage ai liieh the 
stage transistors are operated. A higher slew rate is obtained by operating Q ando 
arger V or . Now, for a given bias current /, a larger V ov is obtained if g, and I 
channel devices. This is an important reason for using /7-channel rather than n 
devices in the first stage of the < MOS op amp. Another reason is that it allows the second 
stage to employ an mchannel device. Now, since w-channel devices have greater transcon 
ductances than corresponding /7-channel devices, G ml will he high, resulting in a higher 
second-pole frequency and a correspondingly higher (O r However, the price paid for these 
improvements is a lower G . and hence a lower dc gain. 



12.5 Find SR for the CMOS op amp of Fig. 12.1 for the case / = 100 MHz and V on = 0.2 V. If 
C c = 1.6 pF, what must the bias current / be? 

A ns. 126 V/ps; 200 pA 



12.1.7 Power-Supply Rejection Ratio (PSRR) 

CMOS op amps are usually utilized in what are known as mixed-signal circuits: IC chips 
that combine analog and digital circuits. In such circuits, the switching activity in the digital 
portion usually results in increased ripple on the power supplies. A portion of the supply rip¬ 
ple can make its way to the op-amp output and thus corrupt the output signal. The traditional 
approach for reducing supply ripple by connecting large capacitances between the supply 
rails and ground is not viable in 1C design, as such capacitances would consume most of the 
chip area. Instead, the analog It designer lias to pay attention to another op-amp specilica- 
tion that so lar we have ignored, namely, the power-supply rejection ratio < PSRR). 

The PSRR is defined as the ratio ol the amplifier differential gain to the gain experienced 

by a change in the power-supply voltage (v dd and v ss ). For circuits utilizing two power sup¬ 
plies, we define 


and 


PSRR 




PSRR = AA 

A~ 







where 
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~ “ (12.45) 

U SS 

Obviously, to minimize the effect ol the power-supply ripple, we require the op amp to have 
a large PSRR. 

A detailed analysis of the PSRR of the two-stage CMOS op amp is beyond the scope of 
this book tsee Gray tt ah, 2009). Nevertheless, we make the following briefTemarks. It can 
be shown that the circuit is remarkably insensitive to variations in V DD , and thus PSRR is 
very high. This is not the case, however, tor the negative-supply ripple v vv , which is coupled 
to the output primarily through the second-stage transistors Q h and @ 7 . In particular, the por¬ 
tion of v ss that appears at the op-amp output is determined by the voltage divider formed by 
the output resistances of Q 6 and Q lt> 


Thus, 





Ge + r 


ol 


(12.46) 



v 


o 


a 7 


V 


ss 


r ob + r ol 


Now utilizing A d from Eq. (12.22) gives 


PSRR 







(12.47) 


(12.48) O 


Thus, PSRR is of the form (g m r 0 ) and therefore is maximized by selecting long channels L 
(to increase | F,|), and operating at low I Vok 


12.1.8 Design Trade-offs 

The performance parameters of the two-stage CMOS amplifier are primarily determined by 
two design parameters: 

1. The length L used for the channel of each MOSFET. 

2. The overdrive voltage | V ol \ at which each transistor is operated. 

Throughout this section, we have found that a larger L and correspondingly larger \ V A 
increases the amplifier gam, CMRR and PSRR. We also found that operating at a lower 
Vqv\ increases these three parameters as well as increasing the input common-mode range 
and the allowable range of output swing. Also, although we have not analyzed the offset 
voltage of the op amp here, we know' from our study ot the subject in Section 8.4.1 that a 
number of the components of the input offset voltage that arises from random device mis¬ 
matches are proportional to \V cn \ at which the MOSFETs of the input differential pair are 

operated. Thus the offset is minimized by operating at a lower [I oij- 

There is, however, an important MOSFE T performance p.itumctci ib n ieqmi<.>> the ^ k i - 
tion of a larger |F rj( |, namely, the transition frequency t T , w'hich determines the high-fre¬ 
quency performance of the M OSFET, 




2tc( CL + C gd ) 


(12.49) 
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For an w-channel MOSFET, we can show that (see Appendix 7.A) 

, 1-SMnVov 

It ~ 2 

2 7tL 



A similar relationship applies for the PMOS transistor, with fi p and | V os \ replacing// an(] 
V ov , respectively. Thus to increase f T and improve the high-frequency response of the 
amp, we need to use a larger overdrive value and, not surprisingly, shorter channels \ 
larger | V 0l \ also results in a higher op-amp slew rate SR (Eq. 12.41). Finally, note that \\ 
selection of a larger \ V 0l \ results, for the same bias current, in a smaller Wll , which com 
bined with a short L leads to smaller devices and hence lower values of MOSFET cap- 
tances and higher frequencies of operation. 

In conclusion, the selection of \ V 0v \ presents the designer with a trade-off between 
improving the low-frequency performance parameters on the one hand and the high-fre¬ 
quency performance on the other. For modem submicron technologies, which require opera¬ 
tion from power supplies of 1 V to 1.5 V, overdrive voltages between 0.1 V and 0.3 Vare 
typically utilized. For these process technologies, analog designers typically use channel 
lengths that are at least 1.5 to 2 times the specified value of I mm , and even longer channels 
are used for current-source bias transistors. 



12.1 



We conclude our study ol the two-stage CMOS op amp with a design example. Let it be required to 
design the circuit to obtain a dc gain of 4000 V/V. Assume that the available fabrication technology is of 
the 0.5-pm type for which V rn = \V lp \ = 0.5 V, k'„ = 200 pA/V 2 , k p = 80 pA/V\ V' n = \ V' p | = 20 V/pm, 
and V DD = Fgy = 1.65 V. To achieve a reasonable dc gain per stage, use L - 1 pm for all devices. Also, for 
simplicity, operate alt devices at the same | V ov \, in the range of 0.2 V to 0.4 V. Use I = 200 pA, and to 
obtain a higher G m2 , and hence a higher f n , use I M = 0.5 mA. Specify the W/L ratios for all transistors. 
Also give the values realized tor the input common-mode range, the maximum possible output swing, /?,„ 
and R a . Also determine the CMRR and PSRR realized. If C, = 0.2 pF and C 2 = 0.8 pF, find the required 
values of C c and the series resistance R to place the transmission zero at 5 = <» and to obtain the highest 
possible/ consistent with a phase margin ot 75°. Evaluate the values obtained for / ( and SR. 


Solution 


Using the voltage-gain expression in Eq. (12.22), 




2(7/2) ] 

- — x - x 


Kt 2/ 
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K \2 
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U/2) V ov 2 I 
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To obtain A v - 4000, given V t = 20 V, 




400 

yi 

¥ ov 


4000 
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V ov = 0.316 V 

To obtain the required (W/L) ratios of 0, and (/. 


Thus, 



r 'TE\ _ 25 pm 
v lK 1pm 




25 pm 
1 pm 


For Q y and Q 4 we write 


to obtain 


For Q y 




xO.316 2 




- x801 ~] xO.316 2 

2 \LJ s 


_ 50 pm 
\l) s 1 pm 

Since Q 1 is required to conduct 50( 1 pA, its ( W/L ratio should be 2.5 times that of Q v 


rw\ _ JW\ _ 125 pm 

_ * \l) 5 1pm 


For Q { we write 


500 = ^ x 200 x 

ip* 


(f). 


x 0.316 



50 pm 
1 pm 


Thus, 
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Example 12.1 continued 

Finally, let’s select F = 20 (iA, thus 




8 




5jnn 

I lim 


The input common-mode range can be found using the expression in Eq. (12.4) as 


-1.33 V < l 


ICM 


< 0.52 V 


The maximum signal swing allowable at the output is found using the expression in Eq. (12.5) as 


-1.33 V < v 0 < 1.33 V 


The input resistance is practically infinite, and the output resistance is 


R o = r o6 


1 20 

= r x ~ = 20 kH 


ol 


2 0.5 


The CMRR is determined using Eq. (12.24), 


CMRR = g m i{r o2 \\r oA ){2g m yR ss ) 


where R ss = r o5 = V A /I. Thus, 


CMRR = 



1 v a ^ 2(7/2) V A 

— -x - x ; x2 x -V — f - x — 

Vr\ i/ 2 (1/2) V'o y l 


— i 


ov 

r Va \ 2 

^ Yo v 


i 


0 


0.316 


= 8000 


Expressed in decibels, we have 


CMRR = 20 log 8000 = 78 dB 


The PSRR is determined using Eq. (12.48): 


PSRR — p_ I ( f -y II f j) e 

1 o2 N o4 06 


or, expressed in decibels. 


2 < 7/ 2)x!x 


y A 


V 


= 2 


Of 

V 


X V-M x Li 

2 (1/2) V ov I Db 


A 


- i 


/ 


20 


o v 


0.316 


= 8000 


PSRR = 20 log 8000 = 78 dB 


To determine/^ we use Eq. (12.28) and substitute for G 

m2 ’ 


G m 2 - 


&m(> 


21 


06 _ 2 x 0.5 
0.316 


= 3.2 mA/V 


o v 


Thus, 


fpi ~ 


3.2 x 10 


-3 


2# x 0.8 x 10 


-12 


- 637 MHz 
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To move the transmission zero to s = 


QQ 


, we select the value of R as 


R = 


I 


I 


m2 3.2X10 


-3 


= 316 Q 


For a phase marg.n of 75“, ,he phase shift due ,o the second pole a. f=f, mus , be 15°. that is. 


f 

tan 1 — = 15° 

fp2 


Thus, 


ft - 637 x tan 15° - 171 MHz 


The value of C c can be found using Eq. (12.31), 


u here 



Thus, 




2 x 100 jiA 
0.316 V 


0.63 mA/V 



0.63 x 10~ 3 

2;rx 171 x lO* 1 


0.6 pF 


The value of SR can now be found using Eq. (12.41) as 

SR = 2/rx 17] x 10 6 x0.316 
= 340 V/|is 


12.2 The Folded-Cascode CMOS Op Amp 

In this section we study another type of CMOS op-amp circuit: the folded cascode. The cir¬ 
cuit is based on the folded-cascode amplifier studied in Section 7.3.6. There, it was men¬ 
tioned that although composed of a CS transistor and a CG transistor of opposite polarity, 
the folded-cascode configuration is generally considered to be a single-stage amplifier. Sim¬ 
ilarly, the op-amp circuit that is based on the cascode configuration is considered to be a 
single-stage op amp. Nevertheless, it can be designed to provide pei formance parameters 
that equal and in some respects exceed those of the two-stage topology studied in the 
preceding section. Indeed, the folded-cascode op-amp topology is currently as popular as the 
two-stage structure. Furthermore, the folded-cascode configuration can he used in conjunction 
with the two-stage structure to provide performance levels higher than those available trom 
either circuit alone. 


12.2,1 The Circuit 

Figure 12.8 shows the structure of the CMOS folded-cascode op amp. Here, and Q 2 form 
the input differential pair, and Q x and Q t are the cascode transistors. Recall that for 
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Figure 12.8 Structure of the folded-cascode CMOS op amp. 


differential input signals, each of Q, and Q , acts as a common-source amplifier. Also note 
that the gate terminals of Q } and Q x are connected to a constant dc voltage (F B1ASI ) and hence 
are at signal ground. Thus, for differential input signals, each of the transistor pairs Q-Q, 
and Q-Qi acts as a folded-cascode amplifier, such as the one in Fig. 7.16. Note that the 
input differential pair is biased by a constant-current source /. Thus each ot Q { and {A is 
operating at a bias current i/2 . A node equation at each ol their drains shows that the bias 
current of each of Q y and Q A is ( I H - 1/2). Selecting I B — / forces all transistors to operate 
at the same bias current of 1/2. For reasons that will be explained shortly, however, the 
value of I B is usually made somewhat greater than /. 

As we learned in Chapter 7, if the full advantage of the high output-resistance achieved 
through cascoding is to be realized, the output resistance of the current-source load must be 
equally high. This is the reason for using the cascode current mirror Q , to Q v in the circuit 
ot Fig. 12.8. (This current-mirror circuit was studied in Section 7.5.1.) Finally, note that 


capacitance C, denotes the total capacitance at the output node. It includes the internal tran 
sistor capacitances, an actual load capacitance (if any), and possibly an additional capacitance 
deliberately introduced tor the purpose of frequency compensation. In many cases, however 
the load capacitance will be sufficiently large, obviating the need to provide addition 
capacitance to achieve the desired frequency compensation. I his topic will be discusse 
shortly. For the time being, we note that unlike the two-stage circuit, that requires t e 
introduction ot a separate compensation capacitor C c , here the load capacitance contribu 

to frequency compensation. 

A more complete circuit for the CMOS folded-cascode op amp is shown in Fig- l y 
Here we show the two transistors Q 9 and Q l(} , which provide the constant bias currents* 
and transistor Q ]p which provides the constant current / utilized for biasing the differ 


pair. Observe that the details for generating the bias voltages F BIASI , f, 


bias: 


„ and y ms , w 0 
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Figure 12.9 A more complete circuit for the folded-cascode CMOS amplifier of Fig. 12.8. 


shown. Nevertheless, we are interested in how the values of these voltages are to be selected. 
Toward that end, we evaluate the input common-mode range and the allowable output swing. 


12.2.2 Input Common-Mode Range and Output Swing 


To find the input common-mode range, let the two input terminals be tied together and con¬ 
nected to a voltage V {Cxr Tlie maximum value of V ICM is limited by the requirement that Q y and 
Q 2 operate in saturation at all times. Thus V Jcutaas should be at most V m volts above the voltage 


at the drains of Q { and Q v The latter voltage is determined by F B1ASI and must allow for a volt¬ 
age drop across (7„ and Q ]u at least equal to their overdrive voltage, | V QY9 \ - 
that Q (} and Q w are indeed operated at the edge of saturation, V lCMmax will be 


v 

y OVl 0 


. Assuming 


V, 


fCM max 


— I dd — Vni/Q + V, 


0 V 9 


in 


(12.51) 


which can be larger than V DP , a significant improvement over the case of the two-stage cir¬ 
cuit. The value of F BIAS2 should be selected to yield the required value of I B while operating 
Q 9 and Q w at a small value of | V 0l \ (e.g., 0.2 V or so). The minimum value of V lCM can be 
obtained as 


V, 


It Umin 


— ~l ss "I” VftV\ 1 "f f OV 1 "F Kn 


o n i 


Ol I 


(12.52) 


The presence of the threshold voltage V tn in this expression indicates that / JCMmin is not suffi¬ 
ciently low. Later in this section we shall describe an ingenious technique toi solving this 
problem. For the time being, note that the value of f B1AS3 should he selected to provide the 
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required value of / while operating Q n at a low overdrive voltage. Combining Hqs. (125] 
and (12.52) provides 

Q -t'ss + V oyu + V 0 v\ + Kn - VlCM- ^DD “ | ^OVs\ + Krr {\2y u 

The upper end of the allowable range of v 0 is determined by the need to maintain Q Ui and,) 
in saturation. Note that g l(1 will operate in saturation as long as an overdrive voltage, | V m \ 
appears across it. It follows that to maximize the allowable positive swing of u 0 (and 
we should select the value of F BIASl so that Q l0 operates at the edge of saturation, that is. 


* BIAS 1 

The upper limit of v 0 will then be 





!, Oma.x 



l 


r 

OV 10 




which is two overdrive voltages below V DD . The situation is not as good, however, at the 
other end: Since the voltage at the gate of 0 6 is - + F CS7 + V CS5 or equivalently V m 

+ V or5 + 2V /n , the lowest possible v a is obtained when Q f 6 reaches the edge of saturation, 
namely, when v 0 decreases below the voltage at the gate of Q h by V lnf that is, 


O ^Omin = ~VsS + K)n + K>v$ + Kn U 2 *56) 

Note that this value is two overdrive voltages plus a threshold voltage above This is a 
drawback of utilizing the cascode mirror. The problem can be alleviated by using a modified 
mirror circuit, as we shall shortly see. 


EXERCISE 




12.6 Fora particular design of the folded-cascode op amp of Fig. 12.9, ± 1 .65-V supplies are utilized and 
all transistors are operated at overdrive voltages of 0.3-V magnitude. The fabrication process 
employed provides V [n = \ V t = 0.5 V. Find the input common-mode range and the range al¬ 
lowed for v 0 . 

Ans. -0.55 V to +1.85 V: -0.55 V to +1.05 V. 


12.2.3 Voltage Gain 

The folded-cascode op amp is simply a transconductance amplifier with an infinite mpt 
resistance, a transconductance G m and an output resistance R a . G m is equal to g m of eac 
the two transistors of the differential pair. 




2[f/2) 



/ 




Thus, 
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The output resistance R is the paraliel equivalent of the output resistance of the cascode 
amplifier and the output resistance ot the cascode mirror, thus 



(12.59) 






sistor Q r The latter has a resistance (r 




o2 


me uuljjul icMhLdiiie ot me tu tran- 
r oio) in its source lead, thus 


R ° 4 ^Sm4 r o4)( t 'o2 II ^*olo) (12.60) 

The resistance R is the output resistance of the cascode mirror and is thus given bv 
Eq. (7.25), thus J 


R o 6 08 ( 12.6^ 

Combining Eqs. (12.59) to (12.61) gives 

R o = [g m 4 r oA {r o2 II r ol0 )] || (g m6 r o6 r og ) (12.62) 

The dc open-loop gain can now he found using G m and R H as 


A v = (12.63) 

Thus, 

A v gmi { \-gm4^o4i^o2 II ^oio)] II igm6^o6^oB )} (12.64) 

Figure 12.10 shows the equivalent-circuit model including the load capacitance C n which 
we shall take into account shortly. 

Because the folded-cascode op amp is a transconductance amplifier, it has been given 
the name operational transconductance amplifier (OTA). Its very high output resistance, 
which is of the order of g m t\, (see Eq. 12.62) is what makes it possible to realize a relatively 
high voltage gain in a single amplifier stage. However, such a high output resistance may be 
a cause of concern to the reader; after all, in Chapter 2, we stated that an ideal op amp has a 
zero output resistance! To alleviate this concern somewhat, let us find the closed-loop out¬ 
put resistance of a unity-gain follower formed by connecting the output terminal of the cir¬ 
cuit ot Fig. 12.9 back to the negative input terminal. Since this feedback is of the voltage 
sampling type, it reduces the output resistance by the factor (1 + Aj5) , where A = A v and 
P ~ 1 , that is. 



(12.65) 



o——o 
+ 





Figure 12.10 Small-signal equivalent cir¬ 
cuit of the folded-cascode CMOS amplifier. 
Note that this circuit is in effect an opera¬ 
tional transconductance amplifier (O FA). 
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Substituting for A v from Eq. (12.63) gives 

R ~-L 

Kof " G m 02.66, 

which is a general result that applies to any OTA to which 100% voltage feedback is 

applied. For our particular circuit, G m = g m[ , thus 

R of = ^/§m\ ( 12 . 67 ) 

Since g ml is of the order of 1 mA/V, R ofr will be of the order of 1 kO. Although this is not 
very small, it is reasonable in view of the simplicity of the op-amp circuit as well as the fact 
that this type of op amp is not usually intended to drive low-valued resistive loads. 



12.7 The CMOS op amp of Figs, 12.8 and 12.9 is fabricated in a process for which V/ n = | V/ p | =20 
V/pm. If all devices have 1-pm channel length and are operated at equal overdrive voltages of 
0 .2-V magnitude, find the voltage gain obtained. I f each ot Q i to Q % is biased at 100 pA, what value 
of is obtained? 

Arts. 13,333 V/V; 13.3 MQ 


12.2.4 Frequency Response 

From Section 9.6, we know that one of the advantages of the cascode configuration is its 
excellent high-frequency response. It has poles at the input, at the connection between the 
CS and CG transistors (i.e., at the source terminals of Q y and Q 4 ), and at the output terminal. 
Normally, the first two poles are at very high frequencies, especially when the resistance of 
the signal generator that feeds the differential pair is small. Since the primary purpose of 
CM( »S op amps is to feed capacitive loads, C, is usually large, and the pole at the output 
becomes dominant. Even if C \ is not large, we can increase it deliberately to give the op amp 
a dominant pole. From Fig. 12.10 we can write 

£» _ G mK ( 12 . 68 ) 

yu I +sC l R„ 

Thus, the dominant pole has a frequency f p . 




1 

2 7tC L R a 


and the unity-gain frequency /will he 




f = G m RJ P = 


KJ 


m 


l 


:.ivi 


2 ;rC L 


- L 

From a design point of view, the value of C t should he such that at / = /,fhe excess p ^ 
resulting from the nondominant poles is small enough to permit the required phase marjJi 1 
be achieved. If C L is not large enough to achieve this purpose, it can be augmented. 
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r . . me iuau capacitance on tne oDer- 

auen of fte two op-amp crcu.ts we have studied. In the two-stage circuit, if C t is mcreased. 

the frequency ot the second pole decreases, the excess phase shift a, /=/increases, and the 

phase margin is reduced. Here, on the other hand, when C L is increased,/,decreases but 

the phase margin increases In other words, a heavier capacitive load decreased the bandwidth 

ot the tolded-cascode ampht.er but does not impair its response (which happens when the 

phase margin decreases). Oi course, if an increase in C L is anticipated in the two-stage 

op-amp case, the destgner can tncrease C 0 thus decreasing/, and restoring the phase margtn 
to its required value. ° 


12.2.5 Slew Rate 


As discussed in Section 12.1.6, slewing occurs when a large differential input signal is 
applied. Refer to Fig. 12.8 and consider the case of a large signal V u applied so that Q : cuts 
off and Qy conducts the entire bias current /. We see that Q 3 will now carry a current 
( — Qa ^*11 conduct a current I B . The current mirror will see an input current 

ot (I B -i through Q 5 and Q 1 and thus its output current in the drain of Q u will be (I B -/). 
It follows that at the output node the current that will flow into C L will be I 4 - /„ = I - 
Ub~D - /. Thus the output!^ will be a ramp with a slope of I/C, which is the slew rate. 



(12.71) 


Note that the reason for selecting I#>I is to avoid turning off the current mirror com¬ 
pletely; if the current mirror turns off, the output distortion increases. Typically, I B is set 
10% to 20% larger than /. Finally, Eqs. (12.70), (12.71), and (12.58) can be combined to 
obtain the following relationship between SR and f t 



SR -2 7tf { V 0V] (12.72) 

which is identical to the corresponding relationship in the case of the two-stage design. 
Note, however, that this relationship applies only when I B > /. 



Consider a design of the folded-cascode op amp of Fig. 12.9 for which / = 200 pA, I B - 250 pA, and 
| V 0l \ for all transistors is 0.25 V. Assume that the fabrication process provides k' n = 100 pA/V‘, k' p = 40 
pA/V 2 , | V' | = 20 V/p in. V DD = = 2.5 V, and \V,\ = 0.75 V. Let all transistors have 1 = 1 pm 

and assume that C L = 5 pF. Find I D , g m , r 0 , and W/L for all transistors. Find the allowable range of V lCM 
and of the output voltage swing. Determine the values ol A v , j,,f P , and SR. What is the powei dissipation 
of the op amp? 


Solution 

From the given values of / and / jt we can determine the drain current Iq for each transistor. The transcon- 
ductance of each device is found using 

= 2_lo = 

8m V ov 0.25 
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Example 12,2 continued 


and the output resistance r 0 from 


V 


4 


r »= 1 


20 


D 


I 


D 


The W/L ratio for each transistor is determined from 

2/ 

The results are as follows: 


Di 


k'Vr. 


ov 



0 , 

Oz 

Q 3 

Q 4 


<? 6 

Qr 


q 9 

^10 

On 

4 (pA) 

100 

100 

150 

150 

150 

150 

150 

150 

250 

250 

200 

gJmA/V) 

0.8 

0.8 

1.2 

1.2 

1.2 

1.2 

1.2 

1.2 

2.0 

2.0 

1.6 

r (kfl) 

200 

200 

133 

133 

133 

133 

133 

133 

80 

80 

100 

W/L 

32 

32 

120 

120 

48 

48 

48 

48 

200 

200 

64 


Note that for all transistors. 


gr n = 160 V/V 

o m o 


V cs = 1.0 V 


Using the expression in Eq. (12.53), the input common-mode range is found to be 


-1.25 V < V KM < 3 V 


1 he output voltage swing is found using Eqs. (12.55) and (12.56) to be 

-1.25 V < v 0 < 2 V 

To obtain the voltage gain, we first determine R iA using Eq. (12,60) as 


R o4 = 160(200 || 80) = 9.14 MO 


and R^ using Eq. (12.61) as 


R o6 = 21.28 MQ 


The output resistance R t can then be found as 


= Ro* II «„(, = 6.4 MQ 


and the voltage gain 


A v = GR = 0.8 x 10 -3 x 6.4 x 10 


m o 


= 5120 V/V 

The unity-gain bandwidth is found using Eq. (12.70). 

-3 




0.8 x 10 


2;rx5 x 10 12 

Thus, the dominant-pole frequency must be 


= 25.5 MHz 


f _ ft 25,5 MHz „ .,, 
Jp = T = —77~r^— = 5 kHz 


V 


5120 


12.2 The Folded-Cascode CMOS Op Amp 999 


The slew rate can be determined using Eq (12.71), 


SR = 


-6 


/ 200x10 

r ~ pr = 40 V/ps 

L i 5x10~ 2 


Finally, to determine the power dissipation we note that the total current is 500 pA = 0.5 mA and the total 
supply voltage is 5 V, thus 


P D = 5 x 0.5 = 2.5 mW 


12.2.6 Increasing the Input Common-Mode Range: 

Rail-to-Rail Input Operation 

In Section 12.2.2 we found that while the upper limit on the input common-mode range 
exceeds the supply voltage V D0 , the magnitude of lower limit is significantly lower than 
The opposite situation occurs if the input differential amplifier is made up of PMOS transis¬ 
tors. It follows that an NMOS and a PMOS differential pair placed in parallel would provide 
an input stage with a common-mode range that exceeds the power supply voltage in both 
directions. This is known as rail-to-rail input operation. Figure 12.11 shows such an arrange¬ 
ment. To keep the diagram simple, we have not shown the parallel connection of the two dif¬ 
ferential pairs: The two positive-input terminals are to be connected together and the two 
negative-input terminals are to be tied together. Transistors Q s and Q ti are the cascode tran¬ 
sistors for the Q-Q 2 pair, and transistors Q-, and Q s are the cascode devices for the Q-Q, 
pair. 1 lie output voltage V 0 is shown taken differentially between the drains of the cascode 
devices. To obtain a single-ended output, a differential-to-single-ended conversion circuit 
should be connected in cascade. 

Figure 12.11 indicates by arrows the direction of the current increments that result from 
the application of a positive differential input signal V ld . Each of the current increments indi¬ 
cated is equal to G m (V ld / 2) where G m = g ml = g m2 =g^ = g m4 - Thus the total current feeding 
each of the two output nodes will be Now', if the output resistance between each of the 
two nodes and ground is denoted R ti , the output voltage will be 

v„ = 2 G m R 0 V, d (12.73) 

Thus the voltage gain will be 

A v = 2 G m R 0 02.74) 

This, however, assumes that both differential pairs will be operating simultaneously. This in 
tum occurs only over a limited range ot V ICM . Over the remainder of the input common¬ 
mode range, only one of the two differential pairs will be operational, and the gain drops to 
half of the value in Eq. (12.74). This rail-to-rail, folded-cascode structure is utilized in a 

commercially available op amp. 1 


'The Texas Instruments OPA357. 
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Figure 12,11 A folded-cascode op amp that employs two parallel complementary input stages to achieve 
rail-to-rail input common-mode operation. Note that the two “+" terminals are connected together and the 
two terminals are connected together. 



12.8 



For the circuit in Hg. 12.11, assume that all transistors, including those that implement the current 
sources, are operating at equal overdrive voltages of 0.3-V magnitude and have |K f | = 0.7 V and 
that V DD = V ss = 2.5 V. 

(a) Find the range over which the NMOS input stage operates. 

(b) Find the range over which the PMOS input stage operates. 

(c) Find the range over which both operate (the overlap range). 

(d) Find the input common-mode range. 

(Note that j : i j'ropeily. each of the current sources requires a minimum voltage ot Vqv 
across its terminals.) 

Arts. -1.2 V to+2.9 V;-2.9 V to+1.2 V,-1.2 V to+1.2 V; -2.9 V to +2.9 V 



12.2,7 Increasing the Output Voltage Range: The Wide-Swing 
Current Mirror 


n section it was found that while the output voltage of the circuit ot Fig- 

swing to within 2| V ov of F 0D , the cascode current mirror limits the negative swing W 
[21 V ov | 3" V t ] above — In other words, the cascode mirror reduces the voltage swing 
V > volts - Thls P° int is further illustrated in Fig. 12.12(a). which shows a cascode mirror ^ 
V ss = 0, tor simplicity) and indicates the voltages that result at the various nodes. 0 bserv 
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Figure 12.12 (a) Cascode current mirror with the voltages at all nodes indicated. Note that the minimum 
voltage allowed at the output is I, + 2V ot ... (b) A modification of the cascode mirror that results in the reduc¬ 
tion of the minimum output voltage to V ov . This is the wide-swing current mirror. The circuit requires a bias 
voltage F B!AS . 


that because Hie voltage at the gate of ts 2 r, + 2V 0 ,, the minimum voltage permitted at 
the output (while Q 3 remains saturated) is V ( + 2V ov , hence the extra V r Also, observe that Q, 
is operating with a drain-to-source voltage V. + V ov , which is V t volts greater than it needs to 
operate in saturation. 

The observations above lead us to the conclusion that to permit the output voltage at the 
drain of Q 3 to swing as low as 2V ov , we must lower the voltage at the gate of Q i from 21] + 
2V ov to V t + 2 V ov . This is exactly what is done in the modified mirror circuit in Fig. 
12.12(b): The gate of is now connected to a bias voltage l BIAS = V t + 2V or Thus the out¬ 
put voltage can go down to 2V 0l with Q , still in saturation. Also, the voltage at the drain of 

is now V ol and thus Q , is operating at tlie edge of saturation. The same is true of Q : and 
thus the current tracking between Q, and Q 2 will be assured. Note, however, that we can no 
longer connect the gate of Q , to its drain. Rather, it is connected to the drain of Q v This 
establishes a voltage of V t + V ov at the drain of Q A which is sufficient to operate Q 4 in satura¬ 
tion (as long as f is greater than V (m which is usually the case). This circuit is known as the 
wide-swing current mirror. Finally, note that Fig, 12.12(b) does not show' the circuit foi 
generating K B]AS . There are a number of possible circuits to accomplish this task, one of 
which is explored in Exercise 12.9. 



12.9 Show that if transistor Q $ in the circuit of Fig. El 2.9 has a W/L ratio equal to one-quarter that of the 
transistors in the wide-swing current mirror ot Fig. 12.12(b), and provided the same value of / REF is 
utilized in both circuits, then the voltage generated, V 5 is V t + 2 V Qyi which is the value of ! aiAS need¬ 
ed for the gates of Qx and Q r 
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12.3 The 741 Op-Amp Circuit 1003 







Figure E12.9 


12.3 The 741 Op-Amp Circuit 

Our study of BJT op amps is in two parts: The first part (Sections 12.3-12.6) is focused on the 
741 op-amp circuit, which is shown in Fig. 12.13; the second part (Section 12.7) presents some 
of the more recent design techniques. Note that in keeping with the IC design philosophy, 
the circuit in Fig. 12.13 uses a large number of transistors, but relatively few resistors, and 
only one capacitor. This philosophy is dictated by the economics (silicon area, ease offabri- 
cation, quality o realizable components) of the fabrication of active and passive compo¬ 
nents in 1C form (see Section 7.1 and Appendix A). 

As is the case with most general-purpose IC op amps, the 741 requires two power supplies, 
+ Vcc an d Normally, V cc = V EE = 15 V, but the circuit also operates satisfactorily 
with the power supplies reduced to much lower values (such as ±5 V). It is important to 
observe i hat no circuit node is connected to ground, the common termit ial of the two supplies. 

W ith a relatively large circuit such as that shown in Fig. 12.13, the first step in the analy¬ 
sis is the identification oi its recognizable parts and their functions. This can be done as 
follows. 

12.3.1 Bias Circuit 

The reference bias current of the 741 circuit, / REF , is generated in the branch at the extreme 
left of Fig. 12.13, consisting of the two diode-connected transistors Q u and Q l2 and the 
resistance R y Using a Widlar current source formed by Q u , Q m , and R v bias current for the 

first stage is generated in the collector o' (7 I0 . Another current mirror formed by (? g and £?9 
takes part in biasing the first stage. 

The reference bias current / REF is used to provide two proportional currents in the 
collectors of Q iy This double-collector lateral 2 pup transistor can be thought of 3S two 
transistors whose base—emittei junctions are connected in parallel. Thus Q l2 an ^ 
a two-output current mirror: One output, the collector of Q ,,,, provides bias current aM 

acts as a current-source load for Q„, and the other output, the collector of Q lU , P rovil!ts 
bias current for the output stage of the op amp. 



See Appendix A for a description of lateral pnp transistors. Also, their characteristics were discuss© 
in the Appendix to Chapter 7, Section 7.A.2. 


Figure 12.13 The 741 op-amp circuit: Q ln and generate a reference bias current; / REF . Q l0 , {? g , and Q „ bias the input stage, which is composed of Q i to Q T 
The second gain stage is composed of Q lh and Q n with Q m acting as active load. The class AB output stage is formed by Q u and Q 2(l with biasing devices Q iJ4 , Q ifs , 
and Q and an input buffer Q 2r Transistors Q ,,, £? 2 r C 24 , and Q 2 -y serve to protect the amplifier against output short circuits and are normally cut of . 
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Two more transistors, Q l8 and 0 19 , take part in the dc bias process. The purpose of 
and Q ]9 is to establish two V BE drops between the bases of the output transistors Q { aiu j j" 

12.3.2 Short-Circuit Protection Circuitry 

The 741 circuit includes a number of transistors that are normally off and conduct on! ' 
the event of on attempt to draw a large current from the op-amp output terminal. This ha 
pens, for example, if the output terminal is short-circuited to one of the two supplies Ik 
short-circuit protection network consists of R 6 , R v Q i5 . Q 1A , R w and Q 1V In the follow¬ 
ing we shall assume that these transistors are off. Operation of the short-circuit protection 
network will be explained in Section 12.5,3. 


12.33 The Input Stage 

The 741 circuit consists of three stages: an input differential stage, an intermediate single- 
ended high-gain stage, and an output-buffering stage. The input stage consists of transistors 
Q, through Q v with biasing performed by Q H , Q and Q w . Transistors Q , and Q } act as emit¬ 
ter followers, causing the input resistance to he high and delivering the differential input sig¬ 
nal to the differential common-base amplifier formed by Q\ and Q r Thus the input staged 
the differential version of the common-collector common-base configuration discussed in 
Section 7.6.3. 

Transistors Q y Q b , and Q , and resistors R r /?,, and /?_, form the load circuit of the input 
stage. This is an elaborate current-mirror load circuit, which we will analyze in detail in Section 
12.5.1 .1 lie circuit is based on the base-current-compensated mirror studied in Section 7.5, but it 
includes two emitter-degeneration resistors and R y and a large resistor R, in the emitter of Q-. 
It will be shown that this load circuit not only provides a high-resistance load but also converts 
the signal from differential to single-ended form with no loss in gain or common-mode rejec¬ 
tion. The output ot the input stage is taken single-endedly at the collector of Q b . 

As mentioned in Section 8.6.2. every op-amp circuit includes a level shifter whose func¬ 
tion is to shift the dc level of the signal so that the signal at the op-amp output can swing 
positive and negative. In tie 741, level shifting is done in the first stage using the lateral pup 
transistors and Q A . Although lateral pnp transistors have poor high-frequency perfor¬ 
mance, their use in the common-base configuration (which is known to have good high- 
frequency response) does not seriously impair the op-amp frequency response. 

The use of the lateral pnp transistors Q. and Q A in the first stage results in an added advan- 
tage. protection of the input-stage transistors Q x and Q-, against emitter—base junction break¬ 
down. Since the emitter—base junction of an npn transistor breaks down at about 7 V of reverse 
bias (see Section 6.9.1). regular npn differential stages suffer such a breakdown if, say, (he 
supply voltage is accidentally connected between the input terminals. Lateral pnp transistors, 
however, have high emitter-base breakdown voltages (about 50 V): and because they are con¬ 
nected in series with and Q v 11 ley provide protection of the 741 input transistors, Q, and£T 

Finally, note that except for using input buffer transistors, the 741 input stage is essen 
dally a current-mirror-loaded diilerential amplifier. It is quite similar to the input stage ot 
the CMOS amplifier in Fig. [ 2.1 


12.3.4 The Second Stage 

r he second < >r intermediate stage is composed of Q lft , Q n , Q t Jfl , and the two resistors and t 
Transistor Q ]b acts as an emitter follower, thus giving the second stage a high inp ll[ 
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resistance. This minimizes the loading on the input stage and avoids loss of gain Also 
adding with its 50-kU emitter resistance (which is similar to 0, and «,) increases the 
symmetry ot me tirst stage and thus improves its CMRR. Transistor 0„ acts as a com¬ 
mon-emitter amplifier with a 100-Q resistor in the emitter. Its load is composed of the 
high output resistance of the pnp current source 0 I3 „ in parallel with the input resistance 
of the output stage (seen looking into the base of Q a ). Using a transistor current source as 
a load resistance ( active load) enables one to obtain high gain without resorting to the use 
of large load resistances, which would occupy a large chip area and require large power- 
supply voltages. 

The output of the second stage is taken at the collector ot Q xr Capacitor C\ is connected 
in the feedback path of the second stage to provide frequency compensation using the Miller 
compensation technique studied in Section 10.13. It will be shown in Section 12.5 that the 
relatively small capacitor gives the 741 a dominant pole at about 4 Hz. Furthermore, pole 
splitting causes other poles to he shifted to much higher frequencies, giving the op amp a 
uniform -20-dB/decade gain rolloff with a unity-gain bandwidth of about 1 MHz. It should 
be pointed out that although C c is small in value, the chip area that it occupies is about 
13 times that of a standard npn transistor! 


12.3.5 The Output Stage 

The purpose of the output stage (Chapter 11) is to provide the amplifier with a low output 
resistance. In addition, the output stage should be able to supply relatively large load cur¬ 
rents without dissipating an unduly large amount of power in the IC. The 741 uses an effi¬ 
cient class AB output stage, which we shall study in detail in Section 12.5. 

The output stage of the 741 consists of the complementary pair £> l4 and Q 2ir where Q ztt is 
a substrate pnp (see Appendix A). Transistors (7 ]8 and Q x9 are fed by current source Q l3A and 
bias the output transistors Q u and Q m . Transistor Q 2i (which is another substrate pnp ) acts as 
an emitter follower, thus minimizing the loading effect of the output stage on the second 
stage, 

12.3.6 Device Parameters 

In the following sections we shall carry out a detailed analysis ot the 741 circuit. For the 
standard npn and pnp transistors, the following parameters will he used: 

npn : I s - 10 ,J A, J3 = 200, V A - 125 V 

pnp: 1$ = 10 4 A, f5 - 50, V A = 50 V 

In the 741 circuit the nonstandard devices are Q xy Q u , and Q m . Transistor Q xi will be 
assumed to he equivalent to two transistors, Q UA and with parallel base-emitter junc¬ 
tions and having the following saturation currents: 

I SA = 0.25 x 10' IJ A Isb = °- 75 x 10 "' 4a 

Transistors Q t i and Q, {) will he assumed to each have an area three times that of a standard 
device. Output transistors usually have relatively large areas, to he able to supply large load 
currents and dissipate relatively large amounts of power with only a moderate increase in 

device temperature. 
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12.10 For the standard npn transistor whose parameters are given in Section 12.3.6, find approximate 
values for the following parameters at I c = 1 mA: V BEi g m , r e , and r a . 

Ans. 633 mV; 40 mA/V; 25 £2; 5 kQ; 125 kQ 

12.11 For the circuit in Fig. E12.11, neglect base currents and use the exponential i r -v Bf relationship to 
show that 

h = A 


+ 15 V 



K 



Figure E12.11 




12.4 DC Analysis of the 741 

In this section, we shall carry out a dc analysis of the 741 circuit to determine the bias 

point of each device. For the dc analysis of an op-amp circuit, the input terminals are 

grounded. Theoretically speaking, this should result in zero dc voltage at the output. How 

ever, because the op amp has very large gain, any slight approximation in the analysis will 

show that the output voltage is far from being zero and is close to either +K CC or -V#- ^ 

' ractice, an op amp left open-loop will have an output voltage saturated close to 

one of the two supplies. To overcome this problem in the dc analysis, it will be assume 

thai the op amp is connected in a negative feedback loop that stabilizes the output 1 
age to zero volts. 
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12.4.1 Reference Bias Current 

The reference bias current / REF is generated in the branch composed of the two diode- 
connected transistors Q u and Q l2 and resistor R y With reference to Fig. 12.13. we can write 

, _ v cc ~ Veb\ 2~ V BEn ~(-V FF ) 

'ref-—- 

/C5 

For V cc - V EE = 15 V and \ BEU = V EBn =* 0.7 V, we have / REF = 0.73 mA. 

12.4.2 Input-Stage Bias 

Transistor Q u is biased by / REF , and the voltage developed across it is used to bias Q ]0 , which 
has a series emitter resistance R 4 . This part of the circuit is redrawn in Fig. 12.14 and can be 
recognized as the Widlar current source studied in Section 7.5.5. From the circuit, and 
assuming p w to be large, we have 


+S£11 — ^ BE 10 — ^CL0^4 

Thus 

Vt In T 2 = Id o«4 (12.75) 

'no 

where it has been assumed that 7 S1(I =I SH . Substituting the known values for 7 KEP and R 4 , this equa¬ 
tion can be solved by trial and error to determine 7 CT0 . For our case, the result is 7 CI0 = 19 pA. 




Figure 12.14 The Widlar current source that 
biases the input stage. 



D1 2.12 Design the Widlar current source of Fig. 1 2.14 to generate a current 7 C10 - 10 pA given that 7 REF 
1 mA If at a collector current of 1 mA, V BE = 0.7 V, find 1 BEl[ and 1 B£l0 . 


Ans. R a = 11.5 kQ; V BEll = 0.7 V; 1 8£10 - 0.585 V 


— 
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Figure 12.15 The dc analysis of the 741 input stage. 


Having determined / C10 , we proceed to determine the dc current in each of the input-stage 
transistors. Part of the input stage is redrawn in Fig. 12.15. From symmetry, we see that 

'a = At: 

Denote this current by /. We see that if the npn ^is high, then 

hy = Iea ~ / 

and the base currents of £) 3 and Q 4 are equal, with a value of //(/?,> + 1 — //$>, where ft 
denotes /? of the pnp devices. 

The current mirror formed by Q % and Q 9 is fed by an input current of 21. Using the result 
in Eq. (7.69), we can express the output current of the mirror as 


/ = - 21 
C9 1 +2/p P 

We can now write a node equation for node A'in Fig. 12.15 and thus determine the value 
of/. If pp 1, then this node equation gives 

2 / = / 

^ 1 'cio 

or the 741. / no — 19 pA, thus / — 9.5 uA. We have thus determined that 

^ci = Ic2 — Ic 3 = 7 c4 = 9.5 )JA 

«• .. th 1 ls l point - we should no,e that transistors Q, through 0., 0„ and Q, form a negative- 
feedback loop, which works to stabilize the value of / at approximately / cl0 /2. To app«'; 
a e this fact, assume that for some reason the current / in Q , and Q. increases. This will 
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Figure 12.16 The dc analysis of the 741 input stage, continued. 


cause the current pulled horn Q % to increase, and the output current of the Q$-Q 9 mirror will 
correspondingly increase. However, since Z C)0 remains constant, node A'forces the combined 
base currents of Q 3 and Q 4 to decrease. This in turn will cause the emitter currents of Q and 
Q v and hence the collector currents of Q and Q : , to decrease. This is opposite in direction to 
the change originally assumed. Hence the feedback is negative, and it stabilizes the value 
of/. 

i igure 12.16 shows the remainder of the 741 input stage. This part of the circuit is fed by 
/ C3 - / C4 — /. Transistors Q 5 and Q 6 are identical and have equal resistances /?, and R 2 in 
their emitters; thus. 


Zc5 = Zc6 (12.76) 

Now' if the base currents of and Q l6 can be neglected, then 

/cs “ Zc3 “ / (12.77) 

and 



Thus both the symmetry of Q s and Q b and the node equations at their collectors force their 
currents to be equal and to equal /. As will be shown shortly, not only are the base currents 
of Qj and £> l() negligible, but their values are also reasonably close, which is an added help. 

The bias current of Q 7 can be determined trom 

_ 2 / Vbe(, + IR 2 

Ici - hi ~ Ri 


(12.79) 
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where denotes p of the npn transistors. To 
tial relationship and write 

^BEb ~ 


determine 

*s 


V BCt , we use the transistor expone. 


Substituting /, = 10' 14 A and / = 9.5 qA results in V m = 517 mV. Then subsntutins 
Eq. (12.79) yields / CT = 10.5 |iA. Note that the base current of Q 1 at approximate!} 005 ? 
is indeed negligible in comparison to the value of /, as has been assumed. ^ 


12.4.3 Input Bias and Offset Currents 


The input bias current of an op amp is defined (Chapters 2 and 8 ) as 


For the 741 we obtain 



h\ + ^ 


B 2 




Using P N = 200, yields I B = 47.5 nA. Note that this value is reasonably small and is typical of 
general-purpose op amps that use BJTs in the input stage. Much lower input biascuuentsin 
the picoamp or femtoamp range) can be obtained using a FET input stage. Also, there exist 
techniques for reducing the input bias current of bipolar-input op amps. 

Because of possible mismatches in the Rvalues of £>, and Q v the input base currents will 

not be equal. Given the value of the mismatch, one can use Eq. (8.131) to calculate the 

input offset current, defined as 

I OS = Vb\ — ^ 52 ! 


12.4.4 Input Offset Voltage 

From Chapter 8 we know that the input offset voltage is determined primarily by mismatches 
between the two sides of the input stage. In the 741 op amp, the input offset voltage is due to 
mismatches between Q , and Q 2 , between Q 3 and Q v between Q , and Q h , and between /?, and 
R r Evaluation of the components of V (9S corresponding to the various mismatches follows the 
method outlined in Section 8.4. Basically, we find the current that results at the output of the 
first stage due to the particular mismatch being considered. Then we find the differential 
input voltage that must be applied to reduce the output current to zero. 


12.4.5 Input Common-Mode Range 

The input common-mode range is the range of input common-mode voltages over which 
the input stage remains in the linear active mode. Refer to Fig. 12.13. We see that in the 741 
circuit the input common-mode range is determined at the upper end by saturation of Q\ an ^ 
Q v and at the lower end by saturation of Q x and Q 4 . 
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12.4.6 Second-Stage Bias 

If we neglect the base current of Q 23 then we see from Fig. 12.13 that the collector current of 

Qn is approximately equal to the current supplied by current source Q m . Because Q nB has a 

scale current 0.75 times that of Q n , its collector current will be /, l3B ~ 0.75/ REF , where we 

have assumed that p P ^ 1. Thus I cnB = 550 pA and / n7 — 550 pA, At this current level the 
base-emitter voltage of Q n is 


^B£i 7 - Fj-ln~- = 618 mV 

h 

The collector current of Q Uy can be determined from 

/ ~ T - ! , '£17^8 + F s£J7 
^C16 — '£16 “ 'fil? + - n - 

This calculation yields I a6 = 16.2 pA. Note that the base current of Q Ui at 0.08 pA will 
indeed be negligible compared to the input-stage bias /, as we have assumed. 

12.4.7 Output-Stage Bias 

Figure 12.1 7 shows the output stage of the 741 with the short-circuit-protection circuitry 
omitted. Current source Q UA delivers a current of 0.25/ R£F (because I s of Q ]34 is 0.25 


— 

40 kO 


+ K 


cc 




0.25/ 


REF 


Vi 


EE 



14 



oOV 


Figure 12.17 The 741 output stage without the short-circuit protection dev ices. 
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times the I s of Q n ) to the network composed of Q n , Q ]9 , and R n) , If we neglect 
currents of Q l4 and Q m , then the emitter current of Q 2i will also be equal to 0,25/ 


the base 


ref- Thu 


s 


423 — 423 " 0.25/ ref — 180 (iA 

Thus we see that the base current ot Q 2l is only I 80/50 = 3.6 pA, which is 
compared to I nv as we have assumed. 

If we assume that V BEls is approximately 0.6 V, we can determine the current in R 
15 juA. The emitter current of Q ls is therefore 


negligible 


10 


as 


4,8 = 180-15 = 165 p A 


\! so. 


4l8 — 4l8 ~ 165 p A 

At this value of current we tlnd that V BElil = 588 mV. which is quite close to the value 

assumed. The base current of £> IH is 165/200 = 0.8 pA, which can be added to the current in 
R m to determine the Q ig current as 

-4,9 ~ 4i9 ~ 15.8 pA 

The voltage drop across the base-emitter junction of Q y , can now be determined as 

r*£i, = V T In ■— = 530 mV 

As 

As mentioned in Section 12.3.5, the purpose of the < ^ n —Q i9 network is to establish two V a[ 

drops between the bases of the output transistors Q i4 and Q 20 . This voltage drop, V BB , can be 
now calculated as 


v bb = Vbe\% + V B £\9 = 588 + 530 = 1.118 V 

Since V BQ appears across the series combination of the base—emitter junctions of Q u and Q :u 
we can write 



Using the calculated value of V UD and 

on 

collector currents as 






substituting / Sl4 = 1 ^ 0 = 3x 10 14 A, we determine the 


Atm — 420 ~ 154 p A 


This is the small current at which the class AB 


output stage is biased. 


12.4.8 

For future 
of the 741 


Summary 

reference, Table 12.1 provides a listing of the values of the collector bias currents 

transistors. 
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12.14 11 in the circuit ol Fig. 12,17 the Q iS -Q {9 network is replaced by two diode-connected transistors, 

find the current in Q ]4 and Q 2U . {Hint: Use the result of Exercise 12.11.) 

Arts. 540 pA 


12.5 Small-Signal Analysis of the 741 


12.5.1 The Input Stage 


Figure 12.18 shows part of the 741 input stage for the purpose of performing small-signal 
analysis. Note that since the collectors of Q, and Q : are connected to a constant dc voltage, 
they are shown grounded. Also, the constant-current biasing of the bases of Q 3 and Q 4 is 
equivalent to having the common base terminal open-circuited. 

The differential signal v i applied between the input terminals effectively appears across 
four equal emitter resistances connected in series—those of Q 2 , Qy and Q r As a result, 

emitter signal currents flow as indicated in Fig. 12.18 with 



(12.80) 



I 


I 


Figure 12.18 Small-signal analysis of the 
741 input stage. 
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where r e denotes the emitter resistance of each of Q , through Q r Thus 


Vt _ 25 mV 

* " / 9.5 nA 


2.63 kQ 



Thus the four transistors Q ] through Q 4 supply the load circuit with a pair of co 
current signals cd e , as indicated in Fig. 12.18. 

The input differential resistance of the op amp can be obtained from Fig. 12.18 as 


R id = 4(/?„+l )r t 


02.81} 


For /? v = 200, we obtain R id - 2.1 MQ. 

Proceeding with the input-stage analysis, we show in Fig. 12.19 the load circuit fed with 
the complementary pair of current signals found earlier. Neglecting the signal current in the 
base of Q v we see that the collector signal current of Q 5 is approximately equal to the input 
current od e . Now, since Q 5 and Q t are identical and their bases are tied together, and since 
equal resistances are connected in their emitters, it follows that their collector signal currents 
must be equal. Thus the signal current in the collector of Q h is forced to be equal to at In 
other words, the load circuit functions as a current mirror. 

Now consider the output node of the input stage. The output current i o is given by 


h = 2ai e (12.82) 

The factor of 2 in this equation indicates that conversion from differential to single-ended is 
performed without losing hall the signal. The trick, of course, is the use of the current mirror 

to invert one of the current signals and then add the result to the other current signal (see 
Section 8.5). 

Equations 1 12.80) and (12.82) can be combined to obtain the transconductance of the 
input stage, G m[ \ 




Figure 12.19 The Inad circuit of the input stage fed by the two complementary current signals generatedh 
■' * rou ^ Q * in Fig* 12.18. Circled numbers indicate the order of the analysis steps. 
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Substituting r. = 2.63 k£2 and a = 1 yields G„, = 1/5.26 mA/V. The expression for G , can 
be written in the alternate form 



where g mi is the transconductance of each of Q { to Q 4 . 


(12.83 # ) 



,15 


hor the circuit in fig. 12.19, find in terms of i e : (a the signal voltage at the base of Q h \ (b) the 
signal current in the emitter ot Q 7 \ (c) the signal current in the base of Q 7 \ < d the signal voltage 

at the base of Q 7 \ (e) the input resistance seen by the left-hand-side signal current source cci 
{Note: For simplicity, assume that I a - / C5 = I a .) 

Ans. (a) 3.63 kU x i e ; (b) 0.08/ f ; (c) 0.0004/,; (d) 3.84 kD x /,; (e) 3.84 kQ 






To complete our modeling ot the 741 input stage, we must find its output resistance R ol . 
This is the resistance seen “looking back” into the collector terminal of Q b in Fig. 12.19. 
Thus R ol is the parallel equivalent of the output resistance of the current source supplying 
the signal current cci.,, and the output resistance of Q h . The first component is the resistance 
looking into the collector of Q 4 in Fig. 12.18. Finding this resistance is considerably simpli¬ 
fied if we assume that the common bases of Q } and Q 4 are at a virtual ground. This of course 
happens only when the input signal v t is applied in a complementary fashion. Nevertheless, 
this assumption does not result in a large error. 

Assuming that the base of Q 4 is at virtual ground, the resistance we are after is R A , indi¬ 
cated in Fig. 12.20(a). This is the output resistance of a common-base transistor that has 
a resistance (r f of Q 2 ) in its emitter. l*o find R 4 we may use the following expression 
(Eq. 7.51): 


R 0 - r a [\ +g m (R e Ik,)] 


(12.84) 


Substituting R - r e = 2.63 kQ and r 0 = V A i /, where V A - 50 V and /- 9.5 pA (thus r 0 - 
5.26 MQ), and neglecting r n since it is (/? + 1) times larger than R E , results in R ^ = 10.5 MQ. 








Figure 12.20 Simplified circuits tor finding ihe 
two components of the output resistance R oi of the 
first stage. 
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The second component of the output resistance is that seen looking into the coiw 
a in Fig. 12.19 with the ai e generator set to 0. Although the base of Q 6 is not at signal m i 
we shall assume that the signal voltage at the base is small enough to make this approxi ' 
tion valid. The circuit then takes the form shown in Fig. 12.20(b), and can be detemT!! 
using Eq. (12.84) with R t , — R 2 • Thus R o(i — 18.2 M£2. 

Finally, we combine R (>4 and R^ in parallel to obtain the output resistance of the m 
stage, R it]y as R tl = 6.7 MU. ^ 

Figure 12.21 shows the equivalent circuit that we have derived for the input stage 



Figure 12.21 Small-signal equivaleni circuit for the input stage of the 741 op amp 


Example 12.3 


We wish to find the input offset voltage resulting from a 2% mismatch between the resistances and R , 

in Fig. 12.13. 

Solution 

Consider first the situation when both input terminals are grounded, and assume that R ] = R and R 2 = R + 
AR, where A R/R = 0.02. From Fig. 12.22 we see that while Q $ still conducts a current equal to /, the cur¬ 
rent in. Q b will be smaller by A/. The value of A/ can be found from 

V be$ +IR = V BEb + (I- AI)(R + AR) 

Thus 


^ BE5 ~ Vbe6 ~ - A I(R + AR) 


(12.85) 


The quantity on the left-hand side is in effect the change in V BE due to a change in I h of A/. We may there¬ 
fore write 


fj?£5 — — A// 


BEb 


( 12 . 86 ) 


Equations (12.85) and (12.86) can be combined to obtain 


A[ 

/ 


AR 


R + AR + r 


(12.87) 


Substituting R - 1 kn and r- 2.63 kil shows that a 2% mismatch between 7?, and R : gives rise to an 

output current A/ = 5.5 x 10 I. To reduce this output current to zero we have to apply an input voltage 
V os given by 
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5.5 x 10" 3 / 


m 1 


( 12 . 88 ) 


Substituting / 9.5 pA and G ml - 1 5.26 mA/V results in the offset voltage ^ ~ 0.3 mV. 

It should be pointed out that the offset voltage calculated is only one component of the input offset 

voltage of the 741. Other components arise because of mismatches in transistor characteristics. The 741 

offset voltage is specified to be typically 2 mV. 



T t t 


Figure 12.22 Input stage with both inputs grounded and a mismatch AR between and /?,. 






It is required to find the CMRR of the 741 input stage. Assume that the circuit is balanced except for mis¬ 
matches in the current-mirror load that result in an error £ m in the mirror s current-transfer ratio; that is, 
the ratio becomes (1 -£„,)■ 

Solution 

In Section 8.5.4 we analyzed the common-mode operation of the current-mirror-loaded differential 
amplifier and derived an expression for its CMRR. The situation in the 741 input stage, however, differs 
substantially because of the feedback loop that regulates the bias current. Since this feedback loop is sen- 
sitive to the common-mode signal, as will be seen shortly, the loop operates to reduce the common-mode 
gain and, correspondingly, to increase the CMRR. Hence, its action is referred to as common-mode 

feedback. 

Figure 12 23 shows the 741 input stage with a common-mode signal v icm applied to both input termi- 
nals. We have assumed that as a result of , to> a signal current / flows as shown. Since the stage is bal- 

anced, both sides carry' the same current i. 
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Example 12.4 continued 



Figure 12.23 Example 12.4: Analysis of the 
common-mode gain of the 741 input stage. Note that 
R a = R o9 || /? o]0 , has been “pulled out” and shown 
seperately, leav ing behind ideal current sources Q 9 and 

Q w 


Our objective now is to determine how i relates to v u m . Toward that end, observe that for common¬ 
mode inputs, both sides of the differential amplifier, that is, Q^-Qy and Q 2 - 0 4 , act as followers, deliv¬ 
ering a signal almost equal to v icm to the common-base node of Q 3 and Q 4 . Now, this node Y is con¬ 
nected to the collectors of two current sources, Q g and Denoting the total resistance between node 
Y and ground R oi we write 



(12.89) 


In Fig. 12.23 we have ‘pulled R 0 out,” thus leaving behind ideal current sources Q 9 and Q]$. Since 
the current in Q | 0 is constant, we show Q ]0 in Fig. 12.23 as having a zero incremental current. Transistor 
Qq, on the other hand, provides a current approximately equal to that fed into which is 2i. This is the 
feedback current. Since Qg senses the sum ot the currents in the two sides of the differential amplifier, the 
feedback loop operates only on the common-mode signal and is insensitive to any difference signal. 

Proceeding with the analysis, we now can write a node equation at Y, 



Assuming p P >\, this equation simplifies to 


J). 

i cm 



(12.90) 


2 R„ 

Having determined i, we now proceed to complete our analysis by finding the output current i . 
circuit in Fig. 12.23, we see that 


(12.91) 

From the 


Thus the common-mode transconductance of the input stage is given by 



mcm 



V 


um 


£ t 


V 


i cm 
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Substituting for i from Eq. 1 12.91 1 gives 



mcm 



(12.93) 


Finally, the CMRR can be found as the ratio of the differential transconductance G , found in Eq 
(12.83 ) and the common-mode transconductance G 

mcm ’ 


CMRR = 


m I 


mcm 


^ 8m 1 ^o ^ 


(12.941 


where g m ± is the transconductance ot Now substituting for R frorn Ecj. 1 1 2.89 ), we obtain 


CMRR = 2g m] (R o9 1| R ol0 )/ e m 


(12.95) 


Before leaving this example, we observe that if the feedback were not present, the 2/ term in Eq. (12.90) 
would be absent and the current i would become P P {v icm /2 R which is J3 P times higher than that w r hen 
feedback is present. In other words, common-mode feedback reduces /, hence the common-mode 
transconductance and the common-mode gain, by a factor fi P . 



12.16 Show that if the source of the imbalance in the current-mirror load is that while 
R i - /?, R 2 = R + AR, the error £ m is given by 


R + r eS + 4 R 

Evaluate e m for AR/R - 0.02, 

Ans. e n = 5.5 x 10”’ 

12.17 Refer to Fig. 12.23 and assume that the bases of Q 9 and Q l0 are at approximately constant voltages 
(signal ground). Find R , R and hence R„. Use V A - 125 V tor nprt and 50 V for pnp tran¬ 
sistors. Use the bias current values in Table 12.1. 

Ans. R o9 = 2.63 MO; R ol0 = 31.1 MO; R 0 = 2.43 MO 

12.18 Use the results of Exercises 12.16 and 12.17 to determine G mcm and CMRR of the 741 input stage. 
What would the CMRR be if the common-mode feedback were not present? Assume p P = 50. 
Ans. G = 1.13 X 10” 6 mA/V; CMRR = 1.68 x 10' or 104.5 dB; without common-mode 

feedback, CMRR = 70.5 dB 

-------' - 


12.5.2 The Second Stage 

igure 12.24 shows the 741 second stage prepared for small-signal analysis. In this section 
we shall analyze the second stage to determine the values ol the parameters ot the equivalent 

circuit shown in Fig. 12.25. 

Input Resistance The input resistance R a can be found by inspection to be 

Rn = ($6+01^16-K/M(£n+ , )('.i7 + *«)]} 


(12.96) 
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Figure 12.24 The 741 second stage prepared for 
small-signal analysis. 



Figure 12.25 Small-signal equivalent-circuit model of the second stage. 


Substituting the appropriate parameter values yields R n — 4 MQ. 

Transconductance From the equivalent circuit of Fig. 12,25, we see that the transcon¬ 
ductance G m2 is the ratio ot the short-circuit output current to the input voltage. Short- 
circuiting the output terminal ot the second stage (Fig. 12.24} to ground makes the signal 
current through the output resistance of Q nB zero, and the output short-circuit current 

becomes equal to the collector signal current of Q n (i cn ). This latter current can be easily 
related to v a as follows: 


av 


l c 17 — 


617 


v bn = 


r el7 + RfS 

(■^9 ll^/n) 


(12.971 


v n 


11 


(*9llrtii7) + r 


(12.98) 


e 16 


^07 - (/?i 7 + 1 ){r e \i + R*) 


(12.99) 


where we have neglected r ol6 because r ol6 > R () . These equations can be combined to obtain 


- 


1 


c\l 


( 12 . 100 ) 


V 


which, for the 741 parameter values, is found to be G m2 = 6.5 mA/V. 

Output Resistance fo determine the output resistance R, a of the second stage in Fig 
12.24, we ground the input terminal and find the resistance looking back into the output terminal. 
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Figure 12.26 Definition of R alv 


It follows that R o2 is given by 



(R 0 


135 



( 12 . 101 ) 


where R o[W is the resistance looking into the collector of Q nB while its base and emitter are 
connected to ground. It can be easily seen that 


Rq\1B — f o 13 5 ^*jW2-102) 

For the 741 component values we obtain R oliB - 90.9 kQ. 

The second component in Eq. 12.lt d), R oil , is the resistance seen looking into the collec¬ 
tor of O lv as indicated in Fig. 12.26. Since the resistance between the base of Q n and ground 
is relatively small, one can considerably simplify matters by assuming that the base is 
grounded. Doing this, we can use Eq. (12.84) to determine R gX1 . For our case, the result 
is R „|7 — 787 kQ. Combining R i3B and R oll in parallel yields R ol = 81 kQ. 

Thevenin Equivalent Circuit The second-stage equivalent circuit can be converted to 
the Thevenin form, as shown in Fig. 12.27. Note that the stage open-circuit voltage gain is 



Figure 12.27 Thevenin form of the small-signal model of the second stage. 



12.19 Use Eq. (12.96) to show that R a = 4 MQ. 

12.20 Use Eqs. (12.97) to (12.100) to verify that G„ a is 6.5 mA/V. 


12.21 Verify that R : — 81 kQ. 

12.22 Find the open-circuit voltage gain of the second stage of the 741. 
Ans. -526.5 V/V 
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12.5.3 The Output Stage 

The 741 output stage is shown in Fig. 12.28 without the short-circuit-protection cir 

The stage is shown driven by the second-stage transistor 0 I7 and loaded with a 2-kQ ■ 
tance. The circuit is of the AB class (Section 11.4), with the network composed of 0 q 
and R w providing the bias of the output transistors Q i4 and Q 2i) . The use of this network 
rather than two diode-connected transistors in series enables biasing the output transistors 
a low current (0.15 mA) in spite of the fact that the output devices are three times as lare - 
the standard devices. This result is obtained by arranging that the current in Q l9 is very small 
and thus its V BE is also small. We analyzed the dc bias in Section 12.4.7. 

Another feature of the 741 output stage worth noting is that the stage is driven by an emit 
ter follower Q 2y As will be shown, this emitter follower provides added buffering, which 
makes the op-amp gain almost independent of the parameters of the output transistors 


Output Voltage Limits The maximum positive output voltage is limited by the satura 
tion of current-source transistor Q l3A . Thus, 


O max 


= Vcc V, 


CE sat 


- V 


BE 14 


(12.103) 


which is about 1 V below V cc . The minimum output voltage (i.e., maximum negative ampli¬ 
tude) is limited by the saturation of Q ir Neglecting the voltage drop across R y we obtain 





Output stage 


Figure 12.28 The 741 


output stage without the short-circuit-protection circuitry. 
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Figure 12.29 Model for the 741 output stage 


l 'omm “ V EE + F Cfsat + V Em + V EB20 (12.104) 

which is about 1.5 V above —V ec . 

EE 

Small-Signal Model We shall now carry out a small-signal analysis of the output stage 

for the purpose of determining the values of the parameters of the equivalent-circuit model 

shown in Fig. 12.29. The model is shown ted by v o2 , which is the open-circuit output voltage 
of the second stage. From Fig. 12.27, v o2 is given by 

v o 2 = ~G m2 R a 2 v l2 (12.105) 


where G m2 and were previously determined as G ml = 6.5 mA/V and R o2 = 81 kft. Resis¬ 
tance R ini is the input resistance ot the output stage determined with the amplifier loaded 
with R l . Although the effect of loading an amplifier stage on its input resistance is negligible 
in the input and second stages, this is not the case in general in an output stage. Defining R in ^ 
in this manner enables correct evaluation of the voltage gain of the second stage, as 




o 2 




(12.106) 


To determine R iny assume that one of the two output transistors—say, Q a ,—is conducting 
a current o ’, say, 5 mA while Q u is cutoff. It follows that the input resistance looking into 
the base of Q m is approximately j3 20 R L . Assuming /?,„ = 50, for R, - 2 kf2, the input resis¬ 
tance of Q m is 1(0 k£2. Fhis resistance appears in parallel with the series combination of the 
output resistance of Q ]3 , (r i]U — 280 kX2) and the resistance of the network. The latter 

resistance is very small (about 160 Q; see later: Exercise 12.23). Thus the total resistance in 
the emitter of Q u is approximately 1100 k£2 II 280 k£2) or 74 k!2 and the input resistance 
is given by 


which for = 50 is ^ ifl3 — 3.7 Mf2. Since R o2 = 81 kf2, we see that R M > R o2 , and the 
value of R m will have little effect on the performance of the op amp. Still we can use the value 
obtained for R M to determine the gain of the second stage using Eq. (12.106) as A 2 ~ -515 V/V. 
1 he value of A 2 will be needed in Section 12.6 in connection with the frequency-response 

analysis. 

Continuing with the determination of the equivalent ci cuit-model-parameters, we note 
from Fig. 12.29 that is the open-circuit overall voltage gain of the output stage. 


(12.107) 
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R 


o 2 



O 



o 


13 A 



A ! ai ge resistance 


*0U, r e20 


i Rq2 3 




&20 + 1 


R o2 , 

R ° n ~ ftj + i + r ' 23 


Figure 12.30 Circuit for finding the output resistance R aur 


With R/ = °o, the gain of the emitter-follower output transistor (0 14 or Q 2Q ) will be nearly 
unity. Also, with R, - °° the resistance in the emitter of Q iy will be very large. This means 
that the gain of Q n will be nearly unity and the input resistance of (J n will be very large. 
We thus conclude that G , — 1. 

vo3 

Next, we shall find the value of the output resistance of the op amp, R 0liV For this purpose 
refer to the circuit shown in Fig. 12.30. In accordance with the definition of R m from 
Fig. 12.29, the input source feeding the output stage is grounded, but its resistance (which h 
the output resistance of the second stage, R ol ) is included. We have assumed that the output 
voltage v 0 is negative, and thus Q 20 is conducting most of the current; transistor Q l4 has there¬ 
fore been eliminated. The exact value of the output resistance will of course depend on which 
transistor (Q u or Q 2(i ) is conducting and on the value of load current. Nevertheless, we wish to 
find an estimate of R tiul . 

As indicated in Fig. 12.30, the resistance seen looking into the emitter of Q 7J is 



Substituting R o2 = 81 kH, 0 2y = 50, and r eiy = 25/0. 18 = 139 Q yields R o23 = I - 73 k£l ^ 
resistance appears in parallel with the series combination of and the resistance of th e 
Q\%~Q\9 network. Since r oi}A alone (0.28 MU) is much larger than R o2 y the effective resis 

tance between the base of Q 2() and ground is approximately equal to R l)2y N° w wecan 111 
the output resistance R as 



For h = 50 ’ th e first component of R tm is 34 Q. The second component depends critic^) 
on the value of output current. For an output current of 5 mA, r >20 is 5 Q and R m * s ^ 
this value we must add the resistance R 7 (27 Q) (see Fig. 12.13), which is included tors o 

circuit protection. The output resistance of the 741 is specified to be typically 75 & 
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Ans. 163 fl 



rAA ' ~ t Figure E12.23 

12.24 Figure E12.24 shows the circuit for determining the op-amp output resistance when v a is positive 
and Q l4 is conducting most of the current. Using the resistance of the network calculated 

in Exercise 12.23 and neglecting the large output resistance of0 n) , find R mil when Q ,, is sourcing 
an output current of 5 mA. ; 

Ans. 14.4 Q 



Figure E12.24 
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Output Short-Circuit Protection If the op-amp output terminal is short-circuited to 
one of the power supplies, one of the two output transistors could conduct a large amount t 
current. Such a large current can result in sufficient heating to cause burnout of the ]p 
(Chapter 11). To guard against this possibility, the 741 op amp is equipped with a special 
circuit for short-circuit protection. The function of this circuit is to limit the current in the 
output transistors in the event of a short circuit. 

Refer to Fig. 12.13. Resistance R b together with transistor Q 15 limits the currents 
would flow out of Q u in the event of a short circuit. Specifically, if the current in the emit¬ 
ter of Q u exceeds about 20 mA. the voltage drop across R h exceeds 540 mV, which turns 
Q ]5 on. As Q l5 turns on, its collector robs some of the current supplied by Q nv thus reck 
ing the base current of Q ]r This mechanism thus limits the maximum current that the op 
amp can source (i.e., supply from the output terminal in the outward direction) to aboui 
20 mA. 

Limiting of the maximum current that the op amp can sink, and hence the current 
through is done by a mechanism similar to the one discussed above. I he relevant circuit 
is composed of Q 2] , Q 24 , and Q 22 . For the components shown, the current in the inward 
direction is limited also to about 2 (1 mA. 


12.6 Gain, Frequency Response, and 
Slew Rate of the 741 


In this section we shall evaluate the overall small-signal voltage gain of the 741 op amp. We 
shall then consider the op amp's frequency response and its slew-rate limitation. 


12.6,1 Small-Signal Gain 

The overall small-signal gain can be found from the cascade of the equivalent circuits 
derived in the preceding sections for the three op-amp stages. This cascade is shown in 
Fig. 12.31, loaded with R L = 2 k£2, which is the typical value used in measuring and specify¬ 
ing the 741 data. The overall gain can be expressed as 


o 


V ■ 



R, 

"r ^OUt 


( 12 . 110 ) 

( 12 . 111 ) 



Figure 12.31 ( ascading the small-signal equivalent circuits of the individual stages 
the overall voltage gain. 


for the evaluation of 
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Using the values found earlier yields for the overall open-circuit voltage gain 

-^ 0 = 7 t = _4?6 - 1 x (-526.5) x 0.97 = 243,147 V/V 
= 107.7 dB 


( 12 . 112 ) 


12.6.2 Frequency Response 

The 741 is an internally compensated op amp. It employs the Miller compensation tech¬ 
nique, studied in Section 10.13.3, to introduce a dominant low-frequency pole. Specifically 
a 30-pF capacitor (C c ) is connected in the negative-feedback path of the second sta*e An 
approximate estimate of the frequency of the dominant pole can be obtained as follows. 

From Miller s theorem (Section 9.4.4), we see that the effective capacitance due to C 
between the base of and ground is (see Fig. 12.13) c 


C in “ Q-U + Mil) (12.113) 

where A 2 is the second-stage gain. Use of the value calculated for A, in Section 12.5.3. A „ = 

—515, results in t in — 15,480 pF. Since this capacitance is quite large, we shall neglect all 

other capacitances between the base of Q ]6 and signal ground. The total resistance between 
this node and ground is 

Rf ~ Rol II Ri2 

= 6.7 Mail4 MQ = 2.5 Ma (12.114) 

Thus the dominant pole has a frequency f p given by 



1 


2zC m R, 


4.1 Hz 


(12.115) 


It should be noted that this approach is equivalent to using the approximate formula in 

Eq. (10.116). 

As discussed in Section 10.13.3, Miller compensation provides an additional advanta¬ 
geous effect, namely, pole splitting. As a result, the other poles of the circuit are moved to 
very high frequencies. This has been confirmed by computer-aided analysis [see Gray et al 
( 2000 )]. 

Assuming that all nondominant poles are at very' high frequencies, the calculated values 
give nse to the Bode plot shown in Fig. 12.32, where/, dB - f p . The unity-gain bandwidth f t can 
be calculated from 


Thus, 


ft ~ A<fi 


3dB 


(12.116) 


/ = 243,147x4.1 =* 1 MHz (12.117) 

Although this Bode plot implies that the phase shift at/, is —90° and thus that the phase 
margin is 90 , in practice a phase margin of about 80° is obtained. The excess phase shift 
(about 10°) is due to the nondominant poles. This phase margin is sufficient to provide stable 
operation of closed-loop amplifiers with any value of feedback factor /?. This convenience of 
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use of the internally compensated 741 is achieved at the expense of a great reduction in 
open-loop gain and hence in the amount of negative feedback. In other words, if one requires 
a closed-loop amplifier with a gain of 1000, then the 741 is over compensated for such an 
application, and one would be much bette; off designing one's own compensation (assuming, 
of course, the availability of an op amp that is not already internally compensated). 


12.6.3 A Simplified Model 


i’igure 12.33 shows a simplified model of the 74] op amp in which the high-gain second 
stage, with its feedback capacitance C c , is modeled by an ideal integrator. In this model, the 
gain of the second stage is assumed to be sufficiently large that a virtual ground appears at 
its input. For this reason the output resistance of the input stage and the input resistance ot 
the second stage have been omitted. Furthermore, the output stage is assumed to be an ideal 
unity-gain follower. Except tor the presence of the output stage, this model is identical to 
that which we used tor the two-stage MOS amplifier in Section 12.1.4 (Fig. 12.3). 

Analysis of the model in Fig. 12.33 gives 


v4(5-) 


Vq(s) 

Vi{s) 





Figure 12.33 A simple model for the 741 based on modeling the second stage as an integrator. 


Thus, 
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A (j co) = —^ 

jcoC c 

and the magnitude of gain becomes unity at co- a> r where 



Substituting G ml = 1/5.26 mA/V and C t = 30 pF yields 




“ 1 MHz 


(12.119) 


( 12 . 120 ) 


( 12 . 121 ) 


which is equal to the value calculated before. It should he pointed out. however, that this 

model is valid only at frequencies f /^ B . At such frequencies the gain falls off with a 
slope of-20 dB/decade, just like that of an integrator. 


12.6.4 Slew Rate 

The slew-rate limitation of op amps is discussed in Chapter 2. Here we shall illustrate the 
origin of the slewing phenomenon in the context of the 741 circuit. This development is sim¬ 
ilar to that we presented for the CMOS op-amp in Section 12.1.6. 

Consider the unity-gain follower of Fig. 12.34 with a step of, say, 10 V applied at the 
input. Because of amplifier dynamics, its output will not change in zero time. Thus immedi¬ 
ately after the input is applied, almost the entire value of the step will appear as a differential 
signal between the two input terminals. This large input voltage causes the input stage to be 
overdriven, and its small-signal model no longer applies. Rather, half the stage cuts off and 
the other hall conducts all the current. Specifically, reference to Fig. 12,13 shows that a 
large positive differential input voltage causes Q x and Q y to conduct all the available bias 
current i2/) while Q, and (7 4 will be cut off. The current mirror 0 5 , Q and Q 1 will still func¬ 
tion, and Q b will produce a collector current of 21. 

Using the observations above, and modeling the second stage as an ideal integrator, 
results in the model of Fig. 12.35. From this circuit we see that the output voltage will be a 
ramp with a slope of 2 IAC c : 



( 12 . 122 ) 



Figure 12.34 A unity-gain follower with a large step input. Since the output voltage cannot change instan 
Uineously, a large differential voltage appears between the op-amp input terminals. 
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Figure 12.35 Model for the 741 op amp when a large positive differential signal is applied 


Thus the slew rate SR is given by 


2 / 

O SR = — (12.123) 


For the 741,7 = 9.5 |iA and C c - 30 pF, resulting in SR = 0.63 V/ps. 

It should be pointed out that this is a rather simplified model of the slewing process. 
More detail can be found in Gray et al., (2000). 



12.25 Use the value of the slew rate calculated above to find the full-power bandwidth/ w of the 741 op 
amp. Assume that the maximum output is ±10 V. 

Ans. 10 kHz 

■ -—- 


12.6.5 Relationship Between f t and SR 

A simple elationship exists between the unity-gain bandwidth f t and the slew rate SR, This 
relationship is obtained by combining Eqs. (12.120), (12.123), and 



and then using Eq. (12.83') to obtain 



Now, since g ml is the transconductance of each of 0, through Q 4 , 


Thus, 



(12.1-4) 


(12.125) 


(12.126) 


SR = 4 Vjco, 

As a check, for the 741 we have 

SR = 4 x 25 x W'x2xx 10" = 0.63 V/us 


o 


(12.127) 


which is the result obtained previously. Observe that Eq. (12.127) is of the same form as 
tq ( --42), which applies to the two-stage CMOS op amp. Here, 4V T replaces V ov . Since, typi¬ 
cally V 0 w.11 be two to three times the value of 4V r , a two-stage CMOS op amp with an/ 
equal to that of the 741 exh,bits a slew rate that is two to three times as large as that of the 741 ' 

A general form lor the relations!,,p between SR and co, for an op amp with a structure 
similar to that ot the 741 (including the two-stage CMOS circuit) is 



(12.128) 


where a is the constant of proportionality relating the transconductance of the first stage 
Gmi’ t0 the tota [ bias current of the input differential stage. That is, for the 741 circuit 
G m i ~ ^<37), while tor the CMOS circuit of Fig. 12 . 1 , G m] = al? For a given co r a higher 
value ot SR is obtained by making a smaller; that is, the total bias current is kept con¬ 
stant and C? ml is reduced. This is a viable technique foi increasing slew rate. It is referred to as 
the (/^-reduction method (see Exercise 12 . 27 ). 



12.26 Consider the integrator model of the op amp in Fig. 12.33. Find the value of the resistor that, when 
connected across C c , provides the correct value of the dc gain. 

Ans. 1279 MQ 

D12.27 If a resistance R E is included in each of the emitter leads of Q, and Q A show that SR = 4( V T + IR E /2)co r 
Hence find the value ot R E that would double the 741 slew rate while keeping co t and / unchanged. 
What are the new values of C c , the dc gain, and the 3-dB frequency? 

Ans. 5.26 kQ; 15 pF; 101.7 dB (a 6-dB decrease; 8.2 Hz 


12.7 Modern Techniques for the Design of BJT 0p 
Amps 

Although the ingenious techniques employed in the design of the 741 op amp have stood the 
test of time, they are now more than 40 years old! Technological advances have resulted in 
changes in the user requirements of general-purpose bipolar op amps. The resulting more 
demanding specifications have in turn posed new challenges to analog IC designers who, as 
they have done repeatedly before, are responding with new and exciting circuits. In this section 
we present a sample of recently developed design techniques. For more on this rather advanced 
topic the reader is referred to the Analog Circuits section ot the bibliography in Appendix G. 


12.7.1 Special Performance Requirements 

Many of the special performance requirements stem 1 1 om the need to operate modem op amps 
from power supplies of much lower voltages. Thus while the 741-type *>p amp opeuiicd in mi 


I he difference is just a matter of notation; We used / to denote the total bias current ot the input 
differential stage of the CMOS circuit, and we used 21 tor the 741 case! 
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V cc = +15 V V cc — 3 V 




Figure 12.36 Power supply requirements have changed considerably. Modern BJT op amps are retired 
to operate from a single supply V cc of 2 to 3 V, 

±15-V power supplies, many modem BJT op amps are required to operate from a single power 
supply of only 2 V to 3 V, This is done for a number of reasons, including the following. 

1. Modem small-feature-size IC fabrication technologies require low power-supply 
voltages. 

2. Compatibility must be achieved with other parts of the system that use low-voltage 
supplies, 

3. Power dissipation must be minimized, especially for battery-operated equipment. 

As Fig. 12.36 indicates, there are two important changes: the use of a single ground-refer¬ 
enced power supply V cc , and the low value of V cc . Both of these requirements give rise to 
changes in performance specifications and pose new' design challenges. In the following we 
discuss two of the resulting changes. 

Rail-to-Rail Input Common-Mode Range Recall that the input common-mode range 
of an op amp is the range of common-mode input voltages for which the op amp operates 
properly and meets its performance specifications, such as voltage gain and CMRR. Op amps 
of the 741 type operate from ±I5-V supplies and exhibit an input common-mode range that 
extends to within a couple of volts of each supply. Such a gap between the input common- 
mode range and the power supply is obviously unacceptable if the op amp is to be operated 
from a single supply that is only 2 V to 3 V. Indeed we will now show that these single-sup¬ 
ply, low-voltage op amps need to have an input common-mode range that extends over the 
entire supply voltage, 0 to V cc , referred to as rail-to-rail input common mode range, 
Consider first the inverting op-amp configuration shown in Fig. 12.37(a). Since the posi¬ 
tive input terminal is connected to ground (which is the voltage of the negative-supply rail), 



Figure 12.37 (a) In the inverting configuration, the + rVe op-amp input is connected to ground; thus it' 
imperative that the input common-mode range includes ground (b) In the unity-gain follower configurate • 
V,CM ~ V,; thus 11 is hi S hl y desirable for the input common-mode range to include ground and V a ■ 
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ground voltage has to be within the allowable input common-mode range. In fact, because 
tor positive output voltages the voltage at the inverting input terminal can go slightly nega¬ 
tive, the input common-mode range should extend below the negative-supply rail (ground). 

Next consider the unity-gain voltage follower obtained by applying 100% negative feed¬ 
back to an op amp, as shown in Fig. 12.37(b). Here the input common-mode voltage is equal 
to the input signal v } . To maximize the usefulness of this buffer amplifier, its input signal 
should be allowed to extend from 0 to V CCi especially since V cc is only 2 to 3 V. Thus the 
input common-mode range should include also the positive supply rail. As will be seen 
shortly, modem BJT op amps can operate over an input common-mode voltage range that 

extends a fraction of a volt beyond its two supply rails: that is, more than rail-to-rail 
operation! 

Near Rail-to-Rail Output Signal Swing In the 741 op amp, we were satisfied with an 
output that can swing to within 2 V or so of each of the supply rails. With a supply of ±15 V. 
this capacity resulted in a respectable ±13-V output range. However, to limit the output swing 
to within 2 V of the supply rails in an op amp operating from a single 3-V supply would result 
in an unusable device! Thus, here too, we require near rail-to-rail operation. As we shall see 
in Section 12.7.5, tins requirement forces us to adopt a whole new approach to output-stage 
design. 

Device Parameters The technology we shall use in the examples, exercises, and prob¬ 
lems for this section has the following characteristics: 


npn Transistors: ft - 40 
pnp Transistors: ft - 10 



= 30 V 
= 20 V 


For both, | V Bl ] — 0.7 V and V , 


CE sat 


— 0.1 V. It is important to note that we will assume that 
for this technology, the transistor will remain in the active mode for \V C£ \ as low as 0.1 V < in 
other words, that 0.6 V is needed to forward-bias the CBJ). 


12.7.2 Bias Design 


As in the 741 circuit, the bias design of modem BJT amplifiers makes extensive use of cur¬ 
rent mirrors and current-steering circuits (Sections 7.4 and 7.5). Typically, however, the bias 
currents are small (in the micro amp range). Thus, the Widlar current source (Section 7.5.5 1 
is especially popular here. As well, emitter-degeneration resistors (in the tens-of-kilohm 
range> are frequently used, 

Figure 12.38 shows a self-biased current-reference source that utilizes a Widlar cir¬ 
cuit formed by Q u Q 2 , and R 2 , and a current mirror £? 3 -£? 4 with matched emitter- 
degeneration resistors R 3 and i? 4 . The circuit establishes a current / in each of the four 
transistors, with the value of/ determined as follows. Neglecting base currents and r 0 s 
tor simplicity, we write 


Vbex = v r 

V BE1 = V T 




Thus, 
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Figure 12.38 A self-biased curTent-reference source utilizing a Widler circuit to generate / = V T IR ln(/ '/ 
The bias voltages K 0Usl and F bias; are utilized in other parts of the op-amp circuit for biasing othe/transistors 



Thus, 




(12.129) 


Thus the value of / is determined by /?, and the ratio of the emitter areas of Q x and Q v 
Also, observe that / is independent of V cc , a highly desirable outcome. Neglecting the tem¬ 
perature dependence of R 2 , we see that / is directly PTAT (proportional to the absolute tem¬ 
perature T ). It follows that transistors biased by / or mirrored versions of it will exhibit 
that are constant independent of temperature! 



D12.23 Design the circuit in Fig. 12.38 to generate a current 7=10 pA. Utilize transistors Q ] and Q 2 

having their areas in a 1:2 ratio. Assume that Q 3 and Q A are matched and design for a 0.2-V drop 
across each of /? 3 and R 4 . Specify the values of/?,, R, and /?,. 

Ans. 1.73 kQ ;20 kf 2 ; 20 kQ 


The circuit in Fig. 12.38 provides a bias line F BIAS| with a voltage equal to V aEV This can 
be used to bias other transistors and thus generate currents proportional to / by appropriately 
scaling their emitter areas. Similarly, the circuit provides a bias line Fbias 2 at a v0 ^ e 
f//? 3 + l ) below F cc , This bias line can be used to bias other transistors and thus generate 
constant currents proportional to / by appropriately scaling emitter areas and emitter 
degeneration resistances. These ideas are illustrated in Fig. 12.39. 


c t. 
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Figure 12.39 The bias lines F B|ASI and F BiAS , 
provided by the circuit in r ig. 12.38 are utilized to 
bias other transistors and generate constant current / 5 
to / f0 . Both the transistor area and the emitter degener¬ 
ation resistance value have to be appropriately scaled. 



D12.29 Refer to the circuit in Fig. 12.39 and assume that the f bias 2 line is connected to the correspond¬ 
ing line in Fig. 12.38. It is required to generate currents / 8 = 10 pA, I 9 = 20 jiA, and 
/ io = - pA . Specify the required emitter areas of Q z , Q 9 , and Q ]0 as ratios of the emitter area 
of Q v Also specify the values required for /? g , R 9 , and /? 10 . Use the values of 7?j and /? 4 found 
in Exercise 12.28. Ignore base currents. 

Ans. 1, 2, 0.5; 20 kQ , 10 k il , 40 kQ 


12.7.3 Design of the Input Stage to Obtain Rail-to-Rail V ICM 

The classical differential input stage with current-mirror load is shown in Fig. 12.40(a). This 
is essentially the core of the 741 input stage, except that here we are using a single positive 
power supply. As well, the CMOS counterpart of this circuit is utilized in nearly every 


^cc 



(a) 





Figure 12.40 For the input common-mode 
range to include ground voltage, the classical 
current-mirror-loaded input stage in (a) has to 
be replaced with the resistively-loaded con¬ 
figuration in (b) with the dc voltage drop 
across R c limited to 0.2-0.3 V. 
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CMOS op-amp design (see Section 12.1). Unfortunately, this very popular circuit d 
meet our requirement of rail-to-rail common-mode operation. es not 

Consider first the low end of the input common-mode range. The value of V 
ited by the need to keep Q x in the active mode. Specifically, since the collector offi \ ^ 
voltage V Bn - 0.7 V, we see that the voltage applied to the base of Q l cannot go lo«! 
than 0.1 V without causing the collector-base junction of Q x to become forward biased 
Thus V lc Aftnin =0.1 V, and the input common-mode range does not include ground volta e 
as required. 

The only way to extend V ICMm[n to 0 V is to lower the voltage at the collector of Q This 
in turn can be achieved only by abandoning the use of the current-mirror load and utilizin 
instead resistive loads, as shown in Fig. 12.40(b). Observe that in effect we are going backto 
the resistively loaded differential pair with w Inch we began our study of differential amplifi 
ers in Chapter 8! 

The minimum allowed value of V, CK1 in the circuit of Fig. 12.40(b) is still of course lim¬ 
ited by the need to keep Q x and Q 2 in the active mode. This in turn is achieved by avoiding 

V 1CM values that cause the base voltages of Q x and Q 2 to go below their collector voltages 
by more than 0,6 V, 


J'/CMmin “ ^R c ~ V 

where l r R is the voltage drop across each of R CI and /?, 2 . Now if V R is selected to be0.2 to 
0.3 V, then f/ov/min be -0.4 V to -0.3 V, which is exactly what we need. 

The major drawback of replacing the current-mirror load with resistive loads is that the 
differential gain realized is considerably reduced. 

„ J? 

V id 


where we have neglected r 0 for simplicity. Thus for V R ~ 0,3 V, the gain realized is only 

12 V/V. As we will see shortly, this low-gain problem can be solved by cascoding. 

Next consider the upper end of the input common-mode range. Reference to the circuit 

in Fig. 12.40(b) shows that the maximum voltage that can be applied to the bases ot Q\ 

and Qi is limited by the need to keep the current-source transistor in the active mode. This 

in turn is achieved by ensuring that the voltage across does not tall below 0.1 V 

or so. Thus the maximum value ot V !CM will be a voltage V EEn or approximately 0.7 V 
lower. 



^/CA/max - F cc - 0. i - 0.7 = V cc -0.H 

That is, the upper end ot the input common-mode range is at least 0.8 V below V C o a seua 
limitation. 

To recap, while the circuit in Fig. 12.40(b) has of a few tenths of a volt below the 

negative power-supply rail (at ground voltage), the upper end of V, C u is ra ther lar fr 0 "’ 


-°.3 < V, CM < V cc - 0.8 
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o 



Figure 12.41 The complement of the circuit in Fig. 12.40(b). While 
the input common-mode range of the circuit in Figure 12.40(b) extends 
below ground, here it extends above F cc . Connecting the two circuits in 
parallel, as will be shown, results in a rail-to-rail V ICKI range. 


where we have assumed V ^ = 0.3 V. To extend the upper end of V ICM , we adopt a solution 
similar to that used in the CMOS case (Section 12.2.6, Fig. 12.11), namely, we utilize a par¬ 
allel complementary input stage. Toward that end, note that the npn version o: the circuit of 
Fig. 12.40(b), shown in Fig. 12.41, has a common-input range of 


0.8 < V ]CM < F cc + 0.3 


where we have assumed that V R = 0.3 V. Thus, as expected, the high end meets our specifi¬ 
cations and in fact is above the positive supply rail by 0.3 V. The lower end, however, does 
not; but this should cause us no concern because the lower end will be looked after by the 
pup pair. Finally, note that there is a range of V lCh! in which both the pnp and the npn cir¬ 
cuits will be active and properly operating, 


0.8 < 



Figure 12.42 shows an input stage that achieves more than rail-to-rail input common¬ 
mode range by utilizing a pnp differential pair (@„ Q 2 ) and an npn differentia! pair (Cj- Qa)* 
connected in parallel. To keep the diagram simple, we are not showing the parallel connec¬ 
tion of the input terminals; the + input terminals are assumed to be connected together, and 
similarly for the - input terminals. In order to increase the gain obtained from the resistively 
loaded differential pairs, a folded cascode stage is added. I lere R n and R% are the resistive 
loads of the pnp pair ancl Qi~Q% are lts cascode transistors. Similarly, R 9 and R l0 

are the resistive loads of the npn pair Q^-Qa, and Q 9 -Q\q are its cascode transistors. 
Observe that the cascode transistors do “double duty.” For instance, Q-i~Q% operate as the 
cascode devices for Q\-Qi and at the same time as current-source loads for Q 9 -Q w A 
similar statement can he made about Q 9 ~Q\q- The output voltage ot the first stage, v oJ , is 


;aken between the collectors of the cascode devices. 

For V, CM < 0.8 V, the npn stage will be inactive and the gain is determined by the 

ransconductance G m of the Q x -Q : pair together with the output resistance seen between 
lie collectors of the cascode transistors. At the other end ot V/cm- that is, V SCM V cc - 0.8, 
he stage will be inactive, and the gain will be determined by the transconductance 

of the QQa P 3 "' ant * the 0lll P ut resistance between the collectors of the cascode 
ievices. In the overlap region 0.8 < V tcM < K cc -0.8, both the W and npn stages will be 
tctive and their effective transconductances G m add ui>. thus resulting in a higher gain The 
dependence of the differential gain on the input common-mode V ICM is usually undesirable 
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and can be reduced considerably by arranging that one o! the two differential 
off w hen the other one is active/ 


P air s is turned 



npn paii 



pnp pair ; Cascode 


Figure 12.42 Input stage with rail-to-rail input common-mode range and a foided-cascode stage to 
increase the gain. Note that all the bias voltages including K niAS3 and V g are generated elsewhere on the 
chip. 



It is required to find the input resistance and the voltage gain of the input stage shown in Fig. 12.42. Let 
^ /cm ^ 0*8 V so that the Q 2 ~ Q 4 pair is oft. Assume that Q 5 supplies 10 fiA, that each of Qj to Q )0 is 
biased at 10 pA, and that all jour cascode transistors are operating in the active mode. The input resis¬ 
tance of the second stage ot the op amp (not shown i is R { = 2 MQ, I he emitter-degeneration resistances 

are R 1 - - 20 kQ, and R 9 ~ /? l0 = 30 kQ. Recall that the device parameters are /L = 40, 

A> = 10, V An = 30 V, |^| = 20 V. 


Solution 


Since the stage is fully balanced, we can use the differential half-circuit shown in Fig. 12.43(a). The input 
resistance R id is twice the value of r Tl , 


where 



~ 2^p/g m) 


{ex _ 5 x 10 6 
V t 25 x 10" 3 


0.2 mA/V 


4 This is done in the NE5234 
et al., (2009). 


op amp, whose circuit is described and analyzed in great detail m Gra) 
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Figure 12.43 (a) Differential half circuit for the input stage shown in Fig. 12.42 with V ICM <s 0.8 V. (b) Determining 

G m\ - 


R id = = 100 kQ 


0.2 


To find the short-circuit transconductance, we short the output to ground as shown in Fig. 12.43(b) and 
find G m] as 


G , = 

m \ 


l cl 


v id / 2 


At node X we have four parallel resistances to ground. 


r a\ = 


\J A£ 1 


Cl 


20 V 
5 uA 


= 4 MQ 


R 1 = 20 kQ 


_ V 

ol ” j 


r -, = — - = 3 MQ 


ci 


10 |iA 


r el 


1 V T 25 mV 


Zml l d 


10 pA 


= 2.5 kQ 


Obviously r oX and r ol are very large and can be neglected. Then, the portion of g ml U> ld / 2) that flows 
into the emitter proper of Q-j can be found from 


h>7 — 1 Sm\ 




R 7 \ 


2 J R 7 + r e y 


V 


S»'lfJ20^5 = 0 - 898 " l( ^ 


and the output short-circuit cui ’ent /„ is 


L-i e7 = 0.89g ml (t/;/2) 





















































































































1040 Chapter 12 Operational-Amplifier Circuits 


Example 12.5 continued 
Thus, 

G m[ = —= 0.89g ml = 0.89x0.2 =0.18 mA/V 
v id /2 

To ilnd the voltage gain, we need to determine the total resistance between the output node and ground 
for the circuit in Fig. 12.43(a), 

R ~ R o9 II R o7 II 

The resistance R o9 is the output resistance of Q 9 , which has an emitter-degeneration resistance R 9 Thus 
R o9 can be found using Eq. (7.50), 

R o 9 = r o9 + ( R 9 II Or9)( 1 + 8m9 r o9) 

where 


Thus 


r o9 = 


Sm9 


* n9 


v 

- 

20 V 

1C9 

10 fiA " 

IC9 

, 1 ° = 0.4 

Vj 

25 mV 


10 


g m9 0.4 mA/V 


= 25 kQ 


R o9 = 2+ (30 || 25) x 10 3 ( 1 + 0,4 x 2 x 10 3 ) 
= 12.9 MO 


The resistance R 0l is the output resistance of Q 7 , which has an emitter-degeneration resistance 

(^ 7 II r o\) — r t Tll us, 


where 


Thus, 


R ol = 

r ol 

+ (*7 II r !f 


V An 

30 V 

r ol = 

*C1 

10 pA 

2 -i = 

I Cl 

10 p A 


V T 

25 mV 


P N 

40 

r n 7 = 

S nil 

~ 0.4 ~ 


= 3 MQ 


= 0.4 mA/V 


= 100 kQ 


r 0 7 - 3 + (20 || 100) x 10 3 ( 1 + 0.4x3 x 10\) 


= 23 MQ 



2 MU 


1 MQ 


2 
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The total resistance R can now' be found as 




0.89 MQ 


Finally, we can find the voltage gain as 



v od /2 

7/2 = G »*> 


= 0.18 x 0.89 x 10 3 = 160 VfV 


12.7.4 Common-Mode Feedback to Control the dc Voltage at the 
Output of the Input Stage 

For the cascode cireuit in Fig. 12.42 to operate properly and provide high output resistance 
and thus high voltage gain, the cascode transistors Q 7 through Q w must operate in the active 
mode at all times. However, relying solely on matching will not be sufficient to ensure that 
the currents supplied by Q 9 and 0 1O are exactly equal to the currents supplied by Q 7 and 
Q s , Any small mismatch A/ between the two sets of currents will be multiplied by the large 
output resistance between each of the collector nodes and ground, and thus there w'ill be 
large changes in the voltages v 0{ and v u2 . These changes in turn can cause one set of the 
current sources (i.e., Q 7 ~Q S or Q 9 -Q\ 0 ) to saturate. We therefore need a circuit that detects 
the change in the dc or common-mode component V CM of v 0] and v 02 , 

^cm ~ j( v o\ +v 02) ( 12 . 130 ) 


and adjusts the bias voltage on the bases of Q-, and V B , to restore current equality. This 
negative-feedback loop should be insensitive to the differential signal components of v 0l 
and v Q2 \ otherwise it would reduce the differential gain. Thus the feedback loop should pro¬ 
vide common-mode feedback (CMF). 

Figure 12.44 shows the cascode circuit with the MF circuit shown as a black box. The 
CMF circuit accepts v ol and v 02 as inputs and provides the bias voltage V B as output. In a 
particular implementation we will present shortly, the CMF circuit has the transfer 

characteristic 



Vcm +0.4 


(12.131) 


By keeping V B higher than only 0.4 V, the CMF circuit ensures that Q 7 and 

remain active (0.6 V is needed for saturation). 

The nominal value of V B is determined by the quiescent current of Q 7 through Q l0 , tire 
quiescent value of /, and 1 2 , and the value of R 7 and R$. The resulting nominal value of 
V B and the corresponding value of V CM from Eq. (12.131) are designed to ensuie that Q 9 
and Q ]v operate in the active mode. Here, it is important to recall that \ BIAS3 is determined 

by the rest of the op-amp bias circuit. 

To see how the CMF circuit regulates the dc voltage V CMi assume that tor some reason 
V B is higher than it should be and as a result the currents of Qi and exceed the currents 
supplied by Q 9 and Q l0 by an increment A/. When multiplied by the total resistance 
between each of the output nodes and ground, the increment A/ will result in a arge 
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1 BIAS3 

(determined by 
the op amp 
bias network) 



I' 02 


1 



In 


Common-Mode 

Feedback 

Circuit 


Out 
-o- 



Q% 


v 


B 


R 


8 


Figure 12.44 The cascode output circuit of the input stage and the CMF circuit that responds to the com¬ 
mon-mode component V CM = \{v ox + v 02 ) by adjusting V B so that Q,-Q % conduct equal currents to0,-0, 
and Q 7 -Q ]g operate in the active mode. 

negative voltage increment in v 0l and v 02 . The CMF circuit responds by lowering V B to the 
value that restores the equality of currents. The change in V B needed to restore equilibrium 
is usually small (see Example 12.6 below) and according to Eq. (12.131) the corresponding 
change in V CM will be equally small. Thus we see negative feedback tn action: It minimizes 
the initial change and thus keeps F cv/ nearly constant at its nominal value, which is 
designed to operate Q 7 through Q ]a in the active region. 

We conclude by considering briefly a possible implementation of the CNT circuit. Figure 

12.45 shows the second stage of an op-amp circuit. The circuit is fed by the outputs of the 
input stage, v Qi and v 02 , 



. ^ ^ arn P second stage incorporating the common-mode feedback circuit tor the iflp^ 

n -®l T* 6 ^ at th e circuit generates the voltage needed to bias the cascode circuit in the first« 
i a. c ott y- arrier diode which exhibits a forward voltage drop of about 0.4V. 
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v o i - Vcm + v/2 

v 02~ v cm~v/2 

In addition to amplifying the differential component of v d , the circuit generates a dc volt¬ 
age V B , 


^B~ ^C/V/ + 0-4 

To see how the circuit works, note that Q n and Q l2 are emitter followers that minimize 
the loading of the second stage on the input stage. The emitter followers deliver to the bases 
of the differential pair voltages that are almost equal to Vq X and v 07 but dc shifted 

by f £5! 1,12* Thus the voltage at the emitters of Q l3 ~Q l4 will be 

“ V CM+ ^ S £ 13,14 

which reduces to 

v e = y CM 

The voltage V B is simply equal to V E plus the voltage drop of diode £>,. The latter is a 
Schottky barrier diode (SBD), which features a low forward drop of about 0.4 V. Thus, 

V B = V E + V D = V CM + 0.4 


as required. 



Consider the operation of the circuit in Fig. 12.44. Assume that VfCM * 0- 8 V and thus the npn input 
pair (Fig. 12.42) is off. Hence /, - / 4 = 0. Also assume that only dc voltages are present and thus 
/, = /-,= 5 pA. Each of Q 7 to is biased at 10 fiA, V cc - 3 V, F BIAS3 = F cc -1, 

R 7 = R s = 20 kS2, and R q = R xo = 30 kQ. Neglect base currents and neglect the loading effect of the 
CMF circuit on the output nodes of the cascode circuit. The CMF circuit provides I r B - V CM + 0.4 . 

(a) Determine the nominal values of V B and V CM . Does the value of V CM ensure operation in the active 
mode for Q 7 through Q i0 7 

(b) If the CMF circuit were not present, what would be the change in v 0J and v 02 (i.e„ in V CKf ) as a 

result of a current mismatch A l— 0.3 pA between and Qg-Qio? Use the output resistance 

values found in Example 12.5. 

(c) Now', if the CMF circuit is connected, what change will it cause in V B to eliminate the current mis¬ 
match A I ? What is the corresponding change in V CM from its nominal value? 

Solution 

(a) The nominal value of V B is found as tollow's: 

V B = V BE1 + {IEl + A )^7 

= 0.7 + (10 + 5) x 10 3 x 20 
= 1 V 
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Example 12.6 continued 

The nominal value of V CM can now be found from 

V CM = V b ~OA= 1 - 0.4 = 0.6 V 


For Q 1 - Q s to be active. 



that is. 



> 




For Q 9 - Q ]0 to be active 


^ CM < ^ BIAS3 + 0.6 


That is. 


^ cm < V cc ~ i + 0.6 


resulting in 


Vcm < 2.6 V 


Thus, for all four cascode transistors to operate in the active mode. 


0.4 V < V CM < 2.6 V 


Thus the nominal value of 0.6 V ensures active mode operation. 

(b) For ^C9~^ci ~ 7 cio-^c8 = A/, 

^ y cm - UR oX 

^here R oX is the output resistance between the collectors of Q 7 and Qq and l round. 


R 0 \~ R(>7 II R 




In Example 12.5 we found that R ol - 23 MO and R q = 12.9 ; thus. 


= 23 || 12.9 = 8.3 MQ 


Thus, 


Now if Al 7 Ci/ is positive, 


A Vcm = 0.3 x 8.3 - 2.5 V 


^ cm — 0.6 + 2.5 = 3.1 V 

which exceeds the 2.6 V maximum allowed value before Q 9 -Q [0 saturate. If A V CM is negative, 

v cm = 0.6 - 2.5 = -1.9 V 

which is tar below the +0.4 V needed to keep Q 7 ~ Q s j n the active mode. Thus, in the absence of CMF, 

ai en mismatc of _0.3 p A would cause one set of the cascode transistors (depending on the polarity 
of A/ to saturate. F 
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(c) 


W !' h ‘ he CF ® C,rCU “ ln place ' the ieedback wil1 adjust V B by AK e so that the currents in Q 1 and Q, 
wt 11 change by a increment equal to A/, thus restoring current equality. Since a change A V, results in 


A / C7 - A Ira — 


A V 


C 8 


B 


then 


r 7 + R 


Ai = 


AV 


B 


r el + R 


A y B = A I(r el + R 7 ) 


= 0.3 pA; + 20 kQ 

WOpA 


= 0.3 x 22.5 6.75 mV 


Correspondingly 


AV C m = AV b = 6.75 mV 

Thus, to restore the current equality, the change required in V B and V CM is only 6.75 mV. 


12.7.5 Output-Stage Design for Near Rail-to-Rail Output Swing 


As mentioned earlier, modem low-voltage bipolar op amps cannot afford to use the classical 
emitter-follo wer-based class AB output stage; it would consume too much of the power sup¬ 
ply voltage. Instead, a complementary' pair of common-emitter transistors are utilized, as 
shown in Fig. 12.46. The output transistors Q P and Q s are operated in a class AB fashion. 
Typically, i L can be as high as 10 mA to 15 mA and is determined by v 0 and R L . For 
i L - 0, i p = / v = Iq , where the quiescent current I Q is normally a fraction of a milliamp. 

The output stage in Fig. 12.46 is driven by two separate but equal signals , v BP and v BN . 
When v BP and v BN are high, Q s supplies the load current in the direction opposite to that 
shown" and the output voltage t* (> can swing to within o.l V or so of ground. In the mean¬ 
time, Q p is inactive. Nevertheless, in order to minimize crossover distortion, Q P is 



Figure 12.46 In order to provide v 0 that can swing to within 0.1 V of V cc 
and ground, a near rail-to-rail operation, the output stage utilizes common- 
emitter transistors. Note that the driving signals V 8P and V s/Ii are separate but 

identical. 


For this to happen, either R, is returned to the positive supply (rather than ground) or R L is capacitively 
coupled to the amplifier output. 











































1046 Chapter 12 Operational-Amplifier Circuits 


prevented from turning off and is forced (as will be shown shortly) to conduct 
current of about I Q / 2. ' 

The opposite happens when v BP and v BN are low: Q p supplies the load current i ■ 
direction indicated, and i> () can go up as high as Vcc ~ 0* 1 V. In the meantime. Q ^ 
’ is prevented from turning off and forced to conduct a minimum currentV alT 


live but 


Iq/2. 


From the description above, we see that v Q can swing to within 0.1 V of each of the 
ply rails. This near rail-to-rail operation is the major advantage of this CE output sta e T 
disadvantage is the relatively high output resistance. However, given that the op am will 
almost always be used with a negative-feedback loop, the closed-loop output resistance' 
still be very low. 


A Buffer/Driver Stage ! he output transistors can be called on to supply currents in > 
10 mA to 15 mA range. When this happens, the base currents of Q p and Q N can be substan 
tial (recall that p p - 10 and fl N - 40). Such large currents cannot usually be supplied direct¬ 
ly by the amplifier stage preceding the output stage. Rather a buffer/d river stage is usually 
needed, as shown in Fig. 12.47. Here an emitter follower Q } is used to drive Q,,, However 
because of the low fi p , a double buffer consisting of complementary emitter followers Q and 
Q 2 is used to drive Q p . The driver stage is fed by two separate but identical signals v, p and 

%rthat come from preceding amplifier stage (which is usually the second stage) in the 
op amp circuit. 6 



* 


Identical signals ! 

| 

from the preceding ! 
stage 1 





Bufter/driver Output 

transistors 

F ' 9Ure , 1 ^' 4 , 7 The out P ut stfl ge which is operated as class AB needs emitter follower buffers/drives to 
reduce the loading on the preceding stage and to provide the current gain necessary to drive Q P and Q y 

a PP roac h lor generating two identical outputs in the second stage is utilized in the 

NE5234 (see Gray etaL, 2009 ). 
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Establishing l Q and Maintaining a Minimum Current in the Inactive 
Transistor We next consider the circuit for establishing the quiescent current 1 Q in Q N 
and Q p and for maintaining a minimum current of Iq/2 in the inactive output transistor. 
Figure 12.48 shows a fuller version of the output stage. In addition to the output transistors 

Qp~Qn buffer/driver stage, which we have already discussed, the circuit includes 

two circuit blocks whose operation we shall now explain. 

The first is the circuit composed of the differential pair Q ( - Q 7 and associated transistors 
Q 4 and Q s , and resistors R 4 and /? s . This circuit measures the currents in the output transis¬ 
tors, i p and i N , and arranges for the current 1 to divide between Q k and Q 1 according to the 
ratio iff/ip, and provides a related output voltage v E . Specifically, it can be shown [Prob¬ 
lem 12.73] that 


i 







I 



ip 

+ h 





In 






/ 1 
hN hi - 


(12.132) 

(12.133) 

(12.134) 


where I SN and I S1 are the saturation currents of Q N and Q 7 , respectively. < ’bserve that tor 
i p > if] , i C6 — 0 and i cl — /. Thus Q b turns off and Q 7 conducts all of /. The emitter volt¬ 
age v E becomes 




E 


« V T In 





Thus, 


v L - = V-r In 


f 




+ V 


EB1 


(12.135) 


This equation simply states that v E — v BEN + V EB7 , which could have been directly obtained 
trom the circuit diagram in 7ig. 12.48. The important point to note, however, is that since 
V £B7 is a constant, v E is determined by the current i N in the inactive transistor, Q N . In the 
other extreme case of i„ > i P , i c6 = I , ‘ci “ ^ thus Qi tums off and 6s conducts all of/. 
In this case we can use Eq. (12.134) to show' that 



+ Veb6 


(12.136) 
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Feedback control 
of and ip 


Measuring the relativ 


e 


Bulk-is Drivers 


values of i N and 


i 


Output 

transistors 


Figure 12.48 A more complete version of the output stage showing the circuits that establish the quies¬ 
cent current in Q p and Q N . As well, this circuit forces a minimum current of (IJ, 2) to follow in the inactive 
output transistor, thus preventing the transistor from turning off and minimizing crossover distortion. 


Thus, here too, since is a constant, v E is determined by the current in the inactive tran¬ 
sistor, Q p . 

The second circuit block is a differential amplifier composed of Qg~ Q 9 with their emitter 
degeneration resistors , R 9 . The voltage v F generated by the measuring circuit is fed to one 
input of the differential amplifier, and the other input is fed with a reference voltage ^ gen¬ 
erated by passing a reference current / REF through the series connection of diode-connected 
transistors Q 10 and Q^. This differential amplifier takes part in a negative- feedback loop that 
uses the value of v E to control the currents i P and i N through the nodes v, P and %■ Tte 
objective of the feedback control is to set the current in the inactive output transistor to a min' 
mum value. To see how the feedback operates, consider the case when i P (\rr an ^ ^ us ^ 
is the inactive transistor. In this case, Q 6 turns off, Q ? conducts all of 4 and v E is given by Eq. 
(12.135). Now, if for some reason i N falls below its minimum intended value, v E decreases, 
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causing i C 9 to decrease. This in turn will cause the node to rise and the voltage at the base 
of Q n will eventually rise, thus increasing i N to its intended value. 

Analytically, we can obtain a relationship between i N and i p as follows. Assume that the 
loop gain of t il fee back loop that is anchored by the differential amplifier Q*-Q<, is high 
enough to force the two input terminals to the same voltage, that is, 


v e ~ ^ref - F r la ~r~ + E V In 


REF . , 4iEF 


/ 


SIO 


/ 


sn 


Substituting for v E from Eq. (12.134) results in 


l _v l _p 

i N + i. 


REF 


\ 


f 1 


SI 


\ 


I 'Vsur Vsir 


(12.137) 


Observe that the quantity on the right-hand side is a constant. In the quiescent case. 
i N = i P = I Q , Eq. (12.137) yields 


I„= 2 


REF 


\ 


SN 


fl 


SI 


I 7v/ 5]n /v/ 


(12.138) 


■sir 


Thus, the constant on the right-hand side of Eq. (12.137) is l Q /2 , and we can rewrite 
(12.137) as 


m ■ 

*N l P 

/,V + ip 



(12.139) 


Equation (12.139) clearly shows that for i N > i P , i P — ] -Iq , and that for i P §> * v , i N — 

Thus the circuit not only establishes the quiescent current Iq (Eq. 12.138) but also sets the 
minimum current in the inactive output transistor at \l } . 



D12.31 For the circuit in Fig. 12.48, determine the value that / REF should have so that Q N and Q P have 

a quiescent current l Q - 0.4 mA. Assume that the transistor areas are scaled so that 
I SN /I SU) = 10 and i sl /l S \ 1 = 2. Let / = 10 pA. Also, if i L in the direction out of the amplifier 

is 10 mA, find i P and i N . 

Ans. / R £p — 10 |iA; i P — 10.2 mA, i N — 0.2 mA 
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ummary 

■ Most CMOS op amps are designed to operate as part of 
a VLSI circuit and thus are required to drive only small 
capacitive loads. Therefore, most do not have a low-out¬ 
put-resistance stage. 

■ There are basically two approaches to the design of 
CMOS op amps: a two-stage configuration and a single- 
stage topology utilizing the folded-cascode circuit. 

e In the two-stage CMOS op amp. approximately equal 
gains are realized in the two stages. 

* The threshold mismatch Ai' together with the low trans- 
conductance of the input stage result in a larger input 
offset voltage for CMOS op amps than for bipolar units. 

■ Miller compensation is employed in the two-stage 
CMOS op amp, but a series resistor is required to place 
the transmission zero at either s - °° or on the negative 
real axis. 

■ CMOS op amps have higher slew 1 rates than their bipo¬ 
lar counterparts with comparable /. values. 

■ Use of the cascode configuration increases the gain of a 
CMOS amplifier stage by about two orders of magni¬ 
tude, thus making possible a single-stage op amp. 

■ The dominant pole of the folded-cascode op amp is de¬ 
termined by the total capacitance at the output node, C . 
Increasing C L improves the phase margin at the expense 
of reducing the bandwidth. 

By using two complementary input differential pairs in 
parallel, the input common-mode range can he extended 
to equal the entire power-supply voltage, providing so- 
called rail-to-rail operation at the input. 

■ The output voltage swing of the folded-cascode op amp 
can be extended by utilizing a wide-swing current mir¬ 
ror in place of the cascode mirror. 

■ The internal circuit of the 741 op amp embodies many 
ot the design techniques employed in bipolar analog in¬ 
tegrated circuits. 

■ The 741 circuit consists of an input differential stage, a 
high-gain single-ended second stage, and a class AB 
output stage. Though 40 years old, this structure is typ¬ 
ical of most BJT op amps and is known as the two-stage 
topology not counting the output stage). It is also the 
same structure used in the two-stage CMOS op amp of 
Section 12,1. 

■ To obtain low input offset voltage and current, and 
high CMRR, the 741 input stage is designed to be per¬ 
fectly balanced. The CMRR is increased by common¬ 
mode feedback, which also stabilizes the dc operating 
point. 


■ To obtain high input resistance and low inputt», 

the input stage of the 741 is operated at a very | ovv " 
level. Irenl 

■ In the 741, output short-circuit protection is acco 
plished by turning on a transistor that takes away moti 
of the base current drive of the output transistor. ' 

■ The use of Miller frequency compensation in the 74 ] 
circuit enables locating the dominant pole at a very low 

frequency, while utilizing a relatively small compensat¬ 
ing capacitance. 

■ Two-stage op amps can be modeled as a transconduc¬ 
tance amplifier feeding an ideal integrator with C as 
the integrating capacitor. 

■ The slew rate of a two-stage op amp is determined by the 
first-stage bias current and the frequency-compensation 

capacitor. 

■ While the 741 and its generation of op amps nominally 
operate from ±15-V power supplies, modem BJT op 
amps typically utilize a single ground-referenced supply 
of only 2 V to 3 V. 

■ Operation from a single low-voltage supply gives rise to 
a number of new important specifications including a 
common-mode input range that extends beyond the sup¬ 
ply rails fi.e., more than rail-to-rail operation) and a near 
rail-to-rail output voltage swing. 

■ The rail-to-rail input common-mode range is achieved by 
using resistive loads (instead of current-minor loads) for 
the input differential pair as well as utilizing twocomple 
mentary differential amplifiers in parallel. 

■ To increase the gain of the input stage above thai 
achieved with resistive loads, the folded-cascode config¬ 
uration is utilized. 

■ To regulate the dc bias voltages at the outputs of the dit- 
terential folded-cascode stage so as to maintain active- 
mode operation at all times, common-mode feedback is 
employed. 

■ The output stage of a low-voltage op amp utilizes 3 
complementary pair of common-emitter transistors. 
This allows v Q to swing to within 0.1 V or so fio® 
each of the supply rails. The disadvantage is a high 
open-loop output resistance. This, however, is sU 
stantially reduced when negative feedback is app ie 
around the op amp. 

B Modem output stages operate in the class AB mode a 
utilize interesting feedback techniques to set the# 
cent current as well as to ensure that the inactive ou ^ 
transistor does not turn off, a precaution that avoi s 1 
creases in crossover distortion. 


Computer Simulation Problems 

Ed Problems identified by this icon are intended to dem¬ 
onstrate the value of using SPICE simulation to verify hand 
analysis and design, and to investigate important issues such 
as allowable signal swing and amplifier nonlinear distortion. 
Instructions to assist in setting up PSpice and Multism simu¬ 
lations for all the indicated problems can be found in the 
corresponding files on the CD. Note that if a particular 
parameter value is not specified in the problem statement, 
you are to make a reasonable assumption. 

* difficult problem; ** more difficult; *** very challenging 
and/or time-consuming; D: design problem. 


Section 12.1: The Two-Stage CMOS Op Amp 

12,1 A particular design of the two-stage CMOS opera¬ 
tional amplifier of Fig, 12.1 utilizes ±t-V power supplies. 
All transistors are operated at overdrive voltages of 0.15-V 
magnitude. The process technology provides devices with 
V fn = | V, \ - 0.45 V. Find the input common-mode range 
and the range allowed for v 0 . 


12.2 The CMOS op amp of Fig. 12.1 is fabricated in a pro¬ 
cess for which V' 4n = 25 V/pm and | V' Ap \ = 20 V/pm. Find 
A v A v and A. if all devices are 0.5-pm long and are operated at 
equal overdrive voltages of 0.2-V magnitude. Also, determine 
the op-amp output resistance obtained when the second stage is 
biased at 0.4 mA. What do you expect the output resistance of a 
unity-gain voltage amplifier to be, using this op amp? 


D 12.3 The CMOS op amp of fig. 12.1 is fabricated in a 
process for which j V 4 | for all devices is 24 V/pm. If all 
transistors have L - 0.5 pm and are operated at equal over¬ 
drive voltages, find the magnitude of the overdrive voltage 
required to obtain a dc open-loop gain of 6400 V/V. 

12.4 This problem is identical to Problem 8.107, 

Consider the circuit in Fig. 12.1 with the device geome¬ 
tries shown at the bottom "1 this page Let / kll - 225 p A. 
|F,j for all devices = 0.75 V, fd„C (n = l80pA/V\ fi p C 0X = 
60 pA/V 2 , [ V A \ for all devices = 9 V, V DD - F ss - 1.5 V, 
Determine the width of Q h , U , that will ensure that the op 
amp will not have a systematic offset voltage. Then, for 
all devices, evaluate I D , | V ov \, |F GS |, g m , and r a . Provide 
your results in a table. Also find A r A 2 , the dc open-loop 
voltage gain, the input common-mode range, and the out¬ 
put voltage range. Neglect the effect of V A on the bias 
currents. 


D 12.5 Design the two-stage CMOS op amp in Fig. 12.1 to 
provide a CMRR ot about 80 dB. It all the transistors are 
operated at equal overdrive voltages of 0.15 V and have 
Lqual channel lengths, find the minimum required channel 
length. For this technology. | V A \ = 20 V/pm. 

D 12.6 A particular implementation of the CMOS 
amplifier of Figs, 12.1 and 12.2 provides G ml = 0.3 mA/V, 

G ml = 0.6 mA/V, r o2 = r o4 = 222 kQ, = r o7 = 111 kQ, 
and C, = 1 pF. 


la) Find the frequency of the second pole, f n . 

(b) Find the value of the resistance R which when placed in 
series with C c causes the transmission zero to be located at 

S = co. 

(c) With R in place, as in (b), find the value of C, that 
results in the highest possible value of/ while providing a 
phase margin of 80°. What value of / is realized? What is 
the corresponding frequency of the dominant pole? 

(d) To what value should C, be changed to double the value 
ot /? At the new value of/, what is the phase shift intro¬ 
duced by the second pole? To reduce this excess phase shift 
to 10° and thus obtain an 80° phase margin, as before, what 
value should R be changed to? 


D 12.7 A two-stage CMOS op amp similar to that in Fig. 

12.1 is found to have a capacitance between the output 
node and ground of 0.5 pF. If it is desired to have a unity- 
gain bandwidth / of 150 MHz with a phase margin of 75° 
what must be set to? Assume that a resistance R is con¬ 
nected in series with the frequency-compensation capaci¬ 
tor C, and adjusted to place the transmission zero at 
infinity. What value should R have? If the first stage is 
operated at I V 0 v | = 0. 15 V, what is the value of slew rate 
obtained? It the first-stage bias current /= 100 pA, what 
is the required value of C c ? 


D 12.8 A CMOS op amp with the topology shown in Fig. 

12.1 is designed to provide G m] - 1 mA/V and G m2 - 5 
mA. 


(a) Find the value of C c that results in f t - I0i> MHz. 

(b) What is the maximum value that C 2 can have while 
achieving a 70° phase margin? 

D 12.9 A CMOS op amp with the topology shown in Fig. 

12.1 but with a resistance R included in series with C c is 
designed to provide G m] = I mA/V and G m2 - 2 mA/V. 

(a) Find the value of C c that results in/ = H l! > MHz. 

(b) For R = 500 12, what is the maximum allowed value of 
C, for which a phase margin of at least 60° is obtained? 

■m 
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12,10 A two-stage CMOS op amp resembling that in Fig. 
] 2.1 is found to have a slew rate of 60 V/ps and a unity-gain 
bandwidth /, of 50 MHz. 

(a) Estimate the value of the overdrive voltage at which the 
input-stage transistors are operating. 

(b) If the first-stage bias current I = 100 pA, what value of 
C ( must be used ? 

(c) For a process for which JJ,C ', = 50 pA/V 2 , what W/L 
ratio applies for Q x and Q/l 

D 12.11 Sketch the circuit of a two-stage CMOS amplifier 
having the structure of Fig. 12.1 but utilizing NMOS transis¬ 
tors in the input stage (i.e., Q x and Q 2 ). 


D 12.12 (a i Show that the PSRR of a CMOS two-stage 
op amp for which all transistors have the same channel 
length and are operated at equal | F 0 ,j is given by 


PSRR"= 2 


V A 


r/ 


Of 


(b) For | V 0l \ = 0.2 V, what is the minimum channel length 
required to obtain a PSRR’ of 80 dB? For the technology 
available, I V' A = 20 V/pm. 


Section 12.2: The Fofded-Cascode Op Amp 

D 12,13 If the circuit of Fig. 12.8 utilizes ±1.65-V power 
supplies and the power dissipation is to be limited to 1 mW, 
find the values of i B and /. To avoid turning off the current 
mirror during slewing, select l B to be 20% larger than /. 


D 12.14 For the folded-cascode op amp in Fig. 12.9 utiliz¬ 


ing power supplies of ±1 V, find the values of V mA . tt V BtA „ 
and F BIAS1 to maximize the allowable range of V ICM and v tr 
Assume that all transistors are operated at equal overdrive 


voltages of 0.15 V. Assume \V\ for all devices is 0.45 > 
Specify the maximum range of V K u and of v (r 


D 12.15 For the folded-cascode op-amp circuit of Figs. 
12.8 and 12.9 with bias currents / = 96 pA and l R = 120 pA, 
and with all transistors operated at overdrive voltages of 
0.2 V, find the H/L ratios for all devices. Assume that the 
technology available is characterized by k' = 400 pA/V 2 
and kp = 100pA/V 2 . 


12.16 Consider a design of the cascode op amp of Fig. 12 . 

for which / = 96 pA and / fl = 120 pA. Assume that all transii 
tors are operated at | V w \ = 0.2 V and that for all device 
^ - 12 V. Find G m , R a , and A v , Also, if the op amp is cot 
nected in the feedback configuration shown in Fig. P12.K 

find the voltage gain and output resistance of the closed-loo 
amplifier. 


D 12.17 Consider the folded-cascode op amp of Fig. 
12.8 when loaded with a 10-pF capacitance. What should 


C 



Figure P12.16 


the bias current / be to obtain a slew rate of at least 10 
V/ps? It the input-stage transistors are operated at over¬ 
drive voltages of 0.2 V, what is the unity-gain bandwidth 
realized? If the two nondominant poles have the same fre¬ 
quency of 25 MHz, what is the phase margin obtained? If 
it is required to have a phase margin of 75°. what must/ 
be reduced to? By what amount should C f be increased? 
What is the new value of SRI 

D 12.18 Design the folded-cascode circuit of Fig. 12.9 to 
provide voltage gain of 80 dB and a unity-gain frequency of 
10 MHz when C ! = 10 pF. Design for / s = /, and operate all 
devices at the same | V ov \. Utilize transistors with 1-gm 
channel length for which | V A \ is specified to be 20 V. Find 
the required overdrive voltages and hias currents. What 
slew rate is achieved? Also, for k' n = 2.5 k' - 200 jiA/V', 
specify the required w idth of each of the II transistors 
used. 


D 12.19 Sketch the circuit that is complementary to that 
in Fig. 12.9, that is, one that uses an input /^-channel dif¬ 
ferential pair. 


12.20 For the circuit in Fig, 12.1 l, assume that all transis¬ 
tors are operating at equal overdrive voltages of 0.2-V mag* 


:ude and have [K,| = 0.5 V and that V DD - Vss = 
nd (a) the range over which the NMOS input stage nper- 
is, (b) the range over which the PM< >S input stage oper 
is, (c) the range over which both operate (the overlap 


i a \ ,■ I / #*l \ t U ^ 




12.21 A particular design of the wide-swing current mirror 
ot Fig. 12.12(b) utilizes devices having W/L = 25. k n - 200 
pA/V 2 , and V t = 0.5 V. For / HFF = 100 pA, what value of f B1AS 
is needed? Also give the voltages that you expect to appear 
at all nodes and specify the minimum voltage allowable at 
the output terminal. If V t is specified to be 16 V, what is 
output resistance of the mirror? 

D 12.22 For the folded-cascode circuit of Fig- 
the total capacitance to ground at each ot the sourc 
of Q } and Q 4 be denoted C r . Assuming that the incremen^ 
resistance between the drain of Q 3 and ground ij 51: 
Show that the pole that arises at the interface between 
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first and second stages has a frequency f p = g ml /2jcC p . 
Now, if this is the only nondominant pole, what is the 
largest value that C p can be (expressed as a fraction of C £ ) 
while a phase margin of 75 ,J is achieved? Assume that all 
transistors are operated at the same bias current and over¬ 
drive voltage. 


Section 12.3: The 741 Op-Amp Circuit 

12.23 In the 741 op-amp circuit of Fig. 12.13, £„ Q 2 , Q v 
and Q 6 are biased at collector currents of 9.5 pA; Q x is 
biased at a collector current of 16.2 pA; and Q r is biased at 
a collector current of 550 pA. All these devices are of the 
“standard npn" type, having I s = I0" 14 A, /?- 200, and V A - 
125 V. For each of these transistors, find F S£ , g mt r„ r T , and 
r t . Provide your results in table form. (Note that these 
parameter values are utilized in the text in the analysis of 
the 741 circuit.) 

D 12.24 For the (mirror) bias circuit shown in Fig. 
El2.1! and the result verified in the associated exercise, 
find /, for the case in which /„ = 3 x 10" IJ A, / s , = 6 x 10' 14 
A, and /$, = /„ = 10' ‘ 4 A and for which a bias current = 
154 pA is required. 

12.25 Transistor Q X} in the circuit of Fig. 12.13 consists, 
in effect, of two transistors whose emitter-base iunctions 
are connected in parallel and for which I SA = 0.25 x 10' 14 A, 
I SB = 0.75 x 10" 11 A, P= 50, and V A - 50 V. For operation at 
a total emitter current of 0.73 mA, find values for the param¬ 
eters V EB , g my r e , r K y and i\ t for the A and B devices. 

12.26 In the circuit of Fig. 12.13, and Q : exhibit 
emitter-base breakdown at 7 V, while for Q y and Q x such a 
breakdown occurs at about 50 V. What differential input 
voltage would result in the breakdown of the input-stage 
transistors? 

D *12.27 Figure PI 2.27 shows the CMOS version of the 
circuit in Fig. El2.11. Find the relationship between I 3 and 
/, in terms of A,, A,, and k 4 of the four transistors, assum¬ 
ing the threshold voltages of all devices to be equal in 
magnitude. Note that A denotes pC ()X W/L . In the event that 
A, = A 2 and k, - k 4 - 16A,, find the required value ol /, to 
yield a bias current in and Q 4 of 1.6 mA. 


Section 12.4: DC Analysis of the 741 

D 12,28 For the 741 circuit, estimate the input reference 
current / REF in the event that ±5-V supplies are used. Find a 
more precise value assuming that for the two BJTs involved, 
/ v = 10 14 A. What value of R $ would be necessary to rees¬ 
tablish the same bias current for ±5-V supplies as exists for 
±15 V in the original design? 





Figure P12.27 




D 12.29 I lesign the Widlar current source of Fig. 12.14 to 
generate a current / Cl0 = 10 pA given that = 0,2 mA. If 
for the transistors, f s - 10“ 14 A, find r fl£l! and V BEll) . Assume 
/?to be high. 


12.30 Consider the dc analysis of the 741 input stage 
shown in Fig. 12.15. For what value of //. do the currents in 
Q x and Q 2 differ from the ideal value of 7 cl0 /2 by IQ%? 

D 12.31 Consider the dc analysis of the 741 input stage 
shown in Fig. 12.15 for the situation in which - 2l m . For I, l(1 
- 19 pA and assuming j$ F to be high, what does / become? 
Redesign the Widlar source to reestablish /,, = J l7 - 9.5 pA. 

12.32 For the mirror circuit shown in Fig. 12.16 with the 
bias and component values given in the text for the 741 cir¬ 
cuit, what does the current in Q b become if R 2 is shorted? 


D 12.33 It ts required to redesign the circuit of Fig. 12.16 
by selecting a new value for R 3 so that when the base cur¬ 
rents are not neglected, the collector currents of Q s , Q ty , and 
all become equal, assuming that the input current / 0 - 
9.4 pA. Find the new value of R 3 and the three currents. 
Recall that f$ N = 200. 

12.34 Consider the input circuit of the 741 op amp of Fig. 
12,13 when the emitter current of Q % is about 19 pA. If jffof 
Q x is 150 and that of Q : is 200. find the input bias current l 8 
and the input offset current I as of the op amp. 

12.35 For a particular application, consideration is being 
sziven to selecting 741 ICs for input bias and offset currents 
limited to 50 nA and 4 nA, respectively. Assuming other 
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aspects of the selected units to be normal, what minimum fi N 
and what fi s variation are implied? 

12.36 A manufacturing problem in a 741 op amp causes 
the current transfer ratio of the mirror circuit that loads the 
input stage to become 0.8 A/A. For input devices (ft,-ft) 
appropriately matched and with high fi, and normally 
biased at 9.5 pA, what input offset voltage results? 

D 12.37 Consider the design of the second stage of the 
741. What value of /?„ would be needed to reduce / Clh to 
9.5 pA? 

D 12.31 Reconsider the 741 output stage as shown in Fig. 
12.17, in which /?„, is adjusted to make / Cl9 = / C18 . What is 
the new value of R [0 ? What values of / Cl4 and result ? 

D *12.39 An alternative approach to providing the voltage 
drop needed to bias the output transistors is the / ' HE - 
multiplier circuit shown in Fig. PI 2.39. Design the circuit to 
provide a terminal voltage of 1.118 V (the same as in the 74 i 
circuit). Base your design on half the current flowing through 
/?,, and assume that I s - 10' 14 A and fi - 200. What is the 
incremental resistance between the two terminals of the V DC - 

at 

multiplier circuit? 



o 


Figure P12.39 

12 40 For the circuit of Fig, 12.13, what is the total cur¬ 
rent required from the power supplies when the op amp is 
operated in the linear mode, but with no load? Hence, esti¬ 
mate the quiescent power dissipation in the circuit. (Hint: 
Use the data given in Table 12.1.) 


devices, one per side. Convince yourself that each f 
additional devices will be biased at the same current n 

ft—that is. 9.5 HA. What does R u become? Whai d lr 
become? What is the value of R , now** Wh-u ; c . k 

resistance of the first stage, /?„,? What is the new 

circuit voltage gain. G„,R„,? Compare these values with? 
original ones. ne 


D 12.42 What relatively simple change can be mat j e t 

the mirror load of stage I to increase its output resistuJ 
say by a factor of 2? 1 


12.43 Repeat Exercise 12.15 with/?, = R 2 replaced by 2-kft 

resistors. 


*12.44 In Example 12.3 we investigated the effect of 4 
mismatch between /?, and /?, on the input offset voltage of 
the op amp. Conversely, /?, and /?, can be deliberately mis¬ 
matched (using the circuit shown in Fig. P12.44, for example) 
to compensate for the op-amp input offset voltage. 

(a) Show that an input offset voltage V os can be compen¬ 
sated for (i.e., reduced to zero) by creating a relative mis¬ 
match A R/R between /?, and /?„ 

AR _ Vos 1 + r e /R 
R ~ 2 V T 1 - V os /2 ft 

where r t is the emitter resistance of each of Q , to ft, and)? 
is the nominal value of /?, and /?,. (Hint: Use Eq. 12.87) 

(b) Find ARM to trim a 5-mV offset to zero. 

(c) What is the maximum offset voltage that can be 
trimmed this way (corresponding to R 2 completely shorted) 1 



t 


^VWW 


t 

— VEE 



Figure P12.44 


Section 12.5: Small-Signal Analysis of the 741 

12.41 Consider the 741 input stage as modeled in Fig. 
12.18, with two additional npn diode-connected transistors 
Q la and ft^ connected between the present npn and pnp 


12.45 Through a processing imperfection, the fiot ft in 
Fig. 12.13 is reduced to 20, while the fioi ft remains an 
regular value of 50. Find the input offset voltage tbftf * 
mismatch introduces. (Hint: Follow the general pro^e 
outlined in Example 12.3.) 
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12.46 Consider the circuit of Fig. 12.13 modified to 
include resistors R in series with the emitters of each of ft 
and ft. What does the resistance looking into the collector of 
ft, Rov become? For what value of R does it equal R o J For 
this case, what does R o looking to the left of node Y become? 

*12.47 What is the effect on the differential gain of the 
741 op amp of short-circuiting one, or the other, or both, of 

ft and ft in Fig. 12.13? (Refer to Fig. 12.19.) For simplic¬ 
ity, assume fi- «>. 

12,48 It is required to show that the loop gain of the com¬ 
mon-mode feedback loop shown in Fig. 12.23 is approxi¬ 
mately equal to fi P . To determine the loop gain, connect 
both input terminals to ground. Break the loop at the input to 
the Q 8 -Q 9 current minor, connecting the ft-ft collec¬ 
tors to signal ground. (This is because the original resistance 
between the collectors and ground is r e8 , which is small.) 
Apply a test cunent I t to ftg and determine the returned 
current I r in the common collectors’ connection to ground, 
then find the loop gain as -///,. Assume that r n of ft to 
ft is much lower than ft, and that fi N , fi P 1. 


12.54 Consider the positive current-limiting circuit 
involving ft^, ft 5 , and ft. Find the current in ft at which 
the collector current of ft 5 equals the current available from 

Qm ( 180 MA) minus the base current of ft 4 . (You need to 
perform a couple of iterations.) 

D 12.55 Consider the 741 sinking-current limit involv¬ 
es ft, ftp ft 4 , ft,, and ft 2 . For what current through /? 7 
is the current in ft, equal to the maximum current avail¬ 
able trom the input stage (i.e., the current in ft)? What 

simple change would you make to reduce this current 
limit to 10 mA? 

Section 12.6: Gain, Frequency Response, and 
Slew Rate of the 741 

12.56 Using the data provided in Eq. (12.112) (alone) for 
the overall gain of the 741 with a 2-kO load, and realizing 
the significance of the factor 0.97 in relation to the load, cal¬ 
culate the open-circuit voltage gain, the output resistance, 
and the gain with a load of 200 Ji. 


12.49 An alternative approach to that presented in Exam¬ 
ple 12.4 for determining the CMRR of the 741 input stage is 
investigated in this problem. Rather than performing the 
analysis on the closed loop shown in Fig. 12.23, we observe 
that the negative feedback increases the resistance at node Y 
by the amount of negative feedback. Thus, we can break the 
loop at Y and connect a resistance /?, = (1 +Afi)R a 
between the common base connection of ft-ft and 
ground. We can then determine the current i and G„, 

mcm 

Using the fact that the loop gain is approximately equal to 
fip (Problem 12.48) show that this approach yields an iden¬ 
tical result to that found in Example 12.4. 

12.50 Consider a variation on the design of the 741 sec¬ 
ond stage in which ft = 50 £2. What R a and G m2 correspond? 


12.51 In the analysis of the 741 second stage, note that R e2 
is affected most strongly by the low value of R oiJB - Consider 
the effect of placing appropriate resistors in the emitters of 
ft,, Q ]U , and ft on this value. What resistor in the emitter 
of ft 3fl would be required to make R oUB equal to R ol7 and 
'hus R ol half as great? What resistors in each of the other 
emitters would be required? 


12.52 For a 741 employing ±5-V supplies, | V BE \ = 0.6 V 
Vcesm ~ 0.2 V, find the output voltage limits that 


and | 
apply. 


12.57 A 741 op amp has a phase margin of 75°. If the 
excess phase shift is due to a second single pole, what is the 
frequency of this pole? 

12.58 A 741 op amp has a phase margin of 75°. If the op 
amp has nearly coincident second and third poles, what is 
their frequency? 

D *12.59 For a modified 741 whose second pole is at 5 
MHz, what dominant-pole frequency is required for 80° 
phase margin with a closed-loop gain of 100? Assuming C ( 
continues to control the dominant pole, what value of ft 
would be required? 

12.60 An internally compensated op amp having an / of 
10 MHz and dc gain of lO* 1 utilizes Miller compensation 
around an inverting amplifier stage with a gain of-1000. If 
space exists for at most a 50-pF capacitor, what resistance 
level must be reached at the input of the Miller amplifier for 
compensation to be possible? 

12.61 Consider the integrator op-amp model shown in 
Fig. 12.33. For G m} - 5 mA/V, ft = 100 pF, and a resis¬ 
tance of 2x10 Q shunting ft , sketch and label a Bode 
plot for the magnitude of the open-loop gain. If G mX is 
related to the first-stage bias current as C. r(l - //2ft, find the 
slew rate of this op amp. 


D 12.53 Consider an alternative to the present 741 output 
stage in which ft 3 is not used, that is, in which its base and 
' 1 itter are joined. Reevaluate the reflection of R, — 2 ki? to 
the collector of Q IV What does A z become? 


12.62 For an amplifier with a slew rate of 10 V/ps, what 
is the full-power bandwidth for outputs ol ±10 V? What 
unity-gain bandwidth, to t , would you expect if the topology 
was similar to that of the 741? 
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+ 10 V 


k k 



t t r t 


-10 V 

Figure P12.63 


D “12.63 Figure PI2.63 shows a circuit suitable for op- 
amp applications. For all transistors p = 100, V BE = 0.7 V, 
and r = 

(a) For inputs grounded and output held at 0 V (by negative 
feedback) find the collector currents of all transistors. 
Neglect base currents. 

(b) Calculate the input resistance. 

(c) Calculate the gain of the amplifier with a load of 5 k£2 

(d) With load as in (c) calculate the value of the capacitor C 
required for a 3-dB frequency of 100 Hz. 


Section 12.7: Modern Techniques for the 
Design of BJT Op Amps 


Unless otherwise specified, for the problems in this sectioi 
assume 40, fi p = 10, V An = 30 V, I V, = 20 \ 


V 


BE 


= °- 7 V ^C£saJ= 0.1 V. 


D 12.64 Design the circuit in Fig. 12.38 to generate 
current / = 6 pA. Utilize transistors 0, and Q, having are 
in a ratio of 1:4. Assume that Q y and Q 4 are matched ai 


design for a 0.2-V drop across each of R 2 and R A . Specify 
the values ot 7 ? 2 , Ry> and R 4 . Ignore base currents 


D 12.65 Consider the circuit of Fig. 12.38 for the case 
designed in Exercise 12.28, namely, / = io pA, 

hi^s\ = 2, 1.73 kQ, R 2 = R 4 ~ 20 kU. Aug¬ 

ment the circuit with npn transistors Q 5 and Q h with emit¬ 
ters connected to ground and bases connected to L RI ,,, to 


generate constant currents of 10 pA and 40 pA, respective!} 
What should the emitter areas of Q ? and Q u be relative to 
that of Q | ? What value of a resistance R 6 will, when con¬ 
nected in the emitter of Q b , reduce the current generated by 
Q b to 10 pA? Assuming that the ^BlAS l line has a low incre¬ 
mental resistance to ground, find the output resistance of 
current source Q 5 and of current source Q 6 with R b con¬ 
nected. Ignore base currents. 

D 12.66 (a) Find the input common-mode range ot the 
circuit in Fig. 12.40(a). Let V cc = 3 V and = 2.3 V. 

(b) Give the complementary version of the circuit in Fig. 
12.40(a), that is, the one in which the differential pair is npn. 
For the same conditions as in (a), what is the input common¬ 
mode range? 

12.67 For the circuit in Fig. 12.40(h), let F C c=3V, 
K B1AS - 2.3 V,/=20 pA, and R c = 20 kQ. Find the input 

common-mode range and the differential voltage g ain 

V o /v id . Neglect base currents. 

12.68 For the circuit in Fig. 12.41, let 

K bias = 0.7 V, and l c6 = 10 mA. Find R c that result in 

a differential gain of 10 V/V. What is the input »»»» 
mode range and the input differential resistance, p 1 
base currents except when calculating R i( j- 

12.69 It is required to find the input resistance an 
voltage gain of the input stage shown in Fig. _ 

V fCM <S 0.8 V so that the Qy-Q 4 P a ' r ’ s °^‘ ^ SSU 
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Qs supplies 6 pA, that each of Q 1 to Q w is biased at 6 pA. 

and that all four cascode transistors are operating in the 

active mode. I he input resistance of the second stage of the 

op amp is 1.3 MQ. The emitter degeneration resistances are 
R 7 = /? 8 = 22 kO, and R g = R ]Q ^ 33 kQ [Hint Refer 

to Fig. 12.43.] 

D 12.70 Consider the equivalent half-circuit shown in 
Fig. 12.43. Assume that in the original circuit, Q ] is 
biased at a current /, Q 7 and Q 9 are biased at 27. the dc 
voltage drop across R-, is 0.2 V, and the dc voltage drop 
across R 9 is 0.3 V. Find the open-circuit voltage gain 
(i.e., the voltage gain for R L = °°). Also find the output 
resistance in terms of 7. Now- with R L connected, find the 
voltage gain in terms of (IR L ), For R, - 2 ML 2 . find 7 
that will result in the voltage gains of 160 V/V and 
320 V/V. 


*12.71 (a) For the circuit in Fig. 12.44, show that the loop 
gain of the common-mode feedback loop is 



II ^o7 

r e7 + R 7 


Recall that the CMF circuit realizes the transfer characteris¬ 
tic V B = V CM + 0.4. Ignore the loading effect of the CMF 
circuit on the collectors of the cascode transistors. 

(b) For the values in Example 12.6, calculate the loop gain 

A ft. 

(c) In Example 12.6, we found that with the CMI absent, a 
current mismatch A/ = 0.3 pA gives rise to A V CM = 2.5 V. 
Now, with the CMF present, use the value of loop gain found 
in (b) to calculate the expected AF CW and compare to the 
value found by a different approach in Example 12.6. [Hint: 
Recall that negative feedback reduces change by a factor 
equal to (1 + Afi).] 


12.72 The output stage in Fig. 12.46 operates at a quiescent 
current Jq of 0.4 mA. The maximum current i L that the stage 
can provide in either direction is 10 mA. Also, the output stage 


■ : Ped with a feedback circuit that maintains a minimum 
current of Iq/ 2 in the inactive output transistor. 

(a) What is the allowable range of v 0 ‘7 
< b) For i L - 0. what is the output resistance of the op amp? 

(c) If the open-loop gain of the op amp is 100,000 V/V, find 

the closed-loop output resistance obtained when the op amp 

is connected in the unity-gain voltage follower configura¬ 
tion, with i L - 0. 

(d) ll the op amp is sourcing a load current i L - 10 mA, 

find ip, / v , and the open-loop output resistance. 

(c) Repeat (d > tor the case of the open-loop op amp sinking a 
load current of 10 mA. 

12.73 It is required to denve the expressions in Eqs. (12.132) 
and (12.1 >3). Toward that end, first find v B7 in terms of v BEN 
and hence / v . Then find i Bb in terms of ip. For the latter pur¬ 
pose note that Q 4 measures v £BP and develops a current 

*4 = 1 v ebp - v ebi) R*- This current is supplied to the series 
connection of and R 5 where R } = R 4 . In the expression 
you obtain for v B6 , use the relationship 

— — {§21 
7 S4 / S5 

to express v g6 in terms of i p and I SN . Now with v Bb and 
v B7 determined, find i C6 and i C7 . 

12.74 It is required to derive the expression for v E in Eq. 
(12.134). Toward that end, note from the circuit in Fig. 
12.48 that v E - v EB7 + v BEN and note that Q N conducts a 
current i N and 0-, conducts a current i cl given by Eq. 
(12.133). 

D 12.75 For the output stage in Fig. 12.48. find the cur- 
rent / REF that results in a quiescent current 
l 0 ~ 0.36 mA. Assume that 7 = 10 jiA, Q s has eight 
times the area of Q w , and Q 7 has four times the area of Q\ j. 
What is the minimum current in Q N and Q P i 
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here are two indisputable facts about digital systems. They have dramatically changed oik 
lives, and the digital revolution is driven by microelectronics. 

Evidence of the pervasiveness and influence of digital systems can be found by thinking of what 
we do in our daily lives. Digital circuits exist in almost every electrical appliance we use in our homes, 
in the vehicles and transportation systems we use to travel; in the telephones and, most obviously, 
the cell phones we use to communicate; in the medical equipment needed to care for our health; in 
the computers we use to do our work; and in the audio and video systems and the radio and TV sets 
we use to entertain ourselves. Indeed, it is very difficult to conceive of modern life without digits' 
systems, none of which would have been possible without microelectronics. 

Although the idea of a digital computing machine was conceived as early as r he 1830s, early 
implementations were very cumbersome and expensive mechanical devices. The first serious dig* 3 
computers using vacuum tubes appeared in the 1930s and 1940s. These early computers used thou 
sands of tubes and were housed literally in many rooms. Their fundamental limitation was low 


reliability: vacuum tubes had a finite life and needed large amounts of power Had it not 
been for the invention of the transistor in 1947 ushering in the era of solid-state electron¬ 
ics, digital computers would have remained specialized machines used primarily in mili¬ 
tary and scientific applications. 

By the mid 1950s, the first digital logic gates made of discrete bipolar transistors be¬ 
came commercially available. The invention of the integrated circuit in the late 1950s was 
also key, leading to the first digital 1C in the early 1960s. Early digital ICs were made of bi¬ 
polar transistors, with the most successful [logic-circuit family of this type being transistor- 
transistor logic (or TTL), which dominated digital circuit design, until the early 1980s. 

Bipolar was replaced by NMOS, and NMOS by CMOS, again predominantly because 
of power dissipation and the need to pack more and more transistors on each 1C chip. 
Bearing out Moore's taw, which predicted in 1968 that 1C chips would double the number 
of their transistors every two to three years (see Section 13.5), digital ICs have grown 
from a few transistors to 2.3 billion devices and to memory chips with 4 Gbit capacity. 

Part ill aims to provide a brief but nonetheless comprehensive and sufficiently de¬ 
tailed exposure to digital 1C design. Our treatment is almost self-contained, requiring for 
the most part only a thorough understanding of the MOSFET material presented in Chap¬ 
ter 5. Thus Part III can be studied right after Chapter 5. The only exceptions to this are the 
last two sections in Chapter 14, which require knowledge of the BJT (Chapter 6). Also, 


knowledge of the MOSFET internal capacitances (Section 9.2.2) will be needed. 

Chapter 13 is the cornerstone of Part III. It provides an introduction to digital circuits 
and then concentrates on the bread-and-butter topic of digital 1C design: the CMOS in¬ 
verter and logic gates. Today, CMOS represents 98% of newly designed digital systems. 
The material in Chapter 13 is the minimum needed to learn something meaningful about 
digital circuits, it is a must study! 

Chapter 14 builds on the foundation established in Chapter 13 and introduces three 
important types of MOS logic circuits and a significant family of bipolar logic circuits, rhe 
chapter concludes with an interesting digital circuit technology that attempts to combine 
the best of bipolar and CMOS: BiCMOS. 

Digital circuits can be broadly divided into logic and memory circuits. The latter is the 
subject of Chapter 15. 









































































CHAPTER 13 


CMOS Digital Logic 

(1 relit: 


Introduction 1061 

13.1 Digital Logic Inverters 1062 

13.2 The CMOS Inverter 1089 

13.3 Dynamic Operation of the CMOS 
Inverter 1098 


--- 

13.4 CMOS Logic-Gate Circuits 1110 

13.5 Implications of Technology Scaling: 
Issues in Deep-Submicron Design 1122 

Summary 1132 

Problems 1134 


IN THIS CHAPTER YOU WILL LEARN 


1 . 


How the operation of the basic element in digital circuits, the logic 

inverte , is characterized by such parameters as no,se margins propaga^ 

tion delay and power dissipation, and how it is implemented by using 

one of three possible arrangements of voltage-controlled switches 
(transistors). 


2. That the three most significant metrics in digital 1C design are speed of 
operation, power dissipation, and silicon area, and that each design is in 
effect a trade-off among the three metrics. 

3. How and why CMOS has become the dominant technology for digital 1C 
design. 


4. The structure, circuit operation, static and dynamic performance analysis 
and the design of the CMOS inverter. 

5. The synthesis and design optimization of CMOS logic circuits. 

6. The implications of technology scaling (Moore’s law) over 40 years and 
continuing, and some of the current challenges in the design of deep- 
submicron (L < 0.25 pm) circuits. 


Introduction 

This chapter does three things: It introduces the basic element of digital circuits, the logic 
inverter; it presents a relatively detailed study of the CMOS inverter and of CMOS logic- 
circuit design; and it provides a perspective on the astounding phenomenon of technology scal¬ 
ing (Moore’s law) and the opportunities and challenges ot deep-submicron {L < 0.25 pm ) IC 
design. 

Our study of the inverter in Section 13.1 provides ti e foundation lor the study ot digital 
electronics in the remainder of the chapter and in the next two chapters. Without getting into 
circuit implementation detail, Section 13.1 introduces all the parameters and metrics used in 
digital IC design. As well, it provides an overview ot digital IC technologies and logic- 
circuit families. In this way, it provides the basis lor appreciating how and why CMOS has 
emerged the dominant technology in digital 1C design. The section concludes with a discus¬ 
sion o: the various styles of digital system design; from small-scale and medium-scale inte¬ 
grated-circuit (SSI and MST packages assembled on printed-circuit boards to systems 
assembled using very- large-scale integrated (VLSI) circuits such as microprocessors, mem¬ 
ory, and custom and semicustom ICs. 
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Sections 13.2 and ! 3.3 provide a comprehensive and thorough study of the CMm 
inverter. Section 13.4 builds on this material and presents the basic CMOS logic-gate ci 
cuits as well as a general approach for the < 'iVh )S implementation of arbitran I »gj c jy nc 
tions. We also consider the design optimization of the resulting circuits. 

The chapter concludes with a retrospective and a prospective look at Moore’s law and the 
technology scaling that has continued over the last 40 years and shows no signs of stonni 
This leads naturally to a discussion of the phenomena that take place in deep-submicron 
(I <0.25 pm) MOSFETs and how to modify the model we studied in Chapter 5 to take 
account of these phenomena. This section should serve as a bridge between this introductory 
course and more advanced study of digital IC design. 

This chapter provides a self-contained study of CMOS logic circuits, the bread and butter 
of digital It design. We will build on this 'oundation in our study of the more specialized 
topics in the next two chapters. 

13.1 Digital Logic Inverters 

The logic inverter is the most basic element in digital circuit design; it plays a role parallel to 
that of the amplifier in analog circuits. In this section we provide an introduction to the logic 
inverter and to digital circuit design. 

13.1.1 Function of the Inverter 

As its name implies, the logic inverter inverts the logic value of its input signal. Thus, fora 
logic-0 input, the output will be a logic 1, and vice versa. In terms of voltage levels, consider 
H ie inverter shown in block form in Fig. 13.1. Its implementation will ensure that when v, is 
low (close to 0 V), the output v 0 will be high t close to V DD \ and vice versa. 

13.1.2 The Voltage-Transfer Characteristic (VTC) 

To quantify the operation of the inverter, we utilize its voltage-transfer characteristic (VTC). 
We have already introduced the concept of the V PC and utilized it to characterize the opera¬ 
tion of basic MOSFET amplifiers in Section 5.4.2. Figure 13.2 shows such a circuit, 
together wdth its VTC. Observe that the circuit in fact implements the inverter function: For 
a logic-0 input, v l is close to 0 V and specifically lower than the MOSFET threshold voltage 
the transistor will be off, i n = o. and v 0 - V DD , which is a logic 1. For a logic-1 input, 
v j ~ ^ dd ' the transistor will be conducting and operating in the triode region (at poi ! 
the VTC), and the output voltage will be low (logic 0). 



Figure 13.1 A logic inverter operating from a dc supply V 0D . 
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Figure 13.2 The simple resistively loaded MOS amplifier can be used as a logic inverter when operated in 
cut-off (vj < V tn ) and in triode i v, > V fC ). The output high level is V Df , and the low level is V 0D . 

Thus to use this amplifier as a logic inverter, we utilize its extreme regions of operation. 

I ins is exactly the opposite to its use as a signal amplifier, where it would be biased at the 
middle of the transfer characteristic segment BC and the signal kept small enough to restrict 
operation to a short, almost linear, segment of the transfer curve. Digital applications, on 
the other hand, make use of the gross nonlinearity exhibited by the VTC. 

With these observat ions in mind, we show' in Fig. 13.3 a possible VTC of a logic inverter. 
For simplicity, we are using three straight lines to approximate the VTC, which is usually a 
nonlinear curve such as that in Fig. 13.2. Observe that the output high level, denoted V 0Hi 
does not depend on the exact value of v, as long as v ; does not exceed the value labeled l ) L ; 
when v t exceeds V lL , the output decreases and the inverter enters its amplifier region of 



Figure 13.3 Voltaue transfer characteristic of an inverter. The VTC is approximated by three straight-line 
segments. Note the four parameters of the VTC (r 0 „ V 0L , V, L , and C,„) and their use in determ,nmg the noise 

margins {NM H and NM L ). 
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operation, also called the transition region. It follows that V u is an important param t 
the inverter VTC: It is the maximum value that v t can have while being interpreted hit 
inverter as representing a logic 0. 1 

Similarly, we observe that the output low level, denoted V 0i , does not depend on the 
exact value of v, as long as v, does not fall below V lH . Thus V m is an important parameter of 
the inverter VTC: It is the minimum value that v, can have while being interpreted by ik 
inverter as representing a logic I. 


13,1.3 Noise Margins 

The insensitivity of the inverter output to the exact value of v, within allowed regions is a 
great advantage that digital circuits have over analog circuits. To quantify this insensitivity 
property, consider the situation that occurs often in a digital system where an inverter (or a 
logic gate based on the inverter circuit) is driving another similar inverter, as shown in 
Fig. 13.4 

Here we assume that a noise or interference signal v v is somehow coupled to the inter¬ 
connection between the output of inverter G, and the input of inverter G, with the result 
that the input of G : becomes 


v n = v o\ +v n (13.1) 

wnere the noise voltage v N can be either positive or negative. Now consider the case 
v o\ ~ v oi' that ‘ s i inverter G 2 is driven by a logic-0 signal. Reference to Fig. 13,3 indi¬ 
cates that in this case G 2 will continue to function properly as long as its input v n does not 
exceed V IL . Equation 113.1 $ then indicates that v N can be as high as V u - V 0L while G 2 con¬ 
tinues to function properly. Thus, we can say that inverter G 2 has a noise margin for low 
input, NM l , of 


O NM, = V, L -V 0L (13.2) 

Similarly, if v ol = V 0H , the driven inverter G 2 will continue to see a high input as tongas 
v n ^ oes not l a ll below Vi H . Thus, in the high-input state, inverter G-> can tolerate a nega¬ 
tive v N of magnitude as high as V 0H - V fH . We can thus state that G 2 has a high-input noise 
margin, NM H , of 

O NM h = V 0H - V, H ( 13 - 3 ) 

In summary, four parameters, K ow , V 0L , V m , and V lr define the VTC of an inverter and 
determine its noise margins, which in turn measure the ability of the inverter to tolerate. 



% 



Figure 13,4 Noise voltage v N is coupled to 
input of inverter G,. 


the interconnection between the output ot inverter G, 


and the 
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Table 13.1 Important Para meter, of the VTC of the logic Inver.,, „„ 133> 

V : Output low level “ 

V 0H . Output high level 

V IL : Maximum value of input interpreted by the inverter as a logic 0 

V/if Minimum value of input interpreted by the inverter as a logic 1 
AW, : Noise margin for low input = V, L - V 

NM„: Noise margin for high input = V 0H - V 


variations in the input signal levels. In this regard, observe that changes in the input signal 
level within the noise margins are rejected by the inverter. Thus noise is not allowed to 
propagate further through the system, a detmite advantage of digital over analog circuits 
Alternatively, we can think of the inverter as restoring the signal levels to standard values 

ol even when it is presented with corrupted input signal levels 'within the noise 

margins). As a summary, useful for future reference, we present a listing and definitions of 
the important parameters of the inverter VTC in Table 13.1. 

The formal definitions of the threshold voltages In and I ^ are given in Fisj. 13.5 
Observe that V iL and V !H are defined as the VTC points at which the slope is -1 V/V. As 
v } exceeds V 1L , the magnitude of the inverter gain increases and the VTC enters its transi¬ 
tion region. Similarly, as v f tails below V JH , the inverter enters the transition region and the 
magnitude of the gain increases. Finally, note that Fig. 13.5 shows the definition of another 
important point on the VTC; this is point M at which v 0 = v r Point M is loosely consid¬ 
ered to be the midpoint of the VTC and thus the point at which the inverter switches from 
one state to the other. Point M plays an important role in the definition of the time delay of 
the inverter, as we shall see shortly. 



Figure 13.5 Typical voltage transfer characteristic (VTC) ofa logic inverter, illustrating the definition of 
the critical points. 
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13.1.4 The Ideal VTC 


The question naturally arises as to what constitutes an ideal VTC for an inverter The 
follows directly from the preceding discussion: An ideal VTC is one that maximizes the^^ 
put signal swing and the noise margins. For an inverter operated from a power supply K 
maximum signal swing is obtained when Dt> ' 



and 


Vol = 0 

To obtain maximum noise margins, we first arrange for the transition region to be made as 
narrow as possible and ideally of zero width. Then, the two noise margins are equalized by 
arranging for the transition from high to low to occur at the midpoint of the power supply 
that is, at V DD /2. The result is the VTC shown in Fig. 13.6, for which 

Vil = v ih * V M = V dd /2 

Observe that the sharp transition at V DD /2 indicates that if the inverter were to be used as 
an amplifier, its gain would be infinite. Again, we point out that while the analog designer’s 
interest would be focused on the transition region of the VTC, the digital designer would 
prefer the transition region to be as narrow as possible, as is the case in the ideal VTC of Fig. 
13.6. Finally, we will see in Section 13.2 that inverters implemented using CMOS technol¬ 
ogy come very close to realizing the ideal VTC 


13.1.5 Inverter Implementation 

Inverters are implemented using transistors (Chapters 5 and 6) operating as voltage-controlled 
switches. The simples: inverter implementation, is shown in Fig. 13.7(a). The switch is 






Figure 13.6 The VTC of an ideal inverter 
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V/ low v } high 


(a) (b) (c) 

Figure 13.7 (a) The simplest implemct tation ot a logic inverter using a voltage-controled switch; 
(b) equivalent circuit when v, is low; (c) equivalent circuit when v, is high. Note that the switch is assumed 
to close when v, is high. 


controlled by the inverter input voltage v,: When v, is low, the switch will be open and v 0 = V DD , 
since no current flows through R. When v, is high, the switch will be closed and, assuming 
an ideal switch, v a will be 0. 

Transistor switches, however, as we know from Chapters 5 and 6, are not perfect. 
Although their off resistances are very high and thus an open switch closely approximates 
an open circuit, the “on" switch has a finite closure or “on” resistance, R an . The result is that 
when v, is high, the inverter has the equivalent circuit shown in Fig. 13.7(c), from which V 0L 
can be found. 1 




R 


on 


R + R 


on 


We observe that the circuit in Fig. 13.2(a) is a direct implementation of the inverter in Fig. 
13.7. In this case, R on is equal to r DS of the MOSFET evaluated at its operating point in the 
triode region with V GS ~ ^DD‘ 



D13.1 Design the inverter in Fig. 13,2(a 1 to provide V 0L — 0.1 V and to draw a supply current of 50 pA 

in the low' -output state. Let the transistor be specified to have l f — 0.5 V, fi n C 0X — 1-5 pA/V , 

and X = 0. The power supply V DD = 2.5 V. Specify the required values of W/L and R D . How 
much power is drawn from V DD when the switch is open? Closed? 

Hint : Recall that for small v DS , 


1 If a BIT is used to implement the switch in Fig. 13.7(a), its equivalent circuit in the closed position 

includes in addition to the resistance R on = Rcem* an °^ set v °h a f? e °* a 0 ^ t ■ m t0 m !? et j 
Fig. 6.1 9c). We shall not pursue this subject any further here, since the relatively long delay time needed 

to turn off a saturated BJT has caused the use of BJT switches operated in saturation to all but disappea 
from the digital 1C world. 
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More elaborate implementations of the logic inverter exist, and we show two fth 
in Fig. 13.8(a) and 13.9. The circuit in Fig. 13.8(a) utilizes a pair of complements^ 
switches, the “pull-up" (PU) switch connects the output node to V DD , and the “pull-down’' 
(PD) switch connects the output node to ground. When v f is low, the PU switch will be 
closed and the PD switch open, resulting in the equivalent circuit of Fig. 13.8(b) Obserw 
that in this case R on of PU connects the output to V DD , thus establishing V = y 
observe that no current flows and thus no power is dissipated in the circuit. Next if* is 
raised to the logic-1 level, the PU switch will open while the PD switch will close, resulting 
in the equivalent circuit shown in Fig. 13.8(c). Here R on of the PD switch connects the output 
to ground, thus establishing V 0L = 0. Here again no current flows, and no power is dissi¬ 
pated. The superiority of this inverter implementation over that using the single pull-down 
switch and a resistor (known as a pull-up resistor) should be obvious: With V - 0 

v oh = v dd> the si g na l swi ng is at its maximum possible, and the power dissipation is zero in 
both states. This circuit constitutes the basis of the CMOS inverter that we will study in 
Section 13.3. 


Finally, consider the inverter implementation of Fig. 13.9. Here a double-throw switch is 
used to steer the constant current l EE into one of two resistors connected to the positive 
supply V cc . The reader is urged to show that if a high v, results in the switch being connected 
to R C] , then a logic inversion function is realized at v ov Note that the output voltage is inde¬ 
pendent of the switch resistance. This current-steering or current-mode logic arrangement is 
the basis of the fastest available digital logic circuits, called emitter-coupled logic (ECL), 
which we shall study in Section 14.4. In fact, ECL is the only BJT logic-circuit type that is 
currently employed in new designs and the only one studied in this book. 




A rriore elaborate implementation ol the logic inverter utilizing two complementary 
Th»s .s the basis of the CMOS inverter that we shall study in Section 1 3.2. 


switches. 
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+ V, 


cc 



Figure 13.9 Another inverter implementation utilizing a double-throw switch to steer the constant current 
f E£ to R c | (w hen v } is high) or (when v t is low). This is the basis of the emitter-coupled logic (ECL) studied 
in Chapter 14. 


. 


13.2 For the current-steering circuit in Fig. 13.9, let V cc = 5 V, I EE = 1 mA. and 
R C] = R ( = 2 kQ , What are the high and low logic levels obtained at the outputs? 

Ans. V 0H ~ = 5 V; V OL = 3 V 




13.1 



MOS Inverter 



For the simple MOS inverter in Fig. 13.2(a): 

(a) Derive expressions for V 0Hi V OL , V JL , V 1H , and V For simplicity, neglect channel-length modula¬ 
tion (i.e., assume X - 0). Show that these inverter parameters can be expressed in terms of V DD , V,, 
and ( k n R D ). The latter parameter has the dimension of V ~ l ; and to simplify the expressions, denote 

k n R D =\/V x . 

(b) Show that V x can be used as a design parameter for the inverter circuit. In particular, find the value 
of V x that results in V M = V DD /2. 

(c) Find numerical values tor all parameters and for the inverter noise margins for f — 1.8 V, 
V, - 0.5 V, and V x set to the value found in (b). 

(d) For k'= 300 p A/ V" and W!L = l .5, find the required value of R D and use it to determine the aver¬ 
age power dissipated in the inverter, assuming that the inverter spends half of the time in each of its 

two states 

(e) Comment on the characteristics of this inverter circuit vis-a-vis the idea! characteristics as well as on 
its suitability for implementation in integrated-circuit form. 
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Example 13.1 continued 




(b) 

Figure 13.10 The resistively loaded MOS inverter and its VTC {Example 13.1). 


Solution 


(a) Refer to Fig. 13.10. For Vj < V„ the MOSFET is off, i D = 0. and v 



yOH ~ I DD (13.4) 

As V] exceeds \ ,, the MOSFET turns on and operates initially in the saturation region. Assuming X - 0 , 

*d — K) 

and 


v O V DD Rd^D - VdD~\KRd( v /- K) 2 

£ 

substituting k„R D = 1/K,, the BC segment of the VTC is described by 

v o = ^dd~ Trr(t>/- V,)~ (13.5) 

^ ¥ X 

To determine V, L , we differentiate Eq. (13.5) and set dv 0 /dv, = -1 , 
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which results in 


v il = y,+ v. 

To determine the coordinates of the midpoint M, we substitute v 
obtaining 


(13.6) 

o = v i = v m in Ec l- (13,5), thus 


V dd - V M = 


1 


2v^ V m~ V t) 


(13.7) 


which can be solved to obtain 


1 AY 1 t + 1 DD~^d^x + l x ~ K 


The boundary ot the saturation-region segment BC, point C, is determined by 
in Eq. (13.5) and solving for v 0 to obtain 



1 ' 


o 


(13.8) 


»/ - y, 


v oc = Jl vZ v, + - v, 


(13.9) 


and 


v ,c = y, + J 2 V DD V X + f ?- v 


(13.10) 


Beyond point C, the transistor operates in the triode region, thus 


1 d ~ 


( 17 - K) v o~^ v o\ 


and the output voltage is obtained as 


v o “ 1 DD~ y 


X 


, r/ , 1 2 

( 17 - V ( )v 0 --v 0 


(13.11) 


which describes the segment CD 01 the VTC. To determine we differentiate Eq. (13.11) and set 

q/ du j — I , 


dt 


’0 


dv { 




, t /\^ v o , dv 0 i 

(v } -y { ) ~r~ + v„-v 


dx 7 


o u o 


dv j _ 


1 


-1 = -fh(ViH-K) + 2voi 

* X 


w Inch results in 


1 ih “If" ^ v o K 


(13.12) 


Substituting in Eq. (13.11) for 17 with the value of 1 7 # from Eq. (13.12) results in an equation in the 
value of v 0 corresponding to 17 - V ]t} , which can be solved to yield 


v 


o 


If, =1 


, =0.816 Jv^y, 


(13.13) 


/ “ r IH 


which can be substituted in Eq. (13.12) to obtain 


V, H = V, + l.6lJV DD V x - V, 


(13.14) 
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Example 13,1 continued 

To determine V OL we substitute v } = V 0H = V DD in Eq. (13.11): 

(13.15) 

Since we expect ^ OL to be much smaller than 2( V DD - V t ), we can approximate Eq. (! 3.15) as 

V()L ~ DD ~ JT ( VoD ~ K ) ^ OL 

which results in 



V — 

v OL ~ 


V 


DD 


1 + [{V DD -V,)/V X ) 


(13.16) 


It is interesting to note that the value of V OL can alternatively be found by noting that at point D, the 


MOSFET switch has a closure resistance r 


DS 


r DS ~ 


1 


Kiv DD -v t ) 


(13.17) 


and V 0L can be obtained from the voltage divider formed by R }) and r DS , 


v - V 

*0L v 


r 


DS 


V 


DD 


^D + r DS 


DD 


1 + Rd^DS 


(13.18) 


Substituting tor r DS trom Eq, (13,17) gives an expression for V OL identical to that in Eq. (13.16). 

(b) We observe that all the inverter parameters derived above are functions of V DD , V ,, and V x only. 

Since V DD and 1 1 are determined by the process technology, the only design parameter available is 

v x = 1/Md- To place V M at half the supply voltage V DD , we substitute V M = V DD /2 in Eq. (13.7) to 
obtain the value V x must have as 


(c) For V DD 






1.8 V and V, = 0.5, we use Eq. (13.19) to obtain 



v M = 0.9 v 


(1.8/2-0,5 ) 2 

1.8 


0.089 V 


From Eq, (13.4): 

Vqh = 1.8 V 

From Eq. (13.16): 

V OL = 0.12 V 

From Eq. (13.6): 

V !L = 0.59 V 

From Eq. (13.14): 

Vm = 1.06 V 


NM { = V JL - V QL = 0.47 V 


NM h = V 0H - V JH = 0.74 V 


(13,19) 





1 

0.089 


11,24 


(d) l o determine R D , we use 
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Thus, 




11.24 


11.24 


= 25 kQ 


k - (W/L ) 300x l(T 6 x 1.5 

p 1 h y e i ' nVerter d,sslpates P° wer on| y w hen the output is low, in which case the current drawn from the sup- 


DD - 


_ V DD z V OL 1-8-0.12 


R d 25 kQ 


= 67 p A 


and Ihe power drawn from the supply during the low-output interval 


IS 


RD — I DD^DD ~ 1-8x67 = 121 jiW 


Since the inverter spends half of the time in this state. 


(e) 


^Daverage 2 ^D ~ 60.5 JiW 

We now can make a few comments on the characteristics of this inverter circuit in comparison to the 
ideal characteristics: 


1. The output signal suing, though not equal to the full power supply, is reasonably good’ 

Vqh = 1-8 V, V 0L = 0.12 V. ' j2H 

2. The noise margins, though of reasonable values, are far from the optimum value of V DD /2. This is 
particularly the case for NM L . 

3. Most seriously, the gate dissipates a relatively large amount of power. To appreciate this point, con¬ 
sider an 1C chip with a million inve: ters (a small number by today s standards): Its power dissipation 
will be 61 W. This is too large, especially given that this is “static power,” unrelated to the switching 
activity of the gates (more on this later). 

We consider this inverter implementation to be entirely unsuitable for 1C fabrication because each 
inverter requires a load resistance of 25 kQ, a value that needs a large chip area ('see Appendix A). To 
overcome this problem, we investigate in Example 13.2 the replacement of the passive resistance R D 
with an NMOS transistor. 



D13.3 In an attempt to reduce the required value of R D , to 10 kQ, the designer of the inverter in Ex¬ 
ample 13.1 decides to keep the parameter V x unchanged but increases WfL. What is the new value 
required for Will Do the noise margins change? What does the power dissipation become? 


Ans. 3.75; no; 151 p W 

D13.4 In an attempt to reduce the required value ot R^ to 10 kQ, the designer of the inverter in Exam¬ 
ples 13.1 decides to change V x while keeping IV/L unchanged. What new \alue ot \ x is needed? 
What do the noise margins become? What does the power dissipation become? 

Ans. V x - 0.22 V; NM L - 0.46 V, NM H - 0.49 V; 139 
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To overcome the problem associated with the need for a large resistance R D in the circuit of FV 
13.10(a), studied in Example 13.1, R D can be replaced by a MOSFET. One such possibility is the circuit 
shown in Fig. 13.11(a), where the load is an NM« )S transistor Q 2 operated in the saturation region (b 
connecting its drain to its gate). Although not shown on the diagram, the body terminal of O is * 
nected to the lowest-voltage node, which is ground. 

Neglecting the body effect in Q 2 and assuming A l = A 2 = 0, determine the inverter parameters 
Vqh » ypL ' V ! L > Viff , and V M . Express the results in terms of V DD , V, (where V tl = V , = y ) and 

K = Ai /k „ 2 • , 

For V DD = 1.8 V, V, = 0.5 \,{ W/L) , = 5, and (W/L) 2 = -» find numerical values for all param- 


(a) 


(bi 

(c) 

(d) 

(e) 


eters and for the noise margins. 

If k' n = 300 |tA/T, find the average power dissipated in the inverter, assuming that it spends half 
the time in each of its two states. 

Qualitatively describe how the body effect in Q 2 affects the noise margins. 

Comment on the characteristics of this inverter implementation vis-a-vis the ideal characteristics 
How suitable is this circuit for implementation in IC form? 


i / 



v 


Vj 


(d) 


Figure 13.11 (a) Enhancement-load MOS inverter; (b) load curve; (c) construction to determine VTC; (d) the VTC. 
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Solution 

(a) The inverter VTC can be determined omntiii'giiv u,, 

characteristic of the diode TT 8 P ” Ca " y b * superimposing the load curve, which is the i-v 

horizontally bT a"nd flif h" ' T?* « M ° SFET CirCui ' S “ ™ sh.ft the load lurve 

shown in Ffc 13H (d) “ ** 35 ^ in F ‘ g ' l3 U(C) - The "«“»* VTC * 

... FOf < f' 1 ’ Q1 Wi " be ofT ’ whlch lorces current in Q 2 to be zero. Transistor although it 

tin ;!;,r T rf wi11 have a voitage ** ™» - • ««* 

sho n in Fig. 13.11 (b). Thus the output voltage v 0 will not reach V DD but will be at V DD - V, 2 , that is,-’ 



As Vj exceeds Q i turns on and initially operates in saturation, thus 

l D\ = \ k n\(Vl~ Kl ) 2 

Since Q 2 operates in saturation at all times, 

1 , 

*02 ~ 2^ n2 ^ D D~ V 0~yp) 

Equating i m and i D2 and substituting V n = V t2 = V, , and Jk nX /k n2 = k , gives 


(13.20) 


v o = V DD + { k r-\)V,-Kv { (13.21) 

which is the equation for segment BC ot the VTC in Fig. 13.11(d). It is interesting to observe that the rela¬ 
tionship between v 0 and v f is linear and that the slope of this straight line is -k r . 

Since the slope of the VTC changes from zero to -k r at point B, it is reasonable to consider point B 
to be the determinant of VlL ; thus. 



(13.22) 


To obtain V M we substitute v f - v 0 = 



V S1 in Eq. (13.21); thus, 

. y D D + (l<r-')V r 

k f + I 


(13.23) 


We next determine the coordinates of point C at which 0\ enters the triode region by substituting in 
Eq. (13.21) v 0 - Vj- V ,. The result is 



k dd + k r^' t 


k r + 1 


(13.24) 


2 To see this point more clearly, consider the usual situation ol a capacitance C L between the output 
node of the inverter and ground. Assume that initially v } was high and v 0 was low. Now let v, go low. 
Q\ cuts off, and Q 2 provides a current that charges C L up. As v 0 increases, the current pro\ ide y 
Q 2 decreases until v 0 reaches — V, 2 > which point the current supplied by Q 2 reac es zero. 
Thus the charging process terminates and v 0 stabilizes at ^DD ~ W 2 ’ 
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Example 13.2 continued 
and 



(13.25) 


Comparing I qs. (13.24) and (13.23 ), we make the comforting observation that V, c > C v/ , confirming our 
implicit assumption that M lies on the linear segment of the VTC. 

For Vj > V /c , Q\ operates in the triode region; thus. 



Meanwhile, Q 2 still operates in saturation. Equating their currents results in 



(13.26) 


Although this equation can be used to determine V lH , the effort involved to do this symbolically is too 

great. We will instead find V lH numerically; V 0L , however, can be determined by substituting in Eq. 
(13.26) v { = V OH = V DD ~ V, and v 0 = V 0Ll 


2k 


(V dd -2 V,) V 0L - i l4 


“ (■ ^DD ~ ^VqL ) 


(13.27) 


Since we expect \ OL to be much smaller than 2( V DD — 2 V f ) and (F D/> - V.), we can approximate 
Eq. (13.27) as follows: 


Thus, 




(13.28) 


We observe that all the inverter parameters are functions of three quantities only: V DD V r and k T . Since 

the first two are determined by the process technology, the only design parameter is k , which determines 
the steepness of the transition region. 


(b) Given V DD = 1.8 V, V, = 0.5 V, { W/L) ] 


5, and ( W/L) 2 


1 

- we 


first determine k r 




From Eq. (13.20): 

From Eq. (13.28): 

From Eq. (13.22): 

From Eq. (13.23): 

To determine V fH we utilize Eq. 


V 0H = 1.3 V 

v ol ~ 0 04 V 
V }L = 0.5 V 
V M = 0.63 V 

3.26) together with setting dv 0 /dv, 

V,H = 0,75 V 


-1. The result is 
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Thus, 


- Vn - V 0L = 0.5-0.04 = 


0.46 V 


\\f H _ V 0H -V, H ~ 1.3-0.75 = 0.55 


V 


(c) The inverter diss.pa.es power only when „„ = v OL . In this case, the current drawn from the 



IS 


1 DD (p2 — DD~ y OL~ 


Thus, 


! dd ~ \ x 300 x l - x (1.8 - 0.04 - 0.5) 2 

= 47.6 pA 


and. 


p d = v dd j dd = 1.8x47.6= 85.7 pW 


Since the inverter is m the low-output state for half the time, 


^©average ~ “ X 85.7= 42.9 pW 

(d) Since the body of Q 2 is connected to ground, its source-to-body voltage V SB is 

^55 ~ v o 

Now, since the threshold voltage is given by 

y a = v ,t + Yt JVu + 2*/ (13.29) 

we see that V f2 will increase with v Q . '• his is of immense concern, since V l2 will be at its largest value 
for v 0 = V 0H = V DD - V l2 . Thus, V 0H will be lower than the value calculated above. This reduces the 
output signal swing and NM m . 

(e) We now can make the following comments on the characteristics of this inverter implementation: 

1. The fact that V OH is lower than V DD by V t2 and that V t2 can be large because of the body effect im¬ 
poses a major disadvantage on this NMOS-load inverter. 

2. The noise margins are much lower than the ideal values of Vqd/2, Also, V M is far from the power- 
supply midpoint. 

3. The sharpness of the transition of the VTC increases with the value of k r . Increasing however, 
has the effect of increasing the silicon area (see Exercise 13.6). 

4. Like the resistiveiy-loaded MOS inverter considered in Example 13.1, the NMOS-loaded inverter dis¬ 
sipates a large amount of power. 

Since the circuit utilizes NMOS transistors exclusively, it is certainly suitable for implementation in IC 
toirn. As we will discuss shortly, all-NMOS technology was at one time (1970s) the technology of choice 
for the implementation of microprocessor chips. Its high power dissipation, however, has caused its 

demise in favor of CMOS technology. 
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13,5 Repeat part (b) of Example 13.3 for the case ( fV/L) 1 = 3 and (W/L) 2 = - Specifically find th 
values of V 0H , V 0L , V JL , V !H , V M , NM H , and NM L . ’ 6 

Ans. 1.3 V; 0.12 V; 0.5 V; 0.87 V; 0.7 V; 0.43 V; 0.38 V 


13.6 Consider the inverter in Fig. 13.1 1 (a) with (W/L l, = k r and ( W/L> 2 - \/k r Show that if the 
minimum dimension (i.e. length or width) of each of the two transistors is denoted d , the inverter 
silicon area is 2k r d~, 



13.1.6 Power Dissipation 

: digital systems are implemented using very large numbers of logic gates. For space and other 
economic considerations, it is desirable to implement the system with as few integrated- 
circuit (1C) chips as possible. It follows that one must pack as many logic gates as possible 
on an IC chip. At present, one million gates or more can be fabricated on a single IC chip m 
what is known as very-large-scale integration (V LSI >. To keep the power dissipated in the 
chip to acceptable limits (imposed by thermal considerations), the power dissipation per 

gate must be kept to a minimum. Indeed, a very important performance measure of the logic 
inverter is the power it dissipates. 

The inverter of Fig. 13.7 dissipates no power when v f is low and the switch is open. In 
the other state, however, the power dissipation is approximately V~ DD /R and can be sub¬ 
stantial, as we have seen in Examples 13.1 and 13.2. This power dissipation occurs even if 
the inverter is not switching and is thus known as static power dissipation. 

The inverter of Fig. 13.8 exhibits no static power dissipation, a definite advantage. Unfor¬ 
tunately, however, another component of power dissipanon arises when a capacitance exists 
between the output node ol the inverter and ground, This is always the case, for the devices 
that implement the sw itches have internal capacitances, the wires that connect the inverter out¬ 
put to other circuits have capacitance, and, of course, there is the input capacitance of whatever 
circuit the inverter is dl iving. Now, as the inverter is switched irom one state to another, cur¬ 
rent must flow through the switch(es) to charge (and discharge) the load capacitance. These 
currents give rise to power dissipation in the switches, called dynamic power dissipation. 

An expression for the dynamic power dissipation of the inverter of Fig. 13.8 can be 
derived as follows. Consider first the situation when v f goes low. The pull-down switch P $ 






Figure 13,12 Equivalent circuits for calculating ^ 
dynamic power dissipation of the inverter in Figure 
(a) When v, is low; (b) When v t is high. 
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turns off and the pull-up switch P, turns on In t-hic • 

. ■ D n ’ ,n mis state ’ *he inverter can be reoresented hv 

the equivalent circuit shown in Fie 13 r QTV< ,„;* ^ ... , presented ny 

■ r „ - S ' u,1Z(a) - Capacitor C will charge through the on- 

resistance of the pull-up sw.tch. and the voltage across C will increase from 0 to V™ 

denoting y if>(') he charging current supplied by V DD , we can write for the instantaneous 
power drawn trom V DD the expression 

PdD^O — fo£>t£>(t) 

The energy delivered by the power supply to charge the capacitor can be determined by inte¬ 
grating p DD U) over the charging interval T , 

l - 

t c '*9 

^DD ~ j^DD^o(Odt 
0 

= ^dd j* W) dt 
0 

= VddQ 

where Q is the charge delivered to the capacitor during the charging interval. Since the ini¬ 
tial charge on C was zero, 


Q = CV 


DD 


Thus, 


DD 


= CV 


DD 


(13.30) 


Since at the end of the charging process the energy stored on the capacitor is 


stored 


= \cvlo 


(13.31) 


we can find the energy dissipated in the pull-up sw itch as 


^dissipated & DD ^ 


stored 


I 2 
LCV 

" 2 C 


DD 


(13.32) 


This energy is dissipated in the on-resistance of switch P u and is converted to heat. 

Next consider the situation when v, goes high. The pull-up sw itch P u turns off and the 
pull-down switch P D turns on. The equivalent circuit in this case is that shown in Fig. 
13.12(b). Capacitor C is discharged through the on-resistance of the pull-down switch, and 
its voltage changes from V DD to 0. At the end of the discharge interval, there will be no 
energy left on the capacitor. Thus all of the energy initially stored on the capacitor, \Cv DD , 
will be dissipated in the pull-down switch, 


F = -CV 1 

^dissipated 


DD 


(13.33) 


This amount of energy is dissipated in the on-resistance of switch P D and is converted to 
heat. 

I 2 1 « * 

Thus in each cycle of inverter switching, an amount ot energy of ^C^dd * s dissipated in 
he pull-up switch and \CVp lt is dissipated in the pull-dowm switch, for a total energy loss 
per cycle of 


^dissi pa .cd/ c y cle = CV od 


(13.34) 
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If the inverter is switched at a frequency 
inverter will be 

Q ^dyn 

This is a general expression that does not depend on the inverter circuit details or the value; 
of the on-resistance of the switches. 

The expression in Eq. (13.35) indicates that to minimize the dynamic power dissipation 
one must strive to reduce the value of C. However, in many cases C is largely determined b 
the transistors of the inverter itself and cannot be substantially reduced. Another important 
factor in determining the dynamic power dissipation is the power-supply voltage V 
Reducing V DD , reduces P dyn significantly. This has been a major motivating factor behind 
the reduction of V DD with every technology generation (see Table 7.A.1). Thus, while the 
CMOS process utilized a 5-V power supply, the power-supply voltage used with the 
0.13-pm process is only 1.2 V. 

Finally, since P dyn is proportional to the operating frequency / one may be tempted to 
reduce P dyn by reducing/ This, however, is not a viable proposition in light of the desire to 
operate digital systems at increasingly higher speeds. This point will be discussed next. 


of / Hz, the dynamic power dissipation of fc 

■ ,cri - m» 


EXERCISES 


13.7 Find the dynamic power dissipation of an inverter operated from a 1,8-V supply and having a load 
capacitance of 100 fF. Let the inverter be switched at 100 MHz. 

Ans. 32.4 pW 

13.8 A particulai inverter circuit initially designed in a 0.5-pm process is fabricated in a 0.13-gm process. 
Assuming that the capacitance C will scale down in proportion to the minimum feature size i more on 
this later) and that the power supply will be reduced from 5 V to 1.2 V, by what factor do you expect 
'he dynamic powder dissipation to decrease? Assume that the switching frequency f remains unchanged. 

Ans. 66.8 


13.1.7 Propagation Delay 





A very important measure ot the performance of a digital system, such as a computer, 
maximum speed at which it is capable ot operating. Although many factors come intop.-- 
in determining the operating speed o! a system, a core factor is the speed of operation ot die 
basic logic inverter utilized in its implementation. This in turn is characterized by the time it 
takes the inverter to respond to a change at its input, fo be more precise, consider an inverter 
fed with the ideal pulse shown in Fig. 13.13(a). The resulting output signal of the inverter is 
shown in Fig. 13.13(b). We make the following two observations. 


1. The output signal is no longer an ideal pulse. Rather, it has rounded edges; tfut is, tb 

pulse takes some time to tall to its low value and to rise to its high value. We speak of 

this as the pulse having finite fall and rise times. We will provide a precise definition 
of these shortly. 

2. There is a time delay between each edge of the input pulse and the corresponding change 
in the output of the inverter. If we define the ‘‘switching point" of the output as the time 
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0 



t 


a) 



Figure 13.13 An inverter ted with the ideal pulse in (a) provides at its output the pulse in <bi Two delay 
times are defined as indicated. 


which the output pulse passes through the half-point of its excursion, then we can define 
the propagation delays of the inverter as indicated in Fig. 13.13(b). Note that there are two 
propagation delays, which are not necessarily equal; the propagation delay for the output 
going from high to low, t PHL , and the propagation delay for the output going from low to 
high, tpiff . The inverter propagation delay t p is defined as the average of the two, 

b - + (pm) (13.36) O 

Having defined the inverter propagation delay, we now consider the maximum switching 
frequency of the inverter. From Fig. 13.13(b) we can see that the minimum period for each 
cycle is 


T 


mm 


bfiL + hLH 



(13.371 


I hus the maximum switching frequency is 



(13.38) 


At this point the reader is no doubt wondering about the cause ot the finite propagation time 
ot the inverter. It is simply a result of the time needed to charge and discharge the various 
capacitances in the circuit. These include the MOSFET capacitances, the wiring capaci¬ 
tance, and the input capacitances of all the logic gates driven by the inverter. We will have a 
lot more to say about these capacitances and about the determination of t p in later sections, 
for the time being, however, we make two important points: 


T A fundamental relationship in analyzing the dynamic operation 


of a circuit is 



/A/ = AQ = CAV 


(13.39) 


o 
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o 


That is, a current / flowing through a capacitance C for an interval At deposits 
A Q on the capacitor, which causes the capacitor voltage to increase by AV 

2. A thorough familiarity with the time response of single-time-constant (STC) circuits 
great help in the analysis of the dynamic operation of digital circuf \ review f B ° 
subject is presented in Appendix E. For our purposes here, we remind the read l 
key equation in determining the response to a step function: 

Consider a step-function input applied to an STC network of either the low-pass orh' 
pass type, and let the network have a time constant r The output at any time t is g Uen by 


y{t) = Y„-{Y„ - Y 0+ )e 


-// r 


(13.40) 


where Y,_ is the final value, that is, the value toward which the response is heading, and Y is 
the value of the response immediately after t = 0. This equation states that the output* at 
any time t is equal to the difference between the final value T, and a gap whose initial value 
is Y m - and that is shrinking exponentially. 


Example 13.3 


Consider the inverter of Fig. 13.7(a) with a capacitor C connected between the output node and ground. If 

at t = 0, vj goes low, and assuming that the switch opens instantaneously, find the time for ^ to reach 

2 ( V oh + v ol )■ Thi s is the low-to-high propagation time, t PLH . Calculate the value of t P , H for the case R 
= 25 kC2 and C= 10 fF. 


^DD 

i 








g 3.14 Example 13,3. (a) The inverter circuit after the switch opens (i.e., for/ £0+). (b) Waveforms of 

and 1 0 . Observe that the switch is assumed to operate instantaneously, v Q rises exponentially, starting at V OL and head¬ 
ing toward V OH . 


Solution 

Before the switch M p ens, V() = V 0L . When the switch opens at/ = 0, the circuit takes the form shown in 

m t*ii u^t/ mC tu C V ° ltage across the capacitor cannot change instantaneously, at t = 0+ the output 

() f. en the capacitor charges through R, and it Q rises exponentially toward Vpp- Th e 
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output waveform will be as shown in Fia i t. j 

(13.39): » 0 (~) = V 0H = v bD a n d "h This < ' Uat '° n Can ***°^* a * ne< * by su bstituting *n Eq. 

O £ t 


v o (<) = v OH-(VoH-V OL )e~‘ /T 
where r — CR. To find t P ip, w'e substitute 

v o^plh) = \( v oh+ v ol) 

Thus, 

{(Yoh+Vql) = VoH-(Vo H -Vo L )i' elH/ ' 

which results in 


tpLH ~ ^ In 2 — 0.69 r 

Note that this expression is independent of the values of V 0L and V 0H . For the numerical values given. 


^plh “ 0-69 

= 0.69 x 25 x 10 3 x 10 x 10* 15 
= 173 ps 



13.9 A capacitor C whose initial voltage is 0 is charged to a voltage Vdd by a constant-current source /. 
Find the time t PLH at which the capacitor voltage reaches ( V DD /2). What value of I is required 
to obtain a 10-ps propagation delay with C= 10 fF and V DD = 1.8 V? 

Ans. t P LH = CV dd /2I ; 0.9 mA 

13.10 For the inverter of rig. 13.8(a), let the on-resistance of P v be 20 kQ and that of P D - 10 kQ. If 
the capacitance C= 10 fF, find t PLH , t PHLi and t p . 

Ans. 138 ps; 69 ps; 104 ps 


We conclude this section by showing in Fig. 13.15 the formal definition ot the propaga¬ 
tion delay of an inverter. As shown, an input pulse with finite (nonzero' rise and fall 
times is applied. The inverted pulse at the output exhibits finite rise and fall times (labeled 
t TLH and t THL> where the subscript T denotes transition, LH denotes low to high, and HL 
denotes high to low). There is also a delay time between the input and output waveforms. 
The usual way to specify the propagation delay is to take the average of the high-to-low 
propagation delay, t PHL , and the low-to-high propagation delay, t PLH . As indicated, these 
delays are measured between the 50% points of the input and output waveforms. Also 
note that the transition times are specified using the 10% and 90% points of the output 

excursion ( V 0H - V 0L ). 
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13.11 A capacitor C 100 fF is discharged from a voltage V DD to zero through a resistance R - 2 kll. 
Find the tall time t f of the capacitor voltage. 

An s. t f « 2.2 CR = 0.44 ns 


13.1.8 Power-Delay and Energy—Delay Products 

One is usually interested in high-speed operation (low t p ) combined with low power dissi¬ 
pation. Unfortunately, these two requirements are often in conflict: Generally, it ltKJ 
designer of an inverter attempts to reduce power dissipation by, say, decreasing the supply 
voltage V DD , or the supply current, or both, the current-driving capability of the inverter 
decreases. This in turn results in longer times to charge and discharge the load and parasitic 
capacitances, and thus the propagation delay increases. It follows that a figure ol merit ter 
comparing logic-circuit technologies is the power—delay product (PDP) ot the basic 

inverter of the given technology, defined as 


o 


PDP = P,j 


(13.41) 


13.1 Digital Logic Inverters 1085 






and has the units of joules. The lower the PDP, the more effective the inverter and" 
circuits based on the inverter are. cr dna 

For CMOS logic circuits, which is the digital IC technology of primary interest to us 

here, the static power d,station of the inverter is zero > and thus P D is equal to P d and 
given by Eq. (13.35), 1 n d yn 


p 0 = fCV* 


Thus for the CMOS inverter. 


PDP =fCVi D i p 


(13.42) 


11 the inverter is operated at its maximum switching speed given by Eq. (13 38) then 


PDP ~ ~CV 2 

F DD 


(13.43) 



From our earlier discussion ot dynamic power dissipation we know that \cVf, n is the 
amount of energy di ssipated during each charging or discharging event of the capacitor, that 
is, for each output transition of the inverter. Thus, the PDP has an interesting physical inter¬ 
pretation: It is the energy > consumed by the inverter for each output transition. 

Although the PDP is a valuable metric tor comparing different technologies for imple¬ 
menting inverters, it is not useful as a design parameter lor optimizing a given inverter cir¬ 
cuit. To appreciate this point, observe that the expression in Eq, (13.43) indicates that the 
PDP can be minimized by reducing V ^ as much as possible while, of course, maintaining 
propei circuit operation. This, however, would not necessarily result in optimal performance, 
for t p will increase as V DD is reduced. The problem is that the PDP expression in Eq. (13.43) 
does not in fact have information about t P . It follows that a better metric can be obtained by 
multiplying the energy per transition by the propagation delay. We can thus define the 
energy-delay product EDP as 


EDP = Energy per transition x t P 


- 2 


We will utilize tine EDP in later sections. 


(13.44) O 


13,1.9 Silicon Area 

In addition to minimizing power dissipation and propagation delay, another objective in the 
design of digital VLSI circuits is the minimization of silicon area per logic gate. Smaller 
area requirement enables the fabrication of a larger number ot gates per chip, which has eco¬ 
nomic and space advantages from a system-design standpoint. Area reduction occurs in 
three different ways: through advances in processing technology that enable the reduction of 
ihe minimum device size, through advances in circuit-design techniques, and through care¬ 
ful chip layout. In this book, our interest lies in circuit design, and we shall make frequent 


The exception to this statement is the power dissipation due to leakage currents and subthreshold con 
duction in the MOSFETs, discussed in Section 13.5.3. 
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comments on the relationship between the circuit design and its silicon area % 
rule, the simpler the circuit, the smaller the area required. As will be seen slunh thec^ 
designer has to decide on device sizes Choosing smaller devices has the obvious ad ^ 
of requiring smaller silicon area and at the same time reducing parasitic capacitances ^ 
thus increasing speed. Smaller devices, however, have lower current-driving ca abT^ 
which tends to increase delay. Thus, as in all engineering design problems, there is a trad 
off to be quantified and exercised in a manner that optimizes whatever aspect of the 
is thought to be critical for the application at hand. " 1 


13.1.10 Digital 1C Technologies and Logic-Circuit Families 

The chart in Figure 13.16 shows the major IC technologies and logic-circuit families that are 
currently in use. The concept of a logic-circuit family perhaps needs a few words of expla¬ 
nation. The basic element of a logic-circuit family is the inverter. A family would include a 
variety of logic-circuit types made with the same technology, having a similar circuit struc¬ 
ture, and exhibiting the same basic features. Each logic-circuit family offers a unique set of 
advantages and disadvantages. In the conventional style of designing systems, one selects an 
appropriate logic family (e.g„ TTL, CMOS, or ECL) and attempts to implement as much of 
the system as possible using circuit modules (packages) that belong to this family. In this 
way, interconnection of the various packages is relatively straightforward. If, on the other 
hand, packages from more than one family are used, one has to design suitable interface cir- 
cuits. T ie selection of a logic family is based on such considerations as logic flexibility, 
speed of operation, availability of complex functions, noise immunity, operating-temperature 
range, power dissipation, anti cost. We will discuss some of these considerations in this 
chapter and the next two. To begin with, we make some brief remarks on each of the four 
technologies listed in the chart of Fig. 13.16. 

CMOS Although shown as one of four possible technologies, this is not an indication of 
digital IC market share: CMOS technology is, by a very large margin, the most dominant of 
all the IC technologies available for digital-circuit design. Although early microprocessors 
were made using NMOS logic (based on the inverter circuit we studied in Example 13.2), 
CMOS has completely replaced NMOS. There are a number of reasons for this develop¬ 
ment, the most important of which is the much lower power dissipation of CMOS circuits. 
CMOS has also replaced bipolar as the technology of choice in digital-system design and has 


Digital IC technologies and logic-circuit families 
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Figure 13.16 Digital IC technologies and logic-circuit families. 
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made possible levels of integration for rirrnit A ... 

neither of which would have been possible with h e " sities ) and a range of applications, 

continues to advance, whereas th e apZ o l ! lP ° lar teeh "° log >' Furthe ™ 0 -. CMOS 

lar digital circuits. Some of the reasonTforCMOS I”' 0 " 5 * the l*** time in bipo- 
applications are as follows. ' lsp,aun 8 bl P olar technology in digital 


’■ am^aek more'cMOScircuhs ttoT "**%*** one 

r iwo circuits on a chip than is possible with bipolar circuits 

2 ' I!.'e SfZnsfaST ° f ,he M0S tranSiSt0r ,hed -gner to use charge stor- 
age as a means tor the temporary storage of information in both logic and memory cir¬ 
cuits. This technique cannot be used in bipolar circuits, y 

3. The feature size (i.e., minimum channel length) of the MOS transistor has decreased dra- 

as V V CT T h yCarS ’ W,th SOme reCCntly rep0fted desi S ns utilizing channel lengths as 
. , , nm ’ 11115 pemuts vef y ti Sht circuit packing and, correspondingly, vjy high 
ve s o m tegration. A microprocessor chip reported in 2009 had 2.3 billion transistors 

Of the various forms of CMOS, complementary CMOS circuits based on the inverter studied 
in Section I .2 are the most widely used. They are available both as small-scale integrated 
(SSI) circuit packages (containing 1-10 logic gates) and medium-scale integrated (MSI ) 
circuit packages (10-100 gates per chip) for assembling digital systems on printed-circuit 

“ More Significantly, complementary CMOS is used in very-large-scale-integrated 

(VLSI) logic (with millions of gates per chip) and memory-circuit design. In some applica¬ 
tions, complementary CMOS is supplemented by one (or both) of two other MOS logic circuit 
terms. These are pseudo-NMOS, so-named because of the similarity of its structure to NMOS 
logic, and pass-transistor logic, both of which will be studied in Chapter 14. 

A fourth type ot CMOS logic circuit utilizes dynamic techniques to obtain faster circuit 
operation, while keeping the power dissipation very low. Dynamic CMOS logic, studied in 
Chapter 14, represents an area of growing importance. Lastly, CMOS technology is used in 
the design of memory chips, as will be detailed in Chapter 15. 


Bipolai Two logic-circuit families based on the bipolar junction transistor are in some 
use at present: TTL and ECL. Transistor-transistor logic (TTL or T 2 L) was for many years 
the most widely used logic-circuit family. Its decline was precipitated by the advent of the 
VLSI era. TTL manufacturers, however, fought back with the introduction of low-power 
and high-speed versions. In these newer versions, the higher speeds of operation are made 
possible by preventing the BJT from saturating and thus avoiding the slow turnoff process 
°l a saturated bipolar transistor. These nonsaturating versions of TTL utilize the Schottky 
dmde discussed in Section 4.7 and are called Schottky TTL or variations of this name. 
Despite all these et forts, T TL is no longer a significant logic-circuit family and will not be 
studied in this book. However, the interested reader can find significant amounts of mate¬ 
rial on TTL on the CD accompanying this book and on the book’s website. 

I he other bipolar logic-circuit family in present use is emitter-coupled logic (ECL). It is 
based on the current-switch implementation of the inverter shown in Fig. 13.9. The basic 
element of ECL is the differential BJT pair studied in Chapter 8. Because ECL is basically a 
current-steering logic, and. correspondingly, also called current-mode logic (CML), in 
which saturation is avoided, very high speeds of operation are possible. Indeed, of all the 
commercially available logic-circuit families, ECL is the fastest. ECL is also used in VLSI 
circuit design when very high operating speeds are required and the designer is willing to 
accept higher power dissipation and increased silicon area. As such, ECL is considered an 
important specialty technology and will he discussed in Chapter 14. 
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BiCMOS BiCMOS combines the high operating speeds possible with BJTs (becaus 
their inherently higher transconductance) with the low power dissipation and Other excel! ° 
characteristics of CMOS. Like CMOS, BiCMOS allows for the implementation of both am 
log and digital circuits on the same chip. (See the discussion of analog BiCMOS circuits * 
Chapter 7.) At present, BiCMOS is used to great advantage in special applications, i nc y 
mu memory chips, where its high performance as a high-speed capacitive-current driver jus 
tifies the more complex process technology it requires. A brief discussion of BiCMOS is 
provided in Chapter 14. 


Gallium Arsenide (GaAs) The high carrier mobility in GaAs results in very high speeds 
of operation. This has been demonstrated in a number of digital 1C chips utilizing GaAs 
technology. It should be pointed out, however, that GaAs remains an “emerging technology" 
one that appears to have great potential but has not yet achieved such potential commer¬ 
cially. As such, it will not be studied in this book. Nevertheless, considerable material on 
GaAs devices and circuits, including digital circuits, can be found on the CD accompanying 
this book and on the book's website. 


13.1.11 Styles for Digital-System Design 

The conventional approach to designing digital systems consists of assembling the system 
using standard IC packages of various levels of complexity (and hence integration). Many 
systems have been built this way using, for example, TTL SSI and MSI packages. The 
advent of VLSI, in addition to providing the system designer with more powerful off-the- 
shelf components such as microprocessors and memory chips, has made possible alternative 
design styles. One such alternative is to opt for implementing part or all of the system using 
one or more custom VLSI chips. However, custom 1C design is usually economically justi¬ 
fied only when the production volume is large (greater than about 100,000 parts). 

An intermediate approach, known as semicustom design, utilizes gate-array chips. 1 liese 
are integrated circuits containing 100,000 or more unconnected logic gates. Their intercon¬ 
nection can be achieved by a final metallization step (performed at the IC fabrication facility) 
according to a pattern specified by the user to implement the user’s particular functional need. 
A more recently available type of gate array, known as a field-programmable gate array 
(FPGA), can, as its name indicates, be programmed directly by the user. I P( iAs provide a 
very convenient means for the digital-system designer to implement complex logic functions 
in VLSI form w ithout having to incur either the cost or the “turnaround time’ inherent in 
custom and, to a lesser extent, in semicustom IC design. 


13.1.12 Design Abstraction and Computer Aids 

The design of very complex digital systems, whether on a single IC chip or using off-the-shelf 
components, is made possible by the use of different levels of design abstraction, and the 
use ot a variety of computer aids. To appreciate the concept of design abstraction, con 
sider the process of designing a digital system using off-the-shelf packages of logic gates. 
The designer consults data sheets (in data books or on websites) to determine the inp 
and output characteristics of the gates, their fan-in and fan-out limitations, and soon, 
connecting the gates, the designer needs io adhere to a set of rules specified by the mu 
facturer in the data sheets. The designer does not need to consider, in a direct way, the c 
cuit inside the gate package. In effect, the circuit has been abstracted in du Mini ^ 
functional block that can be used as a component. This greatly simplifies system design 
The digital-IC designer follows a similar process. Circuit blocks are design 
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employed in circuit simulation, other software !,, , r®* p0SSible ' Whereas SPICE is 

phases of the design process. Although digital-svstemdev' '^Vi °* er levels and ln ° ,her 
side the scope of this book, it is important that th> ^ esl § n automation are out- 
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Whatever approach or style is adopted in digital design, some familiarity with the various 

digital-circuit technologies and design techniques is essential. This chapter and the next two 
ami to provide such a background. 


13.2 The CMOS Inverter 


CMOS. The basic CMOS inverter is shown in Fig. 13.17. It utilizes two MOSFETs one O 
with an n channel and the other, Q p> with a p channel. The body of each device is connected 
to its source, and thus no body effect arises. As will be seen shortly, the CMOS circuit real¬ 
izes the conceptual inverter implementation studied in the previous section {Fig. 13,8), 
where a pair of switches are operated in a complementary fashion by the input voltage v,. 


13.2.1 Circuit Operation 

We first consider the two extreme cases: when v, is at logic-0 level, which is 0 V; and when 
v i is at logic-1 level, which is V DD volts. In both cases, for ease of exposition we shall con¬ 
sider the z?-channel device to be the driving transistor and the p-channel device Q p to be 



Figure 13.17 The CMOS inverter. 
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Figure 13.18 Operation of the CMOS inverter when v, is high: (a) circuit with v, = V DD (togic-1 level, or 
V OH )\ (b) graphical construction to determine the operating point; (c) equivalent circuit. 


the load. However, since the circuit is symmetric, this assumption is obviously arbitrary, and 
the reverse would lead to identical results. 

Figure 13.18 illustrates the case when v, = V DU , showing the i D -^v DS characteristic curve 
for Q n with i' GSA = V DD . (Note that i D - i and v DSK - v Q .) Superimposed on the Q y characteristic 
curve is the load curve, which is the i D ~v SD curve of Q r for the case v scp = 0 V. Since 
v sgp < I Kl ’ ^e load curve will be a horizontal straight line at zero current level. The operat¬ 
ing point will be at the intersection of the two curves, where we note that the output voltage 
is zero and the current through the two devices is also zero. This means that the power dissi¬ 
pation in the circuit is zero. Note, however, that although Q % is operating at zero current and 
zero drain-source voltage (i.e., at the origin of the i D —u DS plane ), the operating point is on a 
steep segment of the i D -^v DS characteristic curve. Thus provides a low-resistance path 
between the output terminal and ground, with the resistance obtained using Eq. (5.13b) as 



r DSN ~ 1 

Figure 13.18(c) shows the equivalent circuit of the inverter when the input is high. This cir¬ 
cuit confirms that v Q = V 0/ — 0 V and that the power dissipation in the inverter is zero. 

The other extreme case, when v , = 0 V, is illustrated in Fig. 13.19. In this case Q s is oper¬ 
ating at v GSN = 0; hence its i 0 —v DS characteristic is a horizontal straight line at zero current 
level. The load curve is the i D ~v SD characteristic of the /^-channel device with v SCP - J'V ^ 
shown, at the operating point the output voltage is equal to V DD , and the current in the two 
devices is still zero. Thus the power dissipation in the circuit is zero in both extreme states. 

Figure 13.19(c) shows the equivalent circuit of the inverter when the input is low. Here 
we see that Q p provides a low-resistance path between the output terminal and the dc supp v 
V DD , with the resistance given by 
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V oi)> 0 »> graphical construction to determine the operating point; (c) equivalent circuit. 


-Hie equivalent circuit confirms that in this case v 0 3 V 0H = V DD and that the power dissipa- 
non in the inverter is zero. 

It should be noted, however, that in spite of the fact that the quiescent current is zero, the 
load-driving capability of the CMOS inverter is high. For instance, with the input high, as in 
the circuit of Fig. 13.18, transistor Q N can sink a relatively large load current. This current 
can quickly discharge the load capacitance, as will be seen shortly. Because of its action in 
sinking load current and thus pulling the output voltage down toward ground, transistor Q v 
is known as the pull-down device. Similarly, with the input low, as in the circuit of 
Fig. 13.19, transistor Q p can source a relatively large load current. This current can quickly 
charge up a load capacitance, thus pulling the output voltage up toward V DD . Hence. Qr 
is known as the pull-up device. The reader will recall that we used this terminology in con¬ 
nection with the conceptual inverter circuit of Fig. 13.8. 

From the above, we conclude that the basic CMOS logic inverter behaves as an ideal 
inverter. In summary': 

1- The output voltage levels are 0 and V DD , and thus the signal swing is the maximum pos¬ 
sible. This, coupied with the fact that the inverter can be designed to provide a symmet¬ 
rical voltage-transfer characteristic, results in wide noise margins. 

2. The static power dissipation in the inverter is zero (neglecting the dissipation due to leak¬ 
age currents) in both of its states. This is because no dc path exists between the power 
supply and ground in either state. 

3. A low-resistance path exists between the output terminal and ground (in the low-out¬ 
put state) or V DD (in the high-output state). These low-resistance paths ensure that the 
output voltage is 0 or V DD independent of the exact values of the WIL ratios or other 
device parameters. Furthermore, the low output resistance makes the inverter less sensi¬ 
tive to the effects of noise and other disturbances. 

4. The active pull-up and pull-down devices provide the inverter with high output-driv¬ 
ing capability in both directions. As will be seen, this speeds up the operation 

considerably. 
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The input resistance of the inverter is infinite (because I G = 0). Thus the inverter can dri 
an arbitrarily lante number of similar inverters with no loss in sionai ^ ' 


ve 

course. 


* ^ V 

an arbitrarily large number of similar inverters with no loss in signal level Of 
each additional inverter increases the load capacitance on the driving inverte 
slows down the operation. Shortly, we will consider the inverter switching f ^ 


o 

o 


o 

o 



13,2.2 The Voltage-Transfer Characteristic 


The complete voltage-transfer characteristic (VTC) of the CMOS inverter can be obtained 
by repeating the graphical procedure, used above in the two extreme cases, for all inter 
mediate values of v r In the following, we shall calculate the critical points of the resulting 
voltage-transfer curve. For this we need the i-v relationships of Q v and Q p . For Q % , 



V 


I ,. Also, although this 




The CMOS inverter is usually designed to have V fn = , ,___ 0 _ 

always the case, we shall assume that Q s and Q p are matched; that is, k f n (W/L)„- 
k' p (ft L i p . It should be noted that since fi is 0.25 to 0.5 times the value of //„, to make 
k ( W/L ) ot the two devices equal, the width of the p-channel device is made two to 


four times that ot the /7-channel device. More specifically, the two devices are designed 
to have equal lengths, with widths related by 


ft 


7 


a 


n 


Mn 

Up 


(13.51} 



This will result in k n { W/ L) n = k p { W/L ) p , and the inverter will have a symmetric — 
characteristic and equal current-driving capability in both directions (pull-up and pulfdown). 

^'th Q s and Q p matched, the CMOS inverter has the voltage transfer characteristic 
shown in Fig. 13.20. As indicated, the transfer characteristic has five distinct segments cor 
responding to different combinations of modes of operation of Q s and Q P - The vertica 
segment BC is obtained when both Q N and Q p are operating in the saturation region 
Because we are neglecting the finite output resistance in saturation, that is, assununt 
Ax - X P - 0, the inverter gain in this region is infinite. From symmetry, this vertit 
occurs at v t — V DD /2 and is bounded by - V DD /2 + V t , at which value Q r 

the triode region and v 0 (C) = V DD /2 - V, , at which value Q N enters the triode 




13 2 The CMOS Inverter 1093 


Qn in saturation 



Figure 13.20 The voltage-transfer characteristic of the CMOS inverter when Q s and Q v are matched. 

The reader will recall from Section 13.1.3 that in addition to V 0L and V ()H , two other 
points on the transfer curve determine the noise margins of the inverter. These are the maxi¬ 
mum permitted logic-0 or “low" level at the input, V !L , and the minimum permitted logic-1 
or “high" level at the input, V , H . These are formally defined as the two points on the transfer 
curve at which the incremental gain is unity (i.e., the slope is -1 V/V). 

To determine V lH , we note that Q N is in the triode region, and thus its current is given by 
Eq. (13.47), while Q p is in saturation and its current is given by Eq. (13.50). Equating i os 
and i Dp , and assuming matched devices, gives 

'V/- V,)v 0 -\v 2 0 = \{V D d ~ v i ~ K) 2 (13.52) 

Ditferentiating both sides relative to v, results in 



in which we substitute v, = V w and dv 0 /dv, = -1 to obtain 



(13.53) 
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Substituting = V IH and for from Eq. (13.53) in Eq. (13.52) gives 




V„ can be determined in a manner similar to that used to find V tlI 

IL in' 

use the symmetry relationship 





together with I lH from Eq. (13.54) to obtain 




o 


o 


V, L = \(1V dd + 2V,) 


The noise margins can now be determined as follows: 




(13.56) 



As expected, the symmetry of the voltage-transfer characteristic results in equal noise mar¬ 
gins. Ot course, it (J and Q p are not matched, the voltage iransfer characteristic will no 
longer be symmetric, and the noise margins will not be equal. 



13.2.3 The Situation When Q N and Q p Are Not Matched 

tlie above we assumed that Q s and Q P are matched; that is, in addition to V,„ = 
transconductance parameters k n and k p are made equal by selecting W~/W m according to 



1 n -—— v J ^ *’*"0 p ft 

Eq. (13.51). The result is a symmetrical VTC that switches at the midpoint ot the 

that is, V M — V dd /2. The symmetry, as we have seen, equalizes and maximizes the noise 
margins. 

The price paid for obtaining a perfectly symmetric VTC is that the w idth of the /^-channel 
device can be three to four times as large as that of the zr-channel device. This can result in a 
relatively large silicon area which, besides being wasteful of silicon real estate, can al 
result in increased device capacitances and a corresponding increase in the propagation 
delay of the inverter. It is useful, therefore, to inquire into the effect of not matching Q\ ^ 
Qp. Toward that end we derive an expression for the switching voltage VJ as follows. 
Since at M, both Q N and Q p operate in saturation, their currents are given by Efl 5, 

1 I Jl 1 a 1 ill J^ r Jf l # « tl M It Jh — ll fl 


(13.48) and i 13.50). Substituting 


v. = v 


o 


= V 




- ~ “ 7 — — < 

and equating the two currents results in 





r + 
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Figure 13.21 Variation of the inverter switching voltage, with the parameter r = Jk/k 
where 



m 


(13.59) 


where we have assumed that Q N and Q p have the same channel length L , which is usualK 
tbe case with ^ equal to the minimum available tor the given process technology. Note tha 

and r = 1, Eq. (13.58) yields 


- V 


the matched case corresponds to r = 1. For | V 

v m = 2, as expected. For a given process, that is, given values for V DD , V rn , and V, 

one can plot V M versus the matching parameter Such a plot, for a 0.18-pm process, X 
shown in Fig. 13.21. We make the following two observations: 


1. V M increases with r. Thus, making k p > k„ shifts V M toward V DD . Conversely, making 

k p <k n shifts V M toward 0. Jl 

2. V M is not a strong function of r. For the particular case shown, lowering r by a factor of 
2 (from 1 to 0.5), reduces V M by only 0.13 V. 

Observation 2 implies that if one is willing to tolerate a small reduction in NM L , substantial 
savings in silicon area can be obtained. This point is illustrated in Example 13.4. 




Consider a 


CMOS 
0.5 V, ju 
and (W/L) n - 1.5. 


V - 

tn 


V 


IP 


trn erter fabricated 

„ = 4 M r and 


tn a 0.18-pm process for which V DD - 1.8 V, 
= 300 jiA/V 2 . In addition, Q s and Q P have L = 0.18 pm 


(a) 

(b) 

(c) 


Find W p that results in f' v/ = V DD /2 - 0.9 V. What is the silicon area utilized by the inverter in 
this case? 


For the matched case in (a), find the values of Von* V OL , V u ■, and the noise margins NM L and 

NM fl . For v, - V !fh what value of v 0 results? This can be considered the worst-case value of V 0L . 
Similarly, for v, = V n , find v 0 that is the worst-case value of V 0H , Now, use these worst-case val¬ 
ues to determine more conservative values for the noise margins. 


For the matched case in (a), find the output 


resistance of the inverter in each of its two states. 
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Example 13.4 continued 

(d ) If A n = A = 0.2 V 1 , what is the inverter gain at v f = V M . If a straight line is drawn 


point Vi = v 


o 


I 



the 


\ { with a slope equal to the gain, at what values of v, does it intercept the hori 
zontal lines v 0 = 0 and v 0 = V DD '? Use these intercepts to estimate the width of the transition re¬ 
gion of the VTC. 

(e) If W = W n , what value of V M results? What do you estimate the reduction of NM L (relative to the 
matched case) to be? What is the percentage savings in silicon area (relative to the matched case)? 

{0 Repeat (e) for the case W p = 2 W n . This case, which is frequently used in industry, can be considered 
to be a compromise between the minimum-area case in (e) and the matched case. 


Solution 

(a) To obtain V Xf = V DD /2 = 0.9 V, we select W according to Eq. (13.51), 


W 

w 




n 


M 


= 4 


p 


Since WJL = 1.5, 


= 1.5x0.18 = 0.27 pm. Thus, 


W = 4x0.27 = 1.08 pm 


For this design, the silicon area is 


A = W n L + W L = L(W„+ W„) 


(b) 


= 0.18(0.27+ 1.08) = 0.243 pm 

Voh = Vfm = 1.8 V 


Vql = 0 V 


To obtain V fH we use Eq. (13.54). 

1 


y, H = ;(5 v dd - 2 y,) = 


;(5x 1.8 - 2 x 0.5) 
8 


= 1 V 


To obtain V n we use Eq. (13.55), 


v n = 5<3K DO + 2K,) 


1 


= -(3 x 1.8+ 2x0.5) = 0.8 V 
8 


We can now compute the noise margins as 


NM ff = V 0H - V m = 1.8- 1.0 = 0.8 V 


NM l = V !L - V or = 0.8 -0 = 0.8 V 

As expected, ~ A \f L , and their value is very close to the optimum value of V r)D /l - 0.9 V. 

1 V, we can obtain the corresponding value of v 0 by substituting in Eq. (13.53), 


For v, = V IH 


V 


a 


v 


\ 


IH 


DD , 1.8 

7- = 1-y = 0.1 V 


Thus, the worst-case value of V 0L , that is, V 0Lmax , is 0.1 V, and the noise margin NM L reduces to 


NM, = V IL - \ 


Or max = 0 . 8 -0.1 = 0.7 V 


From symmetry, we can obtain the value of V( , corresponding to v = V 


11 


as 


v O = 


y D o- 0.1 = i. 7 v 
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Thus the worst-case value of V OH , that is, V 


oz/min’ ls T7 V, and the noise margin NM H reduces to 
NM « - V OHm m - y, H = 1.7-1 - 0.7 V 


Note lhat the reduction in the noise margins is slight 
(c) The output resistance of the inverter in the low-output 


state is 


DSN - 


VnCoxi W /L) n ( V DD - V ln ) 


300x 10 “ x 1.5(1.8-0.5) 


= 1.71 k n 


Since Q n and Q p are matched, the output resistance in the high-output state will be equal, 


ib. 


DSP 


r DSN ~ 1-71 kfi 


d) If the inverter is biased to operate at v, = , 0 = V M = 0,9 V. then each of Q„ and Q P will be open 

at,ng at an overdrive voltage V ot = V M - V, = 0.9-0.5 = 0.4 V and will be conducting equal dc cur 
rents I D of e M 


. _ 1 n (W\ 
d 5 ^ nC ° x \L J 


V 


Ol 


N 


= ~ x 300 x 1 .5 x 0.4 2 
= 36 pA 

Thus, Q n and Q p will have equal transconductances: 


2 I n 1 V 1ft , 

8mn = Smp = TT~ = = 0.18 mA/V* 


V. 


ov 


0.4 


Transistors Q w and Q P will have equal output resistances r (1 , 


1 


r — f — — 

on op j 


D 


W D 


0.2 x 36 


= 139 kQ 


We can now compute the voltage gain at M as 

— ~(Smn Smp )( **on II ^op ) 


= -(0.18 + 0.18)( 139 I| 139) = -25 V/V 


When the straight line at M of slope -25 V/V 
[0.9 + 0.9/25] = 0.936 V and the line v 0 = V DD 
transition region can be considered to be (0.936 - 0. 

(e) For W - W n , the parameter r can be found from Eq. (13.59). 


is extrapolated, it intersects the line v a = 0 at 
(0.9 - 0.9/25) = 0.864 V. Thus the width of the 
= 0.072 V. 



r 


i^E = 


i 


x 1 =0.5 


The corresponding value of V M can be determined from Eq. (13.58) as 


V = 

* M 


0.50.8-0.5)+ 0.5 

0.5 + 1 


= 0.77 V 
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Example 13,4 continued 

Thus V M shifts by only -0.13 V. Without recalculating V IL we can estimate the reduction in NM to be 
approximately equal to the shift in V M , that is, NM L becomes 0.8-0.13 = 0.67 V. The silicon area for 
this design can be computed as follows: 

A = L(W n +W p ) = 0.18(0.27 + 0.27) 

= 0.0972 pm' 

This represents a 60% reduction from the matched case! 

(f) For W = 2 W„, 


Thus, relative to the matched case, the shift in V M is only -0.07 V. We estimate that NM, will decrease 
from 0.8 V by the same amount; thus NM L becomes 0.73 V. In this case, the silicon area required is 

A = L{W n +W p ) = 0.18(0.27 + 0.54) 

= 0.146 pm' 

which represents a 40% reduction relative to the matched case! 


1 


I 


r - 


= 


7 X 2 = ~r = 0.707 

4 Jl 

0,707(1.8-0.5)+ 0.5 


0.707 + 1 


= 0.83 V 



13.12 Consider a CMOS inverter fabricated in a 0.13-pm process for which V DD - 1.2 V, 

V tn = ~ v tp = 0.4 V, Vn/Mp = 4, and y n C 0X = 430 p A/V 2 . In addition, Q N and Q P have! 
= 0.13 pm and ( W/L) n - 1.0, 

(a) Find W p that results in V M = 0.6 V. 

<b) For the matched case in (a), find the values of V. 


OH * r OL 


y v.. 

¥ !H> y IL 


NM h , and NM, 


(c) For the inverter in (a), find the output resistance in each of its two states. 

(d) For a minimum-size inverter for which ( W/L) - ( W/L) n = 1.0, find V if . 

Ans. (a) 0,52 pm; (b) 1.2 V, 0 V, 0.65 V, 0.55 V, 0.55 V, 0.55 V, (c) 2.9 kQ , 2.9 kO; (d) 0.53 V 


D13.13 A CMOS inverter utilizes V DD = 5 V, 


V = 

r in 


c . . /B7/r J/TJ - > - /, P \ = • V, and Mn C ox = 2 Mp C 0X =50 pA/V. 

rind (W/L) n and ( W/L) p so that V M — 2.5 V and so that for v, — V l)D , the inverter can sink a 
current of 0.2 mA with the output voltage not exceeding 0 2V 
Ans. (W/L) n ^5\ ( W/L) = 10 



13.3 Dynamic Operation of the CMOS Inverter 


As explained in Section 13.1.7, the speed of operation of a digital system (e.g., a com 
is determined by the propagation delay of the logic gates used to construct the system, 
the inverter is the basic logic gate of any digital IC technology, the propagation delay of t 
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111 


1 . 


2 . 


analyze the switching operation of the CMOS inverter to Tt ° — ^ followmg ’ we 

We shall do this by utilizing a two-step process ° ,tS P ro P a g all °n delay. 

a ir 0 T l,anCeS m tHe f CUi ‘ ; ,ha ‘ iS ’ the various capacitances associated 
with Q h and Q p the capacitance ot the wire that connects the output of the inverter to 

other circuits, and the mput capacitance of the logic gates the inverter drives, by a smgle 
ground 6 " ‘ c0l,nected bet «cen the output node of the inverter a § nd 

Analyze the resulting capacitively loaded inverter to determine its t 
hence t P . 


PLH 


and t 


PHL 


and 


We shall study these two separable steps in reverse order. Thus, in Section 13 3 1 we show 

how the propagation delay can he determined. Then, in Section 13.3.2. we show how to cal- 
culate the value of C, 


13.3.1 Determining the Propagation Delay 

Figure 13.22(a) shows a CMOS inverter with a capacitance C connected between its out¬ 
put node and ground. To determine the propagation delays i PHL and t PIH , we apply to the 
input an ideal pulse, that is, one with zero rise and fait times, as shown in Fig. 13.22 b). 
Since the circuit is symmetric, the analyses to determine the two propagation delays will 
be similar. Therefore, we will derive t PHL in detail and extrapolate the result to determine 

^ PLH- 

Just prior to the leading edge of the input pulse (i,e., at t = 0—), the output voltage is 
equal to V DD and capacitor C is charged to this voltage. At / = 0, v, rises to V DD , causing 
Qp to turn off and Q N to turn on. from then on, the circuit is equivalent to that shown in 
Fig. 13.22(c), with the initial value of v 0 - Thus, at / = 0+, Q N will operate in the sat¬ 
uration region and will supply a relatively large current to begin the process of discharging 
C Figure 13.22(d) shows the trajectory' of the operating point of Q N as C is discharged. 
Here we are interested in the interval t PHL during which v Q reduces from V nD to V DD /1. 
Correspondingly, the operating point of Q h moves from E to M. For a portion of this time, 
corresponding to the segment El of the trajectory, Q s operates in saturation. I hen at F, 
v 0 - V DD - V t , and enters the triode region. 

A simple approach for determining t PHj consists of first calculating the average value of 
the current supplied by Q s over the segment EM. Then, we use this average value of the 
discharge current to determine ( P]ll by means of the charge balance equation 


resulting in 


Aiv { PHL ~ f 00 ~ ( Dfi/2)] 



(13.60) 


The value of can be found as follows: 

aV 



^ f E) + ' d \ 


(M)] 


1099 


(13.61) 
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i 








* 


Operating 
point at 



Figure 13.22 Dynamic operation of a capaeitively loaded CMOS inverter: (a) circuit; (b> input and out¬ 
put waveforms, (c) equivalent circuit during the capacitor discharge; (d) trajectory of the operating point as 
the input goes high and C discharges through Q s . 


where 



W M) = 




Note that we have assumed A n = 0. Combining Eqs. (13.60) to (13.63) provides 


'pul - 


<*nC 


k' n (IV/1.) V DD 


O 


(13.64) 


t -J 
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where a„ is a factor determined by the relative values of V and V 

I 1 




(13.65) 


The value of a n falls in the range of 1 to 2. 

An expression for the low-to-high inverter delay, 
t PHI expression in Eq, (13.64), 


^plh * can he written by analogy to the 



where 



(13.66) O 



Finally, the propagation delay t p can be found as the average of and / 

t - l , 

’P ~ t ( bm + t PLH ) 


(13.67) 


Examination of the formulas in Eqs. (13.64) to < 13.67) enables us to make a number of use 
ful observations: 


o 

o 


1. As expected, the two components of t p can he equalized by selecting the (W/L) ratios to 
equalize k n and k p , that is, by matching Q K and Q P . 

Since t p is proportional to C, the desiguej should strive to reduce C. This is achiev'ed 
by using the minimum possible channel length and by minimizing wiring and other 
parasitic capacitances. Careful layout of the chip can result in significant reduction in 
such capacitances. 

3. Using a process technology with larger transconductance parameter k' can result in 
shorter propagation delays. Keep in mind, however, that for such processes C ov is 
increased, and thus the value ot C increases at the same time (more on this later). 

4. Using larger W/L ratios can result in a reduction in t p . Care, however, should be exercised 
here also, since increasing the size of the devices increases the value of C, and thus the 
expected reduction in t p might not materialize. Reducing i p by increasing W/L , how¬ 
ever, is an el fective strategy when C is dominated by components not directly related to 
the size of the driving device (such as wiring or fan-out devices). 

5. A larger supply voltage V Dl , results in a lower t p . However, V DD is determined by the pro¬ 
cess technology and thus is often not under the control of the designer. Furthermore, 
modem process technologies in which device sizes are reduced require lower V DD (see 
Table 7.A.1). A motivating factor for lowering V DD is the need to keep the dynamic 
power dissipation at acceptable levels, especially in very-high-density chips. We wall 
have more to say on this point shortly. 

These observations clearly illustrate the conflicting requirements and the trade-offs avail¬ 
able in the design of a CMOS digital integrated circuit (and indeed in any engineering 
design problem). 


An Alternative Approach The formulas derived above tor t PHL and t PLH underestimate 
the delay values for inverters implemented in deep-submicron technologies. This arises be¬ 
cause ot the velocity saturation eifect, which we shall discuss bnefly in Section 13.5. There 
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Figure 13.23 Equivalent circuits for determining the propagation delays (a) t PHL and (b) t PLH of the inverter. 


we will see that velocity saturation results in lower M< SFET currents in the saturation region, 
and hence in increased delay times. To deal with this problem, we present a very simple alter¬ 
native approach to estimating the inverter propagation delay. 

Figure 13.23 illustrates the alternative approach. During the discharge delay t PHL , is 
replaced by an equivalent resistance R w . Similarly, during the charging delay t PLH , Q P is 
replaced by an equivalent resistance R p . It is easy to show that 


o 


{ phl ~ 0.69 R n C 


(13.68) 


and 


o 


o 


o 


^plh ~ 0.69 RpC 


Empirical values have been found for R K and R 


P' 




12.5 


(W/L) n 


kQ 


n _ 30 

A p — - 

( W/L) 


kQ 


( 13 . 69 ) 


(13.70) 


(13.71) 


' rP 

Furthermore, it has been found that these values apply for a number ot CMOS fabrication 
processes including 9.25 pm, 0.18 pm, and 0.13 pm (see Hodges et al., 2004). 
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For the 0.25-pm process characterized by V hn - 2.5 V. V = -V -nw ,, e A /w 2 

find tp LH , t PHL and I> for an inverter forwhich (W/L\= 1.5 Li ( W/L). = 3 , and for C= 10 fF Uk 

orja/r ,e ? .th -—“ 

h pauon me inverter is operated at V DD = 2.0 V, by what factor does t P change? 

Solution 

(a) Using the average current approach, we determine from Eq. (13.65), 

2 


and using Eq. (13.64), 


Ot = 
^ n 


7 3 x 0.5 70.53 2 

4 2.5 + V2.5> 


= 1.7 


Since V,„ = V 


tp 




t 


1.7 x 10 x 10 


-15 


PHL ~ 


110x KT 6 x 1.5 x2.5 


= 41.2 ps 


a p = a n = 1.7 


and we can determine t PLH from Eq. (13.66) as 


-15 


t 


PLH 


1.7 x 10 x 10 
(110/3.5) x 10~ 6 x 3 x 2.5 


= 72.1 ps 


The propagation delay can now be found as 


t P - ^{t PHL + t PLH ) 


= |(41.2 + 72.1) = 56.7 ps 


<b) Using the equivalent resistance approach, we first find R N from Eq. (13.70) as 

12 5 

r - = 8.33 kQ 

s 

X ■- w 

and then use Eq. (13.68) to determine l PHL ’ 

t PHL = 0.69 x 8.33 x 10' 1 x 10 x 10~ ,? = 57.5 ps 

Similarly we use Eq. (13.71 ) to determine R P , 

30 

R P = V- = 10 kQ 
3 

and Eq. (13.69) to determine t PLH , 

t nH = 0.69 x 10 x lo’x 10 x 10' l5 = 69 ps 

Thus, while the value obtained lor l PHL is higher than that found using average currents, the value for 
t PLH is about the same. Finally, t P can be found as 

l p = 1(57.5 + 69) = 63.2 ps 

which a little higher than the value found using average currents. 
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Example 13,5 continued 

To find the change in propagation delays obtained when the inverter is operate. I di V - tq 
we have to use the method of average currents. (The dependence on the power-supply voltage Is abso h 
in the empirical values of R w and R r ) Using Eq. (13.65), we write e 


= 


7 3 x 0.5 ( 0.5 

-" + “T 

4 2 V 2 7 


- = 2 1 


\ “ 


The value of t PHL can now be found by using Eq. (13.64): 


-15 


f 


2.1x10x10 

PHL ~ 

110x10 x 1.5x2 


= 63.6 ps 


Similarly, the value of a = a„ = 2.1 can be substituted in Eq. (13.66) to obtai 


n 


/ 


2.1 x 10 x 10 


-15 


PLH 


-6 


(110/3.5) x 10 x3x2 


= 11 1.4 ps 


and t P can be calculated as 


tp — — (63.6 + ! I 1.4) = 87.5 ps 


Thus, as expected, reducing V has resulted in increased propagation delay. 


Before leaving the subject of propagation delay, we should emphasize that hand analysis 
using the simple formulas above should not be expected to yield precise results. Rather, its 
v alue is in obtaining design insight. Precise results can always be obtained using SPICE and 
Multisim simulations (see examples in Appendix B and the extensive material on the CD 
and the website). However, it is never a good idea to use simulation if one does not know 
beforehand approximate values of the expected results. 



13.14 


= 1.8 V, V, 


For a CMOS inverter fabricated in a 0.18-gm process with V nn - ,... , , , _ 

k C 4k j = 300 ^ A/V ' and hav >ng ( W/L )„ = 1.5 and (W/L). = 3, kni"t PHL , t PL 
w en l e equivalent load capacitance ( =10 fF. Use the method of average currents. 
Ans. 24.7 ps; 49.4 ps; 37 ps 


= -K p = 0-5 V, 

and t p 


h- 


D13.15 


Fora CMOS inverter fabricated in a 0.13-pm process, use the equivalent-resistances approach to 

etenmne (PF/£) n and ( W/L) p so that t PLH = t PHL = 50 ps wdien the effective load capaci¬ 
tance C = 20 fF. 


Ans. 3.5; 8.3 



13.3.2 Determining the Equivalent Load Capacitance C 

Having determined the propagation delay of the CMOS inverter in terms of the equivalent 

oad capacitance C, it now remains to determine the value of C. For this purpose, a thorough 

un erstanding of the various capacitances in a MOS transistor is essential, and we urge the 
reader to review the material in Section 9.2.1 


Ftgure 13.24 shows the ctrcui. for determining the propagation delay of the CMOS 

inverter formed by 0, and 0 2 . Note that we are showing the inverter driving a sin Mar 

mverter termed by iransts.ors 0, and (7, This reflects a praettcal situation and will help us 

explain how to determ,ne the contnbution of a driven inverter to the equivalent capacitance 
C at the output of the inverter under study (that formed by Q. and Q ). P 

Indicated in Fig. 13.24 are the v arious transistor capacitances that connect to the output 
node ot the Q^Q mverter. Also shown is the wiring capacitance C„ , which represents 
the capaci ance o the wire i>i interconnect that connects the output of the Q. -Q, inverter 
to the input of the Q,-Q 4 inverter. Interconnect capacitances have become increasingly 
dommant as the technology has scaled down. In fact, some digital IC designers hold the 
view that interconnect poses a greater limitation on the speed of operation than the transis- 
tors themselves. We will discuss this topic briefly in Section 13.5 



Figure 13.24 Circuit for analyzing the propagation delay of the inverter formed by Q , and £>,, which is 
driving a similar inverter formed by 0, and Q v 


A glance at the circuit in Fig. 13.24 should be sufficient to indicate that a pencil-and- 
paper analysis is virtually impossible. That, of course, is the reason we opted for the simpli¬ 
fication of replacing all these capacitances with an equivalent capacitance C. Before we con¬ 
sider the determination of C, it is useful to observe that during t PLH or t PHL , the output o' the 
first inverter changes from 0 to V DD /2 or from to V DD /1, respectively. It follows that the 
second inverter remains in the same state during each ot our analysis intervals. This obser¬ 
vation will have an important bearing on our estimation of the equivalent input capacitance 
of the second inverter. Let’s now consider the contribution of each of the capacitances in 
Fig. 13.24 to the value of the equivalent load capacitance C: 

1. The gate-drain overlap capacitance ot Q y , C g(iv can be replaced by an equivalent capac¬ 
itance between the output node and ground ot 2C gdi . The factor 2 arises because of the 
Miller effect (Section 9.4.4). Specifically, refer to Fig. 13.25 and note that as v, goes 
high and v Q goes low by the same amount, the change in voltage across C gdy is twice that 
amount. Thus the output node sees in effect twice the value of C gdV The same applies 
for the gate-drain overlap capacitance ot Q p C gd2 , which can be replaced by a capaci¬ 
tance 2 C gd2 between the output node and ground. 
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2 . 


3. 


Each of the drain-body capacitances C m and C db2 has a termi nal at a constant v< 
Thus for the purpose of our analysis here, C M and C Jh2 can be replaced with ^ 1 
capacitances between the output node and ground. Note, however, that th f ^ 
given in Section 9.2.1 for calculating C db] and C db2 are small-signal relationT^ 
whereas the analysis here is obviously a large-signal one. A technique has " 
developed for finding equivalent large-signal values for C /fc( and C (see^ ^ 
et al., (2004) and Rabaey et al., (2003)). Jh ' 66 



es 


Since the second inverter does not switch states, we will assume that the 

tances of Q } and Q A remain approximately constant and equal to the total 
tance (WL C Qx + C 

will be 


gsov 


+ Cgdov )• Th at > s ’ the input capacitance of the load 


input capaci¬ 
tate capaci- 
inveiter 


o 


C+ C g4 ( WL ) y C ox + ( W L ) a C ox + C gS(ni y + C gdat3 + C &avA + C gdwA (13.72) 

4. The last component of C is the wiring capacitance C H , which simply adds to the value 
of C. 


Thus, the total value of C is given by 





+ C 


dbl 


+ C f! j + C, + C B . 


H3.731 



Figure 13,25 The Miller multiplication of the feedback capacitance C , ir 




Consider a CMOS inverter fabricated in a 0.25-pm process for which C = 6 fF/um uC =115 pA/V 2 , 

rn ns ’ Vm ~~ V,p ~ 0,5 V ’ and V dd = 25 v - The W/L ratio of Q v is 0.375 pm/0.25 pm, and that 
or fJ is . 5 pm/0.25 pm. The gate—source and gate-drain overlap capacitances are specified to be 0.3 

. gate widthJFurther, the effective (large-signal) values of drain-body capacitances are C dhn = 

I tr and L dbp - 1 fF. The wiring capacitance C H = 0.2 fF. * ‘ ' 1 

ing an identical inverter. 


t PHL , t PIH , and t r when the inverter is dm 


Solution 


First, we determine the value of the equivalent capacitance C using Eqs. (1 3.72) and (13.73), 

C = 2C gd< + 2 c *.n + C M . + C M , + C„, + C.., + C... 


Cgd\ - 0.3 x W n = 0.3 x 0.375 = 0.1125 fF 
C gd2 = 0.3 x W p = 0.3 x 1.125 = 0.3375 fF 


where 
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^dbl ~ 1 fF 

C g3 = 0.375 x 0.25 x 6 + 2 x 0,3 x 0.375 - 0.7875 fF 

C g4 = 1.125 x0.25 x 6 + 2 x 0.3 x 1.125 = 2.3625 fF 
C w = 0.2 fF 


Thus, 

C - 2 x 0.1125 + 2 x 0.3375 + 1 + 1 + 0.7875 + 2.3625 + 0.2 
Next we use Eqs. (13.64) and (13.65) to determine t PHL , 


7 3 x 0.5 AX53 2 

4 2.5 + V2.P 



6.25 fF 


, _ 1.7x6.25 x 10“ 15 

'phl - — r-= 24.6 ps 

115 X 10 x (0.375/0.25) x 2.5 

Similarly, we use Eqs. (13.66) and (13.67) to determine t PLH , 


a p = 1.7 
1.7 x 6.25 x 10' 15 

1 plh ~ :— - = 31.5 ps 

30x10" x (1.125/0.25) x 2.5 

Finally, we determine t P as 



i(24.6 + 31.5) 


28 ps 



13.16 Consider the inverter specified in Example 13.6 when loaded with an additional 0.1 -pF capacitance. 
What will the propagation delay become? 

Ans. 437 ps 

13.17 In an attempt to decrease the area of the inverter in Example 13.6, {WIL) p is made equal to (W!L) n . 
What is the percentage reduction in area achieved? Find the new values of C, t PHL , t PLH , and t p . As¬ 
sume that C dbp does not change significantly. 

Ans, 50%; 4.225 IT; 16.6 ps; 21.3 ps; 19 ps 

13.18 For the inverter of Example 13.6, find the maximum frequency at which it can be operated. 

Ans. 17.9 GHz 

---- 


13.3.3 Inverter Sizing 

In this section we address the question of selecting appropriate ( W/L) ratios for the two tran¬ 
sistors Q n and Q r in an inverter. Our reasoning can be summarized as follows. 

1. To minimize area, the length of all channels is usually made equal to the minimum 
length permitted by the given technology. 
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In a given inverter, if our interest is strictly to minimize area, i W/L) is u 11 

in the range 1 to 1.5. The selection of ( W/L) p relative to ( W/L) n has influenc 56 ^ 
noise margins and t PLH . Both are optimized by matching Q r and Q h Thj s ^ J e ° n . 

usually wasteful of area and equally important can increase the effective can ‘ ^ ' 
so that although t PLH is made equal to t PHU the value of both can be higher than 

ti in tlie 


case without 
possibility, and 


si. i PLH i» mflut t H uaj IU I PHL , me vmue or ootn can be higher than m h, 
matching (see Problem 13.40). Thus, selecting (W/L) = {W/i\ • 

d (W/L) p - 2(W/L)„ is a frequently used compromise^! " * “ 


3. Having settled on an appropriate ratio of (W/L) p to (W/L) n% we still have to 
(W/L) n to reduce t P and thus allow higher speeds of operation. Any increase^ 
(W/L) n and proportionally in (W/L) p will of course increase area, and hence the 
inverter contribution to the value of the equivalent capacitance C. To be more precise we 
express C as the sum of an intrinsic component C jnl contributed by Q s and Q ot> 

inverter, and an extrinsic component C exl resulting from the wiring and the input capac 
itance of the driven gates. 





Increasing ( W/L) n and ( W/L) p of the inverter by a factor S relative to that of a 
imum size inverter for which C jnl = C int0 results in 




(13.75) 


Now, it we use the equivalent-resistances approach to compute t p and define an equiv¬ 
alent inverter resistance R, as 

eq 



T ( R \ + Rp 1 


{13.76) 


then. 


t P = 0.69 R cq C (13.77) 

Further, if tor the mini mum-size inverter R is R e 0 , increasing (W/L) n and 
( W/L) p by the factor S reduces R ^ by the same factor: 

R = R /c (13.78) 

eq iV cqO / ° v 

Combining Eqs. (13.77), (13.78), and (13.75), we obtain 



’<■ = a69 (^f)<5C, n , 0 + C c „) 

>P = °-69(« e ,oC in ,„ +1 * eq0 C Mt ) ( l3W) 

We thus see that scaling the W/L ratios does not change the component of t P caused by 
t e capacitances of Q N and Q p . It does, however, reduce the component of t F that re 
suits from capacitances external to the inverter itself. It follows that one can use 


Eq. (13.79) to decide on a suitable scaling factor S that keeps t p below a specified max 
,mum value, keep.ng m mind of course the effect of increasing 5 on silicon arel 



13.19 


For the inverter analyzed in Example 13.6; 

(a) Find the intrinsic and extrinsic components of C. 

i b factor W of2'> faC,0rmUS ' ‘ ' W/L) ' * mCreaSed ,0 reduce ,he extrinsic P art of /, by 

(c) Estimate the resulting t p . 

(d) By what factor is the inverter area increased? 

Ans. (a) 2.9 fF, 3.35 fF; (b> 2; (c) 20.5 ps; <d) 2 


13.3.4 Dynamic Power Dissipation 

The negligible static power dissipation of C \1( )S has been a significant factor in its domi¬ 
nance as the technology of choice in implementing high-density VLSI circuits. However, as 
the number of gates per chip steadily increases, the dynamic power dissipation has become a 
serious issue. The dynamic power dissipated in the CMOS inverter is given by Eq. (13.35), 
which we repeat here as 



(13.80) 


where / is the frequency at which the gate is switched. It follows that minimizing C is an 
effective means for reducing dynamic-power dissipation. An even more effective strategy is 
the use of a lower power-supply voltage. As we have mentioned, CMOS process technologies 
now utilize V DD values of 1 V or less. These newer chips, however, pack much more circuitry 
on the chip (as many as 2.3 billion transistors) and operate at higher frequencies (micro¬ 
processor clock frequencies above 3 GHz are now available). The dynamic power dissipation 
of such high-density chips can be over 100 W. 

In addition to the dynamic power dissipation that results from the periodic charging and 
discharging of the inverter load capacitance, there is another component of power dissipa¬ 
tion that results from the current that flows through Q P and Q N during every switching 
event Figure 13.26 shows this inverter current as a tunction of the input voltage v t for a 
matched inverter. We note that the current peaks at V M = V DD /2. Since at this voltage both 
Qx and Q p operate in saturation, the peak current is given by 



(13.81) 


The width of the current pulse will depend on the rate of change of v } with time, the slower 
the rising edge of the input waveform, the wider the current pulse and the greater the energy 
drawn from the supply. In general, however, this power component is usually much smaller 
than P. . 

avn ’ 
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Figure 13.26 The current in the CMOS inverter versus the input voltage 



13.20 Find the dynamic power dissipation of the inverter analyzed in Example 13.6 when operated at a 

1-GHz frequency. If this inverter is switched at its maximum possible operating frequency, what 
is the value of the power-delay product? 

Ans. 39 pW; 19.5 0 



13.4 CMOS Logic-Gate Circuits 

In this section, we build on our knowledge of inverter design and consider the design of 
CMOS un_un\ that realize combinational-logic functions. In combinational circuits, theout- 

" 11 hl " ct ‘°n only of the values of input signals at that time. Thus, these cir¬ 

cuits do not have memory and do not employ feedback. Combinational-logic circuits are 
used in large quantities in a multitude of applications; indeed, every digital system contains 
large numbers of combinational-logic circuits 


13.4.1 Basic Structure 

^logic circuit is in effect an extension, or a generalization, of the CMOS inverter. 
The inverter consists of an NMOS pull-down transistor, and a PMOS pull-up transistor, 
operated by the input voltage in a complementary fashion. The CMOS logic gate consists 
of two networks; the pull-down network (PDN) constructed of NMOS transistors, and the 

pull-up network (PUN) constructed of PMOS transistors (see Fig. 13.27). The two net* 
wor s are operated by the input variables, in a complementary fashion. Thus, for 
three-input gate represented in Fig. 13.27, the PDN will conduct for all input combin* 
tons t at require a low output (Y ~ 0) and will then pull the output node down to groun, 
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Figure 13.27 Representation of a three-input CMOS logic 
gate. The PUN comprises PMOS transistors, and the PDN 
comprises NMOS transistors. 


causing a zero voltage to appear at the output, v Y = 0. Simultaneously, the PUN will be off, 
and no direct dc path will exist between V D p and ground. On the other hand, all input com¬ 
binations that call for a high output (7= I) will cause the PUN to conduct, and the PUN 
will then pull the output node up to 1 DD , establishing an output voltage v Y — P OD . Simulta¬ 
neously, the PDN will be cut off, and again, no dc current path between V DD and ground will 
exist in the circuit. 

Now, since the PDN comprises NMOS transistors, and since an NMOS transistor conducts 
when the signal at its gate is high, the PDN is activated (i.e., conducts) when the inputs are 
high. In a dual manner, the PUN comprises PMOS transistors, and a PMOS transistor conducts 
when the input signal at its gate is low; thus the PUN is activated when the inputs are low. 

The PDN and the PUN each utilizes devices in parallel to form an OR function, and 
devices in series to form an AND function. Here, the OR and AND notation refer to current 
flow or conduction. Figure 13.28 shows examples of PDNs. For the circuit in Fig. 13.28(a), we 
observe that Q t will conduct when/1 is high (i> 4 = V DI ) and will then pull the output node down 
to ground (t^ = 0 V, Y = 0). Similarly, Q g conducts and pulls Y down when B is high. Thus Y 
will be low when A is high or B is high, which can he expressed as 

Y= A +B 

or equivalently 

Y = A + B 

The PDN in Fig. 13.28(b) will conduct only when A and B are both high simultaneously. 
Thus Twill be low when A is high and B is high, 

Y = AB 


o equivalently 


Y = AB 
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Figure 13.28 I examples of pull-down networks. 
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Y = A A B 
(a) 

Figure 13.29 Examples ot pull-up networks. 


Y = AB 

(b) 
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As a final example, the PDN in Fig, 13.28(c) will conduct and cause Y to be 11 when A is 
high or when B and C are both high, thus 


Y = A + 


or equivalently 


Y = A A BC 


Next consider the PUN examples shown in Fig. 13.29. The PUN in Fig. 13.29(a) will 
conduct and pull Y up to V DD (Y = 1) when A is low or B is low, thus 

Y = A + B 

The PUN in Fig, 13.29(b) will conduct and produce a high output (i> r = Y DD , 1 = l) on ^ 
when A and B are both low. thus 


Y = AB 
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NMOS 

(a) 


PMOS 

(b) 


Figure 13.30 Usual and alternative circuit symbols for MOSFETs. 


Finally, the PUN in Fig. 13.29(c) will conduct and cause Fto be high (logic 1 1 if A is low or 
if B and C are both low; thus. 


Y = A ABC 

111J ‘" ' l T L *3 an undei Mending and an appreciation of the structure and operation of 
PD Ns and PUNs, we now consider complete CMOS gates. Before doing so, however, we wish 
to introduce alternative circuit symbols, that are almost universally used tor MOS transistors by 
digital-circuit designers. Figure 13.30 shows our usual symbols (left \ and the corresponding 
digital symbols (right). Observe that the symbol for the PMOS transistor with a circle at the 
gate terminal is intended to indicate that the signal at the gate has to be low for the device to 
be activated (i.e., to conduct). Thus, in terms of logic-circuit terminology, the gate terminal of 
the PMOS transistoi is an active low input. Besides indicating this property of PMOS 
devices, the digital symbols omit any indication of which of the device terminals is the source 
and which is the drain. This should cause no difficulty at this stage of our study; simply 
remember that for an NMOS transistor, the drain is the terminal that is at the higher voltage 
(current flows from drain to source), and for a PMOS transistor the source is the terminal that 
is at the higher voltage (current flows from source to drain). To be consistent with the litera¬ 
ture, we shall henceforth use these modified symbols for MOS transistors in logic applica¬ 
tions, except in locations where our usual symbols help in understanding circuit operation. 

13.4.2 The Two-Input NOR Gate 

We first consider the CMOS gate that realizes the two-input NOR function 


Y = A+B = AB 


(13.82) 


We see that Y is to be low (PDN conducting) when A is high or B is high. Thus the PDN con¬ 
sists of two parallel NMOS devices with A and B as inputs (i.e., the circuit in Fig. 13.28a). 


For the PUN, we note from the second expression in Eq. (13.82) that ) is to be high when A 
and B are both low. Thus the PUN consists of two series PMOS devices with A and B as the 
inputs (i.e., the circuit in Fig. 13.29b). Putting the PDN and the PUN together gives the 
t MOS NOR gate shown in Fig. 13.31. Note that extension to a higher number of inputs is 
straightforward: For each additional input, an NMOS transistor is added in parallel with Q NA 
and Q m> and a PMOS transistor is added in series with Q PA and Q PB > 
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V DD 



Y — A + B Figure 13.31 A two-input CMOS NOR gate. 

13.4.3 The Two-Input NAND Gate 

The two-input NAND function is described by the Boolean expression 


Y = AB = A + B (13.83) 

To synthesize the PDN, we conside the input combinations that require } to be low: There 
is only one such combination, namely, A and B both high. Thus, the PDN simply comprises 
two NMOS transistors in series (such as the circuit in Fig. 13.28b). To synthesize the PUN. 
we consider the input combinations that result in Y being high. These are found from the 
second expression in Eq. (13.83) as A low or B low. Thus, the PUN consists of two parallel 
PM OS transistors with A and B applied to their gates (such as the circuit in Fig. 13.29a). Put¬ 
ting the PDN and PUN together results in the CMOS NAND gate implementation shown in 
Fig. 13.32. Note that extension to a higher number of inputs is straightforward: For each 




Qpa & 


0 - c, C: 



o > 



Qna 

Qnb 



Figure 13.32 A two-input CMOS NAND gate. 
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additional input, we add an NMOS transistor in 
sistor in parallel with Q Pt and Q pa . 


series with Q na and Q m , 


and a PM )S tran- 


13.4.4 A Complex Gate 

Consider next the more complex logic function 


Y = A(B + CD) 


(13.84) 


l l r \ nh C th D , ) .’ * e / ee that . } should be low for A high and simultaneously either B 
high or C and D both high, from which the PDN is directly obtained. To obtain the PUN, we 

need to express > in terms of the complemented variables. We do this through repeated 
application of DeMorgan’s law, as follows: 


Y = A(B + CD) 


= A + B + CD 
= A+BCD 


= A+B(C + D ) (13.85) 

Thus, Y is high for4 low or B low and either ( or / * low. The corresponding complete CMOS 
circuit will be as shown in Fig. 13,33. 

13.4.5 Obtaining the PUN from the PDN and Vice Versa 

From the CMOS gate circuits considered thus far (e.g., that in Fig. 13.33), we observe that 
the PDN and the PUN are dual networks: Where a series branch exists in one, a parallel 
branch exists in the other. Thus, we can obtain one from the other, a process that can be sim¬ 
pler than having to synthesize each separately from the Boolean expression of the function. 
For instance, in the circuit of Fig. 13.33, we found it relatively easy to obtain the PDN, sim¬ 
ply because we already had ) in terms of the uncomplemented inputs. On the other hand, to 
obtain the PUN, we had to manipulate the given Boolean expression to express Fas a func¬ 
tion of the complemented variables, the form convenient for synthesizing PlJNs. Alterna¬ 
tively, we could ha\e used this duality property to obtain the PUN from the PDN. The reader 
is urged to refer to Fig. 13.33 to convince herself that this is indeed possible. 

It should, however, be mentioned that at times it is not easy to obtain one of the two net¬ 
works from the other using the duality property. For such cases, one has to resort to a more 
rigorous process, which is beyond the scope of this book (see Kang and Leblebici, 1999). 

13.4.6 The Exclusive-OR Function 

An important function that often arises in logic design is the exclusive-OR (XOR) function, 

Y = AB + AB (13.86) 


We observe that since Y (rather than Y ) is given, it is easier to synthesize the PUN. We note, 
however, that unfortunately Y is not a function ot the complemented variables only (as we 
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>' = AiB + CD) 


Figure 13.33 CMOS realization of a com¬ 
plex gate. 


would like it to be). Thus, we will need additional inverters. The PUN obtained directly 

from Eq. (13.86) is shown in Fig. 13.34(a). Note that the Q v Q 2 branch realizes the first term 

(AB ), whereas the Q A branch realizes the second term (A B ). Note also the need for two 
additional inverters to generate A and B 

As for synthesizing the PDN, we can obtain it as the dual network of the PUN in 

Fig. 13.34(a). Alternatively, we can develop an expression for Y and use it to synthesize the 

PDN. Leaving the first approach for the reader to do as an exercise, we shall utilize the 

direct synthesis approach. DeMorgan’s law can be applied to the expression in Eq. (13.86) 
to obtain Y as 


Y = AB+AB 


(13.87) 


The corresponding PDN will be as in Fig. 13.34(b), which shows the CMOS realization of 

the exclusive-OR function except for the two additional inverters. Note that the exclusive- 

OR requires 12 transistors for its realization, a rather complex network. Later, in Section 14.2. 

we shall show a simpler realization of the XOR employin'- a different form of CMOS 
logic. 

Another interesting observation follows from the circuit in Fig. 13.34(b). The PDN and 
t e PUN here are not dual networks. Indeed, duality of the PDN and the PUN is not a neces- 

di^k cont ^* on * although a dual of PDN (or PUN) can always be used for PUN ( or 
PDN), the two networks are not necessarily duals. 
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(a) (b) 

Figure 13.34 Realization of the exclusive-OR (XOR ) function: (a) The PUN synthesized directly from 
the expression ;n Eq. (13.86). (h) The complete XOR realization utilizing the PUN in (a) and a PDN that is 
synthesized directly from the expression in Eq. i 13.87). Note that two inverters (not shown) are needed to 
generate the complemented variables. Also note that in this XOR realization, the PDN and the PUN are not 
dual networks; however, a realization based on dual networks is possible (see Problem 13.47). 


13.4.7 Summary of the Synthesis Method 

1. The PDN can be most directly synthesized by expressing Y as a function of the uncom¬ 
plemented variables. If complemented variables appear in this expression, additional 
inverters will be required to generate them. 

2. The PUN can be most directly synthesized by expressing l as a function of the comple¬ 
mented variables and then applying the uncomplemented variables to the gates of the 
PMOS transistors. If uncomplemented variables appear in the expression, additional 
inverters will be needed. 

3. The PDN can be obtained from the PL [ N (and vice versa) using the duality 
property. 


13.4.8 Transistor Sizing 

Once a CMOS gate circuit has been generated, the only significant step remaining in the 
design is to decide on W/L ratios for all devices. These ratios usually are selected to 
provide ihe gate with current-driving capability in both directions equal to that of the 
basic inverter. For the basic inverter design, denote (W/L) n = n and {W/L) p ~p y where 
ft is usually 1 to 1.5 and, for a matched design ,p = (/A,/ Bp) n '■> ^though often/? = 2 n and 
for minimum area p — n. Thus, we wish to select individual If L ratios for all transistors 
in a logic gate so that the PDN should be able to provide a capacitor discharge current at 
least equal to that of an NMOS transistor with W/L = «, and the PUN should be able to 
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provide a charging current at least equal to that of a PMOS transistor with W/I 
This will guarantee a worst-case gate delay equal to that of the basic inverter 4 
In the preceding description, the idea of 'worst case" should be emphasized It 
in deciding on device sizing, we should find the input combinations that result in theT ^ 
output current and then choose sizes that will make this current equal to that of the^' 
inverter. Before we consider examples, we need to address the issue of determin' 6 ^ 
current-driving capability of a circuit consisting of a number of MOS devices In other^ ^ 
we need to find the equivalent W/L ratio of a netw ork of MOS transistors. Toward to ^ 

we consider the parallel and series connection of MOSFETs and find the equivalent W/l 
ratios. 

The derivation of the equivalent W/L ratio is based on the fact that the on resistance of 
a MOSFET is inversely proportional to W/L {see Eqs. 13.70 and 13.71). Thus, if a numhr 

of MOSFETs having ratios of (W/L),, ( W/L) 2 .are connected in series, the equivalent 

series resistance obtained by adding the on-resistances will be 


R 


senes 


— R m + R N 2 + 


constant constant 
.. + ~—- + 


) 


i 



= constant 


I 


+ 


L (W/L), ( 



+ 


* • 


constant 

{ W/L ) ea 


resulting in the following expression for» ff/Z,) eq for transistors connected in series: 

O {W/L ), q = -j-—j- (13.88) 

(W/L)/ (W/L)/"’ 

Similarly, we can show that the parallel connection of transistors with W/L ratios of (W/L)\, 
(W/L) 2 ,..., results in an equivalent W/L of 

O (W/L) eq = (W/L), + (W/L) : + ■■■ (13.89) 

As an example, two identical MOS transistors with individual W/L ratios of 4 result in 
an equivalent W/L of 2 when connected in series and of 8 when connected in parallel. 5 

As an example of proper sizing, consider the four-input NOR in Fig. 13.35. Here, the 
worst case (the lowest current ) for the PDN is obtained when only one of the NMOS transis¬ 
tors is conducting. We therefore select the W/L of each NMOS transistor to be equal to that 
of the NMOS transistor of the basic inverter, namely, n. For the PUN, however, the worst- 
case situation (and indeed the only case) occurs when all inputs are low and the four series 
PMOS transistors are conducting. Since the equivalent W/L will be one-quarter of that of 


n-his statement assumes that the total effecti ve capacitance C of the logic gate is the same as that of H 
5 A_f -hi n actua practice, the value of ( w ill he larger for a gate, especially as the fan-in is increase 

aHHina^h^T^ ,n <- a ^ out as follows: Connecting MOS transistors in series is equivalent 
“BK eng f ls L of their channels while the width does not change; connecting MOS transistors i 
oes not c ange the channel length but increases the width to the sum of the fV’s. 
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Figure 13.36 Proper transistor sizing for a four-input NANI) gate. Note that n and p denote the W/L 
ratios of Q n and Q p , respectively, of the basic inverter. 


each PMOS device, we should select the W/L ratio of each PMOS transistor to be four 

times that of Q p of the basic inverter, that is, 4 p. 

As another example, we show in Fig. 13.36 the proper sizing for a four-input NAND 
gate, Comparison of the NAND and NOR gates in Figs. 13.35 and 13.36 indicates that 
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because p is usually two to three times n. 
the NAND gate. For this reason, NAND 
combinational logic functions in CMOS. 


the NOR gate will require much greater area th 

1 ® ates are generally preferred for implement^ 

*0 


Ex 



13.7 



Provide transistor W/L ratios for the logic circuit shown in Fig. 13.37. Assume that for the basic inverter 
n — 1.5 and p ~ 5 and that the channel length is 0.25 Jim. 
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Figure 13.37 Circuit for Example 13.7. 


Solution 

Refer to Fig. 13.37, and consider the PDN first. We note that the worst case occurs when Q m is on and 
either Cwc or is on. That is, in the worst case, we have two transistors in series. Therefore, we select 
each of Q NBt Q sc , and Q WD to have twice the width of the ^-channel device in the basic inverter, thus 

Qnb • W/L = 2n = 3 = 0.75/0.25 
Qnc- W/L = 2/7 == 3 — 0.75/0.25 

Qnd' W/L = In = 3 = 0.75/0.25 

For transistor Q^ A> select W/L to be equal to that of the ^-channel device in the basic inverter: 

Qna : W/L = « = 1.5 = 0.375/0.25 


13.4 CMOS Logic-Gate Circuits 1121 


Next, consider the PUN. Here we see that in 

Qpc and Q m . Therefore, we select 'the W/L rat n If , t WC haVe three transistors 111 series: Q PA , 

inverter, that is, 3/>, thus aC ° these t0 ^ ree times that of Q p in the basic 


Qpa W/L = 3/5=15 = 3.75/0.25 
Qpc : W/L = 3/5 = 15 = 3.75/0.25 
Qpd : W/L = 2>p = 15 = 3.75/0.25 


^ rtf 


f -i 








Qpb : W/L - 1.5 p = 7.5 = 1,875/0.25 


Figure 13.37 shows the circuit with the transistor sizes indicated. 


13.4.9 Effects of Fan-In and Fan-Out on Propagation Delay 

Each additional input to a CMOS gate requires two additional transistors, one NMOS and 
one PM OS. This is in contrast to other forms of MOS logic, where each additional input 
requires only one additional transistor (see Section 14.1). The additional transistor in CMOS 
not only increases the chip area hut also increases the total effective capacitance per gate and 
in turn increases the propagation delay, i he size-scaling method described earlier compen¬ 
sates for some (but not all) of the increase in t P . Specifically, by increasing device size, we 
are able to preserve the current-driving capability. However, the capacitance C increases 
because of both the increased number of inputs and the increase in device size. Thus t p will 
still increase with tan-in, a tact that imposes a practical limit on the fan-in of. say. the 
NAND gate to about 4. If a higher number of inputs is required, then “clever” logic design 
should be adopted to realize the given Boolean function with gates of no more than four 
inputs. This would usually mean an increase in the number of cascaded stages and thus an 
increase in delay. However, such an increase in delay can be less than the increase due to the 
large fan-in (see Problem 13.56). 

An increase in a gate's fan-out adds directly to its load capacitance and, thus, increases 
its propagation delay. 

Thus although CMOS has many advantages, it does suffer from increased circuit com¬ 
plexity when the fan-in and fan-out are increased, and from the corresponding effects of this 
complexity on both chip area and propagation delay. Later, in Sections 14.1 and 14.2, we 
shall study some simplified forms of CMOS logic that attempt to reduce this complexity, 
although at the expense of forgoing some of the advantages of basic CMOS. 



13.21 For a process technology with L = 0.18 pm, n = 1.5, p = 3, give the sizes of all transistors in (a) a 
four-input NOR and (b) a four-input NAND. Also, give the relative areas of the two gates. 

Ans. (a) NMOS devices: W/L = 0.27/0,18, PMOS devices: 2.16/0.18; 

(b) NMOS devices: W/L - 1.08/0.18, PMOS devices: 0.54/0.18; 

NOR area/NAND area = 1.5 
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13.22 For the scaled NAND gate in Exercise 13.21, find the ratio of the maximum to minimum current 
available to (a) charge a load capacitance and (b) discharge a load capacitance. 

Ans. (a) 4; (b) 1 



© 13.5 Implications of Technology Scaling: Issues in 

Deep-Submicron Design 

As mentioned in Chapter 4, and in a number of locations throughout the book, the miniinu 
MOSFET channel length has been continually reduced over the past 40 years or so In fact 
new CMOS fabrication technology has been introduced every 2 or 3 years, with the mini, 
mum allowable channel length reduced by about 30%, that is, to 0.7 the value in the preced¬ 
ing generation. Thus, with every new technology generation, the device area has beer 
reduced by a factor of 1 /(0.7 x 0.7) or approximately 2, allowing the fabrication of twice as 
many devices on a chip of the same area. This astounding phenomenon, predicted more than 
40 years ago by Gordon Moore, 6 has become known as Moore’s law. It is this ability to 
pack an exponentially increasing number of transistors on an 1C chip that has resulted in the 
continuing reduction in the cost per logic function. 

Figure 13.38 shows the exponential reduction in MOSFET channel length (by a factor of 2 
every 5 years) over a 40 year period, with the dots indicating some of the prominent technol¬ 
ogy generations, or nodes. Thus, we see the 10-pm process of the early 1970s, the submicron 
i / <1 pm) processes ot the early 19V<)s, and the deep-submicron (L < 0.25 pm) processes of 
the last decade, including the current 45-nm process. A microprocessor chip fabricated in a45- 
t MOS process and having 2.3 billion transistors was announced in 2009. Deep-submicron 
(DSM ) processes present the circuit designer with a host of new opportunities and challenges. 
It is our purpose in this section to briefly consider some of these. 
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Figure 13.38 The MOSFET channel length has been reduced by a factor of 2 every about 5 years- This 
phenomenon, known as Moore’s law is continuing. 


Gordon Moore is one of the pioneers of the semiconductor industry and a cofounder of Intel. 
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13.5.1 Scaling Implications 

So’ J W P S>I Ts wen l‘ he lmpl ?"° ns ° f SCaling ,he device dimensi °" s by a 

Although the scaling of V DD has occumedforal ^ are scaled by the same factor. 

for the 0.5-Mm process down to 1.2 V for the 0 I Vn " technol °4 nodes («■&. from 5 V 

hv the same factor Thiis rh* . . ’ process), V has been reduced but not 

by the same lac or Thus the assumpnon m row 2 of Table 13.2 is not entirely correct Nev 

erthde s our mterest here ts to gain a general appreciation for the effects of scaling 

Table 13- provides the relationships for the various transistor and inverter parameters in 

order to show how the resulting scale factors are obtained. We thus see that the device ar a 
scales by 1/5 ; the oxide capacitance r 'ind tu* A uevice area 

scale by 5; and the MOSFET gate capacitence seal hv t°c n parame,ers *” and K 
' e c capacitance scales by 1/5. It is important to note that the 

component of the inverter propagation delay due to the transistor capacitances (i e exclud¬ 
ing the wirmg capacitance) scales by I/S; this vety useful result of scaling implie that the 
circuit can be operated a. S times the frequency; that is, the speed of operation increases by a 
factor S. Equally tmportant, the dynamic power dissipation scales by 1/S 2 . This of course 

,s a major mottvatmg factor behind the scaling of V DD . Another motivating factor is the need 
to keep the electric fields in the MOSFETs within acceptable bounds. 

Although the dynamic power dissipation is scaled by 1/5 2 , the power per unit area 
remains unchanged. Nevertheless, for a number of reasons, as the size and complexity of 
digital 1C chips continue to increase, so does their power dissipation. Indeed power dissipa¬ 
tion has now become the number-one «ssue in IC design. The problem is further exacerbated 
by the static power dissipation, arising from both subthreshold conduction and diode leak¬ 
age currents, that plagues deep-submicron CMOS devices. We will discuss this issue 
shortly. 


Table 13.2 Implications of Device and Voltage Scaling 


Parameter 

Relationship 

Scaling Factor 

1 

W, L, t ox 


US 

2 

V V 

’ DD * y i 


US 

3 

Area/Device 

WL 

1 /s 2 

4 

c OJr 


s 

5 

c *; 


s 

6 

c 

gate 

vic„ 

1/5 

7 

t p (intrinsic) 

ac/k' v DD 

1/5 

8 

Energy/Switching cycle 

C V Id 

1/5 3 


(intrinsic) 



9 

P 

dyn 

f ri A _ C V DD 
-^ma ■DD 1 

Lip 

I/5 2 

10 

Power density 

P . n /Device area 
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13.23 By what factor does the power-delay product PDP change if an inverter is fabricated in a 0.13 g m 
technology rather than a 0.25-pm technology? Assume 5—2. 

Ans. PDP decreases by a factor of 8. J9 


13.24 If V DD and V, are kept constant, which entries in Table 13.2 change and to what value? 

Ans. t p now scales by 1 IS 2 ; the energy/switching cycle now scales by 1/5 only; P iy n now scales 
by 5; and the power density now' scales by S' (a major problem). 

‘ ' - ---- 


13.5.2 Velocity Saturation 

The short channels ofMOSFETs fabricated in deep-submicron processes give rise to physi¬ 
cal phenomena not present in long-channel devices, and thus to changes in the MOSFET 
i-v characteristics. The most important of these short-channel effects is velocity satura¬ 
tion. Here we refer to the drift velocity of electrons in the channel of an NMOS transistor 
(holes in PMOS) under the influence of the longitudinal electric field established by v D s .fo 
our derivation of the MOSFI I i-v characteristics in Section 5.1, we assumed that the 
velocity v n of the electrons in an n-channel device is given by 

v, = U n E (13.90) 

where E is the electric field given by 

E = (13.91) 

L 

The relationship in Eq. (13.90) applies as long as E is below a critical value E cr which falls in 
the range 1 V/pm to 5 V pm. For E > E cr , the drift velocity saturates at a value ot approxi¬ 
mately 10 cm/s. Figure 13.39 show's a sketch of v versus E. Although the change from a linear 
to a constant v is gradual, we shall assume for simplicity that v saturates abruptly at E - E cr . 



■ 

Figure 13.39 The velocity of electrons in the channel of an NMOS transistor reach a constant veloci) 

— ^ crn/s when the electric field E reaches a critical value E . A similar situation occurs for/> c an 
devices. 
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The electric field E in ci short^chRnnpl \yfOQEt2 j r ■, 

is low. If we denote the value eventhou ^ ^ 

from Eq. (13.91), " Ve '° C,ty saturat ’°" «*“« by V D ^, then 


V 

F - _DSsai 

" L 


which when substituted in Eq. (13.90) provides 


1 sal ~ Mn 


f ^DS $ad 

L 


or alternatively. 


V DSsat - 




Pn 


J 


V 


sat 


Thus, V D5sat is a device parameter. 


(13.92) 0 


(13.93) 0 


(13.94) 0 



13.25 Find 

Mn = 

Ans. 


V DSs*t 2 for an NMOS transistor fabricated in a 0.25-pm CMOS process with 
400 cm /V • s. Let L - 0.25 pm and assume v sat = 10 cm/s 
0.63 V 


The i D ~v 0S Characteristics The i D - v DS equations o' the MOSFET can be modified to in¬ 
clude velocity saturation as follows. Consider a long-channel NMOS transistor operating in 
the triode region with v cs set to a constant value V GS . The drain current will be 



(13.95) 


where we have for the time being neglected channel-length modulation. We know from our 
study in Section 5.1 that i D will saturate at 


i' 


DS 




(13.96) 


and the saturation current will be 



( 13 . 97 ) 


This will also be the case in a short-channel device as long as the value ot v DS in Eq. (13.96) 
is lower than V DSsaV That is, as long as 


Vov < W>$sat 

the current i D will be given by Eqs. (13.95 1 and i 13.97). If, on the other hand, 

Pq V > ' £>5sat 
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Figure 13.40 Velocity saturation causes the i D -v DS characteristic to saturate at K D!ia( . This early saturation 
results in a current that is lower than the value for a long-channel device. 


then velocity saturation kicks in at v DS = V DSsA and i D saturates at a value / Dat , as shown 
in Fig, 13,40, The value of I Dsat can be obtained by substituting v DS = V DSial in Eq. (13.95), 


O iDm = MnC cx (") v DS J y GS -y,-\ v DS „) 

This expression can be simplified by utilizing Eq. ( 13,94 > to obtain 

O ^Dsat = ^ ^ t ~ 3 ^OSsat) 


(13.98) 


(13.99) 


Replacing V GS in Eq. (13.98) with v GS , and incorporating the channel-length modulation 
factor {1 + Av DS ), we obtain a general expression for the drain current of an NMOS transis¬ 
tor operating in velocity saturation. 




(13.100) 


which applies for 


l 'os “ K ,> ^ossat and v DS > V DSsat ( 13 ' 101) 

Figure 13.41 shows a set of i D ~v DS characteristic curves and clearly delineates the three 

regions of operation: triode, saturation, and velocity saturation. 

Equation (13.100) indicates that in the velocity-saturation region, i D is linearly related to 
v gs • This is a major change from the quadratic relationship that characterizes operation in 
the saturation region. Figure 13.42 makes this point clearer by presenting a graph for ip v, - r 
sus v cs of a short-channel device operating at v DS > V DSsaX - Observe that tor 
^ < v gs ~ ^dssav> the MOSFET operates in the saturation region and i D is related to ^5 
by the familiar quadratic equation (Eq. 13.97). For v GS - V,>V nSm , the transistor enters the 

velocity-saturation region and i D varies linearly with v GS (Eq. 13.100). 

Short-channel PMOS transistors undergo velocity saturation at the same value of v* 
(approximately 10 cm/s), but the effects on the device characteristics are less pronounce 
than in the NMOS case. This is due to the lower values of ju , and the correspondingly 
higher values of E cr and V DS 

















Figure 13.41 The i D - Vos characteristics of a short-channel MOSFET. Note the three different regions of 
operation: triode; saturation; and velocity saturation. 



Figure 13.42 The i D —v cs characteristic of a short-channel NMOS transistor operating at v os >f / Dj ' Mt 
Observe the quadratic and the linear portions of the characteristic. Also note that in the absense of velocity 
saturation, the quadratic curve u'ould continue as shown with the broken line. 


Example 13.8 



Consider MOS transistors fabricated in a 1.25-pm CMOS process for which V DD - 2,5 V, 
= -V = 0.5 V, JU„C 0X = 115 pA/V\ fi p C ox = 30 pA/V 2 , A„ = 0.6 V", and \A p \ = 0.1 V 


V. 


Let L = 0.25 pm and (W/L) n - ( W/L) p = 1.5. Measurements indicate that for the NMOS transistor, 
V DSm = 0.63 V, and for the PMOS device, | E D5sa J = 1 V. Calculate the drain current obtained in each 
of the NMOS and PMOS transistors for |E CS | = \V DS \ = V DD . Compare with the values that would have 
been obtained in the absence of velocity saturation. Also give the range of v DS for which i D is saturated. 

with and without velocity saturation. 


Solution 


For the NMOS transistor, V GS = 2.5 V results in V GS - V 1n - 2.5 -0.5 
K D9sat . Also, V DS = 2.5 V is greater than F DSsal ; thus both conditions in 


= 2 V, which is greater than 
Eq. (13.101) are satisfied, and 
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Example 13.8 continued 


the NMOS transistor will be operating in the velocity-saturation region, and thus i 
Eq. (13.100): 


d 15 given by 


i D = 115 x 10“* x 1 .5 x 0.63 x ^2.5 - 0.5 - - x 0.63 ) x ( 1 + 0.06 x 2.5) = 210.6 pA 


If v elocity saturation were absent, the current would be 


I 


ip = ^" C °A~l) 


^irn) O "b ^ v ps) 


n 


- - x 115 x 10 6 x 1.5 x (2.5 - 0.5) x (1 + 0.06 x 2.5) 


= 396.8 pA 

Thus, velocity saturation reduces the current level by nearly 50%! The saturation current, however is 
obtained over a larger range of v DS ; specifically, for v DS = 0.63 V to 2.5 V. ( Of course, the current does 
not remain constant over this range because of channel-length modulation,) In the absence of velocity sat¬ 
uration, the current saturates at V ov = V GS ~ V, = 2 V, and thus the saturation current is obtained over 
the range v DS = 2 V to 2.5 V. 

For the I ’MOS transistor, we see that since I^gsI-M = 2 V and |F 0S | = 2.5 V are both larger 

that |f£> Ssat | = 1 V the device will be operating in velocity saturation, and i D can be obtained by adapt¬ 
ing Eq, (33.100) as follows: 


‘d = <M p C ox )(- 


I 


DSsax 


V 


GS 


tp 


! 


DS sat 


(i + I'Ll | v DS \) 


= 30x 10 x 1.5 x 1 X ^2.5 * 0.5 - r x 1 ](1 +0.1 x2.5) 
= 84.4 pA 


Without velocity saturation, we have 

1 


! V 


l D 2 &P*- ox\ £ J {| V csl “ I ^ tp\ ) ( 1 + I'ipl | Vqs\ J 


1 


= - x 30 x 10’ x 1.5 x (2.5 — 0.5) 2 ( 1 +0.1 x2.5) 


= 112.5 pA 

Thus velocity saturation reduces the current by 25% (which is less than in the case of the NMOS transis- 

= 1 V to 2.5 V. In the absence of velocity 
= 2 V to 2.5 V. 


tor), and the saturated current is obtained over the range f' 
saturation, the saturated i D would have been obtained for V 



13.26 


Repeat the problem in Example 13 8 for transistors fabricated in a 0.13-pm CMOS process for 
wtnch V = ! 2 V. V m = = 0.4 V, //„(?„, = 430 M A/V : , fl p C„ = HO |iA/V. 

/l ". I “pi - 01 v • Let L- 0.13 om, (fV/L)„ = (fV/L) = 1.5, V n (NMOS) = 0.34 V, 
and V DSm (PMOS) = 0.6 V. p ' 
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sence of velocity saturation W I D = 55 A oA rompared to 5 Wean'd £ j *** 

to 1.2 V compared to 0.8 V to 1.2 V. ' DS J, ° V 



Effect on the Inverter Characteristics The VTC of the CMOS inverter can be derived 

using the modified i D -v DS characteristics of the MOSFETs. The results, however indicate 

relatively small changes from the VTC derived in Section 13.2 using the long-channel equa¬ 
tions (see Rabaey et al., 2003 and Hodges et al., 2004), and we shall not pursue this subject 
here. The dynamic characteristics ot the inverter, however, are significantly impacted by 
velocity saturation. This is because the current available to charge and discharge the equiva¬ 
lent load capacitance C is substantially reduced. 


A Remark on the MOSFET Model The model derived above for short-channel MOS¬ 
FETs is an approximate one, intended to enable the circuit designer to perform hand analysis 
to gain insight into circuit operation. Also, the model parameter values are usually obtained 
from measured data by means of a numerical curve-fitting process. As a result, the model 
applies only over a restricted range of terminal voltages. wtk 

Modeling short-channel MOSFETs is an advanced topic that is beyond the scope of this 
book. Suffice it to say that sophisticated models have been developed and are utilized by cir¬ 
cuit simulation programs such as SPICE (see Appendix B). Circuit simulation is an essential 
step in the design of integrated circuits. However, it is not a substitute for initial hand analy¬ 
sis and design. 


13.5.3 Subthreshold Conduction 

In our study of the NMOS transistor in Section 5.1, we assumed that current conduction 
between drain and source occurs only when v GS exceeds V, . That is, we assumed that for 
v GS < V, no current flows between drain and source. This, however, turns out not to be the 
case, especially for deep-submicron devices. Specifically, for v GS < V, a small current i D 
flows. To be able to see this subthreshold conduction, we have redrawn the i D -v GS graph 
of Fig. 13.42, utilizing a logarithmic scale for i D , as shown in Fig. 13.43. Observe that at 
low values of v GS , the relationship between log i D and v GS is linear, indicating that i D var¬ 
ies exponentially with v GS , 

i D = l s e" os/ "'' T (13.102) 

where / s is a constant, V T - kT/q is the thermal voltage — 25 mV at room temperature, 
and n is a constant whose value falls in the range 1 to 2, depending on the material and struc¬ 
ture of the device. 7 

Subthreshold conduction has been put to good use in the design of very- low-power cir¬ 
cuits such as those needed for electronic watches. Generally speaking, however, subthresh¬ 
old conduction is a problem in digital 1C design. This is so for two reasons. 


T This relationship is reminiscent of the ic~ v BE relationship of a BJT (Chapter 6). This is 
lienee, for the subthreshold conduction in a MOSFET is due to the lateral bipolar transistor formed b> 

the source and drain diffusions with the substrate acting as the base region (see ng. - • )■ 
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Figure 13.43 The i D ~ v cs characteristic of a short channel MOSFET. To show the details of subthreshold 
conduction a logarithmic scale is needed for i D . oga 

1. The nonzero current that flows for v GS = 0 (see Fig. 13.43) causes the CMOS inverter 
to dissipate static power. To keep this off current as low as possible, V t of the MOS¬ 
FET is kept relatively high. This indeed is the reason why V, has not been scaled by the 
same factor as that used lor the channel length. Although the off current is low (10 pA 

to 100 pA ) and the power dissipation per inverter is small, the problem becomes serious 
in chips with a billion transistors! 

2. The nonzero current ot a normally oi i transistor can cause the discharge of capacitors in 
dynamic MQS circuits. As we shall see in the next two chapters, dynamic logic and 
i 1 ir' i icry circuits rely on charge storage on capacitors for their proper operation. Thus, 
subthreshold conduction can disrupt the operation of such circuits. 



13.27 (a) Refer to Fig. 13.43 and to Eq. (13.102). Show r that the inverse of the slope of the straight line 

representing subthreshold conduction is given by 2.3 n V T V per decade of current change. 

(b) If measurements indicate n= 1.22 and i D = 100 nA at v cs = 0.21 V, find i D at = 0. 

(c) For a chip ha\ ing 500 million transistors, find the current drawn from the 1.2-V supply Ydd 

as a result of subthreshold conduction. Hence estimate the resulting power dissipation. 

Ans. (b) 0.1 nA; (c) 50 mA, 60 inW 


13.5.4 Wiring—The Interconnect 

The logic gates on a digital IC chip are connected together by metal wires 8 {see Appendix 
A ). As well, the power supply V DD an d ground are distributed throughout the chip by metal 
wires. Technology scaling into the deep-submicron range have caused these wires to behave 


These are strips of metal deposited on an insulating surface on top of the chip, in modem digital 10- 
as many as eight layers of such wiring are utilized. 


13.5 


Implications of Technology Seal 
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rC 




Figure 13.44 The power-supply line in a deep submicron IC has non-zero resistance. The IR drops alone 
the V DD line cause the voltages delivered to various circuits to differ 


not simply as wires! Specifically, the narrow wires typical ot deep-submicron technologies 
exhibit nonzero resistance. The result is an IR drop on the f ^ line resulting in somewhat 
different voltages being delivered to different parts of the chip, as shown in Fig. 13 .44. This 
can have deleterious effects on the operation of the overall circuit 

Since chips fabricated in deep-submicron technologies can have hundreds of millions of 
gates, the wire connection between gates can be long. The resulting narrow and long inter¬ 
connect lines have not only nonzero resistance but also capacitance to ground, as shown in 
Fig. 13.45. The resistance and capacitance of an interconnect line can cause a propagation 
delay approaching that of the logic gate itself. As well, the capacitance between adjacent 
wires can cause the signals on one wire to be coupled to the other, which can cause errone¬ 
ous operation of logic circuits. 



Figure 13.45 The interconnect (wire) between two circuit blocks, A and B, on an IC chip has finite resis¬ 
tance and a capacitance to ground. 

In short, the circuit designer ot modem deep-submicron digital 1C s has to concern herself 
not only with the logic-circuit design but also with the wiring or interconnect issues. Indeed, 
advanced textbooks on digital IC design devote entire chapters to this topic (see Rabaey et 
ah, 2003, and Hodges et ah, 2004), Our intent here is simpiy to point out that interconnect 

has become an important issue in digital IC design. 
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Summary 


■ The digital logic inverter is the basic building block of 
digital circuits, just as the amplifier is the basic building 
block of analog circuits. 

■ The static operation of the inverter is described by its 
voltaee-transfer characteristic (VTC). The VTC deter- 

•ftp V 

mines the inverter noise margins; refer to Fig. 13.5 and to 
Table 13.1 for the definitions of important VTC' points 
and the noise margins. In particular, note that 
NM h - V OH - V Jlf and NM L - V (L - V 0L , and refer 
to the ideal VTC in Fig. 13.6. 

■ The inverter is implemented using transistors operating as 
voltage-controlled switches. There are three possible arrange¬ 
ments, shown in Figs. 13.7,13.8, and 13.9. The arrangement 
in Fig. 13,8 results in a high-performance inverter and is the 
basis for the CMOS inverter studied in Section 13.2. 

» An important performance parameter of the inv erter is the 
amount ol power it dissipates, here are two components 
of power dissipation: static and dynamic. The first is the 
result of current flow in either the 0 or 1 state or both. The 
second occurs when the inverter is sw itched and has a ca¬ 
pacitor load C. Dynamic power dissipation 

^dyn = fCV* D . 

■ The speed of operation of the inverter is characterized by 

its propagation delay, t P . Refer to Fig, 13.15 for the def¬ 
initions of ipiH and t PHL , and note that 

t P ~ 2 ^plh + { phl)- Th e maximum frequency at 
which an inverter can be switched / max = 1 /2t P . 

■ A metric that combines speed of operation and power dis¬ 
sipation is the power-delay product, PDP - P D t The 
lower the PDP. the more effective the logic-circuit family 
is. It dynamic pow'er is dominant, such as in CMOS, 
PDP = CV DD . which is the energy drawn from the 

supply for a U-to-l and a 1-to-o transition. (i,e.. one 
switching cycle). 

■ Besides speed of operation and power dissipation, the sil¬ 
icon area required for an inverter is the third significant 
metric in digital IC design. 

■ Predominantly because of its low' power dissipation and 
because of its scalability, CMOS is by far the most dom¬ 
inant technology for digital IC design. This situation is 
expected to continue for many years to come. 


■ fable 13.3 provides a summary of the 
ten sties of the CMOS inverter. 


1 important chanc 


Digital ICs usually utilize (he minimum channel | eim k , 
the technology available. Thus for the CMOS inv 
and Qp have L = imto- If matching is 
V W ' is SeleCted ^ al /V/V a. te 

increased area and capacitance. For minimum an, 
II = W n . Also, a frequently used compromise k 


W = 2 W m . 


■ For minimum area. ( W/L )„ is selected equal to I. Ho». 
ever, to reduce tp especially when a major part of Cis ex¬ 
trinsic to the inverter, (W/L) n and correspondingly 
( W/ L ) p can be increased. 

■ A CMOS logic gate consists of an NMOS pull-down net- 
work (PDN) and a PMOS pull-up network (PUN), The 
PDN conducts for every input combination that requires a 
low output Since an NMOS transistor conducts when its 
input is high, the PDN is most directly synthesized from 
the expression for the low output ( Y) as a function of the 
uncomplemented inputs. In a complementary fashion, the 
PUN conducts for every' input combination that corre¬ 
sponds to a high output. Since a PMOS conducts when its 
input is low, the PUN is most directly synthesized from 
the expression lor a high output ( Y) as a function of the 
complemented inputs. 


■ CMOS logic circuits are usually designed to provide 
equal current-driving capability in both directions. Fur¬ 
thermore, the worst-case values of the pull-up and pull¬ 
down currents are made equal to those of the basic invert¬ 
er. Transistor sizing is based on this principle and makes 
use of the equivalent W/L ratios of series and parallel de¬ 
vices (Eqs. 13.88 and 13.89). 

F Refer to I able 13.2 for the implications of scaling the di¬ 
mension of the MOSFET and V DD and V, by a factor 
1/S. 


■ In devices with short channels (L <0.25 pm) velocity 

saturation occurs. Its effect is that i n saturates early, and 
its value is low'er than would be the case in long-channel 
devices (see Figs. 13.40, 13.41 and 13.42, and Eq. 
13.100). 
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Table 13.3 Summary of Important Characteristics of the CMOS Logic Inverter 

Inverter Output Resistance 


■ When v Q is low (current sinking): 


DSN 


= 1 


Mf) 


( ^ DD ~ Kn) 


n 


When v Q is high (current sourcing): 
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DSP 


= 1 


;©< 


v oo -1 y, p \ > 


Vf o 


1 
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DD 
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—M £ 

)—-< 

1 IP 


Qn 


O V 0 


V 


DD 

A 


DSP 



-O V 


Inverter \ I C and Noise Margins 


V M = 


r(V DD -\VJ)+V t 


I + r 


'» wtae 


K(W/L)„ 


For matched devices, that is, //„( y-j = jU p — J : 

Lj/ n n 


V M = Vnn/2 


DD 


y,L = j(3K OD + 2r,) 


v,„ = \(SV DD -2V,) 

nm h = nm l = i(3r DD + 2 r,) 


Propagation Delay (Fig. 13.22) 

Using average currents: 


htiL ~ 


a n C 


( PLH ~ 


K{W/L) n V DD 


where <X n — 2 


,, — where er„ 

kp (W/L) p V DD p 

Using equivalent resistances (Fig 13.23): 
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V x2 ' 

J_tn 

V, 
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V. I ( 
\m + 

K P 
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Ydd 

Vdl 
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f PHL = 0.69 RuC where Ru = 


12.5 


^ - (W/L)„ 


30 


kil 


tpLH = 0.69 R p C where R P = — 


(W/L) p 
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SIM 


Problems identified by this icon are intended to demon¬ 
strate the value of using SPICE simulation to verify hand 
analysis and design, and to investigate important issues such 
as gate noise margins and propagation delays. Instructions to 
assist in setting up PSpice and Multisim simulations tor all the 
indicated problems can be found in the corresponding files on 
the CD. Note that if a particular parameter value is not speci¬ 
fied in the problem statement you are to make a reasonable 
assumption. * difficult problem; ** more difficult; *** very 
challenging and/or tin e-consuming; D: design problem. 


Section 13.1: Digital Logic Inverters 

13.1 A particular logic inverter is specified to have 
V lL = 1.2 V, V m = 1.5 V, V 0L = 0.2 V, and V 0H = 2.5 V. Find 
the high and low noise margins, NM H and A A/,. 

13.2 The voltage-transfer characteristic of a particular logic 
inverter is modeled by three straight-line segments in the 
manner shown in Fig. 13.3. If V IL - 2.0 V, V m = 2.5 V, V OL - 
0.5 V, and V OH = 5 V. find: 


(a) The noise margins 

(b) The value of V M 

(c) The voltage gain in the transition region 


13.3 For a particular inverter design using a power supply 


l 


DD' 


Kl = 0.1 V DD , 


V =0 ST V 

r OH OD' 'll 


= 0.4 and V lH = 


0.6 V DD . What are the noise margins? What is the width of 


the transition region 7 For a minimum noise margin of 1 V, 
what value of V DD is required? 


13.4 A logic circuit family that used to be very popular is 
transistor-transistor logic (TTL). The TTL logic gates and 
other building blocks are available commercially in small- 
scale integrated (SSI) and medium-scale-integrated (MSI) 
packages. Such packages can be assembled on printed-cir¬ 
cuit boards to implement a digital system. The device data 
sheets provide the following specifications of the basic 1 i ! 
inverter (of the SN7400 type): 


Logic-1 input level required to ensure a logic-0 level at the 
output: MIN (minimum) 2 V 

Logic-0 input level required to ensure a logic-1 level at the 
output: MAX (maximum) 0.8 V 

Logic-1 output voltage: MIN 2.4 V, TYP (typical) 3.3 V 
Logic-0 output voltage: TYP 0.22 V. MAX 0.4 V 
Logic-0-level supply current: TYP 3 mA, MAX 5 mA 
Logic-1-level supply current: TYP 1 mA, MAX 2 mA 

Propagation delay time to logic-0 level (/ )* TYP 7 ns 

MAX 15 ns ‘ m ' 

Propagation delay time to logic-] level (/ )• TYP 1 I rn. 

MAX 22 ns ""' * 


(a) Find the worst-case values of the noise margins. 

(b) Assuming that the inverter is in the 1-state 50% of the 
time and in the 0-state 50% of the time, find the average 


static power dissipation in a typical circuit Tb 

ply is 5 V. e F°wer sup. 

(c) Assuming that the inverter drives 

C L = 45 pF and is switched at a 1-MHz rate use 

in Eq. (13.35) (o estimate the dynamic powir diaj^* 

(d) Find the propagation delay t f „ Fan0D - 


13.5 Consider an inverter implemented as 
V DD = 5 W,R= 1.8 kU R m = 200 a V IL =\ 


m % 13.7(a). u 
V, and =2 v. 


(a) hind V OL , V 0H , and NM t , 

(b) The inserter is driving N identical inverters Each of 
these load inverters, or fan-out inverters as they are usualh 
called, is specified to require an input current ofO^mA 
when the input voltage (of the fan-out inverter) is high and 
zero current when the input voltage is low. Noting that the 
input currents of the fan-out inverters will have to be sup¬ 
plied through R of the driving inverter, find the resulting 
value of V 0H and of NM H as a function of the number of fan¬ 
out inverters N. Hence find the maximum value N can have 
while the inverter is still providing an NM H value approxi¬ 
mately equal to its NM L . 


(c) Find the static power dissipation in the inverter in the 
two cases: (i) the output is low, and (ii) the output is high 
and driving the maximum fan-out found in (b). 


13.6 For a logic-circuit family employing a 3-V supph, 
suggest an ideal set of values for V Si , V lv V lfi , V or 
NM l , NM h . Also, sketch the VTC. What value of voltage 
gain in the transition region does your ideal specification 
imply? 


13.7 For a particular logic-circuit family, the basic 
technology used provides an inherent limit to the small- 
signal low-frequency voltage gain of 50 V/V. If, with a 
3.3-V supply, the values of V OI and V 0ff are ideal, but Vy - 
0.41 r oo , what are the best possible values of V IL and l' IH that 
can be expected? What are the best possible noise margins 
you could expect? If the actual noise margins are only 
7/10 ofthe.se values, what V u and V m result? What is the 
large-signal voltage gain [defined ® 
(V OH - V 0L )/{V IL - V IH )]. {Hint: Use straight-line approxi¬ 
mations for the VTC.) 


13.8 A logic-circuit family intended for use in a digital- 
signal-processing application in a newly developed hwr 
ing aid can operate down to single-cell supply voltages or 
1.2 V, If for its inverter, the output signals swing between 
0 and V DP , the “gain-of-one" points are separated by less 
than l - V DD , and the noise margins are within 30% of one 

another, what ranges of values of V IH , v 

and NM !t can you expect for the lowest possible batter 

supply? 


D13.9 Design the inverter circuit in Fig. 13.2(a) to p r 
vide V OH - 2 V, V ol = 0.1 V, and so that the curre 
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drawn from the supply in the low-output state is 20 pA. The 
transistor has V, = 0.5 V, /t„C 0X ~ 100 pA/V 2 , and 
X = 0. Specify the required values of V DD , R 0 , and WIL. 
How much power is drawn from the supply when the output 
is high? When the output is low? 

13.10 For the cunent-steering circuit in Fig. 13.9. 
V cc = 3 V, I EE = 1 mA, find the values of R a and 
R C2 to obtain a voltage swing of 1.5 V at each output. What 
are the values realized for ^OH and VoS 

D 13.11 Refer to the analysis of the resistive-load MOS 
inverter in Example 13.1 and utilize the expressions derived 
there for the various inverter parameters. Design the circuit 
to satisfy the following requirements: Voh ~ 2.5 V; 
V 0 L= 0- ! V, and the power dissipation in the low-output 
state = 125 pW. The transistor available has V t = 0.5 V. 
H n C ox = 100 pA/V 2 , and X— 0. Specify the required 
values of l DD ,/?£>, and WIL. What are the values obtained 
for V , V i Viff , NM l , and A 1 

D 13.12 Refer to the analysis of the resistive-load MOS 
inverter in Example 13.1 and utilize the expressions derived 
there for the various inverter parameters. For a technology for 
which V, = 0.2 V DD , it is required to design the inverter to 
obtain V if = V DD /2 . In terms of Vdd , what is the required 
value of the design parameter V x ? What values are obtained 
for V 0H , V OL , V lL , V lfi , NM h , and NM L , in terms of 
V DD 1 Give numerical values for the case V DD = 2.5 V. 
Now, express the power dissipated in the inverter in its low- 
output state in terms of the transistor’s WIL ratio. Let 
k' - 100 pA/V“. If the power dissipation is to be limited 
to approximately 100 pW, w hat WIL ratio is needed and what 
value of R d corresponds? 

13.13 Consider the saturated-load inverter of Fig. 13.11(a), 
analyzed in Example 13.2. From Eq. (13.20), 

1 / — ]/ — 1 / 

* OH ~ y DD v t2 

where V l2 is given by 

y,2= y,o ♦ Yi m 

For V lfl - 0.5 V, V DD = 1.8 V, y=0.3V 12 , 2$ f = 
0.8 V, use an iterative process to determine V l2 and V()H- 
By how much is V olj reduced as a result of the body effect 
on Q 2 ? 

13.14 Determining Vm of the saturated-load inverter of 
Fig. 13.11(a) requires a rather tedious process (see Example 
13.2). An approximate estimate of can be obtained by 
reference to the VTC shown in Fig. 13.11(d). Specifically, 
when the straight-line segment BC is extrapolated, it meets 
the horizontal axis at (F w + Vk r ), which is usually 
close to the value of V !H . What is the approximate value 


obtained this way for the case analyzed in Example 13.2? 
How much does it differ from the value calculated the long 
way in Example 13.2? 

D 13.15 It is required to design the saturated-load inverter 
in Fig. 13.11(a) for the case Vdd= 2,5 V, V t = 0.5 V, 
k n — 100 pA/V , and 2=0. Design for 
Vql - 0 .05 V. Utilize the expressions derived in Example 
13.2, except for V [H use the following approximate expres¬ 
sion (see Problem 13.11): 


k r m 

Neglect the body effect in Q 2 . Determine F v/ , NM L , and 
NM h for your design. Also determine (W/L) ] and 
(B L ) 2 assuming that ( W/L ) 2 = 1 /( W/L ),. What is the 
power dissipated in the inverter during its low-output state? 

13.16 An 1C inverter fabricated in a 0.25-pm CMOS pro¬ 
cess is found to have a load capacitance of 10 fF. If the 
inverter is operated from a 2,5-V power supply, find the 
energy needed to charge and discharge the load capacitance. 

If the IC chip has 1 million of these inverters operating at an 
average switching frequency of 1 GHz, what is the power 
dissipated in the chip? What is the average current drawn 
from the power supply? 

13.17 Consider a logic inverter of the type shown in Fig, 13.8. 

Let - 5 V, and let a 1 -pi capacitance be connected 
between the output node and ground. If the inverter is 
switched at the rate of 100 MHz, determine the dynamic 
power dissipation. What is the average current drawn from 
the dc power supply? 

13.18 In a particular logic family, operating with a 3.3-V 
supply, the basic inverter draws (from the supply) a current 
of 40 |iA in one state and 0 pA in the other. When the 
inverter is switched at the rate of 100 MHz, the average sup¬ 
ply current becomes 150 flA. Estimate the equivalent capac¬ 
itance at the output node of the inverter. 

13.19 A collection of logic gates for which the static-power 
dissipation is zero, and the dynamic-power dissipation is 
10 niW is operating at 50 MHz with a 5-V supply. By what 
fraction could the power dissipation be reduced 1 1 operation 
at 3.3 V were possible? If the frequency of operation is 
reduced by the same factor as the supply voltage i.e., 

3.3/5), what additional power can be saved' 7 

13.20 A logic inverter is implemented using the arrange¬ 
ment of Fig. 13.8 with switches having R m = I kD, V DD = 

5 V, and I n = V — V DD /2. 

(a) Find V ov V OH , NM L , and NM H , 

(b) If v, rises instantaneously from 0 V to +5 V and assum¬ 
ing the switches operate instantaneously—that is, at / = 0, 
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PL opens and PD closes—find an expression for v 0 (t), 
assuming that a capacitance C is connected between the out¬ 
put node and ground. Hence find the high-to-low propaga¬ 
tion delay (t PHL ) for C = 1 pF. Also find t THL (see Fig. 13.15). 
(c) Repeat (b> for v, falling instantaneously from +5 V to 
0 V. Again assume that PD opens and PU closes instanta¬ 
neously. Find an expression for v 0 {t), and hence find t rLH and 

* TLH’ 

13.21 In a particular logic family, the standard inverter, 
when loaded by a similar circuit, has a propagation delay 
specified to be 1.2 ns: 

(a) It the current available to charge a load capacitance is 
halt as large as that available to discharge the capacitance, 
what do you expect t PLH and t PHL to be? 

(b) It when an external capacitive load of 1 pF is added at 
the inverter output, its propagation delays increase by 7G%, 
what do you estimate the normal combined capacitance of 
inverter output and input to be? 

(c) If without the additional 1-pF load connected, the load 
inverter is removed and the propagation delays were 
observed to decrease by 40%, estimate the two compo¬ 
nents of the capacitance found in (b) that is, the compo¬ 
nent due to the inverter output and other associated 

parasitics, and the component due to the input of the load 
inverter. 

13.22 Consider an inverter for which t PLH , t pliL , t TLH , and 
{ thl are 20 ns, 10 ns, 30 ns, and 15 ns, respectively. The ris¬ 
ing and falling edges of the inverter output can be approxi¬ 
mated by linear ramps. Also, for simplicity, we define t TIH 
to be 0% to !(")% (rather than 10% to 90%) rise time, and 
similarly for t THL . Two such inverters are connected in tan¬ 
dem and driven by an ideal input having zero rise and fall 
times. Calculate the time taken for the output voltage 
to complete its excursion for (a) a rising input and <b) a 

falling input. What is the propagation delay for the 
inverter? 

13.23 A particular logic gate has t PLH and t PH! of 50 ns 
and 70 ns, respectively, and dissipates 1 mW with output 
low and 0.5 mW with output high. Calculate the corre¬ 
sponding delay-power product (under the assumption of 

a 50% duty-cycle signal and neglecting dynamic power 
dissipation). 

D *“13.24 We wish to investigate the design of the inverter 
shown in Fig. 13.7(a). In particular, we wish to determine 
the value for R. Selection of a suitable value for R is deter¬ 
mined by two considerations: propagation delay and 
power dissipation. 

(a) Show that if v ,changes instantaneously from high to low 
and assuming that the switch opens instantaneously, the out¬ 
put voltage obtained across a load capacitance C will be 


"i 1 




where r, = CR. Hence show that the time req uila ,, 
vj() to reach the 50% point, '( V OH + for 

*plh = 0-69 CR 


I UllVWliig 




§ +u . , i 1 assuming 

that the switch closes immediately and has the equivsW 

circuit m Fig. i 3.7(c), show that the output falls exponenJ 
according to 



where r, = C( R || R m ) = CR m for (R„<tR). Hence 
show that the time tor v 0 (t) to reach the 50% point is 

V = 0-69 CR m 

(c) Use the results of (a) and (b) to obtain the inverter prop¬ 
agation delay, defined as the average of t PLH and t m as 

( P — 0.35 CR for R tm <? R 

(d) Show that for an inverter that spends half the time in the 
0-state and half the time in the 1-state, the average static 
power dissipation is 

2 

p — 1 Y_ 22 

~ 2 R 


(e) Now that the trade-offs in selecting R should be clear, 
show that, for V DD = 5 V and C - 10 pF, to obtain a propaga¬ 
tion delay no greater than 10 ns and a power dissipation no 
greater than 10 mW, R should be in a specific range. Find 
that range and select an appropriate value for R. Then deter¬ 
mine the resulting values of /,. and P. 

D 13.25 A logic-circuit family with zero static-power 
dissipation, normally operates at V m , = 5 V. fo reduce its 
dynamic-power dissipation operation at 3.3 V is consid¬ 
ered. It is found, however, that the currents available to 
charge and discharge load capacitances also decrease. It 
current is (a) proportional to V DD or (b) proportional to 
I what reductions in maximum operating frequency do 
you expect in each case? What fractional change in delay- 
power product do you expect in each case? 


Section 13.2: The CMOS Inverter 


13.26 Consider a CMOS inverter fabricated in a 0 . 25 -pni 
CMOS process for which V DD - 2.5 V, Vm- 
-%= 0.5 V, and p„C ox = 3.5//„C M = 
addition, £> v and Q,, have L - 0.25 pm and ( W/L) n - 


(a) Find IV f) that results in V xf = Vqq/2. What is 
con area utilized by the inverter in this case? 
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(b) For the matched case in (a), find the values of V 

V 0L , V w , V iL , NM l , and NM H . ° H ’ 

(c) For the matched case in (a), find the output resistance of 
the inverter in each of its two states. 




investigate trie variation ui r ^ mm me iuuu rr / w n . 
cifically, calculate V M for (a) W p - 3.5 IF,, (the matched 
case); (b) W p - W„ (the minimum-size case); and (c 
W p - 2 W n (a compromise case). For cases (b) and (c). esti 
mate the approximate reduction in NM L and silicon are; 
relative to the matched case (a). 


13.28 For a technology in which V tn - 0.2 V DD , show 
that the maximum current that the inverter can sink 
while its low-output level does not exceed 0.1 V l)D is 
0.075 kiiW/L) n Vl p . For K DD =2.5V, Jt/ = 
] 15 pA/V 2 , find ( W/L) n that permits this maximum 
current to be 0.5 mA. 


the 

K’* 

Kn= 


SIM 


For 

and 


300 HA/V, (W/L) = 1.5, V DD = 1.8 V, 

0.5 V, find the value of the peak current. 

13.32 For a CMOS inverter fabricated in a 0.13-pm 

= ~Kp = 0.4 V, 


process with V DD = 1.2 V, 


p = 430 pA/V , and having (W/L) n = 1.5 and 
( W/L) p = 3, find t PHL , t PlH , and t p when the equiva¬ 
lent load capacitance C — l 11 IF. Use the method of average 
currents. 


D 13.33 Consider a matched CMOS inverter fabricated in 
the 0.13-pm process specified in Problem 13.32. If C = 20 
fF, use the method of average currents to determine the 
required (W/L) ratios so that t P < 20 ps . 

13.34 i r or the CMOS inverter in Exercise 13.14 use the 
method of equivalent resistance to determine t PHL , t PLH> 
and t p . 


13.29 A CMOS inverter for which k n = lOJfcp - 100 jjA/V 2 
and V f - 0,5 V is connected as shown in Fig, PI3.29 to a 
sinusoidal signal source having a Thevenin equivalent volt¬ 
age of 0.1-V peak amplitude and resistance of 100 kO. What 
signal voltage appears at node A with v, = +1.5 V? With 
v { --\.5 V? 


—i|^Zo 


v, o- 


100 kO 



AAAr 




A 



Figure P13, 


100-mV 
signal 


D 13.30 There are situations in which Q s and Q P of the 
CMOS inverter are deliberately mismatched to realize a cer¬ 
tain desired value for . Show that the value required of 
the parameter r of Eq. (13.59) is given by 



For a 0.18-pm process characterized by 

v m = -V,„= 0.5 V. K do = 1.8 V, and //„= 4 ft p , find 
the ratio W / W fl required to obtain l , w = 0.6 V DD . 


13.31 Consider the CMOS inverter of Fig. 13.17 with Q,\ 
and Qp matched and with the input v } rising slowly from 0 
to At what value of Vj does the current flowing 

through Q n and Q P reach its peak? Give an expression for 


13.35 Use the method of equivalent resistance to deter¬ 
mine the propagation delay of a minimum-size inverter, that 
is, one for which i W/L) n = ( W/L) p - 1, designed in a 
0.18-pm technology. The equivalent load capacitance C = 
10 fF. 

D 13.36 Use the method of equivalent resistance to design 
an inverter to be fabricated in a 0.18-pm technology, ft is 
required that for C = 10 fF, t pl H = t PHl> and t p < 40 ps . 

13.37 The method of average currents yields smaller val¬ 
ues for t PHL and t PLH than those obtained by the method of 
equivalent resistances. Most of this discrepancy is due to the 
fact that the formula we derived for / av does not take into 
account velocity saturation. As will be seen in Section 
13.5.2, velocity saturation reduces the current significantly. 
Using the results in Example 13.5, by what factor do you 
estimate the current reduction to he in the NMOS transistor'. 1 
Since t PLH does not change, what do you conclude about 
the effect of velocity saturation on the PMOS transistor in 
this technology? 

13.38 Find the propagation delay for minimum-size 
inverter for which k'„ ~ 3k' p = 180 pA/V and (W/L) n = 
(W/L) p - 0.75 pm/0.5 pm, V DD = 3.3 V, V m = -V tp = 
0.7 V, and the capacitance is roughly 2 fF/pm of device 
width plus 1 fF/device. What does t p become if the design is 
changed to a matched one? Use the method of average 

current. 

13.39 A matched CMOS inverter fabricated in a process for 
which C ]T = 3.7 f F/pnr, R n C m = 180 pA/V\ fl p C OT = 45 pA/V 2 , 
y in =-V fp = 0.7 V, and V DD = 3.3 V, uses W n = 0.75 pm and 
L-L = 0.5 pm. The overlap capacitance and the effective 
drain-body capacitance per micrometer ot gate width are 
0.4 fF and 1.0 fF, respectively. The wiring capacitance is 
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C - 2 fF. If the inverter is driving another identical 
inverter, find t PLH , t PHL , and t p . For how much additional 
capacitance load does the propagation delay increase by 
50%? 

D 13.40 In this problem we investigate the effect of the 
selection of the ratio W / W n on the propagation delay ol 
an inverter driving an identical inverter, as in Fig. 13.24. 


(a) Noting that except for C lk each of the capacitances in 
Eqs. (13.72) and (13.73) is proportional to the width of the 
relevant transistor, show that C can be expressed as 


C = C„(l + 




where C n is determined by the NMOS transistors. 


(b) Using the equivalent resistances R v and R p . show that 
for ( W/L) n ~ 1, 


13.43 Repeat Problem 13.39 for 
{W/L)„ = (W/L) p = 0.75 pm/0.5 p 
dynamic power dissipation when the 
250-MHz rate. 


a " inverter for m 

m .' Fi " d «, W t 

Clrcu 't« operated ai t 


13.44 In this problem we estimate the inverter powetdfei 
pation resulting from the current pulse that flows in 0 j 
Q P when the input pulse has finite rise and fall tjjf» , 
to Fig. 13.26 and let V,„= - V, p = 0.5 V, K * 'v' 

and k = k p = 450 pA/V. Let the input nsing and J 
mg edges be linear ramps with the 0-to- V DD and V 
transitions taking I ns each. Find 7^. To detente 
energy drawn from the supply per transition, assume that the 
current pulse can be approx[mated by a triangle with a base 

corresponding to the time for the rising or falling edge to go 
from V t to V DD ~ 1 1 , and the height equal to / ak . A[ so 

determine the power dissipation that results when the 
inverter is switched at 100 MHz. 


tpHL = 8.625 x 10 C 

20.7xl0V 
FLH = c 

(c) Use the results of (a) and (b) to determine t p in the case 

W p~ in terms of C n and C H . . 

(d) Use the results ot (a) and (b) to determine t p in the 
matched case: that is, when W p /W„ is selected to yield 

* phi = 1 plh • 

(e) Compare the t p values in (c) and (d) tor the two extreme 
cases: 

(i) C w = 0 

(») c w C„ 

What do you conclude about the selection of W / W 

P ft ■ 

13.41 An inverter whose equivalent load capacitance C is 
composed ot 10 fF contributed by the inverter transistors, 
and 20 fF contributed by the wiring and other external cir¬ 
cuitry, has been found to have a propagation delay of 60 ps 

By what factor must ( W/L) n and (W/L) be increased so 
as to reduce t p to 30 ps? 

13.42 A CMOS microprocessor chip containing the equiv¬ 
alent of 1 million gates operates from a 5-V supply. The 
power dissipation is found to be 9 W when the chip is oper¬ 
ating at 120 MHz, and 4.7 W when operating at 50 MHz 
What is the power lost in the chip by some clock-indepen¬ 
dent mechanism, such as leakage and other static currents? 
If 70% of the gates are assumed to be active at any time, 
what is the average gate capacitance in such a design? 


Section 13.4: CMOS Logic-Gate Circuits 

D 13 .45 Sketch a CMOS realization for the function 
Y = A + B(C + D). 

D 13.46 A CMOS logic gate is required to provide an out¬ 
put 1 - ABC + ABC +ABC. How many transistors does it 
need? Sketch a suitable PUN and PDN, obtaining each first 
independently, then one from the other using the dual¬ 
networks idea. 

D 13.47 Give two different realizations of the exclusive 
OR function ) - A B + A B in which the PDN and the PUN 
are dual networks. 

D 13.48 Sketch a CMOS logic circuit that realizes the 
function Y — AB +AB, This is called the equivalence or 
coincidence function. 

D 13.49 Sketch a CMOS logic circuit that realizes the 
function Y = ABC + ABC. 

D 13.50 It is required to design a CMOS logic circuit that 
realizes a three-input, even-parity checker. Specifically, the 
output }' is to he low when an even number (0 or 21 of the 
inputs A , B , and C are high, 

(a) Gi vc the l ioolean function F. 

(b) Sketch a PDN directly from the expression for Y. Note 
that it requires 12 transistors in addition to those in the invert¬ 
ers. 

(c) From inspection of the PDN circuit, reduce the number 

of transistors to 10. 

(d) Find the PUN as a dual of the PDN in (c), and hence the 
complete realization. 

D 13.51 Give a CMOS logic circuit that realizes the 
function of three-input, odd-parity checker, Specifical>» 


Problems 1139 


the output is to be high when an odd number (I or 3) of 
the inputs are high. Attempt a design with 10 transistors 
(not counting those in the inverters) in each of the PIN 
and the PDN. 

D 13.52 Design a CMOS full-adder circuit with inputs A, 
B. and C. and two outputs S and C 0 such that S is 1 if one or 
three inputs are 1, and C 0 is 1 if two or more inputs are 1 

D 13.53 Consider the CMOS gate shown in Fig. 13,33. 
Specify W/L ratios for all transistors in terms of the ratios 
n and p of the basic inverter, such that the worst-case t, 

— 1 *1 JL 

and t PLH of the gate are equal to those of the basic inverter 

D 13.54 Find appropriate sizes for the transistors used in 
the exclusive-OR circuit of Fig. 13.34(b). Assume that the 
basic inverter has (W/L)„ = 0.27 pm/0.18 pm and 
( W/L — 0.54 pm/0,18 pm. What is the total area, 

including that of the required inverters? 

13.55 Consider a four-input CMOS NAND gate for which 
the transient response is dominated by a fixed-size capaci¬ 
tance between the output node and ground. Compare the val¬ 
ues of t PLH and t PHL , obtained when the devices are sized as in 
Fig. 13.36, to the values obtained when all n-channel devices 
have W/L - n and all /7-channel devices have W/L - p. 

13.56 Figure PI 3.56 shows two approaches to realizing 
the OR function of six input variables. The circuit in Fig. 
PI3.56(b), though it uses additional transistors, has in fact 
less total area and lower propagation delay because it uses 
NOR gates with lower fan-in. Assuming that the transistors 
in both circuits are properly sized to provide each gate 
with a current-driving capability equal to that of the basic 
matched inverter, find the number of transistors and the 
total area of each circuit. Assume the basic inverter to have 


a ( W/L ) n ratio of 0.27 pm/0.18 pm and a ( W/L ) ratio 
of 0.54 pm/0.18 pm. ' 


Fig. 13.31 whose transistors are properly sized so that the 
current-driving capability in each direction is equal to that 
of a matched inverter. For \ V\ = 1 V and V DD = 5 V, find 
the gate threshold in the cases tor which (a) input terminal A 
is connected to ground and (b) the two input terminals are 
tied together. Neglect the body effect in Q PB . 


Section 13.5: Implications of Technology Scal¬ 
ing: Issues in Deep-Submicron Design 

13.58 A chip with a certain area designed using the 10-pm 
process ot the early 1970s contains 10,000 transistors. What 
does Moore's law predict the number of transistors to be on 
a chip of equal area fabricated using the 45-nm process of 
2009? 


13.59 C onsider the scaling from a 0.18-pm process to a 

45-nm process. j 

(a) Assuming V DD and V, are scaled by the same factor as 
the device dimensions (5 = 4), find the factor by which 
t p , the maximum operating speed, P A , power density, 
and PDF decrease (or increase)? 

(b) Repeat (a) for the situation in which Vdd and V, are 
scaled by a factor of only 2. 

13.60 For a 0.18-pm technology, F D5sat for minimum- 
length NMOS devices is measured to be 0.6 V and that for 
minimum-length PMOS devices 1.0 V. What do you esti¬ 
mate the effective values of //, and j/ r to be? Also find the 
values of E cr for both device polarities. 


n 

£ 












Figure P13.56 



(b) 
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13.61 Consider NMOS and PMOS transistors with mini¬ 
mum channel length fabricated in a 0.13-jo.m CMOS pro¬ 
cess. If the effective values of /Lt „ and fJ are 
325 cmVV • s and 200 cmVV • s, respectively, find the 
expected values of 1 r DSsit for both device polarities. 

13.62 (a) Show that for short-channel NMOS transistor, 
the ratio of the current / Z)sal obtained at v GS = V DD to the 
current obtained if velocity saturation were absent is given 
by 



(b) Find the ratio in ( a) for a transistor fabricated in a 0.13-pm 
process with L = 0.13 pm, V, = 0.4 V, K 0Ssat = 0.34 V, and 
VDD - 1-2 V. 

13.63 (a) Consider a CMOS inverter fabricated in a deep- 
submicron technology utilizing transistors with the mini¬ 
mum allowed channel length and having an equivalent load 
capacitance C. Let v } rise instantaneously to V DD and 
assume that Q p turns off and Qy turns on immediately. 
Ignoring channel-length modulation, that is, A = 0, and 

assuming Qy operates in the velocity-saturation region, 
show that 


bHL ~ 



1 b) Using the equivalent resistance of Q v s h ow 


PHL 


— o 69C ^ 

{W/L) n 


(c) If the formulas in (a) and (b) are to yield the same real, 
Ids sal lor the NMOS transistor for a 0 13 umt, k 
ogy characterized by V DD = | .2 V, V - Lu , 
M„C 0 ,= 325 (lA/\T. ' - 4V '"' 


D 13.64 (a) For a CMOS inverter fabricated in adeea suh 
m.cron technology with L, = L p = the minimum allowed 
channel length, it is required to select W /W so tk 
f phl ~ hiH- This can be achieved by making L 0 f Q 

equal to / Dsal ot Q P at |7’ CiS | = V 0D , Show that W/W 
is given by p n 



ft n 'DSsatn 

ftp ^ZJSsatp 


^ DD~ l -~ 


tn 


i v 

7 OS satn 


If _ 
y DD 


v 


tp 


y 

7 I Y DSsatp 


(b) Find the required W p /W n for a 0.13-pm technology for 
which M„/M P = 4, V DO = 1.2 V, V ln = -V t = 0.4V, 
V DSs atn = °-34 V, and |F D5satp | = 0.6 V. 


D 13.65 The current I s in the subthreshold conduction 
Eq. (13.102) is proportional to e~ v > /nV T , jf the threshold 


voltage o ! an NMOS transistor is reduced by 0.1 V, by what 
factor will the static power dissipation increase? Repeat for 
a reduction in V { by 0.2 V. What do you conclude about the 
selection ot a value of V t in process design? 


13.66 An interconnect wire with a length L, a width W, and 
a thickness T has a resistance R given by 

R = p- = 

A TW 

where p is the resistivity of the material of which the wire is 
made. The quantity p/T is called the sheet resistance and 
has the dimension of ohms, although it is usually expressed 
as ohms/square or Q/D (refer to Fig. PI3.66a). 

(a) Find the resistance of an aluminum wire that is 10 mm 
long and 0.5 pm wide, ifthe sheet resistance is specified to 
be 27 m£2/D. 

(b) If the wire capacitance to ground is 0.1 fF/gm length, 
what is the total wire capacitance? 

(c) If we can model the wire very approximately as an RC 
circuit as shown in Fig. PI3.66(b), find the delay time intro¬ 
duced by the wire, i Hint: / dday = 0.69#C.) (P.S. Only a 
small fraction of the interconnect on an IC would be this 



4 L 


R 

o tAAA - 


o- 

(b) 

Figure P13.66 
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IN THIS CHAPTER YOU WILL LEARN 

1. That by replacing the pull-up network (PUN) of a CMOS logic gate by a 
single, permanently-on PMOS transistor, considerable savings in transis¬ 
tor count and silicon area can be achieved in gates with high fan-in The 
resulting circuits are known as pseudo-NMOS. 

2. That a useful and conceptually simple form of MOS logic circuits, known 
as pass-transistor logic (PTL), utilizes MOS transistors as series switches 
in the signal path from input to output. 

3. That a very effective switch for both analog and digital applications, 
known as transmission gate, is formed by connecting an NMOS and a 
PMOS transistor in parallel. 

4. That eliminating the pull-up network and placing two complementary 
switches, operated by a clock signal, in series with the pull-down net¬ 
work of a CMOS gate, results in an interesting and useful class of circuits 
known as dynamic logic. 

5. How the BJT differential-pair configuration is used as a current switch to 
realize the fastest commercially available logic-circuit family; emitter- 
coupled logic (ECL). 

6. How the MOSFET and the BJT are combined in BiCMOS circuits in ways 
that take advantage of the best attributes of each device. 


Introduction 

Standard CMOS logic, which we studied in C hapter 13, excels in almost every performance 
category; it is easy to design, has the maximum possible voltage swing, is robust from a 
noise-immunity standpoint, dissipates no static power, and can be designed to provide equal 
high-to-low and low-to-high propagation delays. Its main disadvantage is the requirement of 
two transistors for each additional gate input, which for gates with high fan-m can make the 
chip area larue and increase the total capacitance and, correspondingly, the propagation 
delay and the dynamic power dissipation. For this reason designers of digital integrated cir 
cuits have been searching for forms of CMOS logic circuits that can be used to supplement 
standard CMOS. This chapter presents three such forms that reduce the required numberr o 
transistors but incur other costs. These toi ms are not intended to replace stan ar 
but are rather to be used in special applications for special purposes. 
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Pseudo-NMOS logic, studied in Section 14.1, replaces the pull-up network (Pir\n 
CMOS logic gate by a single permanently "on" PMOS transistor. The reduction in traj ^ 
count and silicon area comes at the expense of static power dissipation. As well the 
low level V 0L becomes dependent on the transistors' WfL ratios. 

Pass-transistor logic (PTL), studied in Section 14.2, utilizes MOS transistors as 
in the series path from input to output. Though simple and attractive for special applicate 
PTL does not restore the signal level and thus requires the occasional use of standard CMn 
inverters to avoid signal-level degradation, especially in long chains of switches 


The dynamic logic circuits studied in Section 14.3 dispense with the PUN and placet- 
complementary switches in series with the PDN. The switches are operated by a clock and 
the gate output is stored on the load capacitance. Here the reduction in transistor count is 
achieved at the expense of a more complex design that is less robust than static CMOS 
Although MOS accounts for the vast majority of digital integrated circuits, there is 
bipolar logic-circuit family that is still of some interest. This is emitter-coupled logic (ECL) 
which we study in Section 14.4. Finally, in Section 14.5 we show how the MOSFETandthe 

BJT can be combined in ways that take advantage of the best properties of each, resulting in 
what are known as BiCMOS circuits. 


14.1 Pseudo-NMOS Logic Circuits 


14.1,1 The Pseudo-NMOS Inverter 


Figure 14.1 shows a modified form of the CMOS inverter. Here, only Q s is driven by the 
input voltage while the gate ot Q p is grounded, and Q p acts as an active load for Q... Even 
before we examine the operation of this circuit in detail, an advantage over standard CMOS 
is obvious: Each input needs to be connected to the gate of only one transistor or, alterna¬ 
tively, only one additional transistor (an NMOS) will be needed for each additional gate 
input. Thus the area and delay penalties arising from increased fan-in in a standard CM( 5 
will be reduced. This is indeed the motivation for exploring this modified inverter circuit. 

The inverter circuit of Fig. 14.1(a) resembles other forms of NMOS logic that consist of a 
driver transistor ( Q N ) and a load transistor (in this case, O ). hence the name pseudo-NMOS. 










Figure (a) The pseudo-NMOS logic inverter, (b) The enhancement-load (or saturated-load) NMOS 

inverter, (e) The depletion-load NMOS inverter. 
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For comparison purposes, we shall briefly mention two older forms of NMOS logic The 

earhest form, popular m the m,d- 1970s, utilized an enhancement MOSFET for the load 

element, in a topo ogy whose basic inverter is shown in Fig. 14.1(b). We studied this inverter 

circuit in Example 13.2, where we found that it suffers from a relatively small logic swine. 

small noise margins, and high static power dissipation. For these reasons, this logic-circuit 

technology is virtually obsolete. It was replaced in the late 1970s and early 1980s with 

depletion-load NMOS circuits, in which a depletion NMOS transistor (see Section 5 9 6) 

with its gate connected to its source is used as the load element. The topologv of the basic 
depletion-load inverter is shown in Fig. 14.1(c). 

It was initially expected that the depletion NMOS with V G& = 0 would operate as a constant- 
current source and would thus provide an excellent load element. 1 However, it was quickly real¬ 
ized that the body effect in the depletion transistor causes its i—v characteristic to deviate con¬ 
siderably from that of a constant-current source. Nevertheless, depletion-load NMOS circuits 
feature significant improvements over their enhancement-load counterparts, enough to justify 
the extra processing step required to fabricate the depletion devices (namely, ion-implanting the 
channel). Although depletion-load NMOS has been virtually replaced by CMOS, one can still 
see some depletion-load circuits in specialized applications. We will not study depletion-load 
NMOS logic here (the interested reader can refer to the CD or the website of this book). 

The pseudo-NMOS inverter that we are about to study is similar to depletion-load 
NMOS, but with rather improved characteristics. It also has the advantage of being directly 
compatible with standard CMOS circuits. 


14,1,2 Static Characteristics 

The static characteristics of the pseudo-NMOS inverter can be derived in a manner similar 
to that used for standard • MOS. Toward that end, we note that the drain currents of Q s and 
Q p are given by 

i DN - \KiVi~ K) 2 > for i) 0 >Vj- V t (saturation) (14.1) 

fojv = k n [(vj- ^t) v o “ 2 v o]> for Vq < Vj — V, (triode) (14.2) 

i DP = \k p { V DD - V t )\ for < V, (saturation) (14.3) 

hp = k p [{V DD -V t )(V DD -v 0 )-\{V DD -v 0 )\ for v 0 > V, (triode) (14.4) 

where we have assumed that V /n = — V tp = V,, and have used k n = k n (W/L )„ and k p - 
k£(W/L) p to simplify matters. 

To obtain the voltage-transfer characteristic ot the inverter, we superimpose the load 
curve represented by Eqs. (14.3) and (14.4) on the characteristics of Q N , which can be 
relabeled as and drawn for various values ot v GS = v } , Such a graphical construction is 

shown in Fig. 14.2, where, to keep the diagram simple, we show' the Q N curves for mi > the 
two extreme values of v,, namely, 0 and L DD . Two observations follow. 


constant-current load provides a capacitor-charging current that does not diminish as . v 0 rises toward 

D , as is the case with a resistive load. Thus the value ot i PLH °^ tai /' e * nfrnuRe a resistive 
mficantly lower than that obtained with a resistive load (see ro em . • ’ . 

id, such as in the circuit studied in Example 13.1, is simply out of the question because of the very 
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Figure 14.2 Graphical construction to determine the VTC of the inverter in Fig. 14.1(a). 


1. The load curve represents a much lower saturation current (Eq. 14.3) than is repre¬ 
sented by the corresponding curve for g v , namely, that for v t = V m . This is a result of 
the tact that the pseudo-NMOS inverter is usually designed so that k n is greater than it 
by a factor of 4 to 10. As we will show shortly, this inverter is of the so-called ratioed 
type,' and the ratio r = k,/k p determines all the breakpoints of the VTC. that is. V 0L , 

y*> ^ ih' an< ^ so on, and thus determines the noise margins. Selection of a relatively 
high value tor r reduces V 0l and widens the noise margins. 

2. Although one tends to think of Q p as acting as a constant-current source, it actually 
operates in saturation for only a small range namely, v 0 < V ,. For the remain¬ 
der of the v 0 range, Q p operates in the triode region. 

Consider first the two extreme cases of v f : When v t - 0, £) v is cut off and Q p is operating in 
the triode region, though with zero current and zero drain—source voltage. Thus the operating 
point is that labeled A in Fig. 14.2, where v Q = V OH = V DD , the static current is zero, and the 
static power dissipation is zero. Wheni’,= V DD> the inverter will operate at the point labeled E 
in Fig. 14.2. Observe that unlike standard C MOS, here V OL is not zero, an obvious disad¬ 
vantage. Another disadvantage is that the gate conducts current (/,, 1 in the low-output 
state, and thus there will be static power dissipation ( P D = / J x V DD ). 


14.1.3 Derivation of the VTC 


Figure 14,3 shows the VTC ot the pseudo-NMOS inverter. As indicated, it has four distinct 
regions, labeled I through IV, corresponding to the different combinations of possible modes 
of operation of Q K and Q p . The four regions, the corresponding transistor modes of opera¬ 
tion, and the conditions that define the regions are listed in Table 14.1. We shall utilize the 
information in this table togethei with the device equations given in Eqs. (14.1 ) through 
(14.4) to derive expressions for the various segments of the VTC and in particular for the 
important parameters that characterize the static operation of the inverter. 


or int uaiMvv 


«jt 

or the NMOS inverters such as that studied in Example 13.2, V n , depends on the ratio — 

lh “ C r J* Ce f arametCrS ° fthe devices ’ that is ’ on th e ratio (k'(W/L )) driver /((k'(W/L ))| oad - Such circu ’ ts n a . v 
therefore known as rattoed logic circuits. Standard CMOS logic circuits do not have such a depends . 
and can therefore be called ratioless. 
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v,(V) 


p- - - 

Table 14.1 

Regions of Operation 

of the Pseudo-NMOS Inverter 



Region 

Segment of VTC 

Qh 

Qp 

Condition 


ri 

AB 

C utofT 

Triode 

V, < V, 


u 

BC 

Saturation 

Triode 

Vq > Vj - V t 


in 

CD 

Triode 

Triode 

V,<v 0 <v,-V, 


tv 

DE 

Triode 

Saturation 

Vq< V, 
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■ Region I (segment AB): 



o 

o 



■ Region II (segment BC): 

Equating i m from Eq. (14.1) and i DP from Eq. (14.4) together with substitut 
k„ = rk ..and with some manipulations, we obtain - 







The value of V IL can be obtained by differentiating this equation and substituting 

dv 0 /dv } - -1 and v, = V JL : * 


y,L = y,+ v ' 

Jr(r+ 1) 

The threshold voltage V M is by definition the value of v, for which v 0 = 


(14.7) 


I';, 



Finally, the end of the region II segment (point C) can be found by substituting v 0 =vV 
in Eq. (14.6), the condition for Q N leaving saturation and entering the triode region 

■ Region III (segment CD) 

This is a short segment that is not ot great interest. Point D is characterized byv (J = V r 


■ Region IV (segment DE) 

Equating i m from Eq. (14.2) to i DP from Eq, (14.3 > and substituting k n = rk p results in 



The value of V fH can be determined by differentiating this equation and setting 
dv 0 / dvi = -1 and Vj - V, jh 


o 

o 

o 


v,h = v,+~(v DD -v t ) 

*/3r 

The value of V 0L can be found by substituting v, = V DD into Eq. (14.9), 


(14.10) 


^ol ~~ ( y&D — yt) 



i - /i - - 

r J 


(14.11) 


The static current conducted by the inverter in the low-output state is found from Eq. (14.3) 


as 


Aslat ~ J'DZ) — yt ) 


(14.12) 


Finally, we can use Eqs. (14.7) and (14.11) to determine NM, and Eqs. (14.5) and (14.10) 


to 


determine NM H : 



o 


(14.14) 
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as a imai uuscivimuu, we note tnat since V anH if , Pfl i.., ,, 

. , . • , r ,, dd and [, are determined by the process technology 

the only design parameter tor control ine the valnp C n fr/ n j*l . F . ugy 

ullin L inL value s ot V and the noise margins s the ratio r 


14.1.4 Dynamic Operation 

Analysis of the inverter transient response to determine with the inverter loaded by a 
capacitance C is identical to that of the complementary CMOS inverter. The capacitance will 
be charged by the current we can determine an estimate for by using the average value 
of i DP over the range v„ = 0 to v a = V DD /2. The result is: 

tpw = < 1415 ) O 

where 



(14.16) 


The case for the capacitor dischaige is somewhat different because the current i jir has to be 
subtracted from i DN to determine the discharge current. The result is 


tpHL ~ Tr (14.17) 

K l DD 


o 

o 


where 



which, for a large value of r, reduces to 



(14.18) O 



(14.19) 


Although these are similar formulas to those for the standard CMOS inverter, the pseudo- 
NMOS inverter has a special problem: Since k p is r times smaller than A„, t PlH will be approx¬ 
imately r times larger than t PHL . Thus the circuit exhibits an asymmetrical delay perfor¬ 
mance. Recall, however, that for gates with large fan-in, pseudo-NMOS requires fewer 
transistors and thus C can be smaller than in the corresponding standard ( MOS gate. 


14.1.5 Design 

The design involves selecting the ratio r and the IV/L for one of the transistors. The value ot 
W/L for the other device can then be obtained using v. The design parameters of interest 
are V 0Lt NM L , NM, P / sllll , P D , t PLH , and t pm Important design considerations are as follows: 

1. The ratio r determines all the breakpoints of the VTC; the larger the value of r, the 
lower V ol is (Eq. 14. II) and the wider the noise margins are (Eqs. 14.13 and 14.14). 
However, a larger r increases the asymmetry in the dynamic response and, for a given 
{WIL) , makes the silicon area larger. Thus, selecting a value for r represents a com¬ 
promise between noise margins on the one hand and silicon area and t p on the other. 

Usually, r is selected in the range 4 to 10. 
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Once r has been determined, a value for ( W!L) p or ( W!L\ can be selected 
other determined. Here, one would select a small ( W(L\ to keep the gate 6 
and thus obtain a small value for C. Similarly, a small {WIL) keeps7laftjfflHI 
On the other hand, one would want to select larger WIL ratios to obtain kw ^ 
thus fast response. For usual (high-speed) applications, ( WIL) is selected so th ^ 
is in the range of 50 pA to 100 pA, which for V DD = 1.8 V results in P in 1 ^ 
of 90 pW to 180 pW. 0 heran S e 


14.1.6 Gate Circuits 

Except for the load device, the pseudo-NMOS gate circuit is identical to the PDN of the 
plementary CMOS gate. Four-input, pseudo-NMOS NOR and NAND gates are shown! 
Fig. 14.4. Note that each requires five transistors compared to the eight used in standard 
( Mi )S. In pseudo-NM< )S, NOR gates are preferred over NAND gates because the former do 
not utilize transistors in series and thus can be designed with minimum-size NMOS devices 


V 


DD 


A O 


Qna 


Vdd 

i 





Qp 


-O ) 


B o 


Qnb 


C o 


'U 

Qnc 


D o■ 


Qnd 


Qp 


A o 


Qna 


■o )’ 


Bo - 1 


QnB 


CO —l|ZZ C?wc 

L> ° 11 J Qnd 


>= A + B + C + D 

(a) 


Figure 14.4 NOR and NAND gates of the pseudo-NMOS type 


Y = A BCD 
(b) 


14.1.7 Concluding Remarks 

Pseudo-NMOS is particularly suited for applications in which the output remains high most of 
the time. In such applications, the static power dissipation can be reasonably low (since the 
gate dissipates static power only in the low-output state). Further, the output transitions that 
matter would presumably be high-to-low ones, where the propagation delay can be made as 
s ort as necessary. A particular application of this type can be found in the design ot address 
eco ers for memory chips (Section 15.4) and in read-only memories (Section 15,5). 
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yyj. 






( a ) C OH , V 0L , V lLt V /H , V w NM h , and 

(b) {W!L\ 

(c) I sm and P D 

(d) t PLH , t PHL , and t p , assuming a total capacitance at the inverter output of 7 fF 


Solution 


(*0 ^OH ~ ^DD ~ 2.5 V 

V OL is determined from Eq. (14.11) as 


Vql = (2.5 -0.5) 



= 0.11 V 


V !L is determined from Eq. (14.7) as 


i/ _ ft c i 2.5 — 0.5 „ ,, 

Vfi - 0.5 H r — 0.71 V 


79(9 +I) 


V !H is determined from Eq. (14.10) as 


~ 0.5 + x (2.5 - 0.5) = 1.27 V 
V3 x 9 


V M is determined from Eq. 1 14.8) as 


V M = 0.5 + 2,5 °: 5 = 1.13 V 

79 + 1 

The noise margins can now be determined as 

NM h = V 0H - V lH = 2.5- 1.27 = 1.23 V 
NM l = V IL - V 0L = 0.71 - 0.11 = 0.60 V 

Observe that the noise margins are not equal and that NM L is rather low. 
(b) The W/L ratio of Q p can be found from 


fi„C 0X {W/L)„ 

MpC 0X (W/L) p 


115 x 


0.375 

0.25 


30 (W/L) 


= 9 


Thus, 


( W/L ) p = 0.64 
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Example 14.1 continued 

(c) The dc current in the low-output state can he determined from Eq. (14.12) as 

/ SIat = \ x 30x0.64(2,5 -0.5) = 38.4 pA 

Z 

The static power dissipation can now be found from 

PD — Atat 'DD 

= 38.4 x 2.5 = 96 pW 

(d) The low-to-high propagation delay can be found by using Eqs. (14.15) and (14.16): 



{ PLH 


1.68 

1.68 x 7x 1Q~ 15 
30 x 10‘ 6 x 0.64x2.5 


0.25 ns 


The high-to-low propagation delay can be found by using Eqs. (14.17) and (14.18): 



1.54 


f PHL 


1.54 x 7 x 10 


15 


_ a -6 0.375 - c 

115x0 x —— x 2.5 

0.25 


0.03 ns 


Now, the propagation delay can be determined as 

t P = 1(0.25 + 0.03) = 0.14 ns 

Although the propagation delay is considerably greater than that of a standard CMOS inverter, 
this is not an entirely fair comparison: Recall that the advantage of pseudo-NMOS occurs in gates 
with large fan-in, not in a single inverter. 



14.1 While keeping r unchanged, redesign the inverter circuit of Example 14.1 to lower its static power 
dissipation to half the value found. Find the W/L ratios for the new design. Also find t PLH , t PfiL , and 

assuming that C remains unchanged. Would the noise margins change? 

Ans. ( W/L )„ = 1.5; ( W/L ) p = 0.32; 0.5 ns; 0.03 ns; 0.27 ns; no 

14.2 Redesign the inverter of Example 14.1 using r = 4. Find V 0L and the noise margins. If ( W/L )„ = 
0.375 pm/0.25 pm, find ( W/L ) p , 7 stat , P D , t PUh t PHl , and t p . Assume C= 7 fF. 

Ans * v ol = °- 27 v ; NM l = 0.68 V; NM„ = 0.85 V; ( W/L ) = 1.44; / tj( = 86.3 pA; P D = 0.22 mW; 

jP ' ^ 


t 


PLH 


OL 

= 0.11 ns: i 


PHI 


= 0.03 ns; t p = 0.07 ns 



14.2 Pass-Transistor Logic Circuits 

A conceptually simple approach for implementing logic functions utilizes series and pat ^ 
combinations of switches that are controlled by input logic variables to connect the i P 
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the output node (with an implied load to ground) realize me 
connected in parallel, the function realized is Y = A(B + C) 


luc amnion r 


xu) w nen ine two switches 



Figure 14.6 Two possible ■■ iplementations of a voltage-controlled switch connecting nodes A and Y - . (a) 
single NMOS transistor and (b) CMOS transmission gate. 


and output nodes (see Fig. 14.5). Each of the switches can be implemented either by a sin¬ 
gle NMOS transistor (Fig. 14.6) or by a pair of complementary' MOS transistors connected 
in what is known as the CMOS transmission-gate configuration (Lig. 14.6b 1 lie result is a 
simple form of logic circuit that is particularly suited for some special logic functions and is 
frequently used in conjunction with standard CMOS logic to implement such functions effi¬ 
ciently: that is, with a lower total number of transistors than is possible with CMOS alone. 

because this form of logic utilizes MOS transistors in the series path from input to out¬ 
put, to pass or block signal transmission, it is known as pass-transistor logic (PTL). As 
mentioned earlier, CMOS transmission gates are frequently employed to implement the 
switches, giving this logic-circuit form the alternative name, transmission-gate logic. The 
terms are used interchangeably independent of the actual implementation of the switches. 

Though conceptually simple, pass-transistor logic circuits have to be designed with care. 
In the following, we shall study the basic principles of PTL circuit design and present exam¬ 
ples of its application. 


14.2,1 An Essential Design Requirement 

An essential requirement in the design of PTL circuits is ensuring that every circuit node has 
ot all times a low-resistance path either to \ DD or to ground. To appreciate this point. 
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(a) (b) 


Figure 14,7 A basic design requirement of PTL circuits is that every node have, at all times, a low- 
resistance path to either ground or V DD . Such a path does not exist in (a) when B is low and S t is open. It is 
provided in (b) through switch S 2 . 

consider the situation depicted in i ig. 14.7(a): A switch S ] (usually part of a larger PTL net¬ 
work, not shown) is used to form the AND function of its controlling variable B and the 
variable A available at the output of a CMOS inverter. The output Y of the PTL circuit is 
shown connected to the input ot another inverter. Now, if 5 is high, S closes and Y-A, 
Node Y will then be connected either to V DD (if A is high) through Q , or to ground (if A is 
low) through Q v But what happens when B goes low and opens? Node Twill now 
become a high-impedance node. If initially v r was zero, it will remain so. I lowever, if ini¬ 
tially v r was high at V DD , this voltage will be maintained by the charge on the parasitic 
capacitance C, and Twill not be a logic 0 as required of the AND function. 

The problem can be easily solved by establishing for node Y a low-resistance path that is 
activated when B goes low, as shown in Fig. 14.7(b). Here, another switch, S 2 , controlled 
by B , is connected between Y and ground. When B goes low, S 2 closes and establishes a 
low-resistance path between ) and ground. The voltage v y will then be 0 volts, the proper 
output of the AND function when B is zero. 


14,2.2 Operation with NMOS Transistors as Switches 

I mplementing the switches in a PTL circuit with single NMOS transistors results in a simple 
circuit with small area and small node capacitances. These advantages, however, arc 
obtained at the expense oi serious shortcomings in both the static characteristics and the 
dynamic performance of the resulting circuits. To illustrate, consider the circuit shown m 
I ig. 14.8, where an NMOS transistor Q is used to implement a switch connecting an input 
node v\ ith voltage v t and an output node. The total capacitance between the output node and 
ground is represented by capacitor C. The switch is shown in the closed state with the 
control signal applied to its gate being high at V DD . We wish to analyze the operation o 
the circuit as the input voltage v, goes high (to V DO ) at time / = 0. We assume that initially the 
output voltage v 0 is zero and capacitor C is fully discharged. 1 


Although the MOS transistoi is symmetric and its drain and source are interchangeable, it is a j j, 
useful to know which terminal is functioning as the source and which as the drain. The termina 
the higher voltage in an NMOS transistor is the drain. The opposite is true for the PMOS transistor. 
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analysis is for the case with the switch closed <p c is high) and the input ^ng high (u, J^y 


When v, goes high, the transistor 
i D to charge the capacitor. 


operates in the saturation mode and delivers a current 


- \K{Vdd~v 0 - KT (14.20) 

where k„ - k n (ft /L ), and V t is determined by the body effect since the source is at a voltage 

v 0 relative to the body (which, though not shown, is connected to ground); thus (see Eq. 
5. 107), 


K ~ Ko + Y ( Jv 0 + 2(/> f - J20 f ) (14.21) 

Thus, initially (at / = 0), V ( — V tQ and the current i D is relatively large. However, as C charges 
up and v Q rises, V t increases (Eq. 14.21) and i D decreases. The latter effect is due to both the 
increase in v 0 and in V r It follows that the process of charging the capacitor will be re latively 
slow. More seriously, observe from Eq. (14.20) that i D reduces to zero when v 0 reaches (V DD - 
K)’ Thus the high output voltage ( V 0H ) will not be equal to V DD ; rather, it will be lower by V t , 
and to make matters worse, the value of V t can be as high as 1.5 to 2 times K r0 ! 

In addition to reducing the gate noise immunity, the low value of V OH (commonly 
referred to as a “poor 1”) has another detrimental effect: Consider what happens when the 
output node is connected to the input of a standard CMOS inverter (as was the case in 
Fig. 14.7). The low value of V 0H can cause Q p of the load inverter to conduct. Thus the 
inverter will have a finite static current and static power dissipation. 

The propagation delay t PLH of the PTL gate of Fig. 14.8 can be determined as the time for 
v 0 to reach ^dd /2. This can be calculated using techniques similar to those employed in the 
analysis of the CMOS inverter in Section 13.3. as will be illustrated shortly in an example. 

Figure 14 9 shows the NMOS switch circuit when v t is brought down to 0 V We assume 
that initially v Q = V DD , Thus at t = 0+, the transistor conducts and operates in the saturation 
region, 


i D = \K(Vd D - V ,) 2 (14.22) 

where we note that since the source is now at 1 > V (note that the drain and source have inter¬ 
changed roles), there w ill be no body effect, and V t remains constant at V , 0 . As C discharges, 
Vq decreases and the transistor enters the triode region at v 0 = V DD - V r Nevertheless, the 
capacitor discharge continues until C is fully discharged and v 0 — 0. Thus, the NMOS tran¬ 
sistor provides V ol — 0, or a "good 0. Again, the propagation delay t PHL can be determined 

using usual techniques, as illustrated by the following example. 
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V C ~ VDD 

i 



Figure 14.9 Operation of the NMOS switch as the input goes low (r, = 0 V). Note that the drain of an 
NMOS transistor is always higher in voltage than the source; correspondingly, the drain and source terminals 
interchange roles in comparison to the circuit in Fig. 14,8. 


Example 14.2 





Consider the NMOS transistor switch in the circuits of Figs. 14.8 and 14.9 to be fabricated in a technol¬ 
ogy for which nJZ m = 50 pA/V 2 , nf m = 20 pA/V 2 , \V l0 \ = IV, y = 0.5 V u \ 2 <j> f - 0.6 V, and 
V DD - 5 V, where <p f is a physical parameter. Let the transistor be of the minimum size for this technolog}', 
namely, 4 pm/2 pm, and assume that the total capacitance between the output node and ground is 
C= 501F. 


(a) For the case with v, high (Fig. 14.8), find V 0H , 

(b) If the output feeds a CMOS inverter whose (W/L ) p = 2.5 ( W/L ) w - 10 pm/2 pm, find the static 
current of the inverter and its power dissipation when its input is at the value found in (a). Also find the 
inverter output voltage. 

(c) Find t PLH . 

(d) For the case with v, going low (Fig. 14.9), find t PHL . 

(e) Find t p . 

Solution 

(a) Refer to Fig. 14.8. If V OH is the value of v Q at which Q stops conducting. 


then. 



Vqh = V DD ~ V, 

where V t is the value of the threshold voltage at a source-body reverse bias equal to V 0H . Using 
Eq. (14.21), we have 


v > = Ko + r ( Jy„h + 2 « v - -fit/) 

= v ,o + y ( Jiff) 

Substituting 1, y — 0.5, t* DD — 5, and 1tp i = 0.6, we obtain a quadratic equation in Y r whose solution yields 


Thus, 


V, = 1.6 V 


You = 3.4 V 
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Note that this represents a significant loss in signal amplitude. 

(b) The load inverter will have an input signal of t 4 V Th„< iu n •>, 

v gua or v. 1 nus, its Q p will conduct a current of 

i D p ~ ^ x 2° x -y(5 _ 3.4 - 1 ) 2 = 18 pA 
where we have assumed O to he mpratinr, • .. 

close to 0. Thus, the static power dissipation of the W mVerter ‘° be 

= VddIdp = 5 x 18 = 90 pVV 

1^^! VOltege 0f in ! e ? er ean be found b y notj ng that Q n will be operating in the triode region. 



its current to that of Q p (i.e., 18 pA) enables us to determine the output voltage to be 0.08 V. 

(c) To determine t PLHi refer to Fig 14.8. We need to find the current i D at t = 0 (where v . = 0, V = V = 
1 V) and at t - t PLH (where v 0 = 2.5 V, V t to be determined), as follows: ' ° 

'd(O) = 50 x ^ x (5 - 1 ) 2 = 800 pA 

V, (at v 0 = 2.5 V) = 1 + 0.5(72.5 + 0.6 - Jo. 6) = 1.49 V 
*d(^plh) - ^ x50x—(5 — 2.5 — 1.49) = 50 pA 
We can now compute the average discharge current as 


D 


800 + 50 


av 


= 425 (iA 


and t nt „ can be found as 


PLH 


t 




PLH 


! 


D 


av 


50 x 10~ 15 x 2.5 

425 x 10‘ 6 


= 0.29 ns 


(d) Refer to the circuit in Fig. 14.9. Observe that, here, V f remains constant at V rn =1 V. At (- 0, Q will 
be operating in saturation, and the drain current will be 

i„(0) = tx50x^(5- l) J = 800 M A 

At t - t PHL , Q will be operating in the triode region, and thus 




PUL 


) = 50 x- 


(5 - 1) x 2.5 -1 x 2.5' 


1 

jL 


= 690 pA 

I'hus, the average dischatge current is given by 


D 


= 1(800 + 690) 

av 2 


= 740 pA 


and t PHL can be determined as 


t 


50 x 10" 15 x 2.5 


PHL 


740 x 10 


-6 


- = 0.17 ns 


(c) t P - -( tp LH +tp Hi 


) = t(0.29 + 0.17) = 0.23 ns 
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.3 Let the NMOS transistor switch in Fig. 14.8 be fabricated in a 0.18-|im CMOS process for whi h 
V t0 = 0.5 V, y = 0.3 V 12 , 2$ f = 0.85 V, and V DD = 1.8 V. Find V OH . 


. 1.15 V 



14.2.3 Restoring the Value of V OH to V DD 

Example 14.2 illustrates clearly the problem of signal-level loss and its deleterious effect on 
the operation of the succeeding CMOS inverter. Some rather ingenious techniques have 
been dev eloped to restore the output level to V DD . We shall briefly discuss two such tech¬ 
niques. One is circuit-based and the other is based on process technology. 

The circuit-based approach is illustrated in Fig. 14.10, Here, is a pass-transistor con¬ 
trolled by input B. The output node of the PTL network is connected to the input of a standard 
CMOS inverter formed by Q x and Q p . A PMOS transistor Q R< , whose gate is controlled by the 
output voltage of the inverter, v has been added to the circuit. Observe that in the event that 
the output of the PTL gate, v Qi , is low (at ground). i> lC will be high (at V DD ), and Q R will be off. 
On the other hand, if v 0] is high but not quite equal to V DD% the output of the inverter will be low 
(as it should be) and Q R will turn on, supplying a current to charge C up to V DD . This process will 
stop when v m = V DD , that is, when the output voltage has been restored to its proper level. The 
“level-restoring” function performed by Q R is frequently employed in MOS digital-circuit 
design. It should be noted that although the description of operation is relatively straight for¬ 
ward, the addition of Q R closes a “positive-feedback” loop around the CMOS inverter, and thus 
operation is more involved than it appears, especially during transients. Selection of a W/L 
ratio for Q R is also a somewhat involved process, although normally k r is selected to be much 
low^er than k n (say a third or a fifth as large). Intuitively, this is appealing, for it implies that Q k 
will not play a major role in circuit operation, apart from restoring the level of V 0H to V DD , as 
explained above. Transistor 0 R is said to be a “weak PMOS transistor.” See Problem 4.17, 

The other technique for correcting for the loss of the high-output signal level < V 0H ) is a tech¬ 
nology-based solution. Specifically, recall that the loss in the value of V 0H is equal to V t „. It fol¬ 
lows that we can reduce the loss by using a lower value of V tn for the NMOS switches, and we 
can eliminate the loss altogether by using devices for which V (n — 0. These zero-threshold 
devices ca;n be tabi icated by using ion implantation to control the value oi V tn and are known as 


^dd 

i 



Figure 14.10 The use of transistor £?r ^ 
nected in a feedback loop around the 
inverter, to restore the V 0H level, produce > 
to V 

LU r DD * 
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natural devices. The problem of low-threshold devices however 
conduction (Section 13.5.3) and the corresponding increase in static 


is the increased subthreshold 
power dissipation. 


Great improvements in static and dynamic performance are obtained when the switches are 

gate utilizes a pair of comple- 

mentary transistors connected m parallel. It acts as an excellent switch, providing bidirectional 

current flow, and ,t exhibits an “on” resistance that remains almost constant for wide ranges of 

input voltage. These characteristics make Ihe transmission gate not only an excellent switch in 

digital applications but also an excellent analog switch in such applications as data converters 
and switched-capacitor filters (Chapter 16). 

Before we analyze the transmission gate circuit, it is useful to reflect on its origin Recall 
that an NMOS transistor transmits the 0-V level to the output perfectly and thus produces a 
“good 0. It has difficulty, however, in passing the V DD level, with the result that 

V oh = v dd ~ v i ( a “Poor 1”). It can be shown (see Problem 14.18) that a PMOS transistor 
does exactly the opposite; that is, it passes the V DD level perfectly and thus produces a 
“good 1 but has trouble passing the i '-V level, thus producing a “poor 0.” It is natural there¬ 
fore to think that placing an NMOS and a PMOS transistor in parallel would produce good 
results in both the 0 and 1 cases. 


Another w ay to describe the performance of the two transistor types is that the NMOS is 
good at pulling the output down to 0 V, while the PMOS is good at pulling the output up to 
V DD . Interestingly, these are also the roles they play in the standard CMOS inverter. 

Figure 14.11 shows the transmission gate together with its frequently used circuit sym¬ 
bol. The transmission gate is a bilateral switch that results in v y = v x when v c is high 
( V DD )• In terms of logic variables, its function is described by 


Y = X if C = I 


Figure 14.12(a) show's the transmission-gate switch in the “on” position with the input, 
Vj, rising to V DD at / = 0. Assuming, as before, that initially the output voltage is zero, we see 
that Q n will be operating in saturation and providing a charging current of 


! dn — 



(14.23) 



Figure 14.11 The CMOS transmission gate and its circuit symbol. 
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v c ~ Vdd 




Figure 14.12 Operation ot the transmission gate as a switch in PTL circuits with (a) v t high and (b)ir low. 


\\ here, as in the case of the single NM( S switch, V ln is determined by the body effect 


(14.24) 


o 


= V 


DD 


y 

f tn' 



Kn ^irO yi J l> 0 "I" ^ 0f~ a/2 (pf) 

Transistor Q N will conduct a diminishing current that reduces to zero at v u 
Observe, however, that Q p operates with V sc - V DD and is initially in saturation, 

*DP ~ 2 ^DD ~ | Kpl ) 

where, since the body ot Q p is connected to V DDi V /pl remains constant at the value 
assumed to be the same value as for the ^-channel device. The total capacitor-charging cur¬ 
rent is the sum of i DN and i Dp . Now, Q p will enter the triode region at v 0 - \ V tp \, blit will con¬ 
tinue to conduct until C is fully charged and v Q = V OH = V DD . Thus, the /^-channel device will 
provide the gate with a “good 1” The value of t PLH can be calculated using usual techniques, 
where we expect that as a result of the additional current available from the PMOS device, 
for the same value of C, t PiH will be lower than in the case of the single NMOS switch. Note. 

however, that adding the PMOS transistor increases the value of C 

When v { goes low, as shown in Fig. 14.12(b), Q y and Q p interchange roles. Analysts of 

the circuit in Fig. 14. ] 2(b) will indicate that Q p will cease conduction when I s ^ IM’ 
where V, p \ is given by 


V 'P = ^o+riy^-t/o + 2^-720, 


( 14 . 
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Transistor Q m however, continues 
a “good 0.” 


to conduct until C is fully discharged and v () = V 0L = 0 V. 


• , 6UIVJ rar superior performance both static 

dynamic, than is possib e with single NMt -r, • , ’ 0 in STat c and 

. • . "& 1C switches. The price na d s increased rirrnit 

complexity, area, and capac tance 1 increased circuit 



14 ' 4 wWchT™-5o1 1 ®Vv”'7' S ' ', 4 „ ,2(a) a " d ' 4 ' 2<b) 15 fabnCateda ™0 S process technology for 

A! ’ V » = IM- Co = I v, y = 0.5 V« 2tp f - 0.6 V and 

( °u//t \ - a n 3nd be ° the m,mmum size P°ssible with this process technology, ( W/L ) = 
l % L ' 7 4 ,^ " Mm ' 11,6,0ta ' ca P acitance 31 output node is 70 fF. Utilize as many of the restdts 

of Example 14.2 as you need. 

(a) What are the values of V 0H and V 0l ? 

(b) For the situation in Fig. 14.12(a), find W 0), i^O), gtj, i Dp ( lpLH ), and t PLH . 

(c) For the situation depicted in Fig. 14.12(b). find W 0). W 0), i„^ PHl ), iJf PHL ), 
value of v Q will Q p turn off? 

(d) Find t p 

Ans, (a) 5 V, 0 V;. b) 800 |lA, 320 pA, 50 |lA, 275 pA, 0.24 ns; (c) 800 pA, 320 pA, 688 uA, 20 uA 
0.19 ns, 1.6 V; (d) 0.22 ns 


tpHv At what 



Equivalent Resistance of the Transmission Gate Although the transmission gate is 
capable of passing the full 1 and 0 levels to the load capacitance, it is not a perfect swutch. In 
particular, the transmission gate has a finite “on’ resistance. It is useful for us to obtain an 
estimate for this resistance. It can, for instance, be used together with the load capacitance as 
an alternative means to determining propagation delay. This approach is particularly useful 
in situations involving a network of inverters and transmission gates, as we shall shortly see. 

I o obtain an estimate of the resistance of the transmission gate, we shall consider the sit¬ 
uation in Fig. 14.12(a), where the transmission gate is on and is passing a high input ( Vdd) 
to the capacitor load. Transistor Q N operates in saturation until the output voltage v 0 
reaches { V DD - V ln ), at which time Q s turns off; thus, 

i D N = \ k n( V DD- V in~ V oY f ° r V 0^ V DD~ V ,n ( 14 * 27 ) 

i DN = 0 for > V DD - V tn (14.28) 


A gross estimate for the equivalent resistance of can be obtained by dividing the volt¬ 
age across it, ( V DD -v 0 ), by i DN> and neglecting the body effect, that is, assuming V,„ 

remains constant; thus, 

R Ncq = --_ for Vo<V DD -V, p (14.29) O 

4^'nl ^DD “ ^fn - I 'o) 

£ 

and 


/? ; y C q = 00 t° r Vq'ZV dd - V tn 


(14.30) O 
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o 

o 


Transistor Q P will operate in saturation until v 0 = 
region; thus. 



after which it enters the triode 


'dp = for \v 


1 DP ~ V 


( ^DD ~ | “ t '£?) — ( ^DD “ T 'o) 


for v 0 > V. 


>p\ 


A gross estimate for the resistance of Q P can be obtained by dividing the 
( Vdd ~ v o)> by i DP ; thus, 



< I4.3|) 

(14.32) 


e across it, 



for 


v o — 


V 


>p 


(14.33) 



for v Q > V 


tp 


(14.34) 


Finally, the equivalent resistance R TC of the transmission gate can be obtained as the paral¬ 
lel equivalent of R Neq and R p 


O ^TG ~ ^JVeq II ^Peq (14.35) 

Obviously, R TG is a function ot the output voltage v Q . As an example, we show in 
Fig. 14,13 a plot for R TG tor the transmission gate analyzed in Exercise 14.4. Observe that 
Rj-q remains relatively constant over the full range of v 0 . The average value of R TG over 
the range v 0 = 0 to V DD /1 can be used to determine t PLH , as illustrated in Exercise 14.5. 



For the transmission gate analyzed in ixercise 14.4, whose equivalent resistance for capacitor charg¬ 
ing is plotted in Fig. 14.13, use the average resistance value over the range v 0 = 0 V to 2,5 V to 
determine t PL ^. Compare the result to that obtained using average currents in Exercise 14.4. Note 

that from the graph, R TG = 4.5 kO at v Q - 0 V, and R T( = 6.5 kL2 at v n - 2.5 V. Recall that 
t Pl u= 0.69RC. 


Arts, t 


plh 0.27 ns, very close to the value ot 0.24 ns obtained in Exercise 14.4 



The expression for R TG derived above applies only to the case of capacitor charging* A 

similar analysis can be performed for the case of capacitor discharge illustrated in 

fig. 14.12(b). The resulting value of R TG is close to that obtained above (see Problem 
14.21). 

Similar to the empirical formulas for R N and R p of the CMOS inverter (Eqs. 13.70 and 

13.71), there is a simple empirical formula for R TG that applies for both capacitor charging 

and discharging and for all modem submicron technologies (see Hodges et al., 2004), 
namely. 




12.5 

iW/L) n 
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R 



Figure 14.13 Plot of the equivalent resistances of the two transistors of the transmission gate in Fig. 14.12(a) 
and the overall resistance versus V Q . The data apply to the situation specified in Exercise 14.5, 


ala 


14.6 Use Eq. (14.36) to estimate the value of R TC for a transmission gate fabricated in a 0.18-|im CMOS 
technology with (W/L) n = ( W/L) p = 1.5. ^ 

Ans. 8.3 kfi 



Having an estimate of the resistance of the transmission gate enables us to calculate the 
propagation delay of a signal path containing one or more transmission gates. Figure 
14.14(a) shows one such circuit. It consists of a transmission gate connecting the output of 
an inverter to the input of another. We are interested in finding the propagation delay from 
the input of the first inverter to the input of the second as we apply a negative going step to 
the input of the first inverter. 

Fig. 14.14(b) shows the equivalent circuit where R P] is the equivalent resistance ot Q Pl , 
R tg is the equivalent resistance of the transmission gate, C outl is the output capacitance of 
the driver inverter, C TG , and C TG2 are the capacitances introduced by the transmission gate 
at its input and output, respectively, and Cj n2 is the input capacitance ot the load inverter. 
Observe that the circuit takes the form ot an RC ladder network. A simple formula has been 
developed for calculating the delay of an arbitrarily long RC ladder network such as that 
shown in Fig. 14.15 having three sections. Known as the Elmore delay foi mula, it gives tor 

the ladder in Fig. 14.15 

t p = 0.69[C ] R ] + C 2 (Ri +R 2 ) + C i (R ] +R 2 + Ri)] 

Applying the Elmore formula to the two-stage ladder in Fig. 14.14(b) gives 

t P = 0.69[(C outl + C 7 - cl )/?,+(C in2 + C rc2 )(«i + 7? 2 )] 


(14.37) O 

(14.38) 




































































1164 Chapter 14 Advanced MOS and Bipolar Logic Circuits 



(b) 

Figure 14.14 (a) A transmission gate connects the output of a CMOS inverter to the input of another, 
(b) Equivalent circuit for the purpose of analyzing the propagation delay ol the circuit in (a). 



o—AAA 

+ 



r 2 

WA 




Figure 14.15 A three-section RC ladder 
network. 



14.7 The circuit in hg. 14.14 is fabricated in a 0.13-pm CMOS technology; Q P of the first inverter has 
W,L - 2, and both transistors of the transmission gate have WiL — 1. The capacitances have been 


estimated to be C out] 10 fF, C TG] ~ C TG2 = 5 fF, and C jn 2 = 10 fT, Use the empirical formu¬ 


las to obtain the values of R P] and R TG . Then, determine an estimate for t P 
Ans. R P] = 15 kQ; R TG = 12.5 kQ ; t p = 0.64 ns 



14.2,5 Pass-Transistor Logic Circuit Examples 

We conclude this section by showing examples of PTL logic circuits. Figure 14.16 shows a 
PTL realization of a two-to-one multiplexer: Depending on the logic value of C, either ,4 or 
B is connected to the output Y. The circuit realizes the Boolean function 


Y= CA+CB 
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Figure 14.16 Realization of a two-to-one multi¬ 
plexer using pass-transistor logic. 



AB + AB 


Figure 14.17 Realization of the XOR 
function using pass-transistor logic. 


Our second example is an efficient realization of the exclusive-OR (XOR * function. The circuit, 
shown in Fig. 14.17, utilizes four transistors in the transmission gates and another four for 
the two inverters needed to generate the complements A and B h tor a total of eight transis¬ 
tors. Note that 12 transistors are needed in the realization with standard CMOS. 

Our final I* PL example is the circuit shown in Fig. 14.18. It uses NMOS sw itches with low or 
zero threshold. Observe that both the input variables and their complements are employed and 
that the circuit generates both the Boolean function and its complement. Thus this form of circuit 
is known as complementary pass-transistor logic (CPL). The circuit consists ot two identical 
networks of pass transistors with the corresponding transistor gates controlled by the same signal 
(B and B). The inputs to the PTL, however, are complemented: A and B for the first network, 
and A and B lor the second. The circuit shown realizes both the AND and NAND functions. 
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B B 





Figure'4.18 A " ” am P | e of a pass-transistor logic 

gate utilizing both the input variables and their col 

plements. This type of circuit is therefore bion « 

complementary pass-transistor logic, or CPI Note 

that both the output function and its complement are 
generated. 



14.8 Consider the circuit in Fig. 14.8, and for each case, find Y and Y. The input signals are changed as 
follows: 

(a i The signals at terminals 5 and 6 are interchanged (B applied to 5 and B applied to 6 ). All the rest 
are the same. 

(b) The signals at terminals 5 or 6 are interchanged as in (a), and the signals at 2 and 4 are changed 
to A and A, respectively. All the rest remain the same. 

Ans, (a) Y=A+B , Y = AB=A+B (i.e., OR-NOR); (b) Y-AB + AB, Y= AB+AB (i.e, 
XOR-XNOR) 



14.2.6 A Final Remark 

Although the use ot zero-threshold devices solves the problem of the loss of signal levels 
when NMOS switches are used, the resulting circuits can be much more sensitive to noise 
and other effects, such as leakage currents resulting from subthreshold conduction. 

14.3 Dynamic MOS Logic Circuits 

The logic circuits that we have s' idied thus far are of the static type. In a static logic circuit, 
every node has, at all times, a low-resistance path to V DD or ground. By the same token, the 
voltage of each node is well defined at all times, and no node is left floating. Static circuits 
do not need clocks (i.e., periodic timing signals) for their operation, although clocks maybe 
i ' for other purposes. In contrast, the dynamic logic circuits we are about to discuss 
rely on the storage of signal voltages on parasitic capacitances at certain circuit nodes. Since 
charge will leak away with time, the circuits need to be periodically refreshed; thus the 
presence ot a clock with a certain specified minimum frequency is essential. 

To place dynamic logic circuit techniques into perspective, let’s take stock ot the various 
styles we have studied for logic circuits. Standard CMOS excels in nearly every perfor¬ 
mance category': It is easy to design, has the maximum possible logic swing, is robust from a 
noise immunity standpoint, dissipates no static power, and can be designed to provide eqW 
low-to-high and high-to-low propagation delays. Its main disadvantage is the requirement 0 
two transistors for each additional gate input, which for high fan-in gates can make the chip 
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area large ana increase the total capacitance and, correspondingly, the propagation delay and 
the dynamic power dissipation. Pseudo-NMOS reduces the number of required transistors at 
the expense of static power dissipation. Pass-transistor logic can result in simple small-area 
circuits but is limited to special applications and requires the use of CMOS inverters to 
restore signal levels, especially when the switches are simple NMOS transistors. The 

‘T te ; hmqU t S StUd,ed in this section the low device count of pseudo- 

NMOS whtle reducing the static power dissipation to zero. As will be seen, this is achieved 
at the expense ol more complex, and less robust, design. 


14.3.1 The Basic Principle 

Figure 14.19(a) shows the basic dynamic logic gate. It consists of a pull-down network 
(PDN) that realizes the logic function in exactly the same way as the PDN of a standard 
CMOS gate or a pseudo-NMOS gate. Here, iowever, we have two switches in series that are 
periodically operated by the clock signal 0 whose waveform is shown in Fig. 14.19(b) When 
<p is low, Q p is turned on, and the circuit is said to be in the setup or precharge phase When 0 
is high, Q p is off and Q e turns oit, and the circuit is in the evaluation phase. Finally, note 
that C L denotes the total capacitance between the output node and ground. 

During precharge, Q p conducts and charges capacitance C L so that at the end of the 
precharge interval, the voltage at Y is equal to V DD . Also during precharge, the inputs 4, 
and C are allowed to change and settle to their proper values. Observe that because Q t is off, 
no path to ground exists. 

During the evaluation phase, Q p is off and Q t is turned on. Now, if the input combination 
is one that corresponds to a high output, the PDN does not conduct i just as in a standard 


iv; 


DD 




Precharge Evaluate 


(b) 


DD 


4> O -dR?, 


Y = A + BC 
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Figure 14.19 (a) Basic structure of dynamic-MOS logic circuits, tb) Waveform of the clock needed to 
operate the dynamic logic circuit, (c) An example circuit. 
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CMOS gate) and the output remains high at V DD ; thus V 0H = V DD . Observe that 

high propagation delay is required, thus t PLH = 0. On the other hand, if the comb ° ■ ^ 

inputs is one that corresponds to a low output, the appropriate NMOS transistors 10311011 

will conduct and establish a path between the output node and ground through the” 01^1 

sistor Q t .. Thus C L will be discharged through the PDN, and the voltage at the ^ ^ 

will reduce to V 0L = 0 V. The high-to-low propagation delay t PHL can he calculated^ ™°f 

the same way as for a standard CMOS circuit, except that here we have an additional & ■ 

tor, Q ey in the series path to ground. Although this will increase the delay 

increase will be more than offset by the reduced capacitance at the output node t , 
the absence of the PUN. 3 result of 


A s_an exa mple, we show in Fig. 14.19(c) the circuit that realizes the functio 
}' = A + BC. Sizing of the PDN transistors often follows the same procedure emplo eT 
the design of static CMOS. For Q py we select a W/L ratio large enough to ensure that c will 
be fully charged during the precharge interval, but small enough so that the capacitance C will 
not be increased significantly. This is a ratioiess form of MOS logic, where the output levels 
do not depend on the transistors' W/L ratios (unlike pseudo-NMOS. for instance). 


Consider the four-input, dynamic-logic NAND gate shown in Fig. 14.20(a). Assume that the sate is 
fabricated in a 0.18-pm CMOS technology for which V DL) - 1.8 V, V, = 0.5 V, and 

A«C 0 t = 4 MpC 0X = 300 pA/V. To keep C L small, NMOS devices with W/L = 0.27 p m/0.18 urn 
are used {including transistor Q e i. The PMOS precharge transistor Q has W/L = 0.54 pm/0 18 um 
F he total capacitance C L is found to he 20 fF. 

(a) Consider the precharge operation (Fig. 14.20b) with the gate of Q at 0 V, and assume that at / = 0. 

C L is fully discharged. Calculate the rise time of the output voltage, defined as the time for v Y to 
rise from 10% to 90% of the final voltage V DD . 

(b) For A~ B = C — D = 1, fmd the value of t PHt . 


Solution 

(a) From Fig. 14.20(a) we see that at v Y = 0.1 V Dn = 0.18 V, O 
region and i D will be f 


will he operating in lhe saturation 


««■ 1 ( v DD _ | v lp \) 


2 X 75 X S (l - 8 -°' 5 » 2 


At Vy ~ 0,91 


= 190.1 pA 

DD — 1 >62 V, Q p w ill be operating in the triode region; thus. 


W0.9K m ) = 




(V 


00 - 1 y, p |)( V DD - 0,9 V DD ) - L V DD - 0.9 v DD y 


= 75 x 


0.54 


0.18 
49 pA 


(1.8 - 0,5)( 1.8 - 1.62) -i( 1.8- 1.62) 
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Figure 14.20 Circuits for Example 14.3. 



Thus the average capacitor charging current is 

/„ = {(190.1 +49) = 119.6 nA 

The rise time t r of can now be determined from 

CAVy 



Thus, 

_ 20 x 10 15 x 0,8 x 1.8 _ Q . 9 
119.6x10'" 

(b) When A = B = C = D = 1, all the NMOS transistors will be conducting during the evaluation phase. 
Replacing the five identical transistors with an equivalent device Q eq with (lV/L) vq = \(W/L) = 
1 x 1.5 = 0.3 , we obtain the equivalent circuit for the capacitor discharge, shown in Fig. 14.20(c). At 

Vy = V DD , Q cq Will be operating in saturation; thus, 

>d( V Dd) = ( V DD~ V t) 

- ^ cq 


= - x 300 x 0.3(1.8 - 0.5) : 
2 


= 76.1 pA 
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Example 14,3 continued 

At v y = V dd /2, Q will be operating in the triode region; thus. 




= 300 x 0.3 


(1.8-0.5) 



1/UT 
2V 2 ) 


= 68.9 pA 

Thus the average capacitor-discharge current is 

w 76.1 + 68.9 

1 av — j 


72.5 ji A 


and t PH1 can be found from 


. _C(V dd -V dd /2) 

‘PHL ~ --- 

J av 

_ 20 x 10~ 15 ( 1.8 - 0.9) 

= - 1 ---- = 0.25 ns 

72.5 x 10 -6 



14.9 In an attempt to reduce t PHL ot the NAND gate in Example 14.3, the designer doubles the value of 

W!L of each of the NMOS devices. If C increases to 30 fF, what is the new value if t pm 7 
Ans. 0.19 ns PHL 



14.3.2 Nonideal Effects 

We now briefly consider various sources ol nonideal operation of dynamic logic circuits, 

Noise Margins Since, during the evaluation phase, the NMOS transistors begin to con¬ 
duct for v, = V tn , 


Vil ~ V/h ~ Kn 

and thus the noise margins will be 

NM l = V,l ~ V 0L = V ln -0 = V, n 
NM h = V OH - V IH = V DD - V,„ 

Thus the noise margins are far from equal, and NM, is rather low. Although NM h is High, 

other non ideal effects reduce its value, as we shall shortly see. At this time, however. 

o serve that the output node is a high-impedance node and thus will be susceptible to noise 
pickup and other disturbances. 

Output Voltage Decay Due to Leakage Effects In the absence of a path to ground 
through the PDN, the output voltage will ideally remain high at V nv . This, however, is based 
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on the assumption that the charge on C L will remain intact. In practice, there will be leakage 
current that will cause C L to slowly discharge and v,.io decay. The principal source of leak¬ 
age -s the reverse current of the reverse-biased junction between the drain diffusion of 

if^ 1 ' 4- _ 1 ^ ^ 11 # currents can be in the range 

° , n o r • ’ an 1 increase rapidly with temperature (approximately doubling 

tor every 10 C rise m temperature). Thus the circuit can malfunction if the clock is operat 

ing at a very low frequency and the output node is not “refreshed” periodically Th.s exact 
same point will be encountered when we study dynamic memory cells in Chapter 15 


Charge Sharing There is another and often more serious way for C L to lose some of its 
charge and thus cause to fall significantly below V DD . To see how this can happen, refer to 
Fig. 14.21 (a), which shows only Q , and Q 2 , the two top transistors of the PDN, together with 

' ~ 11 ms * s * or Qp' Here, C t is the capacitance between the common node of and 

Qi and ground. At the beginning ot the evaluation phase, after Q p has turned off and with C, 
charged to V DD (Fig. 14.2 la), vve assume that C, is initially discharged and that the inputs are 
such that at the gate ot we have a high signal, whereas at the gate of Q-, the signal is low'. 
We can easily see that (9, will turn on and its drain current, i Dr will flow as indicated. Thus 
i D \ wiIi discharge C L and charge C,. Although eventually i m will reduce to zero, C, will have 
lost some ot its charge, w hich will have been transferred to C,. This phenomenon is knowm 
as charge sharing (see Problem 14.31). 

We shall not pursue the problem ot charge sharing any further here, except to point out a 
couple of the techniques usually employed to minimize its effect. One approach involves add¬ 
ing a /7-channel device that continuously conducts a small current to replenish the charge lost by 
Q, as shown in Fig. 14.21(b). This arrangement should remind us of pseudo-NMOS. Indeed, 
adding this transistor will cause the gate to dissipate static power. On the positive side, however, 
the added transistor will lower the impedance level of the output node and make it less suscepti¬ 
ble to noise as well as solving the leakage and charge-sharing problems. Another approach to 



Figure 14.21 (a) Charge sharing, (b) Adding a permanently tumed-on transistor Q L solves the charge 
sharing problem at the expense ot static power dissipation. 
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solving the charge-sharing problem is to precharge the internal nodes: that 

IS, 10 


capacitor C v The price paid in this case is increased circuit complexity and node ' l ° prec *% 

Cascading Dynamic Logic Gates A serious problem arises if one a tt Pm * PaCltai!oe!> 

• • • ~ r --- attempts to cascade 


dynamic logic gates. Consider the situation depicted in Fig. 14.22, where two 


^ingle-inpui; 


dynamic gates are connected in cascade. During the precharge phase C and 
be charged through Q pi and Q p2 , respectively. Thus, at the end of the precharl ^ 

v r\ = V DD and V Y2 = V DD- Now consider what happens in the evaluation phase for th 
high input A. Obviously, the correct result will be T, low (v n = 0 V) and Y 

V DD ). What happens, however, is somewhat different. As the evaluation phase be T " = 

turns on and C Ll begins to discharge. However, simultaneously, Q , turns on and C^f' 

begins to discharge. Only when v„ drops below V m will Q 2 turn off. Unfortunately 

ever, by that time, C L2 will have lost a significant amount of its charge, andu will be 1 ** 

than the expected value of V DD . (Here it is important to note that in dynamic logic 

charge has been lost, it cannot be recovered.) This problem is sufficiently serious to make 

simple cascading an impractical proposition. As usual, however, the ingenuity 0 f circuit 

designers has come to the rescue, and a number of schemes have been proposed to makecas 

cading possible in dynamic-logic circuits. We shall discuss one such scheme after considers 
Exercise 14.10. ® 



Figure 14.22 Two single-input dynamic logic gates connected in cascade. With the input A high, during 

the evaluation phase C a will partially discharge and the output at Y r will fall lower than V w which can 
cause logic malfunction. 



o gain further insight into the cascading problem described above, let us determine the decrease 
output vo tage ir f:! for the circuit in Fig, 14.22. Specifically, consider the circuit as the evalu- 

off anH ra 6 cgins. At t - 0, v n ~ = V pD and v# = v A = V DD . Transistors Q pi and Q pl are cut 

d can be removed from the equivalent circuit. Furthermore, for the purpose of this approxi- 

Can r ®P^ ace the series combination of Q } and (J with a single device having an 
appropriate i, and similarly for the combination of Q , and The result is the approximate 
quiva en circuit in Fig. El 4.10. We are interested in the operation of this circuit in the interval M 
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that the process teohnni™ w /’ uuc luras on and l li stops discharging. Assume 

NMOS trZlr^h f ^ecif.ed in Example 14.2; that for all 

SISt0rS 'n the circuit ol Fig, 14.22, W/L = 4 pm/2 pm and C n = C, : = 40 fF. 



Figure E 14.10 

(a) Find (W/L) eq] and ( W/L) eq2 . 

(b i Find the values ot / 0) at t' n = V DD and at i» n = V r Hence determine an average value for i or 

(c) Use the average value of i m found in (b) to determine an estimate for the interval A/. 

(d) Find the average value of i D2 during A t. To simplify matters, take the average to be the value of 
i D2 obtained when the gate voltage v n is midway through its excursion (i.e., V n = 3 V). {Hint: Q 2 
will remain in saturation.) 

(e) Use the value ot At found in (c) together with the average value of i D2 determined in (d) to find an 
estimate ot the reduction in v n during At, Hence determine the final value of v r . 

A ns. (a) 1, 1; (b) 400 pA and 175 pA, for an average value of 288 pA; (c) 0,56 ns; (d) 100 pA; (e) 
Av n = 1.4 V, thus v )2 decreases to 3.6 V 


14.3.3 Domino CMOS Logic 


Domino CMOS logic is a form of dynamic logic that results in cascadable gates. Figure 14.23 
shows the structure of the Domino CMOS logic gate. We observe that it is simply the basic 
dynamic logic gate of Fig. 14.19(a) with a static CMOS inverter connected to its output. 
Operation of the gate is straightforward. During precharge, X will be raised to V DD , and the 
gate output Twill be at 0 V. During evaluation, depending on the combination of input vari¬ 
ables, either X will remain high and thus the output } will remain low {t PHL = 0) or X will be 
brought down to 0 V and the output } will rise to l' 0D { t PLH finite). Thus, during evaluation. 


the output either remains low or makes only one low-to-high transition. 

To see why Domino CMOS gates can be cascaded, consider the situation in Fig. 14.24(a), 
where we show two Domino gates connected in cascade. For simplicity, we show single¬ 
input gates. At the end of precharge, will be at V D[yy T, will be at 0 V, X 2 will be at V DD , and 
T 2 will be at 0 V. As in the preceding case, assume that A is high at the beginning of evaluation. 
Thus, as <f> goes up, capacitor C n will begin discharging, pulling X t down. Meanwhile, the 
low input at the gate of Q 2 keeps Q 2 off and C L2 remains fully charged. Whent/ V1 falls below 
the threshold voltage of inverter /,, Y l will go up, turning Q : on. which in turn begins to dis¬ 
charge C t , and pulls AT low. Eventually, T 2 rises to l DD . 
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k V DD 


4> o—c| 



<t> 


o-o. 


Figure 14.23 The Domino CMOS logic gate. The circuit con¬ 
sists of a dynamic-MOS logic gate with a static-CMOS inverter 
connected to the output. During evaluation, Y either wilt remain 
low (at 0 V) or will make one 0-to-l transition (to V DP ), 




(b) 

gure 14.24 (a) Two single-input Domino C MOS logic gates connected 
ing the evaluation phase. 


in cascade, (b) Waveforms dur 


From this description, we see that because the output of the Domino gate is low at the 
eginning of evaluation, no premature capacitor discharge will occur in the subsequent gate 
in the cascade. As indicated in Fig. 14.24(b), output Y, will make a O-to-I transitionfai 
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seconds after the rising edge of the clock. Subsequently, output Y, makes a O-to-1 trans.tion 

after another l K „ interval. The propagation of the rising edge through a cascade of gates 

resctnbes con iguously placed dominoes falling over, each toppling the next, which is the ori- 

gm ot the name Dom.no C MOS logic. Domino CMOS logic finds application in the design of 
address decoders in memory chips, for example. 


14.3.4 Concluding Remarks 

Dynamic logic presents many challenges to the circuit designer. Although it can provide 
considerable reduction in the chip-area requirement, as well as high-speed operation, and 
zero (or little) static-power dissipation, the circuits are prone to many non ideal effects, some 
ot which have been discussed here. It should also be remembered that dynamic power dissi¬ 
pation is an important issue in dynamic logic. Another factor that should be considered is the 
“dead time” during precharge when the output of the circuit is not yet available. 


14.4 Emitter-Coupled Logic (ECL) 

Emitter-coupled logic (EC L) is the lastest logic circuit family available for conventional logic- 
system design. 4 High speed is achieved by operating all bipolar transistors out of saturation, 
thus avoiding storage-time delays, and by keeping the logic signal swings relatively small 
(about 0.8 V or less), thus reducing the time required to charge and discharge the various load 
and parasitic capacitances. Saturation in ECL is avoided by using the BJT differential pair as a 
current switch. 1 The BJT differential pair was studied in Chapter 8, and we urge the reader to 
review the introduction given in Section 8.3 before proceeding with the study of ECL. 


14.4.1 The Basic Principle 

Emitter-coupled logic is based on the use of the current-steering switch introduced in Section 

13.1 (Fig 13.9). Such a switch can be most conveniently realized using the differential pair 
shown in Fig, 14.25. The pair is biased with a constant-current source /, and one side is con¬ 
nected to a reference voltage V R . As shown in Section 8.3, the current I can be steered to either 
0, or Q 2 under the control of the input signal v,. Specifically, when v, is greater than V R by 
about 4V t 100 mV), nearly all the current / is conducted by Q „ and thus for or, — 1, v 0i = 
V cc - IR { . Simultaneously, the current through Q : will be nearly zero, and thus v m = V cc . Con¬ 
versely, when Vj is lower than V R by about 4V T , most ot the current I will flow through Q 2 and 
the current through will be nearly zero. Thus v 0l = V cc and v m ~ V cc - IR C . 

The preceding description suggests that as a logic element, the differential pair realizes 
an inversion function at v m and simultaneously provides the complementary output signal at 
v (}2 . The output logic levels are V 0H = V cc and V 0L - V cc - lR a and thus the output logic 
swing is IR C . A number of additional remarks can be made concerning this circuit: 


Although higher speeds of operation can be obtained with gallium arsenide (GaAs) circuits, the latter 
are not available as off-the-shelf components for conventional digital system design. GaAs digital cir¬ 
cuits are not covered in this book; however, a substantial amount ot material on this subject can e oun 

on the CD accompanying the book and on the website. ... 

5 1 his is in sharp contrast to the technique utilized in a nonsaturating variant ot transistor-transistor logic 

(TTL) known as Schottky TTL. There, a Schottky diode is placed across the CBJ junction to shunt away 

some of the base current and, owing to the low voltage drop ot the Schottky diode, the C BJ is preven e 

from becoming forward biased. 





























































1176 Chapter 14 Advanced MOS and Bipolar Logic Circuits 



The differential nature of the circuit makes it less susceptible to picked ^ 
particular, an interfering signal will tend to affect both sides of the differ ^^ 
similarly and thus will not result in current switching. This is the ~ a ^ 

rejection property of the differential pair (see Section 8.3 ). c ommon-rnode 



The current drawn from the power supply remains constant during switchi™ ru 
unlike CMOS (and TTL), no supply current spikes occur in ECL, eliminat ' 
important source of noise in digital circuits. This is a definite advantage e T 

since ECL is usually designed to operate with small signal swings and has ^ 
spondingly low noise margins. JTO* 


3. The output signal levels are both referenced to V cc and thus can be made partial! | 

stable by operating the circuit with V cc = 0: in other words, by utilizing a negative powe 
supply and connecting the V cc line to ground. In this case, V OH = 0 and V 0L = F 

4. Some means must be provided to make the output signal levels compatible with 
those at the input so that one gate can drive another. As we shall see shortly practi¬ 
cal ECL gate circuits incorporate a level-shifting arrangement that serves to center 
the output signal levels on the value of V R . 

5. The availability of complementary outputs considerably simplifies logic design 

with ECL. 6 



14,11 


— 


For the circuit in Fig. 14.25, let V CC = 0J = 4 mA, R c = 220 Q, V R = -] .32 V, and assume a = 1. 
Determine V 0H and V 0L . By how much should the output levels be shifted so that the values o(V OH 
an ^ l ol become centered on V R ? What will the shifted values of V and V be* 7 
Ans. 0; -0.88 V; -0.88 V; -0.88 V, -1.76 V ' “ 





Figure 14.25 ! he basic element ot ECL is the dif¬ 
ferential pair. I lere, V R is a reference voltage. 


14.4.2 ECL Families 

Currently there are two popular forms of commercially available ECL— namely, ECL 10K 
an L 100K. The ECL 100K series features gate delays on the order ot 0.75 ns an 
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dissipates about 40 mW/gate for a delay-power product of 30 pj. Although its power dissi¬ 
pation is relatively high, the 100K series provides the shortest available cate delay in snra - 
and medium-scale integrated circuit packages. w ' 

The EC L 10 K series is slightly slower* it , ♦ 

r _ s y “ lowe r» 11 features a gate propagation delay of 2 ns and 

\%rt%T ,°n f 5 w W ',° r a delay-power product of 50 P J - Although' the value of 
POP is higher than.that obtamed m the 100K series, the 10K series is easie, : to use. Th.s ,s 

because the rise and fall times of the pulse signals are deliberately made longer, thus reduc¬ 
ing signal coupling, or cross talk, between adjacent signal lines. ECL 1QK has an "edge 
speed of about 3.5 ns, compared with the approximately 1 ns of ECL 100K. To give con¬ 
creteness to our study of ECL, in the following we shall consider the popular ECL 10K in 
some detail. The same techniques, however, can be applied to other types of ECL 

In addition to its usage in SSI and MSI circuit packages, ECL is also employed in large- 
scale and VLSI applications. A variant of ECL known as current-mode logic (CML) is uti¬ 
lized in VLSI applications (see Treadway, 1989, and Wilson. 1990). 


14.4.3 The Basic Gate Circuit 

The basic gate circuit of the ECL 10K family is shown in Fig. 14.26. T he circuit consists of 
three parts. The network composed of Q } , £),, D 2 , /?,, /?,, and R 3 generates a reference voltage 
V R whose value at room temperature is -1.32 V. As will be shown, the value of this reference 
voltage is made to change with temperature in a predetermined manner to keep the noise 
margins almost constant. Also, the reference voltage V R is made relatively insensitive to 
variations in the power-supply voltage V ££ . 



14.12 Figure E14.12 shows the circuit that generates the reference voltage J K , Assuming that the voltage 
drop across each of Z) p D 2 , and the base-emitter junction of Q, is 0.75 V, calculate the value of V R . 
Neglect the base current of Q r 
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14.26 Basic circuit of the ECL 10K. logic-gate family 
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The second part, and the heart of the pate ic am , 

... ^ cm OIine gate, is the differential amplifier formed by 0 £ and 

either ft or ft. This differential amnlifier is hia^A n ,vt u 3 

was done m the crcut ot F,g. 14.25, but with a resistanee *, eonneeted to the negaiive 
supp v ffi. evertheless, we will shortly show that the current in R t remains approxi¬ 
mately constant over the normal range of operation of the gate. One side of the differential 
amp ifler consists of the reference transistor Q„ whose base is connected to the reference volt- 
age „ The other side consists of a number of transistors (two in the case shown), connected in 
parallel, with separated bases, each connected to a gate input. If the voltages applied to A 
and B are at the logic-0 level, which, as we will soon find out, is about 0.4 V below V both 

Qa and ft> VH ,l1 be off and the current I E in R E will flow through the reference transistor ft. 
The resulting voltage drop across R C1 will cause the collector voltage of Q f to be low. 

On the other hand, when the voltage applied to A or B is at die logic-1 level which as 
we will show shortly, is about 0.4 V above V„ transistor ft or ft, or both, will be on and ft 
will be off. Thus the current I E will flow through ft or ft, or both, and an almost equal cur¬ 
rent will flow through R cl . The resulting voltage drop across ^? (1 will cause the collector 
voltage to drop. Meanw hile, since ft is oft, its collector voltage rises. We thus see that the 
voltage at the collector of ft will be high if A or B, or both, is high, and thus at the collector 
ot ft) the OR logic function, A + B , is realized. On tlie other hand, the common collector of 
ft Qb til be high only w hen A and B are simul taneously low. I hus at the common col¬ 


lector of ft and ft, the logic function AB — A + B is realized. We therefore conclude that 
the two-input gate of Fig. 14.26 realizes the OR function and its complement, the NOR 
function. The availability ot complementary outputs is an important advantage of ECL; it 
simplifies logic design and avoids the use of additional inverters with associated time delay. 

It should be noted that the resistance connecting each of the gate input terminals to the neg¬ 
ative supply enables the user to leave an unused input terminal open: An open input terminal 
will be pulled down to the negative supply voltage, and its associated transistor will be off. 



The third part of the ECL gate circuit is composed ot the two emitter followers, ft and 
ft. The emitter followers do not have on-chip loads, since in many applications ot high¬ 
speed logic circuits the gate output drives a transmission line terminated at the other end. as 

indicated in Fig. 14.27. (More on this later in Section 14.4.6.) 

The emitter followers have two purposes: First, they shift the level of the output signals 
by one V liE drop. Thus, using the results ot Exercise 14.13, we see that the output levels 
become approximately —1.75 V and —0.75 V. These shifted levels are centered approxi¬ 
mately around the reference voltage tV g = -1.32 V), which means that one gate can drive 
another. This compatibility of logic levels at input and output is an essential requirement in 

the design of gate circuits. 

The second function of the output emitter followers is to provide the gate w ith low out¬ 
put resistances and with the large output currents required for charging load capacitances. 
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Transmission line 
with R { , ~ 50 H 



R r = 50 n 






Figure 14.27 The proper way to connect high-speed logic gates such as ECL. Properly terminaf 

transmission line connecting the two gates eliminates the “ringing” that would otherwise corrupt theM 
signals. (See Section 14.4.6.) p °® c 


Since these large transient currents can cause spikes on the power-supply line, the collectors 
of the emitter followers are connected to a power-supply terminal V ca separate from that of 
the deferential amplifier and the reference-voltage circuit, V ccv Here we note that the sup¬ 
ply current of the differential amplifier and the reference circuit remains almost constant 
I lie use of separate power-supply terminals prevents the coupling of power-supply spikes from 
the output circuit to the gate circuit and thus lessens the likelihood of false gate switching. Both 
f CC] and V ccl are ot course connected to the same system ground, external to the chip. 

14.4.4 Voltage-Transfer Characteristics 

Having provided a qualitative description of the operation of the ECL gate, we shall now 
derive its voltage-transfer characteristics. This will be done under the conditions that the 
outputs are terminated in the manner indicated in Fig. 14.27. Assuming that the B input is 
low and thus Q B is off, the circuit simplifies to that shown in Fig. 14.28. We wish to analyze 
this circuit to determine t' 0R versus v, and n N0R versus v { ( where v, = v 4 ). 


j '\oro- 


R c i = 220 n 





/ 


Rj — 

50 (1 


V T = -2 V 



Qa 



Rb = 

50 kfl 


t 


R rl - 245 n 




Q2 


V R 


-o 

_i i n 




1.32 V 


/ 


v 


r t = 50 n 


R, = 779 n 


-V E£ (-5.2 V) 


(IK 


V 7 = -2 V 


Figure 14.28 Simpl.Hed version of the ECL gate for the purpose of finding transfer characteristics. 
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In the analysis to follow we shall malvf itc^ , . 

BJI. Since the BJTs used in ECL ci™ite have smaUar^r** 

tances and hence high f T ), their scale currents I are cm II w'" °n T l ° 13 ' e ima " Lapaci ' 

, f, T \ currents l s are small. We will therefore assume that at 

an emitter current of 1 mA, an ECL transistor has a V lE drop of 0.75 V. 

The OR Tracer Curve Figure 14.29 is a sketch of the OR transfer characteristic, v nr 
versus v„ with the parameters V V 0H , V IL , and V IH indicated. However, to simplify the cal¬ 
culation of , L and V IH , we shall use an alternative to the unity-gain definition. Specifically 
we shal assume that at point ,v, transistor Q, is conducting 1% of I t while (?„ is conducting 
99.-0 of/ f . The reverse will he assumed for pointy. Thus at point .t we have 


= 99 


h 


Qa 


Using the exponential i E -v BE relationship, we obtain 


^ BE 


which gives 


S, ~ 


Qa 


= K, In 99 = 115 mV 


Vn = -1.32 - 0.115 = -1.435 V 


Assuming Q A and Q H to be matched, we can write 


V,H - V R = V. - V, 


IL 


which can be used to find V m as 


V m = -1.205 V 


To obtain V 0L , we note that Q A is off and Q R carries the entire current l E , given by 
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-1.32 - 0.75 + 5.2 


0.779 


— 4 mA 


(Ifwe wish, we can iterate to determine a better estimate of V BE \ Q and hence of/ 

ing that Q R has a high p so that its a ^ 1, its collector current will be approximate! 
If we neglect the base current of Q 2 , we obtain for the collector voltage of Q ' 


V c \ - -4x0.245 = -0.98 V 


Qr 


Thus a first approximation for the value of the output voltage V , is 


= r c L - v BE 


Q 2 


=*-0.98-0.75 =-1.73 V 


We can use this value to find the emitter current of Q 2 and then iterate to determine a bette 
estimate of its base-emitter voltage. The result is V BE2 = 0.79 V and, correspondingly, 

V OL ~ -1.77 V 

At this value of output voltage, Q : supplies a load current of about 4.6 mA. 

To find the value of V OH we assume that Q R is completely cut off (because v, > V ). 
Thus the circuit for determ in ing V OH simplifies to that in Fig. 14,30. Analysis of this circuit 
assuming 0 2 = 100, results in V BE2 = 0.83 V, I E2 = 22.4 mA, and 

V OH = -0,88 V 


Rc2 = 245 H 



Qi 



so n 


t 

-2 V 


■O ( 


Figure 14.30 Circuit for determining i \ tH . 



14.14 For the circuit in Fig. 14.28, determine the values of I, obtained when v, = V iL> V R , and V w 


find the value of v m corresponding to v f ~ V Assume that v RF - 0.75 V at a current of I mA 

Ans. 3.97 mA; 4.00 mA; 4.12 mA;-1.31 V 


AISO, 




14.4 Emitter-Coupled Logic (ECL) 

Noise Margins The results of Exercise \a \a • j * . . 

approximately constant. Also, the output voltane r” ^ ^ biaS Current 4 remains 

equal to V R . Notice further that this is also annrn = * * ’ S a PP roximatel y 

specifically, $ *° a PP roxima ^ly the midpoint of the logic swing; 
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Yol + Y 


OH 


= -1.325 = K 


° fU “ !T* *“ ^nd. 

for selecting the rather arbitrary-looking numbers , y t 1 7n7. a” d V, for 7Z 

ence and supply voltages. EE Ior reTer " 

The noise margins can now be evaluated as follows: 


NM h - V OH - V m = 

- -0.88 - (-1.205) - 0.325 V = -1.435 - (-1.77) = 0.335 V 

Note that these values are approximately equal. 

The NOR Transfer Curve The N< >R transfer characteristic, which is v N0R versus v. for 
the circuit in F,g. 14.28, ts sketched in Fig. 14.31. The values of V„ and V IH are identical to 

those found earlier for the OR characteristic. To emphasize this, we have labeled the thresh- 
old points .V and y, the same letters used in Fig. 14 29 

For v, < V IL , Q a is off and the output voltage t; nor can be found by analyzing the circuit 
composed of R cv Q } , and its 50-U termination. Except that R t , is slightly smaller than R C2 , 
this circuit is identical to that in Fig. 14.30. Thus the output voltage will be only slightly 

greater than the value V 0H found earlier. In the sketch ol F ig. 14.31 we have assumed that the 
output voltage is approximately equal to V or . 

For Vj > V lHt Qa iS on and is conducting the entire bias current. The circuit then simpli¬ 
fies to that in Fig. 14.32. This circuit can be easily analyzed to obtain t/ N0R versus v, for the 
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Vi o 


50 kn 


* 


-5.2 V 


R ( , = 220 n 



R f - 779 tt 


5.2 V 



Q 



R r = 50 n 


-2 V ( V T ) 


■o v 


NOR 


Figure 14.32 Circuit for finding i' s , OK versus V, for the range V, > V IH . 


range v, > V m . A number of observations are in order. First, note that v, - V IH results in an 
output voltage slightly higher than V 0L . This is because R C] is smaller than R t v In fact, R ,, is 
chosen lower in value than R C2 so that with v, equal to the normal logic-1 value (i.e., V 

OH * 

which is approximately -0.88 V), the output will be equal to the V ot value found earlier for 
the OR output. 

Second, note that as v, exceeds V /H , transistor Q A operates in the active mode and the 
circuit ot Fig. 14.32 can be analyzed to find the gain of this amplifier, which is the slope 
of the segment yz of the transfer characteristic. At point z, transistor Q A saturates. Further 
increments in v, < beyond the point v t - V s ) cause the collector voltage and hence y N0R to 
increase. The slope of the segment of the transfer characteristic beyond point z, however, 
is not unity, but is about 0.5, because as Q A is driven deeper into saturation, a portion ot 
the increment in v, appears as an increment in the hase-collector forward-bias voltage. 
The reader is urged to solve Exercise 14.15, which is concerned with the details ot the 
NOR transfer characteristic. 



14.15 Consider the circuit in Fig. 14.32. (a) For v, = V lH = -1.205 V, End v mK . (b) For v, = V m = 
-0.88 V, find t' nor . (c \ Find the slope oi the transfer characteristic at the point v, = V 0H = -0-88 V. 
(d) Find the value of v, at which Q { saturates (i.e., V s ), Assume that V m = 0.75 V at a current of 
1 mA ' ^cfsai ~ 0-3 V, and /?= 100. 

Ans. (a) -1.70 V; (b) —1 .79 V; (c) —0.24 V/V; (d) -0.58 V 


4 

Manufacturers Specifications EC L manufacturers supply gate transfer characters 
tics ot the form shown in f igs. 14,29 and 14.31. A manufacturer usually provides sue 
curves measured at a number ot temperatures. In addition, at each relevant temperate 
worst-case values for the parameters V /L , V JH , V 0I , and V OH are given. These worst-case 
values are specified with the inevitable component tolerances taken into account. s 
example. Motorola specifies that for MECi 10,000 at 25°C, the following worst-cas 
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values apply' 1 


^/Z.max ~ 1.475 V 
^OL max - “1.630 V 


V lHmn = -1.105 V 
y OHmm = -0.980 V 


These values can be used to determine worst-case noise margins, 

NM l = 0.155 V NM h = 0.125 V 
which are about half the typical values previously calculated. 

the Motorala'XK n 19RQfii°hI°" MEC , L Specifications the interested reader is referred to 
the Motorola (1988. 1989) publications listed in the bibliography in Appendix G. 


14.4.5 Fan-Out 


When the input signal to an ECL gate is low (K ot ), the input current 
that flows in the 50-kQ pull-down resistor Thus, 


is equal to the current 



-1.77 + 5,2 
50 


- 69 pA 


When the input is high ( V 0H \ the input current is greater because of the base current of 
the input transistor. Thus, assuming a transistor //of 100, we obtain 



-0.88 + 5.2 4 

50 + 101 


— 26 pA 


Both these current values are quite small, which, coupled with the very small output resis¬ 
tance ot the EC L gate, ensures that little degradation of logic-signal levels results from the input 
currents ot fan-out gates. It tollows that the fan-out ot ECL gates is not limited by logic-level 
considerations hut rather by the degradation of the circuit speed (rise and fall times). This latter 
effect is due to the capacitance that each fan-out gate presents to the driving gate (approximately 
3 pF). Thus while the dc fan-out can be as high as 90 and thus does not represent a design prob¬ 
lem, the ac fan-out is limited by considerations of circuit speed to 10 or so. 


14.4.6 Speed of Operation and Signal Transmission 

The speed of operation of a logic family is measured by the delay of its basic gate and by 
the rise and fall times of the output waveforms. Typical values of these parameters for ECL 
have already been given. Here we should note that because the output circuit is an emitter 
follower, the rise time of the output signal is shorter than its fall time, since on the rising 
edge of the output pulse, the emitter follower functions and provides the output current 
required to charge up the load and parasitic capacitances. On the other hand, as the signal at 
the base of the emitter follower falls, the emitter follower cuts off, and the load capacitance 
discharges through the combination of load and pull-down resistances. 

To take full advantage of the very high speed of operation possible with ECL, special 
attention should be paid to the method of interconnecting the various logic gates in a system. 
To appreciate this point, we shall briefly discuss the problem of signal transmission. 

ECL deals with signals whose rise times may be 1 ns or even less, the time it takes for 
light to travel only 30 cm or so. For such signals, a wire and its environment become a rela¬ 
tively complex circuit element along which signals propagate with finite speed (perhaps half 
the speed of light—i.e., 15 cm/ns). Unless special care is taken, energy that reaches the end 


MECL is the trade name used by Motorola (now Freescale Semiconductors) for its ECL. 
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of such a wire is not absorbed hut rather returns as a reflection to the transmitting end 
(without special care) it may be re-reflected. The result of this process of reflection ^ 
can be observed as ringing, a damped oscillatory excursion of the signal about its final t 

Unfortunately, ECL is particularly sensitive to ringing because the signal level* 

. « i i * ■ n * ti o vcis are so 

small. Thus it is important that transmission ot signals be well controlled, and 

energy absorbed, to prevent reflections. The accepted technique is to limit the nature of * 

necting wires in some way. One way is to insist that they he very short, where “short’’ 

taken to mean with respect to the signal rise time. The reason for this is that if the wire co 

nection is so short that reflections return while the input is still rising, the result become 

only a somewhat slowed and "bumpy'* rising edge. 

If, however, the reflection returns after the rising edge, it produces not simply a modilV 
cation of the initiating edge hut an independent second event This is clearly bad! Thus the 
time taken for a signal to go from one end of a line and hack is restricted to less than the rise 
time of the driving signal by some factor—say, 5. Thus for a signal with a 1 -ns rise time and 
for propagation at the speed of light (30 cm/ns), a double path of only 0.2-ns equivalent length 
or 6 cm, would be allowed, representing in the limit a wire only 3 cm from end to end. 

Such is the restriction on ECL 100K. However, ECL 10K has an intentionally slower 
rise time of about 3,5 ns. Using the same rules, wires can accordingly he as long as about 
10 cm for ECL 10K. 


If greater lengths are needed, then transmission lines must he used. These are simply wires 
in a controlled environment in which the distance to a ground reference plane or a second wire 
is highly controlled. Thus they might simply he twisted pairs of wires, one of which is 
grounded, or paral lel ribbon wires, every second of which is grounded, or so-called microstrip 
lines on a printed-circuit board. The latter are simply copper strips of controlled geometry on 
one side of a thin printed-circuit board, the other side of which consists of a grounded plane, 
Such transmission lines have a characteristic impedanc e , R fr that ranges from a few tens 
of ohms to hundreds ot ohms. Signals propagate on such lines somewhat more slowly than 
the speed ot light, perhaps half as fast. When a transmission line is terminated at its receiv¬ 
ing end in a resistance equal to its characteristic impedance, R t) , all the energy sent on the 
line is absorbed at the receiving end, and no reflections occur (since the termination acts as 
a limitless length ot transmission line). Thus, signal integrity is maintained. Such transmission 
lines are said to be properly terminated, A properly terminated line appears at its sending 
end as a resistor of value R 0 , The followers of ECL 10K with their open emitters and low out¬ 
put resistances (specified to he 7 maximum) are ideally suited for driving transmission 
lines. ECL is also good as a line receiver. The simple gate with its high (50-kfi) pull-down 
input resistor represents a very high resistance to the line. Thus a few- such gates can be con¬ 
nected to a terminated line with little difficulty. Both these ideas are represented in Fig. 14.27. 


14.4,7 Power Dissipation 

Because of the differential-amplifier nature of ECL, the gate current remains approximate!) 
constant and is simply steered from one side of the gate to the other depending on the input 
logic signals. Thus, the supply current and hence the gate power dissipation of unterminated 
ECL remain relatively constant independent of the logic state of the gate. It follows that no 
voltage spikes are introduced on the supply line. Such spikes can be a dangerous source ot 
noise in a digital system. It follows that in ECL the need for supply-line bypassing 7 is not as 
great as in, say, TTL. This is another advantage of ECL. 


Achieved by connecting capacitances to ground at frequent intervals along the power-su 
printed-circuit hoard. 


pply line on a 


At this juncture we should reiteraie -a , 

ECL gate would operate with V n = 0 and V "TTl v”!"’ namely ’ that although an 

and V cc = 0 V is recommended! becausei„T Y * setocdo " of = ~ 52 V 
Vco and ground is certainly an excellent reference. ^ ’ 3 Sl8 " a ' eVelS are referenced t0 


EXE 



14J6 cuft CalCUla ‘\T aPpr ° Xlmate value for Power dissipated in the cir- 

open Assume that rh • ^ lnputs are "" and 'I 181 ’l ,e emitters ol the output followers are left 

rjTZ 1 C r f rence e,rcu,t su PP' ies four 'den'ical gates, and hence only a quarter of 

aZIZZ rcnce circu " shou,d b,; a,lr,hutcd to a smEle 


14.4.8 Thermal Effects M 

In our analysis of the ECL gate ot Fig. 14.26, we found that at room temperature the ref¬ 
erence voltage V n is -1.32 V. We have also shown that the midpoint of the output logic 
swing is approximately equal to this voltage, which is an ideal situation in that it results in 
equal high and low noise margins. In Example 14.4, we shall derive expressions for the tem¬ 
perature coefficients of the reference voltage and ot the output low and hinh voltages. In this 
way, it will be show n that the midpoint ot the output logic swing varies with temperature at 
the same rate as the reference voltage. As a result, although the magnitudes of the high and 
low noise margins change with temperature, their values remain equal. This is an added 

advantage of ECL and provides a demonstration of the high degree of design optim ization of 
this gate circuit. 




We wish to determine the temperature coefficient of the reference voltage V R and of the midpoint between 

V OL 3nd V OH‘ 

Solution 

To determine the temperature coefficient of V R , consider the circuit in Fig. El4.12 and assume that the 
temperature changes by +1°C. Denoting the temperature coefficient of the diode and transistor voltage 
drops by 5, where S — -2 mV/ 0 C\ we obtain the equivalent circuit shown in Fig. 14.33. In the lattei cir¬ 
cuit, the changes in device voltage drops are considered as signals, and hence the power supply is shown 
as a signal ground. 

In the circuit of Fig. 14.33 we have two signal generators, and we wish to analyze the circuit to deter¬ 
mine AV R , the change in V R . We shall do so using the principle of superposition. 8 Consider first the branch 

2$ y and /?„ and neglect the signal base current of Q v The voltage signal at the base of 0, can be 

easily obtained from 


# A[though the circuit contains diodes and a transistor, which are nonlinear elements, we can use super¬ 
position because we are dealing with small changes in voltages and currents, and thus the diodes and 
the transistor are replaced by their linear small-signal models. 



Example 14,4 
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Example 14.4 continued 





A l o-«» 





> R 2 

< Figure 14.33 Equivalent circuit for determining 

the temperature coefficient of the reference voltage 

_ V 

— r R' 


= 26x R { 

b] R ] + r d\ + r di + ^2 

where r d] and r^ denote the incremental resistances of diodes D i and D,, respectively. The dc bias current 
through D ] and D 2 is approximately 0.64 mA, and thus r dx = r d2 = 39.5 Q. Hence v h] = 0.3 <5. Since 
the gain ot the emittei follower Q x is approximately unity, it follows that the component of AV R due to the 
generator 2r5is approximately equal to u AI ; that is, AV Rl = 0.3<£ 

Consider next the component ot AV R due to the generator S. Retlection into the emitter circuit of the 
total resistance of the base circuit, [R x || (r dx + r d2 + R 2 )] , by dividing it by /?+ 1 (with /? — 100) results 
in the following component of AV R : 


AV r2 = - 


Sx R 


[Rft/{(3+ 1)] + f e i + R 


Here R s denotes the total resistance in the base circuit, and r . denotes the emitter resistance of 

_ 7 J 

Q\ ( — 40 Q). This calculation yields A V R2 — - A. Adding this value to that due to the generator 2$ 
gives A1 R 0.7 S. Thus tor d = -2 mV/°C, the temperature coefficient of V R is +1.4 mV/°C. 

We next consider the determination ot the temperature coefficient of V or The circuit on which to per¬ 
form this analysis is shown in Fig. 14.34. Here we have three generators whose contributions can be con¬ 
sidered separately and the resulting components of AV 0L summed. The result is 




-R 


C 2 


R 


r eR + R E R T + r e2 



R C2 R T 

r eR + R E R r + r e2 


^T +r e 2 + R C1^ (/? + O 

Substituting the values given and those obtained throughout the analysis of this section, we find 


AV 0L ~ -0.43(5 
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The circuit for determ,ning the temperature coefficient of 

obtain 


* oh * s shown in Fig. 14.35, from which 


A Vqh — 8 


R 


R T+r e2 + R C2 /(fi+ 1) 


= - 0 . 93(5 


\\ e now can obtain the variation of the midpoint of the logic 


swing as 


a^ + af 


OH 


= -0.68(5 


which is approximately equal to that of the reference voltage V R {-0.1 S) 



r t 


1 ? " 

Figure 14.34 Equivalent circuit for determining the temperature coefficient of V ol . 





Figure 14.35 Equivalent circuit for determin¬ 
ing the temperature coefficient of V OH . 


we 
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14.4.9 The Wired-OR Capability 


to 


The emitter-follower output stage of the EC'L family allows an additional level of I ■ 

be performed at very low cost by simply w iring the outputs of several gates in parallel tv 
is illustrated in Fig. 14.36, where the outputs of tw o gates are wired togeilk-i \ nt . i. 
base-emitter diodes of the output followers realize an OR function: This wired-OR e 
tion can be used to provide gates with high fan-in as well as to increase the flexibfhT 
ECL in logic design. 'W 



Gate I 
NOR side 

(A + B) 


Gate 2 
OR side 

Tx~ n 



(► 


fo load 




Figure 14.36 The wired-OR capability of 
ECL. 


14.4.10 Final Remarks 

V\ e have chosen to study ECL by focusing on a commercially available circuit family. As 
has been demonstrated, a great deal of design optimization has been applied to create a 
very-high-performance family of SSI and MSI logic circuits. As already mentioned, ECL 
and some of its variants are also used in VLSI circuit design. Applications include very- 
high-speed processors such as those used in supercomputers, as well as high-speed and 
high-frequency communication systems. When employed in VLSI design, current-source 

biasing is almost alw ays utilized. Further, a variety of circuit configurations are employed 
' see Rabaey, 1996). 


© 14.5 BiCMu Digital Circuits 


In this section, we provide an introduction to a VLSI circuit technology that is becoming 
increasingly popular, BiC MOS. As its name implies, BiC MOS technology combines ft/polar 
and CMOS circuits on one IC chip. The aim is to combine the low-power, high-input imped¬ 
ance and wide noise margins of CMOS with the high current-driving capability ot bipolar 
transistors. Specifically, CMOS, although a nearly ideal logic-circuit technology in many 
respects, has a limited current-driving capability. This is not a serious problem when the 
CMOS gate has to drive a few other CMOS gates. It becomes a serious issue, however, 
when relatively large capacitive loads (e.g., greater than 0.5 pF or so) are present In such 
cases, one has to either resort to the use of elaborate CMOS buffer circuits or face the usu¬ 
ally unacceptable consequence oflong propagation delays. On the other hand, we know that 
by virtue of its much larger transconductance, the BJT is capable of large output currents. 
We have seen a practical illustration ol that in the emitter—follower output stage ot 
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T? 7" V tunuer equivalent conditions)-of course, at me expense of Utah newer 

d,ss lpa .on. In summary, then, BiCMOS seeks to combine the best of the C MOS and bbo a 
technologies to obtain a class of circuits that i* i , - . , ' ^ dnd hl P olar 

are higher than nossihle with r\mc particularly useful when output currents that 

are h.gher than possible with C MOS are needed. Furthermore, since BiCMOS technology is 

well suited or the implementation of high-performance analog circuits .see eg Section 

? b "k !h P - SSib ,' e ' he rea,iZati ° n ° f b ° th anal0g and d 'S'' al fu " ct '°" s the’same IC 
chip m. king the system on a chip an attainable goal. The price paid is a more complex 

and hence more expensive (than CMOS) processing technology. ’ 


14.5.1 The BiCMOS Inverter 

A variety of BiCMOS inverter circuits have been proposed and are in use. All of these are 
based on the use of npn transistors to increase the output current available from a CMOS 
inverter. This can be most simply achieved by cascading each of the Q N and Q t , devices of 
the CMOS inverter with an npn transistor, as shown in Fig. 14.37(a). Observe that this cir¬ 
cuit can be thought of as utilizing the pair of complementary composite MOS-BJT devices 
shown in Fig. 14.37(b). These composite devices' retain the high input impedance of the 
MOS transistor while in effect multiplying its rather low g m by the /?of the BJ f. It is also use¬ 
ful to observe that the output stage tormed by Q ] and Q : has what is known as the totem-pole 
configuration utilized by TTL. 10 




o 

m -— 








7 

. 

7 


o 6 


(a) fh) 

Figure 14.37 Development of the BiCMOS inverter circuit, (a) The basic concept is to use an additional 
bipolar transistor to increase the output current drive ot each ot £7 V and Q P ot the CMOS inverter, (b) The cir¬ 
cuit in (a) can he thought ol as utilizing these composite devices, (c) To reduce the tum-ofF times ot Q } and 
Q 2) “bleeder resistors" /?, and R, are added, (d) Implementation of the circuit in (c) using NMOS transistors 
to realize the resistors, (e) An improved version of the circuit in (c) obtained by connecting the lower end of 

f?i to the output node. 


It is interesting to note that these composite devices were proposed as early as 1969 (see Lin et al„ 1969). 
“Refer to the CD accompanying this book or the book's website for a description ot the haste TTL 

logic-gate circuit and its totem-pole output stage. 
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DD 

A 



(d) 


Figure 14.38 continued 

The circuit of Fig. 14.37(a) operates as follows: When v } is low, both Q s and Q , are off 
while Q p conducts and supplies with base current, thus turning it on. Transistor Q , then 
provides a large output current to charge the load capacitance, fhe result is a very fast charg¬ 
ing of the load capacitance and coi respondingly a short low-to-high propagation delay, t PLH . 
Transistor Q i turns off when v 0 reaches a value of about V DD - V Bt ,, and thus the output high 
level is lower than V DDi a disadvantage. When v t goes high, Q p and Q x turn off, and Q H turns 
on, providing its drain current into the base of Q 2 . Transistor Q , then turns on and provides a 
large output current that quickly discharges the load capacitance. Here again the result is a 
short, high-to-low propagation delay, t PHL . On the negative side, Q 2 turns off when v 0 reaches a 
value of about V BE2? and thus the output low' level is greater than zero, a disadvantage. 

Thus, while the circuit of Fig. 14.37(a) features large output currents and short propaga¬ 
tion delays, it has the disadvantage of reduced logic swing and, correspondingly, reduced 
noise margins. There is also another and perhaps more serious disadvantage, namely, the 
relatively long turn-off delays of 0, and Q 2 arising from the absence of circuit paths along 
which the base charge can be removed. This problem can be solved by adding a resistor 
between the base of each of and Q and ground, as shown in Fig. 14.37(c). Now when 
either Q x or Q 2 is turned off, its stored base charge is removed to ground through orffi* 
respectively. Resistor R 2 provides an additional benefit: With v, high, and after Q 2 cuts oft 
v a continues to tall below V ga% and the output node is pulled to ground through the senes 
path of Q n and R 2 . Thus R 2 functions as a pull-down resistor. The Q s -R 2 path, however, is a 
high impedance one with the result that pulling v a to ground is a rather slow process. Incor 
porating the resistor 7?„ however, is disadvantageous from a static power-dissipation stand¬ 
point: When v, is low, a dc path exists between V DD and ground through the conducting ft 
and R v Finally, it should be noted that /?, and R 2 take some of the drain currents of ft ar5d 
Qh away from the bases of Q { and Q 2 and thus slightly reduce the gate output current a\ai 
able to charge and discharge the load capacitance. 
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Figure 14.37(d) shows the wav in which /? D . 

l ited NMOS devices O inH n ’ , 1 are usua ^y implemented. As indi- 

these two transistors 6 ar^'rnade tr "! T* * ^ *■ and ** As added innovation, 
these two transistors are made to conduct only when needed. Thus, Q ,, will conduct only 

when v, nses, a. which time „s drain current constitutes a reverse base current for O speed- 

r UP , ! f T'h . th n y ’ 3m W " 1 COndUCt 0nly when and Q p conduct piling 

the ga e o Cb tgh. The drain current ot Q n then constitutes a reverse base current for Q 
speeding up its tum-otf. 1 Ul 

As a final circuit for the BiCMOS inveder, we show the so-called fi-circui. in Fig. 14.37(e). 

1 Ins ctrcui differs from that in fig. 14.37(c) in only one respect: Rather than returning R to 

ground, we have connected R, to the output node of the inverter. This simple change has mo 

benefits. Firs , the problem of static power dtssipation is now solved. Second. R, now ftme- 

tions as a pull-up resistor, pulling the output node voltage up to V DB (through the conduetinc 

2p) after Q, has turned off. Thus, the R circuit in Fig. 14.37(e) does in fact have output 
levels very close to V DD and ground. 

As a final remark on trie BiCMOS inverter, we note that the circuit is designed so that 
transistors Q x and Q 2 are never simultaneously conducting and neither is allowed to saturate 
Unfortunately, sometimes the resistance of the collector region of the BJT in conjunction 
with large capacitive-charging currents causes saturation to occur. Specifically, at large out¬ 
put currents, the voltage developed across r c (which can he of the order of 100 Q) can lower 
the voltage at the intrinsic collccu.u icnmnal and cause the C lij to become forward biased. 
As the reader will recall, saturation is a harmful effect for two reasons: It limits the collector 
current to a value less than and it slows down the transistor turn-off. 


14.5.2 Dynamic Operation 

A detailed analysis ot the dynamic operation of the BiCMOS inverter circuit is a rather com¬ 
plex undertaking. Nevertheless, an estimate of its propagation delay can be obtained by con¬ 
sidering only the time required to charge and discharge a toad capacitance C Such an 
approximation is justified when C is relatively large and thus its effect on inverter dynamics is 
dominant: in other words, when we are able to neglect the time required to charge the parasitic 
capacitances present at internal circuit nodes. Fortunately, this is usually the case in practice, 
for if the load capacitance is not large, one would use the simpler CMOS inverter. In fact, it 
has been shown (Embabi, Bellaouar, and Elmasry, 1993 ) that the speed advantage of Bi¬ 
CMOS (over CMOS) becomes evident only when the gate is required to drive a large fan-out 
or a large load capacitance. For instance, at a load capacitance of 50 fF to 100 fF, BiCMOS 
and CMOS typically feature equal delays. However, at a load capacitance of 1 p)\ t p of a BiC¬ 
MOS inverter is 0.3 ns, whereas that of an otherwise comparable CMOS inverter is about 1 ns. 

Finally, in Fig. 14.38, we show simplified equivalent circuits that can be employed in 
obtaining rough estimates of t riH and t PHL of the /f-type BiCMOS inverter (see Problem 14.49). 


14.5.3 BiCMOS Logic Gates 

In BiCMOS, the logic is performed by the CMOS part of the gate, with the bipolar portion 
simply functioning as an output stage. It follows that BiCMOS logic-gate circuits can be 
generated following the same approach used in C MOS. As an example, we show in Fig. 14.39 

a BiCMOS two-input NAND gate. 

As a final remark, we note that BiCMOS technology is applied in a variety o' products 
including microprocessors, static RAMs, and gate arrays (see Alvarez, 1793). 
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Figure 14,39 Equivalent circuits for charging and discharging a load capacitance C. Note that C includes 
all the capacitances present at the output node. 
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Figure 14.40 A BiCMOS two-input NAND gate. 


014,1 7 The threshold voltage of the BiCMOS inverter of Fig. 14.37(e) is the value oft/, at which both 

Q n and Q p are conducting equal currents and operating in the saturation region. At this value of 
V,t & Wl11 be on ’ caus ' n g the voltage at the source of Q s to be approximately 0.7 V. It is required 
to esjgn the circuit so that the threshold voltage is equal to V DD /2 . For V DD = 5 V, \ V\ = 
0. V, and assuming equal channel lengths for Q„ and Q p and that u « 2.5 u B , find the required 

ratio of widths, W/W p 

1 P ft ’ 

Ans. 1 
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Summary 

□ Standard CMOS logic utilizes two transistors an 
NMOS and a PMOS, for each input variable. Thus the 
circuit complexity, silicon area, and parasitic capaci¬ 
tance all increase with fan-in. 

■ To reduce the device count, two other forms of static 
CMOS, namely, pseudo-NMOS and pass-transistor 
logic (PTL), are employed in special applications as 
supplements to standard CMOS. 

■ Pseudo-NMOS utilizes the same PDN as in standard 
CMOS logic but replaces the PUN with a single PMOS 
transistor whose gate is grounded and thus is permanent¬ 
ly on. Unlike standard CMOS, pseudo-NMOS is a ratio- 
ed form of logic in which V OL is determined by the ratio 
r of k n to k p . Normally, r is selected in the range of 4 to 
10 and its value determines the noise margins. 

■ Pseudo-NMOS has the disadvantage of dissipating 
static power when the output of the logic gate is low. 
Static power can be eliminated by turning the PMOS 
load on for only a brief interval, known as the 
precharge interval, to charge the capacitance at the 
output node to V DD . Then the inputs are applied, and 
depending on the input combination, the output node 
either remains high or is discharged through the PDN. 
This is the essence of dynamic logic. 

® Pass-transistor logic utilizes either single NMOS transis¬ 
tors or CMOS transmission gates to implement a net¬ 
work of switches that are controlled by the input logic 
variables. Switches implemented by single NMOS 
transistors, though simple, result in the reduction of 
V 0H from V DD to V DD - V r 

■ The CMOS transmission gate, composed of the parallel 
connection of an NMOS and a PMOS transistor, is a 
very effective switch in both analog and digital applica¬ 
tions. It passes the entire input signal swing, 0 to l' DD . As 
well, it has an almost constant “on’* resistance over the 
full output range. 


■ A particular form ot dynamic logic circuits, known as 

Domino logic, allows the cascading of dynamic logic 

gates. 

■ Emitter-coupled logic (ECL) is the fastest commercially 
available logic-circuit family. It achieves its high speed 
ot operation by avoiding transistor saturation and by 
utilizing small logic-signal swings. 

9 l n ECL the input signals are used to steer a bias current 
between a reference transistor and an input transistor. 

The basic gate configuration is that of a differential 

amplifier. 

® There are two popular commercially available ECL 
types: ECL l OK, having t p =2 ns, P D = 25 mW, and PDP 
= 50 pJ; and ECL 100K, having t p = 0.75 ns, P D = 40 mW, 
and PDP = 30 pJ. ECL MK is easier to use because the 
rise and tall times of its signals are deliberately made long 
(about 3.5 ns), 

- Because of the very' high operating speeds of ECL, care 
should be taken in connecting the output of one gate to 
the input of another. Transmission-line techniques are 
usually employed. 

■ The design of the ECL gate is optimized so that the noise 
margins are equal and remain equal as temperature 

changes. 

■ The ECL gate provides two complementary outputs, 
realizing the OR and NOR functions. 

■ The outputs of ECL gates can be wired together to real¬ 
ize the OR function of the individual output variables. 

c BiCMOS combines the low-power and wide noise mar¬ 
gins of CMOS with the high current-driving capability' 
(and thus the short gate delays) of BJTs to obtain a tech¬ 
nology that is capable of implementing very dense, low- 
power, high-speed VLSI circuits that can also include 
analog functions. 
















































































Problems involving design are marked with D throughout 
the text. As well, problems are marked with asterisks to 
describe their degree of difficulty. Difficult problems are 
marked with an asterisk (*); more difficult problems with 
two asterisks (**); and very challenging and/or time-con¬ 
suming problems with three asterisks (***). 


Section 14.1: Pseudo-NMOS Logic Circuits 

14.1 The purpose of this problem is to compare the v alue 
ot f PUI obtained with a resistive load (see I ig. PI4.1 a) to that 
obtained with a current-source load (see Fig. P14. lb). Fora 
fair comparison, let the current source / = V DD /R D , which 
is the initial current available to charge the capacitor in the 
case of a resistive load. Find t PLH for each case, and hence 
the percentage reduction obtained when a current-source 
load is used. 


D *14.2 Design a pseudo-NMOS inverter that has equa 
capacitive charging and discharging currents at v a = 
V DD /4 for use in a system with V nD = 2.5 V, IF,I = 0.5 V. 

K ~ H5 pA/V 2 k'~ 30pA/V 2 , and (W/L) n = 1.5 
What are the values of ( W/L ), V „, K,„ V„ 


and A A 1,1 


Vm* VoL,m 


14*3 Find « 3nd tp for apscudo-NM* f S inverter 

fabricated in a 0.13-fjim CMOS technology for which 

V od~ 1-2 v, v f = 0.4 V, and fi n C ox = 4 Ji p C 0X = 

430 pA,/V~. Assume that the inverter has r = 4 and 

( ff 1 L ) n — I and that the equivalent load capacitance is 
10 fF. 




AA/ t is maximized. Whai is the corresnn/a “ h ' ch 
o(NM l tor the case V DD = 2.5 V and V, = 0.5 v? '" 8 Vl1 "' 

D 14.5 Design a pseudo-NMOS inverter that has V 
Let V DD = 2.5 V, | W = 0.5 V, k' = 4k' = nr!*'. 0 . ? 
and (W/L) p = 1. What is the value of ( w/L )? C ,M ' 
the valties of NM L and the static power dissipation 

14.6 For what value of r does NM U of a pseudo-NMOS 


inverter become zero? Prepare a table of N and JV 
r. for r = 1 to 16. Let V DD = 2.5 V and V = 0.5 V. 

14.7 For a pseudo-NMOS inverter, what value of r 

in NM, = NM h 1 Let V DD = 2.5 V and \V, = 0.5 V. What ts 
the resulting margin? 


0.5 V. What is 

D *14.8 It is required to design a minimum-area pseudo- 
NMOS inverter with equal high and low noise margins 
using a 2.5-V supply and devices for which \V\ =0,5 V 

= 4%p ~ 120 fi A/V‘, and the minimum-size device has 
( W/L ) = 1. Use /•= 3.2 and show that NM L - NM H . Specify 
the values of ( W/L )„ and ( W/L ) p . What is the static power 
dissipated in this gate? What is the ratio of propagation 
delays for Io\v-to-high and high-to-low transitions'’ For an 
equivalent load capacitance of 0.1 pF, find t pur t m , and t F . 
At what frequency of operation would the static and 
dynamic power levels be equal? Is this speed of operation 
possible in view ot the t p value you found? 

D 14 .9 Sketch a ps eudo-NMOS realization of the function 
Y — + S(C+ D). 



Figure P 14.1 
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D 14.11 Consider a four-input pseudo-NMOS NOR gate in 
which the NMOS devices have { W/L ) n = 0.27 unV 
0.18 pm. It is required to find ( W/L ) so that the^worst- 

_ _ __ ^ _ 1 — a A. W / - __ 1 T T W * t jp 


case value of V 0L is 0.1 V. Let V DD = 1.8 V. V 

and k' = 4A'=300 p.A/v' 

width possible is 0.2 pm. 


= 0.5 V. 


14.12 This problem investigates the effect of velocity satu¬ 
ration (Section 13.5.2) on the operation of a pseudo-NMOS 
inverter fabricated in a 0.13-pm CMOS process for which , 

1.2 V, V t = 0.4 V, y n C ox = 4ju p C ox = 430 pA/V : , 
^DSsaxp = V. Consider the case with Vj = V DD 
and Vq — Vql. Note that Q p will be operating in the 
velocity-saturation region. Find its current I Dm and use it 
to determine V OL . 


V = 

' DD 

and 


Section 10 . 2 : Pass-Transistor Logic Circuits 

14.13 Consider the NMOS transistor switch in the circuits 
of Figs. 14.8 and 14.9 to be fabricated in a 0.18-pm CMOS 
technology for which }i n C ox - 4//C = 300 pA/V : , 
|K /0 |=0.5V, r = 0.3 V ,/2 , 2^ = 0.85 V, and V DD = 
1.8 V. Let the transistor have W/L = 1.5, and assume that the 
total capacitance between the output node and ground is C = 
10 fF. 

(a) For the case V { = V DD , find V OH , 

(b) If the output feeds a CMOS inverter having 
( W/L) p = 2 (W/L) n = 0.54 |im/0.18 |im, find the 
static current of the inverter and its power dissipation w hen 
the inverter input is at the value found in (a). Also, find the 
inverter output voltage. 

(c) Find t PLH 

(d) For Vj going low (Fig. 14.9), find t PHL . 

(e) Find t P . 

44.14 A designer, beginning to experiment with the idea 
of pass-transistor logic, seizes upon w'hat he sees as two 
good ideas: 

(a i that a string of minimum-size single MOS transistors 
can do complex logic functions, but 
(b) that there must always be a path between output and a 
supply terminal. 

Correspondingly, he first considers two circuits (shown in 
Fig. PI 4.14). For each, express Fas a function of A and B. In 
each case, what can be said about general operation? About 
the logic levels al ) ? About node X ? Do either of these cir¬ 
cuits look familiar? If in each case the terminal connected to 
V DD is instead connected to the output of a CMOS inverter 
whose input is connected to a signal C\ what does the func¬ 
tion Y become? 






Figure P14.14 


14.15 Consider the circuits in Fig, P14.14 with all PMOS 
transistors replaced with NMOS, and all NMOS by PMOS, 
and w ith ground and I r DD connections interchanged. What do 
the output functions Y become? 


14.16 An NMOS pass-transistor switch with W/L - 

1.2 pm/0.8 pm, used in a 3.3-V system for which J' 0 = 

0.8 V, y= 0.5 V 1 ' 2 , 20 /= 0.6 V, = 3^C„, = 

75 pA V", drives a 100-fF load capacitance at the input 
of a matched standard CMOS inverter using ( W/L ) rj = 

1.2 pm/0.8 pm, For the switch gate terminal at V DD , eval¬ 
uate the switch V OH and V 0L for inputs at V DD and 0 V, respec¬ 
tively. For this value of V 0H , what inverter static current 
results? Estimate t PLH and t PHL for this arrangement as mea¬ 
sured from the input to the output of the switch itself. 


*14.17 The purpose of this problem is to design the 
1-restoring circuit of Fig. 14.1 > and gain insight into 
iperation. Assume that k' n - 3 k p - 75 p A/V‘, V DD = 

■ * -a. m. m V 


and C = 20 fF. Let v B = V DD . 

(a) Consider first the situation with V A = V DD . Find the value 
of the voltage v m that causes v o: to drop a threshold voltage 
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below V nD \ that is, to 2.5 V so that Q R turns on. At this value 
of find V f of Q,. What is the capacitor-charging current 
available at this time (i.e., just prior to Q R turning on)? What 
is it at v 0l - 0? What is the average current available for 
charging Cl Estimate the time t PLH for to rise from 0 to 
the value at which Q H turns on. Note that after Q R turns on, 
v m rises to V DD . 

(b) Now, to determine a suitable W/L ratio for Q R , con¬ 
sider the situation when v A is brought down to 0 V and Q x 
conducts and begins to discharge C. ! he voltage v ot will 
begin to drop. Meanwhile, v 02 is still low and Q R is conduct¬ 
ing. The current that Q H conducts subtracts from the current 
of Q r reducing the current available to discharge C Find the 
value ot v m at which the inverter begins to switch. This is 
l ih = ^dd -2F,). i hen, find the current that Q x con¬ 
ducts at this value ot V 0v C hoose W/L for Q R so that the 
maximum current it conducts is limited to one-half the value 
of the current in Q r What is the W/L you have chosen? 
Estimate t PHL as the time for v 0] to drop from V DD to V fH . 

14.18 Figure PI4.18 shows a PMOS transistor operating as 
a switch in the on position. 



k'= 300 pA/V 2 , 

2 Qf - 0.85 V, and V DD = 
(W/L)„ = (W/L) p = 1.5. 
output node is 15 fF. 


The ; o n' and 

The total capacitance at the 


(a) What are the values of V 0H and V ■ ? 

(b) For the situation in Fig. 14.12(a), fmd , m(0 , / 

'dn(1 PLh)• >Dp(^PLh). ai) d IpLH- ' 0t ' 

(c) For the situation depicted in Fig. 14.12(b), find , (0| 

'f 0) ’ jopUpHL), and t PHL . At what value 

ot v 0 will Q p turn off? c 

(d) Find t P 

14.20 For the transmission gate specified in Problem 
14.19, find R tg at v 0 = 0 and 0.9 V. Use the average of 

those values to determine t PLH for the situation in whir 
C = 15 fF. n 


*14.21 Refer to the situation in Fig, 14.12(b). Derive 
expressions for /? Veq , /? Peq , and R TG following the 
approach used in Section 14.2.4 for the capacitor-charging 
case. Evaluate the value of R TG for z/ 0 = V DD and 

v o ~ V DD / 2 for the process technology specified in 
Problem 14.19. Find the average value of R TG and use it to 
determine t PHL for the case C = 15 fF. 

14.22 A transmission gate for which {WIL\ = 
( W/L) p ~ 1.5 is fabricated in a 0.18-jum CMOS technol¬ 
ogy and used in a circuit for which C ~ 10 fF. Use Eq. 
(14.36) to obtain an estimate of R TG and hence of the prop¬ 
agation delay t P . 


Figure P14.18 


(a) If initially Vq — 0 and at / = 0, v t is raised to V ln 
what is the final value V OH reached at the output? J 

(b) It initially, v G — V DP> and at t = 0, is lowered to 0 
what is the final value V OL reached at the output? 

(c) For the situation in (a), find tpLH for v 0 to rise from 

to V DD /2 . Let k p = 225 pA/V 2 , V DD = 1.8 V, ai 
'V tp \ = 0.5 V. 


14.19 The transmission gate in Fig. 14.12(a) and 14,l2(b> 
is fabricated in a CMOS process technology for which 


14.23 Figure P14.23 shows a chain of transmission gates. 
This situation often occurs in circuits such as adders and 
multiplexers. Consider the ease when all the transmission 
gates are turned on and a step voltage V D d is applied to the 
input. The propagation delay t p can be determined from the 
Elmore delay formula as follows: 

n 

t P = 0.69 ^kCR TG 

k =0 

where R TG is the resistance of each transmission gate. L is 
the capacitance between each node and ground, and n is the 



0 - 1 - 

Figure P14.23 


► t 
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number of transmission gates in the chain. Note that the sum 
of the series in this formula is given by 

t P = 0.69 CR tc ~ + 1) 

Now evaluate t P for the case of 16 transmission gates with 
R tg = 10 kQ and C= 10 fF. 

D 14.24 (a) Use the idea embodied in the exclusive-OR 
realization in Fig. 14.17 to realize Y = AB + AB. That is 
find a realization for Y using two transmission gates. 

(b) Now combine the circuit obtained in (a) with the circuit 
in Fig. _14.17 to obtain a realization of the function Z = 
YC + YC, where C is a third input. Sketch the complete 12- 
transistor circuit realization of Z. Note that Z is a three-input 
exclusive-OR. 

D 14.25 Using the idea presented in Fig. 14.18, sketch 
a CPL circuit whose outputs are Y = AB + AB and Y - 
AB+AB. 

D 14.26 Extend the CPL idea in F ig. 14.18 to three vari¬ 
ables to form Z = ABC and Z = ABC - A +B + C. 

Section 14.3: Dynamic MOS Logic Circuits 

D 14.27 Based on the basic dynamic logic circuit of 
Fig. 14.19, sketch complete circuits for NOT. NAND, and 
NOR gates, the latter two with two inputs, and a circuit for 
which Y = AB + CD. 

14.28 In this and the following problem, we investigate 
the dynamic operation of a two-input NANI) gate realized 
in the dynamic logic form and fabricated in a CMOS pro¬ 
cess technology for which k' n - 3 k' = 75 gA/V‘, V tn - 
-V lr = 0,8 V, and V DD = 3 V. To keep C L small, minimum- 
size NMOS devices are used for which W/L - 
1.2 pm/0.8 pm (this includes Q e ). The PMOS precharge 
transistor Q has 2.4 pm/0.8 pm. The capacitance C L is 
found to be 30 fF. Consider the precharge operation with 
the gate of Q p at 0 V, and assume that at / = T C L is iully 
discharged. We wish to calculate the rise time ot the output 
voltage, defined as the time for v y to rise from 10% to 90% 
of the final value of 3 V. Find the current at v r ~ 0.3 V and 
the current at v r = 2.7 V, then compute an approximate 
value for t r , t r = Q(2.7 - 0.3)// av , where I av is the aver¬ 
age value of the two currents. 

14.29 For the gate specified in Problem 14,28, evaluate 
the high-to-low propagation delay, t PHL . To obtain an 
approximate value of t PHL , replace the three series NMOS 
transistors with an equivalent device and find the average 
discharge current. 

14.30 The leakage current in a dynamic-logic gate causes 
the capacitor C, to discharge during the evaluation phase, 


even if the PDN is not conducting. For C, = 15 fF. and 
^icaiagc = '0 ‘ A, find the longest allowable evaluate time if 
the decav in output voltage is to he limited to 0.2 V. If the 
precharge interval is much shorter than the maximum allow¬ 
able evaluate time, find the minimum clocking frequency 
required, 

14.31 In this problem, we wish to calculate the reduction 
in the output voltage ot a dynamic-logic gate as a result of 
charge redistribution. Refer to the circuit in Fig. 14.21(a), 
and assume that at / = 0- v r = F DfJ , and v a = 0. At t = 0, <p 
goes high and Q p turns off, and simultaneously the voltage 
at the gate of Q , goes high (to F on ), turning Q x on. Transistor 
will remain conducting until either the voltage at its 
source (u C) ) reaches V 0D - l m or until = v cv whichever 
comes first. In both cases, the final value of v r can be found 
using charge conservation; that is, by equating the charge 
gained by C, to the charge lost by C r 

(a) Convince yourself that the first situation obtains when 

M S F,„. 

(b) For each of the two situations, derive an expression for 
&V Y . 

(c) Find an expression for the maximum ratio (C/C t ) for 
which |Aip| < V ln . 

(d) For V ln - 1 V, V DD = 5 V, C L - 30 fF, and neglecting the 
body effect in £?,, find the drop in voltage at the output in the 
two cases: (a) Q = 5 fF and (b) C, = 10 fF. 

14.32 Solve the problem in Exercise 14.10 symbolically 
(rather than numerically). Refer to Fig E14.10 and assume 
(7^, and Q 2 to be identical with threshold voltages 
V tn = 0,2 V DD and transconductance parameters k n . Also, let 
C Lj = C u . Derive an expression for the drop in the output 
voltage, 

14.33 For the four-input dynamic-logic NAND gate ana¬ 
lyzed in Example 14.3, estimate the maximum clocking fre¬ 
quency allowed. 

Section 14.4: Emitter-Coupled Logic (ECL) 

D 14.34 For the ECL circuit in Fig. P 14.34, the transis¬ 
tors exhibit V BE of 0.75 V at an emitter current I and have 
very' high /?. 

(a) Find V OH and V 0L . 

(b) For the input at B that is sufficiently negative for Q B to 
be cut off, what voltage at A causes a cun-ent of 1/2 to flow 

in Qp. 

(c) Repeat (b) for a current in Q k of 0.99/. 

(d) Repeat (c) for a current in Q R of 0.01 L 

> e) Use the results of (c > and (d) to specify V fl and V m . 

(f) Find NM h and NM L . 

(g) Find the value of IR that makes the noise margins equal 
to the width of the transition region, V m - V, L . 
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Figure P14.34 




(hi Using the IR value obtained in (g), give numerical val¬ 
ues for V OH> V OL , V m , V /L , and V R for this ECL gate. 

*14.35 Three logic inverters are connected in a ring. 
Specifications for this family of gates indicate a typical 
propagation delay of 3 ns for high-to-low output transitions 
and 7 ns for low-to-high transitions. Assume that for some 
reason the input to one of the gates undergoes a low-to-high 
transition. By sketching the waveforms at the outputs of the 
three gates and keeping track of their relative positions, 
show that the circuit functions as an oscillator. What is the 

frequency of oscillation of this ring oscillator? In each cycle, 
how long is the output high? low? 

*14.36 Following the idea of a ring oscillator introduced 
m Problem 14.35, consider an implementation using a ring of 
five ECL 10GK inverters. Assume that the inverters have 
linearly rising and falling edges (and thus the waveforms are 
trapezoidal in shape). Let the 0 to 100% rise and fall times be 
equal to 1 ns. Also, let the propagation delay (for both transi¬ 
tions) be equal to 1 ns. Provide a labeled sketch of the five 
output signals, taking care that relevant phase information is 
provided. What is the frequency of oscil lation? 

D 14.37 Using the logic and circuit flexibility of ECL 
indicated by Figs. 14.26 and 14.36, sketch an ECL logic cir¬ 
cuit that realizes the exclusive OR function, Y = AB + AB 
Give a logic diagram fas opposed to a circuit diagram). 


14.38 For the circuit in Fig. 14.28 whose transfer charac¬ 
teristic is shown in Fig. 14.29, calculate the incremental volt¬ 
age gain from input to the OR output at points.r, m, and y of 
the transfer characteristic. Assume p = 100. Use the results 
of Exercise 14.14. and let the output at .v he -1.77 V and that 
at v be -0.88 V. {Hint: Recall that .v and y are defined by a 
1%, 99% current split.) 

14.39 For the circuit in Fig. 14.28 whose transfer charac¬ 
teristic is shown in Fig. 14.29, find V, L and V lH if .randy are 
defined as the points at which 

(a) 90% of the current 1 E is switched. 

(b) 99.9% of the current I f is switched. 

14.40 For the symmetrically loaded circuit of Fig. 14.28 
and for typical output signal levels ( V 0H = -0.88 V and l' 0L = 
-1.77 V ), calculate the power lost in both toad resistors R T 
and both output followers. What then is the total power 
dissipation of a single ECL gate, including its symmetrical 
output terminations? 

14.41 Considering the circuit of Fig. 14.30, what is the 
value of ft of (?,, for which the high noise margin (AM/) ' s 
reduced by 50%? 

j 

*14.42 Consider an ECL gate whose inverting output is 
terminated in a 50-12 resistance connected to a -2-V supply 
Let the total load capacitance be denoted f . As the input o 
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the gate rises, the output emitter follower cuts off and the load 
capacitance C discharges through the 50-0 load (until the 
emitter follower conducts again). Find the value of C that will 

result in a discharge time of I ns. Assume that the two output 
levels are -0.88 V and -1.77 V. 


14.43 for signals whose rise and fall times are 3.5 ns, 
what length of unterminated gate-to-gate wire interconnect 
can be used if a ratio of rise time to return time of 5 to 1 is 
required? Assume the environment of the wire to be such 
that the signal propagates at two-thirds the speed of light 
(which is 30 cm/ns). 


*14.44 For the circuit in Fig. P14.44, let the levels of the 
inputs A, B, C, and D be 0 and +5 V. For all inputs low at 


what is tne voltage at 1' Assume v BE 
Express £ as a logic function of A, B, C, and D 


u. i v miu u — 






4 o 



B o 



18 kO 


Co 



Do 


18 kO 


2.5 kO 




E 



Figure PI4.44 


Section 14.5: BiCMOS Digital Circuits 

14.45 Consider the conceptual BiCMOS circuit of 

Fig. 14.37(a), for the conditions that V DD = 5 V, I V\ = 1 V, 

(fle =0.7 V, ft = 100, k' n ~ 2.5 k' p = 100 pA/V : , and 

(#/£)„= 2 pm/1 pm. For v, = v 0 = V DD /2, find 

( W/L)p so that I E q [ — I E Q', What is this totem-pole tran¬ 
sient current? 


14.46 Consider the conceptual BiCMOS circuit of 
Fig. 14.37(a) for the conditions stated in Problem 14.45. What 
is the threshold voltage of the inverter if both Q, and Q r 
have W/L ~ 2 pm/1 pm'.' What totem-pole current flows 
at v f equal to the threshold voltage? 


D *14.47 Consider the choice of values for and R, in 
the circuit ot Fig. 14.37(c). An important consideration in 


making this choice is that the loss ol base drive current will 
be limited. Phis toss becomes particularly acute when the 
current through Q s and Q p becomes small. This in turn hap¬ 
pens near the end ot the output signal swing when the asso¬ 
ciated MOS device is deeply in triode operation (say at 


i' 


DSl 


V, |/3). Determine values for R } and R , so that the 
loss in base current is limited to 50%. What is the ratio 
R\/Rft Repeat for a 20% loss in base drive. 


*14.48 For the circuit ol Fig. 14.37(a) with parameters as 
in Problem 14.45 and with ( W/L) p = ( W/L )„, estimate the 
propagation delays t PLH ., t PHL and t r obtained for a load capaci¬ 
tance of 2 pF. Assume that the internal node capacitances do 
not contribute much to this result. Use average values for the 
charging and discharging currents. 


‘14,49 Repeat Problem 14.48 tor the circuit in Fig. 

14.37(e), assuming that R { = R 2 = 5 kO. 

D 14.50 Consider the dynamic response of the NAND 
gate of Fig. 14.39 with a large external capacitive load. If 
the worst-case response is to be identical to that of the 
inverter of Fig. 14.37(e), how must the W/L ratios of Q Xr 
Q nb , 0 Qp,v Qpb> and Qp be related? 

D 14,51 Sketch the circuit of a BiCMOS two-input NOR 
gate. If, when loaded with a large capacitance, the gate is to 
have worst-case delays equal to the corresponding values of 
the inverter ol Fig. 14.37(e), find W/L of each transistor in 
terms of {W/L) n and ( W/L) p . 


I 

I 

' : 
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IN THIS CHAPTER YOU WILL LEARN: 


1. How the basic bistable circuit, the latch 
inverters in a [positive-feedback loop. 


, is realized by connecting two 



H °w to augment the latch to obtain different types of flip-flops that are 
useful building blocks for digital systems. 


3. How CMOS particularly suited for the efficient implementation of a 
particular type of flip-flop, the D flip-flop. 


4. How memory chips that contain as many as 4 gigabits are organized, as 
well as their various types and the terminology used to describe them. 


5. The analysis and design of the six-transistor circuit that is almost univer¬ 
sally used to implement the storage cell in static random access memory 
(SRAM) and the one-transistor circuit that is equally universal in the im¬ 
plementation of the storage cell in dynamic random access memory 
(DRAM). 


6. Interesting circuit techniques for accessing a particular storage cell in a 
memory chip and for amplifying the signal readout from the cell. 

7. How various types of read-only memory (ROM) are designed, pro¬ 
grammed, erased, and reprogrammed. 


Introduction 

The logic circuits studied in Chapters 13 and 14 are called combinational circuits. Their 
output depends only on the present value ot the input. Thus these circuits do not have memory. 
Memory is a very important part of digital systems. Its availability in digital computers allows 
for storing programs and data. Furthermore, it is important tor temporary storage of the output 
produced by a combinational circuit tor use at a later time in the operation of a digital system. 
Logic circuits that incorporate memory are called sequential circuits, that is, their output 
depends not only on the present value of the input but also on the input’s previous values. 

Such circuits require a timing generator (a clock ) for their operation. 

There are basically two approaches for providing memory to a digital circuit. The first 

relies on the appl ication of positive feedback that, as will be seen shortly, can be arranged to 
provide a circuit with two stable states. Such a bistable circuit can then be used to store one 
bit of information: One stable state would correspond to a stored 0, and the other to a stored . 
A bistable circuit can remain in either state indefinitely, and thus it belongs to the categoir 
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of static sequential circuits . The other approach to realizing memory utilizes th 
charge on a capacitor: When the capacitor is charged, it would be regarded a eSt ° ra ^ of 
when it is discharged, it would be storing a 0 . Since the inevitable leakage effect ^ * li 
the capacitor to discharge, such a form of memory requires the periodic rech. S * ^ 
capacitor, a process known as refresh . Thus, like dynamic logic (Section u ^ 1 " 80 §S 

based on charge storage is known as dynamic memory and the corresponding se 
cuits as dynamic sequential circuits. m lai cir* 

This chapter is concerned with the study of memory circuits. We begin in Se f 

with the basic bistable circuit, the latch, and its application in flip-flops, an import 110 " f' 

of building blocks for digital systems. After an overview of memory-chip types or ' 

tion, and nomenclature in Section 15.2, we study the circuit of the static memo' 

(SRAM) and that of the dynamic memory cell (DRAM) in Section 15.3. Besides the aria f 

storage cells, memory chips require circuits for selecting and accessing a particular cell" 

the amay (address decoders) and for amplifying the signal that is retrieved from a particuh 

cell (sense amplifiers). A sampling of these peripheral circuits is presented in Section 154 

The chapter concludes with an important class of memories, the read-only mentor, nvii 
in Section 15.5. J 


15.1 Latches and Flip-Flops 


In this section, we shall study the basic memory element, the latch, and consider a sampling 
ot its applications. Both static and dynamic circuits will be considered. 

15.1.1 The Latch 

The basic memory element, the latch, is shown in Fig. 15.1 (a ►. It consists of two cross-coupled 
logic inverters, G, and G 2 , The inverters form a positive-feedback loop. To investigate the 
operation of the latch we break the feedback loop at the input of one of the inverters, say G,. 
and apply an input signal, as shown in fig. 15.1(b). Assuming that the input impedance 
of G ( is large, breaking the feedback loop will not change the loop voltage transfer charac¬ 
teristic, which can be determined from the circuit of Fig. 15.1(b) by plotting v z versus ty 
This is the voltage transfer characteristic of two cascaded inverters and thus takes the shape 
shown in Fig. 15.1(c). Observe that the transfer characteristic consists of three segments, 
w ith the middle segment corresponding to the transition region of the inverters. 

Also shown in Fig. 15.1(c) is a straight line with unity slope. This straight line represents 
the relations! 11 p y= u z that is realized by reconnecting Z to W to close the feedback loop and 
thus to return it to its original form. As indicated, the straight line intersects the loop transfer 
curve at three points, A, B, and C. Thus any ot these three points can serve as the operating 
point for the latch. We shall now show that while points A and C are stable operating points 
in the sense that the circuit can remain at either indefinitely, point B is an unstable operating 

cann °t operate at B for any significant period of time. 

The reason point B is unstable can be seen by considering the latch circuit in Fig. 15.1(a) to 

■ a | point B, and taking account of the electrical interference (or noise) that is inev 

*^ a \ P resen * any circuit. Let the voltage v w increase by a small increment v w . The voltage at 
wi increase (in magnitude) by a larger increment, equal to the product ot v w and the incre 
menta gain of G, at point B. The resulting signal is applied to G, and gives rise to an even 
arger signal at node Z. The voltage v 2 is related to the original increment v w by the loop gmn aI 
point , u ich is the slope of the curve of v 7 versus v w at point B. This gain is usually mui 
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Figure 15.1 (a) Basic latch, (b) The latch with the feedback loop opened, (c) Determining the operatins 

point(s) of the latch. 



Figure 15.2 Point B is an unstable operating point for the latch: A small positive increment v % gets ampli¬ 
fied around the loop and causes the operating point to shift to the stable operating point C. Had been 
negative, the operating point would have shifted to the other stable point, A. 


greater than unity. Since is coupled to the input of G,, it becomes the new value of v w and is 
further amplified by the loop gain. This regenerative process continues, shifting the operating 
point from B upward to point C, as illustrated in Fig. 15.2. Since at C the loop gain is zero (or 

almost zero), no regeneration can take place. 

In the description above, we assumed arbitrarily an initial positive voltage increment at 

W. Had we instead assumed a negative voltage increment, we would have seen that the oper- 

ating point moves downward from B to A. Again, since at point A the slope of the trans er 

curve is zero (or almost zero), no regeneration can take place. In fact, tor regeneration to 

occur, the loop gain must be greater than unity, which is the case at point B. 
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The discussion above leads us to conclude that the latch has two stable 

nH At nnint ( n iq hitrh -n ic 1 nw rt ic 1 n\i/ an/4 °P e rating poj nts 


A and C. At point C, v w is high, i^is low, v Y is low, and v 2 is high. The reverse is t * ** 


at point 


oh )■ "Thus the 


A. If we consider X and Z as the latch outputs, we see that in one oft 1 m ,b] e stat 
corresponding to operating point A), v x is high (at V 0H ) and is low (at V ) ^ S(Saytllai 
state (corresponding to operating point C), v x is low (at V OL ) and v z is high (aT V ° C ° ther 
latch is a bistable circuit having two complementary outputs. The stable state' w 
latch operates depends on the external excitation that forces it to the particular state Th 1 
then memorizes this external action by staying indefinitely in the acquired state A ^ ^ 
ory element the latch is capable of storing one bit of information. For instance we ca 'T 
trarily designate the state in which v x is high and v z is low as corresponding to a stored 1 ' 

1 The other complementary state then is designated by a stored logic 0. Finally we noteT 
the latch circuit described is of the static variety. * at 

It now remains to devise a mechanism by which the latch can be triggered to chan 
state. The latch together with the triggering circuitry forms a flip-flop. This will be discussed 
next. Analog bistable circuits utilizing op amps will be presented in Chapter 17. 


15.1.2 The SR Flip-Flop 

! he simplest type of flip-flop is the set/reset (SR) flip-flop shown in Fig. I5.3 (a) . ft is 

formed by cross-coupling two NOR gates, and thus it incorporates a latch. The second 

inputs of G, and G 2 together serve as the trigger inputs of the flip-flop.Jhese two inputs are 

labeled S (tor set) and R (for reset). The outputs are labeled Q and Q, emphasizing their 

complementarity. The flip-flop is considered to be set (i.e., storing a logic 1) when Q is high 

and Q is low. When the flip-flop is in the other state (Q low, Q high), it is considered to be 
reset (storing a logic 0). 

In the rest or memory state (i.e., when we do not wish to change the state of the flip-flop), 
both the S and R inputs should be low. Consider the case when the flip-flop is storing a logic0. 
Since Q will be low, both inputs to the NOR gate G : will be low. Its output will therefore be 
high. This high is applied to the input ot G,, causing its output Q to be low, satisfying the 
original assumption. To set the flip-flop we raise S to the logic-1 level while leaving 7?at 0. 
The 1 at the 5 terminal will force the output of G,, Q , to 0. Thus the two inputs to G, will be 
0 and its output Q will go to 1. Now even if S returns to 0, the Q = I signal fed to the input of 
G, will keep Q — 0, and the flip-flop will remain in the newly acquired set state. Note that it 
we raise S to 1 again (with R remaining at 0), no change will occur. To reset the Hip-flop we 
need to raise R to 1 while |eaving S = 0. We can readily show that this forces the flip-flop 
into the reset state ( Q = 0, Q - l) and that the flip-flop remains in this state even after R has 
returned to 0. It should be observed that the trigger signal merely starts the regenerative 
action of the positive-feedback loop of the latch. 




R S 

Qn+ 1 

0 

0 

Qn 

0 

I 

1 

1 

0 

0 

1 

I 

Not used 


(b) 


Figure 15.3 (a) The set/reset (SR) flip-^P 
and (b) its truth table. 
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mod ’ TT u u PP - 11 D ° th 6 and R are simultaneously raised to 1 The 
two NO ga es will cause both Q and Q to become 0 (note that in this case the complemen- 

Ipf ffn? 8 ° f n £Se tW , va " ables 1S ‘"correct). However, if R and S return to the rest state 
{R-S 0) simultaneously the state of the flip-flop will be undefined. In other words, it will 

be impossible to predict the final state of the flip-flop. For this reason, this input combina¬ 
tion is usually disallowed fi e., not used). Note, however, that this situation arises only in the 
idealized case, when both R and S return to 0 precisely simultaneously. In actual practice 

one of the two will return to 0 first, and the final state will be determined by the input that 
remains high longest. r 


The operation of the flip-flop is summarized by the truth table in Fig. 15.3(b), where O 

denotes the value ot Q at time / Just before the application of the R and S signals and Q 

denotes the value of Q at time /„ +l after the application of the input signals. ’ " + ' 

Rather than using two NOR gates, one can also implement an SR flip-flop by cross- 

coupling two NAND gates, in uhich case the set and reset functions are active when low 
(see Problem 15.2). 


15.1.3 CMOS Implementation of SR Flip-Flops 

The SR flip-flop of Fig. 15.3 can be directly implemented in CMOS by simply replacing 
each of the NOR gates by its CMOS circuit realization. We encourage the reader to sketch 
the resulting circuit (see Problem 15.1), Although the CMOS circuit thus obtained works 
well, it is somewhat complex. As an alternative, we consider a simplified circuit that further¬ 
more implements additional logic. Specifically, Fig. 15.4 shows a clocked version of an SR 
flip-flop. Since the clock inputs form AND functions with the set and reset inputs, the flip- 
flop can be set or reset only when the clock (p is high. Observe that although the two cross- 
coupled inverters at the heart of the flip-flop are of the standard CMOS type, only NMOS 
transistors are used for the set-reset circuitry. Nevertheless, since there is no conducting 
path between V DD and ground (except during switching), the circuit does not dissipate any 
static pow'er. 

Except for the addition of clocking, the SR flip-flop of i ig. 15.4 operates in exactly the 
same w r ay as its logic antecedent in Fig. 15.3: To illustrate, consider what happens when the 
flip-flop is in the reset state (Q = 0, Q - \,v Q - 0, v ^ = V DD ), and assume that we wish to set 
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Qi |fc>— 


Q 







t? 
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Q 




Q. 
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Ql j I—° 
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Figure 15.4 CMOS implementation of a clocked SR flip-flop. The clock signal is denoted by 0. 
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it. To do so, we arrange for a high ( V DD ) signal to appear on the S input while R is h 
0 V. Then, when the clock <p goes high, both Q, and Q b will conduct, pulline th i 1<JW#t 
down. If v Q goes below the threshold V u of the (Q„ Q t ) inverter, the inverter Vli 38 '"? 
states (or at least begin to switch states), and its output v Q will rise. This increase ' S * 
back to the input of the (£>„ Q 2 ) inverter, causing its output v- to go down even forth ^ 
regeneration process, characteristic of the positive-feedback latch, is now in nr ^ 
The preceding description of flip-flop switching is predicated on two assumptions' 

Transistors Q 5 and Q 6 supply sufficient current to pull the node Q down to a volta 

least slightly below the threshold of the (Q y QJ inverter. This is essential for the ref ^ 

erative process to begin. Without this initial trigger, the flip-flop will fail to switch 6 ? 

Example 15.1, we shall investigate the minimum W/L ratios that Q s and Q musth ” 
to meet this requirement. ‘ 6 vc 


1. 


2. The set signal remains high for an interval long enough to cause regeneration to take 

over the switching process. An estimate of the minimum width required for the set 

pulse can be obtained as the sum of the interval during which v- is reduced from F 

to and the interval for the voltage to respond and rise to V DD /2. This point' 

also will be illustrated in Example 15.1. 

Finally, note that the symmetry of the circuit indicates that all the preceding remarks apply 
equally well to the reset process. 



The CMOS SR flip-flop in Fig. 15.4 is fabricated in a 0.18-gm process for which u C =4 uC = 
300 pA/V \ V t „ = \V tp \ - 0.5 V, and V DD = 1.8 V. The inverters have ( W/L) n = 0.27 pm/0.18 pm and 
( W/L ) p = 4 { W/L )„. The lour NMOS transistors in the set-reset circuit have equal W/L ratios. 

(a ) Determine the minimum value required for this ratio to ensure that the flip-flop will switch. 

(b) Also, determine the minimum width the set pulse must have for the case in which the W/L ratio of each 
of the four transistors in the set-reset circuit is selected at twice the minimum value found in (a). As¬ 
sume that the total capacitance between each of the Q and Q nodes and ground is 20 fT. 

Solution 


f a) Figure 15.5(a) show s the rele\ am p< *rt m >m oi me circuit for our present purposes. Observe that since the 
circuit IS m reset state anc * regeneration has not yet begun, we assume that v 0 = 0 and thus Q 2 will be 
conducting^The circuit is in effect a pseudo-NMOS gate, and our task is to select the W/L ratios for ft 
an £7 6 so t at V OL of this inverter is lower than V DD /2 (the threshold of the Q A inverter whose ft N and 

F arQ required W/L tor Q , and Q h can be found by equating the current 

supp le y an Q t to the current supplied by Q 2 at v- - V DD /1 . To simplify matters, we assume that 

e , S TA^ t10 " ° f Qs and ‘ S ec 5 uivalent t0 a single transistor whose W/L is half the W/L of 
c o an Q 6 ( ig. 15.5b). Now, since at - V DD /2 both this equivalent transistor and Q 2 will be 

operating in the triode region, we can write 



300 x - 


= 75 x 


7) 

(1.8 -0.5)( 

' 1 

1/1.8' 

2- 

u/ 5 

L 

, 2 / 

2\ 2 > 


1.08 

( 1 Q n c xf 

1.8A 

1/1.8A 

7 

0.18 

1 1*0 U * 3 11 

2 J 

1 

J 
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which yields 


[W\ 0.54 pm 

^ ■5 0.18 gm 

and thus 

; - i = °-54 pm 

L „ 0.18 pm 

(b) The value calculated for (W/L) 5 and (W/L) e is the absolute minimum needed for switching to 
occur, o guarantee that the flip-Hop will switch, the value selected for ( W/L) s and ( W/L) h is usually 
somewhat larger than the minimum. Selecting a value twice the minimum, 

(W/L) s = i 0 /L) 6 = 1.08 pm/0.18 pm 

The minimum required \\ idth of the sei pulse is composed ol two components: the time for v- in the cir¬ 
cuit of Fig. 15.5(a) to fall from \ DD to l r M /2, where V DD /2 is the threshold voltage of^the inverter 
formed by Q 3 and Q 4 in Fig. 15.4, and the time for the output of the Q^—Q^ inverter to rise from 0 to 
l dd^-■ A* enc i cl fhe second time interval, the feedback signal will have traveled around the feed¬ 
back loop, and regeneration can continue without the presence of the set pulse. We will denote the first 
component t PHL and the second t PLH . and will calculate their values as follows. 

To determine t PHL refer to the circuit in Fig. 15.6 and note that the capacitor discharge current i c 
is the difference between the current of the equivalent transistor Q and the current of Q 2 , 


l C ~ *Deq — *02 


To determine the average discharge current i c , we calculate i Deq and i D2 at / = 0 and t - t PHL . At 
t = Q, v = V DD , thus Q , is off, 


Q 


V 


DD 

i 


Q 


2 1 10— O v Q = 0 


V A~ FflO O—I 


-o v 


Q 


re 


v, = V 


DD 



t? 


^DD & 


1 


DD 


Qi 



'Dl 


V, 


■O Vq = 


DD 


l 


Deq 




W/L = 4 (W/Lh 6 


(a) 


(b) 


Figure 15,5 (a) The relevant portion of the flip-flop circuit of Fig. 15.4 tor determining the minimum 
W/L ratios of Q s and Q „ needed to ensure that the flip-flop will switch, (b) The circuit m (a) with Q s and 
Q u replaced with their equivalent transistor (7^, at the point of switching. 
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Example 15.1 continued 




Figure 15.6 Determining the time t PHL for Vg to fall from V DD to V DD /2 



and Q eq is in saturation. 


1 bus. 


/n 2 (0) = 0 


'De,= J x 300 X ^ X X (1.8 - 0.5) 


= 760.5 uA 


At l — / PHL' — I 


/ c ( 0 ) = 760.5-0 = 760.5 pA 
dd / thus both Q 2 and {7 c , q will be in the triode region. 


ft 1 _ TC 1-08 

1 di^phl) - 75 x ——- x 

0.18 

= 344.25 pA 


(1.8-0.5)-0.5 


f—V 

V 7 J 


and 


Thus, 




xM* 

0.18 


(1 

bo 

1 

o 

U 

(¥)-o. 

sfifn 



K 2 J 

\ 2 J _ 


= 688.5 pA 


‘c^'phl) = 688.5 -344.25 = 344.25 uA 
and the average value of i c over the interval t = 0 to t = / 


l c 


PHL ,S 
_ f c(Q) + i('( tPHL ) 


av 


_ 760.5 + 344.25 


= 552.4 |i A 


2 
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We now can calculate t PHL as 


/ 


PHL ~ 


__ C{Vq D /2) 


20 x 10’ 15 x 0.9 


1 a \ 


552.4 x 10 


-6 


= 32.6 ps 


Next we consider the time i PHL tor the output of the Q } -Q 4 inverter, v Q , to rise from 0 to V DD /2 . 

value o^ can be calculated using the propagation delay formula derived in Chapter 13 (Eq 
13.66), which ts also listed in Table 13,3. namely ) la 


t 


PLH ~ 


or 


where 


*;<> v/l).v dd 


a p = 2 / 


/ 


7 3 V 


IP 


V. 


ip 


L4 


DD 


D 



2 -, 


Substituting numerical values we obtain. 




1 _? 5 _ 3x_05 + f °. 


1.8 


1 



= 2.01 


and 


t 


2.01 x20x 10 


-15 


PLH ~ 

75 x 10 x (1.08/0.18) x 1.8 


= 49.7 ps 


Finally, the minimum required width of the set pulse can be calculated as 


T - t 

* mm * 


PHL + { PLH 


15.1 For the SR flip-flop specified in Example 15.1, find the minimum WIL for both Q 5 and Q 6 so that 
switching is achieved when inputs S and 0 are at ( V DD /2). 

Ans. 14.3 



15.1,4 A Simpler CMOS Implementation of the 
Clocked SR Flip-Flop 


A simpler implementation of a docked SR flip-flop is shown in Fig. 15.7. Here, pass-transistor 
logic is employed to implement the clocked set-reset functions. This circuit is very popu ar 
in the design of static random-access memory (SRAM) chips, where it is used as the basic 

memory cell (Section 15.4.1). 
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Figure 1S.7 A simpler CMOS implementation of the clocked SR flip-flop. This circuit is ponubr« *, 
basic cell in the design ot static random-access memory (SRAM) chips. p rae 


15.1.5 D Flip-Flop Circuits 

A variety of flip-flop types exist and can be synthesized using logic gates. CMOS circuit 
implementations can be obtained by simply replacing the gates with their CMOS circuit 
realizations. This approach, however, usually results in rather complex circuits. In many 
cases, simpler circuits can be found by taking a circuit-design viewpoint, rather than a logic- 
design one. To illustrate this point, we shall consider the CMOS implementation of a very 
important type of flip-flop, the data, or D, flip-flop. 

The D flip-flop is shown in block diagram form in Fig. 15.8. It has two inputs, the data 
input D and the clock input 0. The complementary outputs are labeled Q and Q, When the 
clock is low, the flip-flop is in the memory, or rest, state; signal changes on the D input line 
have no effect on the state of the flip-flop. As the clock goes high, the flip-flop acquires the 
logic level that existed on the D line just before the rising edge of the clock. Such a flip-flop 
is said to be edge triggered. Some implementations of the D flip-flop include direct set and 
reset inputs that override the clocked operation just described. 

A simple implementation of the D flip-flop is shown in Fig. 15.9. The circuit consists of 
two Diverters connected in a positive-feedback loop, just as in the static latch of Fig. 15.1(a), 
except that here the loop is clqsed for only part of the time. Specifically, the loop is closed 
when the clock is low { <p = 0, 0 = 1). The input D is connected to the flip-flop through a 
switch that doses when the clock is high. Operation is straightforward: When ^ishigh, the 
loop is opened, and the input D is connected to the input of inverter G r fhe capacitance at 
the input node of Gj is charged to the value of D, and the capacitance at the input node of G, 
is charged to the value of D . Then, when the clock goes low, the input line is isolated from 



o 

4> (clock) 


Figure 15.8 A block diagram representation of the D 
flip-flop. 
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Figure 15.9 A simple implementation of the D flip-flop. The circuit in (a) utilizes the two-phase non- 
overlapping clock whose waveforms are shown in (b). 

the flip-flop, the feedback loop is closed, and the latch acquires the state corresponding to 
the value of D just before 0 went down, providing an output Q = D. 

From the preceding, we observe that the circuit in Fig. 15.9 combines the positive-feedback 
technique ol static bistable circuits and the charge-storage technique ot dynamic circuits. It 
is important to note that the proper operation ol this circuit, and of many circuits that use 
clocks, is predicated on the assumption that 0 and 0 will not he simultaneously high at any 
tune. This condition is defined by retei mg to the two clock phases as being nonoverlapping. 

An inherent drawback of the D flip-flop implementation of Fig. 15.9 is that during 0 , the 
output of the flip-flop simply follows the signal on the D input line. This can cause problems 
in certain logic-design situations. 1 lie problem is solved very effectively by using the master- 
slave configuration shown in Fig. 15.10(a). Before discussing its circuit operation, we 
note that although the switches are shown implemented with single NMOS transistors, 
CMOS transmission gates are employed in many applications. We are simply using the single 
MOS transistor as a “shorthand notation" for a series switch. 

T he master-slave circuit consists of a pair of circuits of the type shown in Fig. 15.9, 
operated with alternate clock phases. Here, to emphasize that the two clock phases must be 
nonoverlapping, we denote them 0 X and 0 ,, and clearly show the nonoverlap interval in the 
waveforms of Fig. 15.10(b). Operation of the circuit is as follows: 

1. When 0 ] is high and 0, is low, the input is connected to the master latch whose feedback 
loop is opened, while the slave latch is isolated. Thus, the output Q remains at the value 
stored previously in the slave latch whose loop is now closed. The node capacitances of 
the master latch are charged to the appropriate voltages corresponding to the present 

value of D. 

2. When 0, goes low, the master latch is isolated from the input data line. Then, when 0 2 
goes high, the feedback loop of the master latch is closed, locking in the \alue ot D. 
Further, its output is connected to the slave latch whose feedback loop is now open. The 
node capacitances in the slave are appropriately charged so that when 0 X goes high 
again, the slave latch locks in the new value of D and provides it at the output, Q — D. 

From this description, we note that at the positive transition of clock 0 : the output Q 
adopts the value of D that existed on the D line at the end of the preceding clock phase, 0 X . 
This output value remains constant for or - l"ck period. Finally, note that durin fc the non 
overlap interval both latches have their feedback loops open, and we are relying on the node 
capacitances to maintain most of their charge. It follows that the nonoverlap interval should 
be kept reasonably short (perhaps one-tenth or less of the clock period, and ot the order ol 

1 ns or so in current practice). 
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^K^c> e ^ ^ ^ ^ master slave D tl ip-flop. The switches can be, and usually are, implemented with 
CMOS transmission gates, (b) Waveforms of the two-phase nonoverlapping clock required. 

15.2 Semiconductor Memories: Types and 
Architectures 

A computer system, whether a large machine or a microcomputer, requires memory for storing 
data and program instructions. Furthermore, within a given computer system there usually are 
various types of memory utilizing a variety of technologies and having different access times. 
Broadly speaking, computer memory can be divided into two types: main memory and mass- 
storage memory. The main memory is usually the most rapidly accessible memory and the 
one from which most, often all, instructions in programs are executed. The main memory is 
usually of the random-access type. A random-access memory (RAM) is one in which the 

''' !1 1 ' d for boring (writing) information and for retrieving (reading) information is inde¬ 

pendent of the physical location (within the memory) in which the information is stored, 
andom access memories should be contrasted with serial or sequential memories, such 
is s and tapes, from which data are available only in the sequence in which the data 
ere originally stored. Thus, in a serial memory the time to access particular information 
depends on the memory location in which the required information is stored, and the aver- 
r g access time is longer than the access time of random-access memory. In a computet 
system, serial memory is used for mass storage. Items not frequently accessed, such as 


15.2 Semiconductor Memories: Types and Architectures 
^ag f n^c C dTk PUter 0Perati " 8 SyS,em - ^ USUal ‘* S,0red in a ^ing-surface memory such 

r ea<^nl^mZn a 'R^w!S t ;^! 2ZZ ^ " is a —- ■ 

K1 a r' memory permits data to be stored and retrieved it 

comparable speeds. Computer systems reruns r „ i retrieved at 

and program storage. read/write memory for data 

Read-only memories (ROM) permit reHi no ,u , . , 

r lipherl hut r .L„,u P ng Jt the same hl § h speeds as R/W memories 

(or perhaps higher) but restrict the writing operation. ROMs can be used to store a micropro¬ 
cessor operating-system program. They are also employed in operations that require tab e 
lookup, such as finding the values of mathematical functions. A popular application of ROM 

is their use m video game cartridges. It should be noted that read-only memory is usually of 
the random-access type. Nevertheless in the Hioini *u V „ y 

refers to readAvnte, random-access memory, while ROM is used for read-only memory 
The regular structure ol memory circuits has made them an ideal application for the 
design ot circuits ot the very-large-scale integrated (VLSI) type. Indeed, at any moment 
memory chips represent the state of the art m packing density and hence integration level' 

Beginning with the introduction of the 1-Kb.t ch,p in 1970, memory-chip density has qua¬ 
drupled about every 3 years. At the present time (2009), chips containing 4 Gbit 1 are avail¬ 
able. In this and the next two sections, we shall study some of the basic circuits employed in 
VLSI RAA4 chips. Re ad-on Iv mpninrv rirrnitc ■irp i/~li jar! in ICC 
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15,2.1 Memory-Chip Organization 

The bits on a memory chip are addressable either individually or in groups of 4 to 16. As an 
example, a 64-Mbit chip in which ail bits are individually addressable is said to be organized 
as 64M words x 1 bit (or simply 64M x 1). Such a chip needs a 26-bit address (l 26 = 
67,108,864 = 64M). On the other hand, the 64-Mbit chip can be organized as 16M words x 4 bits 
(16M x 4), in which case a 24-bit address is required. For simplicity we shall assume in our 
subsequent discussion that all the bits on a memory chip are individually addressable. 

The bulk of the memory chip consists of the cells in which the bits are stored. Each 
memory cell is an electronic circuit capable of storing one bit. We shall study memory-cell 
circuits in Section 15.3. For reasons that will become clear shortly, it is desirable to physi¬ 
cally organize the storage cells on a chip in a square or a nearly square matrix. Figure 15.11 
illustrates such an organization. The cell matrix has 2 ,w rows and 2 s columns, for a total stor¬ 
age capacity of 2 M+ . For example, a lM-bit square matrix would have 1024 rows and 1024 
columns i M- N - 10). Each cell in the array is connected to one of the 2 U row lines, known 
rather loosely, hut universally, as word lines, and to one of the 2'' column lines, known as 
digit lines or, more commonly, bit lines. A particular cell is selected for reading or writing 
by activating its word line and its bit line. 

Activating one of the 2 <w word lines is performed by the row decoder, a combinational logic 
circuit that selects (raises the voltage of) the particular word line whose A/-bit address is applied 
to the decoder input. The address bits are denoted rf 0 , A . .., A ik /_|. When the Ath word line 
is activated for, say, a read operation, alt 2 A cells in row K will provide their contents to their 
respective bit lines. Thus, if the cell in column L (i : ig. 15.11) is storing a I, the voltage of bit¬ 
line number L will be raised, usually by a small voltage, say 0.1 V to 0.2 V. The readout voltage 


The capacity of a memory chip to hold binary inlormation as binary digits (or bits) is measured in 
kilobit (Kbit), megabit (Mbit), and gigabit (Gbit) units, where I Kbit = 1024 bits, 1 Mbit - I ()_4 < 10—4 
= 1,048,576 bits. and. 1 Gbit = 1024’ bits. Thus a 64-Mbit chip contains 67,108,864 bits ot memory. 
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, ..., A u+ v _ j) and causes this signal to 


is small because the cell is small, a deliberate design decision, since the number of cells is very 
large. The small readout signal is applied to a sense amplifier connected to the bit line. As Fig. 
15.11 indicates, there is a sense amplifier for every bit line. The sense amplifier provides a full- 
swing digital signal (from 0 to V DD ) at its output. This signal, together with the output signals 
from all the other cells in the selected row, is then delivered to the column decoder. The col¬ 
umn decoder selects the signal ot the particular column whose N- bit address is applied to 
decoder input (the address bits are denoted A A V{+ , “ " t '“' 

appear on the chip input/output (I/O) data line. 

A write operation proceeds in a similar manner: The data bit to be stored (1 orO.ltf 
applied to the I/O line. The cell in which the data bit is to be stored is selected through the 
combination of its row address and its column address. The sense amplifier of the selected 
column acts as a driver to write the applied signal into the selected cell. Circuits tor sense 
amplifiers and address decoders will be studied in Section 15.4. 

Before leaving the topic ol memory organization (or memory-chip architecture), uevsf 

" 1 M|t ntion a relatively recent innovation in organization dictated by the exponential increase in 

chip density. To appreciate the need for a change, note that as the number of cells in the arra. 
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LI ic 


even though for each new generation rfmetTil2?| nCrease .' has ° CCUIred 
rently CMOS process technologies with 45-Jfeat^ Se“ 

word-hne and bit-line lengths increases th^ir ■ ine nel iru - rease m 

i ® - es “* eir resistance and capacitance and thiK dnw« 

down their transient response. That is th^ lin^c i , u . e ’ nU mus ows 

... , F , • indUS > as the lines lengthen, the exponential rise of the voltaee 

of the word hne becomes slower, and it takes longer for the cells to be activated This problem 
has been solved by partthomng the memory chip into a number of blocks. Each L b“cfc 
has an organ,zatron ,den,real to that in Fig. 15.11. The row and column addresses are broadcast 
to all blocks, but the dala selected come from only one of the blocks. Block selection is 
achreved by usrng an appropnate number of the address bits as a block address. Such an archi- 
lecture can be thought of as three-dimensional: rows, columns, and blocks. 


15.2.2 Memory-Chip Timing 

The memory access time is the time between the initiation of a read operation and the 
appearance of the output data. The memory cycle time is the minimum time allowed 
between two consecutive memory operations. To be on the conservative side, a memory 
operation is usually taken to include both read and write (in the same location). MOS mem¬ 
ories have access and cycle times in the range of a few to a few hundred nanoseconds. 



15.2 A 4-Mbit memory chip is partitioned into 32 blocks, with each block having 1024 rows and 128 

columns. Give the number ot bits required for the row address, column address, and block address. 
Ans. 10; 7; 5 

15.3 The word lines in a particular MOS memory chip are fabricated using polysilicon (see Appendix A). 
The resistance of each word line is estimated to be 5 kf), and the total capacitance between the line 
and ground is 2 pF. Kind the time for the voltage on the word line to reach V DD /2 , assuming that the 
line is driven by a voltage V DD provided by a low-impedance inverter. {Note: The line is actually a 
distributed netw ork that w'e are approximating by a lumped circuit consisting of a single resistor and 
a single capacitor.) 

Ans. 6.9 ns 


15.3 Random-Access Memory (RAM) Cells 


As mentioned in Section 15.2, the major part of the memory chip is taken up by the storage 
cells. It follows that to be able to pack a large number of bits on a chip, it is imperative that 
the cell size be reduced to the smallest possible. The power dissipation per cell should be 
minimized also. Thus, many of the flip-flop circuits studied in Section 15.1 are too complex 


to be suitable for implementing the storage cells in a RAM chip. 

There are basically two types ot MOS RAM: static and dynamic. Static RAMs (called 
SRAMs for short) utilize static latches as the storage cells. Dynamic RAMs (called DRAMs), 
on the other hand, store the binary data on capacitors, resulting in turther reduction in cell area, 
but at the expense of more complex read and write circuitry. In particular, while static RAMs 
can hold their stored data indefinitely, provided the power supply remains on, dynamic RAMs 
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require periodic refreshing to regenerate the data stored on capacitors. This is because th 
age capacitors will discharge, though slowly, as a result of the leakage currents' ^ 
present. By virtue of their smaller cell size, dynamic memory chips are usu.dl\ 
dense as their contemporary static chips. Thus while the state of the art in 2009 isVar^ 
DRAM chip, the highest-density SRAM chip has 1 Gbit capacity. Both static andd * -■ 
RAMs are volatile; that is, they require the continuous presence of a power supply B c * 
trast, most ROMs are of the nonvolatile type, as we shall see in Section 15.5 In the 
ing subsections, we shall study basic SRAM and DRAM storage cells. 



15.3.1 Static Memory (SRAM) Cell 

Figure 15.12 shows a typical static memory cell in CMOS technology. The circuit which 
we encountered in Section 15.1, is a flip-flop comprising two cross-coupled inverters and 
two access transistors. Q s and Q b . The access transistors are turned on when the word line is 
selected and its v oltage raised to V DD , and they connect the flip-flop to the column (bit or fit 
line and column (bit or B ) line. Note that although in principle only the B or the B line 
suffices, most often both are utilized, as shown in Fig. 15.12. This both provides a differen¬ 
tial datapath between the cell and the memory-chip output and increases the circuit reliabil¬ 
ity. The access transistors act as transmission gates allowing bidirectional current flow 
between the flip-flop and the B and B lines. Finally, we note that this circuit is known as the 
six-transistor or 6T cell. 

The Read Operation Consider first_a read operation, and assume that the cell is storing a I. 
In this case, Q will be high at V DDi and Q will be low at 0 V. Before the read operation begins, 
the B and B lines are raised to a voltage in the range V DD /2 to V DD . This process, known as 
precharging, is performed using circuits we shall discuss in the next section in conjunction 
with the study of sense amplifiers. To simplify matters, we shall assume here that the pre- 
charge voltage of B and B is V DD . 

When the word line is selected and the access transistors Q 5 and Q h are turned on, exam¬ 
ination of the circuit reveals that the only portion that will be conducting is that shown in Fig. 
15.13. Noting that the initial value of v ^ is 0 V, we can see that current will flow from the B 



Figure 15.12 A CMOS SRAM memory cell 
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, . -cut vcn is siunriu a 

logic 1 o e that initially v Q = V DD and i^ = 0. Also note that the B and B lines are precharged 
to a voltage V DD . r 6 


line (actually, from the B -line capacitance ) through Q s and into capacitor C^, which is 
the small equivalent capacitance between the Q node and ground. This current charges C- 
and thus rises and Q l conducts, sinking some of the current supplied by Q s . Equilibrium 
will be reached when Cq is charged to a voltage at which /, equals and no current 
flows through Cg. Here it is extremely important to note that to avoid changing the state of 
the flip-flop, that is, for our read operation to be nondestructive, must not exceed the 
threshold voltage of the inverter £? 3 -£? 4 . In fact, SRAM designers usually impose a more 
stringent requirement on the value of Vq , namely, that it should be lower than the threshold 
voltage o' Q 3 , V tn . Thus, the design problem we shall now solve is as follows: Determine the 
ratio of (W/L) 5 /(W/L) l so that V tn . 

Noting that Q 5 will be operating in saturation and neglecting, for simplicity, the body 
effect, we can write 

h = ;(AQ,)( j)g0D- V,n~ y-gf (15.1) 


Transistor Q , will be operating in the triode region, and its current /, can be written as 


/, = (M,C„)( f) 




(15.2) 


Equating /< and /, gives a quadratic equation in V^, which can be solved to obtain 



( W/L) s 
( W/L\ 


(15.3) O 


This is an attractive relationship, since it provides V [} in normalized form and thus always 
applies, independent of the process technology utilized. Figure 15.14 shows a universal plot 
of [ Vq/(V dd - V tn )] versus {W/L) S /{W/L ),. For a given process technology, V DD and 
V ln are determined, and the plot in Fig. 15.14 can be used to determine the maximum value 
permitted for (W/L) S /(W/L) } while keeping V^ below a desired value. Alternatively, we 
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Figure 15.14 The normalized value of Vq versus the ratio (W!Ly{WtL) x for the circuit in Fig. 15.13. This 
graph can be used to determine the maximum value permitted for {WIL)J{WIL) X so that V- is kept below a 
desired level. ' Q 


can derive a formula for this purpose. For instance, if Vp, is to be kept below V the ratio 

* ^ flf* 

of ( W/L) 5 to (W/L) ] must be kept below the value obtained from Eq, (15.3), that is, 


{W/L) s 
(W/L) x ~ 




This is an important design constraint that can be expressed in a slightly more general form 

by replacing (\\ /L ) s with ( W/L where the subscript a denotes access transistors Q < and 

Qe * an d (fV/L)j with ( W/L) n , which is the W/L ratio of Q s in each of the two inverters; 
thus, 




15.4 Find the maximum allowable W/L for the access transistors of the SRAM cell in Fig. 15.12 so that 

in a read operation, the voltages at Q and Q do not change by more than V\ . Assume that the 

SRAM is fabricated in a 0.18-pm technology for which V nn = 1 8 V V. = V,„ 
that ( W/L) n ~ 1.5. DD tn p 

Ans. ( W/L) a < 2.5 


k*# 

= 0.5 V and 
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Figure 15.15 Voltage waveforms at various nodes in the SRAM cell during a read-1 operation. 


Having determined the constraint imposed by the read operation on the W/L ratios of the 
access transistors, we now return to the circuit in Fig. 15.13, and show in Fig. 15.15 the volt¬ 
age waveforms at various nodes during a read-1 operation. < 'bserve that as we have already, 
discussed, rises from zero to a voltage V^< V tn . Correspondingly, the change in v Q will 
be very small, justifying the assumption implicit in the analysis above that Vg remains con¬ 
stant at ^dd- Most important, note that the voltage of the B line, v B , decreases by a small 
amount AV. This is a result of the discharge of the capacitance of the B line, C*, by the 
current / 5 . Assuming that / 5 reaches its equilibrium value in Eq. (15.1 ( relatively quickly, 
capacitor C- B is in effect discharged by a constant current I s and the change in its voltage, 
AV, obtained in a time interval At, can be found by writing a charge-balance equation, 


7 S At = C- B AV 

Thus, 

A V = — (15.6) 

^B 

Here we note that C B is usually relatively large (1-2 pF) because a large number of cells are 
connected to the B line. The incremental change AV is therefore rather small (0.1-0.2 V>, 
necessitating the use of a sense amplilier. It the sense amplifier requires a minimum decre¬ 
ment AV in to detect the presence of a “1”, then the read delay time can be found from 

Eq. (15.6) as 

C^AV 

h 


At ~ 


(15.7) O 
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This equation indicates the need for a relatively large / 5 to reduce the delay tim 
large I 5 , however, implies selecting (W/L) a near the upper bound given by E*n ^ 
which in turn means an increase in the silicon area occupied by the access tra ' 
hence the cell area, an interesting design trade-off. ** 



15.5 For the SRAM cell considered in Exercise 15.4 whose (W/L i, = 1.5 and (W/L) < •> s use 
Eq. {1 5.7) to determine the read delay At in two cases: (a) ( W/L) a - 2.5 and (b) ( W/L ) =15 
Let {l„C ox = 300 pA/V 2 . In both cases, assume that C^~ 2 pF and that the sense amplifier re¬ 
quires a AT of minimum magnitude of 0.2 V. [Hint: Use Eq. (15.1) to determine / 5 , and recall that 
V- - V 1 

Q * tn *J 

Arts, 1.7 ns; 2.8 ns 



We conclude our discussion of the read operation with two remarks: 

1. Although we considered only the read -1 operation, the read-0 operation is identical; it 
involves Q 2 and Q b with the analysis resulting in an upper bound on (W/L ) 6 /{ W/L) 2 
equal to that we have found for ( W/L ) 5 /( W/L) ,. This, of course, is entirely expected, 
since the circuit is symmetrical. The read-0 operation results in a decrement AV in the 
voltage ot the B line, which is interpreted by the sense amplifier as a stored 0, 

2. The component At of the read delay is relatively large because C H and C- R are rela¬ 
tively large (in the picofarad range). Also, At is not the only component of the read 
delay; another significant component is due to the finite rise time of the voltage on 
the word line. Indeed, even the calculation of At is optimistic, since the word line 
will have reached a voltage lower than V DD only, when the process of discharging 
Cg takes place. As will be seen shortly, the write operation is faster. 

The Wnte Operation We next consider the write operation. Let the SRAM cell of Fig. 
15,12 be storing a logic 1, thus Vq = V DD and V- = 0 V, and assume that we Wish to write 
a 0, that is, we wish to have the (lip-flop switch states. To write a zero, the B line is lowered 
to 0 V, and the B line is raised to V DD and, of course, the cell is selected by raising the word 
line to I DD . The objective now is to pull node Q down and node Q up and have the voltage 
of at least one of these two r todes pass by the inverter threshold voltage. Thus, if vq decreases 
below the threshold voltage of inverter Q 2> the regenerative action of the latch will start 
and the flip-flop will switch to the stored-0 state. Alternatively, or in addition, if we managt 

to raise above the threshold voltage of the Q i -Q 4 inverter, the regenerative action will 

be engaged and the latch will eventually switch state. Either one of the two actions is suffi¬ 
cient to engage the regenerative mechanism of the latch. 

Figure 15.16 shows the relevant parts of the SRAM circuit during the interval when * s 

being pulled up (Fig. 15.16a)and is being pulled down (Fig. 15.16b). Since toggling tie- 

state change) has not yet taken place, we assume that the voltage feeding the gate of ^1 ' s st ' 

equal to V DD and the voltage at the gate of 0 4 is still equal to 0 V. These voltages will 0 

course be changing as goes up and v„ goes down, but this assumption is nevertheless rca 
sonahle for hand analysis. 
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Figure 15.16 Relevant parts of the 6 T SRAM circuit of Fig. 15.12 during the process of writing a 0 It is 
assumed that the cell is originally storing a 1 and thus initially v g = V OD and ». s 0 V. 


Consider first the circuit in Fig. 15.16(a). This is the same circuit we analyzed in detail in 
the study of the read operation above. Recall that to make the read process nondestructive, 
we imposed an upper bound on (W/L) y That upper bound ensured that v* will not rise 
above V tn . Thus, this circuit is not capable of raising v- to the point that it can start the 
regenerative action. We must therefore rely solely on the circuit of Fig. 15.16(b). That is, 
our write-0 operation will be accomplished by pulling node Q down in order to initiate the 
regenerative action of the latch. To ensure that the latch will in fact switch state, SRAM 
designers impose a more stringent requirement on the voltage v Q , namely, that it must fall 
below not just V M of the Q { - Q 2 inverter but below V fn of £>,. 

Let's now look more closely at the circuit of Fig. 15.16(b). Initially, v Q is at V DD . How¬ 
ever, as Q 6 turns on, / 6 quickly discharges the small capacitance C^, and v Q begins to fall. 
This will enable Q A to conduct, and equilibrium is reached when / 4 = /„. To ensure tog¬ 
gling, we design the circuit so that this equilibrium occurs at a value of less than V„ r At 
such a value T. ; , Q 4 will be operating in saturation and will be operating in the triode 
region, thus 



(15.8) 



U ~ ( Mn Cox ) 



Substituting | V lp \ = V fn , which is usually the case, 
dratic equation in Vq whose solution is 


V J V Q~\ V Q 

and equating I 4 and / h 


(15.9) 


results in a qua- 





tB p \(W/L) 4 
W(W/L) 6 


(15.10) 



This relationship is not as convenient as that in Eq. (15.3) because the right-hand side 
includes a process-dependent quantity, namely, Thus we do not have a universally 
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Figure 15.17 The normalized value of V Q versus the ratio (W/L\/(W/L) 6 for the circuit in Fig IS ]6(b) 
The graph applies for process technologies for which //„ - 4 fi p . It can be used to determine the maximum 
(WfL)J{WtL\ for which V Q is guaranteed to fall below a desired value. 


applicable relationship. Nevertheless, for a number of CMOS process technologies, includ¬ 
ing the 0.25-pm, the 0.18-pm, and the 0.13-pm processes, li n /y p = 4. Thus, upon substitut¬ 
es M P ' Mn — 0-25 in Eq, (15,10), we obtain the semiuniversal graph shown in Fig. 15.17. 
We can use this graph to determine the maximum allowable value of the ratio 
( W/L) a /( W/L) 6 that will ensure a value of Vq < V tn for given process parameters V DD and 
l tn - Alternatively, substituting V Q = V tn , ( W/L ) 4 = (W/L) p , an &{W/L) b - ( W/L) 0 , we 
can obtain the upper bound analytically as 



< (MA 
(w/L) a - y Mp ) 




Observe that this relationship provides an upper bound on ( W/L) p in terms of (W/L) a and 
that the relationship in Eq. (15.5) provides an upper bound on ( W/L) a in terms of (W/L)„. 
Thus, the two relationships can be used together to design the SRAM cell. 



15.6 


Fur the SRAM cell considered in Exercise 15.4, where (W/L) tt = 1.5 and (W/L) a < 2.5, use 
Eq. 0 5.11 )to find the maximum allowable value of ( W/L) p . Recall that for this 0.18-pm process, 
M P ~ 4 /V For all transistors having L = 0.18 pm, find W„, W , and W that result in a minimum- 
area cell. Assume that the minimum allowable width is 0.18 urn 

Amp / T If / l \ r- y r -r r r ^ “ 


Arts. 

W a = 0.18 pm. 


2 (PF/Z,) fl> thus (W/L) <6.25; for minimum area select 


W„ = w. = 
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We conclude our study of the write process by noting that it is fast because it does not 

require d.schargmg the large capacitance ofthe bi, lines. The voltages of the B and S ine 

are driven to their requ.red values of 0 or V DD by powerfi.1 driver circuits and thus achiev 

t e,r des, red voltages very quickly. The write delay is determined roughly bv the , m efo 

the regenerating signal to propagate around the feedback loop ofthe latch; thus i, is about 

twice the propagation delay ofthe inverter. Of course, the write cycle time is still lengthened 
by the word-line delay. 6 


15.3.2 Dynamic Memory Cell 

Although a variety of DRAM storage cells have been proposed over the years, a particular 
cell, shown in Fig. 15.18, has become the industry standard. The cell consists of a single 
^-channel MOSFET, known as the access transistor, and a storage capacitor C s The cell 
is appropriately known as the one-transistor cell. 2 The gate ofthe transistor is connected to 
the word line, and its source drain) is connected to the bit !ine._Observe that only one bit 
line is used in DRAMs, whereas in SRAMs both the bit and bit lines are utilized. The 
DRAM cell stores its bit of information as charge on the cell capacitor C s W r hen the cell is 

storing a 1, the capacitor is charged to I DD \ when a 0 is stored, the capacitor is discharged 
to zero volts. 

s.'iiiv explanation is needed to appreciate how the capacitor can be charged to the full 
supply voltage V DD . Consider a write-1 operation. The word line is at V DD and the bit line 
is at V DD and the transistor is conducting, charging C$. The transistor will cease conduction 
when the voltage on C s reaches ( V DD ~ V e ), This is the same problem we encountered with 
pass-transistor logic (PTL) in Section 14.2, The problem is overcome in DRAM design by 
boosting the word line to a voltage equal to V DD + V r In this case the capacitor voltage for a 
stored 1 will be equal to the full V DD . However, because of leakage effects, the capacitor 
charge will leak off, and hence the cell must be refreshed periodically. During refresh, the 
cell content is read and the data bit is rewritten, thus restoring the capacitor voltage to its 
proper value. Typically, the refresh operation must be performed every 5 ms to 10 ms. 

Let us now consider the DRAM operation in more detail. As in the static RAM, the row 
decoder selects a particular row by raising the voltage of its word line. This causes all the 



Figure 15.18 The one-transistor dynamic RAM (DRAM) cell. 


The name was originally used to distinguish this cell from earlier ones utilizing three transistors. 
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Figure 15.19 When the voltage of the selected word i* 

r ?,’h COnduc,s ' ,hus connecting the 

C s to the bit-line capacitance C 6 “Pacittir 


O 


o 


access transistors in the selected row to become conductive, thereby connectin th 

capacitors of all the cells in the selected row to their respective bit lines. Thus the 

itor C s is connected in parallel with the bit-line capacitance C„ as indicated in R. 'mg 

Here, it should be noted that C s is typically 20 fF to 30 fF, whereas C g is 10 times] ^ 

Now. if the operation is a read, the bit line is precharged to V DD /2 . To find the change hX 

voltage on the bit line resulting from connecting a cell capacitor C s to it, let the initial volt' 

age on the cell capacitor be V cs (V cs = V DD when a 1 is stored, and V cs = 0 V when a 0 is 
stored). Using charge conservation, we can write 


CrV 


S’CS 


+ C B ±f = (C, + C,)(-^B + AK 


from which we can obtain for AV 


AV = 


—_ ( y _ JW 

C B + CX cs 2 - 


(15.12) 


and since Q C \, 


AV = 




c 


B 


V 


Vcs- 


y 

r r 


DD 




(15.13) 


Now, if the cell is storing a 1, V cs = V DD> and 

A K( 1) = 

whereas if the cell is storing a 0, V cs = 0, and 


C c f Vr 


DD 


C-\ 0 


(15.14) 


B 


AF(0) — - 


Cs(V DD 

c» 


(15.15) 


Since usually C B is much greater than C s , these readout voltages are very small. For exam¬ 
ple, for C B = 10 C s , V DD = 1.8 V, AV(0) will be about -90 mV, and AF(1) will be +90mV. 

^ 11 1 ^ 1 1 : hio, tor the I level in the cell might very well be below 

Furthermore, in modern memory chips, V DD is 1.2 V or even lower. In any case, we see 

that a stored 1 in the cell results in a small positive increment in the bit-line voltage, 
whereas a stored zero results in a small negative increment. Observe also that the readout 
process is destructive, since the resulting voltage across C s will no longer be V DD or0. 

The change of voltage on the bit line is detected and amplified by the column sense 
amplifier causing the bit line to be driven to the full scale value (0 or V DD ) of the detected 
signal. This amplified signal is then impressed on the storage capacitor, thus restoring its 
signal to the proper level ( V DD or 0). fn this way, all the cells in the selected row are 
re res ed. Simultaneously, the signal at the output of the sense amplifier of the selected col 
umn is ed to the data-output line of the chip through the action of the column decoder. 

e write operation proceeds similarly to the read operation, except that the data bit to 
e written, which is impressed on the data input line, is applied by the column decoder to the 


15.4 
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selected b e. Thus if the data bit to be written is a I, the fi-line voltage is raised to V lr 

16 ’ C ^r wdfh I 00 * e " ,he access ^"sister of the particular cell is turned on. its 

C T it * ,h i Cha . rged t0 V ° a ' thus a 1 ,s written in the cell. Simultaneously, all the 
other cells in the selected row are simply refreshed 


Although the read and write operations result in automatic refreshing of all the cells in 
the selected row provision must be made for the periodic refreshing of die entire memory-, 
typically evepf 5 to 10 ms, as specified tor the particular chip. The refresh operation is car¬ 
ried out in a burst mode, one row at a time. During refresh, the chip will not be available for 
read or write operations. This is not a serious matter, however, since the interval required to 
refresh the entire chip is typically less than 2% of the time between refresh cycles. In other 
words, the memory chip is available for normal operation more than 98% of the time. 



15.7 In a particular dynamic memory chip. C s = 30 fF, C B = 0.3 pF, and V DD = 1.2 V. Find the output 

readout voltage tor a stored 1 and a stored 0. Recall that in a read operation, the bit lines are pre¬ 
charged to V DD /2 . 

Ans. 60 mV; -60 mV 

15.8 A 64-Mbit DRAM chip tabricated in a t.4-gm C MOS technology requires 2 girr per cell. If the 
storage array is square, estimate its dimensions. Further, if the peripheral circuitry (e.g., sense am¬ 
plifiers, decoders) adds about 30% to the chip area, estimate the dimensions of the resulting chip. 

Ans. 11,6 mm x 11.6 mm; 13.2 mm x 13.2 mm 


15.4 Sense Amplifiers and Address Decoders 

Having studied the circuits commonly used to implement the storage cells in SRAMs and 
DRAMs, we now' consider some of the other important circuit blocks in a memory chip. The 
design of these circuits, commonly referred to as the memory peripheral circuits, presents 
exciting challenges and opportunities to integrated-circuit designers: Improving the perfor¬ 
mance of peripheral circuits can result in denser and taster memory chips that dissipate less 

power. 


15.4.1 The Sense Amplifier 

Next to the storage cells, the sense amplifier is the most critical component in a memory 
chip. Sense amplifiers are essential to the proper operation of DRAMs, and their use in SRAMs 

results in speed and area improvements. 

A variety of sense-amplifier designs are in use, some of which closely resemble the 
active-load MOS differential amplifier studied in Chapter 8. Here, we first describe a differ¬ 
ential sense amplifier that employs positive feedback. Because the circuit is differentia, it 
can be employed directly in SRAMs, where the SRAM cell utilizes both the B and B lines. 
On the other hand, the one-transistor DRAM circuit we studied in Section 15.3.2 is a single- 
ended circuit, utilizing one bit line only. The DRAM circuit, however, can be ma e 
ble a differential signal source through the use of the “dummy-cell technique, w ic we 
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shall discuss shortly. Therefore, we shall assume that the memory cell wfiosa 
amplified develops a difference output voltage between the B and B lines This^' 4 ^ 1 ^ ^ 
can range from 30 mV to 500 mV depending on the memory type and ce 1 ]sf^ ^ 
applied to the input terminals of the sense amplifier. The sense amplifier in turn^ 0 ’ ^** 
providing a full-swing (0 to V DD ) signal at its output terminals. The particular ampl^ 0 ^ 
we shall discuss here has a rather unusual property: Its output and input terming ^ 


same: 


A Sense Amplifier with Positive Feedback Figure 15.20 shows the sense amnlr 
together with some of the other column circuitry of a RAM chip. Note that the sense a 
is nothing but the familiar latch formed by cross-coupling two CMOS inverters- Onel?^ 


Word line 




Selected cel! 



<£, •—-o| I Q b 




Differential 
sense amplifier 





Equalization 
and prechurge 
circuitry 



<5 v, m n | 

B line 


I I } I II I J I J 1 1 u 


am no, tv. , u <il,ica ‘ n,lal sense amplifier connecled to the bit lines of a particular 

into dlfTFr .T " Sed dlreclly f0r SRAMs (which utilize both the B and B lines). DRAMs car be W" 1 
into differential circuits by using the “dummy-cell" arrangement shown later (Fig. 15.22). 
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is implemented by transistors 0, and ft, and , he other by transistors ft and ft. Transistors 
and ft act as switches that connect the sense amplifier to ground and V DC only when data- 

sense amplifier is turned off. This 
conserves power, an important consideration because usually there is one sense amplifier per 

column, resulting in thousands of seme amplifiers per chip. Note, again, that terminals .v and 

y are both the 1 ,npu * and the ° ut P ut terminals of the amplifier. As indicated, these I/O terminals 
are connected tojhe B and B lines. The amplifier is required to detect a small signal appearing 

between B and B , and to amplify it to provide a full-swing signal at B and B. For instance, if 
during a readjnpe ration, the cell has a stored 1, then a small positive voltage will develop be¬ 
tween B and B, with v B higher than iij. The amplifier will then cause v B to rise to V, , and v- 
to tall to 0 V. This 1 output is then directed to the chip I/O pin by the column decoder (not 
shown) and at the same time is used to rewrite a I in the DRAM cell, thus performing the 
restore operation that is required because the DRAM readout process is destructive. 

Figure 15.20 also shows the precharge and equalization circuit. 1 Jperation of this circuit 
is straightforward. When <p p goes high (to_f DD prior to a read operation, all three transistors 
conduct. While Q g and precharge the B and B lines to transistor Q-, helps speed 

up this process hy equalizing the initial voltages on the two lines. This equalization is criti¬ 
cal to the proper operation ot the sense amplifier. Any voltage difference present between B 


and B prior to commencement ot the read operation can result in erroneous interpretation by 
the sense amplifier of its input signal. In Fig. 15.20, we show only one of the cells in this 
particular column, namely, the cell whose word line is activated. The cel! can be either an 
SRAM or a DRAM cell. All other cells in this column will not be connected to the B and B 
lines (because their word lines will remain low). 

Let us now consider the sequence of events during a read operation: 


1. The precharge and equalization circuit is activated by raising the control signal 0. This 

* 

will cause the B and B lines to be at equal voltages, equal to V DD /2. The clock $ then 
goes low, and the B and B lines are left to float for a brief interval. 

2. The word line goes up, connecting the cell to the B and B lines. A voltage then devel¬ 
ops between B and B, w ith v B higher than v B if the accessed cell is storing a 1, or v B 
lower than v B if the cell is storing a 0. To keep the cell area small, and to facilitate 
operation at higher speeds, the readout signal, w f hich the cell is required to provide 
between B and B , is kept small (typically, 30-500 mV). 

3. Once an adequate difference voltage signal has been developed between B and B 
by the storage cell, the sense amplifier is turned on by connecting it to ground and 
V DD through Q s and activated by raising the sense-control signal Because ini¬ 
tially the input terminals of the inverters are at loo ' - ' the inverters will be operat¬ 
ing in their transition region where the gain is high (Section 13.2). It follows that 
initially the latch will be operating at its unstable equihbiium point. Thus, depending 
on the signal between the input terminals, the latch will quickly move to one of its 
two stable equilibrium points (refer to the description of the latch operation in Section 
15.1). This is achieved by the regenerative action, inherent in positive feedback. Figure 
15.21 clearly illustrates this point by showing the waveforms ot the signal on the bit 
line for both a read-1 and a read-0 operation. Observe that once activated, the sense 
amplifier causes the small initial difference, AV( \ ) or AF(0), provided by the cell, to 
grow exponentially to either V Da (lor a read-1 operation) or 0 (lor a read-lt operation). 
The waveforms of the signal on the B line will be complementary to those shown m 
Fig. 15.21 for the B line. In the following, we quantify the process ot exponential 

growth of v B and v B . 
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Figure 15.21 Waveforms of t», before and after the activation of the sense amplifier. In a read-1 oDera,™ 
the sense amplifier causes the initial small increment AV{ 1) to grow exponentially to V. n . In a read-0 oL 1 
the negative Af (0) grows to 0. Complementary signal waveforms develop on the B line. 


A Closer Look at the Operation of the Sense Amplifier Developing a precise ex¬ 
pression lor the output signal of the sense amplifier shown in Fig. 15.20 is a rather complex 
task requiring the use ot large-signal (and thus nonlinear) models of the inverter voltage 
transfer characteristic, as well as taking the positive feedback into account. We will not do 
this here; rather, we shall consider the operation in a semiquantitative way. 

Recal 1 that at the time the sense amplifier is acti vated, each of its two inverters is operat¬ 
ing in the transition region near V DD /2. Thus, for small-signal operation, each inverter can 
e modeled using g mn and g mpi the transconductances ot Q N and Q p . respectively, evaluated at 
an input bias of V DD /2. Specifically, a small-signal v i superimposed on V DD /\2 at the input 
of one ot the inverters gives rise to an inverter output current signal of (e + g )k =(? v -. 
1 ms output current is delivered to one of the capacitors, C B or C- B . The voltage thus devel¬ 
oped across the capacitor is then fed back to the other inverter and is multiplied byits(? n , 
w hich gives rise to an output current feeding the other capacitor, and so on, in a regenerative 
process. The positive feedback in this loop will mean that the signal around the loop, and 
thus v B and v B , will rise or decay exponentially (see Fig. 15.21) with a time constant of 
( Cft/G m ) [or (Cg/G m ), since we have been assuming C B = Co]. Thus, for example, in a 

read-1 operation we obtain 



whereas in a read-0 operation. 



+ AK(l)/ m/Cy , 



(15.16) 





- AV(0)e 




B 



ecause these expressions have been derived assuming small-signal operation, they describe 
M e ex P®^ n ltal growth (decay) ot v B reasonably accurately only for values close to 
e ert e ess, they can be used to obtain a reasonable estimate o! the time required to 
develop a particular signal level on the bit line. 


15.4 Sense Amplifiers and Address Decoders 1231 


Example 15.2 






u . Vl r 'B* aunng tne reading ot a 1. Assume that the storage cell 

P . r °'“ a _ V n 0l ‘ ag : “ nt on lhe B line of AMO) = 0.1 V. If the NMOS devices in the amplifiers have 

‘ “ nd the PM0S devices have ( W/L \ = 2 >6 pml0.18 pm, and assuming 

, n°n r/ a ’ tn ' w anc * - 4 A p C M = 300 pA/V : , find the time required for v B to 

reach 0.9 V DD . Assume C B = 1 pF. 


Solution 

First, we determine the transconductances g mfl and g 

Smn — Un^oxi ( KjS ~^t ) 


n 


= 300 * jo! (o-9-o.5) 

= 0.36 mA/V 


Thus, the inverter G„ is 


Smp 


UC (2| IV 


-m> 


2 16 

75 x KTZ (0.9-0.5) = 0.36 mA/V 

0.1 o 


G m = g mn + g mp = 0.72 mA/V 

and the time constant rfor the exponential growth of v B will be 


C 


r = 


B 


1 x 10 


-12 


m 


0.72 x 10 


-3 


= 1.4 ns 


Now, the time. At. for v B to reach 0.9 V DD can be determined from 

0.9 x 1.8 = 0.9 + 0.1e Afl ‘ 4 


resulting in 

At = 2.8 ns 


Obtaining Differential Operation in Dynamic RAMs The sense amplifier described 
earlier responds to difference signals appearing between the bit lines. Thus, it is capable ot 
rejecting interference signals that are common to both lines, such as those caused by capacitive 
coupling from the wordlines. For this common-mode rejection to be effective, great care has to 
be taken to match both sides of the amplifier, taking into account the circuits that feed each side. 
This is an important consideration in any attempt lo make the inherently single-ended output of 
the DRAM cell appear differential. We shall now discuss an ingenious scheme for accomplish¬ 
ing this task. Although the technique has been around for many years (see the first edition o 
this book, published in 1982), it is still in use loday. The method is illustrated in Fig. 15.22. 

Basically, each bit line is split into two identical halves. Each half-line is connected to hal 
the cells in the column and to an additional cell, known as a dummy cell, having a storage 
capacitor C c = C, When a word line on the left side is selected for reading, the dummy cell on 
the right side (controlled by $ D ) is also selected, and vice versa; that is, when a word line on 
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Figure 15.22 An arrangement for obtaining differential operation from the single-ended DRAM cell 
Note the dummy cells at the far right and far left. 


the right side is selected, the dummy cell on the left {controlled by <p D ) is also selected. In 

effect, then, the dummy cell serves as the other half of a differential DRAM cell. When the 

left-half bit line is in operation, the right-half bit line acts as its complement (or B line) and 
vice versa. 


Operation of the circuit in Fig. 15.22 is as follows: The two halves of the line are pre¬ 
charged to V dd /2 and their voltages are equalized. At the same time, the capacitors of the 
two dummy cells are precharged to V DD /2, Then a word line is selected, and the dummy 
cell on the other side is enabled with <p D or 0 D raised to I [)D ). Thus the half- line connected 
to the selected cell will develop a voltage increment (around V DD /2) of AF(l)orAK(0) 
depending on whether a 1 or a 0 is stored in the cell. Meanwhile, the other half of the line 
will have its voltage held equal to that of C D (i.e., V [m /2 ). I'he result is a differential signal 
of AV{\) or A V{ 0) that the sense amplifier detects and amplifies when it is enabled. As usual, 
by the end of the regenerative process, the ampl ifier will cause the voltage on one half of the 
line to become V DD and that on the other half to become 0. 



15.9 


15.10 


, . ec l u * re ^ re( luce the time A/ ol the sense-amplifier circuit in Example 15.2 by a factor of 2 

2 greasing g°f the transistors (while retaining the matched design of each inverter). What must 
the W/L ratios of the n- and p-channel devices become? 

Ans. ( W/L ) n = 6 ; ( W/L ) p = 24 

’ f ‘" SC . n , S , e a T Pllfie . r01 Example 1 5.2, the signal available from the cell is only half as large (i.e.. 
only 50 mV), what will At become? 

Ans. 3,7 ns, an increase of 32% 
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Figure 15.23 Two alternative arrangements for precharging the bit line: (a) The B and B lines are pre¬ 
charged to V DD ; (b) the B and B lines are charged to ( V DD - V), 


Alternative Piecharging Arrangements If it is desired to precharge the B and B 
lines to V DD , the arrangement in Fig. 15.23(a) can be utilized. Here precharging and equal¬ 
ization occur when ~<p p is low. Then, just prior to the activation of the word line, 0 r goes 
high. Another precharging arrangement using diode-connected NMOS transistors is shown 
in Fig. 15.23(b). In this case, the B and B lines are charged to ( V DD - V,), and Q 2 equalizes 
their voltages. 


An Alternative Sense Amplifier Another popular implementation of the sense ampli¬ 
fier is the differential MOS amplifier with a current-mirror load, studied in detail in Section 
8.5. Here, we present a brief overview of the operation of this versatile circuit as a sense 

amplifier. _ 

The amplifier circuit is shown in Fig. 15.24 fed from the bit and bit lines (voltages v B 
and ). Transistors and Q 2 are connected in the dit I'erential-pair configuration and are 
biased by a constant current / supplied by current source Q s . Transistors Q 2 and Q A tonn a 
current mirror, which acts as the load circuit tor the amplifying transistors 0, and Q 2 . The 


differential nature of the amplifier aids significantly in its effectiveness as a sense amplifier: 
It rejects noise or interference signals that are coupled equally to the B and B lines, and 
amplifies only the small difference signals that appear between B and B as a result of the 

read operation of a cell connected to the B and B lines. 

The amplifier is designed so that in normal small-signal operation, all transistors operate 
in the saturation region. Figure 15.24(b) shows the amplifier in its equilibrium state with 
v B = 71 - = V D[) - V r Note that we have assumed that the B and B lines are precharged to 
( V DD -V,) using the circuit in Fig. 15.23(b). It turns out that this voltage is particularly con¬ 
venient for the operation of this amplifier type as a sense amplifier. As indicated in Fig. 
15.24(b), the bias current / divides equally between 0 , and 0 2 ; thus each conducts a cur¬ 
rent 1/2. The current of 0, is fed to the input side of the current mirror, transistor Q 3 ; thus 
the mirror provides an equal output current / 2 in the drain of Q 4 . At the output node, we 
see that we have two equal and opposite currents, leav ing a zero current to flow into t e 
capacitor, Thus, in an ideal situation of perfect matching, v 0 will be equal to t e vo tage a 

the drain of O,. 
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(c) 


(d) 


Figure 15.24 The active-loaded MOS differential amplifier as a sense amplifier. 


Next consider the situation when the B line shows an incremental voltage AV above the 
voltage ot the B line. As shown in Fig. 15.24(c), if AV is sufficiently large, Q 2 will turnoff 
and all the bias current / will flow through Q { and on to Q x . Thus the mirror output current 

becomes / and flows through the amplifier output terminal to the equivalent output capaci¬ 
tance C. Thus C will charge to V DD in time At, 

O At = - ^ DD (15.18) 

/ 

The complementary situation when v- R exceeds v H by AV is illustrated in Fig. 15.24(d). 

ere Q t , Q 3 , and Q 4 are turned off, and Q 2 conducts all the current /. Thus capacitor C is 
discharged to ground by a constant current /. 
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An important question to answer before leaving this amplifier circuit is how large is AV 

that causes the current / to switch from one side of the differential pair to the other* The 
answer is given m Section 8.5 (see Fig. 8.32), namely. 


AV - JlV ov (15.19) 

where V ov ,s the overdrive voltage at which and £ 2 are operating in equilibrium, that 

is, 

2 - (15.20) 

i, 2 

Finally, vve note that this sense amplifier dissipates static power given by 

p = 

Observe that increasing / reduces the time At in Eq. (15.18) at the expense of increased 
power dissipation. 



D15.11 It is required to design the sense amplifier in Fig. 15.24 to detect an input signal AV = 100 mV 
and to provide a full output in 0.5 ns. If C = 50 fF and V DD = 1.8 V , find the required current I 
and the power dissipation. 

Ans. 180 pA ; 324 pW 


15.4.2 The Row-Address Decoder 

As described in Section 15.2, the row-address decoder is required to select one of the 2 :W 
word lines in response to an A/-bit address input. As an example, consider the case \t - 3 
and denote the three address bits A 0 , and A„ and the eight word lines h ^7- 

Conventionally, word line fV 0 will be high when A 0 = 0, 4, = 0, and A 2 = 0; thus we can 
express W Q as a Boolean function of A 0 , A v and4 2 , 


W 0 = AqA \ A 2 — Aq + Ai+A 2 


Thus the selection of W 0 can be accomplished by a three-input NOR gate whose three inputs 
are connected to A 0 , A lf and A , and whose output is connected to word line 0. Word line ft 3 

will be high when A 0 = 1, A, = 1, and A 2 = 0; thus, 

W\ = A nA i A 2 = Aq + A\ + A 2 


Thus the selection of W 3 can be realized by a three-input NOR gate whose three inputs are 
connected to A 0 , A u and A 2 , and whose output is connected to word line 3. We can thus see 
that this address decoder can be realized by eight three-input NOR gates. Each NOR gate is 
fed with the appropriate combination of address bits and their complements, corresponding 

to the word line to which its output is connected. 

A simple approach (o realizing these NOR functions is provided by the matrix structure 

shown in Fig. 15.25. The circuit shown is a dynamic one (Section 14.3). Attached to each 
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Row address 




Figure 1S.2S A NOR address decoder in array 
3-bit address. 


form. One out of eight lines < row lines) is selected using a. 


line is a /7-channel device that is activated, prior to the decoding process, using the p 
charge control signal <p p . During precharge (<p r low), all the word lines are pulled high 
, lJlr * 1S assurne d that at this time the address input hits have not yet been applied and all tf 
inputs are low, hence there is no need for the circuit to include the evaluation transistor ut 
lze in dynamic logic gates. Then, the decoding operation begins when the address bitsaf 
t eir complements are applied. Observe that the NMOS transistors are placed so that the woi 
lnes not selected will be discharged. For any input combination, only one word line will not t 
isc urged,jind thus its v oltage remains high at V DD . For instance, row 0 will be high only whe 

^ T ^ ir% ls fhe only comhinalmn that will result in all thnx* transislt 
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connected to row 0 being cut off. Similarly, row 3 has transistors connected to Ac, A , and A 
and thus tt w," be high when A„ = I, A, = I, 4 = 0 , and so on. After the decoder outputs have 
Stahdize . ou put lines are connected to the word lines of the array, usually via clock-con¬ 
troller transmission gates This decoder is known as a NOR decoder. Observe that because of 
the precharge operation, the decoder circuit does not dissipate static power. 



15.12 How many transistors are needed for a NOR row decoder with an A/-bit address? 
Ans. M2 w NMOS + 2 M PMOS = 2 U (M + I) 



15.4.3 The Column-Address Decoder 

From the description in Section 15,2, the I unction ot the column-address decoder is to con¬ 
nect one ot the 2 hit lines to the data I/O line ot the chip. As such, it is a multiplexer and can 
be implemented using pass-transistor logic (Section 14.2) as shown in Fig. 15,26. Here, each 
hit line is connected to the data I/O line through an NMOS transistor. The gates of the pass 
transistors are controlled by 2* lines, one of which is selected by a NOR decoder similar to 
that used for decoding the row address. Finally, note that better performance can be obtained 
by utilizing transmission gates in place of NMOS transistors (Section 14.2). In such a case, 
however, the decoder needs to provide complementary output signals. 

An alternative implementation of the column decoder that uses a smaller number of tran¬ 
sistors ( but at the expense of slower speed of operation) is shown in Fig. 15.27. This circuit, 
known as a tree decoder, has a simple structure of pass transistors. Unfortunately, since a 
relatively large number of transistors can exist in the signal path, the resistance of the bit 
lines increases, and the speed decreases correspondingly. 
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Figure 15.26 A column decoder realized by a combination of a NOR decoder and a pass-transistor 
multiplexer. 
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Figure 15 27 A tree column decoder. Note that the colored path shows the transistor that are conduct™ 
when A 0 l, A, - 0, and A 2 - 1, the address that results in connecting B s to the data line. 



15.13 How many transistors are needed for a tree decoder when there are 2 N bit lines'? 
Ans. 2(2 ,v - 1) 


15.4.4 Pulse-Generation Circuits 

Memory chips require a large number of pulse signals, sometimes with intricate timing rela¬ 
tions ips among them. It is not our purpose here to study this important subject; rather, we 
present two simple circuits that find widespread applicability in memory-chip timing as well 
as in other digital-system components, such as microprocessors. 

The Ring Oscillator The ring oscillator is formed by connecting an odd number of invert¬ 
ers in a oop. Although usually at least five inverters are used, we illustrate the principle of 
operation using a ring of three inverters, as shown in Fig. 15.28(a). Figure 15 . 28 (b) shows 
t e waveforms obtained at the outputs of the three inverters. These waveforms are idealized 

in the sense that their edges have zero rise and fall times. Nevertheless, they will serve to 
explain the circuit operation. 

Observe that a rising edge at node I propagates through gates 1 , 2 , and 3 to return 
erte a ter a delay of 3 t p . This falling edge then propagates, and returns with the origin 
(rising) polarity after another 3 t p interval. It follows that the circuit oscillates with a period 
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Figure 15.28 (a) A ring oscillator formed by connecting three inverters in cascade. (Normally at least five 
inverters are used.) (hi I he resulting waveform. Observe that the circuit oscillates with frequency l /6/p. 


of 6 i p or correspondingly with frequency 1 /6/p. In general, a ring with N inverters (where 
A must be odd) will oscillate with a period of 2 Nt P and frequency 1 /2 Nt P . 

As a final remark, we note that the ring oscillator provides a relatively simple means for 
measuring the inverter propagation delay. 



A One-Shot or Monostable Multivibrator Circuit The one-shot or monostable mul¬ 
tivibrator circuit provides, when triggered, a single output pulse with a predetermined 
width/ A variety of circuits exist for implementing the one-shot function, and some using 
op amps will be studied in Section 17.6, Here, in I g. 15.29(a), we show a circuit commonly 
used in digital IC design. The circuit utilizes an exclusive-OR (XGR) gate together with a 
delay circuit. Recalling that the XOR gate provides a high output only when its two inputs 
are dissimilar, we see that prior to the arrival of the input positive step, the output will be 


’The name “monostable” arises because this class of circuits has one stable state, which is the quiescent 
state. When a trigger is applied, the circuit moves to its quasi-stable state and stays in . tor a predete - 
mined length of time (the width of the output pulse). It then switches back automatically to the stable 

state. 
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Figure 15.29 (a) A one-shot or monostable circuit. Utilizing a delay circuit with a delay Tand xr» 

this circuit provides an output pulse of width T. (b) The delay circuit can be implemented as the 
inverters where N is even, in which case T = Nt p . 


low. When the input goes high, only the B input of the XOR will be high and thus its output 
will go high. The high input will reach input A of the XOR T seconds later, at which time 
both inputs ot the XOR will be high and thus its output will go low. We thus see that the cir¬ 
cuit produces an output pulse with a duration T equal to the delay of the delay block for each 

transition of the input signal. The latter can be implemented by connecting an even nun Km 
of inverters in cascade as shown in Fig. 15.29(b > 


15.5 Read-only Memory (ROM) 

As mentioned in Section 15.2, read-only memory (ROM) is memory that contains fixed data 
patterns. It is used in a variety of digital-system applications. Currently, a very popular appli¬ 
cation is the use ot ROM in microprocessor systems to store the instructions of the system’s 
basic operating program. ROM is particularly suited for such an application because it is 
nonvolatile, that is, it retains its contents when the power supply is switched off. 

A ROM can be viewed as a combinational logic circuit for which the input is the collec¬ 
tion of address bits ot the ROM and the output is the set of data bits retrieved from the 
addressed location. This viewpoint leads to the application of ROMs in code conversion- 
that is, in changing the code of the signal from one system (say, binary) to another. Code 
conversion is employed, for instance, in secure communication systems, where the process 
is known as scrambling. It consists of feeding the code of the data to be transmitted to a 
ROM that provides corresponding bits in a (supposedly) secret code. The reverse process, 
which also uses a ROM, is applied at the receiving end/ 

In this section we will study various types of read-only memory. These include fixed 
ROM, which we refer to simply as ROM, programmable ROM ( PROM), and erasable pro¬ 
grammable ROM (EPROM). 

15.5.1 A MOS ROM 

Figure 15.30 shows a simplified 32-bit (or 8-word x 4-bit) MOS ROM. As indicated, the mein 
oiy consists of an array ot w-channel MOS1 ITs whose gates are connected to the wordlifl es> 
w ose sources are grounded, and whose drains are connected to the bit lines. Each bit line is con 
necte to the power supply via a PMOS load transistor, in the manner ot pseudo-NMOS log^ 


Row decoder 
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(Section 14.1). An NMOS transistor exists in a particular cell if the cell is sto ' 
ing a I has no MOSFET. This ROM can be thought of as 8 words of 4 bitf & ’. aCe ^ st0r ' 
decoder selects one of the 8 words by raising the voltage of the corresponding wordT ^ jt 
transistors connected to this word line will then conduct, thus pulling the voltage 0 f T’ 

(to which transistors in the selected row are connected) down from V to a 1 
ground voltage (the logic-0 level). The hit lines that are connected to cellT(of the sel ^ if*'° 
without transistors (i.e., the cells that are storing a logic I) will remain at the power «,** ^ 

age (logic 1) because of the action of the pull-up PMOS load devices. In this wav L SU j\ Pyvolt ‘ 
addressed word can be read. ’ 

A disadvantage of the ROM circuit in Fig. 15.30 is that it dissipates static power S 

cifically, when a word is selected, the transistors in this particular row will conduct r 

current that is supplied by the PMOS load transistors. Static power dissipation JT 

eliminated by a simple change. Rather than grounding the gate terminals of the PMOS 

transistors, we can connect these transistors to a precharge line 0 that is normally high 

Just before a read operation, 0 is lowered and the bit lines are precharged to V through 

the PMOS transistors. The precharge signal 0 then goes high, and the word line l 

selected. The bit lines that have transistors in the selected word are then discharged, thus 

indicating stored zeros, whereas those lines for which no transistor is present remain at 
V DD , indicating stored ones. 



15.15 The purpose of this exercise is to estimate the various delay times involved in the operation of a 
ROM. Consider the ROM in Fig. 15.30 with the gates of the PMOS devices disconnected from 
ground and connected to a precharge control signal 0. Let all the NMOS devices have W/L = 
6 pm/_ pm and all the PMOS devices have W/L — 24 pm/2 pm. Assume that u C =50 uA/V : , 
Vp C ox = 20 P-A/V 2 , V m = -V lp = 1 v, and V DD = 5 V. 

(a) During the precharge interval, 0is lowered to 0 V. Estimate the time required to charge a bit line 
from 0 V to 5 V. Use. as an average charging current, the current supplied by a PMOS transistor 
at a bit-line voltage halfway through the 0-V to 5-V excursion (i.e., 2.5 V). The bit-line capaci¬ 
tance is 2 pF. Note that all NMOS transistors are cut off at this time. 

(b) After completion of the precharge interval and the return ot'0to V DD , the row decoder raises the 
\ oitage of the selected word line. Because of the finite resistance and capacitance of the word line, 
the voltage rises exponentially toward V DD . If the resistance of each of the polysilicon word lines 
is 3 kQ and the capacitance between the word line and ground is 3 pF, what is the (10% to 90%) 
rise time of the word-line voltage? What is the voltage reached at the end of one time constant? 

(c) We account for the exponential rise of the word-line voltage by approximating the word-line volt- 

a to the voltage reached in one time constant. Find the interval At required for 

an NMOS transistor to discharge the bit line and lower its voltage by 0.5 V. (It is assumed that 
t e sense amplifier needs a 0.5-V change at its input to detect a low bit value.) 

Ans. (a) 6.1 ns; (b) 19.8 ns, 3.16 V; (c) 2.9 ns 



15.5.2 Mask-Programmable ROMs 

The data stored in the ROMs discussed thus far is determined at the time of fabrication, 
D/ ~?, | n ^ user s specifications. However, to avoid having to custom-design cac 

) from scratch (which would be extremely costly), ROMs are manufactured using a 
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1 V/ Tfcr* l J l w 


fabricated on a wafer of silicon using a seuuenrr.V ~ PpenaiX ime g rated are 

i ' , i - . ^ quence ot processing steps that include Dhoto- 

masking, etching, and diffusion. In this wav -i natt^m ; ♦ p . . mm* 

t , t , , , ’ ims wa V’ a Pattern ot junctions and interconnect ons is 

created on he surface of the wafer. One of the final steps in the fabrication process consists 

ot coating the surface of the wafer with a layer of aluminum and then selectively (using a 

mask) etching away portions of the aluminum, leaving aluminum only where in.erconnec- 

t.ons am destred. This last step can be used to program (i.e., to store a desired pattern in) a 

ROM. For instance if the ROM is made ol MOS transistors as in Fig. 15.30, MOSFETs can 

be included at all bit locations, but only the gates of those transistors where 0s are to be 

stored are connected to the word lines; the gates of transistors where Is are to be stored are not 

connected. This pattern is determined by the mask, which is produced according to the 
user’s specifications. 


The economic advantages ot the mask programming process should be obvious: All 

ROMs are fabricated similarly; customization occurs only during one of the final steps in 
fabrication. 


15.5.3 Programmable ROMs (PROMs and EPROMs) 

PROMs are ROMs that can be programmed by the user, but only once. A typical arrange¬ 
ment employed in BJT PROMs involves using polysilicon fuses to connect the emitter of 
each BJT to the corresponding digit line. Depending on the desired content of a ROM cell, 
the fuse can be either left intact or blown out using a large current. The programming pro¬ 
cess is obviously irreversible. ^ 

An erasable programmable ROM, or EPROM, is a ROM that can be erased and repro¬ 
grammed as many times as the user wishes. It is therefore the most versatile type of read¬ 
only memory. It should be noted, however, that the process of erasure and reprogramming is 
time-consuming and is intended to be performed only infrequently. 

State-of-the-art EPROMs use variants of the memory cell whose cross section is shown 
in Fig. 15.31(a). The cell is basically an enhancement-type w-channel MOSFET with two 
gates made of polysilicon material. 4 One of the gates is not electrically connected to any 



Figure 15.31 (a) Cross section and (b) circuit symbol of the floating-gate transistor used as an EPROM 
cell. 


4 See Appendix A for a description of silicon-gate technology. 
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other part of the circuit; rather, it is left floating and is appropriately called 

The other gate, called a select gate, functions in the same manner as the * 0atingga,{ ' 
enhancement MOSFET. g a te of a regular 


The MOS transistor of Fig. 15.31 (a) is known as a floating-gate transistor 
the circuit symbol shown in Fig. 15.31(b). In this symbol the broken line denoted ^ 
ing gate. The memory cell is known as the stacked-gate cell. CS the ^ 0at ‘ 


Let us now examine the operation of the floating-gate transistor. Before the c I! 1 

grammed (we will shortly explain what this means), no charge exists on the fl 0 a ^ 

and the device operates as a regular ^-channel enhancement MOSFET. It thus eThV ^ 

b-^Gs characteristic shown as curve (a) in Fig. 15.32. Note that in this case theth 

voltage (V f ) is rather low. This state of the transistor is known as the nnt-nr« n 3 

state. It is one of two states in which the floating-gate transistor can exist Ut ITb 

trarily take the not-programmed state to represent a stored 1. That is, a floating-gate tra 

sistor whose i D -v GS characteristic is that shown as curve (a) in Fie. 15.32 will be said h 
storing a 1. 0&e 


To program the floating-gate transistor, a large voltage (16-20 V) is applied between its 

drain and source. Simultaneously, a large voltage (about 25 V) is applied to its select cate. 

Figure 15.33 shows the floating-gate MOSFET during programming. In the absence of 

any charge on i tie iloating gate, the device behaves as a regular n-channel enhancement 

MOSFET: An fl-type inversion layer (channel) is created at the wafer surface as a result of 

the large positive voltage applied to the select gate. Because of the large positive voltage at 
the drain, the channel has a tapered shape. 

The drain-to-source voltage accelerates electrons through the channel. As these elec¬ 
trons reach the drain end ol the channel, they acquire large kinetic energy and are referred to 
as hot electrons. The large positive voltage on the select gate (greater than the drain voltage) 
establishes an electric field in the insulating oxide. This electric field attracts the hot electrons 
and accelerates them (through the oxide ) toward the floating gate. In this way the floating 
gate is charged, and the charge that accumulates on it becomes trapped. 



ornL re ^ ^ Illustrating the shitt in the i D - v GS characteristic of a floating-gate transistor as a result ot pro 

gramming, ° ° 


15.5 Read-only Memory (ROM) 1245 


+25 V 



Figure 15.33 The floating-gate uansistor during programming. 


Fortunately, the process of charging the floating gate is self-limiting. The negative charge 
that accumulates on the floating gate reduces the strength ot the electric field in the oxide to 
the point that it eventually becomes incapable ot accelerating any more of the hot electrons. 

Let us now inquire about the effect of the floating gate's negative charge on the opera¬ 
tion of the transistor. The negative charge trapped on the floating gate will cause electrons to 
be repelled from the surface of the substrate. This implies that to form a channel, the positive 
voltage that has to be applied to the select gate will have to be greater than that required 
when the floating gate is not charged. In other words, the threshold voltage V f of the pro¬ 
grammed transistor will be higher than that of the not-programmed device. In fact, program¬ 
ming causes the i D -v (S characteristic to shift to the curve labeled ( b ) in Fig. 15.32. In this 
state, known as the programmed state, the cell is said to be storing a 0. * % 

Once programmed, the floating-gate device retains its shifted i-v characteristic (curve b) 
even when the power supply is turned off. In fact, extrapolated experimental results indicate 
that the device can remain in the programmed state for as long as 100 years! 

Reading the content of the stacked-gate cell is easy: A voltage V GS somewhere between 
the low and high threshold values see Fig. 15.32) is applied to the selected gate. While a 
programmed device (one that is storing a 0) will not conduct, a not-programmed device (one 
that is storing a I) will conduct heavily. 

To return the floating-gate MOSi ET to its not-programmed state, the charge stored on 
the floating gate has to be returned to the substrate. This erasure process can be accom¬ 
plished by illuminating the cell with ultraviolet light ot the conect wavelength (2537 A) for 
a specified duration. The ultraviolet light imparts sufficient photon energy to the trapped 
electrons to al low them to overcome the inherent energy barrier, and thus be transported 
through the oxide, back to the substrate. To allow this erasure process, the EPROM package 
contains a quartz window'. Finally, it should be noted that the device is extremely durable, 

and can be erased and programmed many times. 

A more versatile programmable ROM is the electrically erasable PROM (or EEPROM). 
As the name implies, an EEPROM can be erased and reprogrammed electrically without 
the need for ultraviolet illumination. EEPROMs utilize a variant of the floating-gate 
MOSFET. An important class of EEPROMs using a floating gale variant and tmplementing 

block erasure are referred to as flash memories. 
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Summary 

■ Flip-flops employ one or more latches. The basic static 
latch is a bistable circuit implemented using two inverters 
connected in a positive-feedback loop. The latch can remain 
in either stable state indefinitely. 

B As an alternative to the positive-feedback approach, 
memory can be provided through the use of charge stor¬ 
age. A number of < MOS flip-flops are realized this way, 
including some master-slave D flip-flops. 

■ A random-access memory (RAM) is one in which the 
time required for storing (writing) information and for 
retrieving (reading) information is independent of the 

physical location (within the memory) in which the infor¬ 
mation is stored. 

■ The major part of a memory chip consists of the cells in 
which the bits are stored and that are typically organized 
in a square matrix. A cell is selected for reading or writing 
by activating its row, via the row-address decoder, and its 
column, via the column-address decoder. The sense 
amplifier detects the content of the selected cell and pro¬ 
vides a full-swing version of it to the data-output terminal 
of the chip. 

■ There are two kinds of MOS RAM: static and dynamic. 
Static RAMs (SRAMs) employ flip-flops as the storage 
cells. In a dynamic RAM (DRAM), data is stored on a 


capacitor and thus must be periodically refresh n D 

chips provide the highest possible storage cap*]^ 
given chip area. b d P acit y for a 


“ Two circuits have emerged as the near-universal H, ■ ■ 
.mplementing the storage cell: the six-,ra„si stor S 
cell and the one-transistor DRAM cell 

■ Although sense amplifiers are utilized in SRAMs to speed 
up operation, they are essential in DRAMs. A panic J 

type of sense amplifier is a differential circuit that em 
ploys positive feedback to obtain an output sig na | £ 
grows exponentially toward either V D0 or 0. 

b Read-only memory (ROM) contains fixed data patterns 
that are stored at the time of fabrication and cannot be 
changed by the user. On the other hand, the contents of an 
erasable programmable ROM (EPROM) can be chanted 
by the user. The erasure and reprogramming is a 
consuming process and is performed only infrequently. 

■ Some EPROMS utilize floating-gate MOSFETs as the 
storage cells. The cell is programmed by applying (to the 
selected gate) a high voltage, which in effect changes the 
threshold voltage of the MOSFET, Erasure is achieved by 
1 11 uni mating the chip by ultraviolet light. Even more ver¬ 
satile, E EPROMs can be erased and reprogrammed elec¬ 
trically. 


Problems involving design are marked with D throughout 
the text. As well, problems are marked with asterisks to 
describe their degree of difficulty. Difficult problems are 
marked with an asterisk (*); more difficult problems with 
two asterisks (**}; and very challenging and/or time-con¬ 
suming problems with three asterisks (***). 

Section 15.1: Latches and Flip-Flops 

D 15,1 Sketch the standard CMOS circuit implementation 
of the SR flip-flop shown in Fig. 15.3 

D 15.2 Sketch the logic-gate implementation of an SR flip- 
flop utilizing two cross-coupled NAND gates. Clearly label 
the output terminals and the input trigger terminals. Provide 
the truth table and describe the operation. 

D 15.3 For the SR flip-flop of Fig. 15.4, show that if each 
of the two inverters utilizes matched transistors, that is. 
(W/L) p = (//„/ H p ){W/L) n , then the minimum W/L that 
each of Q 5 -Q s must have so that switching occurs is 
2( W/L) n . Give the sizes of all eight transistors if the flip- 
flop is fabricated in a 0.13-pm process for which 

A* ~ 4 /V Use the minimum channel length for all transis¬ 
tors and the minimum size ( WIL = 1) for and Q„ 

D 15.4 In this problem we investigate the effect of velocity 
saturation (Section 13.5) on the design of the SR flip-flop in 
Example 15.1. Specifically, answer part (a) of the question 
in Example 15.1, taking mto account the tact that for this 
technology, F £)5sat for ^-channel devices is 0.6 V and 
| f/ DSsas| f° r /’-channel devices is 1 V. Assume 
\X p \~ 0.! V . What is the minimum required value 
for ( W/L) 5 and for ( W/L ) 6 ? Comment on this value rel¬ 
ative to that found in Example 15.1. {Hint: Refer to Eq. 
13.100.) 

D 15.5 Repeat part (a) of the problem in Example 15.1 for 
die case of inverters that do not use matched Q s and Q p . 
Rather, assume that each of the inverters uses 
(W/L) p — ( W/L) n - 0.27 p.m/0.18 (im. Find the 
threshold voltage of each inverter. Then determine the value 
required for the WIL of each of Q<, to so that the flip- 
flop switches. 

D 15.6 The CMOS SR flip-flop in Fig. 15.4 is fabricated in 
a0.13-pm process for which = 4fl p C 0X - 430juAA/\ 
v , n = | y, p \ = 0.4 V, and V DD = 1.2 V. The inverters 
have (W/L) n = 0.2 pm/0.13 pm and {W!L) p = 0.% pm/ 
0.13 pm. The four NMOS transistors in the set-reset circuit 
have equal W/L ratios. 

<a) Determine the minimum value required for this ratio to 
ensure that the flip-flop will switch. 

lb) II a ratio twice the minimum is selected, determine the 
minimum required width of the set and reset pulses to 


ensure switching. Assume that the total capacitance between 
each of the Q and Q nodes and ground is 20 fF. 

D 15.7 Consider another possibility for the circuit in Fig. 
15.7^Relabel the R input as S and the 5 input as R , Let S 
and R normally rest at V DD . Let the flip-flop be storing a 
0; thus V Q = 0 V and V^ = V DD . To set the flip-flop, 
tne S terminal is lowered to 0 V and the clock 0 is raised to 
l dd- T he relevant part of the circuit is then transistors Q s 
and Q v For the flip-flop to switch, the voltage at Q must 
be lowered to 1 DD 2. What is the minimum required WIL 
for Q $ in terms of ( W/L) 2 and 

D 1 5.8 1 he clocked SR flip-flop in Fig, 15.4 is not a fully 
complementary CMOS circuit. Sketch the fully comple¬ 
mentary version by augmenting the circuit with the PUN 
corresponding to ihe PDN comprising Q s , Q ,, and Q H . 

Note that the lully complementary circuit utilizes 12 tran¬ 
sistors. Although the circuit is more complex, it switches 


15.9 Consider the latch ot Fig. 15,1 as implemented in 
CMOS technology. Lei jU„C ox = 2 /i p C M = 20 pA/V : , W p = 
2 W n = 24 pm, L p = L n = 6 pm, | V\ = I V, and V DD = 5 V. 


i a) Plot the transfer characteristic of each inverter—that is, 
t' v versus v w , and v z versus o } .. Determine the output of each 
inverter at input voltages of 1, 1.5, 2, 2.25, 2.5, 2.75, 3. 3.5, 
4. and 5 volts. 


(b) Use the characteristics in (a) to determine the loop 
voltage-transfer curve of the latch—that is, v , versus o u .. 
Find the coordinates of points A, B, and C as defined in Fig. 


15.1(c). 

(c) If the finite output resistance of the saturated MOSFET 


is taken into account, with 


V A \ = 


100 V , find the slope of 


the loop transfer characteristic at point B. What is the 
approximate width of the transition region? 


15.10 Two CMOS inverters operating from a 5-V suppK 
have V m and V n of 2.42 and 2.00 V and corresponding out¬ 
puts of 0.4 V and 4.6 V, respectively, and are connected as 
a latch. The MOSFETs have \V,\ = 1 V. Approximating 
the corresponding transfer characteristic of each gate by 
straight lines between the break points, sketch the latch 
open-loop transfer characteristic. What are the coordinates 
of point B? What is the loop gain at B? 


15.11 Figure PI 5.11 shows a commonly used circuit of a D 
flip-flop that is triggered by the negative-going edge of the 

clock 0. 

(a) For 0 high, what are the values of Q and Q in terms of 
D? Which transistors are conducting? 

ib) II P is high and 0 goes low, which transistors conduct 
and what signals appear at Q and at Describe the circuit 
operation, 
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(c) Repeat (b) for D low with the clock 0 going low. 

(d) Does the operation of this circuit rely on charge storage? 




before the word-line voltage is raised to V nn Slept,* a. 

vant pan of the circuit and describe the orerati™ c,* 

the analysis parallels that presented in the text fo th 
operation. 

D 15.16 Consider a 6T SRAM cell fabricated in a 0 1 *, 
CMOS process for which K = |jr. |-n<u . 

\ DD = 1.8 V. It during a read-1 operation it i s requira 
that Vq does not exceed 0.2 V, use the graph in Fig |t i 
to determine the maximum allowable value of ih ’■ 

(W/L^W/L),. For i, = L f = 0.18 pm, select val 
ues tor (V, and W s that minimize the combined areas „ 

Q\ and Qs- Assume that the minimum width allowed, 

0.18 fim. 

15.17 Repeat Exercise 15.4 for an SRAM fabricated in: 
0.25-pin CMOS process for which V nn = 2 5 V ani 
V, = 0.5 V. 


Section 15.2: Semiconductor Memories: Types 
and Architectures 

15.12 A particular 1 M-bit square memory array has its periph¬ 
eral circuits reorganized to allow for the readout of a 16-bit 
word. How many address bits will the new design need? 

15.13 For the memory chip described in Problem 15.12, 
how many word lines must be supplied by the row 
decoder? How many sense amplifiers/dri vers would a 
straightforward implementation require? If the chip power 
dissipation is 500 mW with a 5-V supply for continuous 
operation with a 200-ns cycle time, and all the power loss 
is dynamic, estimate the total capacitance of all logic acti¬ 
vated in any one cycle. If we assume that 90% of this 
power loss occurs in array access, and that the major 
capacitance contributor will be the bit line itself, calculate 
the capacitance per bit line and per bit for this design. 
(Recall from problem 15.12 that 16 bit lines are selected 
simultaneously.) If closer manufacturing control allows the 
memory array to operate at 3 V, how much larger a mem¬ 
ory array can be designed in the same technology at about 
the same power level? 

15.14 An experimental 1.5-V, 1-Gbit dynamic RAM (called 
DRAM) by Hitachi uses a 0.16-pm process with a cell size 
of 0.38 x 0.76 pm 2 in a 19 x 38 mnr chip. What fraction of 

the chip is occupied by the I/O connections, peripheral cir¬ 
cuits, and interconnect? 

Section 15.3: Random-Access Memory 

(RAM) Cells 

15.15 Consider the read operation of the 6T SRAM cell of 
Fig. 15.12 when it is storing a 0, that is, V Q = 0 V, and 
v q = v dd- Assume that the bit lines are precharged to V , 


15.18 Repeat Exercise 15.4 for an SRAM fabricated in a 
0.13-pm CMOS process for which V nn = 12V and 
V, = 0.4 V. 

15.19 Locate on the graph of Fig. 15.14 the points A. B. and 
C that correspond to the following three process technologies: 

(a) 0.25-pm: V DD - 2.5 V and V, - 0.5 V 

(b) 0.18-pm: V DD = 1.8 V and V, = 0.5 V 

(c) 0.13-pm: V DD - 1.2 V and V, = 0.4 V 

In each case, impose the condition that in a read-1 operation 

V~ = V 

Q r 

'15.20 Refer to the circuit in Fig. 15.13 and find the max¬ 
imum ratio ( W/L) s /( W/L) , for Vq < V r this time taking 
into account the velocity-saturation effect (Section 13.5, 
Eq. 13.100). The SRAM is fabricated in a 0.18-pm CMOS 
process for which V DD - 1.8 V, V, - 0.5 V, and lor the 
fl-channel devices - 0.6 V. Compare to the value 

obtained without accounting for velocity saturation. (Hint. 
C'onxince yourself that for this situation only Q$ will be 
operating in velocity saturation.) 

D *15.21 For the 6T SRAM of Fig. 15.12, fabricated in a 

0.18-pm CMOS process for which Vdd ~ 

0.5 V, 20 f = 0.8 V, and y = 0.3 V 1 ' 2 , find the maximum 

ratio ( W/L) s /( W/L), for which V- } ^ l',o t ^ ur * n ^. a 
read-1 operation (Fig. 15,13). Take into account the b } 
effect in Compare to the value obtained without 

accounting for the body effect. 

0 15.22 A 6T SRAM cell is fabricated in a 0.13fnj 
CMOS process for which V DD = 1.2 V, l', - 0.4 i^ 
\l n C ox = 430 pA/V 2 . The inverters utilize (mi 
Each of the bit lines has a 2-pF capacitance to 8 r0U ^ ' 
sense amplifier requires a minimum of 0.2-V input or 

able and fast operation. 
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(a) Find the upper bound on W/L for each of the access 

transistors so that V Q and V- Q do not change by more than 
v, volts during the read operation. 

<b) Find the delay time At encountered in the read operation 
if the cell design utilizes minimum-size access transistors 

<c, Find the detay time Ar if the design utilizes "he maxi- 
mum allowable size for the access transistors. 

15.23 Consider the operation of writing a 1 into a 6T 
SRAM cell that is originally storing a 0. Sketch the relevant 
part of the circuit and explain the operation. Without doing 
detailed analysis, show that the analysis would lead to 

results identical to those obtained in the text for the write-0 
operation. 


D 15.24 For a 6T SRAM cell fabricated in a 0.13-pm CMOS 
process, find the maximum permitted value of ( W/L ) in 
terms of (W/L) a of the access transistors. Assume 

Vdd ~ 1 -2 V, V tn = | V tp \ = 0.4 V, and //„ = Ajj p . 

D 15.25 For a 6T SRAM cell fabncated in a 0.25-pm CMOS 
process, find the maximum permitted value of ( W/L) in 
terms of ( W/L) d of the access transistors. Assume 


DD 


- 2.5 V, V tn - | V tp \ ~ 0.5 V, and fJ n -4//,. 


15,26 Locate on the graph in Fig. 15.17 the points A, B. 
and C corresponding to the following three CMOS fabrica¬ 


tion processes: 

(a) 0.25-pm: V DD 

(b) 0.18-pm: V DD 

(c) 0.13-pm: V DD 


= 2.5 V, 

Kn = 

K 

= 1.8 V, 

Kn = 

K 

r- 

> 

cn 

m 

li 




= 0.5 V 
= 0.5 V 
= 0.4 V 

Vq is to be limited 


For all three, fJ n — 4/j . In each case 
to a maximum value of V tn . 


D 15.27 Design a minimum-size 6T SRAM cell in a 0.13- 
pm process for which V DD = 1.2 V and V ln = V tp \ = 
0.4 V. All transistors are to have equal L - 0.13 pm. 
Assume that the minimum width allowed is 0.13 pm. Verify 
that your minimum-size cell meets the constraints in Fqs. 
(15.5) and (15.11). 


15.28 For a particular DRAM design, the cell capaci¬ 
tance C s - 30 fF and V p/) - 1.8 V. Each cell represents a 
capacitive load on the bit line of 1 fF. Assume a 28-fF 
capacitance for the sense amplifier and other circuitry 
attached to the bit line. What is the maximum number of 
cells that can be attached to a bit line while ensuring a 
minimum bit-line signal of 0.05 V? Mow many hits of 
row addressing can be used? If the sense-amplifier gain is 
increased by a factor of 5, how many word-line address 
bits can be accommodated ? 


15.29 For a DRAM available for regular use 98% of the 

time, having a row-to-column ratio of 2 to 1, a cycle time of 

20 ns, and a refresh cycle of 8 ms, estimate the total memory 
capacity. 

15.30 In a particular dynamic memory chip, C s ~ 25 fF, the 
bit-line capacitance per cell is 0.5 fF, and bit-line control 
circuitry involves 12 fF. For a l-Mbit-square array, what 
bit-line signals result when a stored I is read? When a stored 
0 is read? Assume that V DO = 1.8 V. 

15.31 For a DRAM cell utilizing a capacitance of 20 fF, 
refresh is required within 10 ms. If a signal loss on the 
capacitor of 0.2 V can be tolerated, what is the largest 
acceptable leakage current present at the cell? 


Section 15.4: Sense Amplifiers and Address 
Decoders 


amplifier of Fig. 15.20 following the rise of the sense con¬ 
trol signal 0 f . Assume that a balanced differential signal of 
0.1 V is established between the bit lines, each of which has 
a 1 pF capacitance. For V DD - 3 V, what is the value of G m 
of each of the inverters in the amplifier required to cause the 
outputs to reach 0.1 l' DD and 0.9 V DLi (from initial values of 
0.5F db + (0.1/2) and 0.5 V DD - (0.1/2) volts, respec¬ 
tively] in 2 ns? If for the matched inverters, jf'| = 0.8 V and 
k' n - 3 k p - 75 pA/V’, what are the device widths required? If 
the input signal is 0.2 V. what does the amplifier response 
time become? 


15.33 A particular version of the regenerative sense ampli¬ 
fier of Fig. 15.20 in a 0.5-pm technology, uses transistors for 
which j V ( \ = 0.8 V, k' n = 2.5it; = 100 pA/V : , V DD = 3.3 V, 
with ( W/L ) n = 6 pm/ 1.5 pm and ( W/L ), = 15 pm/ 
1.5 pm . For each inverter, find the value of G,„. For a bit-line 
capacitance of 0.8 pF, and a delay until an output of 0.9 V DD is 
reached of 2 ns, find the initial difference-voltage required 
between the two bit lines. If the time can be relaxed by 1 
ns, what input signal can be handled? With the increased 
delay time and with the input signal at the original level, 
by what percentage can the hit-line capacitance, and corre¬ 
spondingly the bit-line length, be increased? If the delay 
time required for the bit-line capacitances to charge by the 
constant current available from the storage cell, and thus 
develop the difference-voltage signal needed by the sense 
amplifier, was 5 ns, what does it increase to when longer 

lines are used'.’ 

D 15.34 (a) For the sense amplifier of Fig. 15,20, show 
that the time required for the bit lines to reach 0.9and 
0.1 V DP is given by t d = (C B /G m )\n{0W DD /AV) where 
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AT is the initial difference-voltage between the two bit lines. 
(Refer to Fig. 15.21.) 

(b) If the response time of the sense amplifier is to be 
reduced to one-half the value of an original design, by what 
factor must the width of all transistors be increased? 

(c) If for a particular design, V DD = 1.8 V and AI - 0.2 V, 
find the factor by which the width of all transistors must he 
increased so that AT is reduced by a factor of 4 while keep¬ 
ing t d unchanged? 

D 15.35 It is required to design a sense amplifier of the 
type shown in Fig. 15.20 to operate with a DRAM using the 
dummy-cell technique illustrated in Fig. 15.22. The DRAM 
cell provides readout voltages of -100 mV when a 0 is 
stored and +40 mV when a 1 is stored. The sense amplifier 
is required to provide a differential output voltage of 2 V in 
at most 5 ns. Find the W/L ratios of the transistors in the 
amplifier inverters, assuming that the processing technology 
is characterized by k' n - 2.5 k' = 100 pA/V : , \V r \ - 1 V, 
and V DD = 5 V. The capacitance of each half bit line is IpF. 
What will be the amplifier response time when a 0 is read? 
When a 1 is read? 

D 15.36 It is required to design the sense amplifier of Fig. 
15.24 to detect an input signal of 100 mV and provide a full 
output in 0.3 ns. If C = 60 fF and V DD = 1.2 V, find the 
required current I and the power dissipation. 

D 15.37 Consider the sense amplifier in Fig. 15.24 in the 
equilibrium condition shown in part (b) of the figure. Let 
f£>£) = 1.8 V and V, = 0.5 V. 


(a) If 0i and Q 2 are to operate at the edge 0 f , ah . 

what is the dc voltage at the drain of £),? ™ ratlon ' 

(b) If the switching voltage AV is to be about 14 0rnV 


.at 


what overdrive voltage V ov should Q and 0 k 
ated in equilibrium? What dc voltage should ap L 
common-source terminals of £>, and CL? 016 

(c) If the delay component At given by Eq. (15.18) is k, 

0.5 ns, what current / is needed if C = 55 fF? ' ° ^ 

(d) Find the W/L required for each of O m n r 

H,c„ x = 4 n p C ox = 300 |iA/V J . y ' a for 

(e) If Q 5 is to operate at the same overdrive voltage as 0 

and Q 2 , find its required W/L and the value of the refer 
ence voltage V p , 


15.38 Consider a 512-row NOR decoder. To how many 

address bits does this correspond? How many output lines 

does it have 1 How many input lines does the NOR array 

require? How many NMOS and PMOS transistors does such 
a design need? 


15.39 For the column decoder shown in Fig. 15.26. how 
many column-address bits are needed in a 256-Kbit square 
array? How many NMOS pass transistors are needed in the 
multiplexer? How many NMOS transistors are needed in 
the NOR decoder? How many PMOS transistors? What is 
the lutal number of NMOS and PMOS transistors needed,’ 


15.40 Consider the use of the tree column decoder shown in 
Fig. 15.27 for application with a square 256-Kbit array. How 
many address bits are involved? How many levels of pass 
gates are used ? How many pass transistors are there in total? 
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15.41 Consider a ring oscillator consisting of five inverters 
each having t PLH = 6 ns and t PHL = 4 n s. Sketch one of 
the output waveforms, and specify its frequency and the per¬ 
centage of the cycle during which the output is high. 

15.42 A ring-of-eleven oscillator is found to operate at 20 
MHz. Find the propagation delay of the inverter. 

D 15.43 Design the one-shot circuit of Fig. 15.29 to pro¬ 
vide an output pulse of 10 -ns width. If the inverters avail¬ 
able have t P = 2.5 ns delay, how many inverters do you 
need for the delay circuit? 

Section 15.5: Read-Only Memory (ROM) 

15.44 Give the eight words stored in the ROM of Fig. 15.30. 

D 15.45 Design the bit pattern to be stored in a (16 x 4 ) 
ROM that provides the 4-bit product of two 2-bit variables. 
Give a circuit implementation of the ROM array using a 
form similar to that of Fig. 15.30. 

15.46 Consider a dynamic version of the ROM in Fig 15 30 
in which the gates of the PMOS devices are connected to a 
precharge control signal <j>. Let all the NMOS devices have 
W/L = 3 pm/ 1.2 pm and all the PMOS devices have 


0 L - 12 pm/1.2 pm. Assume k' - 3 k' - 90 liA/V 2 
, « = -P (p = 1 V.and V dd = 5 V. P 

<a) During the precharge interval, 0is lowered to 0 V. Esti¬ 
mate the time required to charge a bit line from 0 to 5 V. 
Use as an average charging current the current supplied by 
a PMOS transistor at a bit-line voltage halfway through the 
0 to 5 V excursion (i.e., 2.5 V). The bit-line capacitance is 

1 pF. Note that all NMOS transistors are cut off at this 
time. 

(b) After the precharge interval is completed and 0 returns 
to V Dpt the row decoder raises the voltage of the selected 
word line. Because ot the finite resistance and capacitance 
of the word line, the voltage rises exponentially toward 
f DD . If the resistance ot each of the polysilicon word lines 
i'* 5 kfl and the capacitance between the word line and 
ground is 2 pF, what is the 1 10% to 90%) rise time of the 
word-line voltage? What is the voltage reached at the end 
of one time-constant? 

(c) If we approximate the exponential rise of the word¬ 
line voltage by a step equal to the voltage reached in one 
time constant, find the interval At required for an NMOS 

transistor to discharge the bit line and lower its voltage by 
1 V. 





PART IV 

























I n Part IV we study an important class of analog circuits: filters and oscillators. Both 
topics have in common an application or system orientation. They provide dramatic 
and powerful illustration of the application of both negative and positive feedback. 

While the filters studied here are linear circuits, the design of oscillators makes use of 
both linear and nonlinear techniques. 

Chapter 16 deals with the design of filters, which are important building blocks of 
communication and instrumentation systems. Filter design is one of the rare areas of en¬ 
gineering for which a complete design theory exists, starting from specification and cul¬ 
minating in an actual working circuit. The material presented should allow the reader to 
perform such a complete design process. 

In the design of electronic systems, the need usually arises for signals of various 
waveforms—sinusoidal, pulse, square-wave, and so on. The generation of such signals is 
the subject of Chapter 17. It will be seen that some of the circuits utilized in waveform 
generation employ an op-amp version of the basic memory element studied in Chapter 
15, the bistable multivibrator or latch. 

The study of filters and oscillators relies on a thorough familiarity with basic feed¬ 
back concepts including the effect of feedback on the amplifier poles (Chapter 10), and 
with op-amp circuit applications (Chapter 2). As well, we assume knowledge of basic s- 
plane concepts including transfer functions, poles, zeros, and Bode plots. 
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IN THIS CHAPTER YOU WILL LEARN 

1. How filters are characterized by their signal-transmission properties 

and how they are classified into different types based on the relative 
location of their passband(s) and stopband(s) 

2. How filters are specified and how to obtain a filter transfer function 
that meets the given specifications, including the use of popular spe¬ 
cial functions such as the Butterworth and the Chebyshev. 

3. The various first-order and second-order filter functions and their real¬ 
ization using op amps and RC circuits. 

4. The basic second-order LCR resonator and how it can be used to real¬ 
ize the various second-order filter functions. 

5. The best op amp-RC circuit for realizing an inductance and how it can 
be used as the basis for realizing the various second-order filter 
functions. 

6. That connecting two op-amp integrators, one inverting and one nonin¬ 
verting, in a feedback loop realizes a second-order resonance circuit 
and can be used to obtain circuit realizations of the various second- 
order filter functions. 

7. How second-order filter functions can be realized using a single op 
amp and an RC circuit, and the performance limitations of these mini¬ 
mal realizations. 

8. How the powerful concept of circuit sensitivity can be applied to 
assess the performance of filter circuits in the face of finite component 
tolerances. 

9. The basis for the most popular approach to the realization of filter 
functions in 1C form; the switched-capacitor technique. 

10. The design of tuned transistor amplifiers for radio-frequency (RF) 
applications. 



Introduction 

In this chapter, we study the design of an important building block of communications and 
instrumentation systems, the electronic filter. Filter design is one of the \ery few areas o 
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engineering for which a complete design theory exists, starting from specification 
with a circuit realization. A detailed study of filter design requires an entire book ° 
such textbooks exist. In the limited space available here, we shall concentrateon^ 
of topics that provide an introduction to the subject as well as a useful arsenal f tion 
cuits and design methods. erc ' r * 

The oldest technology for realizing filters makes use of inductors and capacitor 
the resulting circuits are called passive LC filters. Such filters work well at high ^ 
cies; however, in low-frequency applications (dc to 100 kHz) the required inductors areT^ 
and physically bulky, and their characteristics are quite non ideal. Furthermore such ^ 
tors are impossible to fabricate in monolithic form and are incompatible with a f 
modem techniques for assembling electronic systems. Therefore, there has been conside C 
able interest in finding filter realizations that do not require inductors. Of the various / 

hie types of inductorless niters, we shall study active-RC filters and switched ean! 't 
filters. mm 


induc- 


Active-R filters utilize op amps together with resistors and capacitors and are fabricated 
using discrete, hybrid thick-film, or hybrid thin-film technology. However, for large-volume 
production, such technologies do not yield the economies achieved by monolithic (IC) fabrica¬ 
tion. At the present time, the most viable approach for realizing fully integrated monolithic 
filters is the switched-capacitor technique. 

The last topic studied in this chapter is the tuned amplifier commonly employed in the 
design of radio and TV receivers. Although tuned amplifiers are in effect bandpass filters, 
they are studied separately because their design is based on somewhat different techniques.' 

The material in this chapter requires a thorough familiarity with op-amp circuit applica¬ 
tions. Thus the study of Chapter 2 is a prerequisite. 


16.1 Filter Transmission, Types, and Specification 

16.1.1 Filter Transmission 

The filters we are about to study are linear circuits that can be represented by the general 

two-port network shown in Fig. 16.1. The filter transfer function T(s) is the ratio of the output 
voltage V 0 {s) to the input voltage V t {s), 

O T(s) = (16,1) 

V t {s) 

The filter transmission is found by evaluating T(s> for physical frequencies, s =jox andean 
be expressed in terms of its magnitude and phase as 

0 Tijco) = \T{ja))\e! m) (l 6 - 2 ) 

The magnitude of transmission is often expressed in decibels in terms of the gain function 

0 G(co) = 20 log|7\/&>)|, dB * 16l3) 

or, alternatively, in terms of the attenuation function 

A{( 0 ) = -20 log| T(jco) \, dB (l6,4) 

A filter shapes the frequency spectrum of the input signal, | V t {ja ))\, according to the 
magnitude of the transfer function | T(j oj)\, thus providing an output V 0 {jco) with a spectrum 


o 
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+ 

V, ( 5 ) 



I liter circuit 

T(s) 


V 0 (s) 


Figure 16,1 The filters studied in this rhinrer. Er. 

, P l |ntar circuits represented by the general two-port net 

work shown. The filter transfer function T{ s ) = V (s)/ y ( 5 ) « 


\ V o(j<o)\=\T(ja»\\V 1 (jaS)\ (l6 . 5) 

Also, the phase characteristics ol the signal are modified as it passes through the filter 
according to the filter phase function 

16.1.2 Filter Types 

We are specifically interested here in filters that perform a frequency-selection function: pass¬ 
ing signals whose frequency spectrum lies within a specified range, and stopping signals 
whose frequency spectrum falls outside this range. Sue 1 ! a filter has ideally a frequency band 
(or bands) over which the magnitude of transmission is unity (the filter passband) and a fre¬ 
quency band I or bands) over which the transmission is zero ( the filter stopband). Figure 16.2 
depicts the ideal transmission characteristics of the four major filter types: low-pass (LP) in 
Fig. 16.2(a), high-pass (HP) in Fig. 16.2(h), bandpass (BP) in Fig. 16.2(c), and bandstop 
(BS) or band-reject in Fig. 16.2(d). These idealized characteristics, by virtue of their vertical 
edges, are known as brick-wall responses. 

16.1.3 Filter Specification 

The filter-design process begins with the filter user specifying the transmission characteris¬ 
tics required of the filter. Such a specification cannot be of the form shown in Fig. 16.2 
because physical circuits cannot realize these idealized characteristics. Figure 16.3 shows 
realistic specifications for the transmission characteristics of a low-pass filter. Observe that 
since a physical circuit cannot provide constant transmission at all passband frequencies, the 
specifications allow for deviation of the passband transmission from the ideal 0 dB, but place 
an upper bound, ^ max (dB), on this deviation. Depending on the application, A max typically 
ranges from 0.05 dB to 3 dB. Also, since a physical circuit cannot provide zero transmission at 
all stopband frequencies, the specifications in i'ig. 16.3 allow for some transmission over the 
stopband. However, the specifications require the stopband signals to he attenuated by at 
least v4 mill (dB) relative to the passband signals. Depending on the filter application, /f min can 
range from 20 dB to 100 dB. 

Since the transmission of a physical circuit cannot change abruptly at the edge of the 
passband, the specifications of Fig. 16.3 provide tor a band of frequencies over which the 
attenuation increases from near 0 dB to '4 m j n , This transition band extends from the pass- 
band edge co p to the stopband edge 0) s . The ratio coJ(i)p is usually used as a measure of the 
sharpness of the low-pass filter response and is called the selectivity factor. Finally, 
observe that for convenience the passband transmission is specified to be 0 dB. The final 
filter, however, can be given a passband gain, if desired, without changing its selectivity 

characteristics. 
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(c) Bandpass (BP) (d) Bandstop (BS) 

Figure (6.2 Ideal transmission characteristics of the four major filter types: (a) low-pass (LP), (b) high-pass (HP), (c) bandpass 
(BP), and (d) bandstop (BS), 


To summarize, the transmission of a low-pass filter is specified by four parameters: 

1. The passband edge co p 

2. The maximum allowed variation in passband transmission ^ max 

3. The stopband edge 0) s 

4 . The minimum required stopband attenuation /f min 

The more tightly one specifies a filter—that is, lower A max , higher 4 mjr , and/or a selectivity 

ratio (O s /co p closer to ui dty—the closer the response of the resulting filter will be to the ideal, 

However, the resulting filter circuit must be of higher order and thus more complex and 
expensive. 

In addition to specifying the magnitude of transmission, there are applications in which 
the phase response of the filter is also of interest. The filter-design problem, however, is con¬ 
siderably complicated when both magnitude and phase are specified. 

Once the filter specifications have been decided upon, the next step in the design is to 
find a transfer function whose magnitude meets the specification. To meet specification, 
the magnitude-response curve must lie in the unshaded area in Fig. 16.3. The curve shown 
in the figure is for a filter thatyi/jr meets specifications. Observe that for this particular filter, 
the magnitude response ripples throughout the passband, and the ripple peaks are all equa 
Smce the peak ripple is equal to^ max it i s usual to refer to A maK as the passband ripple and to 
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Figure 16.3 Specification ot the transmission characteristics of a low-pass filter. The magnitude response of 
a filter that just meets specifications is also shown. 

(t)p as the ripi I* bandwidth. The particular filter response shows ripples also in the stop- 
band, again with the ripple peaks all equal and of such a value that the minimum stopband 
attenuation achieved is equal to the specified value, A m j n . Thus this particular response is 
said to be equiripple in both the passband and the stopband. 

The process ot obtaining a transfer function that meets given specifications is known as 
filter approximation. Filter approximation is usually performed using computer programs 
< Snelgrove, 1982; Ousiis and Sedra, 1995) or filter design tables (Zverev, 1967). In simpler 
cases, filter approximation can be performed using closed-form expressions, as will be seen 
in Section 16.3. 

Finally, Fig. ! 6.4 shows transmission specifications for a bandpass filter and the response 
of a filter that meets these specifications. For this example we have chosen an approximation 
function that does not ripple in the passband; rather, the transmission decreases monotoni- 
cally on both sides of the center frequency, attaining the maximum allowable deviation at the 
two edges of the passband. 


16.1 Find approximate values of attenuation (in dB) corresponding to filter transmissions of 1,0.99, 0.9, 

0.8, 0.7, 0.5, 0.1,0. 

Ans. 0, 0.1, 1,2, 3, 6, 20,oo(dB) 

16.2 If the magnitude of passband transmission is to remain constant to within ±5%, and it the stopband 
transmission is to be no greater than 1% ot the passband transmission, find ^ max and ^ m j n . 

Ans. 0.9 dB; 40 dB 






































































































1260 Chapter 16 Filters and Tuned Amplifiers 


o 


o 



Figure 16.4 Transmission specifications for a bandpass filter. The magnitude response of a filter that just 

meets specifications is also shown. Note that this particular filter has a monotonically decreasing transmit- 
sion in the passband on both sides of the peak frequency. 

16.2 The Filter Transfer Function 

The filter transfer function T(s) can be written as the ratio of two polynomials as 


T(s) = 


M 

a jtfS + a 


M- 1 


M -1 

S + 


+ a 


o 


N , 

s + b 


v i 


AM 

S + 


+ b 


(16.6) 


o 


The degree of the denominator, N , is the filter order. For the filter circuit to be stable, the 
degree of the numerator must be less than or equal to that of the denominator; A/<jV. The 
numerator and denominator coefficients, ctg, a and b lh b\, ..., bj^\ t are real num- 

beis. The polynomials in the numerator and denominator can be factored, and T{s) can be 
expressed in the form 


T(s) = 


a M^ S ~ Z \)(s-Z 2 ) • • • (s-Z M ) 


(16. 


( s ~Pl)(s-p 2 ) • • ■ (s-p N ) 

The numerator roots, ~], z 2 , ... , are the transfer function zeros, or transmission zert 
and the denominator roots,/?], p 2 , . . . , p^ ? are the transfer function poles, or the natur 
modes. Each transmission zero or pole can be either a real or a complex number. Compl 
zeros and poles, however, must occur in conjugate pairs. Thus, if -1 + j2 happens to be 
zero, then —1 — /2 also must be a zero. 

Since in the filter stopband the transmission is required to be zero or small, the till 
transmission zeros are usually placed on the jeo axis at stopband frequencies. This indeed 
the case for the filter whose transmission function is sketched in Fig. 16.3. This particular f 
ter can be seen to have infinite attenuation (zero transmission) at two stopband frequence 
Q> 1 \ and 0 ) 12 . The filter then must have transmission zeros at s = 

Throughout this chapter, we use the names poles and natural modes interchangeably. 
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Figure 16.5 Pole-zero pattern for the low- 
pass filter whose transmission is sketched in 
Fig. 16.3. This is a fifth-order filter (N= 5). 


However, since complex zeros occur in conjugate pairs, there must also be transmission 
zeros at s = and s - -jeo f2 . Thus the numerator polynomial of this filter will have the 
factors (s +y'zy/|)(5 - jG)f\ >(s -f jcopMs -/*%), which can be written as (j 2 + or h )(s 2 + or n ), 
For 5 -jeo (physical frequencies) the numerator becomes {-of + of n ){-of + of r ) . which 
indeed is zero at co- f/? /t and 0)= O)^. 

Continuing with the example in Fig. 16.3, we observe that the transmission decreases 
toward —°o as Q) approaches Thus the filter must have one or more transmission zeros at 
5 = o°. In general, the number of transmission zeros at s - « j s the difference between the 
degree of the numerator polynomial, M , and the degree of the denominator polynomial, N, of 
the transfer function in Eq. (16.6). This is because as s approaches T(s) approaches 
a M / s ~ and thus is said to have N - M zeros at s = 

For a filter circuit to be stable, all its poles must lie in the left half of the s plane, and thus /?], 
/? 2 ,. • • ,Pn must ail have negative real parts. Figure 16.5 shows typical pole and zero locations for 
the low-pass filter whose transmission function is depicted in fig. 16.3. We have assumed that 
this filter is of fifth order {N - 5). It has two pairs of complex-conjugate poles and one real-axis 
pole, for a total of five poles. All the poles lie in the vicinity of the passband, which is what gives 
the filter its high transmission at passband frequencies. I he five transmission zeros are at s = 
±j(Of |, s = ±j( 0 i 2 * and s = «>. Thus, the transfer function for this filter is of the form 



(16.8) 


As another example, consider the bandpass filter whose magnitude response is shown in 
Fig. 16.4. This filter has transmission zeros at s = ±jco n and 5 = tjeop. It also has one or more 
zeros at s — 0 and one or more zeros at s = °° (because the transmission decreases toward 0 as 
co approaches 0 and °°). Assuming that only one zero exists at each of s = 0 and -5 = °°»the fil¬ 
ter must be of sixth order, and its transfer function takes the form 



(16.9) 


typical pole— zero plot for such a filter is shown in Fig. 16.6. . . . 

As a third and final example, consider the low-pass filter whose transm.ss.on fi.nct.on ,s 
;picted in Fig. 16.7(a). We observe that in this case there are no finite values ol a.at wh.ch 
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Figure 16.6 Pole-zero pattern for the band¬ 
pass filter whose transmission function is shown 
in Fig. 16.4. This is a sixth-order filter (N= 6), 



the attenuation is infinite (zero transmission). Thus it is possible that all the transmission 
zeros of this filter are at s = °°. If this is the case, the filter transfer function takes the form 



5 




AM 

S 



o 


(16.10) 
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Such a filter is known as an all-nole filter Tvni^i_i , 

pole low-pass filter are shown inFig 16 7(b^ P _Zer ° '° Cat, ° nS ** 3 '' fth -° rder a1 '- 

A1 ?u° S n," th , £ f, u ter ! St “ dled ,h '. s chapter have a " their transmission zeros on the ja> 
axts, in the filter stopband(s), including 2 ^ 0 and <n= -. Also, to obtain htgh selectivity, all 

the natural modes will be complex conjugate (except for the case of odd-order filters where 

one natural mode must be on the real axis). Finally we note that the more selective the 

required filter response is, the higher its order must be, and the closer its natural modes are to 
the jo) axis. 




16.3 A second-order filter has its poles at s = -(I /2) ±j(Jl/2). The transmission is zero at to 
rad/s and is unity at dc ( (O— 0). Find the transfer function. 

1 s 2 + 4 


16.5 


- 9 


Ans. T(s ) = 


4 s 2 +s+ 1 


16.4 A fourth-order filter has zero transmission at o 
are -0.1 ±/0.8 and -0.1 ± j 1.2. Find T(s). 

a 3 s(.r + 4) 


= 0, co= 2 rad/s, and co= The natural modes 


Ans. Tfs) = 


(s + 0.2s + 0.65)(s 2 + 0.2s + 1.45) 


Find the transfer function T{s) of a third-order all-pole low-pass filter whose poles are at a radial 
distance of 1 rad s from the origin and wh ose com plex poles are at 30° angles from the /tuaxis. The 
dc gain is unity. Show that T(j(0)\ = 1 / J 1 + (&. Find an d the attenuation at co- 3 rad/s. 

Ans, T(s) = !/($+]) (s 2 + s + 1); l rad/s; 28.6 dB 


16.3 Butterworth and Chebyshev Filters 

In this section, we present two functions that are frequently used in approximating the ransmis- 
sion characteristics of low-pass filters. Closed-form expressions are available for the parameters 
of these functions, and thus one can use them in filter design without the need tor computers or 
filter-design tables. 1 heir utility, however, is limited to relatively simple applications. 

Although in this section we discuss the design of low-pass filters only, the approxima¬ 
tion functions presented can be applied to the design of other filter types through the use of 
frequency transformations (see Sedra and Brackett, 1978). 

16.3.1 The Butterworth Filter 

3 

Fmure 16.8 shows a sketch of the magnitude response of a Butterworth filter. This filter 
exhibits a monotonically decreasing transmission with all the transmission zeros at co — 00 • 
making it an all-pole filter. The magnitude function for an A'th-order Butterworth filter with a 

passband edge (O p is given by 


2 Obviously, a low-pass filter should not have a transmission zero at <y= 0, and. similarly, a high-pass 

filter should not have a transmission zero at (0= °°- . , - ]Q i ft 

3 The Butterworth filter approximation is named after S. Buiterworth. a British engineer who in 1130 

was among the first to employ it. 























































1264 Chapter 16 Filters and Tuned Amplifiers 



Figure 16.8 The magnitude response of a Butterworth filter. 



At CO- CO 



(16.11) 



1 7 V® P )| = t= 

a/ 1 + € 

Thus, the parameter e determines the maximum variation in 
according to 


(16.12) 

passband transmission, 4 max , 


® ^max= 20 log V1 + (16.13) 

Conversely, given 4 max , the value of ecan be determined from 

© f 10 - 1 (16.14) 

Observe that in the Butterworth response the maximum deviation in passband transmission 
(from the ideal value of unity) occurs at the passband edge only. It can be shown that the first 
2N ^ derivatives ol |7’| relative to co are zero at co= 0 [see Van Valkenburg (1980)]. This 
property makes the Butterworth response very flat near co= 0 and gives the response the name 
maximally flat response. The degree ol passband flatness increases as the order A is increased, 
as can be seen from Fig. 16.9. This figure indicates also that, as should be expected, as the order 
N ]S mcreased the niter response approaches the ideal brick-wall type of response. 

At the edge of the stopband, co = co s , the attenuation of the Butterworth filter can be 
obtained by substituting <y= o) s in Eq. (16.11). The result is given by 

A(ojj = -20 log( 1 /^7+ e"(co s /a> p ) 1N \ ( !6 ' 15) 

= 10 log [ 1 + € 2 {0)/ 0) p ) 1N ] 


o 


16.3 Butterworth and Chebyshev Filters 1265 



Figure 16.9 Magnitude response for Butterworth filters of various order with € = 1 . Note that as the order 
increases, the response approaches the ideal brick-wall type of transmission. 


This equation can be used to determine the filter order required, which is the lowest integer 
value of N that yields A(CO s ) > >4 m j n . 

The natural modes of an Mh-order Butterworth filter can be determined from the graph¬ 
ical construction shown in Fig. 16.10(a). Observe that the natural modes lie on a circle of 

1 /iV c 

radius coA\/e) and are spaced by equal angles of x/N, with the first mode at an angle 
x/2N from the +jCD axis. Since the natural modes all have equal radial distance from 
the origin, they all have the same frequency co 0 = co (\ e) ‘ . Figure 16.16(b), (c), and 
id) shows the natural modes of Butterworth filters of order N = 2, 3, and 4, respectively. 
Once the N natural modes /?], P 2 , . • • > Pn have been found, the transfer function can be 
written as 



,, N 

_ K«>o _ 

(s-p l ){s-p 2 ) • • ■ (s~Pn) 


(16.16) 



where K is a constant equal to the required dc gain of the filter. 

To summarize, to find a Butterworth transfer function that meets transmission specitica 

tions of the form in Fig. 16.3 we perform the following procedure. 

1. Determine e from Eq. (16.14). 

2 . Use Eq. (16.15) to determine the required filter order as the lowest integer value of A 
that results in A(co s ) > ^ m j n - 

3. Use Fig. 16.10(a) to determine the N natural modes. 

4. Use Eq. (16.16) to determine T(s). 
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(b) 



lei 


(d) 


Figure 16.10 Graphical construction for determining the poles of a Butterworth filter of order N. All the poles lie in the left half of 
case' (bTiV^V^clA^-sldlAf-V f ,S the passband deviation parameter ( f = Jlo A —'' 0 - 1 ): (a) the general 


Example 16.1 


k ii j 16 tl " ans ^ r function that meets the following low-pass filter specifications: fp - 10 

kHz, A max = dB,^ = 15 kHz, A min = 25 dB, do gain = 1. 

Solution 




t S he b f!i!er nrri! m h ”, ‘ dB ' nt ° Eq (,6I4) yields 6 = °- 5088 - Equation (16.15) is then user. „ - 

nils 8 R ii y ri?'"’ 8 , Varl s°, US Va ' UeS f0r N - We find *hat fV = 8 yields A(a> s ) = 22.3 dB and N = 9 
gives 25.8 dB. We thus select N = 9 j \ s 
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Figure 16.11 Poles of the ninth-order Butterworth filter of Example 16.1. 


Figure 16.11 shows the graphica 1 construction for determining the poles. The poles all have the 
same frequency co 0 = ct) p (l/€) ]/N = 2ttx 10 x 10-(1/0.5088)' A ’ = 6.773 x I0 4 rad/s. The first pole 
pi is given by 

Pi - ^o(“cos80 0 +ysin80°) = ® 0 (-0. 1736 + y'0.9848) 

2 2 

Combining pi with its complex conjugate pq yields the factor (s“ 4- .vO.3472 co 0 + ry 0 ) in the denominatoi 
of the transfer function. The same can be done for the other complex poles, and the complete transfer 
function is obtained using Eq.' 16.16), 

9 

(0 () 

T(s) - - --— ; -r (16.17) 

(5 + fy 0 )(i" + s 1.8794 co {) + + s 1.5321 CO 0 + 6%) 

1 

^ ^ 22 2 

( 5 " + sry 0 + co }| '(j" + sO.3472 g) () + (Oq) 


16.3.2 The Chebyshev Filter 

Figure 16.12 shows representative transmission functions tor Chebyshev filters ol even 
and odd orders. The Chebyshev filter exhibits an equiripple response in the passband and a 
monoton ically decreasing transmission in the stopband. While the odd-order filter has 
IHO)! = 1, the even-order filter exhibits its maximum magnitude deviation at 0. In both 


4 Named after the Russian mathematician P. L. Chebyshev, who in 
studying the construction of steam engines. 


1899 used these functions in 
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Figure 16.12 Sketches of the transmission characteristics of representative (a) even-order and (b) odd-order Chebyshev filters 

cases the total number ot passband maxima and minima equals the order of the filter, M. All 
the transmission zeros of the Chebyshev filter are at 0)~ making it an all-pole filter. 

The magnitude of the transfer function of an Mh-order Chebyshev filter with a passband 
edge (ripple bandwidth) 0 ) p is given by 

O \T(jcd)\ = 1 for (0< co p (16.18) 

J 1 + 6~cos‘| jVcos’ 1 ( to/O) )] 
and p 

1 

® I T( J0))\ = - ===== = for co> 0) p (16.19) 

Vl + £ cosh‘[A^cosh _1 (fij/6;)] 


At the passband edge, co - co p , the magnitude function is given by 


I T{jo) p ) 


J 


I + € 


Thus, the parameter determines the passband ripple according to 


o 

o 

o 


A mu = 10 log(l + e 2 ) (16.20) 

Conversely, given T max , the value of eis determined from 

<f = 7lO' 4 "" /l0 - | (16.21) 

The attenuation achieved by the Chebyshev filter at the stopband edge (0)= 4) is found 

using Eq. (16.19) as 


A(a) s ) - 10 log( I + €"cosh 2 (Afcosh" l (<y l /ffli,))| 
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With the aid of a calculator, this eamtinn r^n u- j * j . 

obtain a specified /f mi by finding the lowest integer 6 i° tlie ° r£ * er ^ rec l uired t0 

m the case of the Butterworth filter, increasing the order JV of the Chebyshev fiber''causes ft 
magnitude unction to approach the ideal brick-wall low-pass response 
The poles ot the Chebyshev filter are given by 


Pk = -a> p sin 


2k- 1 . , ( l 


N V 


-tl 


sinh -sinh - 
\N e 


(16.23) O 


+ J % cos [ cbsh ( isinh 1 ^ 


k=l,2,....N 


Finally, the transfer function of the Chebyshev filter can be written as 





(•* P\)( s ~ Pj) m ‘ ( s - Pn) 


(16.24) O 


where K is the dc gain that the filter is required to have. 

To summarize, given low-pass transmission specifications of the type shown in Fig. 16.3, 

ihe transfer function of a Chebyshev filter that meets these specifications can be found as fol¬ 
lows: 

1. Determine e from Eq. (16.21). 

2. Use Eq. (16.22) to determine the order required. 

3. Determine the poles using Eq. (16.23). 

4. Determine the transfer function using Eq. (16.24). 

The Chebyshev filter provides a more efficient approximation than the Butterworth fil¬ 
ter. Thus, for the same order and the same ^ max , the Chebyshev filter provides greater stop- 
band attenuation than the Butterworth filter. Alternatively, to meet identical specifications, 
one requires a lower order for the Chebyshev than for the Butterworth filter. This point will 
be illustrated by the following example. 


Example 16.2 


Find the Chebyshev transfer function that meets the same low-pass filter specifications given in 
Example 16.1: namely, f p - 10 kHz, ^ max = 1 dB, f s ~ 15 kHz, .4 m j n = 25 dB, dc gain = I. 

Solution 

Substituting A mt = 1 dB into Eq. (16.21) yields e= 0.5088. By trying various values for Win Eq. (16.22) 
we find that IV=4 yields Ada,) = 21.6 dB and N= 5 provides 29.9 dB. We thus select N= 5. Recall that we 
required a ninth-order Butterworth filter to meet the same specifications in Example 16-1. 

The poles are obtained by substituting in Eq. (16.23) as 

P\’Ps = 0895 ± 70 . 9901 ) 

p 2 ,p 4 = <w p (—0.2342 ±_/0.6119) 
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txampie 16.2 continued 


p 5 = (-0.2895) 


The transfer function is obtained by substituting these values in Eq. (16.24) as 


T(s) = 


( 0 \ 


8.1408(5 + 0.2895 Q) p )(s + 50.4684 m + 0.4293 <a) 


(16.25) 


x 


1 


where co n = 2n x ] 0 4 rad/s. 


5~ + sO. 1789 co 4* 0.9883 of 

p p 



D16.6 


Determine the order N of a Butterworth filter for which A max = 1 dB, co/co =1.5, and ,4 _ 

30 dB. What is the actual value of minimum stopband attenuation realized? If ^ j s tTbe 

exactly 30 dB, to what value can A msx be reduced? mm 

Ans. N= 11 ;A min = 32.87 dB; 0.54 dB 


16.7 


max 


16.8 



D16.9 


Find the natural modes and the transfer function of a Butterworth filter with co = 1 rad/s 4 
= 3 dB (e — 1), and A = 3. ;> 

Ans. -0.5 ± j 73/2 and -1; T(s) = 1 /{s + I )(s 2 + 5 + 1) 

Observe that Eq. (16.18) can be used to find the frequencies in the passband at which |7'| is at its 
peaks and at its valleys. (The peaks are reached when the cos 2 [ ] term is zero, and the va 
correspond to the cos [ ] term equal to unity.) Find these frequencies for a fifth-order filter. 
Ans, Peaks at co= 0, Q.59 co p , and 0.95^; the valleys at co~ 0.31 co p and 0.81 

Find the attenuation provided at co = 2co p by a seventh-order Chebyshev filter with a 0.5-dB pass- 

band ripple. If the passband ripple is allowed to increase to 1 dB, by how much does the stopband 
attenuation increase? 

Ans, 64.9 dB; 3.3 dB 


D16.10 It is required to design a low-pass filter having^ = 1 kHz, A max = 1 dB J s = 1.5 kHz, A 


50 dB. (a) Find the required order of a Chebyshev filter. What is the excess stopband attenua 
tion obtained 1 (b) Repeat for a Butterworth filter. 

Ans. (a) W=8, 5 dB; (b) TV — 16, 0.5 dB 


— 


16.4 First-Order and Second-Order Filter Functions 

In this section, we shall study the simplest filter transfer functions, those of first and second 
order. These functions are useful in their own right in the design of simple lilters. First- and 
second order filters can also be cascaded to realize a high-order filter. Cascade design is in 
fact one of the most popular methods for the design of active filters (those utilizing op amps 
and RC circuits). Because the filter poles occur in complex-conjugate pairs, a high-order 
transfer function T{s) is factored into the product of second-order functions. \fT{s) is 0 *, 
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there will also be a first-order funrtinn in r , ■ 

tions [and the first-order function when Tl n j, nHH.° n ^ lon ‘ Each of the second-order firnc- 

S the outn n of e, h h o t C l hapter ’ and the resultin S blocks « placed in cascadt 

p ea f h block is taken at the output terminal of an op amp where the impedance 

s 1" r • h ” s '«-*■» 

blocks. Thus the overall transfer function of the cascade is simply the product of the transfer 
functions of the individual blocks, which is the original 7 fs). 

16.4.1 First-Order Filters 


The general first-order transfer function is given by 

77 „ \ _ 

{S) ~ 7T^7 (16.26) Of 

This bilinear transfer function characterizes a first-order filter w ith a natural mode at s = -tat,, 
a transmission zero at 5 = -a/a t , and a high-frequency gain that approaches a,. The numer¬ 
ator coefficients, a 0 and a h determine the type of filter (e.g., low pass, high pass, etc.). Some 
special cases together with passive (RC) and active (op amp-RC) realizations are shown in 
Fig. 16.13. Note that the active realizations provide considerably more versatility than their 
passive counterparts; in many cases the gain can be set to a desired value, and some transfer 
function parameters can be adjusted without affecting others. The output impedance of the 
active circuit is also very low, making cascading easily possible. The op amp, however, limits 
the high-frequency operation of the active circuits. 

An important special case of the first-order filter function is the all-pass filter shown in 
Fig. 16.14. Here, the transmission zero and the natural mode are symmetrically located rela¬ 
tive to theory axis. ( 1 hey are said to display mirror-image symmetry with respect to the 
jco axis.) Observe that although the transmission of the all-pass filter is (ideally) constant at 
all frequencies, its phase shows frequency selectivity. All-pass filters are used as phase 
shifters and in systems that require phase shaping (e.g., in the design of circuits called delay> 
equalizers, which cause the overall time delay of a transmission system to be constant with 
frequency). 



D16.11 Using Rj = 10 kH, design the op amp-RC circuit of Fig. 16.13(b) to realize a high-pass filter 
with a comer frequency of 10 4 rad/s and a high-frequency gain of 10, 

Ans. /?-, = 100 kfi; C = 0.01 pF 

D16.12 Design the op amp-RC circuit of Fig. 16.14 to realize an all-pass filter with a 90° phase shift at 

10 3 rad/s. Select suitable component values. 

Ans. Possible choices: R- R\ = Ri~ 10 kfl; C = 0.1 pF 


16.4.2 Second-Order Filter Functions 

The general second-order (or biquadratic) filter transfer function usually expressed in the 
standard form 
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Fitter Type and T(s) 

(a) Low pass (LP) 
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5 + m 
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(b) High pass (HP) 


T{s) = 




s + a). 
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Figure 16.14 First-order all-pass filter. 


Op Amp-RC Realization 
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Figure 16.15 Definition of the parameters a* and Q of a pair 
of complex-conjugate poles. 



„ a*>s +a ] s + a n 
T(s )=—---- 

5 + (o) 0 /Q)s + o) 0 

where 6% and Q determine the natural modes (poles) according to 




m 


P\>Pi = 


o 


2 Q 


±jG) { 


o 




(1/ 40‘) 


( 16 . 28 ) 


We are usually interested in the case of complex-conjugate natural modes, obtained for ^ > 0.5. 
Figure 16.15 shows the location of the pair of complex-conjugate poles in the s plane. Observe 
that the radial distance of the natural modes (from the origin) is equal to ft*, which is known 
as the pole frequency. The parameter Q determines the distance of the poles from the jo 
axis, the higher the value ol (2, the closer the poles are to the jeo axis, and the more selective 
the filter response becomes. An infinite value for Q locates the poles on the jeo axis and can 
>teld sustained oscillations in the circuit realization. A negative value of Q implies that the 

poles are in the right half of the s plane, which certainly produces oscillations. The parameter 0 
is called the pole quality factor, or simply, pole Q 

The transmission zeros of the second-order filter are determined by the numerator co¬ 
efficients, aj, and It follows that the numerator coefficients determine the type of 
second-order filter function (i.e., LP, HP, etc. ). Seven special cases of interest are illustrated 
m Fig. 16.16. For each case we give the transfer function, the .y-plane locations of the trans¬ 
fer function singularities, and the magnitude response. Circuit realizations for the various 
second-order filter functions will be given in subsequent sections. 

^ la ^ second-order filters have a pair of complex-conjugate natural mod. 

characterized by a frequency ft* and a quality factor Q. 

In the low-pass (LP) case, shown in Fig. 16.16(a), the two transmission zeros are at 
5 ~~ °°' magnitude response can exhibit a peak with the details indicated. It can be 
shown that the peak occurs only for Q > ] A/2. The response obtained for Q = 1A/2 is the 
Butterworth, or maximally flat, response. 

The high-pass HP) function shown in Fig. 16.16(b) has both transmission zeros at 5 = 
(dc). The magnitude response shows a peak for Q> \/Jl , with the details of the response as 
indicated. Observe the duality between the LP and HP responses. 

Next consider the bandpass (BP) filter function shown in Fig. 16.16(c). Here, one trans¬ 
mission zero is at s = 0 (dc), and the other is at.? = oo. The magnitude response peaks at 0= 
0% Thus the center frequency of the bandpass filter is equal to the pole frequency % The 
selectivity of the second-order bandpass filter is usually measured by its 3-dB bandwidth. This 


0 
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_ , r , , . . . —r v,,vlM w\ duu ah at \ 

3 dB below its maximum value (at ft*,). It can be shown'that 


ah = m 


() 



+ (1/4Cr: + ^ 

-20 


(16.29) 


Thus, 


B W = (0 2 ~m ] = q) q /Q 


(16.30) O 


Observe that as Q increases, the bandwidth decreases and the bandpass filter becomes more 
selective. 

If the transmission zeros are located on the jeo axis, at the complex-conjugate locations 

±jco n , then the magnitude response exhibits zero transmission at ft>= ft*. Thus a notch in the 

magnitude response occurs at co~ ft*, and ft* is known as the notch frequency. Three cases 

of the second-order notch filter are possible: the regular notch, obtained when <y w = 

(Fig. 16.16d); the low'-pass notch, obtained when co„ > (Fig. 16.16e); and the high-pass 

notch, obtained when ^ (Fig. 16.16f). The reader is urged to verify the response 

details given in these figures (a rather tedious task, though!). Observe that in all notch cases, 

the transmission at dc and at s ~ <*> is finite. 1 his is so because there are no transmission zeros 
at either s = 0 or s = 

The last special case of interest is the all-pass ( \P i filter whose characteristics are illus¬ 
trated in Fig. 16.16(g). Here the two transmission zeros are in the right half of the s plane, at 
the mirror-image locations of the poles. (This is the case for all-pass functions of any 
order.) The magnitude response of the all-pass function is constant over all frequencies; the 

jrw * * ■ | | | ■ m _ _ 


flat gain, as it is called, is in our case equal to 
function is in its phase response. 


a 


. The frequency selectivity of the all-pass 


Ham 



16.13 For a maximally flat second-order low-pass filter ((2=1 A/2 ), show that at a) = (0$ the magni¬ 
tude response is 3 dB below the value at dc. 

16.14 Give the transfer function of a second-order bandpass filter with a center frequency of I0 5 rad/s, a 
center-frequency gain of 10, and a 3-dB bandwidth of I 0 3 rad/s. 


Ans.r(s) = 


10 4 J 


2 T n 3 in 10 

s + 10 j+ 10 


16.15 (a) For the second-order notch function with (O n = ftj^, show that for the attenuation to be greater 
than A dB over a frequency band BW a , the value of Q is given by 


Q * 


Q). 


0 


Bivj 10 - 


• 1/10 


- 1 


{Hint: j’irst show that any two frequencies, (0\ and at which |T| is the same, are related 
by CO } a), = OJq.) (b) Use the result of (a) to show that the 3-dB bandwidth is a) 0 /Q . as indicated in 

Fig. 16.16(d). 

16.16 Consider a low-pass notch with ft* = 1 rad/s, Q= 10, ft* = 1.2 rad/s, and a dc gam of unity. Find 
the frequency and magnitude of the transmission peak. Also find the high-frequency transmission. 

Ans. 0.986 rad/s; 3.17; 0.69 
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16.5 The Second-Order LCR Resonator 

use of this reroMtofttl derive cfa-cuiV° n r° rder LCR resonator shown in F 'g- 16.17(a). The 
will be demonstrated It will be show T® 1 f ° r lhe Van0US secwidwfa - filter functions 

simulated .nductance obrnta d , n“! ** ^ replacin ® ,he induc ‘ or L * * 

The latter forms the basis of an imn^m resuIts in an °P an tl> RC resonator. 

15 of an important class of active-RC filters to be studied in Section 16.6. 

16.5.1 The Resonator Natural Modes 

applying*®! ^Zhn /twT*"*' T™™* circuit of Fi S- ' 6 -17(a) can be determined by 

SSiT are S ° Wn in F,g ' 1617(b) and (C) - In F '« 16.17(b) the resonator 
of a ctcuiH con e H a "T** fa P aralleF S '"cc, as far as the natural response 

the exctotion of pi ^ 6 idea ‘ CUITent S0UrCe is ec l uivalent to atl °P*" circuit, 

circm. in F,p 16 L C T "? ** ,he " atural structure of resonator. Thus the 

fin Z J1 r Ca " US t0 de,e ™ me th€ na,ural modes of ' h e resonator by simply 

g the poles of any response function. We can for instance take the voltage V across the 

resonator as the response and thus obtain the response function V /I = Z, where Z is the 

impedance of the parallel resonance circuit. It is obviously more'convenient, however to 
work in terms of the admittance Y\ thus. 


O 


l 


1 

Y 


1 


(\/sL) + sC +(!//?) 


(16.31) 


s/C 


s' + s(l/CR) + (\/LC) 


Equating the denominator to the standard form [s' + s( (o 0 /Q) + col) leads to 


C0q = \/LC 


(16.32) 


and 


0) 0 /Q = 1 / CR 


(16.33) 



(a) (b) (c) 

figure 16,17 (a) The second-order parallel LCR resonator, (b, c) Two ways of exciting the resonator of (a) without changing 
lts ,ia twalstructure: resonator poles are those poles of V a /I and Y 0 /V)• 
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Thus, 


oj 0 = \/Jlc 

Q = Q)qCR 


(16.34) 

(16.35) 


These expressions should be familiar to the reader from studies of parallel resonance ' 
in introductory courses on circuit theory. C " 

An alternative way of exciting the parallel LCR resonator for the purpose ofdete 
ing its natural modes is shown in Fig. 16.17(c). Here, node x of inductor L has been disc !! 
nected from ground and connected to an ideal voltage source V f . Now, since as far as the 
natural response of a circuit is concerned, an ideal independent voltage source is equivalent 
to a short circuit, the excitation of Fig. 16.17(c) does not alter the natural structure of the res 
onator. Thus we can use the circuit in Fig. 16.1 7(c) to determine the natural modes of the res¬ 
onator. These are the poles of any response function. For instance, we can select V as 
the response variable and find the transfer function V Q /V i . The reader can easily verify*°that 
this will lead to the natural modes determined earlier. 

In a design problem, we will be given ryp and Q and will be asked to determine Li 
and R. Equations (16.34) and (16.35 1 are two equations in the three unknowns. The one 
available degree o: freedom can be utilized to set the impedance level of the circuit to a 
value that results in practical component values. 


16.5.2 Realization of Transmission Zeros 


Having selected the component values of the LCR resonator to realize a given pair of complex- 
conjugate natural modes, we now consider the use of the resonator to realize a desired filter 
type (e.g., LP, HP, etc.). Specifically, we wash to find out where to inject the input voltage 
signal Vj so that the transfer function I ' n l ' is the desired one. Toward that end, note that in 
the resonator circuit in Fig. 16.17(a), any of the nodes labeled x, y, or z can be disconnected 
from ground and connected to l ] without altering the circuit’s natural modes. When this is 
done, the circuit takes the torm of a voltage divider, as shown in Fig. 16.18(a). Thus the 
transfer function realized is 


K(s) _ Zfs) 
V^s) Z l (s) + Z 2 (s) 



W e observe that the transmission zeros are the values of s at which Zx) is zero, provided 
Zj(.v) is not simultaneously zero, and the values ofs at which Z](s) is infinite, provided 2 2 {s) 
is not simultaneously infinite. This statement makes physical sense: fhe output will be zero 
either when Z 2 {s i behaves as a short circuit or when Z|(.v) behaves as an open circuit. If there 
is a value of 5 at which both Zi and Z-> are zero, then V / V- will be finite and no transmission 

I ' Q jjT | 

zero is obtained. Similarly, if there is a value of s at which both Z\ and Z 2 are infinite, then 
K'Vi be finite and no transmission zero is realized. 

16.5.3 Realization of the Low-Pass Function 


Using the scheme just outlined, we see that to realize a low-pass function, node a i^dis 
connected from ground and connected to F), as shown in Fig. 16.18(b). The transmission 
zeros of this circuit will be at the value ofs for which the series impedance becomes infim 
( sZ. becomes infinite at s = 00 ) and the value of s at which the shunt impedance becom 
zero (1 /\sC + 1 I / R ) J becomes zero at s = 00 ), Thus this circuit has two transmission zeros 
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<b) LP 
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(c) HP 



(e) Notch at tu 0 
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(g) LPN ( 10 n > w 0 ) 
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(f) General notch 
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(i) HPN (<o„ < a/ 0 ) 


Figure 16.18 Realization of various second-order filter functions using the LCR resonator of Fig. 16.17(b): (a) general 
structure, (b) LP. (c) HP, (d) BP, (e) notch at (f) general notch, (g) LPN {co n > zUq), (h) LPN as v 0) Hf>N c: 
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at 5 = oo, as an LP is supposed to. The transfer function can be written either by inspection 
or by using the voltage divider rule. Following the latter approach, we obtain 

T{ v K _ ^2 _ ^1 _ _ 1 /sL _ 

Z t +Z 2 Y\ + Y 2 ( \/sL)+sC+(\/R ) ( 163 ?) 

_ l/LC _ 

s 2 + s(\/CR) + (\/LC) 

16.5.4 Realization of the High-Pass Function 

To realize the second-order high-pass function, node v is disconnected from ground and con¬ 
nected to V;, as shown in Fig. 16.18(c). Here the series capacitor introduces a transmission zero 
at s - 0 (dc), and the shunt inductor introduces another transmission zero at 5 = 0 dc). Thus 
by inspection, the transfer function may be written as 

K a 2 

T{s) = — = -=- - (16.38) 

v i s + s(O) 0 /Q) + a>l 

where c% and Q are the natural mode parameters given by Eqs. (16.34) and (16.35) and a 2 is 
the high-frequency transmission. The value of a 2 can be determined from the circuit by 
observing that as 5 approaches «>, the capacitor approaches a short circuit and V 0 approaches 
V h resulting in a 2 = 1. 

16.5.5 Realization of the Bandpass Function 

The bandpass function is realized by disconnecting node z from ground and connecting it 

to I-p as shown in Fig. 16.18(d). Here the series impedance is resistive and thus does not 

introduce any transmission zeros. These are obtained as follows: One zero at s = 0 is 

realized by the shunt inductor, and one zero at s = co is realized by the shunt capacitor. At 

the center frequency co§, the parallel LC-tuned circuit exhibits an infinite impedance, and 

thus no current flows in the circuit. It follows that at co - 6)$, V 0 — V r In other words, the 

center-frequency gain of the bandpass filter is unity. Its transfer function can be obtained 
as follows: 



y _r _ _ UR _ 

y r+ y l+ y c ( \/R) + {\/sLj+sC 

_ 5(1 /CR) 

s 2 +s{\/CR) + (\/LC) 


(16.39) 


16.5.6 Realization of the Notch Functions 

To obtain a pair ot transmission zeros on the jco axis, we use a parallel resonance circuit 
in the series arm, as shown in Fig. 16.18(e). Observe that this circuit is obtained by discon¬ 
necting both nodes x and y from ground and connecting them together to F). The impedance 
of the LC circuit becomes infinite at 0 ) — co () = \/JLC, thus causing zero transmission at this 
frequency. The shunt impedance is resistive and thus does not introduce transmission zeros. 
It follows that the circuit in Fig. 16.18(e) will realize the notch transfer function 



s + co, 


a 2~ 




5 ' + s(a) 0 /Q) + o>q 


(16.40) 
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I o obtain a notch-filter reahWmn u- . v ' utuu lo De un, ty- 

relative to O) 0 , we adopt a variation on th > 7^ 1 e k n ° tch fre 4 uen cy co n is arbitrarily placec 

the senes branch, as show ta p ” 16 USe 3 P3rallel LC circuit “ 

own in fig. 16.18(f) where L , and C, are selected so that 

i,C ' = l/a, » (16.41; 

Thus the Z-iO] tank circuit will introdiirf* i mir . 

r r ■ . introduce a pair of transmission zeros at ±jco provided 

the U tank is not resonant a, co„. Apart from this restriction, the values’"o^and C 

must be selected to ensure that the natural modes have no. been altered; thus. 2 



-1 ^ >-2 - (16.42) O 

L ^ L 2 = l (16.43) O 

In other words, when V, is replaced by a short circuit, the circuit should reduce to the original 

LCR resonator. Another way of thinking about the circuit of Fig. 16.18(f) is that it is 

obtained from the original LCR resonator by lifting part off and part of Coff ground and 
connecting them to 

It should be noted that in the circuit of Fig. 16.18(f), l 2 does not introduce a zero at 
5-0 because at s = 0, the AjC, circuit also has a zero. In fact, at s = 0 the circuit reduces 
to an inductive voltage divider with the dc transmission being /.,/(!, + L 2 ). Similar 
comments can be made about C 2 and the fact that it does not introduce a zero at 5 = oo. 

The LPN and HPN filter realizations are special cases of the general notch circuit of 
Fig. 16.18(f). Specifically, for the LPN, 


co n >co 0 


and thus 


i,C, < (i I ||i 2 )(C l + C 2 ) 

This condition can be satisfied with L 2 eliminated (i.e., L 2 = 00 and Lj = L), resulting in the 
LPN circuit in Fig. 16.18(g). The transfer function can be written by inspection as 


K + d 

T(s) = f = a 2 - -*- 3 

v i s +s(a 0 /Q) + a) 0 


(16.44) 


where of n = l/LC,, 6) 0 - I /L(C ] + C 2 ), (0$/Q = 1 /CR, and a 2 is the high-frequency 
gain. From the circuit we see that as 5 —»<», the circuit reduces to that in fig. 16.18(h), tor 
which 

. = _C| 

V 

Thus, 


K 


Ci + c. 


c 


= 


C t + C-> 


(16.45) 


To obtain an HPN realization we start with the circuit of Fig. 16.18(1 * and use the fact 


that co n < co {) to obtain 
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L i C j > {L 1 1| L>2 )(C| + C 2 ) 

which can be satisfied while selecting C 2 = 0 (i.e., C, = C). Thus we obtain the 
circuit shown in Fig. 16.18(i). < observe that as s —> «>, V 0 approaches V i and thu/th 
frequency gain is unity. Thus, the transfer function can be expressed as * 6 hl ^' 


V 

ns) - f 


i‘ + (l/I,C) 


s + s( 1 / CR) 4- 1 1 (L||| L "C] 


(16.46) 


16.5.7 Realization of the All-Pass Function 


The all-pass transfer function 


T(s) = 


$" - s(O) 0 /Q) + 6)1 

S 2 +s(O) 0 /Q) + 6)1 


can be written as 


(16.47) 




s2(6) ( /Q) 

2 2 
s +s( co 0 /Q) -»- o)^ 



The second term on the right-hand side is a bandpass function with a center- frequency gain 
of 2. We already have a bandpass circuit (Fig. 16.l8di, but with a center-frequency gain of 
unity. We shall therefore attempt an all-pass realization with a flat gain of 0.5, that is, 



0.5- 


s(O) 0 /Q) 


s +s(g) 0 /Q) + (Ok 


This function can be realized using a voltage divider with a transmission ratio of 0.5 together 
with the bandpass circuit of Fig. 16.18(d). To effect the subtraction, the output of the all-pass 
circuit is taken between the output terminal of the voltage divider and that of the bandpass 
filter, as shown in Fig. 16.19. Unfortunately this circuit has the disadvantage of lacking a 
mimon ground terminal between the input and the output. An op amp-RC realization o: ! the 
all-pass function will be presented in the next section. 



16,17 Use the circuit of Fig. 16.18(b) to realize a second-order low-pass function of the maximally flat 
type with a 3-dB frequency of 100 kHz. 

Ans. Selecting R = 1 kQ, we obtain C = 1125 pF and L = 2.25 mH. 


16.18 Use the circuit of Fig. 16.18(e) to design a notch filter to eliminate a bothersome power-supply 

hum at a 60-Hz frequency. The filter is to have a 3-dB bandwidth of 10 Hz (i.e., the attenuation is 

greater than 3 dB over a 10-Hz band around the 60-Hz center frequency; see Exercise 16.15 and 
Fig. 16.16d). Use 7? = 10 kQ. 

Ans. C — 1.6 pF and L - 4.42 H (Note the large inductor required. This is the reason passive filters 
are not practical in low-frequency applications.) 
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Figure 16.19 Realization ol the second-order all-pass 

transler function using a voltage divider and an LCR 
resonator. 


16.6 Second-Order Active Filters Based 

on Inductor Replacement 

In this section, we study a family ot op amp-RC' circuits that realize the various second-order 

filter functions. The circuits are based on an op amp-RC resonator obtained by replacing the 

inductor L in the LCR resonator with an op amp-RC circuit that has an inductive input 
impedance. 

16.6.1 The Antoniou Inductance-Simulation Circuit 

Over the years, many op amp-RC circuits have been proposed for simulating the operation 
of an inductor. Of these, one circuit invented by A. Antoniou 5 (see Antoniou, 1969) has 
proved to be the best. By best we mean that the operation of the circuit is very tolerant of 
the nonideal properties of the op amps, in particular their finite gain and bandwidth. 

Figure 16.20( a) shows the Antoniou inductance-simulation circuit. If the circuit is fed at its 
input (node 1 ) with a voltage source V\ and the input current is denoted /], then for ideal 
op amps the input impedance can be shown to be 

Z jn = Fj //, = sC A R l R i R 5 /R 2 (16.49) 

which is that of an inductance L given by 

L = C 4 R l R i R 5 /R 2 (16.50) O 

Figure 16.20(b) show's the analysis of the circuit assuming that the op amps are ideal 
and thus that a virtual short circuit appears between the two input terminals of each op amp, 
and assuming also that the input currents of the op amps are zero. The analysis begins at 
node 1 , which is assumed to be fed by a voltage source V { , and proceeds step by step, with 
the order of the steps indicated by the circled numbers. The result ot the analysis is the 
expression shown for the input current I\ from which Z m is found. 

The design of this circuit is usually based on selecting R | = R 2 ~ #3 = R$ = R and ( 4 = 

C, which leads to L = CR 2 . Convenient values are then selected for C and R to yield the 


5 Andreas Antoniou is a Canadian academic, currently (2009) a member of the faculty of the University 
of Victoria, British Columbia. 
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Figure 16.20 (a) The Antomou inductance-simulation circuit, (b) Analysis of the circuit assuming ideal op amps, The order ot 

the analysis steps is indicated by the circled numbers. 


desired inductance value L. \ ore details on this circuit and the effect ot the nonidealiti^s ot 
the op amps on its performance can be found in Sedra and Brackett (1978). 

16.6.2 The Op Amp-RC Resonator 

Figure 16.21(a) shows the LCR resonator we studied in detail in Section 16-5. Replacing the 
inductor L with a simulated inductance realized by the Antoniou circuit of Fig. a 
results in the op amp—RC resonator of Fig. 16.21(b). (Ignore for the moment the addition 
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-± z 


(a) 


n 



L = C^RMA 






Figure 16.21 (a) An LCR resonator, (b) An op amp-RC resonator obtained by replacing the inductor L in 
the LCR resonator of (a) with a simulated inductance realized b> the Antoniou circuit of i 7 ig. 16.20(a). (c) 
Implementation of the buffer amplifier K. 


amplifier drawn with broken lines.) The circuit of Fig. 16.21(b) is a second-order resonator 
having a pole frequency 


co 0 = 




(16.51) O 
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where we have used the expression for L given in Eq. (16,50). 
obtained using the expressent in Eq. (16.35) with C = C 6 and R 
Replacing cqq by the expression in Eq. (16.51) gives 


The p 0 ie Q factor ^ ^ 
thus, 0 = q, c . 


Q = ta o C 6 R 6 = R 6 


C\ R 


c 4 r,r 3 r. 


( 16 . 52 ) 


Usually one selects C 4 = Cg = C and R | = R 2 = ^3 = ^5 = R . which results i 


in 


o 

o 


co () = \/CR 

Q = R 6 /R 




Thus, if we select a practically convenient value for C, we can use Eq. (16.53) to determine 
the value of R to realize a given and then use Eq. (16.54) to determine the value ofR to 
realize a given Q. ” 


16.6.3 Realization of the Various Filter Types 

The op amp-RC resonator of Fig. 16.21(b) can be used to generate circuit realizations for 
the various second-order filter functions by following the approach described in detail in 
Section 16.5 in connection with the I CR resonator. Thus to obtain a bandpass function, 
we disconnect node z from ground and connect it to the signal source V r A high-pass 
function is obtained by injecting V i to node y. To realize a low-pass function using the 
LCR resonator, the inductor terminal x is disconnected from ground and connected to V 
The corresponding node in the active resonator is the node at which R 5 is connected to 
ground , 6 labeled as node x in Fig. 16.21(b). A regular notch function (Q) n ~ %) is 
obtained by leeding Vj to nodes x and y. In all cases the output can be taken as the voltage 
across the resonance circuit, V r . However, this is not a convenient node to use as the filter 
output terminal because connecting a load there would change the filter characteristics. 

1 ■ : I ; can be solved easily by utilizing a buffer amplifier. ! his is the amplifier of 
gain K, drawn with broken lines in Fig. 16.21(b), Figure 16.21(c) shows how this ampli¬ 
fier can be simply implemented using an op amp connected in the noninverting configu¬ 
ration. Note that not only does the amplifier K buffer the output of the filter, but it also 

allows the designer to set the filter gain to any desired value by appropriately selecting 
the value of K. 

Figure 16.22 show s the various second-order filter circuits obtained from the resonator 
of Fig. 16.21(b). The transfer functions and design equations for these circuits are given in 
Table 16.1. Note that the transfer functions can be written by analogy to those of the LCR 
resonator. We have already commented on the LP, HP. BP, and regular-notch circuits given in 
Fig. 16.2_Uu to (d). The LPN and HPN circuits in Fig. 16.22i'e) and (f) are obtained by 


This point might not be obvious! The reader, however, 
to this node, the function V r !Vj is indeed low' pass. 


can show by direct analysis that when is fed 


direct analogy to their LCR counterparts in Fip ia i»,„, . ... 

circuit in Fig. 16.22(g), however, deserves some explanation reSpeC,,vd >'- The all 'P ass 

16.6.4 The All-Pass Circuit 

From Eq. (16.48) we see that an all-pass function with a flat gain of unity can be written as 


AP 1 (BP with a center-frequency gain of 2 ) 


(16.55) O 


Two circuits whose transfer Amotions are related in this fashion are said to be complemen¬ 
tary. Thus the all-pass etreutt with unity flat gain is the complement of the bandpass circuit 
wt a center-frequency gam ol 2. A simple procedure exists for obtaining the complement 
ot a gtven linear ctrcmt: Disconnect all the circuit nodes that are connected to ground and 
connect them to l h and disconnect all the nodes that are connected to V, and connect them to 

ground. That is. interchanging input and ground in a linear circuit generates a circuit whose 
transfer function is the complement of that of the original circuit. 

Returning to the problem at hand, we first use the circuit of Fig. 16.22(c) to realize a BP 

with a gain of 2 by simply selecting A = 2 and implementing the buffer amplifier with the circuit 

of Fig. 16.21(c) with r, = r 2 . We then interchange input and ground and thus obtain the all-pass 
circuit of Fig. 16.22(g). 

Finally, in addition to being simple to design, the circuits in Fig. 16.22 exhibit excellent 
performance. They can be used on their own to realize second-order filter functions, or they 
can be cascaded to implement high-order filters. 



D16.19 Use the circuit of Fig. 16.22(c) to design a second-order bandpass filter with a center frequency of 

11 kHz, a 3-dB bandw idth of 500 Hz, and a center-frequency gain of 10. Use C = 1.2 nF, 

Ans. R]=R 2 = R 3 = R% = 13.26 kfl; R 6 = 265 kH; C 4 = Q = 1.2 nF; K = 10 , r, = 10 k LI, r 2 - 
90 kQ 

D16.20 Realize the Chebyshev filter of Example 16.2, whose transfer function is given in Eq. (16.25). as 
the cascade connection o’three circuits; two of the type shown in Fig. 16.22(a) and one first-order 
op amp- RC circuit of the type shown in Fig. 16.13(a). Note that you can make the dc gain of all 
sections equal to unity. Do so. Use as many 10-ki2 resistors as possible. 

Ans. First-order section; R\ - /T = !0 kH, C = 5.5 nF; second-order section with = 4.117 x 
10 4 rad/s and Q - 1 .4: /? j = R 2 = Rt> - R$ ~ 10 kQ, R^ = 14 kft, C 4 = Cg = 2.43 nF, /•] = «>, r 2 = 0 ; 
second-order section with coq = 6.246 x 10 4 rad/s and Q = 5.56: R\ = R 2 = = R$ = 10 kD, R(, - 

55.6 kQ, C 4 = C 6 = 1 .6 nF, r, = r 2 = 0 


More about complementary circuits will be presented latei in conjunction with Fig. 16.31. 
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Vii I 


(b) HP 



(c) BP 




Ftgure -16.22 Realizations for the various second-order filter functions using the op amp-RC 

ig. 16.21(b): (a) LP, (b) HP, c) BP. The circuits are based on the ICR circuit in Fig. 16.18. Design consid¬ 
erations are given in Table 16.1. 
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(e) LPN, w n 2 : 



(f) HPN, a> n ^ 

Figure 16.22 ( continued) (d) Notch at (e) LPN, (o n > o) 0 , (f) HPN, a> ft < 
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Figure 16.22 {continued) (g) All pass. 


f g) All-pass 
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16.7 Second-Order Active Filters Based 
on the Two-Integrator-Loop Topology 

In this section, we study another family of op amp-FO circuits that realize second-order fil¬ 
ter functions. The circuits are based on the use of two integrators connected in cascade in an 
overall feedback loop and are thus known as two-integrator-loop circuits. 

16.7.1 Derivation of the Two-Integrator-Loop Biquad 

lb derive the two-integrator-loop biquadratic circuit, or biquad as it is commonly known, 

consider the second-order high-pass transfer function 

1 

_h£ _ __ — -- (16.56) 

v i s' + s{COq/Q) + (Oq 


K The name biquad stems from the fact that this circuit in its most general form is capable of realizing a 
biquadratic transfer function, that is, one that is the ratio ol two quadratic pol\norma s. 
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where K is the high-frequency gain. Cross-mu!tipl> mg Eq. (16.56) and dividing both sides of 
the resulting equation by s~ (to get all the terms involving s in the form \/s, which is the 
transfer function of an integrator) gives 



(16.57) 


In this equation we observe that the signal (%A)r hp can be obtained by passing V 
through an integrator with a time constant equal to I /co () . Furthermore, passing the resultin'** 
signal through another identical integrator results in the third signal involving V in 
Eq. (16.57> namely, (co^/s )V hp . Figure 16.23(a) shows a block diagram for such a two 
integrator arrangement. Note that in anticipation of the use of the inverting op-amp Miller 
integrator circuit (Section 2.5.2) to implement each integrator, the integrator blou s in Fu? 
16.23(a) have been assigned negative signs. 

! lie problem still remains, however, of how to form F hp , the input signal feeding the 
two cascaded integrators. Toward that end, we rearrange Eq. (16.57), expressing V h in terms 
of its single- and double-integrated versions and of V t as P 


K P = KVi - 


1 *>o r/ 

Q S hp 2 hp 


(16.58) 


which suggests that K hp can be obtained by using the weighted summer of Fig. 16.23(b). 

Now it should be easy to see that a complete block diagram realization can be obtained by 

combining the integrator blocks of Fig. 16.23(a) with the summer block of Fig. 16.23(b), as 
shown in Fig. 16.23(c). 




i 




Figure 16.23 


(c) 

Derivation of a block diagram realization of the two-integrator-loop biquad. 


In the realization of Fig, lb. 2 m ,), K h obtained at the output of the summer realizes the 
high-pass transfer function 7, = v, /V nf Tin ha tl - , , r ’ reallzes 

integrator is -( co /sW wh!k P u ^ f Eq ‘ (16 ‘ 56 >- The S 1 8 na l at the output of the first 
integrator is (a> 0 /s h which is a bandpass function 


( cSq/s) F hp ^ 


K(o 0 s 


V, 


s~ + s(co 0 /Q) + ar {) 


~ = T h v is) 


(16.59) 


Therefore the signal at the output of the first integrator is labeled V h Note that the center- 
frequency gain of the bandpass filter realized is equal to ~KQ. 

In a similar fashion, we can show that the transfer function realized at the output of the 

second integrator is the low-pass function. 


V: 




s +S(6) q /Q)+G% 


- = T ip (s) 


(16.60) 


Thus the output of the second integrator is labeled rj p . Note that the dc gain of the low-pass 
filter realized is equal to K. 

We conclude that the two-integrator-loop biquad shown in block diagram Form in 
I ig. 16.23(c) realizes the three basic second-order filtering functions, LP, BP. and HP. simul¬ 
taneously. This versatility has made the circuit very popular and has given it the name uni¬ 
versal active filter. 


16.7.2 Circuit Implementation 


To obtain an op-amp circuit implementation of the tw o-integrator-loop biquad of Fig. 16.23(c). 
we replace each integrator with a Miller integrator circuit having CR = \/a%, and we 
replace the summer block with an op-amp summing circuit that is capable of assigning both 
positive and negative weights to its inputs. The resulting circuit, known as the Kerwin- 
Huelsman-Newcomb or KHN biquad, after its inventors, is shown in Fig. 16.24(a). Given 
values for 6 ^, Q , and K, the design of the circuit is straightforward: We select suitably 
practical values for the components of the integrators C and R so that CR ~\/co 0 . To 
determine the values of the resistors associated with the summer, we first use superposi¬ 
tion to express the output of the summer F bp in terms of its inputs, V h F bp and F| p as 




+ V, 


*7 


hp R 2 + R 


Ri>\ R f 
l + - 1 ~ v \o-r 

rJ p R i 


1 1 


Substituting F bp = -(<y 0 A)r hp and K lp = tty/s' >F hp gives 


R-, ( 

V h = -— 

h P r 2 + r^ 


1 + 


R 


\ 


V. + 


R , 


1 + 


Rf 


f a), 


RJ''-R 2 + R}V Rff 


o 


V, 


\ 


V 


hp 


R 

R 


f . 2 \ 


f 


0) t 


0 


V s 


2% 


( 16 . 61 ) 


/ 


Equating the last right-hand-side terms of Eqs. (16.61) and (16.58) gives 


R/R | = 1 


( 16 . 62 ) 



which implies that we can select arbitrary but practically convenient equal values for /?, and 
Rf, Then, equating the second-to-last terms on the right-hand side of Eqs. (16.61) and (16.58) 
and setting R ] = ^ yields the ratio R } /R 2 required to realize a given Q as 
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R 



ip 


Rh Rf 




(b) 

Figure 16.24 (a) The KHN biquad circuit, obtained as a direct implementation of the block diagram of 
Fig. 16.23(c). The three basic filtering functions, HP, BP, and LP, are simultaneously realized, (b) To obtain 
notch and all-pass functions, the three outputs are summed with appropriate weights using this op-amp 



R 3 /R 2 = 2Q- I 



Thus an arbitrary but convenient value can be selected for either R 2 or R y and the value of the 
other resistance can be determined using Eq. (16.63). Finally, equating the coefficients of Vj in 
Eqs. (16.61) and (16.58) and substituting R f = /?, and for R } /R 2 from Eq. (16.63) results in 

© AT =2-(1/0) (16.64) 


Thus the gain parameter K is fixed to this value. 

The KHN biquad can be used to realize notch and all-pass functions by summing 
weighted versions of the three outputs, LP, BP, and IIP. Such an op-amp summer is shown in 
Fig. 16.24(b), for this summer we can write 



Substituting for T hp , T bp , and 7| p from Eqs. (16.56), (16.59), and (16.60), respectively, gives 
the overall transfer function 


V 


V: 


o _ ^ (R F /R H )s 2 ~s(R f /R b )co (} + {R F /Rj 


(16,66) 


2 *y 

s + s(oj { /Q) + cd { 


0 


O 








ii upuiuyy 


from which we can see that different 

selection of the values of the summinL. resiQ, c Ca " be obtamed h V the appropriate 
ing R[t = °° and " sors ' or instance, a notch is obtained by select- 


— - I 2 

R l ~ a>J 06-67) O 

16.7.3 An Alternative Two-Integrator-Loop Biquad Circuit 

An altematwe two-integrator-loop biquad circuit in which all three op amps are used in a single- 
ended mode can be developed as to] lows: Rather than using the input summer to add signals 
wtth pos.tive and negative coefficients, we can introduce an addit.ona! inverter, as shown in 

Flg u ^' 25(a) ' Ntnv a the coert, cients ot the summer have the same sign, and we can dispense 
with t le summing amplifier altogether and perform the summation at the virtual-ground input of 
the first integrator. Observe that the summing weights of 1, 1 / 0 , and K are realized by using 
resistances of/?, QR , and R/K, respectively. The resulting circuit is shown in Fig. 16.25(b). from 
which we observe that the high-pass function is no longer available! This is the price paid for 
obtaining a circuit that utilizes all op amps in a single-ended mode. The circuit of Fig. 16.25(b) 

is known as the Tow-Thomas biquad, after its originators. 

Rather than using a fourth op amp to realize the finite transmission zeros required for 
the notch and all-pass functions, as was done with the KHN biquad, an economical feedfor¬ 
ward scheme can be employed with the low-Thomas circuit. Specifically, the virtual ground 
available at the input ot each ot the three op amps in the low—Thomas circuit permits the 
input signal to be ted to all three op amps, as shown in Fig. 16.26. If V 0 is taken at the output 
of the damped integrator, straightforward analysis yields the filter transfer function 


Vi 




R 



Figure 16.25 (a) Derivation of an alternative two-integrator-loop biquad in which all op amps are used in 
a single-ended fashion, (b) The resulting circuit, known as the Tow-Thomas biquad. 
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R 



Figure 16.26 7 he Tow-Thomas biquad with feedforward. The transfer function of Eq, (16.68) is realized 
by feeding the input signal through appropriate components to the inputs of the three op amps. This circuit 
can realize all special second-order functions. The design equations are given in Table 16.2. 


Table 16.2 Design Data for the Circuit in Fig, 16.26 

All cases 

C = arbitrary, R =\/ca 0 C, r = arbitrary 

LP 

Cj = 0, R i ~ oo, r 2 = R! dc gain, R 3 = «. 

Positive BP 

C[ = 0, R j = oo, = «j, /?j = Qr/center- frequency gain 

Negative BP 

Ci = 0, /?, = QR /center-frequency gain, R 2 = °° t R^ = oo 

HP 

C ( = Cx high-frequency gain, =<»/?, = oo, R x = oo 

Notch 

Cj = Cx high-frequency gain, R ] = o°. 

(all types) 

R 2 = R(a) 0 /ct) n ) 2 /high-frequency gain, =°o 

AP 

Cj = C x flat gain, = R/ gain , R } = Qr/ gain 





1 ( \ 

+ s— 


CV/?, RR 


+ 


1 


c 2 rr 


2 

S +5 


1 


QCR 


+ 


1 


c 2 r 2 


which can be used to obtain the design data given in Table 16.2 


( 16 . 68 ) 


16.7.4 Final Remarks 

Two-integrator-loop biquads are extremely versatile and easy to design. However, their per- 
tormance is adversely affected by the finite bandwidth of the op amps. Special techniques 

exist for compensating the circuit for such effects [see the SPICE simulation example on the 
C D and the website, and Sedra and Brackett (1978)]. 
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D16 ' 21 nF. Wha^reT, r l h XU? “ h ' gh ' PaSS fUnCti ° n = ' 0 kHz and 0 = 2 . Choose C = 1 
bandpass function that re 9 uenc y gain obtained ’ \\ liat is the center-frequency gain of the 

bandpass fonetton that tsstmultaneously available a. the output of the first integrator? 

' Q,/?i Rj—R 2 _ iokQ(arbitrary);fl 3 = 30kQ; 1.5;3 

D16 ' 22 l 7m her , W ’ ,h a " ° UtpU ‘ SUmmmg am P' ifiCT 10 desi 8" • '-P- "otch filter 

An/V- * ’ Q = 5 ' “ d 3 dc 8 aln of 3 - Sel «‘C= I nF and R L = 10 kQ. 

Rg J m ' 8 ’ kn -- V R 2 = HI kll (arbitrary ); = 90 kfl. %=25.6 kQ; R F = 16.7 kii: 

° 16 .23 Use the Tow-Thomas biquad (Fig. 16.25b) to design a second-order bandpass filter with /„ = 10 
fcHz, 0 - ,0, and unity center-frequency gain. If «= 10 kn, give the values of C, R and R 
Ans. 1 .59 nF; 200 k!2: 200 kQ * 

D16.24 Use the data ofTable 16.2 to design the biquad circuit of Fig. 16.26 to realize an all-pass filter 
with Ofo - 10 rad/s, Q- 5, and flat gain = l.Use C- 10 nF and r = 10 kQ 

Ans. R --10 kQ; ^-determining resistor ^ 50 kQ; C, = 10 nF: /?, =«; R 2 = io kQ; J ? 3 = 50 kQ 


16.8 Single-Amplifier Biquadratic Active Filters 


The op amp-RC biquadratic circuits studied in the two preceding sections provide good per¬ 
formance, are versatile, and are easy to design and to adjust (tune) after final assembly. 
Unfortunately, however, they are not economic in their use of op amps, requiring three or 
four amplifiers per second-order section. This can be a problem, especially in applications 
where power-supply current is to be conserved: for instance, in a battery-operated instru¬ 
ment. In this section we shall study a class of second-order filter circuits that requires only 
one op amp per biquad. These minimal realizations, however, suffer a greater dependence on 
the limited gain and bandwidth of the op amp and can also be more sensitive to the unavoid¬ 
able tolerances in the values of resistors and capacitors than the multiple-op-amp biquads of 
the preceding sections. The single-amplifier biquads (SABs) are therefore limited to the 
less stringent filter specifications—for example, pole Q factors less than about 10 . 

The synthesis of SAB circuits is based on the use of feedback to move the poles of an 
RC circuit from the negative real axis, where they naturally lie, to the complex-conjugate 
locations required to provide selective filter response. The synthesis of SABs follows a two- 
step process: 

1. Synthesis of a feedback loop that realizes a pair of complex-conjugate poles charac¬ 
terized by a frequency &b and a Q factor Q. 

2. Injecting the input signal in a way that realizes the desired transmission zeros. 

16.8.1 Synthesis of the Feedback Loop 

Consider the circuit shown in Fig. 16.27(a), which consists of a two-port RC network n 
placed in the negative-feedback path ot an op amp W e shall assume that, except lor having a 
finite gain A, the op amp is ideal. We shall denote by l(s) the open-circuit voltage transfer 
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RC network n 




(b) 

Figure 16.27 (a) Feedback loop obta.ned by placing a two-port RC network „ i„ f JL , 
op amp. (b) Definition of the open-circuit transfer function t(s) of the RC network feedback P a, h of 

function of the RC network n, where the definition of/(*) is illustrated in Fig l 6 77 ,M „ 
rans er function l(s) can in general be written as the ratio of two polynomials Af(j) a ldD| s 

r(5) = Mf) 

D(s) 

lL ra wI? |are ^ transmission zeros ofthe RC network, and the roots of 0(5) are i, 
poles. Study of c.rcutf theory shows that while the poles of an RC network are restricted 
on the negative real axis, the zeros can in general lie anywhere in they plane. 

The loop gain £( 5 ) of the feedback circuit in Fie 16' , 7fal nn hp Hpt * a ■ 
the method of <sprtinn m o i* • ■ 1 , lg- can be determined usini 

function/(j^ “ S ' mp ' y the pr ° duct of the °P' am P gain A and the transfe 


L(s) = At{s) = 

D(s ) 

Substituting for / <» into the characteristic equation 

1 +£(5) = 0 

results in the poles s P ofthe closed-loop circuit obtained as solutions to the equation 

t{Sp) = —- 

A 

In the ideal case, A = =. and the poles are obtained from 


(16.69) 



(16.711 


N(s p ) = 0 


(16.72) 


That nher , pol e. s are iden,ical to the zero, ofthe RC network. 
network tK jective is to realize a pair of complex-conjugate poles, we should select an R< 
the hrifWH c ° m P* ex “ con J u g ate transmission zeros. The simplest such networks ar 

a with n rtn Q ' ^ j S ° Wn * n ^ ^ to 8 et her with their transfer functions t(s ) from b t 
network of p P C1 iTio! 3n exam Pl e > consider the circuit generated by placing the bridged- 

The Dole nnlvf* 1 ^ ^ ne S at t ve "feedback path of an op amp, as shown in Fig. 16.29 

the bridged-T network; thus^''^ C ' rCUit W ' M ^ eqUal *° ' he numerator P o| y nomial " 



. / \ 

► I M I 
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r + x 


1 \ 1 


iC, CAR 
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jT 1 r n n 


$ + 


1 


\ + _ 1 

C 2 R 3 f C, * 4 


D 

3 A 4 


H- 


1 


CiQRyRL 



(a) 


■ 2 + s 


m = 


R I RAC, OCR, R 2 


s 2 + 


$ 


+ A- + 1 


IQR, C4R7 CyR : 


+ 


I 


C A iR \ R 2 


(b) 

Figure 16.28 Two RC networks (called bridged-T networks) that can have complex transmission 
The transfer functions given are from b to a , with a open-circuited. 


zeros. 


R 



Figure 16.29 An active-filter feedback loop generated using the 
bridged-T network of Fig. 16.28(a). 


CO, 


(i 


Q 


+ O) 0 = s + s\ 


1 1 
+ 


I 


+ 


c, cy/? 3 c ] c 2 r 3 r 4 


which enables us to obtain co { ) and Q as 


Q) {] = 


1 


7C,C 2 RjR 


(16.73) O 


Q = 


JC^C^RyRjf 1 1 

R , (C, C 


^-1 


(16.74) A 
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If we are designing this circuit, 0 )^ and Q are given and Eqs. (16.73) and (16 74 ) 
to determine Cj, C 2 , R 3 , and R 4 . It follows that there are two degrees of freecb°^^ 
exhaust one of these by selecting C\ = C 2 = C. Let us also denote R^~ R and R ^ US 

substituting in I qs. (16.73) and (16.74), and with some manipulation, we obtain ^ ^ 


o 

o 


m = 4 Q~ 



(16.75) 

(16.76) 


Thus if we are given the value of Q , Eq. (16.75) can be used to determine the ratio of the 
resistances /? 3 and R 4 . Then the given values of cq$ and Q can be substituted in Eq {15 L ° 
determine the time constant CR. There remains one degree of freedom—the value of Cor ft 
can be arbitrarily chosen. In an actual design, this value, which sets the impedance level of 
the circuit, should be chosen so that the resulting component values are practical 



D16.25 Design the circuit of Fig. 16.29 to realize a pair of poles with Wn = 10 4 rad/s and 0 = 1 

Select C, = C 2 = 1 nF. ‘ 

Arts, = 200 k£2; R 4 = 50 kQ. 

16.26 For the circuit designed in Exercise 16.25, find the location of the poles of the RC network in 
the feedback loop. 

Ans. -0.382 x 10 4 and -2.618 x I0 4 rad/s 


16.8.2 injecting the Input Signal 

Having synthesized a feedback loop that rea izes a given pair of poles, we now consider con¬ 
necting the input signal source to the circuit. We wish to do this, of course, without altering the 
poles. 

Since, for the purpose of finding the poles of a circuit, an ideal voltage source is equiva¬ 
lent to a short circuit, it follows that any circuit node that is connected to ground can instead 
be connected to the input voltage source without causing the poles to change. Thus the 
method of injecting the input voltage signal into the feedback loop is simply to disconnect a 
component (or several components) that is (arc connected to ground and connect it (them) 
to the input source. Depending on the component(s) through which the input signal is injected, 
different transmission zeros are obtained, his is, of course, the same method we used in 

Section 16.5 with the LCR resonator and in Section 16.6 with the biquads based on the LCR 
resonator. 

As an example, consider the feedback loop of Fig. 16.29. Here we have two grounded 

nodes (one terminal of R 4 and the positive input terminal of the op amp) that can serve tor 

injecting the input signal. Figure 16.30(a) shows the circuit with the input signal injected 

through part of the resistance R 4 . Note that the two resistances R 4 / (X and ^ 4 /(1" $ ^ ave 
a parallel equivalent of R 4 . 

Analysis of the circuit to determine its voltage transfer function T(s)= V 0 (s)/Vi( s ) ^ 
illustrated in Fig. 16.30(h). Note that we have assumed the op amp to be ideal, and have 
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Figure 16.30 (a) The feedback loop of Fig. 16.29 with the input signal injected through part of resistance 
7? 4 . This circuit realizes the bandpass function, (b) Analysis of the circuit in (a) to determine its voltage trans¬ 
fer function F(j) with the order of the analysis steps indicated by the circled numbers. 


indicated the order of the analysis steps by the circled numbers. The final step, number 9, 
consists of writing a node equation at X and substituting for V x by the value determined in 
step 5. The result is the transfer function 

V 0 _ -sja/CyR^) _ 

~V: ~ 2 f 1 n 1 i 

5 He, 'ey* 3 c,c 2 /? 3 /e 4 

We recognize this as a bandpass function whose center-frequency gain can be controlled 
by the value of ct. As expected, the denominator polynomial is identical to the numerator 

polynomial of r(^) given in Fig. 16.28(a). 
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16,27 Use the component values obtained in Exercise 16.25 to design the bandpass 

Fig. 16.30(a). Determine the values of {R A /a) and tf 4 /( 1 - a) to obtain a center-frenlT ^ 
gain of unity. qUency 


Arts. 100 kQ; 100 kQ 


L 



16.8.3 Generation of Equivalent Feedback Loops 

The complementary transformation of feedback loops is based on the property of linear net 
works illustrated in Fig. 16.31 for the two-port (three-terminal) network n In Fig. 16 31(a) ter 
minal c is grounded and a signal V b is applied to terminal b. The transfer function from bio a 
with c grounded is denoted /. Then, in Fig. 16.31(b), terminal b is grounded and the input sig 
nal is applied to terminal c. The transfer function from c to a with b grounded can be shown to 

be the complement of t— that is, 1 - 1 . (Recall that we used this property in generating a circuit 
realization for the all-pass function in Section ] 6.6.) 

Application of the complementary transformation to a feedback loop to generate an 
equivalent feedback loop is a two-step process: 

1. Nodes of the feedback network and any of the op-amp inputs that are connected to 

ground should be disconnected from ground and connected to the op-amp output. 

Conversely, those nodes that were connected to the op-amp output should be now 

connected to ground. That is, we simply interchange the op-amp output terminal with 
ground. 

2. The two input terminals of the op amp should be interchanged. 

The feedback loop generated by this transformation has the same characteristic equation, and 
hence the same poles, as the original loop. 

To illustrate, we show in Fig. I6.32i a > the feedback loop i'ormed by connecting a two-port 
RC network in the negative-feedback path of an op amp. Application of the complementary 
1 1 an s format ion to this loop results in the feedback loop of Fig. 16.32(b). Note that in the 

latter loop the op amp is used in the unity-gain follower configuration. We shall now show 
that the two loops of Fig. 16.32 are equivalent. 

It the op amp has an open-loop gain A, the follower in the circuit of Fig. 16.32(b■ will 

have a gain of A/(A + 1). This, together with the fact that the transfer function of networks 

from c to a is 1 - / (see Fig. 16.31), enables us to write for the circuit in Fig. 16.32(b)the 
characteristic equation 



A 

A + 1 


( 1-0 = 0 


r I ii t_| 11 t ii h >11 k. in bt ; ranipulated to the form 


1 + A t — () 
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(a) 



u 

o 


Linear 
network n 




(b) 


Figure 16.31 Interchanging input and ground results in the complement of the transfer function. 



Figure 16.32 Application of the complementary transformation to the feedback loop in (a) results in the 
equivalent loop (same poles) shown in (b). 

which is the characteristic equation of the loop in Fig. 16.32(a). As an example, consider the 
application ol the complementary transformation to the feedback loop of Fig. 16.29: The 
feedback loop of Fig. 16.33(a) results. Injecting the input signal through Cj results in the cir¬ 
cuit in Fig. 16.33(b), which can be shown (by direct analysis) to realize a second-order high- 
pass function. This circuit is one of a family of SABs known as the Sallen-and-Kev circuits, 
after their originators. The design of the circuit in Fig. 16.33(b) is based on Eqs. (16.73) 
through (16.76): namely, R 3 = R, R 4 = R/^Q\ C, = C 2 = C, CR = 2 Q/a> 0 , and the value 

of C is arbitrarily chosen to be practically convenient. 

As another example. Fig. 16.34(a) shows the feedback loop generated by placing the 
two-port RC network of Fig. 16.28(b) in the negative-feedback path of an op amp. For an 
ideal op amp, this 'eedback loop realizes a pair ol complex-conjugate natural modes ha\ ing 
the same location as the zeros of t(s) of the RC network. Thus, using the expression for /(.s) 
given in Fig. 16.28(b), we can write for the active-filter poles 

G) 0 = \/JC}C 4 R\R 2 


( 16 . 77 ) 
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Figure 16.33 (a) Feedback loop obtained by applying the complementary transformation to the loon j 
Fig. 16.29. (b) Injecting the input signal through C, realizes the high-pass function. This ts one of the Sailed 
and-Key family of circuits. 




4" 


V: 


(c) 

Figure 16...>4 (a) I eedback loop obtained by placing the bridged-T network of Fig. 16.28(b) in the negative 
feedback path of an op amp. (b) Equivalent feedback loop generated by applying the complementary transfer 
mation to the loop in (a), (c) A low-pass filter obtained by injecting V t through R\ into the loop in {*>). 
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■f C )C,R t R 


C 


I + i 

R, R 


-.-l 


(16.78) 






t-' v 1 ' > ) aiiu 


v > o/, mese yield 



m ~ (16.79) 

CR = 2 Q /Ct) o ( 16 . 80 ) 0 

with the remaining degree of freedom (the value of Cor R) left to the designer ,o choose 

Injecting the input signal to ihe C 4 terminal that is connected to ground can be shown to 

result in a bandpass realization If, however, we apply the complementary transformation to 

the feedback loop in Fig. 16.34(a), we obtain the equivalent loop in Fig. 16.34(b) The loop 

equivalence means that the circuit of Fig. 16.34(b) has the same poles 'and thus the same 1 

and Q and the same design equations (Eqs. 16.77 through 16.80). The new loop in 

Fig. 16.34(b) can be used to realize a low-pass function by injecting the input signal as 
shown in Fig. 16.34(c). 



T6.28 Analyze the circuit in Fig. 16.34(c) to determine its transfer function V 0 (s)/y i (s)&nd thus show 
that and Q are indeed those in Eqs. (16.77) and (16.78). Also show that the dc gain is unity. 

D16.29 Design the circuit in Fig. 16.34(c) to realize a low-pass filter with/ 0 = 4 kHz and Q = I /Jl. 
Use 10-k£2 resistors. 

Ans. R\=R 2 = 10 C 3 = 2.8 1 nF; C 4 = 5.63 nF 


16.9 Sensitivity 


Because of the tolerances in component values and because of the finite op-amp gain, the 
response of the actual assembled filter will deviate from the ideal response. As a means for 
predicting such deviations, the filter designer employs the concept of sensitivity. Specifi¬ 
cally, for second-order filters one is usually interested in finding how sensitive their poles are 
relative to variations (both initial tolerances and future drifts) in RC component values and 
amplifier gain. These sensitivities can be quantified using the classical sensitivity function 

S y x , defined as 

& = Urn ^2 (16.81) 

Ax/x 


Thus, 


« = 


dy_x 
dx v 


( 16 . 82 ) 
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Here, x denotes the value of a component (a resistor, a capacitor, or an am lifier 
denotes a circuit parameter of interest (say, C0§ or Q). For small changes ^ and - v 


oV Ay/y 

o\ — —*— f- 

x Ax/x 


(16.83) 


Thus we can use the value of S x to determine the per-unit change in v due to a ' 
change in x. For instance, if the sensitivity of Q relative to a particular resistance^ 11 ^ 
a 1% increase in R x results in a 5% increase in the value of Q. ' S 


unit 


I ts 5, then 




For the feedback loop of Fig. 16.29, find the sensitivities of (Oq and Q relative to all the passive compo 
nenteand die op-amp gain. Evaluate these sensitivities for the design considered in the preceding section 


Solution 


To find the sensitivities with respect to the passive components, called passive sensitivities we assume 

that the op-amp gain is infinite. In this case, a*, and Q are given by Eqs. (16.73) and (16 74 Thus for *jh 
we have ^ 


<y 0 = 




JC\ c 2 r,r 


which can be used together with the sensitivity definition of Eq. c 16.82) 


to obtain 


= ag = s% = sft = -i 


For Q we have 


Q = 


JC^R, 


1 


+ 


1 ^ 1 


-i-l 


C. CJ R 


3-J 


to which we apply the sensitivity definition to obtain 



For the design with C, = C 2 we see that S% = 0. Similarly, we can show that 

^ = 0, s % = 1 . s£ = -1 

It is important to remember that the sensitivity expression should be derived before values corresponding 
to a particular design are substituted. 

Next we consider the sensitivities relative to the amplifier gain. If we assume the op amp to have a 
finite gain A, the characteristic equation for the loop becomes 


1 +At(s) = 0 


(16.84) 


tk ^ ®! Ven 16.28(a). To simplify matters we can substitute for the passive components by 

If design values. This causes no errors in evaluating sensitivities, since we are now finding (he 
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C, R } =R,R 4 = CR 2 0 / a"~w e let* deSign ValUCS obtained earlier—namely, C, = C 2 = 


t(s) = 


S + s (®q/Q) + 0^ 


s~ + H® Q /Q)(2Q-+\) + coi 


(16.85) 


ZZZSSS2? nominal or design values of the pole frequency and 0 factor. The actua. values 
are obtained by substituting for t(s) in Eq. (16.84): 


2 

s + s 


q( 2 Q~ + 1 ) + 6>o + a[s 2 + 


% 

s-j + ar 0 \=0 


Assuming the gain A to be real and dividing both sides by A + 1, we get 


i2+ '?( 1+ jfi) + ^ = 0 


From this equation we see that the actual pole frequency, , and the pole Q . Q cr 


are 


O) 0a ~ 0), 


o 


Qa = 


£ 


,2 


1 +2QV(A + \) 


Thus 


S> = 0 


S Q« = A 2Q*/(A+\) 


A + 1 I + 2Q~/(A + 1) 


/ 

For A 2 Q~ and A > 1 we obtain 


c ft, __ 2Q 

* A A 


It is usual to drop the subscript a in this expression and write 


(16.86) 


(16.87) 


(16 ss i 


(16.891 


Note that if Q is high {Q > 5), its sensitivity relative to the amplifier gain can be quite high. 


16.9.1 A Concluding Remark 

The results of Example 16.3 indicate a serious disadvantage of single-amplifier biquads 
the sensitivity oJ O relative to the amplifier gain is quite high. Although a technique exists 
for reducing in SABs (see Sedra et al., 1980), this is done at the expense of increased 
passive sensitivities. Nevertheless, the resulting SABs are used extensively in many applica¬ 
tions. However, for filters with Q factors greater than about 10, one usually opts for one 
of the multiamplifier biquads studied in Sections 16.6 and 16.7. For these circuits S A is 


9 Because the open-loop gain A of op amps usually has wide tolerance, it is important to keep S? and 
S A very' small. 
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16.30 



In a particular filter utilizing the feedback loop of Fig. 16.29, with C l = C 2 , use il K - , ]( 

Example 16.3 to find the expected percentage change in cty and Q under the conditions thatn 

R 3 is 2% high, (b) R 4 is 2% high, (c) both R } and R 4 are 2% high, and (d) both capacitors are 5/ 
low and both resistors are 2% high. 0 

Ans. (a) -1%, +1%; (b) -1%, -1%; (c) -2%, 0%; (d) 0%, 0% 



16.10 Switched-Capacitor Filters 

'he active-RC filter circuits presented above have two properties that make their production 
in monolithic IC form difficult, if not practically impossible; these are the need for targe-val¬ 
ued capacitors and the requirement of accurate RC time constants. The search therefore has 
continued for a method of filter design that w ould lend itself more naturally to IC implemen¬ 
tation. In this section we shall introduce one such method. 

16.10.1 The Basic Principle 

The switched-capacitor filter technique is based on the realization that a capacitor switched 
between two circuit nodes at a sufficiently high rate is equivalent to a resistor connecting 
these two nodes. To be specific, consider the active-RC integrator of Fig. 16.35(a). This is 
the familiar Miller integrator, which we used in the two-integrator-loop biquad in 
Section 16.7. In Fig. 16.35(b) we have replaced the input resistor R j by a grounded capacitor 
C( together with two MOS transistors acting as switches. In some circuits, more elaborate 
switch configurations are used, but such details are beyond our present need. 

The two MOS switches in Fig. 16.35(b) are driven by a nonoverlapping two-phase 
clock. Figure 16.35(c) shows the clock waveforms. We shall assume in this introductory 
exposition that the clock frequency f c if c = \/T c ) is much higher than the frequency of the 
input signal v b Thus during clock phase when Cj is connected across the input signal 
source v b the variations in the input signal are negligibly small. It follows that during fa , 
capacitor C, charges up to the voltage v b 

Vet ~ C\ v i 

Then, during clock phase (p 2 * capacitor Cj is connected to the virtual-ground input ot the 
op amp, as indicated in Fig. 16.35(d). Capacitor Cj is thus forced to discharge, and its previ¬ 
ous charge q^\ is transferred to C 2 , in the direction indicated in Fig. 16.35(d). 

From the description above we see that during each clock period T c an amount ot charge 
?C1 ~ C\ v i extracted from the input source and supplied to the integrator capacitor C 2 - 

Thus the average current flowing between the input node (IN) and the virtual-ground node 
(VG) is 
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fj® Ure , , 16 : 35 Basic . Principle of the switched-capacitor niter techn.que, (a) Active-RC integrator, 
(b) Switched-capacitor integrator, (c. Two-phase dock (nonoverlapping), (d) During C, charges up to 
the current value of Vj and then, during discharges into CY 


It is sufficiently short, one can think of this process as almost continuous and define an 
equivalent resistance /? eq that is in efleet present between nodes IN and VG: 


Thus, 



(16.90) 


Using /? eq we obtain an equivalent time constant for the integrator: 


Time constant = C-,R „„ 



(16.91) 


Thus the time constant that determines the frequency response of the filter is established by 
the clock period T c and the capacitor ratio C 2 / C,. Both these parameters can be well con¬ 
trolled in an IC process. Specifically, note the dependence on capacitor ratios rather than on 
absolute values of capacitors. The accuracy ot capacitor ratios in MOS technology can be 
controlled to within 0.1%. 

Another point worth observing is that with a reasonable clocking frequency (such as 
100 kHz) and not-too-large capacitor ratios (say, 10), one can obtain reasonably large time 
constants (such as lO' 4 s) suitable for audio applications. Since capacitors typically occupy 
relatively large areas on the IC chip, one attempts to minimize their values. In this context, it 
is important to note that the ratio accuracies quoted earlier are obtainable with the smaller 

capacitor value as low as 0.1 pF. 


o 

o 
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16.10.2 Practical Circuits 


The switched-capacitor (SC) circuit m Fig. 16.35(b) realizes an inverting inteerat 
direction of charge flow through C 2 in Fig. 16.35d). As we saw in Section 16 7 ^ 
grator-loop active filter is composed of one inverting and one noninverting internt*®*' 
realize a switched-capacitor biquad filter, we therefore need a pair of co W 
switched-capacitor integrators. Figure 16.36(a) shows a noninverting, or positive ' ^ 
circuit. The reader is urged to fol low the operation of this circuit during the two clock I 
and thus show that it operates in much the same way as the basic circuit of Fig 
except for a sign reversal. ' '* 


In addition to realizing a noninverting integrator function, the circuit in Fig. 1636(a) 
insensitive to stray capacitances; however, we shall not explore this point any further. The 
interested reader is referred to Schaumann, Ghausi, and I .aker (1990). By reversal of the clock 
phases on two of the switches, the circuit in Fig. 16.36(b) is obtained. This circuit realizes the 

inverting integrator function, like the circuit of Fig. 16.35(b), but is insensitive to stray capaci¬ 
tances (which the original circuit of Fig. 16.35b is not). The complementary integrators of 
Fig. 16.36 have become the standard building blocks in the design of switched-capacitor filters 
Let us now consider the realization of a complete biquad circuit. Figure 16.37(a) shows 
the active-R 1 ’, two-integrator-loop circuit studied earlier. By considering the cascade of 


C 2 




(b) 

Figure 16.36 A pair of complementary stray-insensitive, switched-capacitor integrators, (a) Noninvertinc 
switched-capacitor integrator, (b) Inverting switched-capacitor integrator. 


]°!" the two -i n tegrator loop of Fig. 16.25(b), the noninverting integrator is realized by the cascade of a 
Miller integrator and an inverting amplifier. 
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integrator 2 and the inverter as a positive integrator, and then simply replacing each 
by its switched-capacitor equivalent, we obtain the circuit in Fig. 16.37(b). 1 gnore th 
ing around the first integrator (i.e., the switched capacitor C 5 ) for the time being and^' 
that the feedback loop indeed consists of one inverting and one noninverting integrator tT 
note the phasing of the switched capacitor used for damping. Reversing the phases 
would convert the feedback to positive and move the poles to the right half of the s plane T 
the other hand, the phasing of the feed-in switched capacitor (C 6 ) is not that important- " 
reversal of phases would result only in an inversion in the sign of the function realized * 
Having identified the correspondences between the active-RC biquad and the switched 
capacitor biquad, we can now derive design equations. Analysis of the circuit in Fie 16 Mi 
yields ' 1 3 


o 


o 


= 


jJC i 


Replacing R 2 and R 4 with their switched-capacitor equivalent values, that is. 


R 3 = T c /C 3 and R 4 = T c /C A 


gives (t){) of the switched-capacitor biquad as 


CO () = 



C,C 


It is usual to select the time constants of the two integrators to be equal; that is. 


T T 

—r - —r 

r u 2 r c i 

c 4 


( 16.92 



( 16 . 94 ) 


If, further, we select the two integrating capacitors C] and C 2 to be equal. 


c, = c, = c 


( 16 . 95 ) 


then 


o 


C, = C, = KC 


( 16 . 96 ) 


where from Eq. (16.93) 


o 


o 


K = ojJ c 


( 16 . 97 ) 


For the case ot equal time constants, the Q factor of the circuit in Fig. 16.37(a) is given 
7? 5 /7? 4 . Thus the Q factor of the corresponding switched-capacitor circuit in Fig. 16.37(b) 
given by 


Q = 


T/C, 

T c /C 4 


(16.98) 


Thus C< should he selected from 


C< = 


C. 

Q 


KC _ C 

Q 6)0 C Q 


( 16 . 99 ) 
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Finally, the center-frequencv gain of flip Kanri c 

t the bandpass function is given by 


Center- frequency gain = 


= Q 


*>0 T c C 


(16.100) O 



D16.31 


Withf 0 '= lO kHzV- 'utndunn Tf “ F ' g ' ,6 ' 37(b) t0 reali “ a bandpass function 
Find the values of cjcj,” c" an<i^ ” gain ' ' C,0Ck = 2 °° kHz ' 

Ans, 6.283 pF; 6.283 pF; 0.314 pF; 0.314 pF 



16.10.3 A Final Remark 

We have attempted to provide only an introduction to switched-capacitor filters. We have 
made many simplifying assumptions, the most important being the switched-capacitor- 
resistor equivalence (Eq. 16.90). This equivalence is correct only at f c = ~ and is approxi¬ 
mately correct tor f c > / Switched-capacitor filters are, in fact, sampled-data networks 

whose analysis and design can be carried out exactly using c-transform techniques. The 
interested resder is referred to the bibliography in Appendix G. 


16.1 i Tuned Amplifiers 


In this section, we study a special kind ot frequency-selective netw'ork, the LC -tuned ampli¬ 
fier. Figure 16.38 shows the general shape of the frequency response of a tuned amplifier. 
The techniques discussed apply to amplifiers with center frequencies in the range of a few 
hundred kilohertz to a few hundred megahertz. Tuned amplifiers find application in the 
radio-frequency (RF) and intermediate-frequency (IF) sections of communications receivers 
and in a variety of other systems. It should be noted that the tuned-amplifier response of 
Fig. 16.38 is similar to that of the bandpass filter discussed in earlier sections. 

As indicated in Fig. 16.38, the response is characterized by the center frequency the 
3-dB bandwidth B< and the skirt selectivity, which is usually measured as the ratio of the 30- 
dB bandwidth to the 3-dB bandwidth. In many applications, the 3-dB bandwidth is less than 
5% of This narrow-band property makes possible certain approximations that can sim¬ 
plify the design process, as will be explained later. 

The tuned amplifiers studied in this section are small-signal voltage amplifiers in which 
the transistors operate in the “class A" mode; that is, the transistors conduct at all times. 
Tuned pow'er amplifiers based on class C and other switching modes of operation are not 
studied in this book. (For a discussion on the classification oi amplifiers, refer to Section I ] .1.) 


16.11.1 The Basie Principle 

The basic principle underlying the design ot tuned amplifiers is the use ot a parallel LCR cir¬ 
cuit as the load, or at the input, of a BJT or a FET amplifier. This is illustrated in Fig. 16.39 
with a MOSFE'! amplifier having a tuned-circuit load. For simplicity, the bias details are not 
included. Since this circuit uses a single tuned circuit, it is known as a single-tuned 
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♦ t > o t 



Z 


(b) 

Figure 16.39 The basic principle oi tuned amplifiers is illustrated using a MOSFET with a tuned-circuit 
load. Bias details are not shown. 


amplifier. ! he amplifier equivalent circuit is shown in Fig. 16.39(b). H ere denotes the par¬ 
allel equivalent o f and the output resistance r Q of the FET, and C is the parallel equivalent 

ot and the FET output capacitance (usually very small). From the equivalent circuit we 
can write 




1 1 \/R + \/sL 


Thus the voltage gain can be expressed as 



Sm S 

c s 2 + s(]/CR)+ \/LC 


( 16.1011 


16.11 Tuned Amplifiers 1317 


which is a second-order bandpass function. Thus the 


a 3-dB bandwidth of 


a Q factor of 


tuned amplifier has a center frequency of 


^0 = \/Jlc 


B = 


1 

CR 


(16.102) 


(16.103) 


and a center-frequency gain of 


Q = co q /B = (VqCR 


KU%) 




= Sm R 


(16.104) 


(16.105) 


Note that the expression for the center-frequency gain could have been written by inspection; 
at resonance, the reactances ot L and C cancel out and the impedance of the parallel LCR cir- 


cult reduces to R. 


Example 16.4 




It is required to design a tuned amplifier of the type shown in Fig. 16.39, having f 0 = 1 MHz, 
width = 10 kHz, and center-frequency gain =-10 V/V. The FET available has at the bias point 
V and r 0 = 10 k£L The output capacitance is negligibly small. Determine the values of R, , C L 

Solution 


Center-frequency gain = -10 = -5 R. Thus R = 2 IdX Since R = then R L = 2.5 kf2. 


Thus 


B = 2k x 10 J = — 

CR 


Since o> {) 


2k x 10" 



_1_ 

2/rx 10 4 x 2 x 10 3 


1 /Jlc , we obtain 


7958 p 1 



_I_ 

4k x 10 1 ' x 7958 x 10 


3.18 pH 


16.11.2 Inductor Losses 

The power oss in the inductor is usually represented by a series resistance r s as shown in 
Fig. 16.40(a). However, rather than specifying the value of r s , the usual practice is to specify 

the inductor O factor at the frequency ot interest, 

(Oi\L 

r S 


o 

o 

o 

o 



3-dB band- 
g m = 5 mAJ 
and L. 


(16.106) 0 
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(h) Figure 16.40 Inductor equivalent circuits 


O 

o 


Typically, Q$ is in the range of 50 to 200. 

The analysis of a tuned amplifier is greatly simplified by representing the inductor loss 
by a parallel resistance R pi as shown in Fig. 16.40(b). The relationship between R and Q 
can be found by writing, for the admittance of the circuit in Fig. 16.40(a). P J 


r(jco 0 ) 


l 

r s +jO) 0 L 


1 


1 i +jV/Q 0 ) 


For Q 0 $> 1, 


jO) 0 L 1 -j( 1 / Q 0 ) jco () L i+(i/gj) 


Y(ja? 0 )~ - 


1 


j®o L 


r 




1 +j 


. 1 


a 


Equating this to the admittance of the circuit in Fig. 16.40(b ) gives 


or, equivalently. 



(16.107) 


( 16 . 108 ) 


( 16 . 109 ) 


Finally, it should be noted that the coil Q factor poses an upper limit on the value of Q 
achieved by the tuned circuit. 



16.32 If the inductor in Example 16.4 has Q 0 = 150, find R and then find the value to which R L should 
be changed to keep the overall Q, and hence the bandwidth, unchanged. 

Ans. 3 kQ; 15 kQ 
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16.11.3 Use of Transformers 

of a, A simple ** ^ ** ^ 

a tapped coil, known as an autotransformer can h : u 'T ' mp '; dance cl l ange ' Alternatively, 

th . C tW ° P 7 eductor are tightly coupled, which can be ac“h w vcd by wlntog o7at' 

seeVbeTween e^inTund r' a " 0nship * shown h ° ld - The result is that the tuned circuit 

ratio n = 3 is ^-mp.e, if a turns 

3.18 28.6 pH and a capacitance C = 7958/9 = 884 pF will be required Both these values 

are more practical than the original ones M eS values 



Figure 16.41 A tapped inductor is used as an impedance transformer to allow using a higher inductance, 
L\ and a smaller capacitance, C. 



I- 0 -T-T- 

' (?) <«, == C, 

—o— 1-i 

(b) 

Figure 16.42 (a) The output of a tuned amplifier is coupled to the input of another amplifier via a tapped 
coil, (b) An equivalent circuit. Note that the use of a tapped coil increases the effective input impedance of 

the second amplifier stage. 
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In applications that involve coupling the output of a tuned amplifier to the 1 
another amplifier, the tapped coil can be used to raise the effective input resistance 
ter amplifier stage. In this way, one can avoid reduction of the overall Q This ’ ■ . 
trated in Fig. 16.42 and in the following exercises. ^° ,nt ls ^ us ‘ 



D16.33 Consider the circuit in Fig. 16.42(a), first without tapping the coil. Let L - 5 pH and assume 

that R\ is fixed at 1 kO. We wish to design a tuned amplifier with f () = 455 kHz and a 3 dB 

bandwidth of 10 kHz [this is the intermediate frequency (IF) amplifier of an AM radio] If the 

BJT has R m = 1 k£2 and C jn = 200 pF, find the actual bandwidth obtained and the required 
value of C|. 

A ns. 13 kHz; 24.27 nF 

D16.34 Since the bandwidth realized in Exercise 16.33 is greater than desired, find an alternative design 

utilizing a tapped coil as in Fig. 16.42(a). Find the value of n that allows the specifications to be 
just met. Also find the new required value of C\ and the current gain I c /I at resonance, Assume 
that at the bias point the BJT has g m - 40 mA/V. 

Ans. 1.36; 24.36 nF; 19.1 A/A 



16.11.4 Amplifiers with Multiple Tuned Circuits 


The selectivity achieved with the single tuned circuit of Fig. 16.39 is not sufficient in many 
applications—for instance, in the IF amplifier of a radio or a TV receiver. Greater selectivity' 
is obtained by using additional tuned stages. Figure 16.43 shows a BJT with tuned circuits at 
both the input and the output." In this circuit the bias details are shown, from which we 
note that biasing is quite similar to the classical arrangement employed in low-frequency, 
discrete-circuit design. How ever, to avoid the loading effect of the bias resistors and 
on the input tuned circuit, a radio frequency choke (RFC) is inserted in series with each 
resistor. Such chokes have high impedances at the frequencies of interest. The use of RFCs 
in biasing tuned RF amplifiers is common practice. 


i ne analysts and design of the double-tuned amplifier of Fig. 16.43 is complicated by 
the Miller effect due to capacitance C^. Since the load is not simply resistive, as was the 
case in the amplifiers studied in Section 9 5.2, the Miller impedance at the input will be com¬ 
plex. This reflected impedance wilt cause detuning of the input circuit as well as “skewing’ of 
the response of the input circuit. Needless to say, the coupling introduced by makes tun¬ 
ing (or aligning) the amplifier quite difficult. Worse still, the capacitor Cjj can cause oscilla¬ 
tions to occur [see Gray and Searle (1969) and Problem 16.75]. 

Methods exist for neutralizing the effect of CV, using additional circuits arranged to 
feed back a current equal and opposite to that through CT. An alternative, and preferred, 
approach is to use circuit configurations that do not suller from the Miller effect. These are 
discussed later. Before leaving this section, however, we wish to point out that circuits of the 
type shown in Fig. 16.43 are usually designed utilizing the y-parameter model of the BJT 


Noie that because the input circuit is a parallel resonant circuit, an input current source (rather than 
voltage source) signal is utilized. 

. Here we use “Miller effect” to refer to the effect of the feedback capacitance C» in reflecting back an 
input impedance that is a function of the amplifier load impedance. 
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Figure 16.43 A BJT amplifier with tuned circuits at the input and the output. 


(see Appendix C). This is done because here, in view of the fact that C p plays a significant 
role, the y-parameter model makes the analysis simpler (in comparison to that using the 
hybrid-^model). Also, the y parameters can easily be measured at the particular frequency 
of interest, oy. For narrow-band amplifiers, the assumption is usually made that the v param¬ 
eters remain approximately constant over the passband. 

16.11.5 The Cascode and the CC-CB Cascade 

From our study of amplifier frequency response in Chapter 9, we know that two amplifier 
configurations do not suffer from the Miller effect. These are the cascode configuration and 
the common-collector, common-base cascade. Figure 16.44 shows tuned amplifiers based on 
these two configurations. The CC-CB cascade is usually preferred in 1C implementations 
because its differential structure makes it suitable for IC biasing techniques. (Note that the 
biasing details of the cascode circuit are not shown in Fig. 16.44a. Biasing can be done using 
arrangements similar to those discussed in earlier chapters.) 

16.11.6 Synchronous Tuning 

In the design of a tuned ampl ifier with multiple tuned circuits, the question of the frequency 
to which each circuit should be tuned arises. The objective, of course, is tor the overall 
response to exhibit high passband flatness and skirt selectivity. To investigate this question, 
we shall assume that the overall response is the product of the individual responses: in other 
words, that the stages do not interact. This can easily be achieved using circuits such as those 

in Fig. 16.44. 

Consider first the case of N identical resonant circuits, know-n as the synchronously 
tuned case. Figure 16.45 shows the response of an individual stage and that of the cascade. 
Observe the bandwidth “shrinkage” of the overall response. The 3-dB bandwidth B of the 
overall amplifier is related to that of the individual tuned circuits, o) 0 Q, by (see 

Problem 16.77) 
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(b) 

Figure 16.44 Two tuned-amplifier configurations that do not suffer from the Miller effect: (a) cascode 
and (b) common-collector, common-base cascade. (Note that bias details of the cascode circuit are not shown.) 


B = (16.110) 

Q 

The factor Jl - 1 is known as the bandwidth-shrinkage factor. Given B and M wecan 
use Eq. (16.1 10) to determine the bandwidth required o the individual stages, 0 ) {) /Q. 



016.35 Consider the design of an IF amplifier tor an FM radio receiver. Using two synchronously tuned 

stages with^Q — 10.7 MHz, find the 3-dB bandwidth of each stage so that the overall bandwidth 
is 200 kHz. Using 3-pH inductors find Cand R for each stage. 

Ans. 310.8 kHz; 73.7 pF; 6.95 kQ 
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T\ (dB) 


0 



Figure 16.45 Frequency response of a synchronously tuned amplifier 


Response of 




Figure 16,46 Stagger-tuning the individual resonant circuits can result in an overall response with a pass- 
band flatter than that obtained with synchronous tuning (Fig. 16.45). 


16.11.7 Stagger-Tuning 

A much better overall response is obtained by stagger-tuning the individual stages, as illus¬ 
trated in Fig. 16.46. Stagger-tuned amplifiers are usually designed so that the overall response 
exhibits maximal flatness around the center frequency / 0 . Such a response can be obtained by 
transforming the response of a maximally flat (Butterworth) low-pass filter up the frequency 

axis to co§. We show here how this can be done. 
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The transfer function of a second-order bandpass filter can 
poles as 




T(s) — -- - _ Uj/2 _ 

s+a) 0 /2Q-jo> 0 ( s -jo) Q ) + co 0 /2Q 

This is known as the narrow-band approximation. 13 Note that the magnitude response for 
5 = jco, , has a peak value of a\Q/co u at ( 0 - as expected. 

Now consider a first-order low-pass network with a single pole at p - -0^/20 (we use 
p to denote the complex frequency variable for the low-pass filter). Its transfer function is 

K 

T(P) ~ p~+ co {) /2Q (I6!13 ) 

where K is a constant. Comparing Eqs. (16.112) and (1 6.1 13) we note that they are identical 
for/? = s — j(O q or, equivalently. 


O s=p+jcq ) ( 16 . 114 ) 

This result implies that the response o: the second-order bandpass filter in the neighborhood 
of its center frequency s —jo\ , is identical to the response of a first-order low-pass filter with 
a pole at (~oo 0 /2Q) in the neighborhood of p = 0. Thus the bandpass response can be 
obtained by shifting the pole ot the low-pass prototype and adding the complex-conjugate 

pole, as illustrated in Fig. 16.47(b). This is called a lowpass-to-bandpass transformation 
for narrow-hand filters. 

The transformation/? = s —jty j can be applied to low-pass filters of order greater than 
one. For instance, we can transform a maximally flat, second-order low-pass filter 
(Q - \/J2 ) to obtain a maximally flat bandpass filter. If the 3-dB bandwidth of the band¬ 
pass filter is to be B rad/s, then the low-pass filter should have a 3-dB frequency (and thus 
a pole frequency) of (B/2) rad/s, as illustrated in Fig. 16.48. The resulting tourth-order 

bandpass filter will be a stagger-tuned one, with its two tuned circuits (refer to Fig. 16.48) 
having 

O oi nl = <a 0 + B = A 0 V 20h (16.115) 

2j2 Jl ' B 


The bandpass response is geometrically symmetrical around the center frequency <% That is^ each 

*"^4 uenc i es and oh at which the magnitude response is equal are related by (0\(Oi~ or 
^8 the symmetry becomes almost Qtithtrwtic for frequenc ies close to 0)q- That is, two frequencies 
with the same magnitude response are almost equally spaced from a) {) . The same is true for higher- 
or er andpass filters designed using the transformation presented in this section. 
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Low-pass filter 
Im(p) i 


p plane 




Bandpass filter 







(c) (d) 

Figure 16.47 Obtaining a second-order narrow-band bandpass filter by transforming a first-order low-pass filter, (a) Pole of the 
first-order filter in the p plane, (b) Applying the transformation s=p+ jco 0 and adding a complex-conjugate pole results in the poles 

of the second-order bandpass filter, (c) Magnitude response of the first-order low-pass filter, (d) Magnitude response of the second- 

order bandpass filter. 


(0^2 — 
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2j2 


B 'j — 


B_ 
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Qi — 


Jim 


B 


( 16 . 116 ) 


Note that tor the overall response to have a normalized center-frequency gam ot unity, 
the individual responses have to have equal center-frequency gains ot J2, as shown m 

Fig. 16.48(d). 
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Bandpass filter 
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016-36 f deSig t n ( , f0r t , He IF am P lifier s P ec 'f le din Exercise 1635 is required. Find*,. *„ 

are to be used ) 8 ** ^ “ 0 ' C a " d R '° r each of the tw0 sta 8 es - < Recal1 that 3 'E H inductors 

Ans. 10.77 MHz; 141.4kHz; 10.63MHz; 141.4 kHz; 72.8 pF; 15.5 ki2; 74.7 pF; 15.1 kQ 

16 37 Ii! Slng the , f !n I ha !‘ he Voltage gain at resonance is proportional to the value of R, find the ratio of 
e gain a 2 of the stagger-tuned amplifier designed in Exercise 16.36 and the synchro- 

nously tuned amplifier designed in Exercise 16.35. (Hint: For the stagger-tuned amplifier, note 

at the gain at is equal to the product of the gains of the individual stages at their 3-dB fre¬ 
quencies.) 

Arts. 2.42 


Summary 

■ A filter is a linear two-port network with a transfer func¬ 
tion T(s) = V c (s)/¥;($). For physical frequencies, the 
filter transmission is expressed as T{ jco) = 

The magnitude of transmission can be expressed in deci¬ 
bels using either the gain function G{co) = 20 log! 71 or 
the attenuation function A{a>)s -20 log|7). 

■ The transmission characteristics of a filter are specified 
in terms of the edges of the passband(s) and the stop- 
band^); the maximum allowed variation in passband 
transmission, ^ max (dBi; and the minimum attenuation 
required in the stopband, A mm (dB). In some applica¬ 
tions, the phase characteristics are also specified. 

■ The filter transfer function can be expressed as the ratio 
of two polynomials in 5; the degree of the denominator 
polynomial, A ; , is the filter order. The N roots of the 
denominator polynomial are the poles (natural modes). 

■ To obtain a highly selective response, the poles are com¬ 
plex and occur in conjugate pairs (except for one real 
pole when N is odd). The zeros are placed on theyGiaxis 
in the stopband! s) including (0- 0 and CO- «*». 

■ The Butterworth filter approximation provides a low- 
pass response that is maximally fiat at CO — 0. The 
transmission decreases monotonically as co increases, 
reaching 0 (infinite attenuation) at co = where all N 
transmission zeros lie. Eq. (16.11) gives |7l, where € is 
given by Eq. ( 16 . 14 ) and the order N is determined 


using Eq. (16.15). The poles are found using the graphi¬ 
cal construction of Fig. 16.10, and the transfer function 
is given by Eq. (16.16). 

a The 1 hebyshev filter approximation provides a low-pass 
response that is equiripple in the passband with the trans¬ 
mission decreasing monotonically in the stopband. All the 
transmission zeros are at j = “. Eq. (16,18) gives |7l in the 
passband and Eq. (16.19) gives 71 in the stopband, where 
€ is given by Eq. (16.21). The order N can be determined 
using Eq. (16.22). The poles are given by Eq. (16.23) and 
the transfer function by Eq. (16.24). 

■ Figures 16.13 and 16.14 provide a summary of first- 
order filter functions and their realizations. 

■ Figure 16.16 provides the characteristics of seven spe¬ 
cial second-order filtering functions. 

■ The second-order LCR resonator of Fig. 16.17(a) real¬ 
izes a pair of complex-conjugate poles with a ^ = 
1/JlC and Q = co^CR. This resonator can be used to 
realize the various special second-order filtering func¬ 
tions, as shown in Fig, 16.18. 

m By replacing the inductor of an LCR resonator with a sim¬ 
ulated inductance obtained using the Antoniou circuit of 
Fig. 16.20(a), the op amp-RC resonator of Fig. 16.21(b) is 
obtained. This resonator can be used to realize the various 
second-order filter functions as shown in Fig. 16.22. The 
design equations for these circuits are given in Table 16.1. 
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■ Biquads based on the two-integrator-loop topology are 
the most versatile and popular second-order filter real¬ 
izations, There are two varieties: the KHN circuit of 
Fig. 16.24(a), which realizes the LP, BP, and HP func¬ 
tions simultaneously and can be combined with the out- 

m 

put summing amplifier of Fig. 16.28(b) to realize the 
notch and all-pass functions; and the Tow—Thomas cir¬ 
cuit of Fig. 16.25(b), which realizes the BP and LP func¬ 
tions simultaneously. Feedforward can be applied to the 
Tow-Thomas circuit to obtain the circuit of Fig. 16.26, 
which can be designed to realize any of the second- 
order functions (see Table 16.2), 

a Single-amplifier biquads (SABs) are obtained by plac¬ 
ing a bridged-T network in the negative-feedback path 
of an op amp. If the op amp is ideal, the poles realized 
are at the same locations as the zeros of the RC net¬ 
work. The complementary' transformation can be 
applied to the feedback loop to obtain another feed¬ 
back loop having identical poles. Different transmis¬ 
sion zeros are realized by feeding the input signal to 
circuit nodes that are connected to ground. SABs are 
economic in their use of op amps but are sensitive to 


the op-amp nonidealities and 
applications (Q < 10). 


are thus lim >ted to low-Q 


■ The classical sensitivity function 



^ t notolerant a filter 
circuit ,s to the unavoidable inaccuracies in con™,* 

values and to the nonidealities of the op amps. ? 


. Swttched-capacitor (SC) filters are based on the p„„ c i D | e 
that a capacitor C. periodically switched between ,wo ci 
cuit nodes at a high rate./,, is equivalent to a resistance S 
- 1/C/, connecting the two circuit nodes. SC filters can be 
fabricated in monolithic form using CMOS 1C technology 

• Tuned amplifiers utilize LC-tuned circuits as loads, or ai 
the input, of transistor amplifiers. They are used in the 
design of the RF tuner and the IF amplifier of communi- 
cation receivers. The cascode and the CC-CB cascade 
configurations are frequently used in the design of tuned 
amplifiers. Stagger-tuning the individual tuned circuits 
results in a flatter passband response » in comparison to that 
obtained with all the tuned circuits synchronously tuned). 





Computer Simulation Problems 


SIM 


Problems involving design are marked with D throug 
out the text. As well, problems are marked with asterisks 
describe their degree of difficulty. Difficult problems a 
marked with an asterisk (*); more difficult problems wi 
two asterisks (**); and very challenging and/or time-co 
suming problems with three asterisks (***). 


Section 16.1: Filter Transmission, Types and 

Specification 

16.1 The transfer function of a first-order low-pass filter 
(such as that realized by an RC circuit) can be expressed as 

F(s) = a Q /( s + a) 0 ), where fifc is the 3-dB frequency of the 
filter. Give in table form the values of 171, & G, and A at <y = 
0,0.5^, cq,, 2<0b, 5 cq,, lOttfc, and lOOafc. 

*^>,2 A filter has the transfer f unctio n T{s) = \/ [($ + i) 

+ 5 + W Show that 171 = Ji+af and find an expres¬ 
sion for its phase response $co). Calculate the values of |r| 


and <p for Q) = 0.1, I, and 10 rad/s and then find the output 
corresponding to each of the following input signals: 

(a) 2 sin 0.1/ (volts) 

(b) 2 sin t (volts) 

(c) 2 sin 10/ (volts) 

16.3 For the filter whose magnitude response is sketched 
(as the colored curve) in Fig. 16.3, find [71 at co= 0, f»= ft),, 
and m= co s . zt max = 0.5 dB, and A min = 40 dB. 

D 16.4 A low-pass filter is required to pass all signals 
within its passband, extending from 0 to 4 kHz, with a trans¬ 
mission variation of at most 10% (i.e., the ratio of the maxi¬ 
mum to minimum transmission in the passband should not 
exceed 1.1). The transmission in the stopband, which extends 
from 5 kHz to <», should not exceed 0.1% of the maximum 
passband transmission. What are the values of 4 mav 4 mini 
and the selectivity factor for this filter? 

16.5 A low-pass filter is specified to have 4 max ~ 

and ^min = 10 dB. It is found that these specifications can 
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be just met with a single-time-constant RC circuit having 
a time constant of 1 s and a de transmission of unity What 

must co p and 6> s of this filter be? What is the selectivity 
factor? 

16.6 Sketch transmission specifications for a high-pass fil¬ 
ter having a passband defined by/> 2 kHz and a stopband 
defined by/ — 1 kHz. .4 max — 0.5 dB, and /l m j n = 50 dB. 

16.7 Sketch transmission specifications tor a bandstop 
filter that is required to pass signals over the bands 0 < f< 
10 kHz and 20 kHz </< - with zl max of 1 dB. The stopband 
extends from/ = 12 kHz to/= 16 kHz, with a minimum 
required attenuation of 40 dB. 

Section 16.2: The Filter Transfer 
Function 

16.8 Consider a fifth-order filter whose poles are all at a 
radial distance from the origin of 10' rad/s. One pair of 
complex conjugate poles is at 18° angles from the jco axis, 
and the other pair is at 54° angles. Give the transfer func¬ 
tion in each of the following cases: 

(a) The transmission zeros are all at s - ~ and the de gain 
is unity. 

(b) The transmission zeros are all at s - 0 and the high- 
frequency gain is unity. 

What type of filter results in each case? 

16.9 A third-order low-pass filter has transmission zeros at 
(o - 2 rad/s and co = Its natural modes are at s = -I 
and s = -0.5 ± /0.8. The dc gain is unity. Find TH). 

16.10 Find the order N and the form of T(s) of a bandpass 
filter having transmission zeros as follows: one at co = 0, 
one at O) - 10 3 rad s. one at 3 x 10 3 rad/s, one at 6 x 10 3 
rad/'s, and one at co = II this filter has a monotonically 
decreasing passband transmission with a peak at the center 
frequency of 2 X 10 3 rad/s, and equiripple response in the 
stopbands, sketch the shape of its (71. 

*16.11 Analyze the RLC network of Fig. P16.ll to deter¬ 
mine its transfer function V 0 (s)l¥£s) and hence its poles and 
zeros. {Hint: Begin the analysis at the output and work your 
way back to the input.) 



Section 16.3: Butterworth and 
Chebyshev Filters 

D 16.12 Determine the order N of the Butterworth filter 
tor which 4 max = 1 .nl, 4 mjri > 20 dB, and the selectivity 
ratio oj s / (o p = 1.3. What is the actual value of minimum 
stopband attenuation realized? If -4 m j n is to be exactly 20 
dB, to what value can 4 m iv he reduced? 

16.13 Calculate the value of attenuation obtained at a 

frequency 1.6 times the 3-dB frequency of a seventh-order 
Butterw orth filter. 

16.14 Find the natural modes of a Butterworth filter with a 
1 -dB bandwidth of I O ' rad''s and N = 5. 

D 16.15 Design a Butterworth filter that meets the follow¬ 
ing low-pass specifications: f p = 10 kHz, 4 mav = 2 dB,/ s 
= 15 kHz, and 4 min = 15 dB. Find N, the natural modes, 
and T(s). What is the attenuation provided at 20 kHz? 

‘16.16 Sketch 171 for a seventh-order low-pass Chebyshev 
filter with (O p = 1 rad/s and 4 max = 1 dB. Use Eq. (16.18) to 
determine the values of at a t which 171 = 1 and the values of 
co at which |71 = \/J\ + e 2 . Indicate these values on your 
sketch. Use Eq. (16.19) to determine |71 at co= 2 rad/s, and 
indicate this point on your sketch. For large values of ca at 
what rate (in dB/octave) does the transmission decrease? 

16.17 Contrast the attenuation provided by a fifth-order 
Chebyshev filter at 0) s = 2 to p to that provided by a Butter- 
worth filter of equal order. For both, 4 max = 1 dB. Sketch 
171 for both filters on the same axes. 

D 16.18 It is required to design a low-pass filter to meet 
the following specifications: f p = 3.4 kHz, 4 max = 1 dB,/ s 
= 4 kHz, 4 min = 35 dB. 

(a) Find the required order of Chebyshev filter. What is the 
excess (above 35 dB) stopband attenuation obtained' 1 

(b) Find the poles and the transfer function. 

Section 16.4: First-Order and 
Second-Order Filter Functions 

D 16.19 Use the information displayed in Fig. 16.13 to 
design a first-order op amp-RC low-pass filter having a 3- 
dB frequency of 10 kHz, a dc gain magnitude of I'D, and an 
input resistance of 10 kfl 

D 16.20 Use the information given in Fig. 16.13 to design 
a first-order op amp—RC high-pass filter with a 3-dB fre¬ 
quency of 100 Hz, a high-frequency input resistance of 100 
kfl and a high-frequency gain magnitude ot unity. 

D *16.21 Use the information given in Fig. 16.13 to design 
a first-order op amp-RC spectrum-shaping network with a 
transmission zero frequency of 1 kHz. a pole frequency 


Figure P16.11 
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of 100 kHz, and a dc gain magnitude of unity. The low- 
frequency input resistance is to be 1 kll What is the high-fre¬ 
quency gain that results? Sketch the magnitude of the trans¬ 
fer function versus frequency. 

D 16.22 By cascading a first-order op amp-RC low-pass 
circuit with a first-order op amp-RC high-pass circuit, one 
can design a wideband bandpass filter. Provide such a design 
for the case in which the midband gain is 12 dB and the 3-dB 
bandwidth extends from 100 Hz to 10 kHz. Select appropri¬ 
ate component values under the constraint that no resistors 
higher than 10" ki2 are to be used and that the input resis¬ 
tance is to be as high as possible. 

D 16.23 Derive 71(5) for the op amp-RC circuit in Fig. 
16.14. We wish to use this circuit as a variable phase shifter 
by adjusting R. If the input signal frequency is JO' 4 rad/s and 
if C = 10 nF, find the values of R required to obtain phase 
shifts of -30°, -60°, -90°, -120°, and -150°. 

16.24 Show that by interchanging R and C in the op amp- 
RC circuit of Fig. 16.14, the resulting phase shift covers the 

range 0 to 180° (with 0° at high frequencies and 180° at low 
frequencies). 

16.25 Use the information in Fig. 16.16(a) to obtain the 
transfer function of a second-order low-pass filter with = 
10 rad/s, Q= 1, and dc gain = 1. At what frequency does 
I71 peak? What is the peak transmission? 

D *16.26 Use the information in Fig. 16.16(a) to obtain 
the transfer function of a second-order low-pass filter that 
just meets the specifications defined in Fig. 16.3 with 0 ) y = I 
rad/s and ,4 max = 3 dB. Note that there are two possible 
solutions. For each, find and Q. Also, if (O s = 2 rad/s, 
find the value of /f min obtained in each case. 

D **16.27 Use two first-order op amp-RC all-pass cir¬ 
cuits in cascade to design a circuit that provides a set of 
three-phase 60-Hz voltages, each separated by 120° and 
equal in magnitude, as shown in the phasor diagram of Fig. 
PI6.27. These voltages simulate those used in three-phase 
power transmission systems. Use 1-pF capacitors. 



16.28 Use the information given in Fig. 16.16(b) , 0 find th 
transfer function ot a second-order high-pass fii J L d 
ra, modes at -0, ± ,V3/2 and a 

D •-16.29 (a) Show that |T| of a second-order banH 
function is geometrically symmetrical around the r 
frequency a*. That is, the members of each 
frequenctes ®, and m 2 for which |r(y«i,)| = | n ,T 
related by a)\ (o 2 = 


(b) Find the transfer function of the second-order bandog 
filter that meets specifications of the form in Fit; \u 
wtee a) pl = 8100 rad/s, co p2 = 10,000 rad/s. and/ -, 
dB. If w sl = 3000 rad/s find A min and co s2 . ' 

D *16.30 Use the result of Exercise 16.15 to find the trans 
fer function of a notch filter that is required to eliminate a 
bothersome interference of 60-Hz frequency. Since the fre¬ 
quency of the interference is not stable, the filter should be 
designed to provide attenuation >20 dB over a 6-Hz band 

centered around 60 Hz. The dc transmission of the filter is to 
be unity. 


16.31 Consider a second-order all-pass circuit in which 
errors in the component values result in the frequency of 
the zeros being slightly lower than that of the poles. 
Roughly sketch the expected |7'|. Repeat for the case of the 
frequency of the zeros slightly higher than the frequency of 
the poles. 

16.32 Consider a second-order all-pass filter in which 
errors in the component values result in the Q factor of the 
zeros being greater than the Q factor of the poles. Roughly 
sketch the expected |rj. Repeal for the case of the Q factor 
ot the zeros lower than the Q factor of the poles. 

Section 16.5: The Second-Order 
LCR Resonator 

D 16.33 Design the LCR resonator of Fig. 16.17(a) to obtain 
natural modes with tfq, - 10 4 rad/s and (7 = 2. Use R = If kU 

16.34 For the LCR resonator of Fig. 16.17(a). find the 
change in that results from 

(a) increasing L by 1% 

(b) increasing C by 1% 

(c) increasing R by 1% 

16.35 Derive an expression for V 0 (s)/V[(s) of the high-pass 
circuit in Fig. 16.18(c). 

D 16.36 Use the circuit of Fig. 16.18(b) to design a 
low-pass filter with oy - 10 5 rad/s and Q= 1/^5• Utilize 
a 0.01-pF capacitor. 

D 16.37 Modify the bandpass circuit ot Fig. 16.18(d) to 
change its center-frequency gain from 1 to 0.5 without 
changing a or Q. 


Figure P16.27 
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16.38 Consider the LCR resonator of Fig. 16.17(a) with 
node x disconnected from ground and connected to an input 
signal source V x , node y disconnected from ground and 
connected to another input signal source V y and node z dis¬ 
connected from ground and connected to a third input sig¬ 
nal source V z . Use superposition to find the voltage that 
develops across the resonator, V 0> in terms of V r , V„ and V 

16.39 Consider the notch circuit shown in Fig 16.18(1). 
For what ratio ot Lj to L 2 does the notch occur at 0.9ft>»? 
For this case, what is the magnitude of the transmission at 
frequencies ^o^? At frequencies >03$ 

Section 16.6: Second-Order Active 
Filters Based on Inductor Replacement 

D 16.40 Design the circuit of Fig. 16.20 (utilizing suit¬ 
able component values) to realize an inductance of (a) 10 H. 
(b) 1 H, and (c) 0.1 H. 

*16.41 Starting from first principles and assuming ideal op 
amps, derive the transfer function of the circuit in Fig. 
16.22(a). 

D *16.42 It is required to design a fifth-order Butterworth 
filter having a 3-dB bandwidth of 10 4 rad/s and a unity dc 
gain. Use a cascade of two circuits of the type shown in 
,: ig. 16.22(a) and a first-order op amp-RC circuit of the 
type shown m I fig. 16.13(a). Select appropriate component 
values. 

D 16,43 Design the circuit of Fig. 16.22(e) to realize an 
LPN function with To = 4 kHz,/, = 5 kHz, Q = 10, and a 
unity dc gain. Select C 4 = 10 nF. 

D 16.44 Design the all-pass circuit of Fig. 16.22(g) to 
provide a phase shift of 180 at/= 1 kHz and to have Q- 1. 
Use 1-nF capacitors. 

16.45 Consider the Antoniou circuit of Fig. 16.20(a) with 
/? 5 eliminated, a capacitor Q, connected between node I 
and ground, and a voltage source I 2 connected to node 2 . 
Show that the input impedance seen by 1 2 ' s ^ 
s~C A C b R\Ry How does this impedance behave for physical 
frequencies (s — jo))7 (This impedance is known as a fre¬ 
quency-dependent negative resistance, or FDNR.) 

D 16.46 Using the transfer function of the LPN filter, 
given in Table 16.1, derive the design equations also given. 

D 16.47 Using the transfer function of the FIPN filter, 
given in Table 16.1, derive the design equations also given, 

D **16.48 It is required to design a third-order low-pass 
filter whose \T\ is equiripple in both the passband and the 
stopband (in the manner shown in Fig. 16.3, except that the 
response shown is for A = 5). The filter passband extends 
from m - 0 to (O = 1 rad/s, and the passband transmission 
varies between 1 and 0.9. The stopband edge is at 10 1 ■- 


rad/s. The following transfer function was obtained using 
filter design tables: 

j-j v j _ _ 0.4508 (s* - + 1.69%) _ 

(s + 0.7294 )(s 2 + 50.2786 + 1.0504) 

The actual filter realized is to have 0 ) = 10 4 rad/s. 

(a) Obtain the transfer function of the actual filter by 
replacing 5 by .v/lO 4 . 

(b) Realize this filter as the cascade connection of a first- 
order LP op amp-RC circuit of the type shown in Fig. 
16.13(a) and a second-order LPN circuit of the type 
shown in Fig. 16.22(e). Each section is to have a dc gain 
ot unity. Select appropriate component values. (Note: A 
filter with an equiripple response in both the passband 
and the stopband is known as an elliptic filter.) 

Section 16.7: Second-Order Active 
Filters Based on the Two-Integrator-Loop 
Topology 

D 16.49 Design the KHN circuit of Fig. 16.24(a) to real¬ 
ize a bandpass filter with a center frequency of 1 kHz and a 
3-dB bandwidth of 50 Hz. Use 10-nF capacitors. Give the 
complete circuit and specify all component values. What 
value of center-frequency gain is obtained? 

D 16,50 (a) Using the KHN biquad with the output sum¬ 
ming amplifier of ‘ : ig. 16.24(b). show that an all-pass func¬ 
tion is realized by selecting R/ = = R B /Q . Also show 

that the flat gain obtained is KR F /R H . 

(b) Design the all-pass circuit to obtain ftJf) = 10 4 rad/s, Q = 
2, and flat gain = 10. Select appropriate component values. 

D 16.51 Consider a notch filter with co„ - a ^ realized by 
using the KHN biquad with an output summing amplifier. If 
the summing resistors used have 1% tolerances, what is the 
worst-case percentage deviation between co n and rq?? 

D 16.52 Design the circuit of Fig. 16.26 to realize a low- 
pass notch filter with rqj = 10 4 rad/s, Q = 10, dc gain - 1, 
and w„ = 1.2 x 10 4 rad/s. Use C = 10 nF and r = 20 kSl. 

D 16.53 In the all-pass realization using the circuit of 
Fig. 16.26. which component*s) does one need to trim to 
adjust (a) only co : and (b) only Q?. 

D **16.54 Repeat Problem 16.48 using the Tow-7 liomas 
biquad of Fig. 16.26 to realize the second-order section in 

the cascade. 

Section 16.8: Single-Amplifier Biquadratic 

Active Filters 

D 16.55 Design the circuit of Fig. 16.29 to realize a pair 
of poles with = 10 4 rad/s and Q - I a/ 2 . Use C\-Ci - 1 

nF. 
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16.56 Consider the bridged-T network of Fig. 16.28(a) 
with R 3 = R 4 - R and C\ = Q = C, and denote CR - r. Find 
the zeros and poles of the brtdged*T network. If the net¬ 
work is placed in the negative-feedback path of an ideal 
infinite-gain op amp, as in Fig. 16.29, find the poles of the 
closed-loop amplifier. 

*16.57 Consider the bridged-T network of Fig. 16.28(b) 
with /?] = R 2 = R, C 4 = C, and C 3 = C/16. Let the network 
be placed in the negative-feedback path of an infinite-gain 
op amp and let C '4 be disconnected from ground and con¬ 
nected to the input signal source V v Analyze the resulting 
circuit to determine its transfer function V 0 {s)!Vj{s\ where 
1 a (.s ) is the voltage at the op-amp output. Show' that the circuit 
realized is a bandpass filter and find its Q, and the center- 
frequency gain. 

D **16.58 Consider the bandpass circuit shown in 
Fig. 16.30a. Let C, = C 2 = C, R 3 = R,R 4 = R/4Q 2 , CR = 

2 £?/ co 0 , and a= 1 . Disconnect the positive input terminal 
of the op amp from ground and apply Ij through a voltage 
divider R j, /? 2 to the positive input terminal as well as 
through R 4 /a as before. Analyze the circuit to find its trans¬ 
fer function V 0 /V i . Find the ratio R 1 /R ] so that the circuit 
realizes (a) an all-pass function and (b) a notch function 
Assume the op amp to be ideal. 

D *16.59 Derive the transfer function of the circuit in 
Fig. 16.33(b) assuming the op amp to be ideal. Thus show 
that the circuit realizes a high-pass function. What is the high- 
frequency gain of the circuit? Design the circuit for a maxi¬ 
mally flat response with a 3-dB frequency of I0 3 rad/s. Use 

C\ - C 2 - 10 nF. {Hint: For a maximally flat response. 

Q = \/Jl and = a ^.) 

D *16.60 Design a fifth-order Butterworth low-pass filter 
with a 3-dB bandwidth of 5 kFIz and a dc gain of unity 
using the cascade connection of two Sallen-and-Key cir¬ 
cuits (Fig. 16.34c) and a first-order section (Fig. 16.13ai 
Use a 10-kQ value for all resistors. 

16.61 The process ot obtaining the complement of a trans¬ 
fer function by interchanging input and ground, as illus¬ 
trated in Fig. 16.31, applies to any general network (not just 
RC networks as shown). Show that if the network n is a 
bandpass with a center-frequency gain of unity, then the 
complement obtained is a notch. Verify this by using the 

RLC circuits of Fig. 16. 1 8(d) and (e). 

Section 16.9: Sensitivity 

16.62 Evaluate the sensitivities of and Q relative to R 
L, and C of the bandpass circuit in Fig. 16.18(d). 

*16.63 Verify the following sensitivity identities: 


(a) If v = uv, then S' x = V t ' + s v x . 

(b) If v = u/v, then = s“ -S v 

(c) If v = Am, where A is a constant, then S v = f 

(d) Ify = n n , where n is a constant, then ? = 

(e) If y — f\{u) and u =/ 2 (*), then $ v x = 


i, 16 - 64 ., For . the l ’ lgh -P ass filter of Fig. (6.33(b), whatare 

the sensitivities of a*, and Q to amplifier gain A ? 


16.65 For the feedback loop of Fig. 16.34(a) use the 
express,ons ,n Eqs. (16.77) and (16.78) , 0 de ,enni„e, 

sensitivities of a* and Q relative to all passive component 
for the design in which/?, =/?-,. P s 


16.66 For the op arnp-RC resonator of Fig. 16 21(b) use 

the expressions for a* and Q given in the top row of 

Table 16.1 to determine the sensitivities of tq, and 0 to all 
resistors and capacitors. 


Section 16.10: Switched-Capacitor 
Filters 


16.67 For the switched-capacitor input circuit of 
Fig. 16.35(b), in which a clock frequency of 100 kHz is 
used, w'hat input resistances correspond to capacitance Cj 
values of I pF and 1 0 pF? 

16.68 For a dc voltage of 1 V applied to the input of the cir¬ 
cuit of Fig. 16.35(b), in which C; is 1 pF, what charge is 
transferred for each cycle of the two-phase clock? For a 
100-kHz clock, what is the average current drawn from the 
input source? For a feedback capacitance of 10 pF. what 
change would you expect in the output for each cycle of 
the clock? For an amplifier that saturates at ±10 V and the 
feedback capacitor initially discharged, how many clock 
cycles would it take to saturate the amplifier? What is the 
average slope of the staircase output voltage produced? 

D 16.69 Repeat Exercise 16.31 for a clock frequency 
of 400 kHz. 


D 16.70 Repeat Exercise 16.31 for £2 = 40. 

D 16.71 Design the circuit of Fig. 16.37(b) to realize, at the 
output of the second (noninverting) integrator, a maximally 
flat low-pass function with 6 >}dB = 10 4 rad/s and unity dc gain. 
Use a clock frequency f c = 100 kHz and select C\ = Q - 
10 pF. Give the values of C 3 , (.’4, C 5 , and Q. (Him: Foramax- 
imally flat response, Q - \/Jl and 66 dB = fifr) 

Section 16.11: Tuned Amplifiers 

*16.72 A voltage signal source w ith a resistance /? s = 10 kfl 
is connected to the input of a common-emitter BJT amplif |er 
Between base and emitter is connected a tuned circuit with 
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I = 1 pH and C - 200 pF. The transistor is biased at 1 mA 
and has /?= 200, C ff = 1 0 pF, and C M = 1 p F. The transistor 
load is a resistance of 5 kQ. Find Q , the 3-dB bandwidth, 
and the center-frequency gain ot this single-tuned amplifier 

16.73 A coil having an inductance of 10 pH is intended 
for applications around 1-MHz frequency. Its Q is specified 
to be 200. Find the equivalent parallel resistance R„ What 
is the value of the capacitor required to produce reso¬ 
nance at l MHz? What additional parallel resistance is 
required to produce a 3-dB bandwidth of 10 kHz? 

16.74 An inductance of 36 pH is resonated with a 1000- 
pF capacitor. If the inductor is tapped at one-third of its 
turns and a 1 -kU resistor is connected across the one-third 
part, find /o and Q of the resonator. 

*16.75 Consider a common-emitter transistor amplifier 
loaded with an inductance L. Ignoring r 0 and r r show that 
for a)C u <§ \/o)L , the amplifier input admittance is given by 


K in “ ( ~ - C M L Sm) +jaxc„ + C M ) 

r ft 


(Note: The real part of the input admittance can be nega¬ 
tive. This can lead to oscillations.) 


*16.76 (a) Substituting .v = jo) in the transfer function T(s) 
of a second-order bandpass filter (see Fig. 16.16c), find 
\T(Jq})\ . For co in the vicinity of 06 [i.e., 0) = Ofo + Sct>- 
06(I + So)/(o Q ), where Sa)/6i 0 < l so that 
af — o)l(1 + 2 Sw/ojq) ], show that, for Q>\, 


\T(jo»\ = 


\T(jm Q )\ 

J] + 4Q 2 (6(o/co 0 ) 2 


(b) Use the result obtained in (a) to show that the 3-dB 
bandw idth B , of N synchronously tuned sections connected 
in cascade,is 


B = (o > 0 



**16.77 (a) Using the fact that for Q >\ the second-order 
bandpass response m the neighborhood of 06 is the same 
as the response of a tirst-order low-pass with x-dB 
frequency of (cO q/2Q ), show that the bandpass response at 
co = <y (| + <5zo, for Sco ^ o> 0 , is given by 


I row, | - l^'l 

J\ + 4Q‘(<5aj/ct) o y 

(b) Use the relationship derived in (a) together with Eq. 
(16.110) to show that a bandpass amplifier with a 3-dB 
bandw idth B, designed using N synchronously tuned stages, 
has an overall transfer function given by 


T(jco) | 


l^olL 


overall 


overall 


[1 + 4(2 l Af - l)(Sat/B) 2 ] N/2 


(c) Use the relationship derived in (b) to find the attenua¬ 
tion (in decibels) obtained at a bandwidth 2 B for A’= 1 to 5. 
Also find the ratio of the 30-dB bandwbdth to the 3-dB 
bandwidth for N = 1 to 5. 


*16.78 This problem investigates the selectivity of maxi¬ 
mally flat stagger-tuned amplifiers derived in the manner 
illustrated in Fig. 16.48. 


(a) The low-pass maximally flat (Butterworth) filter hav¬ 
ing a 3-dB bandw idth B/2 and order A' has the magnitude 

response 



where Q = Im(p) is the frequency in the low-pass domain. 
(This relationship can be obtained using the information 
provided in Section 16.3 on Butterworth filters.) Use this 
expression to obtain for the corresponding bandpass filter 
at (0= 66 + where Scd^cOq , the relationship 



2N 



(b) Use the transfer function in (a) to find the attenuation 
(in decibels) obtained at a bandwidth of 2 B for N = 1 to 5. 
Also find the ratio of the 30-dB bandwidth to the 3-dB 

bandwidth forA f = 1 to 5. 

**16.79 Consider a sixth-order, stagger-tuned bandpass 
amplifier with center frequency 06 and 3-dB bandwidth B. 
The poles are to be obtained by shifting those of the third- 
order maximally flat low-pass filter, given in Fig. 16.10(c). 
For each of the three resonant circuits, find 66 ’ 3-dB 

bandwidth, and Q. 
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IN THIS CHAPTER YOU WILL LEARN 


hv/ rnnn^rHnn f 3 t waves can oe implemented 

path of an amplifi^"^' in the P^'^ve-feedback 



The conditions under which sustained oscillations 
frequency of the oscillations. 


are obtained and the 


3. How to design nonlinear circuits to control the amplitude of the sine 
wave obtained in a linear oscillator 

4. A variety of circuits for implementing a linear sine-wave oscillator 

5. How op amps can be combined with resistors and capacitors to imple¬ 
ment precision multivibrator circuits. 


6. How a bistable circuit can be connected in a feedback loop with an op- 

amp integrator to implement a generator of square and triangular 
waveforms. 


7. The application of one of the most popular 1C chips of all time, the 555 
timer, in the design of generators of pulse and square waveforms. 

8. How a triangular waveform can be shaped by a nonlinear circuit to pro¬ 
vide a sine waveform. 


9. How op amps and diodes can be combined to implement a variety of 
high-precision rectifier circuits. 



Introduction 

In the design of electronic systems, the need frequently arises for signals having prescribed 
standard waveforms, for example, sinusoidal, squaie, triangular, or pulse. Systems in which 
standard signals are required include computer and control systems where clock pulses are 

needed for, among other things, timing; conimu m cat a >n 1 cm A - ! 1 1 U111L 

of waveforms are utilized as information carriers; and test and measurement systems where 
signals, again of a variety of waveforms, are employed for testing and characterizing elec¬ 
tronic devices and circuits. In this chapter we study signal-generator circuits. 
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There are two distinctly different approaches for the generation of sinusoids 
most commonly used of the standard waveforms. The first approach studied ' ^ pe ™ ps to 
to 17.3, employs a positive-feedback loop consisting of an amplifier and e p IOns17,1 
frequency-selective network. The amplitude of the generated sine waves is limit d * LC 
using a nonlinear mechanism, implemented either with a separate circuit or using th * ^ ° r Set ' 
ities of the amplifying device itself. In spite of this, these circuits, which generate^" 1111 ^ 
utilizing resonance phenomena, are known as linear oscillators. The name clear! > d* - 
them from the circuits that generate sinusoids by way of the second approach. In these lngUlSlles 
sine wave is obtained by appropriately shaping a triangular waveform. We study wa^f ^ 3 
shaping circuits in Section 17.8, following the study of triangular-waveform generators^ ^ 
Circuits that generate square, triangular, pulse (etc.) waveforms, called nonli 
oscillators or function generators, employ circuit building blocks known as multivibrat^ 
There are three types of multivibrator: the bistable (Section 17.4), the astable (Section 175 !' 
and the monostahle (Section 17.6). The multivibrator circuits presented in this cha ter 
employ op amps and are intended for precision analog applications. Bistable and 
monostable multivibrator circuits using digital logic gates were studied in Chapter 15 
A g en eral and versatile scheme for the generation of square and triangular waveforms is 
obtained by connecting a bistable multivibrator and an op-amp integrator in a feedback loop 
" Section 17.5). Similar results can be obtained using a commercially available versatile IC 
chip, the 555 timer (Section 17.7). The chapter includes also a study of precision circuits that 
implement the rectifier functions introduced in Chapter 4. The circuits studied here (Section 

17.9), however, are intended for applications that demand precision, such as in instrumenta¬ 
tion systems, including waveform generation. 


17.1 Basic Principles of Sinusoidal Oscillators 

In this section, we study the basic principles ot the design of linear sine-wave oscillators. In 
spite ot the name linear oscillator, some form ot nonlinearity has to be employed to provide 
control of the amplitude of the output sine wave. In fact, all oscillators are essentially non¬ 
linear circuits. This complicates the task ot analysis and design of oscillators: No longer is 
one able to apply transform (.s-plane) methods directly. Nevertheless, techniques have been 
developed by which the design ot sinusoidal oscillators can be performed in two steps: The 
first step is a linear one, and frequency-domain methods of feedback circuit analysis can 

be readily employed. Subsequently, a nonlinear mechanism for amplitude control can be 
provided. 


17.1,1 The Oscillator Feedback Loop 

The basic structure of a sinusoidal oscillator consists of an amplifier and a frequency- 
selective network connected in a positive-feedback loop, such as that shown in block 
diagram form in Fig. 17.1. Although no input signal will be present in an actual oscillator 
circuit, we include an input signal here to help explain the principle of operation. It is impor¬ 
tant to note that unlike the negative-feedback loop of Fig. 10.1, here the feedback signal*, is 
summed w ith a positive sign. Thus the gain-with-feedback is given by 



A(s ' 

1 -A(s)pis) 


where we note the negative sign in the denominator. 


(17.1) 
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fief and a frequency-selec^enetworVl'.' n d i A pos,tiv e-feedback loo P is formed b y ampli- 

input signal * is employed to help expla^Cc^oS^ "° ^ ^ ^ ** ■""* ^ “ 

A ccor d m g to the definition of loop gain in Chapter 10 , the loop gain of the circuit in 

?' : IS ff^ 5 1 H ° wever ’ for our purposes here it is more convenient to drop the 

minus sign and define the loop gain L(s) as 


L{s) = A(s)p(s) 


(17.2) 


The characteristic equation thus becomes 


1 -i(5) = 0 


(17.3) 


Note that this new detinmon of loop gain 1 corresponds directly to the actual gain seen around 
the feedback loop of Fig. 17.1. 

17.1,2 The Oscillation Criterion 

If at a spec i tic frequencythe loop gain Aft is equal to unity, it follows from Eq. 1 17.1) that 
Aj- will be infinite. That is, at this frequency the circuit will have a finite output for zero input 
signal. Such a circuit is by definition an oscillator. Thus the condition for the feedback loop 
ot Fig. 17.1 to provide sinusoidal oscillations of frequency is 


L(jO) 0 ) = A{j co 0 )j3(j co 0 ) = 1 


(17.4) O 


That is, at co {) the phase of the loop gain should be zero and the magnitude of the loop gain 
should he unity. Phis is known as the Rarkhausen criterion. Note that for the circuit to 
oscillate at one frequency, the oscillation criterion should be satisfied only at one frequency 
(i.e., *y n ); otherwise the resulting waveform will not be a simple sinusoid. 

An intuitive feeling for the Barkhausen criterion can be gained by considering once more 
the feedback loop of Fig. 17.1. For this loop to produce and sustain an output x 0 with no 
input applied (x s = 0), the feedback signal x f 

x f = P*o 

should be sufficiently large that when multiplied by A it produces .r ( „ that is, 

Ax f = x 0 


1 For both the negative-feedback loop in Fig. 10.1 and the positive-feedback loop m Fig. 17.1. the loop 
gain L = Ad However, the negative sign with which the feedback signal is summed in the negative- 
feedback loop results in the characteristic equation being 1 + I = 0. In the positive-feedback loop, the 
feedback signal is summed with a positive sign, thus resulting in the character, Stic equation \-L = 0. 
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Figure 17.2 Dependence of the oscillator-frequency stability on the slope of the phase response A 

phase response (he., large d<f>/d(0) results in a small A<y 0 for a given change in phase M [resulting frnm 
change (due, for example, to temperature) in a circuit component]. 8 raa 


that is. 



which results in 


A/3= 1 

It should be noted that the frequency of oscillation co 0 is determined solely by the phase 
characteristics of the feedback loop; the loop oscillates at the frequency for which the phase is 
zero. It follows that the stability of the frequency of oscillation will be determined by the 
manner in which the phase (f>{(0) of the feedback loop varies with frequency. A u steep” func¬ 
tion tp{ (o) u ill result in a more stable frequency. This can be seen if one imagines a change in 

phase \0 due to a change in one ol the circuit components. If d<f)/dco is large, the resulting 
change in a) Q will be small, as illustrated in Fig. 17.2. 

An alternative approach to the study of oscillator circuits consists of examining the circuit 
poles, which are the roots of the characteristic equation (Eq. 17.3). For the circuit to pro¬ 
duce sustained oscillations at a frequency 0)q the characteristic equation has to have roots at 
s - ±y<y 0 . Thus 1 — A{s)fi{s) should have a factor of the form s ^ + co} } . 



Consider a sinusoidal oscillator formed of an amplifier with a gain of 2 and a second-order bandpass 

i ter rind the pole frequency and the center-frequency gain of the filter needed to produce sustained 
oscillations at 1 kHz. 

Ans. I kHz; 0.5 



inusoidal Oscillators T339 


17.1 Basic Principles of S 


17.1.3 Nonlinear Amplitude Control 


oscillations in a mathematical v P n^ u : „ , ’ J Ul s'-us sea, guarantees sustained 

PMcI ./.« * 7 -*! *" —— » 

suppose we work hard to make 1 at o) = co and th ° f 10 0ther WOrds ’ 

becomes slightly less than unity Obviously osHH f temperature changes and Ap 

^exceeds unity, oscillationTwillZwI; a „ Sde'we r ” C °" VerSely 

forcing AP to remain equal to unity 1 ,, , P e therefore need a mechanism for 

,• . ,, . " un - a} ! ' ie desired value of output amplitude This task k 

accomplished by providing a nonlinear circuit for gain control. 

Basically, the function of the gain-control mechanism is as follows: First to ensure that 
oscillations wil start, one desiens the rirmit cm-k ti * *a- . , , * ensure inai 

corresnonds to H™. . * ' such that A ^ a sll 8 h,| y greater than unity. This 

corresponds designing the circuit so that the poles are in the right halfof the 5 plane Thus 

as the power supply ,s turned on, oscillations will grow in amplitude. When the ampllde 

reaches the des.red level, the nonlinear network comes into action and causes the loop van, 

to be reduced to exactly unity. In other words, the poles will be -pulled back” to they® axis. 

This action will cause the circuit to sustain oscillations at this desired amplitude. If. for some 

reason, the loop gain is reduced below unity, the amplitude of the sine wave will diminish 

This will be detected by the nonlinear network, which will cause the loop gain to increase to 
exactly unity. 


s will be seen, there are two basic approaches to the implementation of the nonlinear 
amplitude-stabilization mechanism. The first approach makes use of a limiter circuit see 
Chapter 4), Oscillations are allowed to grow until the amplitude reaches the level to which 
the limiter is set. When the limiter comes into operation, the amplitude remains constant. 
Obviously, the limiter should be “soft’ to minimize nonlinear distortion. Such distortion, 
however, is reduced 1 \\ the filtering action of the frequency-selective network in the feed¬ 
back loop. In fact, in one ot the oscillator circuits studied in Section 17.2, the sine waves are 
hard limited, and the resulting square waves are applied to a bandpass filter present in the 
feedback loop. The “purity" of the output sine waves will be a function of the selectivity of 

this filter. That is, the higher the Q of the filter, the less the harmonic content of the sine- 
wave output. 

The other mechanism for amplitude control utilizes an element whose resistance can 
be control led by the amplitude of the output sinusoid. By placing this element in the feed¬ 
back circuit so that its resistance determines the loop gain, the circuit can be designed to 
ensure that the loop gain reaches unity at the desired output amplitude. Diodes, or JJ ETs 
operated in the triode region . 2 are commonly employed to implement the controlled- 
resistance element. 


17.1.4 A Popular Limiter Circuit for Amplitude Control 

We conclude this section by presenting a limiter circuit that is frequently employed for the 
amplitude control of op-amp oscillators, as well as in a variety of other applications. The cir¬ 
cuit is more precise and versatile than those presented in C hapter 4. 

The limiter circuit is shown in Fig. 17.3(a), and its transfer characteristic is depicted in 
Fig. 17.3(b) To see how the transfer characteristic is obtained, consider first the case of a 
small (close to zero) input signal V{ and a small output voltage so that is positive and 
Vq is negative. It can be easily seen that both diodes D\ and D 2 will be off. Thus all of the 


2 We have not studied JFETs in this book. However, the disk accompanying the book includes material 
on JFETs and JFET circuits. The same material can also be found on the book s website. 
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F i9 u r e ^7 (a) A popular limiter circuit, (b) Transfer characteristic of the limiter circuit; and Z.+ are 

gtven y Eqs. (17.8) and (17.9), respectively, (c) When R, is removed, the limiter turns into a comparator 
with the characteristic shown. 

i 

input current v J /R ] flows through the feedback resistance /?,, and the output voltage is given 
by 


Vo ~ ~(Rf/R\)Vi 

This is the linear portion of the limiter transfer characteristic in Fig, 17.3(b). We now can use 
superposition to find the voltages at nodes A and B in terms of ±V and i>q as 


v 


A 


r/ R i , . *2 

R 2 + R} Rt + R 


i 


(17.6) 
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v 8 = -V 


*4 


+ v 


R 


5 


R 4 + R, ' "X + R 


(17.7) 


and We See fr0m Eq - (l7 ' 7) that * will 

becomes less positive. Then, if we continue to i quatl0n (17 * 6 ^ shows . however, that v A 
reached at which v A becomes -0.7 V a h Vh 3 negatlve value of v o will be 

voltage-drop model for D y and denote the voltage dron ^th^ ^ ^ 7* *** C ° n ^ tant_ 
denote L_ q ‘ ? ’ 6 ' ThlS ,S the ne 8 at,ve limiting level, which we 


L = 


R x f 

3 ¥/ 


- F-i _ t 

R, ** 




I + 


*3 

R, 


(17.8) 


The corresponding value ofu ( can be found by dividing L .by the limiter gain -It/ft,. If„, is 
increased beyond this value, more current is injected into D„ and v A remains at approxi¬ 
mately i 0 . Thus the current through R 1 remains constant, and the additional diode current 
flows through 1 * 3 . Thus R, appears in effect in parallel with R„ and the incremental gain 
(ignoring the diode resistance) is -(R^RJ/R,. To make the slope of the transfer characteris- 
tic small in the limiting region, a low value should be selected for R 

The transfer characteristic for negative v } can be found in a manner identical to that 

just employed. It can be easily seen that tor negative v h diode D : plays an identical role 

to that played by diode £>, for positive v,. We can use Eq. (17.7) to find the positive limit¬ 
ing level L + 


L ' =V R 5 + r °i i+ R s ) < l7 ' 9 > 

and the slope of the transfer characteristic in the positive limiting region is -{R f ||fl. i //?,. We 
thus see that the circuit of Fig. 17.3(a) functions as a soft limiter, with the limiting levels 
Z, + aind L _, and the limiting gains independently adjustable by the selection of appropriate 
resistor values. 

Finally, we note that increasing /^results in a higher gain in the linear region while 
keeping L + and L_ unchanged. In the limit, removing /^altogether results in the transfer 
characteristic of Fig. 17.3(c), which is that of a comparator. That is, the circuit compares 
V] with the comparator reference value of 0 V: v, > 0 results in v () — L_, and v, < 0 yields 

“ K 



17.2 For the circuit of Fig. 17.3(a) with V= 15 V, R y = 30 kO, R f = 60 kQ, R 2 = R 5 - 9 kQ, and /f 3 = R 4 
= 3 kU find the limiting levels and the value of v l at which the limiting levels are reached. Also 
determine the limiter gain and the slope of the transfer characteristic in the positive and negative 

limiting regions. Assume that l' D - 0.7 V. 

Ans. ±5.93 V; ±2.97 V; -2; -0.095 
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17.2 Op Amp-RC Oscillator Circuits 


In this section we shall study some practical oscillator circuits utilizing op am s 
works. am ^ s 


and Ri 


net 


17.2.1 The Wien-Bridge Oscillator 

One of the simplest oscillator circuits is based on the Wien bridge. Figure 17 4 h 
Wien-bridge oscillator without the nonlinear gain-control network. The circuit co S 3 
op amp connected in the noninverting configuration, with a closed-loop gain ofTT 
In the feedback path of this positive-gain amplifier an RC network is connected Th *1 

gain can be easily obtained by multiplying the transfer function V a (s)/V 0 (s) of the f dh°T 
network by the amplifier gain. “ ee ° ac * 


L(s) = 


l + 


R,i 


R 


i-i 


Z. 


z_ + z 

p J 


I +R./R 


1 +ZJ p 


Thus, 


L(s) = 


1 + R,/R 


3 +sCR + I /sCR 


Substituting s =jco results in 


(17.10) 


L{jco) = 


1 + R,/R 


3 +j{coCR- I /coCR) 


(17.11) 


The loop gain will be a real number (i.e., the phase will be zero) at one frequency given by 

I 


CO u < R = 


COnCR 


That is. 


o 


ah = \/CR 


(17.12) 


R, 



Figure 17.4 


A Wien-bridge oscillator without amplitude stabilization. 
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+ 15 V 



Figure 17.S A Wien-bridge oscillator with a limiter used for amplitude control. 

To obtain sustained oscillations at this frequency, one should set the magnitude of the loop 
gain to unity. This can be achieved by selecting 


Rj/R\ - 2 ({7.13) O 

To ensure that oscillations will start, one chooses R 2 /R ] slightly greater than 2. The reader 
can easily verity that it R 2 /R\ = 2 + S, where S is a small number, the roots of the charac¬ 
teristic equation 1 - L(s) = 0 will be in the right half of the s plane. 

The amplitude of oscillation can be determined and stabilized by using a nonlinear con¬ 
trol network. Two different implementations of the amplitude-controlling function are shown 
in Figs, 17.5 and 17.6. The circuit in Fig. 17.5 employs a symmetrical feedback limiter of the 
type studied in Section 17.1.3. It is formed by diodes Dj and D 2 together with resistors R 2> 

/? 4 , /? 5 . and /?(,. i he limiter operates in the following manner: At the positive peak of the out¬ 
put voltage the voltage at node b will exceed the voltage t>, (which is about ), and 
diode D 2 conducts. This will damp the positive peak to a value determined by R s , R 6i and the 
negative power supply. I 'he value of the positive output peak can be calculated by setting 
v b = i/, + V D2 and writing a node equation at node b while neglecting the current through 
D 2 . Similarly, the negative peak of the output sine wave will be clamped to the value that 
causes diode D ] to conduct. The value of the negative peak can be determined by setting 
v a V D] and writing an equation at node a while neglecting the current through £>,. 

Finally, note that to obtain a symmetrical output waveform, R 2 is chosen equal to /? () , and /? 4 
equal to R s . 
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17.3 


For the circuit in Fig. 17.5: (a) Disregarding the limiter circuit, find the location of the closed-loo 
poles, (b) Find the frequency of oscillation, (c) With the limiter in place, find the amplitude of the out 
put sine wave (assume that the diode drop is 0.7 V). 

Arts, (a) (10 5 /16)(0.015 ±/); (b) 1 kHz; (c) 21.36 V (peak-to-peak) 





The circuit of Fig. 17.6 employs an inexpensive implementation of the parameter- 
variation mechanism of amplitude control. Potentiometer P is adjusted until oscillations just 
start to grow. As the oscillations grow, the diodes start to conduct, causing the effective resis¬ 
tance between a and h to decrease. Equilibrium will be reached at the output amplitude that 
causes the loop gain to be exactly unity. The output amplitude can be varied by adjusting 
potentiometer P. 

As indicated in Fig. 17.6, the output is taken at point h rather than at the op-amp output 
terminal because the signal at h has lower distortion than that at a. lb appreciate this point, 
note that the voltage at h is proportional to the voltage at the op-amp input terminals and that 
the latter is a filtered (by the RC network) version of the voltage at node a. Node b , however, 
is a high-impedance node, and a buffer will he needed if a load is to be connected. 



17.2.2 The Phase-Shift Oscillator 

The basic structure of the phase-shift oscillator is shown in Fig. 17.7. It consists of a negative- 
gain amplifier {-K) with a three-section (third-order) RC ladder network in the feedback. The 
a cuit will oscillate at the frequency for which the phase shift of the RC network is 180 ■ Onh 
at this frequency will the total phase shift around the loop be 0° or 360°. Here we should note 
that the reason lor using a three-section RC network is that three is the minimum number of 
sections (i.e., lowest order) that is capable of producing a 180° phase shift at a finite frequency 
For oscillations to be sustained, the value of A should be equal to the inverse of the mag 
nitude of the RT network transfer function at the frequency of oscillation. However, to 
ensure that oscillations start, the value of K has to be chosen slightly higher than the value 
that satisfies the unity-loop-gain condition. Oscillations will then grow in magnitude until 
limited by some nonlinear control mechanism. 

Figure 17.8 shows a practical phase-shift oscillator with a feedback limiter, consisting o 
diodes D { and D 2 and resistors /?,, R 2 , and R 4 for amplitude stabilization. To start 
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*'() 


Figure 17.6 A W ten-bridge oscillator with an alternative method for amplitude stabil 


ization 



Figure 17.7 A phase-shift oscillator. 







oscillations, R^has to be made slightly greater than the minimum required value. Although 
the circuit stabilizes more rapidly and provides sine waves with more stable amplitude, if A, 
is made much larger than this minimum, the price paid is an increased output distortion. 



17.5 Consider the circuit of Fig. 17.8 without the limiter. Break the feedback loop at Vand find the loop 
gain A/3 = V (j co)/V x (j (o ). To do this, it is easier to start at the output and work backward, finding 
the various currents and voltages, and eventually V x in terms ot V 0 . 


Ans. 


ofC~RRj 


A+jOmCR- I /(OCR) 


17.6 Use the expression derived in Exercise 17.5 to find the frequency of oscillation /„ and the minimum 
required value of R/ for oscillations to start in the circuit ot big. 17.8, 

Ans. co^ - 1/a/3 CR\ /? ; > 12 R\ f q = 574.3 Hz; Rf - 120 kfl 
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Figure 17.8 A practical phase-shift oscillator with a limiter for amplitude stabilization. 

17.2.3 The Quadrature Oscillator 

The quadrature oscillator is based on the two-integrator loop studied in Section 16.7. As an 
active filter, the loop is damped to locate the poles in the left half of the s plane. Here, no 
sue 1 damping will be used, since we wish to locale the poles on the jeo axis to provide sus¬ 
tained oscillations. In fact, to ensure that osci lations start, the poles are initially located in 
the right half-plane and then “pulled back” by the nonlinear gain control. 

Figure 17.9 shows a practical quadrature oscillator. Amplifier 1 is connected as an invert¬ 
ing Millet integrator with a limiter in the feedback for amplitude control. Amplifier 2 is con¬ 
nected as a i oninverting integrator (thus replacing the cascade connection ot the Miller 
integrator and the inverter in the two-integrator loop of Fig. 16.25b). To understand the opera- 
llun non inverting integrator, consider the equivalent circuit shown in Fig, 17.9(b). Here, 

place* 1 ihe integrator input voltage Vq\ and the series resistance 2 R by the Norton 
equivalent composed of a current source v n] /2R and a parallel resistance 2 R. Now, since 
v oi ~ where v is the voltage at the input of op amp 2, the current through will be 
(2i< -v)/Rf-v/Rj in the direction from output to input. Thus Rf gives rise to a negative 
input resistance, — Rf, as indicated in the equivalent circuit of Fig. 17.9(b). Nominally Rf 

made equal to 2/?, and thus —/^ cancels 2 R, and at the input we are left with a current source 
v q\/2 R feeding a capacitor C. The result is that v = ^f^di and v 0 t ~ 

That is, for R f = 2R, the circuit functions as a perfect noninverting integrator. II, however, 
Rf is made smaller than 2 R, a net negative resistance appears in parallel with C. 
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v + 



(Nominally 
2 R) 


(a) 



Figure 17.9 (a) A quadrature-oscillator circuit, (b) Equivalent circuit at the input of op amp 2. 


Returning to the oscillator circuit in Fig. 17.9(a), we note that the resistance R f \n the 
positive-feedback path of op amp 2 is made variable, with a nominal value of 2 R. Decreasing 
the value of R f moves the poles to the right half-plane (Problem 17.19) and ensures that the 
oscillations start. Too much positive feedback, although it results in better amplitude stabil¬ 
ity, also results in higher output distortion (because the limiter has to operate “harder”). In 
this regard, note that the output vqj will be “purer” than because of the filtering action 
provided by the second integrator on the peak-limited output of the first integrator. 

If we disregard the limiter and break the loop at X, the loop gain can be obtained as 



1 

s 2 OR 2 


Thus the loop will oscillate at frequency <y 0 , given by 



(17.14) 


(17.15) A 


Finally, it should be pointed out that the name quadrature oscillator is used because 
the circuit provides two sinusoids with 90® phase difference. This is the case because vq-) is 
the integral of v 0l . There are many applications for which quadrature sinusoids are required. 


17.2.4 The Active-Filter-Tuned Oscillator 

The last oscillator circuit that we shall discuss is quite simple both in principle and in 
design. Nevertheless, the approach is general and versatile and can result in high-qua I it) 1 
(i.e., low-distortion) output sine waves. The basic principle is illustrated in Fig. 17,10. The 
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Figure 17.10 Block diagram of the active-filter-tuned oscillator. 

circuit consists of a high-£> bandpass filter connected in a positive-feedback loop with a 
hard limiter. To understand how this circuit works, assume that oscillations have already 
started. The output o the bandpass filter will be a sine wave whose frequency is equal to 
the center frequency of the filter, 4 The sine-wave signal v, is fed to the limiter, which 
produces at its output a square wave whose levels are determined by the limiting levels and 
whose frequency is/ 0 . The square wave in turn is fed to the bandpass filter, which filters out 
the harmonics and provides a sinusoidal output i;, at the fundamental frequency /,, 

Obviously, the purity ot the output sine wave will be a direct function of the selectivity (or 
Q factor) of the bandpass filter. 

The simplicity' ot this approach to oscillator design should be apparent. We have indepen- 
i'.' ! ol ot frequency and amplitude as well as of distortion of the output sinusoid. Any 
filter circuit with positive gain can be used to implement the bandpass filter, fhe frequency 
stability of the oscillator will be directly determined by the frequency stability of the band¬ 
pass-filter circuit. Also, a variety of limiter circuits (see Chapter 4} with different degrees of 
sophistication can be used to implement the limiter block. 

Figure 17.11 shows one possible implementation of the active-filter-tuned oscillator. This 
circuit uses a variation on the bandpass circuit based on the Antoniou inductance- 
simulation circuit (see Fig. 16.22c), Flere resistor R 2 and capacitor C 4 are interchanged. This 
makes the output of the lower op amp directly proportional to (in fact, twice as large as» the 
voltage across the resonator, and we can therefore dispense with the buffer amplifier K. The 
limiter used is a very simple one consisting of a resistance /?, and two diodes. 



17.7 Using C= 16 nF, find the value of R such that the circuit of Fig. 17.11 produces 1-kHz sine 
\\a\ es. If the diode drop is 0.7 V, find the peak-to-peak amplitude o 1 the output sine wave. {Hint. A 

square wave with peak-to-peak amplitude of V volts has a fundamental component with 4 V/k 
volts peak-to-peak amplitude.) 

Ans. 10 kQ; 3.6 V 
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Figure 17.11 A practical implementation of the active-filter-tuned oscillator. 


17.2.5 A Final Remark 

The op amp—RC oscillator circuits studied are useful for operation in the range 10 Hz to 
loo kit/ ior perhaps 1 MHz at most). Whereas the lower frequency limit is dictated by the 
size ot passive components required, the upper limit is governed by the frequency-response 
and slew-rate limitations ot op amps. For higher frequencies, circuits that empioy transistors 
together with LC-tuned circuits or crystals are frequently used.' These are discussed in 
Section 17.3, 


17.3 LC and Crystal Oscillators 

Oscillators utilizing transistors (FETs or BJTs), with LC-tuned circuits or crystals as feed¬ 
back elements, are used in the frequency range of 100 kHz to hundreds of megahertz. They 
exhibit higher Q than the RC types. However, I.C oscillators are difficult to tune over wide 
ranges, and crystal oscillators operate at a single frequency. 

17.3.1 LC-Tuned Oscillators 

Figure 17.12 shows two commonly used configurations of LC-tuned oscillators. They are 
known as the ( olpitts oscillator and the Hartley oscillator. Both uiili/c a parallel LC cir¬ 
cuit connected between collector and base (or between drain and gate if a FET is used' 
with a fraction of the tuned-circuit voltaae fed to the emitter (the source in a FETl. This 

3 Of course, transistors can be used in place of the op amps in the circuits just studied. At higher 
frequencies, however, better results are obtained with LC -tuned circuits and crystals. 
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Figure 17.12 Two commonly used configurations of LC-tuned oscillators: (a) Colpitts and (b) Hartley 


feedback is achieved by way of a capacitive divider in the Colpitts oscillator and by way 
of an inductive divider in the Hartley circuit. To focus attention on the oscillator’s 
structure, the bias details are not shown. In both circuits, the resistor R models the 

combination of the losses of the inductors, the load resistance of the oscillator, and the out¬ 
put resistance of the transistor. 

If the frequency of operation is sufficiently low that we can neglect the transistor capaci¬ 
tances, the h equency of oscillation will be determined by the resonance frequency of the 
parallel-tuned circuit (also known as a tank circuit because it behaves as a reservoir for 
energy storage). Thus for the Colpitts oscillator we have 





C,C 


v Ct 4- C 7 


and for the Hartley oscillator we have 


(17.16) 



co Q = 1/7(1, + l 2 jc 


(17.17) 


The ratio /.,/ L 2 or C,/C 2 determines the feedback factor and thus must be adjusted in con¬ 
junct inn with the transistor gain to ensure that oscillations will start. To determine the oscil¬ 
lation condition for the Colpitts oscillator, we replace the transistor with its equivalent 
circuit, as shown in Fig. 17.13. To simplify the analysis, we have neglected the transistor 
capacitance C M ( C gd for a FET). Capacitance C T (C gs for a FET), although not shown, can 
be considered to be a part of C 2 . The input resistance r T i infinite for a FET) has also been 
neglected, assuming that at the frequency of oscillation r n > (1 /o)C 2 ). Finally, as men¬ 
tioned earlier, the resistance R includes r Q of the transistor. 

To find the loop gain, we break the loop at the transistor base, apply an input voltage I 
and find the returned voltage that appears across the input terminals of the transistor. We 
then equate the loop gain to unity. An alternative approach is to analyze the circuit and elim 
inate all current and voltage variables, and thus obtain one equation that governs circuit 
operation. Oscillations will start if this equation is satisfied. Thus the resulting equation will 
give us the conditions for oscillation. 





sC\ V 


C ? 



+ 
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— Vtt( 1 + s~LCi) 
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n 


8m ^ 7T 




Figure 17.13 Equivalent circuit of the Co| pit ts oscillator of Fig. 17.12(a). To simplify the analysis 

r jr are neglected. We can consider C ff to be part of C 2 , and we can include r in g V ' 


C„ and 


A node equation at the transistor collector (node C) in the circuit of Fig 17 13 yields 


^C 2 V 9 + g m V M + 



Since V„ * 0 (oscillations have started), it can be eliminated, and the equation can be rear¬ 
ranged in the form 



Substituting s = jeo gives 

f 1 coL C 7 \ r 3 

+ ^- +j[@{C x + C 2 ) - LC,C 2 ) = 0 


117, IS) 


(17.19) 


for oscillations to start, both the real and imaginary parts must be zero. Equating the imagi¬ 
nary part to zero gives the frequency of oscillation as 



C,C 2 > 
C, + C 2 Z 


(17.20) 


which is the resonance frequency of the tank circuit, as anticipated. Equating the real part to 
zero together with Eq. (17.20) gives 



C 2 /C, = g m R (17.21) O 

which has a simple physical interpretation: For sustained oscillations, the magnitude of the 
gain from base to collector (g m R) must be equal to the inverse of the voltage ratio provided 
by the capacitive divider, which from Fig. 17.12(a) can be seen to be v eb /v ce — Cj/C 2 . Of 
course, for oscillations to start, the loop gain must be made greater than unity, a condition 

that can be stated in the equivalent form 

g m R>C 2 /C, (17.22) O 


4 If r T is taken into account, the frequency of oscillation can be shown to shift slightly from the value 
given by Eq. (17.20), 
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B I 
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B 2 



Figure 17.14 Complete circuit for a Colpitis 
oscillator. 


As oscillations grow in amplitude, the transistor's nonlinear characteristics reduce the effec¬ 
tive value oig m and, correspondingly, reduce the loop gain to unity, thus sustaining the oscil¬ 
lations. 

Analysis similar to the foregoing can be carried out for the Hartley, circuit (see later: 
Exercise 17.8). At high frequencies, more accurate transistor models must be used. Alterna¬ 
tively, they parameters of the transistor can be measured at the intended frequency 0) a< and 
the analysis can then be carried out using the y-parameter model <see Appendix C). This 

is usually simpler and more accurate, especially at frequencies above about 30% ol the 
transistor/^. 

As an example of a practical LC oscillator, we show in Fig. 17.14 the circuit of aColpitts 
oscillator, complete with bias details. Here the radio-frequency choke (RFC) provides a high 
reactance at co Q but a low dc resistance. 

Finally, a few words are in order on the mechanism that determines the amplitude ot 

oscillations in the LC-tuned oscillators discussed above. Unlike the op-amp oscillators that 

incorporate special amplitude-control circuitry, LC-tuned oscillators utilize the nonlinear tf- 

v BE characteristics of the BJT (the i D -v GS characteristics of the FET) for amplitude control. 

Thus these LC-tuned oscillators are known as self-limiting oscillators . Specifically, as the 

oscillations grow in amplitude, the eifective gain of the transistor is reduced below its small- 

signal value. Eventually, an amplitude is reached at which the ei fective gain is reduced to the 

point that the Barkhausen criterion is satisfied exactly. The amplitude then remains constant 
at this value. 

Reliance on the nonlinear characteristics of the BJT (or the FET) implies that the collector 
(drain) current waveform will be nonlinearly distorted. Nevertheless, the output voltage 
signal will still be a sinusoid of high purity because of the filtering action of the LC-tuned 
circuit. Detailed analysis ot amplitude control, which makes use of nonlinear-circuit 
techniques, is beyond the scope of this book . 
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17 8 Eq°nv’r?/anj^hal'f Plley ° f Rg ' ' 7 ' l2(b) ’ ^ fret l uenc y of “filiation is given by 

cq. (I/. I/) and that for oscillations to start g m R>(L [ /L 1 ). 

9 0 oTuF and assume * "7’ 7T a Colpltts oscillator to operate at oq, = 10 h rad/s. Use C, = 

parallel with C, ^ 0 /^ 7 ^ 7 ' Q ,f ? *** be repreSen,ed by a resistan “ in 
kO and that for the BJT rf= Too'kQ Find cT.’nd' L " * '° ad reSiSta " Ce " ^ ° f 2 

amplitude)^ ^ S ° meWhal smaller C 2 would be used 10 allow oscillations to grow in 


17.3.2 Crystal Oscillators 

A piezoelectric crystal, such as quartz, exhibits electromechanical-resonance characteristics 
that are very stable (with time and temperature) and highly selective (having very high Q 
factors). The circuit symbol of a crystal is shown in Fig. 17.15(a), and its equivalent circuit 
model is given in Fig, 17.15(b). The resonance properties are characterized by a large induc¬ 
tance L (as lugh as hundreds of henrys), a very small series capacitance C v (as small as 
0.0005 pF), a series resistance r representing a Q factor cd^L/r that can be as high as a 
few hundred thousand, and a parallel capacitance C p (a few picofarads). Capacitor C p repre¬ 
sents the electrostatic capacitance between the two parallel plates of the crystal. Note that 
C p > C s . 


(a) 
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o 

o 


Since the Q factor is very high, we may neglect the resistance r and 
impedance as 


^Press the crystal 




sC f> + 


1 

sL + 1 AC, 


which can be manipulated to the form 

(17.23) 

tw o resonance frequen- 


and a parallel resonance at co 


Thus tor 5 — joo we can write 



Z(s) = 


1 


s +(\/LC s ) 


SC, 2 


'PS + [(Q + C s )/LC S C ] 


From Eq. (17.23) and from Fig. 17.15(b), we see that the crystal has 
cies: a series resonance at oi 


Z(j co) = -j 


1 


f 


coC. 


co' - co 


2 \ 


co - 


2 


(17.26) 


From Eqs. (17.24) and (17.25) we note that co p > co However, since C p > C s . the two reso¬ 
nance frequencies are very close. Expressing Z{joo) = jX{co\ the crystal reactance X(to) will 
have the shape shown in Fig. 17,1 5 ick We observe that the crystal reactance is inductive 
over the very narrow frequency band between co s and co p . For a given crystal, this frequency 
band is well defined. Thus we may use the crystal to replace the inductor of the Colpitts 
oscillator (Fig. 17.12a). The resulting circuit will oscillate at the resonance frequency of the 
crystal inductance L with the series equivalent of C s and (C p + C, C 2 /{C } + C 2 )). Since C s 
is much smaller than the three other capacitances, it will be dominant and 



too - 1 / JlC s - co s 


(17.27) 


In addition to the basic Colpitts oscillator, a variety of configurations exist for crystal oscilla¬ 
tors. Figure 17.16 shows a popular configuration (called the Pierce oscillator) utilizing a 
CMOS inverter (see Section 13.2) as an amplifier. Resistor /^determines a dc operating 
point in the high-gain region of the VTC of the CMOS inverter. Resistor /?, together with 
capacitor C , provides a low-pass filter that discourages the circuit from oscillating at a higher 

harmonic of the crystal frequency. Note that this circuit also is based on the Colpitts 
configuration. 

The extremely stable resonance characteristics and the very high Q factors of quartz 
crystals result in oscillators with very accurate and stable frequencies. Crystals are available 
with resonance frequencies in the range of a few kilohertz to hundreds of megahertz. Tem¬ 
perature coefficients of oi I or 2 parts per million (ppm) per degree Celsius are 

achievable. Unfortunately, however, crystal oscillators, being mechanical resonators, are 
fixed-frequency circuits. 
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Figure 17,16 A Pierce crystal oscillator utilizing a 
CMOS inverter as an amplifier. 



17.10 A 2-MHz quartz crystal is specified to have L = 0.52 H, C, = 0.012 pF, C = 4 pF, and r = 1 20 il. 
Find f s ,f p , and Q. 

Ans. 2.015 MHz; 2.018 MHz; 55,000 


17.4 Bistable Multivibrators 

In this section we begin the study of waveform-generating circuits of the other type—nonlinear 
oscillators or function generators. These devices make use of a special class ot circuits 
known as multivibrators. As mentioned earlier, there are three types ot multivibrator: 
bistable, monostable, and astable. This section is concerned with the lirst, the bistable multi- 

vibrator. 

As its name indicates, the bistable multivibrator has two stable states. The circuit can 
remain in either stable state indefinitely and moves to the other stable state only when appro¬ 
priately triggered. 


Ill “ • I I I V I W Sat U VII " 


Bistability can be obtained by connecting a dc amplifier in a positive-feedback loop having a 
loop gain greater than unity. Such a leedback loop is shown in Fig. 17.17, it consists of an 
op amp and a resistive voltage divider in the positive-feedback path. To see how bistability is 
obtained, consider operation with the positive-input terminal of the op amp near ground 
potential. This is a reasonable starting point, since the circuit has no external excitation. 


5 Digital implementations of multivibrators were presented in Chapter 15. Here, we are interested in 
implementations utilizing op amps. 
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/?, R 2 



Figure 17.17 A positive-feedback loop 
bistable operation. 


capable of 



Figure 17.18 A physical analogy for the operation 

of the bistable circuit. The ball cannot remain at the 

top ot the hill for any length of time {a state of unstable 

equilibrium or metastability); the inevitably present 

disturbance will cause the ball to fall to one side or the 

other, where it can remain indefinitely (the two stable 
states). 


Assume that the electrical noise that is inevitably present in every electronic circuit causes a 
small positive increment in the voltage u + . This incremental signal will be amplified by the 
large open-loop gain A of the op amp, with the result that a much greater signal will appear 
in the op amp’s output voltage v Q . The voltage divider (/?,, R 2 ) will feed a fraction 
P- R t / ( R l + R 2 ot the output signal back to the positive-input terminal of the op amp. If 
.-f/f is greater than unity, as is usually the case, the fed-back signal will be greater than the 
original increment in v + . This regenerative process continues until eventually the op amp sat¬ 
urates with its output voltage at the positive-saturation level. T + . When this happens, the volt¬ 
age at the positive-input terminal, u + , becomes L + R , / {R { + R 2 ) , which is positive and thus 
keeps the op amp in positive saturation. This is one ot the two stable states ot the circuit. 

In the description above we assumed that when z' + was near zero volts, a positive incre¬ 
ment occurred in v + . Had we assumed the equally probable situation of a negative increment, 
the op amp would have ended up saturated in the negative direction with v 0 - L_ and v+ - 
L,R ] /(R ] + R 2 ). This is the other stable state. 

We thus conclude that the circuit of Fig. 17.17 has two stable states, one with the op amp 
in positive saturation and the other with the op amp in negative saturation. The circuit can 
exist in either of these two states indefinitely. We also note that the circuit cannot exist in the 
state for which v + = 0 and v 0 = 1 > for any length of time. This is a state of unstable equilib¬ 
rium (also known as a metastabk state); any disturbance, such as that caused by electrical 
noise, causes the bistable circuit to switch to one of its two stable states. This is in sharp con¬ 
trast to the case when the feedback is negative, causing a virtual short circuit to appear 
between the op amp s input terminals and maintaining this virtual short circuit in the face of 
disturbances. A physical analogy for the operation of the bistable circuit is depicted in 

Fig. 17.18. 

17,4,2 Transfer Characteristics of the Bistable Circuit 

The question naturally arises as to how we can make the bistable circuit of Fig. 17.17 change 
state. To help answer this crucial question, we derive the transfer characteristics of the 
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bistable. Reference to Fig. 17 17 inHfoat^ t k„* r , 

nected to ground can cerv > ac • ^ * th either of the two clrcui t nodes that are con- 

F Bur?i 7 i grn ,h w T* terminal We ' nvest '8 ate both possibilities. 

terminal of the on It 7 C ' KU " Wi,h 3 V0 " age v < a PP lied t0 the averting input 

terminal of the op amp. To denve the transfer characteristic v^v,, assume that v D is at one of 

' " ° POSSlb e . 7 e S ’ Say L " and ,hus v * = Pr. Now as v, is increased from 0 V we can see 

from the ctreut, that nothtng happens until reaches a value equal to (i.e„> ). As 

,h 8 n ^n X Th ,! ValUe ’ a n r‘ nega,lve V0l,age devel °P s b «ween the input terminals of 

the op amp. This voltage is amplified by the open-loop gain of the op amp, and thus v Q goes 
negattve. The voltage divider in turn causes v, to go negative, thus increasing the netVega- 
tiv e input to the op amp and keeping the regenerative process going. This process culminates in 



(c) 


(d) 


Figure 17.19 (a) The bistable circuit of Fig. 17.17 with the negative input terminal ol the op amp discon¬ 
nected from ground and connected to an input signal v, (b) The transfer characterise,c ot the circuit in (a) tor 
increasing v (c) The transfer characteristic for decreasing v, <d) The complete transler charactenst.es. 
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the op amp saturating in the negative direction: that is, with v 0 = l and corre 

pL_. It is easy to see that increasing v } further has no effect on the*acquired^ 

bistable circuit. Figure 17.19(b) shows the transfer characteristic for increasin ^ 

that the characteristic is that of a comparator with a threshold voltage denote r’ 0 ^ Sen ' e 
V m = PL + . " where 

Next consider what happens as v, is decreased. Since now v+ = /?/, we see that h 
cuit remains in the negative-saturation state until v } goes negative to the point thar 
PL_. As v, goes below this value, a net positive voltage appears between the op am ^ e - Ua!s 
terminals. This voltage is amplified by the op-amp gain and thus gives rise to a 
voltage at the op amps output. The regenerative action of the positive-feedback loo^T 
sets in and causes the circuit eventually to go to its positive-saturation state, in which , - 
L + and v + = /?Z, + . The transfer characteristic for decreasing v } is shown in Fig. 17 \gi c \ u°~ 

again we observe that the characteristic is that of a comparator, but with a threshold volta^ 
V T l~ pL_. ® 

The complete transfer characteristics, v 0 -v h of the circuit in Fig. 17.19(a) can be obtained 

by combining the characteristics in Fig. 17.19(b) and (c), as shown in Fig. 17.19(d) As indi 

cated, the circuit changes state at different values ofv h depending on whether*;, is increasing 

or decreasing. Thus the circuit is said to exhibit hysteresis; the width of the hysteresis is the 

difference between the high threshold V TH and the low threshold V TL . Also note that the 

bistable circuit is in effect a comparator with hysteresis. As will be shown shortly, adding 

hysteresis to a comparator's characteristics can be very beneficial in certain applications 

Finally, observe that because the bistable circuit of Fig. 17.19 switches from the positive 

state (v 0 = L+) to the negative state i v Q = > as v t is increased past the positive threshold V TH , 

the circuit is said to be inverting. A bistable circuit with a noninverting transfer characteristic 
will be presented shortly. 


17.4.3 Triggering the Bistable Circuit 

Returning now to the question of how to make the bistab e circuit change state, we observe 

from the transfer characteristics ot Fig. 17.19(d) that if the circuit is in the L, state it can be 

switched to the L_ state by applying an input v } of value greater than V TH = pL + . Such an 

input causes a net negativ e voltage to appear between the input terminals of the op amp, 

which initiates the regenerative cycle that culminates in the circuit switching to the L_ stable 

state. Here it is important to note that the input Vj merely initiates or triggers regeneration. 

Thus we can remove v, with no effect on the regeneration process. In other words, i>,can be 

simply a pulse of short duration. The input signal i>/ is thus referred to as a trigger signal, or 
simply a trigger. 

The characteristics of Fig. 1 /. 19(d) indicate also that the bistable circuit can be switched 
to the positive state ( v 0 = L + ) by applying a negative trigger signal v t oi magnitude greater 
than that of the negative threshold V TL . 

17.4.4 The Bistable Circuit as a Memory Element 

We observe from Fig. 17.19(d) that for input voltages in the range V T/ < V/< Vj-Ht the output 
can be either L + or I_, depending on the state that the circuit is already in. Thus, for this 
input range, the output is determined by he previous value of the trigger signal (the trigger 
signal that caused the circuit to be in its current state). Thus the circuit exhibits memory- 
Indeed, the bistable multivibrator is the basic memory element of digital systems, as we have 
seen in Chapter 15. Finally, note that in analog circuit applications, such as the ones otcon 
eern to us in this chapter, the bistable circuit is also known as a Schmitt trigger. 
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17,4.5 A Bistable Circuit with SNIoninverting 

Transfer Characteristics 


The basic bistable feedback loop of Fig. 17.17 can be used to derive a circuit with noninvert- 
tng transfer characteristics by applying the input signal v, (the trigger signal) to the terminal 
of t a is connected to ground. The resulting circuit is shown in Fig. 17.20(a). To obtain 
the transler characteristics we first employ superposition to the linear circuit formed by R, 
and Rj, thus expressing v+ in terms of v, and v 0 as 


v+ = v 


l R^R, + V ° 


1-4 ’*,+* 2 (l728) 

From this equation we see that if the circuit is in the positive stable state w r ith Vq — L + , posi¬ 
tive values for Vj will have no effect. To trigger the circuit into the L_ state. Vj must be made 
negative and ot such a value as to make ii + decrease below zero. Thus the low threshold V TL 
can be found by substituting in Eq. ( 17 . 28 ) i/ 0 = L„ v + = 0, and v, = V TL . The result is 


v tl = -LpR\/R 2 ) (17.29) 

Similarly, Fq. i 17.28) indicates that when the circuit is in the negative-output state v a — L ), 
negative values of v f will make v + more negative with no effect on operation. To initiate the 
regeneration process that causes the circuit to switch to the positive state, v+ must be made to 
go slightly positive. The value of v f that causes this to happen is the high threshold voltage 
V m , which can be found by substituting in Eq. (17.28) v 0 = L_ and v + = 0. The result is 



V TH = -L_{R x /R 2 ) (17.30) O 

The complete transfer characteristic of the circuit of Fig. 17.20(a) is displayed in Fig. 17.20(b). 
Observe that a positive triggering signal v f of value greater than V TH ) causes the circuit to 
switch to the positive state (v 0 goes from L_ to L + ). Thus the transfer characteristic of this cir¬ 
cuit is noninverting. 



Figure 17.20 


(a) A bistable circuit derived from the positive-feedback loop of Fig. 1 7.1 7 by applying v, through R 
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17.4.6 Application of the Bistable Circuit as a Comparator 

The comparator is an analog-circuit building block that is used in a variety 

ranging from detecting the level of an input signal relative to a preset thrVh ^ pllCatio " s 

the design of analog-to-digital (A/D) converters. Although one normally th-t 1 '' 

comparator as having a single threshold value (see Fig. 17.21 o», it i s useful' ° f t|le 

cations to add hysteresis to the comparator characteristics. If this is done U th T' 5 ' 

exhibits two threshold values, V TL and V TH , symmetrically placed about th P h COm f rator 

ence level, as indicated in Fig. 17.21(b). Usually V TH and V TL are separated ***« 
amount, say 100 mV. ' h Dy a small 

To demonstrate the need for hysteresis, we consider a common application of 

tors. It is required to design a circuit that detects and counts the zero crossings „f!? 

trary waveform. Such a (unction can be tmplemented using a comparator whose iCIn 

ts set to 0 V. The comparator provides a step change at its output every time a zero ^ 

occurs. Each step change can be used to generate a pulse, and the pulses are fed to a coon,? 
circuit. a wunier 




v oi 



(b) 

pnrvv ~ tk V m ^ B !° Ck ^' a S ram representation and transfer characteristic for a comparator having a reft 
ence, or threshold, voltage V K . (b) Comparator characteristic with hysteresis. 
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Figure 17.22 Illustrating the use of hysteresis in the comparator characteristics as a means of rejecting 
interference. 

Imagine now what happens if the signal being processed has—as it usually does have 
interference superimposed on it, say of a frequency much higher than that ol the signal. It 
follows that the signal might cross the zero axis a number of times around each of the 
zero-crossing points we are trying to detect, as shown in Fig. 17.22. The comparator would 
thus change state a number of times at each of the zero crossings, and our count would 
obviously be in error. However, if we have an idea of the expected peak-to-peak amplitude 
of the interference, the problem can be solved by introducing hysteresis of i; ; ■ ; ■ ' . 
width in the comparator characteristics. Then, if the input signal is increasing in magni¬ 
tude, the comparator with hysteresis will remain in the low state until the input level 
exceeds the high threshold Vjh- Subsequently the comparator will remain in the high state 
even if, owing to interference, the signal decreases below 1 th- The comparator will switch 
to the low state only it the input signal is decreased below the low threshold Vtl- The situ¬ 
ation is illustrated in Fig. 17.22, from which we see that including hysteresis in the com¬ 
parator characteristics provides an effective means for rejecting interference (thus 

providing another form of filtering). 

17.4.7 Making the Output Levels More Precise 

The output levels of the bistable circuit can be made more precise than the saturation volt¬ 
ages of the op amp are by cascading the op amp with a limiter circuit (see Section 4.6 tor a 

discussion of limiter circuits). Two such arrangements are shown in Fig. 17.2.. 
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Figure 17.23 Limiter circuits are used to obtain more precise output levels for the bistable circuit. In both circuits the v «i n 

s ould be chosen to yield the current required for the proper operation of the zener diodes, (a) For this circuit L - V + 

L - ‘ "( l z 2 + . wher e V D is the forward diode drop, (b) For this circuit!, = V 7 + V n + V r and / - (V \ v' ,, an ' 

+ z D \ D 2 + V D ). 




a. 







D17.ll The op amp in the bistable circur ot Fig. 17.19(a) has output saturation voltages of+13 V Design 

the circuit to obtain threshold voltages of ±5 V. For /?, = 10 kii find the value required for R, 
Ans. 16 kQ 1 

017.12 If the op amp in the circuit of Fig. 17.20(a) has ±10-V output saturation levels, design the circuit 
to obtain ±5-V thresholds. Give suitable component values. 

Ans. Possible choice: R } = 10 k£2 and R 2 = 20 kft 

17.13 Consider a bistable circuit with a noninverting transfer characteristic and let L + = -L_= 10 V and 

TH tl $ V- v i is a triangular wave with a 0-V average, a 10-V peak amplitude, and a I- 
ms peno , s etch the waveform ot vq. Find the time interval between the zero crossings oftJ/and 

v 0 . 

ns. vq is a square wave with 0-V average, 10-V amplitude, and 1-ms period and is delayed by 
125 jus relative to Vj 

ider an op amp having saturation levels of ±12 V used without feedback, with the inverting 
nput termina connected to +3 V and the noninverting input terminal connected (o Vj. Character- 

An Wh3t ^ L+ ’ L " and Vr ' 38 defined in Fig - 17 ‘ 21(a)? 

17.15 In the circuit of Fig. 17.20(a), let L + = -£_ = lOVand /?, = 1 k U. Find a value for R 2 that gives a 
hysteresis of 100-mV width 

Ans, 200 kC2 
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17.5 Generation of Sq 


17.5 Generation of Square and Triangular 
Waveforms Using Astable Multivibrators 


i-_ti -tm * , * u wioiauic umiuviuraior w swiicn 

1 , P f , y . ThlS Ca " be done b v connecting the bistable multivibrator with an RC cir¬ 
cuit in a feedback loop, as shown in Fig. 17.24(a). Observe that the bistable multivibrator has an 

inverting ransler characteristic and can thus be realized using the circuit of Fig. 17.19(a > This 

results iri the circuit of Fig. 17.24(b). We shall show shortly that this circuit has no stable 
states and thus is appropriately named an astable multivibrator. 

At this point we wish to remind the reader of an important relationship, which we shall 
employ on many occasions in the following few sections: A capaciter C that is charging or 
discharging through a resistance R toward a final voltage I . has a voltage v{t\ 

v{t)=V„-(V ai -V Q+ )e^ T 

where V 0 + is the voltage at t = 0+ and r= CR is the time constant 



17.5.1 Operation of the Astable Multivibrator 

To see how the astable multivibrator operates, refer to Fig. 17.24(b) and let the output of 
the bistable multivibrator be at one of its two possible levels, say L Capacitor C will 
charge toward this level through resistor R. Thus the voltage across C, which is applied to 
the negative input terminal of the op amp and thus is denoted t>_, will rise exponentially 
toward L + wdth a time constant r = CR. Meanwhile, the voltage at the positive input termi¬ 
nal ot the op amp is v+ - /3L + . This situation will continue until the capacitor voltage 
reaches the positive threshold V m - 0L+, at which point the bistable multivibrator will 




Figure 17.24 (a) Connecting a bistable multivibrator with inverting 


transfer characteristics in a feedback loop \\ ith an RC circuit 


results in a square-wave generator. 
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Figure 17.24 ( Continued ) (b) The circuit obtained when the bistable multivibrator is implemented with 

e circuit o ig. 17.19(a). (c) Waveforms at various nodes of the circuit in (b). This circuit is called an 
astable multivibrator. 


sw itch to the other stable, state, in which v 0 — L_ and v + = /3L_. The capacitor will then 
start discharging, and its voltage, u_, will decrease exponentially toward L_. This new state 
will prevail until v_ reaches the negative threshold V TL = /?/,_, at which time the bistable 

11 ^ ' 1 - '!i positive-output state, the capacitor begins to charge, and the 

cycle repeats itself. 

From the preceding description we see that the astable circuit oscillates and produces a 
square waveform at the output of the op amp. This waveform, and the waveforms at the two 
input terminals of the op amp, are displayed in Fig. 17.24(c). The period T of the square 
wave can be found as follows: During the charging interval Tj the voltage it across the 
capacitor at any time /, with t = 0 at the beginning of 7,, is given by (see Appendix E) 

= L + -{L + ~pL_)e~ ,/T 
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where T= CR. Substituting v_ = pL + at i = T ] gives 



rip 1 P(L-/L + ) 

1 ~P 


(17.31) 


Similarly, during the discharge interval 7 the voltage 
ning of T 2 , is given by " 


v - at any time t , with t = 0 at the begin- 



v_ = L_ - {L_~ pL + )e~ T 
Substituting v_ =pL_ at t = T 2 gives 




1 -p(l + /L_) 

\-P 


(17.32) 


Equations (17.31) and (17.32) can be combined to obtain the period T= T t + T 2 . Normally. 
7+ = -7_, resulting in symmetrical square waves of period T given by 



T = 2Tln \zj < 1733 ) 

Note that this square-wave generator can be made to have variable frequency by switching 
different capacitors ( (usually in decades) and by continuously adjusting R (to obtain 
continuous frequency control within each decade of frequency). Also, the waveform 
across C can ^e made almost triangular by using a small value for the parameter /?. How ¬ 
ever, triangular waveforms of superior linearity can be easily generated using the scheme 
discussed next. 

Before leaving this section, however, note that although the astable circuit has no stable 
states, it has two quasi-stable states and remains in each for a time interval determined by the 
time constant o i the RC network and the thresholds of the bistable multivibrator. 




17.16 For the circuit in Fig. 17.24(b), let the op-amp saturation voltages be ±10 V, /? l =100 kQ, R 2 = R- 1 
MSI and C = 0.01 pF. Find the frequency of oscillation. 

Ans. 274 Hz 

17.17 Consider a modification of the circuit of Fig. 17.24(b) in which is replaced by a pair of diodes 
connected in parallel in opposite directions. For L + — —L_ = 12 V, R 2 — R = 10 kQ, C — 0.1 p F, and 
the diode voltage as a constant denoted V D , find an expression for frequency as a function of V D . 
Jf y - o 70 v at 25°C with a TC of-2 mV/°C, find the frequency at 0°C, 25°C, 50°C, and 100°C. 
Note that the output of this circuit can be sent to a remotely connected frequency meter to provide 

a digital readout of temperature. 

Ans. /= 500/In [(12 + V D )/(\2 - V D )\ Hz; 3995 Hz, 4281 Hz, 4611 Hz. 5451 Hz 

_ 
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17,5,2 Generation of Triangular Waveforms 

The exponential waveforms generated in the astable circuit of Fig. 17 14 can ^ 
triangular by replacing the low-pass RC circuit with an integrator. (The int echangedt0 
all, a low-pass circuit with a comer frequency at dc.) The integrator causes ^fne^ ^ ^ 
and discharging of the capacitor, thus providing a triangular waveform. The res' T Ch3rglng 
is shown in Fig. 17.25(a). Observe that because the integrator is inverting it if! mg circuit 
invert the characteristics of the bistable circuit. Thus the bistable circuit requiredT 55 ^* 0 
the noninverting type and can be implemented using the circuit of Fig 1 7 ?o * * K ^ ° f 

We now proceed to show how the feedback loop of Fig. 17.25(a) oscillates and eene t 
a triangular waveform v ] at the output of the integrator and a square waveform v ztth 
put of the bistable circuit: Let the output of the bistable circuit be at L + A current ^ 
to L,/R will flow into the resistor R and through capacitor C, causing the output of the?' 
grator to linearly decrease with a slope of -L t /CR, as shown in Fig. 17.25(c) This ti 
continue until the integrator output reaches the lower threshold V TL of the bistable circuit" 
which point the bistable circuit will switch states, its output becoming negative and equll to 
L - At thls moment the current through R and C will reverse direction, and its value will 
become equal to \L_\/R. It follows that the integrator output will start to increase Iinearlv 
wtth a positive slope equal to \L.\/CR. This will continue until the integrator output voltaee 
reaches the positive threshold of the bistable circuit, V TH . At this point the bistable circuit 





^ ^ general scheme tor generating triangular and square waveforms. 
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switches its output becomes positive (I.), the current into the integrator reverses direction 
and the outpu t of the mtegrator starts to decrease linearly, beginning a new cycle 

rorn e .scussion above, it is relatively easy to derive an expression for the period T of 
the square and triangular waveforms. During the interval T, we have, from Fig 17.25(c) 


from which we obtain 


Similarly, during T 2 we have 


irom which we obtain 


^th ~ ^TL 


l 
CR 


T, = CR 


V -V 
V TH - V TL 


V th - V 


TL 


~L 


Tt 


CR 


Tj = CR 


v v 

y TH v ' 


TL 


-L 


17.34) 


(17.35) 


Thus to obtain symmetrical square waves we design the bistable circuit to have L+ = — L_ 


o 





D17.18 Consider the circuit of Fig. 17.25(a) with the bistable circuit realized by the circuit in Fig. 17.20(a). If 
the op amps have saturation voltages of ±10 V, and if a capacitor C = 0.01 pF and a resistor R } = 10 
k±2 are used, find the values of R and Rj (note that R j and are associated with the bistable circuit of 
Fig. 17.20a) such that the frequency of oscillation is I kHz and the triangular waveform has a 10- 
V peak-to-peak amplitude. 

Ans. 50 k£2; 20 kQ 


17.6 Generation of a Standardized 
Pulse—The Monostable Multivibrator 

In some applications the need arises for a pulse of known height and width generated in 
response to a trigger signal. Because the width ot the pulse is predictable, its trailing edge 
can be used or timing purposes—that is, to initiate a particular task a! a '•>pecified time. Such 
a standardized pulse can be generated by the third type ot multivibrator, the monostable 

multivibrator. 

The monostable multivibrator has one stable state in which it can remain indefinitely. It 
also has a quasi-stable state to which it can be triggered and in which it stays for a predeter¬ 
mined interval equal to the desired width of the output pulse. When this interval expires, the 
monostable multivibrator returns to its stable state and remains there, awaiting another trig¬ 
gering signal. The action of the monostable multivibrator has given rise to its alternative 

name, the one shot. 
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(/3L+ V^) 


\ 

i 



Figure 17.26(a) shows an op-amp monostable circuit. We observe that this circuit is an 
nugmented form of the astable circuit of Fig. 17.24(b). Specifically, a clamping diode Z), is 
added across the capacitor C„ and a trigger circuit composed of capacitor C 2 , resistor Z? 4 , and 
diode A, is connected to the noninverting input terminal of the op amp. The circuit operates 
o ows. In the stable state, which prevails in the absence of the triggering signal, the out¬ 
put o t e op amp is at £ + and diode £), is conducting through Z ? 3 and thus clamping the volt- 
age to one diode drop above ground. We select R 4 much larger than R h so that diode D 2 
w i e conducting a very small current and the voltage v c will be very closely determined by 
the voltage divider R h R 2 . Thus v c = fiL +y where ft = R ] /(R i + R ,). The stable state is 
maintained because J3L + is greater than V DI . 

Now consider the application of a negative-going step at the trigger input and refer to the 

S1 ^I» a wa J e f orms s ^®wn in Fig. 17.26(b). The negative triggering edge is coupled to the 
cat o e of diode ZX via capacitor C 2 , and thus Z) 2 conducts heavily and pulls node C down. If 
e trigger signal is ot sufficient height to cause to go below v B , the op amp w ill see a net 
negative input voltage and its output will switch to L_. This in turn will cause Vc to g° ne S a * 
live to pi,, keeping the op amp in its newly acquired state. Note that D : will then cut off, 
t u s iso ating the circuit from any further changes at the trigger input terminal. 

e negative voltage at A causes Dj to cut off, and C, begins to discharge exponentially 
owar with a time constant Cj/? 3 . The monostable multivibrator is now in its quasi-stable 

S p a / e ^ !_ C P reva ^ unt *l the declining v B goes below the voltage at node C, which is 
PL At this instant the op-amp output switches back to L + and the voltage at node C goes 

back to (3L + . Capacitor C, then charges toward until diode D, turns on and the circuit 
returns to its stable state. 
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quasi-stable state. The duration^ oftheTm 7 Pl i' Se ' S generated at ,he out P ut durin g 1 he 
waveform of v B , he ° UtpUt pulse is d «ermmed from the exponential 


”»(0 = 


by substituting v B (T) = pL_, 


P L - = l.-(L_~ V D ,)e 


~T/C,R 


j 


which yields 



Ci In 


( V Dl - fA 


For V D] |L_|, this equation can be approximated by 


( 17 . 36 ) 


T~ C,/?j In 




v 


1 -/? 


(17.37) 


Finally, note that the monostable circuit should not be triggered again until capacitor C, has 

been recharged to V Dl ; otherwise the resulting output pulse will be shorter than normal This 

recharging time is known as the recovery period Circuit techniques exist for shortening the 
recovery period. 




17.19 For the monostable circuit of Fig. 17.26(a), find the value of that will result in a 100-gs output 
pulse for Cj = 0.1 fiF, /?= 0.1, V D = 0.7 V, and L + = ~L_ = 12 V. 

Ans. 6171 F2 


17.7 Integrated-Circuit Timers 

Commercially available integrated-circuit packages exist that contain the bulk ot the cir¬ 
cuitry needed to implement monostable and astable multivibrators with precise characteris¬ 
tics. In this section vve discuss the most popular ot such ICs, the 555 timer. Introduced in 
1972 by the Signetics Corporation as a bipolar integrated circuit, the 555 ts also available in 
CMOS technology and from a number of manufacturers. 


17.7.1 The 555 Circuit 

Figure 17 27 shows a block diagram representation of the 555 timer circuit [tor the actual 

circuit, refer to Grebene (1984)]. The circuit consists of two comparators, an SR flip-Hop, 

and a transistor that operates as a switch. One power supply {V cc ) is required op Jf ra_ 
tion, with the supply voltage typically 5 V. A resistive voltage divider, consisting of the three 


6 In a recent article in IEEE Spectrum (May 2009), the 555 was selected as 
That Shook the World." 


one of the "25 Microchips 
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6 Ground 


Figure 17.27 A block diagram representation of the internal circuit of the 555 integrated-circuit timer. 

equal-valued resistors labeled /?„ is connected across V cc and establishes the reference 
(threshold) voltages tor the two comparators. These are V TH = \ V cc for comparator 1 and 
Vtl = j Vcc for comparator 2 . 

Al ' s,mlliaf s|< i»-flops in C hapter 15. For our purposes here we note that an SR flip- 
Hop is a bistable circuit having complementary outputs, denoted Q and Q. In the set state, 
the output at Q is “high” (approximately equal to V cc ) and that at Q is “low” (approximately 
equal to 0 V). In the other stable state, termed the reset state, the output at Q is low and that 
at Q is high. The flip-flop is set by applying a high level 1 V cc ) to its set input terminal, 
labeled S. To reset the flip-flop, a high level is applied to the reset input terminal, labeled/?. 
Note that the reset and set input terminals ot the flip-flop in the 555 circuit are connected to 
the outputs of comparator 1 and comparator 2 , respectively. 

The positive-input terminal of comparator 1 is brought out to an external terminal of the 
555 package, labeled Threshold. Similarly, the negative-input terminal of comparator 2 is 
connected to an external terminal labeled Trigger, and the collector of transistor Q\ is con¬ 
nected to a terminal labeled Discharge. Finally, the Q output of the flip-flop is connected to 
the output terminal of the timer package, labeled Out 

17.7.2 Implementing a Monostable Multivibrator Using the 555 fC 

Figure 17._X(a) shows a monostable multivibrator implemented using the 555 IC together 
with an externa] resistor R and an external capacitor C. In the stable state the flip-flop will be 
in the reset state, and thus its Q output will be high, turning on transistor Q\. Transistor Q\ 
will be saturated, and thus v c will be close to 0 V, resulting in a low level at the output ol 
comparator 1 . The voltage at the trigger input terminal, labeled v^ er , is kept high (greater 
than V TL ), and thus the output of comparator 2 also will be low. Finally, note that since the 
flip-flop is in the reset state, Q will be low and thus v Q will be close to 0 V. 
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(b) 

Figure 17.28 (a . The 555 timer conneclcd to implement a monostable multivibrator, (b) Waveforms ol the circuit in (a) 
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To trigger the monostable multivibrator, a negative input pulse is applied 
input terminal. As v trigger goes below V TU the output of comparator 2 coes to th° w 
thus setting the flip-flop. Output Q of the flip-flop goes high, and thus v 0 goes hf ^ 
put Q goes low, turning off transistor Q x . Capacitor C now begins to charge 8 ’ ^° Ut ' 
resistor /?, and its voltage v c rises exponentially toward V cc , as shown in Fig 17 2 R k 
monostable multivibrator is now in its quasi-stable state. This state prevails until 8(b) ' The 
and begins to exceed the threshold of comparator 1 , V TH , at which time the output 7 
ator 1 goes high, resetting the flip-flop. Output Q of the flip-flop now goes high and 7^' 
transistor £?,. In turn, transistor Q { rapidly discharges capacitor C, causing v to eo t^v 
Also, when the flip-flop is reset, its Q output goes low, and thus v 0 goes back to 0 V Th 
monostable multivibrator is now back in its stable state and is ready to receive a new trigg 7 

From the description above we see that the monostable multivibrator produces an o tn 
pulse v 0 as indicated in Fig. 17.28(b). The width of the pulse, F, is the time interval thaulT 
monostable multivibrator spends in the quasi-stable state; it can be determined by referen/ 
to the waveforms in Fig. 17.28(b) as follows; Denoting the instant at which the trigger pulse 
is applied as / — 0 , the exponential waveform of vc can be expressed as 


,. j/ ( | —t/CR . 

Vc —feet1 — £ ) 


(17.38) 


Substituting v c — V Tt1 = = V cc at t~T gives 



T = CR In 3— 1.1 07? 

Thus the pulse width is determined by the external components C and R t which can be 
selected to have values as precise as desired. 


17.7.3 An Astable Multivibrator Using the 555 1C 

Figure 17.29(a) shows the circuit of an astable multivibrator employing a 555 IC. two exter¬ 
nal resistors, R A and R B , and an external capacitor C. To see how the circuit operates, refer to 
the waveforms depicted in Fig. 17.29(b). Assume that initially C is discharged and the flip- 
flop is set. Thus v Q is high and Q } is off. Capacitor C will charge up through the series com¬ 
bination of R a and R B , and the voltage across it, t» c , will rise exponentially toward V cc . Asiy 
crosses the level equal to V TL , the output of comparator 2 goes low. This, however, has no 
effect on the circuit operation, and the flip-flop remains set. Indeed, this state continues until 
1 f reac ^ es an( f begins to exceed the threshold of comparator 1, V TH . At this instant of time, 
the output ol comparator 1 goes high and resets the flip-flop. Thus v () goes low, Q goes 
high, and transistor Q ] is turned on. The saturated transistor causes a voltage of approxi¬ 
mately zero volts to appear at the common node of R , and R n . Thus C begins to discharge 
through R b and the collector of Q The voltage v c decreases exponentially with a time con¬ 
stant CR b toward 0 V. When v c reaches the threshold of comparator 2, V T] , the output of 
comparator 2, goes high and sets the flip-flop. The output v Q then goes high, and Q goes low, 
turning off Q x . Capacitor C begins to charge through the series equivalent of R \ and Rb, and 
its voltage rises exponentially toward V cc with a time constant C(R A + R B ). This rise contin¬ 
ues until v c reaches f m , at which time the output of comparator 1 goes high, resetting the 
flip-flop, and the cycle continues. 

From the description above we see that the circuit of Fig. 17.29(a) oscillates and produces 
a square waveform at the output. The frequency of oscillation can be determined as follows. 
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Figure 17.29 (a) The 555 timer connected to implement an 
circuit in (a). 
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Reference to Fig. 17.29(b) indicates that the output will be hiuh during the i 
which v c rises from V TL to V TH . The exponential rise of v c can be described by ^ 

7 . — y _ i y _ y \~ t/c ( R A +R B) ’4| 

v c ~ y cc \ y cc y TLt e 

where / = 0 is the instant at which the interval T H begins. Substituting v , = y 


(1740) 


t = T h and V TL = \ V cc results in 


l v 

3*CC 3t 



T h = C(Jt A + /? fi )ln 2— 0.69 C(R A + R g ) 

We also note from Fig. 17.29(b) that v 0 will be low during the interval 7 ), i n which ;> 
from V TH to V TL , The exponential fall of v c can be described by * a s 


r , -t/CRa 

V C ~ ^ TH e 


where we have taken t = 0 as the beginning of the interval T L . Substituting 


(17.42) 


at t-T L and V TH = = V cc results in 


v c 


Vn = Ik 


3 CC 


T l = CR b In 2 — 0.69 CR 


B 


(17.43) 


Equations (17.41) and (17.43) can be combined to obtain the period T of the output 


wave as 


square 


o 

o 


T=T„+T l = 0.69 C(R a + 2R b ) 


(17.44) 


Also, the duty cycle of the output square wave can be found from Eqs. (17.41) and 1 17.43); 


Duty cycle = 


T h 

T h +T l 


Ra + Rb 

Ra + 2 R b 



Note that the duty cycle will always be greater than 0.5 (50%); it approaches 0.5 if R A is 
selected to be much smaller than R B (unlortunately, at the expense of supply current). 



.20 Using a 10 nF capacitor C, find the value of R that yields an output pulse of 100 (is in the 
monostable circuit of Fig. 17.28(a). 

Ans. 9.1 kQ 


D17.21 For the circuit in Fig. 17.29(a), with a 1 -nF capacitor, find the values of R 4 and Rb that result in an 
oscillation frequency of 100 kHz and a duty cycle of 75% 

Ans. 7.2 kU 3.6 kH 



17.8 Nonlinear Waveform-Shaping Circuits 

Diodes or transistors can be combined with resistors to synthesize two-port networks having 
arbitrary nonlinear transfer characteristics. Such two-port networks can be employed in 


17.8 Nonlinear Waveform-Shaping 


" aveform shaping-that is, changing the wave*™ r ■ 

ner to produce a waveform of a desired sh ine ,t °7" mpU ' S ‘ gnal in a P rescrib ed man- 

application by a concrete example: the sine-wave sh^Ti," Seetion we illustra,e lhis 
to change the waveform of an input triangular «. P | hlS ls a clrcil,t whose Purpose is 
the sine-wave shaper is a practo bui dTgwT jT *° 3 t Wave ' ^ *«*, 
This method of generating sine waves shotld be‘ ca 3 g “- 

(Sections 17.1-1 7.3). Although linear oscilhtnrc ri * ° * th 1 usmg llnear oscillators 
not convenient at very low frequencies. Also 1 ^ U ^ e . Sine waves of h, 8 h purity, they are 
to tune over wide frequency ranges In the f ll ° SCI at ° rS are * n § enera ( mor c difficult 

niques for designing sine-wave shapers W ' ngtW ° dis, " lct1 ^ d ' ff — *ch- 


17.8.1 The Breakpoint Method 

SflSSkS?™£“ n0nli r “ cha “' 0» • «se the sine 

function shown ,n F,g. 17.30) is implemented as a piecewise linear curve. Diodes are utilized 
as switches that turn on at the various breakpoints of the transfer characteristic thus switch 
mg into the ctrcutl additional resistors that cause the transfer characteristic to change slope 
Consider the Croat shown in Fig. 17.31(a). It consists of a chain of resistors connected 
across he enttre symmetrical voltage supply+K -V. The purpose of this voltage divider is to 
generate reference voltages that wdl serve to determine the breakpoints in the transfer char- 
acteristic. In our example these reference voltages are denoted +F 2 , +F,. -K,, -JA. Note that 






/ 






Figure 17.30 Using a nonlinear {sinuso 


idal) transfer characteristic to shape a triangular waveform into a 


sinusoid. 
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Figure 17.31 (a) A three-segment sine-wave shaper, (b) The input triangular waveform and the output 
approximately sinusoidal waveform. 


the entire circuit is symmetrical, driven by a symmetrical triangular wave and generating a 
symmetrical sine-wave output. The circuit approximates each quarter-cycle of the sine wave 
by three straight-line segments; the breakpoints between these segments are determined by 
the reference voltages V { and V 2 . 

The circuit works as follows: Let the input be the triangular wave shown in Fig. 17.31(b). 
and consider first the quarter-cycle defined by the two points labeled 0 and 1. When the input 
signal is less in magnitude than V x , none of the diodes conducts. Thus zero current flows 


through R 4 , and the output voltage at B will be equal to the input voltage. But as the inpul 
rises to V x and above, D 2 (assumed ideal) begins to conduct. Assuming that the conducting 
D 2 behaves as a short circuit, we see that, for v f > 


v 


o 


= V\ + ( vV x ) 


R, 


R 4 + R 5 


This implies that as the input continues to rise above V { , the output follows, hut with a 
reduced slope. This gives rise to the second segment in the output waveform, as shown in 
Fig. 17.31(b). Note that in developing the equation above we have assumed that the resis¬ 
tances in the voltage divider are low enough in value to cause the voltages V x and V 2 to be 
constant independent of the current coming from the input. 

Next consider what happens as the voltage at point B reaches the second breakpoint deter¬ 
mined by V 2 . At this point, D, conducts, thus limiting the output v 0 to V 2 (plus, of course, the 
voltage drop across D x if it is not assumed to be ideal). This gives rise to the third segment, 
which is fat, in the output waveform. The overall result is to “bend” the waveform an 
shape it into an approximation of the first quarter-cycle of a sine wave. Then, beyond t 
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peak of the input triangular wave as the i 

output becoming progressively more like th^n V ° l * age peases, the process unfolds, the 
negative, the process begins to repeat at -V ^ f When the in P ut goes sufficiently 

Although the circuit is relatively simple ’ ^ ** ^ " ega,ive 
ot goodness usually taken is to quantify ii f , ancc ,s surprisingly good. A measure 
percentage total harmonic distortion (THD). Thi«°' .* e , 0ut ^ ut sine wave by specifying the 
of all harmonic components above the fundampJ i r ^ percentage rat, ° of ** rms voltage 
triangular wave) to the rms vol, , e 0 f d f T ** (Which is the fre ^ency of the 

one reason for the good perton feof T' (See a ' S ° Cha P ter 11 >• lastingly, 

,k h, *■ i -*“ <*» I*— 5 

diode as it goes into forward conduction Th * e ex P onent,al knee of the junction 

from one line segment to the next C consec|ucnce IS a relatively smooth transition 

tSTK S, TT shaper empl -*» ** ■* 

and'lower THD (see Grebene ^^ ^ ^ " 


17.8.2 ||ie Nonlinear-Amplification Method 

The other method we discuss for the conversion of a triangular wave into a sine wave is 
based on feeding the triangular wave to the input of an amplifier having a nonlinear transfer 
characteristic that approximates the sine function. One such amplifier circuit consists of a 
differential pair with a resistance connected between the two emitters, as shown in Fig. 17.32. 
W ith appropriate choice of the values of the bias current I and the resistance R the differ¬ 
ential amplifier can be made to have a transfer characteristic that closely approximates that 
shown in^Fig, 17 . 30 . Observe that for small v, the transfer characteristic of the circuit of 
Fig. 17.32 is almost linear, as a sine waveform is near its zero crossings. At large values of v, 
the nonlinear characteristics of the BJTs reduce the gain of the amplifier and cause the trans- 
fei characteristic to bend, approximating the sine wave as it approaches its peak. (More 
details on this circuit can be found in Grebene, 1984, pages 595 - 597 .) 



Figure 17.32 A differential pair with an emitter- 
degeneration resistance used to implement a trian¬ 
gular-wave to sine-wave converter. Operation of 
the circuit can be graphically described by 
Fig. 17.30. 
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D17.22 The circuit in Fig. El 7.22 is required to provide a three-segment approximation to the nonlinear' 
characteristic, i = O.lv 2 , where v is the voltage in volts and i is the current in milliamperes Find the 
values of/?], /? 2 , and /? 3 such that the approximation is perfect at v = 2 V, 4 V, and 8 V Calculate th 
error in current value at v = 3 V, 5 V, 7 V, and 10 V. Assume ideal diodes. 




Figure E17.22 

Ans. 5 kfi, 1.25 ki2, 1.25 kft; -0.3 mA, +0.1 mA, -0.3 mA, 0 

17.23 A detailed analysis of the circuit in Fig. 17.32 shows that its optimum performance occurs when the 
values of I and R are selected so that RJ = 2.5 V r , where V T is the thermal voltage. For this design, the 
peak amplitude of the input triangular wave should he 6.6 V T , and the corresponding sine wave across 

R has a peak value of 2.42 V T . For / = 0.25 mA and R c = 10 kU find the peak amplitude of the sine- 
wave output vq , Assume a — 1. 

Ans. 4.84 V 


17.9 Precision Rectifier Circuits 


Rectifier circuits were studied in Chapter 4, where the emphasis was on their application in 
power-supply design. In such applications, the voltages being rectified are usually much 
greater than the diode v oltage drop, rendering the exact value of the diode drop unimportant 
u P r< ’P cr i’cration ol the rectifier. Other applications exist, however, where this is not 
the case. For instance, in instrumentation applications, the signal to be rectified can be of a 
very small amplitude, say 0.1 V, making it impossible to employ the conventional rectifier 
circuits. Also, in instrumentation applications, the need arises for rectifier circuits with very 
precise transfer characteristics. 

In this section we study circuits that combine diodes and op amps to implement a variety 
ol rectifier circuits with precise characteristics. Precision rectifiers, which can be considered 


a special class of wave-shaping circuits, find application in the design of instrumentation 
systems. An introduction to precision rectifiers was presented in Chapter 4. This material, 
however, is repeated here for the reader’s convenience. 

17.9.1 Precision Half-Wave Rectifier—The "Superdiode" 

Figure 17.33(a) shows a precision half-wave-rectifier circuit consisting oi a diode placed in 
the negative-feedback path ol an op amp, with R being the rectifier load resistance. The 
circuit works as follows: If v f goes positive, the output voltage of the op amp will go 
positive and the diode will conduct, thus establishing a closed feedback path between the 
op amp s output terminal and the negative input terminal. This negative-teei ! 11 ' 
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u 


Superdiode 





IVi 



Note that when Vj > rectifier; <b) its almost ideal transfer characteristic, 

niently buffered, an added advantage. P ampaupp Ks ttlc *" J|J curre nt, and the source is conve- 

cause a virtual short circuit to appear between the two input terminals of the op amp Thus 
the voltage at the negative input terminal, which is also the output voltaae v u , will equal (to 
wtthtn a few m.lhvolts) that at the positive input terminal, which is the tnput voltage 

VQ = Vj Vj>0 

Note that the offset voltage (=* 0.5 V) exhibited in the simple half-wave-rectifier circuit is no 
longer present. For the op-amp circuit to start operation, v, has to exceed only a negligibly 
small voltage equal to the diode drop divided by the op amp’s open-loop gain. In other 
words, the straight-line transfer characteristic v 0 -v, almost passes through the origin This 
makes this circuit suitable for applications involving very small signals. 

Consider now the case when v, goes negative. The op amp’s output voltage v A will tend to 
follow and go negative. This will reverse-bias the diode, and no current will flow through 
resistance /?, causing Vq to remain equal to 0 V. Thus tor Vf < t •, i>q = 1 '. Since in this case the 

diode is off, tie op amp w ill be operating in an open-loop fashion and its output will be at the 
negative saturation level. 

The transfer characteristic of this circuit will be that shown in Fig. 17.33(b), which 
is almost identical to the ideal characteristic of a half-wave rectifier. The nonideal diode 
characteristics have been almost completely masked by placing the diode tn the negative- 
feedback path of an op amp. 1 his is another dramatic application of negative feedback I he 
combination of diode and op amp, shown in the dashed box in Fig. 17.33(a), is appropriately 
referred to as a “superdiode.” 

As usual, though, not all is well. The circuit of Fig. 17.33 has some disadvantages: When 
v, goes negative and v 0 = 0, the entire magnitude of appears between the two input termi¬ 
nals of the op amp. If this magnitude is greater than a few volts, the op amp may be damaged 
unless it is equipped with what is called “overvoltage protection” (a feature that most mod¬ 
em h op amps have). Another disadvantage is that when v, is negative, the op amp will be 
saturated. Although not harmful to the op amp, saturation should usually be avoided, since 
getting the op amp out of the saturation region and back into its linear region of operation 
requires some time. This time delay will obviously slow down circuit operation and limit 
the frequency of operation of the superdiode half-wave-rectifier circuit. 


© 


17.9.2 An Alternative Circuit 

An alternative precision rectifier circuit that does not suffer from the disadvantages men¬ 
tioned above is shown in Fig. 17.34. The circuit operates in the following manner: For 
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Figure 17.34 (a) An improved version of the precision half-wave rectifier: Diode D, is included to kee th 

feedback loop closed around the op amp during the off times of the rectifier diode D^thus preventing th 6 
amp from saturating, (b) The transfer characteristic for R-> — R ] . eop 

positive v h diode D 2 conducts and closes the negative-feedback loop around the op amp. A 

virtual ground therefore will appear at the inverting input terminal, and the op amp’s output 

will be clamped at one diode drop below ground. This negative voltage will keen diode D 

off, and no current will flow in the feedback resistance *, ,« follows thatZrSolul 
voltage will be zero. 

As v f goes negative, the voltage at the inverting input terminal will tend to go negative. 

causing the voltage at the op amp's output terminal to go positive. This will cause D, to be 

reverse-biased and hence to be cut off. Diode £>„ however, will conduct through R 2 , thus 

establishing a negative-feedback path around the op amp and forcing a virtual ground to 

appear at the inverting input terminal. The current through the feedback resistance R 2 will be 

equal to the current through the input resistance R\. Thus for /?, — R 2 the output voltage v () will 
be 


v 0 = -Vj v f < 0 

The transfer characteristic of the circuit is shown in Fig. 17.34(b). Note that unlike the 
situation for the circuit shown in Fig. 1 7.33, here the slope of the characteristic can be set to 
any desired value, including unity, by selecting appropriate values for/?, and R 2 . 

As mentioned before, the major advantage of the improved half-wave-recti her circuit is 
that the feedback loop around the op amp remains closed at all times. Hence the op amp 
remains in its linear operating region, avoiding the possibility of saturation and the associ¬ 
ated time delay required to “get out" ot saturation. Diode Z)> “catches" the op-amp output 

voltage as it goes negative and clamps it to one diode drop below ground; hence D 2 is called 
a “catching diode." 


17.9.3 An Application: Measuring AC Voltages 

As one ot the many possible applications of the precision rectifier circuits discussed in this 
section, consider the basic ac voltmeter circuit shown in Fig. 17.35. The circuit consists of a 
halt-wave rectifier formed by op amp A h diodes Z)j and Z> 2 , and resistors /?, and R 2 anc ^ a 
first-order low-pass filter—formed by op amp A 2 , resistors R 2 and and capacitor C F° r 
an input sinusoid ha ving a peak amplitude V p the output v x of the rectifier will consist of a 
half sine wave having a peak amplitude of V p R 2 /R i . It can be shown using Fourier series 
analysis that the waveform of v, has an average value of { V,/n )( R 2 /R \ ) m addition to 
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Figure 17.35 

low-pass Filter. 


A simple ac voltmeter consisting of a precision half-wave rectifier followed by a first-order 



17.24 Consider the operational rectifier or superdiode circuit of Fig. 17.33(a), with R = 1 kQ For v { - 10 
mV, ] V, and -1 V, what are the voltages that result at the rectifier output and at the output of the op 
amp? Assume that the op amp is ideal and that its output saturates at ±12 V. 1 he diode has a 0.7- 
V drop at 1-mA current, and the voltage drop changes by 0,1 V per decade of current change. 
Ans. 10 mV, 0.51 V; 1 V, 1.7 V;0V.-12 V 

17.25 It the diode in the circuit of Fig. 17.33(a) is reversed, what is the transfer characteristic v () as a 
function of vp 

Ans. vq - 0 for Vf > 0; v 0 = vj for V/ < 0 

17.26 Consider the circuit in Fig. 17.34(a) with R] = 1 k£2 and R 2 = 10 kfl Find vq and the voltage at the 
amplifier output for Vf - +1 V, -10 mV, and -1 V. Assume the op amp to be ideal with saturation 
voltages of ±12 V. The diodes have 0.7-V voltage drops at 1 mA, and the voltage drop changes 
by 0.1 V per decade of current change. 

Ans. 0 V, -O.vni? V; 0.1 V, 0.6 V; 10 V, 10.7 V 

17.27 If the diodes in the circuit of Fig. 17.34(a) are reversed, what is the transfer characteristic v 0 as a 
function of vp. 

Ans. v 0 - ~(R 2 /R | )vj for v } > 0; v 0 = 0 for Vf < 0 

17.28 Find the transfer characteristic for the circuit in Fig. El 7.28. 



Figure E17.28 

Ans. v (> = 0 for v, > -5 V; v 0 = -v, - 5 for v, <-5 V 
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harmonics of the frequency 0 ) of the input signal. To reduce the amplitudes of 
harmonics to negligible levels, the comer frequency ot the low-pass filter should be h' ^ 
be much smaller than the lowest expected frequency co min of the input sine wave This I ^ 


- co,„, n 

CRa 


Then the output voltage v 2 will be mostly dc, with a value 

y = 

2 / rR } R 3 

where R 4 /R 3 is the dc gain of the low-pass filter. Note that this voltmeter essentially 

sures the average value of the negative parts of the input signal but can be calibrated^ 
provide rms readings for input sinusoids. 0 


17.9.4 Precision Full-Wave Rectifier 

We now derive a circuit for a precision full-wave rectifier. From Chapter 4 we know that 
full-wave rectification is achieved by inverting the negative halves of the input-signal wave¬ 
form and applying the resulting signal to another diode rectilier. The outputs of the two rec¬ 
tifiers are then joined to a common load. Such an arrangement is depicted in Fig. 17,36 
which also shows the waveforms at various nodes. Now replacing diode D A with a super- 
diode, and replacing diode Z) B and the inverting amplifier with the inverting precision half¬ 
wave rectifier of Fig. 17.34 but without the catching diode, we obtain the precision full- 
wave-recti fier circuit of Fig. 17.37(a). 

To see how the circuit of Fig. 17.37(a) operates, consider first the case of positive input at 

A. The output ot A 2 will go positive, turning D : on, which will conduct through R L and thus 

close the feedback loop around A 2 . A virtual short circuit will thus be established between 

the two input terminals of A 2 , and the voltage at the negative-input terminal, which is the 

output voltage of the circuit, will become equal to the input. Thus no current will flow 

through /?j and i? 2 , and the voltage at the inverting input of A, will be equal to the input and 

hence positive. Therefore the output terminal (F) of Aj will go negative until A, saturates. 
This causes D, to be turned off. 

Next consider what happens when A goes negative. The tendency for a negative voltage 
at the negative input ot A[ causes F to rise, making D i conduct to supply R/ and allowing the 
feedback loop around A| to be closed. Thus a virtual ground appears at the negative input ot 
A|, and the two equal resistances R j and R 2 force the voltage at C, which is the output 



Figure 17.36 Principle of full-wave rectification. 
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o v n 


vo A 



Figure 17.37 (a) Precision full 
characteristic of the circuit in (a) 


wave rectifier based on the conceptual circuit of Fig. 17.36. (b) Transfer 



17.29 In the full-wave rectifier circuit ot Fig. 17.37(a), let 7?j = /?> = /?/ = 10 kH and assume the op amps 
to be ideal except for output saturation at ±12 V. When conducting a current of 1 mA. each diode 
exhibits a voltage drop ot 0.7 V, and this voltage changes by id V per decade of current change. 
Find v 0 , v B and v F corresponding to v } = +0.1 V, +1 V, +10 V, A). 1 V, and -10 V. 

Ans. +0.1 V, + 0.6 V,-12 V; +1 V,+1.6 V,-12 V;+10 V,+10.7 V,-I2 V;+0.1 V.-12 V. + 0.63 V; 
+ 1 V, -12 V, + 1.63 V;+10 V,-12 V,+10.73 V 

D17.30 The block diagram shown in Fig. El 7.30(a) gives another possible arrangement for implementing 
the absolute-value or fill 1-wave-rectifier operation depicted symbolically in Fig. El7.30(b). The 
block diagram consists of two boxes: a half-wave rectifier, which can be implemented by the cir¬ 
cuit in Fig. 17.34(a) after reversing both diodes, and a weighted inverting summer. Convince 
yourself that this block diagram does in fact realize the absolute-value operation. Then draw a 
complete circuit diagram, giving reasonable values for all resistors. 



(a) (b) 


Figure E17.30 


voltage, to be equal to the negative of the input voltage at A and thus positive. The combina¬ 
tion of positive voltage at C and negative voltage at A causes the output ol A, to saturate in 

the negative direction, thus keeping D 2 off. 
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Figure 17.38 Use of the diode bridge in the design of 
an ac voltmeter. 


The overall result is perfect full-wave rectification, as represented by the transfer charac¬ 
teristic in Fig. 17.37(b). This precision is. of course, a result of placing the diodes in op-amp 
feedback loops, thus masking their nonidealities. This circuit is one of many possible preci¬ 
sion full-wave-rectifier or absolute-value circuits. Another related implementation of this 
function is examined in Exercise 17.30. 


17.9.5 A Precision Bridge Rectifier for Instrumentation 
Applications 

The bridge rectifier circuit studied in Chapter 4 can be combined with an op amp to provide 
useful precision circuits. One such arrangement is shown in Fig. 17.38. This circuit causes a 
current equal to \v A \/R to flow through the moving-coil meter M. Thus the meter provides a 
reading that is proportional to the average of the absolute value of the input voltage v A . All 
the nonidealities of the meter and ot the diodes are masked by placing the bridge circuit in 
the negative-feedback loop of the op amp. Observe that when v ( is positive, current flows 
from the op-amp output through £),, M, £) 3 , and R. When v A is negative, current flows into 
the op-amp output through R , D 2 , M, and Z) 4 . Thus the feedback loop remains closed for both 
polarities of v A . The resulting virtual short circuit at the input terminals of the op amp causes 
a replica ofv A to appear across R. The circuit of Fig. 17.38 provides a relatively accurate 
high-input-impedance ac voltmeter using an inexpensive moving-coil meter. 



D17.31 


In the circuit of Fig. 17.38, find the \alue of R that would cause the meter to provide a lull-scale 

rea mg when the input voltage is a sine wave of 5 V rms. Let meter M have a I -mA, 50-Q move- 

ent (i.e„ its resistance is 50 and it provides full-scale deflection when the average current 

Lij. i it is I mA). hat art the approximate maximum and minimum voltages at the op amp s 

output? Assume that the diodes have constant Q.7-V drops when conducting. 

Ans. 4.5 k£2; +8.55 V; -8.55 V 
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op-amp combinalion will be recognized is <h prec . lslon peak rect ' ,ler - The diode- 

circuit in Fig. 17.39 is quite straightforward F SUperdlode ot Fl S ’7.33(a). Operation of the 

amp will drive the diode on, thus closing the nemti' Tdh "T" ‘7 ° UtPUt V0 ' ,age ’ the ° P 

to ac. as a follower. The output voltage will therefore follow thm oftheTpTwthThe op 

con,inues untn L * ^ 

input terminals Thus its output will go negative to the saturat^' level 
turn otf. Except for possible discharge through the load resistance, the capacitor will retain a 
voltage equal to the pos.five peak ofthe input. Inclusion of a load res,stance is essential ifthe 
circuit is required to detect reductions in the magnitude of the positive peak 


17.9,7 A Buffered Precision Peak Defector 

When the peak detector is required to hold the value ofthe peak for a long time, the capacitor 
should be buffered, as shown in the circuit of Fig. 17.40. Here op amp A : . which should have 
f ' - :i n l MU I vdance and low input bias current, is connected as a voltage follower The 
remainder ot the circuit is quite similar to the half-wave-rectifier circuit of Fig. 17.34, While 
diode Z>] is the essential diode for the peak-rectification operation, diode D 2 acts as a catch¬ 
ing diode to prevent negative saturation, and the associated delays, of op amp A,. During the 
holding state, follower A 2 supplies D 2 with a small current through R. The output of op amp 
A, will then be clamped at one diode drop below the input voltage. Now if the input v, 
increases above the value stored on C, which is equal to the output voltage v th op amp A, sees 


“Superdiode" 



Figure 17.39 A precision peak rectifier obtained by placing the diode in the feedback loop of an op amp. 






Figure 17.40 A buffered precision peak rectifier. 




















































































1386 Chapter 17 Signal Generators and Waveform-Shaping Circuits 



Figure 17.41 A precision clamping circuit. 


a net positive input that drives its output toward the positive saturation level n • 

diode D,. Diode D, is then turned on and capacitor C is charged to the new dosV m ' n8 ° ff 

the input, after which time the circuit returns to the holding state. Finally note 

cuit has a low-impedance output. ’ this cir- 


17.9.8 A Precision Clamping Circuit 

By replacing the diode in the clamping circuit studied in Chapter 4 with a “sunerdWt, - n, 
precision clamp ot Fig. 17.41 is obtained. Operation of this circuit should be self-explaniffl 


Summary 

■ There are two distinctly different types of signal genera¬ 
tor. the linear oscillator, which utilizes some form of 
resonance, and the nonlinear oscillator or function gener¬ 
ator, which employs a switching mechanism imple¬ 
mented with a multivibrator circuit. 

■ A linear oscillator can be realized by placing a frequency- 
selective network in the feedback path of an amplifier (an 
op amp or a transistor). The circuit will oscillate at the 
frequency at which the total phase shift around the loop 
is zero, provided that the magnitude of loop gain at this 
frequency is equal to, or greater than, unity. 

■ If in an oscillator the magnitude of loop gain is greater 
than unity, the amplitude will increase until a nonlinear 
amplitude-control mechanism is activated. 

■ The Wien-bridge oscillator, the phase-shift oscillator, the 
quadrature oscillator, and the active-fiIter-tuned oscillator 
are popular configurations for frequencies up to about 
1 MHz. These circuits employ Ri ’ networks together with 
op amps or transistors. For higher frequencies, LC-tuned 
or crystal-tuned oscillators are utilized. A popular config¬ 
uration is the Colpitts circuit. 

« Crystal oscillators provide the highest possible frequency 
accuracy and stability. 

■ There are three types of multivibrator: bistable, 
monostable, and astable. Op-amp circuit implementa¬ 
tions ot multivibrators are useful in analog-circuit appli- 
cations that require high precision. 


» The bistable multivibrator has two stable states and can 
remain in either state indefinitely. It changes state when 
triggered. A comparator with hysteresis is bistable. 

■ A monostable multivibrator, also known as a one-shot, 
has one stable state, in which it can remain indefinitely. 
When triggered, it goes into a quasi-stable state in which 

11 remains tor a predetermined interval, thus generating, 
at its output, a pulse of known width. 

b An arable multivibrator has no stable state. It oscillates 
between two quasi-stable states, remaining in each fora 
predetermined interval. It thus generates a periodic 
waveform at the output. 

■ A feedback loop consisting of an integrator and a bistable 
multivibrator can be used to generate triangular and 
square waveforms. 

* The 555 timer, a commercially available IC, can be used 
with external resistors and a capacitor to implement high- 
quality' monostable and astable multivibrators. 

■ A sine waveform can be generated by feeding a triangular 
waveform to a sine-wave shaper. A sine-wave shaper can 
be implemented either by using diodes (or transistors) and 
resistors, or by using an amplifier having a nonlinear 
iransfer characteristic that approximates the sine function. 

Diodes can be combined with op amps to implement pre¬ 
cision rectifier circuits in which negative feed-back senes 
to mask the nonidealities of the diode characteristics. 




Problems involving design are marked with D throughout the 

text. As well, problems are marked with asterisks to describe 

their degree of difficult)'. Difficult problems are marked with 

an asterisk (*); more difficult problems with two asterisks 

,<■*); and very challenging and/or time-consuming problems 
with three asterisks (***). 


Section 17.1: Basic Principles of Sinusoidal 
Oscillators 

17.1 Consider a sinusoidal oscillator consisting of an 
amplifier having a frequency-independent gain A (where A 
is positive) and a second-order bandpass filter with a pole 

frequency Ofc, a pole Q denoted 0, and a center- frequency 
gain K. 


has L 10 pH, C - 1000 pF, and Q - 100. For what value 

o transconductance G m will the circuit oscillate? At what 
frequency? 

17.5 In a particular oscillator characterized by the structure 
of hg. 17.1, the frequency-selective network exhibits a loss 
ot 20 dB and a phase shift of 180° at o^. What is the mini¬ 
mum gain and the phase shift that the amplifier must have 
tor oscillation to begin? 

D 17.6 Consider the circuit of Fig. 17.3(a) with A, removed 
to realize the comparator function. Find suitable values for all 
resistors so that the comparator output levels are ±6 V and the 
slope of the limiting characteristic is 0.1. Use power-supply 

voltages of ±10 \ and assume the voltage drop of a conduct¬ 
ing diode to be 0.7 V. 


(a) Find the frequency of oscillation, and the condition that 
A and K must satisfy for sustained oscillation. 

(b) Derive an expression for d<p/dw , evaluated at (o= % 

(c) Use the result of (b) to find an expression for the per- 
unit change in frequency of oscillation resulting from a 
phase-angle change of A0, in the amplifier transfer 
function. 

Hint: y-(tan~'y) = — 

dx i + v 2 dx 

17.2 For the oscillator described in Problem 17.1, show 
that, independent of the value of A and K , the poles of the 
circuit lie at a radial distance of Find the value of 
that results in poles appearing (a) on the/ry axis, and (b) in 
the right-hall of the s plane, at a horizontal distance from the 
jO )axis of 6 > o /(20. 

D 17.3 Sketch a circuit for a sinusoidal oscillator formed 
by an ideal op amp connected in the noninverting configu¬ 
ration and a bandpass filter implemented by an RLC reso¬ 
nator (such as that in Fig. 16.18d), What should the 
amplifier gain be to obtain sustained oscillation? What is 
the frequency of oscillation? Find the percentage change 
in (Oq resulting from a change of+1% in the value of (a) L, 
(b) C, and (c) R. 

17.4 An oscillator is formed by loading a transconduc¬ 
tance amplifier having a positive gain with a parallel RLC 
circuit and connecting the output directly to the input (thus 
applying positive feedback with a factor = 1). Let the 
transconductance amplifier have an input resistance ot 10 
k£2 and an output resistance ot 10 k£L. The LC resonator 


D 17.7 Consider the circuit of Fig. 17.3(a) with R, 
removed to realize the comparator function. Sketch the 
transfer characteristic. Show that by connecting a dc source 
1 b to virtual ground of the op amp through a resistor R B , 
the transfer characteristic is shifted along the Vj axis to the 
point Vy = -{R x /R b )V b . Utilizing available ±I5-V dc sup¬ 
plies tor ±1 and for Fg, find suitable component values so 
that the limiting levels are ±5 V and the comparator thresh¬ 
old is at vj — +5 V, Neglect the diode voltage drop (i.e., 
assume that V- 0). The input resistance of the comparator 
is to be 100 k!2, and the slope in the limiting regions is to be 
<0,05 V/V. Use standard 5% resistors (see Appendix H). 

17.8 Denoting the zener voltages of Z | and Z-> by Vl\ and 
Vn and assuming that in the forward direction the voltage 
drop is approximately 0.7 V, sketch and clearly label the 
transfer characteristics vq-vj of the circuits in Fig. PI7.8. 
Assume the op amps to be ideal. 

Section 17.2: Op Amp-RC Oscillator Circuits 

17.9 For the Wien-bridge oscillator circuit in Fig. 17.4. 
show that the transfer function of the feedback network 
[V a (s)/V 0 (s)] is that of a bandpass filter. Find and Q of 
the poles, and find the center-frequency gain. 

17.10 For the Wien-bridge oscillator o:i Fig. 17.4, let 
the closed-loop amplifier (formed by the op amp and the 
resistors A, and R 2 ) exhibit a phase shift of-0.1 rad in the 
neighborhood of (0~ \/CR. Find the frequency at which 
oscillations can occur in this case in terms of CR (Hint: 
Use Eq. 17.11.) 
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Figure P17.8 


17.11 For the Wien-bridge oscillator of Fig. 17.4. use the 
expression for loop gain in Eq. (17.10) to find the poles of 
the closed-loop system. Give the expression for the pole Q, 
and use it to show *hat to locate the poles in the right half of 
the s plane, must be selected to be greater than 2. 

D 17.12 Reconsider Exercise 17.3 with R\ and increased 

to reduce the output voltage. What values are required for a 

peak-to-peak output of 10 V? What results iftf 3 and R e are 
open-circuited? 

17.13 For the circuit in Fig. PI 7.13, find l(s\ L{jco\ the 
frequency for zero loop phase, and R 2 /R ] for oscillation. 


AAAr 


/G 




R 

vw 



Figure P17.13 

17.14 Repeal Problem 17.13 for the circuit in Fig. PI 7 .I 4 . 

*17.15 Consider the circuit of Fig. 17.6 with the 50-kQ 
potentiometer replaced by two fixed resistors: 10 kQ between 
the op amps negative input and ground, and 18 kU. Model¬ 
ing each diode as a 0.65-V battery in series with a 100-Q 

resistance, find the peak-to-peak amplitude of the output 
sinusoid. 1 


Figure P77.14 

D 17.16 Redesign the circuit of Fig. 17.6 for operation at 
10 kHz using the same values of resistance. If at 10 kHz the 
op amp provides an excess phase shift (lag) of 5.7', what 
will be the frequency of oscillation? (Assume that the phase 
shift introduced by the op amp remains constant for frequen¬ 
cies around 10 kHz.) To restore operation to 10 kHz, what 
change must be made in the shunt resistor of the Wien 
bridge? Also, to what value must R 2 /R\ be changed.’ 

*17.17 For the circuit of Fig. 17.8, connect an additional 
/? = 10 k£2 resistor in series with the rightmost capacitor C. 
For this modification (and ignoring the amplitude stabiliza¬ 
tion circuitry ) find the loop gain A/3 by breaking the circuit 
at node X. Find Rj for oscillation to begin, and find/o- 

D 17.18 For the circuit in Fig. PI7.18, break the loop at 
node 3f and find the loop gain (working backward lor simplic¬ 
ity to find V x in terms of / ;,). For R- 10 kil lint! C 'and R/to 
obtain sinusoidal oscillations at 10 kHz. 

Consider the quadrature-oscillator circuit of Fig. 17? 
without the limiter. Let the resistance R/ he equal to 
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Figure P17.18 


2 R/( 1 + A), where A < !. Show that the poles of the char¬ 
acteristic equation are in the right-half s plane and given by 
s^(\/CR)[(A/4)±j]. 

*17.20 Assuming that the diode-clipped waveform in 
Exercise 1 7.7 is nearly an ideal square wave and that the 
resonator ^ is 20, provide an estimate of the distortion in the 
output sine wave by calculating the magnitude (relative to 
the fundamental > of 

(a) the second harmonic 

(b) the third harmonic 

(c) the fifth harmonic 

(d) the rms of harmonics to the tenth 

Note that a square wave of amplitude V and frequency <y is 
represented by the series 

4 V ( . 1 . - 1 , _ 1 . _ \ 

— sin cot + - sin 3 cot + - sin 5 cot + -sin loot + • ■ ■ 

^rV 3 5 7 / 

Section 17.3: LC and Crystal Oscillators 

17.21 Figure PI7.21 shows four oscillator circuits of the 
Colpitts type, complete with bias detail. For each circuit. 


derive an equation governing circuit operation and find the 
trequency of oscillation and the gain condition that ensures 
that oscillations start. 

**17.22 Consider the oscillator circuit in Fig. PI7.22, and 
assume foi simplicity that ft — CO. 

(a) Find the frequency of oscillation and the minimum 
value of Rq (in terms of the bias current /) for oscillation 
to start. 

(b) If R c is selected equal to (1/7) kQ, where / is in milli- 
ainperes, convince yourself that oscillations will start. If 
oscillations grow to the point that V a is large enough to 
turn the BJ'fs on and off, show that the voltage at the col¬ 
lector of Qi will be a square wave of 1 V peak to peak. 
Estimate the peak-to-peak amplitude of the output sine 
wave V 0 . 

17.23 Consider the Pierce crystal oscillator of Fig. 17.16 
with the crystal as specified in Exercise 17.10. Let Cj be 
variable in the range 1 pi to 10 pF, and let C 2 be fixed at 10 
pF. Find the range over which the oscillation frequency can 
be tuned. {Hint: Use the result in the statement leading to the 
expression in Eq. 1 7.27.) 



Figure P17.21 


















































































































































1390 Chapter 17 Signal Generators and Waveform-Shaping Circuits 



L 



C 


X 


ih 


o 


C, 


Rl 


(c) 


Figure PI7.21 ( Continued ) 
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Section 17.4: Bistable Multivibrators 

17.24 Consider the bistable circuit ot'Fig. 17.19(a) with the 

op amp’s positive-input terminal connected to a positive- 
voltage source V through a resistor R y 


(a) Derive expressions for the threshold voltages V TL and 
Vth * n terms of the op amp’s saturation levels L + and L _, /?,. 
/? 2 « /? 3 , and F 

(b) Let L + = -L_ = 13 V, V= 15 V, and R { = 10 kU Find 
the values ot /?-> and R that result in Ft/ - +4.9 V and 
F r// = +5.1V. 

17.25 ( onsider the bistable circuit of I ig. 17.20(a) with the 
op amp’s negative-input terminal disconnected from ground 
and connected to a reference voltage Vr. 

(a) Derive expressions for the threshold \oltages I *77 and 
Vyh in terms of the op amp’s saturation levels L + and R\, 
Rji and V R . 

11 Let Z. + = —L_ — I and R\ = 10 kH Find R 2 and I r that 
result in threshold voltages ofO and Vt 10. 

17.26 For the circuit in Fig. PI7.26, sketch and label the 
transfer characteristic vg-Vj. The diodes are assumed to 
have a constant 0.7-V drop when conducting, and the op 
amp saturates at ±12 V. What is the maximum diode 
current? 

17.27 Consider the circuit of Fig. PI 7,26 with elimi¬ 
nated and R 2 short-circuited. Sketch and label the transter 
characteristic Vq-v/. Assume that the diodes have a constant 
0.7-V drop when conducting and that the op amp saturates at 
±12 V. 
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Ri = 60 kfl 



*17.28 Consider a bistable circuit having a noninverting 
transfer characteristic with L + = ~L_ = 12 V V T! =-\ V and 
F m = +I V. 

(n) For a 0.5-V-amplitude sine-wave input having zero 
average, what is the output? 

(b) Describe the output if a sinusoid of frequency / and 
amplitude ot 1.1 V is applied at the input. By how much can 
the average of this sinusoidal input shift before the output 
becomes a constant value? 

D 17.29 Design the circuit ol Fig. 17.23(a) to realize a 
transfer characteristic with +7.5-V output levels and ±7.5- 
V threshold values. Design so that when w / =0Va current 
of 0.1 mA flows in the feedback resistor and a current of 1 
mA flows through the zener diodes. Assume that the out¬ 
put saturation levels of the op amp are ±12 V. Specify the 
voltages of the zener diodes and give the values of all 
resistors. 


Section 17.5: Generation of Square and 
Triangular Waveforms Using Astable 
Multivibrators 

17,30 Find the frequency of oscillation of the circuit in 

Fig. 17.24(b) for the case/?! = 10 k UR^ = 16 kO. C= 10nF. 
and R = 62 kQ. 

D 17.31 Augment the astable multivibrator circuit of 
Fig. 17.24(b) with an output limiter of the type shown in 
Fig. 17.23(b). Design the circuit to obtain an output square 
wave with 5-V amplitude and 1-kHz frequency using a 10- 
nF capacitor C. Use /? — 0.462, and design for a current in 
the resistive divider approximately equal to the average cur¬ 
rent in the RC network over a half-cycle. Assuming ±13-V 

op-amp saturation voltages, arrange for the zener to operate 
at a cunent of 1 mA. 

D 17.32 Using the scheme ot Fig. 17.25, design a circuit 
that provides square waves of 10 V peak to peak and trian¬ 
gular waves ot 10 V peak to peak. The frequency is to 
be I kHz. Implement the bistable circuit with the circuit 
ot Fig. 17.2 vb). Use a 0.01 -pF capacitor and specify the 
v alues ot all resistors and the required zener voltage. Design 
tor a minimum zener current ot 1 mA and for a maximum 
current in the resistive divider of 0.2 mA. Assume that the 
output saturation levels of the op amps are ± ! 3 V. 

D 17,33 The circuit ot Fig. PI 7.33 consists of an inverting 
bistable multivibrator with an output limiter and a nonin¬ 
verting integrator, Using equal values for all resistors except 
/?7 and a 0,5-nF capacitor, design the circuit to obtain a 
square wave at the output of the bistable multivibrator of 15- 
V peak-to-peak amplitude and 10-kHz frequency. Sketch 
and label the waveform at the integrator output. Assuming 


*4 



Figure P17.33 

±13-V op-amp saturation levels, design for a minimum zener the values ot all resistors, 
current of 1 mA. Specify the zener voltage required, and give 
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Section 17.6: Generation of a Standardized 
Pulse—The Monostable Multivibrator 

*17.34 Figure PI7.34 shows a monostable multivibrator 
circuit. In the stable state, vq = ± + , v A - 0, and v B = -F re f. 
The circuit can be triggered by applying a positive input 
pulse of height greater than F re f. For normal operation, 
C\R ] CR. Show the resulting waveforms of v 0 and v A . 
Also, show that the pulse generated at the output will have a 
width T given by 



CR In 



Note that this circuit has the interesting property that the 
pulse width can be controlled by changing F ref . 


Ci 



17.35 For the monostable circuit considered in Exer¬ 
cise 17.19, calculate the recovery time. 

D 17.36 Using the circuit of Fig, 17.26, with a nearly ideal 
op amp for which the saturation levels are ±13 V. design a 
monostable multivibrator to provide a negative output pulse 
of 100-|is duration. Use capacitors of 0.1 nF and I nf Wher¬ 
ever possible, choose resistors of 100 kQ in your design. 
Diodes have a drop of 0.7 V. What is the minimum input 
step size that will ensure triggering? How long does the cir¬ 
cuit take to recover to a state in which retriggering is possi¬ 
ble with a normal output? 


Section 17.7: Integrated-Circuit Timers 

17.37 Consider the 555 circuit of Fig. 17.27 when the 
Threshold and the Trigger input terminals are joined 
together and connected to an input voltage v } . Verify that the 
transfer characteristic Vq—vj is that of an inverting bistable 
circuit with thresholds V TL = \ V cc and V TH = \ V cc and out¬ 
put levels of 0 and V cc . 


17.38 (a) Using a 1-nF capacitor C 
i ig. 17.28(a), find the value of R that r 
pulse of 10-ps duration. 


m the circuit of 

in an output 


and assuming that V TH can be varied externally (j e ' \ 
not remain equal to j V cc ), find its required valueso’thatifc 

pulse width is increased to 20 ps, with other conditions th 
same as in (a). ne 


D 17.39 Using a 680-pF capacitor, design the astable circuit 
of Fig. 17.29(a) to obtain a square wave with a 50-kHz fa 
quency and a 75% duty cycle. Specify the values afR and/? 

*17.40 The node in the 555 timer at which the voltage is 
V w (i e., the inverting input terminal of comparator 1) j s 
usually connected to an external terminal. This allows the 
user to change V TH externally (i.e., V m no longer remains at 
\ V C c)- Not e, however, that whatever the value of V TH 
becomes, V TL always remains \ V TH . 

(a) For the astable circuit of Fig. 17.29, rederive the expres¬ 
sions for T h and T h expressing them in terms of V w and 

V TL ■ 

(b) For the case C = 1 nF, R A = 7.2 kU R B = 3.6 kfl, and 
1 cc ~ 5 V, find the frequency of oscillation and the duty 
cycle of the resulting square wave when no external voltage 
is applied to the terminal V TH . 

(c) For the design in (b), let a sine-wave signal of a much 
lower frequency than that found in (b) and of l-V peak 
amplitude be capacitively coupled to the circuit node 

I his signal will cause l ' TH to change around its quiescent 
value of | V cc , and thus T H will change correspondingly—a 
modulation process. Find T jf , and find the frequency of oscil¬ 
lation and the duty cycle at the two extreme values of 1 TH- 


Section 17.8: Nonlinear Waveform-Shaping 
Circuits 

D*17.41 The two-diode circuit shown in Fig. PI7.41 can 
provide a crude approximation to a sine-wave output when 
driven by a triangular waveform. To obtain a good approxi¬ 
mation. we select the peak of the triangular waveform, k so 
that the slope of the desired sine wave at the zero crossings is 
equal to that of the triangular wave. Also, the value of R 
is selected so that when Vj is at its peak, the output voltage is 
equal to the desired peak of the sine wave. It the diodes 
exhibit a voltage drop of 0.7 V at 1-mA current, changing at 
the rate of 0.1 V per decade, find the values of V and R that 
will yield an approximation to a sine waveform of 0.7-V pea 
amplitude. Then find the angles 0(where 6~ ^0° when vj is at 
its peak) at which the output of the circuit, in volts, is y 
0.65, 0.6, 0.55, 0.5, 0.4, 0.3, 0.2, 0.1, and 0. Use the angle 
values obtained to determine the values of the exact sine ^ 3ve 
(i.e., 0.7 sin 0 ), and thus find the percentage error of t is 
circuit as a sine shaper. Provide your results in tabular orm. 
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Figure P17.41 

D 17.42 Design a two-segment sine-wave shaper usine a 
10-kf2-input resistor, two diodes, and two clanipine volt¬ 
ages. The circuit, fed by a 10-V peak-to-peak triangular 
wave, should limit the amplitude of the output signal via a 
0.7-V diode to a value corresponding to that of a sine wave 
whose zero-crossing slope matches that of the triangle. What 
are the clamping voltages you have chosen? 

17.43 Show that the output voltage of the circuit in 
Fig. PI 7.43 is given by 

v o ~ ~ Vt l n ( Vj>0 

s 


where I s is the saturation current of the diode and V T is the 
thermal voltage. Since the output voltage is proportional to 
the logarithm ot the input voltage, the circuit is known as 
a logarithmic amplifier. Such amplifiers find application in 
situations where it is desired to compress the signal range. 



Figure P17.43 

17.44 Verify that the circuit in Fig. i'l 7.44 implements the 
transfer characteristic Vq = iqih f° r *'2 > 0- Such a circuit 
is known as an analog multiplier. Check the circuit's perfor¬ 
mance for various combinations of input voltage of values, 
say, 0.5 V, 1 V, 2 V, and 3 V. Assume all diodes to be identi¬ 
cal, with 700-raV drop at 1-mA current. Note that a squarer 
can easily be produced using a single input (e.g., iq) con¬ 
nected via a 0.5-kH resistor (rather than the l-kI2 resistor 
shown). 


£| 

tx 



Figure P17.44 
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17.45 Detailed analysis of the circuit in Fig. I 7.32 shows 
that optimum performance (as a sine shaper) occurs when 
the values of / and R are selected so that RI — 2.5 Fy, where 
Vj is the thermal voltage, and the peak amplitude ot the 
input triangular wave is 6,6 Vf. 1l the output is taken across R 
(i.e., between the two emitters), iind vj corresponding to vq 
= 0.25 V Tt 0.5 Vy, V r , 1.5 Vj, 2V t , 2.4 V T , and 2.42 Fy. Plot 
v O~ v ! and compare to the idea! curve given by 

v o = 2.42 V T sin|^x 90°) 

Section 17.9: Precision Rectifier Circuits 

1 7.46 Two superdiode circuits connected to a common¬ 
load resistor and having the same input signal have their 
diodes reversed, one with cathode to the load, the other with 
anode to the load. For a sine-wave input of 10 V peak to 
peak, what is the output waveform? Note that each half¬ 
cycle of the load current is provided by a separate amplifier, 
and that while one amplifier supplies the load current, the 
other amplifier idles. This idea, called class-B operation 
(see Chapter 11), is important in the implementation of 
power amplifiers. 

D 17.47 The superdiode circuit of Fig. 17.33(a) can be 
made to have gain by connecting a resistor R 2 in place of the 
short circuit between the cathode of the diode and the nega¬ 
tive-input terminal of the op amp, and a resistor /?| between 
the negative-input terminal and ground. Design the circuit 
for a gain of 2. For a 10-V peak-to-peak input sine wave, 
what is the average output voltage resulting? 

D 17.48 Provide a design of the inverting precision recti¬ 
fier shown in Fig. 17.34(a) in which the gain is -2 for nega¬ 
tive inputs and zero otherwise, and the input resistance is 
100 kfi What values of /?[ and /?-. do you choose? 

DH7.49 Provide a design for a voltmeter circuit similar 
to the one in Fig. 17.35, which is intended to function at 
frequencies of 10 Hz and above. It should be calibrated for 
sine-wave input signals to provide an output of+10 V for 
an input of 1 V rms. The input resistance should be as high 
as possible. To extend the bandwidth of operation, keep the 
gain in the ac part of the circuit reasonably small. As well, 
the design should result in reduction of the size of the 

capacitor C required. The largest value of resistor available 
is 1 Mfi 

(7.50 Plot the transfer characteristic of the circuit in 
Fig. PI 7.50. 


R 


Figure P17.50 
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Figure P17.51 


10 kO 






Figure P17 


1 7.51 Plot the transfer characteristics vq^-Vj and Vqi-Vi of 
the circuit in Fig. PI 7.51. 

17.52 Sketch the transfer characteristics of the circuit in 
Fig. PI7.52. 


D 17,53 A circuit related to that in Fig. 17.38 is to be 

used to provide a current proportional to Vj ( Va - , 
light-emitting diode (LED), fhe value of the current is 
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be independent of the diode's nonlinearities and variability. 
Indicate how this may be done easily. 

*17,54 In the precision rectifier of Fig. 17.38, the resistor R 
is replaced by a capacitor C. What happens? For equivalent 
performance with a sine-wave input of 60-Hz frequency 
with R = ! kH, what value of C should be used? What is the 
response of the modified circuit at 120 Hz ? At 180 Hz? If 
the amplitude of v A is kept fixed, what new function does 
this circuit perform? Now consider the effect of a waveform 
change on both circuits (the one with R and the one with C). 
For a triangular-wave input of 60-Hz frequency that pro¬ 
duces an average meter current of 1 mA in the circuit with R . 
what does the average meter current become when R is 
replaced with the C whose value was just calculated? 


'*17.55 A positive-peak rectifier utilizing a fast op amp and 
a junction diode in a superdiode configuration, and a 10-(iF 
capacitor initially uncharged, is driven by a series of 10-V 
pulses of 10-ps duration. If the maximum output current that 
the op amp can supply is 10 mA, what is the voltage on the 
capacitor following one pulse? Two pulses? Ten pulses? 
How many pulses are required to reach 0.5 V? 1.0 V? 2.0 V? 

D 17.56 Consider the buffered precision peak rectifier 
shown in I ig. I 7.40 when connected to a triangular input of 
l-V peak-to-peak amplitude and 1000-Hz frequency. It uti¬ 
lizes an op amp whose bias current (directed into A 2 ) is 10 
nA and diodes whose reverse leakage current is 1 nA. What 
is the smallest capacitor that can be used to guarantee an 
output ripple less than 1%? 
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F or your convenience, seven additional chapters on important reference topics are 
included on the in-text DVD. In PDF format, the Appendixes are fully searchable 
and can be bookmarked. 

Appendix A: VLSI Fabrication Technology This article is a concise explanation of the 
technology that goes into fabricating integrated circuits. The different processes used 
are described and compared, and the characteristics of the resulting devices. Design con¬ 
siderations that restrict 1C designers are explored. 

Appendix B: SPICE Device Models and Design Simulation Examples Using 

PSpice and Multisim™ This three-part appendix could stand as a book on its own. 

Part 1 describes the models SPICE programs use to represent op amps, diodes, MOSFETs, 

and BJTs in integrated circuits. A thorough understanding of these models is critical for 

designers trying to extract meaningful information from an analysis. Part 2 describes and 

discusses all the PSpice® simulations included in the Lab-on-a-Disc, while Part 3 does the 

same for the Multisim™ simulations. The entire Lab-on-a-Disc is a rich resource to help 

analyze, experiment with, and design examples that relate to the topics studied in Micro¬ 
electronic Circuits. 

Appendix C. Two-Port Network Parameters Throughout the text, we use different 
possible ways to characterize linear two-port networks. This appendix summarizes the y, 
z, h, and g parameters and explains equivalent-circuit representation, a useful tool. 

Appendix D, Some Useful Network Theorems This article reviews Thevenin's the¬ 
orem, Norton s theorem, and the source-absorption theorem, all of which are useful in 
simplifying the analysis of electronic circuits. 

Appendix E. Single-Time-Cot istant Circuits STC circuits are composed of, or can be 
reduced to, one reactive component (inductance or capacitance) and one resistance. This 
is important to the design and analysis of linear and digital circuits. Analyzing an ampli¬ 
fier circuit can usually be reduced to the analysis of one or more STC circuits. 


Appendix F. s-Domain Analysis: Poles, Zeroes, and Bode Plots Most of the work 

in analyzing the frequency response of an amplifier involves finding the amplifier 

voltage gain as a function of the complex frequency s. The tools to do this are summa¬ 
rized in this appendix. 

Appendix G: Bibliography An excellent resource for students beginning research 

projects, this bibliography outlines key reference works on electronic circuits, circuit and 

system analysis, devices and 1C fabrication, op amps, analog and digital circuits, f ilters and 
tuned amplifiers, and SPICE. 

Appendix H: Standard Resistance Values and Unit Prefixes H-1 
Appendix Is Answers to Selected Problems 1-1 









APPENDIX h 


standard RESISTANCE VALUES 

AND UNIT PREFIXES 


Discrete resistors are available only in standard values. Table H.l provides the multipliers 
for the standard values ot 5%-tolerance and 1%-tolerance resistors. Thus, in the kilohm 


Table H.l Standard Resistance Values 

1% Resistor Values (kft) 

5% Resistor Values (kQ> 

100-174 

178-309 

316-549 

562-976 

10 

100 

178 

316 

562 

n 

102 

182 

324 

576 

12 

105 

187 

332 

590 

13 

107 

191 

340 

604 

15 

110 

196 

348 

619 

16 

113 

200 

357 

634 

18 

115 

205 

365 

649 

20 

118 

210 

374 

665 

22 

121 

215 

383 

681 

24 

124 

221 

392 

698 

27 

127 

226 

402 

715 

30 

130 

232 

412 

732 

33 

133 

237 

422 

750 

36 

137 

243 

432 

768 

39 

140 

249 

442 

787 

43 

143 

255 

453 

806 

47 

147 

261 

464 

825 

51 

150 

267 

475 

845 

56 

154 

274 

487 

866 

62 

158 

280 

499 

887 

68 

162 

287 

511 

909 

75 

165 

294 

523 

931 

82 

169 

301 

536 

953 1 

9t 

174 

309 

549 

976 




































^ ^ Appendix H Standard Resistance Values and Unit Pr©flx©s 


range of 5 % resistors, one finds resistances of 1.0, i.l, 1.2,1.3,1.5.In the same ranpe, 

one finds 1% resistors of kihihm viiiuc-Mir i .oo, i ,02. 1.0.^5 i 07 110 

* “ t # * 1 ' I 1 | g f | 

lahlr 11.2 provides ihr SI mill prefixes used in (Jus book and in nil modern works in 
I if 



Table H.2 

SI Unit Prcfixi**. 


Nil me 

Symbol 

Fiiclor 

f cmUi 

r 

X JO M 

plat 

P 

X 10 '* 

mino 

n 

X 1 o“ 

1 xiicvi < i 

M 

X 10 " 

m lilt 

m 

X to ' 

kilo 

k 

x 10’ 

IllCgil 

M 

X 10" 

tfign 

(i 

X 10“ 

lent 

T 

X HI 1 ’ 

pc III 

P 

X |0 n |' 


l.ililr II ^ provides die me lei conversion liiclors. 


Table H.3 

Meter Conversion f.ic tor. 

1 |im 10 4 cm Hi m 

1 m 10 nil 

10* pm 

o ) fill) loo 

nm 

1 A 10 * cm 

10 10 m 












APPENDIX I 


ANSWERS TO SELECTED PROBLEMS 



chapter 1 

I I (a) 10 mA; (l>) 10 kO; (c) 100 V; (il) 0.1 A 1.2 (a) 0.9 W, I W; (c) 0.09 W, 

1/8 W; (0 0.121 W, I /X W hut preferably 1/4 W 1,4 17 1 .7 2.94 V, 2.22 Ml; 2.75 V to 

\ |4 V, 2 II ki 2 to 2.33 k !2 I .6 10.2 V; shunt the U)-ki 2 resistor a 157 -kU resistor; add a 
nt-s resistor of 200 12 ; sluml the 4 . 7 -kU resistor with a 1 57 ki 2 and the 1 0 -kQ resistor \s illi 
go I- 2 | || 25012 1.13 Shunt R, with a 1 . I~ki 2 resistor; current divider 1.15 0.77 V 

antlh.15 k! 2 ; 0 .l mA I 17 1 . 8 BjjA; 5.64 V 1 . 19 (a) 10 ' s, I 0 ; 1 1 /., 6.28 X 10 7 Hz; 

rad/s, 1.50 x It)' 11 /, 6.2K x 10 ’ s 1.3 1 (a) (1 /1.50) ki2; (e) (71 .72 -/45.04) k !2 

,) 0.1 V, 10 [iA, 10 k!2 1.24 lOkli 

0 V, l V; 1000 Hz; 10 1 s 1.32 4 kll/; 4 Hz 
|,36 (e) I 1 ; 4.0 mV; 2.4 mV 1.38 7.056 X 
ilH; 22 A/A or 26. K dB; 242 W/W or 23.K dll; 120 mW; 05.8 mW; 20.2% I 13 0 mV; 

57,5 mV; 0.573 V 1,43 (a) 8.26 V/V or 18.3 dB; (b) 2.5V/Vor8dB; L) 0.0X3 V/V or 
2 l.odB | it, 0.83 V; - 1 .6 dli; 70.2 dll; iX.K dB ISI (a) 300 V/V; do 00 k! 2 , 

3 x I0 4 A/A, Ox 10 " W/W; <c) 667 12 ; (d) 555.7 V/V; (e) 100 k! 2 , 100 12 , 36 3 V/V 
1.57 TransCOnductance ampli I let; 100 ki2; lOOkiJj 121 V/V 1.65 sl{s + 1 ti A) 

0 . 51/( 7 ? 1.73 13.3 pF; 0.26 pF 1 20 dB; 37 dB; 40 dB; 37 dlL 

20 dB; 0 dB; -20 dB; 0000 (1/ I S. 1 /(sC,/?, \ I); 15.0 Hz \-Gji{R l HR 1 )Ks+ l/(( ■(/?,+ 
//.))); 53 Hz; 16 Hz 


28 (a) 165 V;(b) 24 V 1.30 0.5 V; 1 V; 
.34 0, 101, 1000, 1 1001, I I 1001 
’ bits per second I l<) II V/V or 20.8 





CHAPTER 2 

2.2 2002 V/V 2.5 20,000 V/V 33 (a) It) V/V, 10 ki2; (h) -10 V/V, 10 
It I 10 V/V, 10 ki 2 ; |d> -10 V/V, 10 k!2 2.11 (a) -1 V/V; d») -10 V/V; (c) -0.1 V/V; 
100 V/V; (e) -10 V/V 2.12 (b) #| l (l ki 2 , A, = 20 ki2 (d) A’, = 10 ki2, 

M 12 2.14 i2. *50.1 kli 2.18 0 V, 5 V;-4.9 V to-5.1 V 2.20 (b) -66.4 V/V 

M IS mV } U) ihy 000 V/V 1 *9 10012; 10012; 100 k!2 3.31 (a) A, A, A, A, 

t l* «,U W) -rn .. ...ft- , , „ 

Id V t (r/, t Viv 2 )i"l V 2.43 12.8 k!2 2.46 R ■ B)0ki2;No 2.50 = 4 Sin(2^X 

)()()/) * 5 t (a) 0.000 V; 0.000 mA; 0.000 niA; (b) IOV;IOmA;OmA 

54 t l/v, 1/(1 4 1/4); 0.999, 0.1%; 0.990, 1.0%; 0.909,-9.1% 1.56 8.33 V/V; Shunt 


, - 0 ) kli; 9.00 V/V; 11.1 V/V 3 ■' 10.714 to f 10.714 V; 1.07 V 

52 u =t/,-iu; /?; 2 R\ 2 /?; R 2.64 /?, = R\ - uu f,K tlli 


with R 


,68 (a) 1 , 0 ; 


l -5 V to +5 V; (e) 1,0. 1(1 lo +.KI V J 7 t (a) -0.14 to +0.14 V;-14 to +14 V 
'<• «, « 0.5 kll fixed; R = 50 kO l ' (a) 3 V/V, -3.0 V/V; (b) 6 V/V; ,e> 56 V 

■ak-ln-pe.il,I, I9.K V (nns) ' SI 100 kll/; 1.59 (.Is '.S', 100 pulses SS kll/.. 

V(peak-to-peak} 2.9 1.4...V >"<> 57.5 mV;42.5 U, 57.5 mV; Adda > KU.es,.. 

" A nil Hie poxilive Mipnl leniiinal; 4 10 mV; add 5 kli resisloi in senes u H i (he nega.ive 

"Il Iliad. Mill 4.54 mV 1 104 (a) 0.1 V;(h) 0.2 V; 0 i 1 " kii ' '''' ' v 
) I III mV 2.108 46d»; sol II/. 10 MHz 11 47.6 kl I/; 19.9 V/V, 


































1*2 Appendix I Answers to Selected Problems 


“■114 32 V/V 2.117 (a) {Jl -l) l/2 /j;(h) 10 kHz; (c) 64.4 kHz, about six times 

greater 2.120 For each,/ 3dB =//3 2.127 (a) 31.8 kHz; (b) 0.795 V; (c) 0 to 200 kHz 

(d) I V peak 


CHAPTER 3 


3.1 5,33 x 10' 18 ; 3.05 x 10"' 4 ; 1.72 x lO' 13 ; 2.87 x 10" M ; 9.45 x 10 -" 3.4 1.5xl0 ,7 J> 

atoms/cm 3 3.5 Hole concentration 2.25 x 10 4 /cm 3 ; 2.23 x 10 9 /cm 3 3.9 4.63 x 10'Vcm 3 
10 0.432 A/cm 2 3.11 D n : 35,28.5,18.1,9.3; D p : 12.4,10.4,6.7,3.9 3.13 0.633 V- 

0.951 pm; 0.8642 pm; 0.8642 pm; 5.53 x 10" IJ C 3.22 3.6 x 10 15 A; 0.6645 V 
3.27 259 pS; 1 pF 


CHAPTER 4 


4.1 (a) 0 A; 1.5 V; (b) 1.5 A; 0 V 4.2 (a) 5 V; 1 mA; (b) 5 V; 0 mA; (c) 5 V; 1 mA; 
(d) 5 V; 0 mA 4.8 50 kQ 4.9 a) 0 V; 0.3 mA; (b) 0.4 V; 0 mA 4.10 (a> 4 5 V’ 
0.225 mA; (b) 2 V; 0 A 4.15 29.67 V; 3.75 Q; 0.75 A; 26.83 V; 30 V; 3 fl; 20.5%; 

136 mA; I A; 27 V 4.1f> red lights; neither light; green lights 4. IX 0.345 V; 

1.45 x Id' /, 4.20 537 x I O'" 1 A; 0.746 mA; 27.32 mA; 0.335 mA; 9.17 pA; 57.56 mV 


1 T 


7.9 mA; 10.15 mV 4.26 194Q 4.29 50°C; 9 W; 5.56°C/W 4.33 0.6635 V; 
0.3365 mA 4.3> R = 947 Q 4.38 0.86 mA; 0 V; 0 A; 3.6 V 4.51 157 pA;-84.3° to 
-5.71° 4.58 -30 mV/mA;-120 mV/mA 4.60 8.96 V; 9.01 V; 9.46 V 4.63 8 83 V- 
19.13 mA; 300 Q; 9.14 V; ±0.01 V; +0.12 V; 578 Q; 8.83 V; 90 mV/V; -27.3 mA/mA 
4.68 16.27 V; 48.7%; 0.13; 5.06 V; 5.06 mA 4.69 16.27 V; 97.4%; 10.12 V; 10.12 mA 
4.70 15.57 V; 94.8%; 9.44 V; 9.44 mA 4.72 55 V 4.75 (a) 166.7 pF; 15.4 V; 7.1%; 
233 mA, 449 mA; (b) 1667 pF; 16.19 V; 2.25%; 735 mA; 1455 mA 4.76 (a) 83.3 pF; 
15.5 V; 14.2%; 124.4 mA; 233 mA; (b) 833 pF; 16.19 V; 4.5%; 376 mA; 735 mA 
4.79 (a) 23.6 V; (b) 444.4 pF; (e) 32.7 V; 49 V; (d) 0.73 A; (e) 1.36 A 4.91 14.14 V 


t 



_ „ IT 
Cfl □ 


5.2 1.875 fC 5.7 2.38pm 5.12 fV/fV n = 2.5 5.13 238 Q; 238 mV; 50 

XI4 (a) 7.3 mA; I . 1.62 mA; 1.6! mA; 17.7 mA 5.17 3.5 V; 1.5 V; 500Q; 100 Q 

5 ' I,H '^ V:0,5 V; 1,5 V; 10 V 5 - 2: ’ - 0 * 3 V 5.23 100 Q to 10 kQ; (a) 200 £2 to 20 kQ; 

1 J } Qto5kQ; (c) lOOQtolOkQ 5.31 500 kQ; 50 kQ; 2%; 2% 5.33 82.13 pA; 

2.7%; use 1 = 6 pm 5.38 0.24 mA; 0.52 mA; 0.54 mA; 0.59 mA 5,39 -3 V* +3 V; 

-4 V;+4 V;-1 V;-50 V;-0.02 V -1 ; 1.39 mA/V 2 5.42 (b) -0.3%/°C 

R=\ 1.1 kQ; R= 1.67 kQ 5.49 25 pm; 1.875 kQ 5.50 2 pm; 5.6 pm; 2.8 kQ 
XV 0.395 mA; 7.6 V 5.57 (a) 0.9 V;-1.6 V; (b) 4.1 V; 2.5 V; 0.9 V 5.59 (a) 7.5 U A* 
1.5 V; (b) 4.6pA;1.4V; (c) 1.5 V; 7.5 pA 5.61 (a) 1 V; 1 V;-1.32V; 

Ho 0.2 V; 1.8 V;-1.35 V 5.65 0.4 V; 8,33 5.7! (a) l25pA;0.8V; (b) 1 mS; 

(O -8.0 V/V; (d) 80 kQ;-7.3 V/V 5.75 4 pm; 1.0 V 5.77 -18.2 V/V; 1.207 V; 

-23.6 V/V 5.78 NMOS: 424 pS, 160 kQ, 0.47 V; PMOS: 245 pS, 240 kQ, 0.82 V 

bid 3.39 V, 0.86 mA to 0.36 mA; 1.1 kQ 5.101 1 mA; 7.6% 5 102 2 V; 2.40 V* 

n^„ mA A ' f ’ r> f:,) ~ LS V;+0 - 5 V;2 V; (b) -1.37 V;+0.5 V;+1.87V 5.108 15.9k Q; 
0.314 mA; 1.82 V 5.110 —11.2 V/V 


CHAPTER 6 


6.1 active; saturation; active; saturation; in versed active; active; cutoff; cutoff 6.8 53.3; 

. )K^ (k 10 0,5, 0.667; 0.909; 0.952; 0.991,0.995; 0.999; 0.9995 6.7 0.907 mA; 0.587 V 




6 j2 3 to 15mA; 3.05 to 15.05mA; 135 mW 6.17 -0.718 V; 4.06 V; 0.03 mA 6.22 -2 V; 

6.24 0.91 mA; 9.09 mA; 0.803 V; 9.99 mA 6.28 (a) 1 mA; 

|b) _2 V; (c) 1 mA; 1 V; (d) 0.965 mA; 0.35 V 6.38 0.74 V; 0.54 V 6.40 3.35 pA 
6,43 33.3 kQ; 100 V; 3.3 kQ 6.45 1.72 mA; 6 V; 34 V; 20 kQ 6.47 150; 125; 1.474 mA 
6 70 -360 V/V; 0.7 V, 2 mV 6.75 -100V/V 6.78 3 mA;-120 V/V; -0.66 V; -0.6 V; 

0 54 V; 0.6 V 6.51 (a) 1.3 V, 3.7 V; (b) 0.3 V, 4.7 V; (c) 0V,+5V 6.54 -0.7 V; 

4 7 V; -0.5 V (-1 V;+5V); +2.6 V (1.9 V, 2.6 V) 6.56 0.3 V; 15 pA; 0.8 mA; 

-1.075 V; 52.3; 0.98 6.61 (a) -0.7 V, 1.8 V; (b) 1.872 V, 1.955 mA; 

0.7 V, 0 V, 1.872 V; (d) 1.9 V, -0.209 V; (e) 1.224 V, 1.924 V,-0.246 V 
0(4 1 08 kQ; the transistor saturates. 6.94 1.25 V; 20 mA/V; 150 V/V 6. 

41 g ft; 23 mA/V; 1.09 kQ;-0.76 V/V 6,105 9.3 kQ; 28.6 kQ; 143 V/V 
6 106 i m A; 0.996 V/V; 0.63 V/V 6.152 (a) 1.73 mA, 68.5 mA/V, 14.5 Q, 1.46kQ; 
In 148.2 kQ, 0.93 V/V; (c) 18.21 kQ, 0.64 V/V 



2 135; 


7.15 



; 1.4 V 2 7.19 (a) 0.5 mA; (b) 100 kQ, 100 kQ, 50 kQ; (c) 2.5 kQ, 20 mA/V; 

Id) 2.5 kQ, 50 kQ,-1000 V/V 7.46 10.5 kQ; 0.25 V; 50 kQ; 10 fiA 7.49 100 fiA; 

0.2 V; 0.7 V; 5 //A 7.52 4: 25, 50, 200, 400/iA; 3: 16.7,40, 133 /zA; 1.05 V 

7.54 (a) 10//A to 10 mA; 0.633 to 0.806 V 7.57 0.2 mA; 10% 7.60 (a) 1.0 mA, 

-0.7 V, 3 V, 0.7 V, -5.7 V, -3.2 V; (b) 0.1 mA, -0.7 V, 3 V, 0.7 V, -0.7 V, -3.2 V 

7.63 1.56 pA 7.64 8.93 MQ; 0.95 V; 1.45 V; 100.4 pA 7.69 500 Q 7.70 2 pA;0.2% 

7 76 ia) 5 7 kQ; (b 16.4 MQ, 0.3 pA 7.78 7.46 MQ 7.79 (a) 68.5 kQ, 

(b) 112.5 MQ 7.80 6.42 kQ 7.84 12; 34 7.85 2.88 7.88 0.5 mA; 4 mA/V 
)3 16.7 GHz; 23.9 GHz; because the overlap capacitance is neglected. 7.94 15 V/V; 
164.2 MHz; 2.5 GHz, 0.155 mA; quadrupled to 0.62 mA; 7.5 V/V; 656.8 MHz 



8.9 0.724 V; 3.57 mA/V; 0.317 V; 1.6mA 8.11 -1.5 V; +0.5 V; equal in both cases; 

0.05 V;-0.05 V; 0.536 V 8.32 -1.665 V; 0.52 V 8.34 -1.53 V to 0.92 V 
8.38 (a) V cc - (U2)R C \ (b) -(//2)/? r , +(//2)/? c ; (c) 4 V; (d) 0.4 mA, 10 kQ 
8.41 (a) 20//?, V/V; (b) V a - 0.0275,4, 8.43 I SI = 2 mA,/ £2 = 1 mA,/ c , = 2mA, 
l n - 1 mA; 17.3 mV 8.45 4 mA/V; 75.5 kQ 8.48 (a) 0.2 mA, 10 mV; (b) 0.7 mA, 

0.3 mA; (c) -2.4 V, +2.4 V; (d) 48 V/V 8.59 50 V/V; 50.5 kQ 8.60 50 V/V; 

50.5 kQ 8.63 25 V/V; 40.4 kQ; 0.001 V/V; 6.56 MQ 8.64 (a) 200 V/V; (b) 20.2 kQ, 

(c) 0.0005 V/V; (d) !12dB; (e) 9.76 mQ 8.67 1.8 mA; 360 V/V; 1.8 sin cot V 

8.68 R = 25 Q; R .= 10kQ; R £50 kQ; R icm = 5 MQ;±12 V would do, ±15 V would be 

better. 8.69 2% 8.70 0.008 V/V 8 77 -125 uV 8.79 1.7 mVM 8.81 (a) 0.3; 



0 8 1 1 s R J= 40 4 kQ- ft 2 = 10.1 kQ; 20.2 V/V; 3823 V/V decrease 8 . 1 U > /? s = 7.34 kQ; 
4104 V/V; R a = 1.11 kQ 8.117(a) 173.1 x 10 3 V/V (b) 5583 V/V 8.118 (a) 0.97 mA; 

(b) 2.23 kQ, 129 Q; (c) 2.86 x 10 4 V/V 


CHAPTER 9 


9.1 1.43 V/V, 9.3 pF 9.4 -16 V/V; C \, 
9.17 6.3 GHz 9.19 5.4 GHz 9.24 _ 
9.25 0.69 pF; 40 mA/V; 4 kQ; 50 Mil/ 

‘ 5 (a) 2.07; (b) 7.02 9.46 (a) 10 4 




21.2 nF, C s =9.6 pF; C a = 0.5 pF; 50 Hz 
,600 MHz, 251. 

9.33 (a) -15.9 V/V; (b) 40.1 kHz 
s;(b) 10.1 Krad/s 9.4 7 5.67 x 10 6 rad/s 








Appendix I Answers to Selected Problems 


9.54 40.6 WV; 243.75 ns; 3100 ns; 300 ns: 43.7 kHz 9.58 (a) -1000 V/V. C = 1 .001 nF 
C 0 - 1.001 pF; (I'm -10 V/V, C,= 110 pF, C„ = II pF; (c) -1 V/V, C, = 20 pF. C =20 nF- 
(d) 1 V/V, C ( = 0pF, C„ = 0pF; (e) 10 V/V, C, = -90 pF, C= 9 pF 9.62 6.37 GHz- 
673.23 kHz; 21.39 MHz; 673.23 kHz 9.66 139 V/V; 21.22 GHz; 1.99 MHz; 83.22 MHz- 
1.99MHz 9.68 -80 V/V; 3.79 MHz; 303.2 MHz 9.72 159.1 fF 9.75 16 V/V; 

398 MHz; 3.79 MHz; 3.79 MHz 9.88 0.964 V/V; 593.8 MHz 9.103 (a) 2.5 MU. 

-3943.6 V/V; (b) 107.8 kHz, (C L + C^J dominates, or C r is the second most significant 

CHAPTER 10 

10.1 9.99 x 10-'; 91.74; -8.26% 10.14 + AJ3); W L ,= W ,/(I + AJ3) 

10.16 1 MHz; 1 Hz 10.34 (a) h" =R,R 2 I(R, + R 2 )Si,h u + /? 2 ) V/V, 

/t,, = -Rj • R, + R 2 ) A/A, h n = !/(/?, + R,) U; (b) h u = 10 U. h r = 0.01 V/V, A., =-0 01 A/V 
*22 = 0.99 x 10“’ Q 10.35 100 V/V; 1.001 MU 10.62 (a) shunt-series; (b) series- ’ 
series; (c) shunt-shunt 10.80 10 4 rad/s; /?=0.002; 500 V/V 10.82 K<0008 
10.84 9.9 V/V; 1.01 MHz; 10 MHz; 101 10.85 (a) 5.5xlO s Hz B= 2 025 x 10' 5 - 

(b) 330.6 V/V; (c) 166.3 V/V, 1/2; (d) 1.33 10.87 co 0 = I !CR- Q= 1/(21 - A); 0.1; 

0.686;A' = 2.I 1".89 IMHz;90° 10.91 56.87°; 54.07°; 59.24°; 52.93° 

10.93 159.2 (is; 39.3°; 20 dB 10.95 3 KHz 10.96 15 KHz; 200 10.97 1/100?; I/O?- 

1 /(100 x C f \R);9.VCR 10.98 IOOHz;1.59nF 10.99 58.8 pF; 37 95 MHz 

CHAPTER 11 

11.1 Upper limit (same in all cases): 4.7 V, 5.4 V; lower limits: -4.3 V, -3.6 V; -2.15 V, 

-1.45 V 11.4 152 U; 0.998 V/V; 0.996 V/V; 0.978 V/V; 2% 11.6 V J I 1 .8 5 V 

11.10 4.5 V; 6.4%; 625 U 11.12 5.0 V peak; 3.18 V peak; 3.425 U; 4.83 U; 3.65 W; 

0.647 W 11.19 12.5. 11.21 20.7 mA; 788 mW; 7.9°C; 37.6 mA 11.22 1 34 kU-’ 

I. 04kU 11.30 50W;2.5A 11.32 140°C; 0.57 V 11.34 100 W; 0.4°C/W 

11.45 13 U; 433 mV; 0.33 pA 11.47 /?, = 60 kU; /?, = 5 kU; 0.01 pA 

11.49 / £J =4 = i7HA;4=/ a = 358pA;4 = / £6 = 341 pA; 10.5 V 11.50 14 V- I 9W- 
"V II.M /?, = 4 = 40 U; /?,=/?,= 2.2 kU 11.53 40 kU; 50 kU 
11.55 L - H„(v as - V)/U m ; 3 pm; 3 A; I A/V 

CHAPTER 12 

-ITq 4 a 6 /w 0625 V; for A ' 7,3 mA/v ’ 1343 Q ’ 685 kn - 274 kfl ; for b. 

2, 0 1 To 7 “• 2 f 8 k °’ 913 kn 1239 593 mV; 518 mV ; 73 k£2 12.31 4.75 pA; 

I^un^xo 2 '* 3 56 ' 5kfl ’ 9353jiA 12 36 5 - 6 mV 12.38 6.37 kU; 270 pA 

I-.40 1.68mA; 50.4 mW 12.42 Raise R\, R\ to 4.63 kU 12.45 1.4mV 

! 23 ° ms^^on^y-o 12 ' 52 4 - 2 Vt °- 3 - 6v 12.54 105.6 dB; |FJ < 4 V; 21.0 mA 

“ O.dB, 61.9U 12.58 7.6 MHz 12.60 318 kU 12.62 159.2 kHz; 15.9 MHz 

CHAPTER 13 

n 8 S 7 V 5 n V f y [! O y;„° V; 3 V; 1 5 v ; 1 - 5 V; “ >3.8 0.349 to 0.451 V; 0.749 to 

0.852 V;0V; 1.2 V; 0.349 to 0.452 V; 0.348 to 0.451 V 13.19 4.36 mW; 

J 33 ', ',*> '«.«= I -6 ns,= 0.8 ns; (b) C=1.43pF; (c) C„ = 0.86pF, 

f'T 037 P F _ l3 - 2: ' °- 66 > °- 4 35 (b) 0.436, 0.435 13.29 9.09 mV; 50 mV 

3.46 24 1 3 53 p A =p:p s = Pc = pD = 2p . and „ a = „ i = 2 n:n c = n D = 2(2«) = 4 n 

J. .. t PHL is 4 times larger; t PLH is the same 
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CHAPTER 14 

ill 069iR n C\ (b) 0.5/?, ,C, for a 21.5% reduction 14.2 1.52; 0.97 V; 1.69 V; 

2V- 2 5 V; 0.28 V; 0.81 V; 0.69 V 14.4 r = 2.1; NM Lm „ 0.731 V 14.6 1.33 
4 21 9 38 ns 14.30 3 ms; 333 Hz 14.33 2.27 GHz 14.35 33.3 MHz; high 13 ns; 
w ' |7ns 14.38 0.33 V/V; 8.95 V/V; 0.37 V/V 14.39 (a) -1.375 V,-1.265 V; 

® 1493 V,-1.147V 14.41 21.2 14.43 7 cm 14.45 (W/ L) = 5 pm/1 pm; 

(,5uA 1446 2.32 V; 3.88 mA 14.47 For/?,: 50%; 36.5 kU;20%;91.1 kU; for/?,: 50%; 
670 k£2- 20%; 16.7 kU; 50%; /?,//? 2 = 5.45; 20%; /?,//?, = 5.45 14.48 83.2 ps; 50.7 ps; 

67.0 ps ’ 14.50 ( W!L) m = ( WH) m = 2(07I)„; ( WIL) PA = (W!L) PB = ( WIL) P 

CHAPTER 15 

1510 5536V; 100V/V 15.12 1024; 1024;400pF;225pF;220fF/bit;2.8times 

km 60% 15.29 41 mV 15.31 0.4 pA 15.32 1.589 mA/V; 11.36 pm; 34.1 pm; 

1 66 ns 15 33 680 pAA/; 0.482 V; 0.206 V; 50%; 7.5 ns 15.38 9; 512; 18; 4608 NMOS 
and 512 PMOS transistors 15.39 9; 1024; 4608; 512; 5641; 521 15.44 0100,0000, 

1000, 1001 . 0101 .0001, 0110, and 0010 15.46 2.42 ns; 23 ns, 3.16 V; 1.90 ns 




CHAPTER 16 

16 1 1 V/V. 0°. 0 dB, 0 dB; 0.894 V/V, -26.6°, -0.97 dB,0.97 dB; 0.7"- V V, -45.0°, 

-301 dB 3*01 dB; 0.447 V/V, -63.4°,-6.99 dB, 6.99 dB;0.196 V/V,-78.7°,-14.1 dB, 

141 dB: 0.100 V/V, -84.3°, -20.0 dB, 20.0 dB; 0.010 V/V, -89.4°, -40.0 dB 40 0 dB 

16.5 0.5088 rad/s; 3 rad/s; 5.9 16.9 f(s) = 0.2225 (r + 4)/[(s + l)(r + s+ 4.89)] 

Tiv) = 0 5/s 3 + 2s 2 + 2s + 1; poles at s = -1, —1/2 tjJi/2 ,3 zeros at s 00 
6.13 28.6 dB 16.19 /?, = .0 kU;/? : = 100 kU: C= .59 pF 16.21 40 dB 

623 T(s) = H S - V S + Ob); 2-68 kU, 5.77 kU, 10 kU 17.3 kU, 37., kU 

16.25 m = H)V(s 2 + 10 3 s + 10 6 ); 0.707 rad/s; 1.15 V/V; 1.21 dB 16 33 L. - 5«) mH, 

F 16.35 s 2 /(s 2 + s/RC + \/LC) 16.39 I,/i 2 = 0.2346; |71-L 2 ./(i, + 

7]= 1 16.43 /?, = /?, = /?, = /?< = 3.979kU; /?, = 39.79kU; C 6 , = 6.4nF; C = 3.6 nF 

?,=/?/= 10 kU; /?, = 10 kU; /?, = 390 kU; 39 V/V 16.51 ±1% \6.55 

?, = 70.7kU 16.57 4//?C; 2; 8 V/V 16.59 High-pass, 1 V/V, 3 

? 4 = 70.7 kU 16.64 0; 2^/zl 

CHAPTER 17 

17.1 (a) co= co„, AK= 1; (b) W Wj. = ^ 

H80° 17.9 l//?C;%;W 17.10 1.15/^t 1715 - 03 ’ D /DA \„ /R v = 

17.23 2.01612 MHz to 2.0172 MHz 17.25 (a F ri-’ '' or -\ 2 v 

rt I + R lf J?,)- L /?,//?. L_■ (b) R: = 200 kU, V R = 47.62 mV 1728 (a) +12 V 12\ 

17.29 V, = 6.8 V; /?, = /?, = 37.5 kU;/? = 4.1 kU 17.33 V z ' ’ ' 2 . 

«, = /?„ = 200 kU; /?- = 5.1 kU; triangle with period ot 100 ps an - P 

17.35 96 ps 17.38 (a) 9.1 kU, (b) t J- v A 0 70 v> 90 °, 

17.41 V- 1.0996 V;/? = 400 U; Table rows, tor u 0 , ft 0.7 s , ]0 

0.700 V,0%; 0.65 V,63.6°, 0.627 V, 3.7%;0.60 V, 52.4.0.5-4 . ■ »- ^ 

0.504 V,9.1%; 0.50 V,41.3°,0.462 V, 8.3%;0.40 V, 32.8 •°- 3 ’ ' " Q0 ’ ' 

0291 V, 3.1%; 0.20 V, 16.4°, 0.197 V, 1.5%; 0.10 V, 8.* ,0. ’ ' , ses ’ 

0.0V,O%. 17.42 2.5 V 17.55 10 mV, 20 mV, 100 mV, ,0 pu s , P 

200 pulses 
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Numbers 

"port ne twork parameter. See Two-port network 
parameter 

’-input (NANO) gate. See Two-input N AND gate 

2-inpul (NOR) gate- See Two-input NOR gate 

2 -integrator-loop biquad, 1293-1295 

2 -integrator-loop filter, PSpice example, 1171- 

B74 

2- stage CMOS op amp. See Two-stage CMOS 

op amp 

3- dB frequency 

bandwidth, 322-323,462 
determining, 692-693,721-723,7845, 
790-792P 
example, 36-37 

open-circuit time constants, 724-727 
single-time-constant (S'! C) network, 33, 

34,35 

553 circuit, 1369-1370 
553 timer, 1369,1371 
astable multivibrator using. 1372-1374 
monostable multivibrator using, 1370-1372 

6T cell. 1218, 1246S 

741 op amp. PSpice example, B15-B18 

741 op-amp circuit, 1002—1005,1050S, 1053P 
bias circuit, 1002-1004 
dc analysis. 1006-1013, 1050S, 1O53-1054P 
dc collector currents, 1013 
device parameters, 1005 
frequency response, 1027-1028 
input bias current, 1010 
input offset current, 1010 
input resistance, 1019-1020 
input stage, 1004,1013-1016 
input stage bias, 1007-1010 
output resistance, 1020-1021 
output short-circuit protection. 1026 
output stage, 1005,1022-1026 
output-stage bias, 1011-1012 
output voltage limits, 1022-1023 
reference bias current, 1007 
second stage, 1004-1005, 1019 - 10 - ! 
second-stage bias ,1011 
short-circuit protection circuitry, 1004 
simplified model, 1028-1029 
slew rate, 1029-1030 

small-signal analysis, 1013-1026, 1050S, 
1054-l055P 

small-signal gain, 1026-1027 
small-signal model, 1023-1025 
Th^venin equivalent circuit, 1021 
transconductance, 1020 
unity-gain bandwidth and slew rate, 
1030-1031 


Abrupt junction i I 

Ac tcapacitively coupled I amplifier. 40 
Acceptor, 131 
Access transistors, 1218 
Ac circuits, 44-45P 


Ac ground 

common-emitter amplifier, 455 
common-source amplifier, 316 
Active-filler design, pole control, 877 
Active filter. Sec Second-order active filter 
Active-filler-tuned oscillator, 1347-1349,1386S 
PSpice example, B77-B79 
Active loaded, 495 

MOS amplifier, 637-638,765-769 
Active mode 

base current, 356-357 
BJT, 352,353 

BJT current-voltage relationships, 367 
collector current, 356 
current flow, 354-356 
emitter current, 357-358 
equivalent-circuit model, 358-359 
MOSFET and BJT. 557,559 
operation of BJT, 379 
operation of npn transistor, 353-361,465S 
operation of pnp transistor, 364-365 
recapitulation, 358-359 
Active-RC filter, 1256 
Active region, MOSFET and BJT, 559 
Ac voltages, precision rectifier measuring, 
1380-1382 

ADC (analog-to-digita! converter), 13-14,41S 
Address decoder, 1235-1237, 1246S, 

1249-1250P 

column-address decoder, 1237 
row-address decoder, 1235-1237 

Advanced logic circuit _ 

BiCMOS digital, 1190-1194.1195S, 1201P 
dynamic MOS, 1166-1175,1195S, 1199P 
emitter-coupled logic (ECL), 1175-1190, 
1195S,1199-1201P 
pass-transistor, 1152-1166, 1195S, 

1197-1199P 

pseudo-NMOS, 1144-1152, 1195S, 

U96-1197P 

All-pass (AP) circuit, second-order filter, 1289, 
1292,1293 

All-pass (AP) filter, 1271,1273,1278 

All-pass function, realization, 1281,1284 

All-pole filter, 1263 

Amount of feedback, 804.805,890S 

Amplification, 3 

biasing MOSFET for linear, 269-270 

Am applying BJT in, design, 396-403,475-4771' 
applying MOSFET in, design, 268-276, 
337-339P 

BJT, configurations, 422-445,466S, 

48|-483P 
buffer, 23,439 
cascaded, 24-26 
cascode, 506-526 
cascode differential * 604-605 
CB (common-base), 424,425,436-438, 






BH 








466S 

CC-CB, 550-551 
CC-CE, 546-547 
CD-CE, 546-547 
CD-CG, 550-551 
CD-CS, 546-547 

CE (common-emitter), 424,427-430,466S. 
481-483P 

CE with emitter resistance, 432-435 
CG (common-gate), 292, 300-302, 328S, 
341-343P 

characterizing, 293-294.425-426 
circuit models for, 21-30,46-49P 
circuit symbol, 15 

common-source (CS), 292,294-297, 

297-300,328S,341-343P 
current,816-819,855-863,903-906P 
difference, 71-80,115—118P 
differential, nonideal characteristics, 

629-635,677-678P 
differential, with active load, 635-650, 

678-682P 

discrete-circuit BJT, 453—462,466S, 

486-489P 

discrete-circuit MOS, 314—323, 328S, 

345-347P 

emitter follower. 424,425,438-443,466S 
error, 937 

expressing gain in decibels, 17 
feedback topologies, 814-822, 893-894P 
freque ncy response, 30-40 
frequency-response based classification, 

38-40,41S 

frequency response of, 30—40,49-5 I P, 
322-323,461-462 
gain, 15 

high-frequency response analysis, 721-731, 

790-792P 

instrumentation, 76—80,1 OSS 
multistage, 651-665,682-685P 
operational transconductance, 995 
power gain and current gain, 16-17 
power supplies, 17-19 
relationship between four models, 27 
saturation, 19,20 

sense. 1227-1235.1246S, 1249-1250P 
signal amplification, 14-15 
single-pole response, 872-873 
source-drain, 293, 302-305,328S, 341-343P 
symbol convention, 20-21 
three or more poles, 877-879 
transconductance, 819-820,834—846, 
899-90IP 

transresistance, 821-822,846-855, 

901-903P 

tuned,1315-1327,1328S,1332-1333P 

two-pole response, 873-877 

tvpes. 26-27,4lS 

voltage, 22-23,814-816,864 


r 















IN-2 Index 


Amplifier bandwidth. 31,32 
frequency response, 322-323 
Amplifier circuit, biasing in MOS. 306-314. 
328S,343-345P 

Amplifier frequency response, measuring, 30-31 
Amplifier pole 

feedback and. 870-879.907-908P 
poles of feedback amplifier, 872 
single-pole response, 872-873 
stability and pole location, 871-872 
three or more poles, 877-879 
two-pole response, 873-877 
Amplifier transfer function, T[w), 32 

Amplitude, symmetrical square-wave signal 
9-10 

Amplitude control 

limiter circuit, 1339-1341 
nonlinear, 1339 

Amplitude response, amplifier, 31 
Analog circuit, 12 
Analog signal, 11-12,4IS, 45^16P 
Analog-to-digital convener (A/D or ADC) 

13—14,41S 

Angular frequency, w, 9 
Anisotropic etching. A4 
Anode, diode, 166 

Antoniou inductance simulation circuit, 
1285-1286 

Applied voltage ,pn junction with, 145-154, 161P 
Astable multivibrator. 1336. 1363-1367 ] 386S 
1391P 

553IC, 1372-1374 
operation, 1363-1365 
triangular waveform, 1366-1367 
Attenuation function, 1256 
Audio band, 10 
Autotransformer, 1318 

Avalanche effect, pn junction breakdown, 153 

B 

Balanced manner, 600,622 
Bandgap energy, 128 

Bandpass (BP) circuit, design data, 1290, 1292 
Bandpass (BP) filter, 40, 1257, 1258,1276 
Bandpass amplifier. 40 

Bandpass function, realization. 1281,1282 

Band-reject, 1257. 1258 
Bandstop (BS) filter, 1257, 1258 
Bandwidth 

BJT amplifier, 462 

circuit performance, 97-102, 122-123P 
full-power, 106. 107,108S 
ideal op amp, 56 
unity-gain, 98, 107-I08S 
Bandwidth extension, feedback, 810-811 
Bandwidth-shrinkage factor, 1322 
Barkhausen criterion, 1337 
Barrier, depletion region, 140 
Base (B), terminal, 28, 352 
Base-charging capacitance, BJT, 707 
Base current 

input resistance at base. 406-407 
npn transistor in active mode, 356-357 
Base-current compensation, bipolar mirror 539 
553S 

Base-emitter junction capacitance, BJT, 707 
Base-width modulation effect, 372 
Bias circuit 

741 op-amp circuit, 1002-1004 
two-stage CMOS op amp, 655-657 
Bias cureem. reference, of 741 op-amp circuit 
1007 

Bias design, BJT op amp, 1033-1035 
Biasing 

BJT amplifier circuits, 446-453,483-486P 
BJT circuit, 532-536 


BJT for linear amplification, 397-399 
class AB circuit. 929-933,967S. 969-970P 
class AB circuit using Y st multiplier. 
931-932 

collector-to-base feedback resistor, 451-452 
constant-current source, 312-313,452-453 
drain-to-gate feedback resistor, 311-312 
fixing gate voltage and connecting resistance, 
308-311 

l' t integrated circuit) amplifier, 526-537, 

553S,576-580P 

MOS amplifier circuits, 306-314,328S, 
343-345P 

MOSFET for linear amplification, 269-270 
using diodes, 929-930 
Bias point Q , 270, 275. 276,398,402-403 
BiCMOS {bipolar CMOS) circuit 

bipolar and MOS transistor, 568-569 
fabrication, A1 
IC technology, 1086, 1088 
SiGe, process, AI3, AI4 
VLSI process, A12 
BiCMOS cascodes, 525-526,553S 
BiCMOS digital circuit, 1190-1194, 1195S 
1201 P 

BiCMOS inverter, 1191-1193 
dynamic operation, 1193 
equivalent circuit, 1193,1194 
logic gates. 1193-1194 
two-input NAND gate, 1193. 1194 
Bilinear transfer function, 1271 
Binary', number system, 12-13 
Bipolar cascode amplifier, high frequency 
response, 755-756,785S, 794-795P 
Bipolar differential amplifier 

CMRR (common-mode rejection ratio), 647-648 
common-mode gain, 647-648 
differential gain, 644-647 
input bias and offset currents. 634-635 
input offset voltage, 632-634 
pair with active load, 644-650 
systemic input offset voltage, 648-650 
Bipolar junction transistor Ss€ BJT (bipolar junc¬ 
tion transistor) 

Bipolar mirror, base-current compensation 519 
553S ' ' ’ 

Bipolar op amp 

analysis using current gains. 664-665 
frequency response, 783-784 
multistage amplifier, 657-665. 666S 
Biquad, 1293 

Biquadratic transfer function, 1271 

Bistable circuit, 1203 

Bistable multivibrator, 1336, I386S 

Bistable multivibrators, 1355 - 1362 , 1390 - 1 391P 

bistable circuit as comparator, 1360-1361 
bistable circuit as memory element, 1358 
bistable circuit with noninverting transfer 
characteristics, 1359 
feedback loop, 1355-1356 
output level precision, 1361.1362 
Schmitt trigger, 1358 
transfer characteristics of bistable circuit 
1356-1358 

triggering bistable circuit, ! 358 
Bit lines, memory' chip, 1215 
BJT (bipolar junction transistor), 28 

amplifier configurations. 422-445.424-4" 1 5 
465S,481-483P 

amplifier frequency response. 461-462 
applying, in amplifier design, 396-403 
475-477P 

base-charging capacitance, 707 
base current, 356-357,406-407 
base-emitter junction capacitance, 707 
biasing, amplifier circuits, 446-453, 


483—I86P 

biasing, for linear amplification, 397-399 
biasing using collector-to-base feedback 
resistor, 451 -452 

biasing using constant-current source 
452-453 

bias point Q, 402-403 
BJT cascode, 520-524 
CB (common-base) amplifier, 424,425 
436-438,458-459,466S 

CC (common-collector) amplifier 4"*4 40s 

438-443,466S 

CE (common-emitter) amplifier. 424. 

427-430,432-435,455-456.457-458 
466S 

characterizing amplifiers, 425-426, 446 
circuit, 532-536 

circuits at de. 378-394,465S. 47I-475P 
circuit symbols. 365-367 
classical discrete-circuit bias arrangement 
447^449 

collector-base junction capacitance, 707 
collector-base reverse current (ICBO), 367 
collector current, 356.404-406 
common-emitter characteristic, 374-376 
common-emitter current gain, 374 
comparison to MOSFET, 554-569,583-585P 
conventions, 365-367 
current flow, 354-356 

current-voltage characteristics, 365-^78 
468-47 IP 

cutoff frequency, 708-710 
dependence of < c on collector voltage, 

371-373,465S 

diffusion capacitance, 707 
discrete-circuit, amplifiers, 453—462,466S 
486—489P 

Early effect, 371-373,420-421.465S 
emitter current, 357-358,407-408 
emitter follower. 424,425,438-443, 

460-461,466S 

equivalent-circuit models, 358-359 
high-frequency hybrid model, 707-708 

high-frequency model, 706-711,784-785S 
788P 

hybrid-.7 model. 410-411.707-708 

1C (integrated circuit) parameters,556-557 

1C technology, 1086,1087 

input resistance at base, 406-407 

input resistance at emitter, 407-408 

internal capacitance, 706-711,785S, 788P 

models, 403-422,477-481P 

models for operation modes, 379 

obtaining voltage amplifier. 396 

operation in saturation mode, 362-363 

operation modes, 352-353.465S. 466-468P 

operation of npn transistor, 353-361 

parameter values, 556 

pnp transistor, 364-365,465S 

power. 943-950,970-971P 

PSpice example, B26-B27 

recapitulation, 358-359 

safe operating area, 949-950 

saturation resistance, 374-376 

saturation voltage, 374-376 

separating signal and dc quantities, 409-410 

small-signal analysis from circuit diagram, 

419-420 

small-signal equivalent circuits, 412 
small-signal models, 423 
small-signal models for Early effect, 420-421 
small-signal models of pnp transistor, 412 
small-signal operation, 403-422, 477-48IP 
small-signal voltage gain, 399-400 
SPICE simulation, 378,466P 
structure, 352-353.465S. 466-468P 
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structure of transistors. 361 
temperature effects, 464,465 
three-terminal device, 231-232.351-352 
T model, 411-412 
transconductance, 404-406 
transistor breakdown. 463-464 
transistor characteristics, 370. 37 1 

two-power supply bias arrangement. 450 - 451 
voltage gain, 408-409 

voltage transfer characteristic (VTC). 397 

VTC by graphical analysis, 401-402 

BJT differential pair, 612-628,672-676P 
basic operation, 6 1 3-6 1 4 

CMRR (common-mode rejection ratio) 
624-626 

collector currents, 619-620 
common-mode gain, 624-626 
common-mode input resistance, 626 
configuration, 612, 613 
dillerential half-circuit, 622-624 
differential voltage gain, 622 
input common-mode range. 615 
input differential resistance, 621-622 
large-signal operation, 616-617 
small-signal operation, 61 8-624 

BJT model 

parameters BFand BR in SPICE IIP 
SPICE, B9-B 12 

SPICE Gummel-Poon model, Bll 
SPICE parameters, Bll 
BJT op amp (operational amplifier) 
bias design, 1033-1035 
buffer/driver stage, 1046 
common-mode feedback. 1041 
controlling dc voltage at output of input 
stage, 1041-1043 

current in inactive transistor, 1047-1049 
design,1031-1049,1050S.1056-I057P 
design of input stage for rail-to-rail 
1035-1038 

device parameters, 1033 
near rail-to-rail output signal swing, 1033 
near rail-to-rail output swing, 1045-1049 
output-stage design, 1045-1049 
performance requirements, 1031-1033 
rail-to-rail input common-mode range 
1032-1033 

Schottky barrier diode, 1043 
Bode plot, F3-F6, F 6 -F 7 P 

closed-loop response, 880-881 
frequency response. 33 , 34 , 35 
gain margin, 879-880 
investigating stability, 881-883 
phase margin, 879-880 
stability study using, 879-883,908P 
Body, MOSFET, 232-233 
Body effect 

model, 324-325 
MOSFETs, 323-325,3471* 

Body-effect parameter, 324 
Body transconductance, 324-325 
Boot-strapped follower, 4891’ 

Bound charge, 130 
Breakdown 

BJT, 463-464 
MOSFET, 325-326 
Breakdown diode, 190 
Breakdown region, junction diode, 178-179 
Breakdown voltage, diode, 178 
Break frequency, STC networks, 35 
Breakpoint method, sine-wave shaping 
1375-1377 

Brick-wall responses, 1257 
Bridge amplifier, configuration, 960-962 
Bridge rectifier, 199-200,216S 
Buffer amplifier, 23,47P, 439 


Buffer/driver stage, BJT op amp, 1046 
^uttered precision peak detector, 1385-1386 
Butterwonh filter, 1263-1267, 1327S. 1329P 
Bypass capacitor 
amplifier, 784S 

common-emitter amplifier, 455 
common-source amplifier, 316. 693-694 


C 

Capacitances 
BJT, 707-710 
MOSFET, 701-703 
MOSFET and BJT, 559 

Capacitive effects, pn junction, 154-157 150 c 

161-I62S ’ ’ 

Capacitively coupled amplifier. 39.40 
Capacitor 

common-emitter (CE) amplifier, 694—699 
699-701 

common-emitter amplifier. 694-699 
VLSI process, A1 0 -A 11 
Carrier concentration in intrinsic silicon. 157 
Carrier concentration in n-type silicon, 157 
Carrier concentration inp-type silicon, 157 
Carrier-depletion region, 139 
Carrier diffusion, 135-137. 158S 
Carrier drift, 132-133,158S 
Carrier transport, B 10 
Cascaded amplifier, model, 24-26, 47 P 

Cascading dynamic logic gates, 1172 
Cascode 

MOS mirrors, 538,553S 

term,506n.l 

tuned amplifier, 1321 

Cascode amplifier. 506-526,553S,572-574P 
BiCMOS cascodes, 525-526,553S 
bipolar, 755-756 
BJT cascode, 520-524 
cascoding, 408-409 
double cascoding. 518,519,553S 
folded cascode. 5 ] 9-520 

high frequency response, 750-756 785S 
794-795P 
MOS, 750-755 
MOS cascode, 507-512 

output resistance of emitter-degenerated CE 
amplifier, 524-525 

output resistance of source-degenerated CS 
amplifier, 517-518 

voltage gain distribution, 514-517 
Cascode differential amplifier, 604-605 
Cascoding 

current-buffering action, 505,506-507 
double, 518,519,553s 
Cathode, diode, 166 
CC-CB cascade, tuned amplifier, 1321 
CC-CB configuration. 550-551, 777-779 
CC-CE configuration, 546-547,773-777 
CC-CG configuration, 550-551 
CD-CE configuration, 546-547, 773 
CD-CG configuration, 777-779 
CD-CS configuration, 546-547,773 
Center frequency, 1274 
response peak. 39,40 
Center-tapped, 197 
Channel. MOSFET, 234-236 
Channel-length modulation, 254,255,328S 
Channel pinch-off, 24 2. 249 
Characteristic equation, 1337, 1338 
feedback-amplifier pole, 872 
Charge sharing, dynamic logic circuit. 1171-1172 
Charge stored in depletion layer, 141-145,158 
Chebyshev filter. 1267-1270,1327S, I329P 
PSpice example, B69-B71 
Chemical vapor deposition (CVD), IC fabrica¬ 
tion, A5-A6 


Circuit 

AC. 44—J5P 
analysis. 44P 
basics, 421* 

biasing in BJT amplifier,446-453 

BJT, 532-536 

BJT, at dc.378-394.465S.471-475P 
design data for second-order filters 
1288-1289,1292-1293 

equivalence of, from feedback-loop point. 
866—867 

feedback triple, 842 , 843 
lolded-cascode CMOS op amp. 991-993 
monostable multivibrator, 1239-1240 
MOSFET. at dc, 258-267 
op amp performance, 97-102,122-123P 
precision rectifier circuit, 1378-1386 1 386S 
1394-I395P 

pulse-generation, 1238-1240 
rectifier. 194-207,225-227P 

switched-capacitor (SC), 1311,1312-1315 
symbols, 365-367 
Th^venin-equivalent, 43 P 
two-stage CMOS op-amp, 977 
voltage doubler, 212-213 
Circuit diagram, small-signal analysis from 
4I9-420 

Circuit implementation, second-order active filter 
1295-1297 
Circuit model 

amplifiers, 21 -30,46-49P 
cascaded amplifiers, 24-26 
determining R, and R,„ 27 

relationship between four amplifier models 
27 

unilateral, 28-30 
voltage amplifiers, 22-23 
Circuit operation 

class AB output stage. 924-926 
class B output stage, 918-919 
CMOS inverter, 1089-1092 
Circuit symbol 
amplifier, 15 
MOSFET, 247-248, 256 
MOSFET and BJT. 557 
operational amplifier, 54 
Clamped capacitor, 211 
Clamping circuit, 210-212, 2I6S, 227-229P 
precision, 1386 

Class AB output stage. 924-928,967S, 969P 
biasing. 929-933 
biasing using diodes, 929-930 
biasing using V BE multiplier, 931-932 
circuit operation, 924-926 
classification. 912.913 
CMOS, 933-943 
compound devices, 952-953 
configuration variations, 950-955, 967S 
971-973P 

Darlington configuration. 952-953,967S 
input emitter followers, 951 
output resistance, 926-927 
power MOSFETs, 965-966,967S 
short-circuit protection, 954 ,955 
thermal shutdown, 955.956 
Class A output stage, 913-918. 967S, 967-968 P 
classification, 912, 913 
power-conversion efficiency, 917-918 
power dissipation, 915-916 
signal waveforms, 915 
transfer characteristic, 9 1 3-9 15 
Class B bipolar output stage, Multisim example, 
B112-B118 

Class B BJT output stage, PSpice example. 

B50-B55 

('lass B output stage, 918-924.967S, 968 969P 
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Class B output stage (continued) 

circuit operation, 918-9 1 9 
classification, 912,913 
power-conversion efficiency. 020-921 
power dissipation. 921-922 
reducing crossover distortion. 923 
single-supply operation. 924 
transfer characteristic. 919-920 
Class C,amplifier stage.912.913 
Classical sensitivity function. 1307 
Classification, output stages. 912-913 
Clean room, oxidation, A2 
Clear field. VLSI layout, A15, A16 
Clipper. 208 
Clock. 1203 

Clocked set reset flip-flop. CMOS implementa¬ 
tion, 1211,1212 

Closed-loop amplifier, frequency response of 
99-102 

Closed-loop gain 
definition, G, 59 
inverting configuration, 59-61 
noninverting configuration, 67-68 
Closed-loop response, phase margin, 880-881 
1 osed-loop transfer function, feedback. 868 
Closure resistance, 275 
CMOS (complementary MOS), 246 

circuit of folded-cascode. 991-993 
circuit of two-stage. 977 
class AB output stages, 933-943,967S. 969P 
common-mode rejection ratio {CMRR) of 
two-stage, 981 

design trade-offs of two-stage, 987-988 
fabrication. A] 

folded-cascode CMOS op amp, 991-100!. 
1050S.I052-1053P 

frequency response of folded-cascode. 
996-997 

frequency response of two-stage, 981-984 
1C technology, 1086-1087 
implementation of clocked set/reset (SR) flip- 
flops, 1211,1212 

implementation of SR flip-flops, 1207-1211 
input common-mode range of folded- 
cascode, 993-994,999-1000 
input common-mode range of two-stage 
977-978 

Multisim example of. CS amplifier. B8H-B92 
output swing of folded-cascode, 993-994 
output swing of two-stage, 977-978 
output voltage range of folded-cascode, 
1000-1001 

phase margin. 982-984 
power-supply rejection ratio (PSRR), 

986-987 

PSpice example. B40-B43 
PSpice example of CS amplifier. B29, 
B30-B33 

rail-to-rail input operation of folded-cascode 

999- 1 (XX) 

simplified equivalent circuit, 982 
slew rate (SR) of folded-cascode. 997 
SR of two-stage, 984-986 
twin-well, process, A7-A9 
two-stage, op amp. 651-657.666S. 976-991. 
J050S,I051-I052P 

values of CMOS device parameters, 554-555 
voltage gain of folded-cascode. 994-996 
voltage gain of two-stage. 978-980 
wide-swjng current mirror of folded-cascode 

1000 - 1001 

CMOS (complementary MOS) class AB output 
stage 

classical. 933-936 

common-source transistors. 936-943 
output resistance, 937-939 


voltage transfer characteristic. 939-941 
CMOS (complementary MOS) inverter, 
1089-1098,1132$,1136—1I38P 
circuit operation, 1089-1092 
dynamic operation, 1098-1110, 1132S 
dynamic power dissipation. 1109-1110 
equivalent load capacitance C, 1104-1107 
inverter sizing. 1107-1109 
Multisim example, B123-B127 
n-channel and ^-channel Q r MOSFETs 
unmatched. 1094-1095 
pass-transistor control, 1158-1159 
propagation delay, 1099-1104 
PSpice example, B60-B63 
voltage-transfer characteristic (VTC), 
1092-1094.1129,1133 
CMOS (complementary MOS) logic circuit, 
1110-1121, I132S. 1138-I139P 
basic structure. 1110-1113 
characteristics. 1133 
CMOS inverter, 1089-1098, 1132S. 

II36-U38P 

CMOS logic-gate circuit. 1110-1)21,1132S, 

1138- 1139P 
complex gate, 1115 
deep-submicron design, 1122-1131, 

1139- 1141P 

digital logic inverters. 1062-1089, I132S. 
N34-1136P 

dynamic operation of CMOS inverter, 
1098-1110, II32S 
exclusive OR function, 1115-1116 
fan-in and fan-out on propagation delay, 1121 
inverter output resistance, 1133 
noise margins, 1133 
propagation delay, 1133 
pull-down network < PDN). 1110,1111.1132S 
pull-up network (PUN), 1110, 1111 1112 
1132S 

PUN and PDN networks, 1115 
synthesis method. 1117 
technology sea Jing. 1122-1131.1139-1141P 
transistor sizing. 1117-1120 
two-inpul NANDgate. 1114-1115 
two-input NOR gate, 1113,1114 
CMOS logic gate. Domino, 1173-1175. 1 [95S 
CMOS transmission gale 
configuration, 1153 
equivalent resistance, 1161-1164 
switches in PTL circuit, 1159-1164 
CMRR (common-mode rejection ratio). B3 
active-loaded differential amplifier, 641-644 
bipolar differential pair. 647-648 
BJT differential pair, 624-626 
definition. 72. (09P 
g m mismatch, 608-610 
MOS differential pair, 605-612 
two-stage CMOS op amp, 981 
Coincidence function, 1138P 
Collector (C). terminal, 28, 352 
Collector-base junction (CBJ) 

BJT. 352,353,465S 
operation of BJT, 379 

Collector-base junction capacitance, BJT, 707 
Collector-base reverse current (ICBO), 367 
Collector current 
BJT. 404-406 

BJT differential pair, 619-620 
npn transistor in active mode. 356 
* ■ 'IIts tor-to-base feedback resistor, biasing 
451-452 

Colpitis oscillator. 1349, 1350 
Column-address decoder, 1237, 1246S 
Column decoder, memory chip. 1216 
Combinational circuit. 1203 
Common-base <CB) amplifier 


BJT, 424,425,436-438,466S,483P 
characteristics, 446 
discrete-circuit BJT, 458-459 
Common-base current gain, 358 
Common-cot lector (CC) amplifier 

BJT, 424,425,438-443.466S 

emitter follower, 438,446 
Common-drain (CD) amplifier 

BJT, 424,425,436-438,466S,483P 

characteristic parameters. 303-305 
MOSFLT, 293.302-305, 328S. 34I-343F 
need for voltage buffers. 302-303 
Common-emitter (CE) amplifier 
adapting formulas for. 741-742 
alternative gain expressions, 429^130 
analysis on circuit, 430 
BJT, 424,427-430,466S.48i-483P 
capacitors, 694-699 
characteristic parameters, 427-428.446 
discrete-circuit BJT. 455-456 
gain cell of, with current-source load, 
495-496 

high-frequency response, 717-720, 
789-790P 

lower 3-d B frequency, 699 

tow frequency response. 694-701,785-787P 

Multisim example, B85-B88 

output resistance of emitter-degenerated. 
524-525 

overall voltage gain, 428-429 
PSpice example. B27-B30 
values for three capacitors, 699-701 
with emitter resistance. 432-435,457-458 
Common-emitter characteristics. 372, 374-376 
Common-emitter circuit, transistor amplifier. 28 
Common-emitter configuration. 372 
Common-emitter current gain. 357, 374 
C ommon-gate (CG) amplifier 
characteristics, 306 
discrete-circuit MOS, 318,320 
high frequency response, 746-750, 785S 
794-795P 

MOSFET. 292. 300-302, 34I-343P 
Common-mode feedback, 1017. 1041 
dc voltage at output of input stage. 

1041-1043 
Common-mode gain 

active-loaded differential amplifier, 641-644 
bipolar differential pair, 647-648 
BJT differential pair. 624—626 
MOS differential pair, 605-612 
Common-mode half-circuit. 607, 624 
Common-mode input resistance, 626 
Common-mode input resistance (fl .J, B3 
Common-mode input signal, ideal op amp, 57-58 
Common-mode range, ! 16P 
Common-mode rejection, 1231 

op amp, 55 

Common-mode rejection ratio. See CMRR 
(common-mode rejection ratio) 

Common-mode voltage. MOS differential pair, 
589-590 

Common-source (CS) amplifier 

analysis from circuit diagram, 297 
characteristic parameters of. 295-296, 306 
coupling and bypass capacitors, 693-694 
discrete-circuit MOS, 316-317 
exact analysis of high frequency, 737-741 
gain cell of, with current-source load, 

495-496 

high-frequency response, 713-717, 

789-7901* 

lower 3-dB frequency, 692-693 
low-frequency response, 689-694, 7K5-787P 
low resistance 742-745 
MOSFET, 292, 294- 297, 328S, 341 34JP 
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Multisim example, B75-B84, B1U0 0103, 
B103-B107 

output resistance of source-degenerated, 
517-518 

overall voltage gain, 296 
pole frequencies by inspection. 693 
PSpice example, B23-B25, B29, B30-B33 
resistance in source lead, 318,319 
with source resistance, 297-300, 318,319 
VJ 689-692 
Common-source transistors 
circuit utilizing, 936-943 
output resistance, 937-939 
voltage transfer characteristic, 939-941 
Comparator, bistable circuit as. 1360-1361 
Comparison circuit, 806 
Complementary circuits, 1289 
Complementary' manner, 600,622 
Complementary pass-transistor logic (CPL), 1165 
Complementary switch, inverter, 1068 
Complementary transformation, 1303 
Complex frequency variables, 32 
Complex gate, CMOS logic circuit, 1115 
Compound dev ice, class AB output stage, 
952-953 

Computer aids, digital systems, 1088-1089 
Concentration gradient, 135 
Concentration profile, 135 
Conduction interval, 203 
Conductivity, o, 133 
Configuration 

CC-CB amplifiers. 550-551,777-779 
CC-CE amplifier. 546-547.773-777 
CD-CE amplifier, 546-547, 773 
CD-CG amplifier, 777-779 
CD-CS amplifier. 546-547, 773 
two-stage CMOS op-amp, 976 
wideband amplifier, 770-779 
Conjugate pairs, F2 
Constant-current source 

basic MOSFET. 527-530 
biasing, 452-453 
biasing a MOSFET, 312-313 
Constant-voltage-drop model, diode, 181-182, 
215$ 

Comer frequency, F4 
STC networks, 35 
Coupling capacitor 

amplifier, 38-40, 784S 
common-emitter amplifier. 456 
common-source amplifier. 316,693-694 
Covalent bond, 126,127 
Crossover distortion, 919 

class B output stage reducing, 923 
Crystal oscillator, 1353-1355, I386S, 

1389-1390P 

Pierce oscillator, 1354,1355 
Current, inactive transistor of BJ1 op amp, 
1047-1049 

Current amplifier, 27.41S 

circuit model, 2b 

feedback. 855-863,903-906P 

topology, 816-819, 864 

Current buffer, 505 

Current buffering, 506 

Current conveyor, 585P. 1 >73P 

* 

Current crowding, BJT safe operating area, 949 
Current divider, 431* 

Current flow 

diffusion current. 135-137, I58S 
drift current, 132-133, 158$ 

MOSFET. 234-236 
npn transistor in active mode, 354—356 
semiconductor, 132- 138. I 5XS, 159-160P 
Current gain, 16, 17, 528,664-665 
Current mirror, *>28 


BJT circuit, 532—534 
cascode MOS, 538,553S 
differential MOS amplifier with, load, 
1233-1235 
MOS amplifier, 313 

wide-swing.of folded-cascode CMOS op 
amp, 1000-1001 
Wilson, 539-541.5S3S 
Current-mirror circuit, 537-546.580-582P 
Current-mixing, current-sampling topology, 
816-817 

Current-mixing, voltage-sampling topology, 
821-822 

Current-mode logic (CML), 1177 
bipolar circuit, 1087 
Current signal, 9 
Current sink, 531 
Current source. 531 

BJT current mirror, 535 
Widlar, 543-546,553S 

Current-source load, output resistance, 499-500 
Current-source loaded, 495 
Current-source loads 

CS and CE amplifiers with. 495—496 
differential amplifier with. 603 
Current steering, 527 
BJT circuit, 535-536 
Current-steering circuit. MOS, 530-532 
Current transfer ratio, 528 
Current-voltage 

BJT, 365-378,465$,468-471P 
circuit symbols, 365-367 
collector-base reverse current (/,„„), 367 
conventions, 365-367 
diode,166-167 
Early effect. 371 -373,465S 
MOSFET. 247-258.328S, 33 I-334P 
MOSFET and BJT, 557.559-560 
Current-voltage relationship, 158 
junction, 147-152 
Cut-in voltage, junction diode, 176 
Cut off, diode, 166 
Cutoff frequency, BJT. 708-710 
Cutoff mode 
BJT. 352,353 
operation of BJT, 379 


D 

DAC (digital-to-analog converter), I4.46P 
Dark field, VLSI layout, A15, A16 
Darlington configuration, 549, 550.553S 
class AB output stage, 952-953,967S 
Darlington pair, 549 
Dc amplifier, 40,56 

Dc analysis, 741 op-amp circuit, 1006-1031, 
1050$.I053-I054P 
Dc bias point, 276-277 

Dc collector currents, 741 op-amp circuit, 1013 
Dc components, separating signal and, 409-410 
Dc emitter-degeneration resistor. B27 
Dc imperfections 

input bias current l7„), 93-95,107S 
input offset currents 93-95. 107$ 
inverting integrator operation. 95-97 
offset voltage ( V'.J, 89-92 
op amp, 88-97, 120-122P 
Dc operating point, 270,398 
Dc power supply, PSpice example, 1118-1122 
Dc restoration. 211 
Dc restorer, 210-212, 216S 
Dc voltage 

f SsB" 

common mode feedback controlling, 
1041-1043 

MOSFET circuits, 258-267 
Dead band ,919 
Decibel, expressing gain in, 17 


Deep-submicron design. See Technology scaling 
Degeneration resistance. 309 
Degenerative feedback. negative. 803 i 

Depletion capacitance, 158 
BJT, 707 

pn junction, 154-155 

Depletion-layer capacitance, MOSFET. 701, 
702-703 
Depletion region 

open-circuit terminals, 139-140. 159S 
width of and charge stored in, 141-143, I59S 
Depletion-type MOSFET. 326-327, 328S, 347P 
Desensitivity factor, feedback. 809 
Design 

bias, of BJT op amp, 1033-1035 
BJT op amp, 1031-1049, 1050S, 1056-1057P 
circuit data for second-order filters. 

1288-1289,1292-1293 
input stage for rail-to-rail V KM , 1035-1038 
output stage, for near rail-to-rail output 
swing,1045-1049 
pass-transistor logic (PTL) circuit, 

1l53-l154 

pseudo-NMOS logic circuit, 1149-1150 
Design abstraction, digital systems. 1088-1089 
Design of dc power supply . PSpice example, 

B18-B22 

Design parameters 
BJT op amp. 1033 
MOSFET and BJT, 559.565-566 
Design philosophy , 1C (integrated circuit). 493. 
494 

Design trade-offs, two-stage CMOS op amp. 
987-988 

D flip-flop circuit, 1212-1214 
Difference amplifier 

CMRR (common-mode rejection ratio), 72 
operational amp, 71-80, 115-118P 
single op-amp, 72-75 
superior circuit. 76-80 
Difference-mode. MOS differential pair. 593 
Differential amplifier 

active-loaded MOS differential pair, 637-638 
bipolar differential pair with active load. 
644—650 

BJT, 612-628.672-676P 
CMRR (common-mode rejection ratio), 
641-644 

common-mode gain.641-644 
differential gain of active-loaded MOS pair. 
638-641 

differential to single-ended conversion, 636 
frequency response, 760-769, 796P 
input bias and offset currents of bipolar. 
634-635 

input offset voltage of bipolar, 632-634 
input offset voltage of MOS pair, 629-631 
MOS, 588-612.667-672P 
MOS differential pair, 588-598,603 
nonideal characteristics,629-635,677-678P 
preference to single-ended. 587-588 
with active load. 635-650,678—682P 
Differential and multistage amplifier 
BJT differential pair. 612-628 
MOS differential pair. 588-598 
Differential gain. A, 56 

active-loaded MOS pair, 638-641 
bipolar differential pair, 644-647 
determining, 641 
MOS differential pair. 599-601 
Differential gain at dc, B3 
Differential half-circuit 

BJT differential pair. 622-624 
MOS differential pair. 601 -602 
Differential-in 

bipolar op amp. 657 
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Differential-in (continued) 
op amp. 636 

Differential-input, single-ended-output amplifier. 
55 

Differential-input resistance (RJ), 75, B3 
Differential input signal 
ideal op amp, 57-58 
MOS differential pair, 593 

Differential input voltage, MOS differential pair 
593-594 
Differential-out 

bipolar op amp, 657 
op amp, 636 
Differential output, 600 
Differential-pair configuration 
BJT, 612-628,666S,672-676P 
MOS, 588-598,666S. 667-668P 
small-signal operation of MOS, 599-612 
666S,668-672P 

Differential voltage gain, BJT differential pair 
622 

Differentiator, op amp, 80, 85,87-88, 118-120P 
Differentiator time-constant, 88 
Diffusion, IC fabrication, A4—A5 
Diffusion capacitance, 158 
BJT, 707 

/injunction, 155-157 
Diffusion constant, 136 
Diffusion constant and mobility. 138, 157 
Diffusion current 

open-circuit terminals, 139, 159S 
semiconductor, 135-137,158S 
Diffusion current density. 157 
Diffusion length, holes, 148 
DifFusivity, 136 
Digital circuit, 14 

Digital IC technologies, inverter, 1086-1088 
Digital logic inverter, 1062-1089 1132S 
1134—1136P 
BiCMOS, 1086. 1088 
bipolar, 1086. 1087 
CMOS, 1086-1087 
computer aids, 1088-1089 
design abstraction, 1088-1089 
digital IC technologies, 1086-1088 
digital-system design, 1088 
energy-delay product (EDP), 1084-1085 
function, 1062 

gallium arsenide (GaAsi, 1086, 1088 
ideal VTC, 1066 

inverter implementation, 1066-1069 
logic circuit families, 1086-1088 
noise margins, 1064-1065 
power-delay product (PDF), 1084-1085 
power dissipation, 1078-1080 
propagation delay, 1080-1084 
silicon area, 1085-1086 
voltage-transfer characteristic (VTC) 

1062-1064 

Digital signal. 12,4IS,45^*6P 
Digital-system design, 1088 
Digital-to-analog converter (D/A or DAC} 14 
46P 

Digitized signal amplitude, 12 
Digit line, memory chip, 1215 
Diode, 165-216 

biasing class AB circuit, 929-930.969-970P 
breakdown region, 178-179,215S 
bridge rectifier. 199-200 
clamped capacitor. 210-212,227-229P 
constant-voltage-drop model, 181-182 
current-voltage characteristic, 166-167 
DC restorer, 210-212 

diode logic gates, 170-171 
exponential model, 179,180-181 
forward-bias region, 175-177 


full-wave rectifier, 197-199 
graphic analysis. 180 
half-wave rectifier, 195-197 
ideal, 166-173, 216-219P 
ideal-diode model, 183 
iterative analysis, 180-181 
laser, 215 

light-emitting, (LEDs), 214-215 
limiter circuits, 207-210, 227-229P 
modeling forward characteristic, 179-189 
22I-224P 

operation in reverse breakdown region-zener 
diode, 189-194, 224-225P 
peak rectifier, 200-205 
photodiodes, 214 

precision half-wave rectifier, 206-207 
rapid analysis, 181 
rectifier, 167-168 

rectifier circuits, 194-207, 225-227P 
rectifier with filter capacitor, 200-205 
reverse-bias region, 178 

Schottky-barrier,(SBD), 213-214 

small-signal model, 184-187 
superdiode, 206-207 

terminal characteristics of junction, 173-179 
219-221P 
varactors, 214 
voltage doubler, 212-213 
voltage regulation, 187 
Diode-connected transistor, 260 
Diode forward drop, voltage regulation, 187 
Diode logic gates, 170-171 
Diode model. SPICE. B4-B5 
Diode small-signal conductance, 186 
Diode small-signal resistance, 186 
Direct-coupled amplifier, op amp, 56 
Directly coupled (dc) amplifier, IC technology 
39.40 

Discrete circuit,electronic device. 5 
Discrete-circuit bias, classical arrangement, 
447-449 

Discrete-circuit BJT amplifier, 453-462 466S 
486-489P 

CB (common-base), 458-^159 
CE (common-emitter), 455-456 
CE with emitter resistance, 457-458 
emitter follower, 460-461 
frequency response, 461-462 
structure, 453-454 

Discrete-circuit MOS amplifier, 314-323 328S 
345-347P 

CG (common-gate) amplifier, 318. 320 
CS (common-source) amplifier, 316-3 1 7 
frequency response, 322-323 
source follower, 321 -322 
structure, 314, 316 

Discrete CS amplifier, Multisim example B100— 
B103 

Discrete-time signal, 12 
Discretized signal amplitude, 12 
Distortion, waveform, 15 
DMOS (double-diffused MOS), transistor 
962-963,967S 
Dominant pole, 99 
Dominant-pole response. 721 
Domino CMOS logic. 1173-1175, U95S 
Donor, 130 
Dopants. A5 

Doped semiconductor. 129-132, 158S. 159P 
n type. 129 
p type,129 

Double-anode zener, 209 
Double cascoding, 518,519,553S 
Double limiter, 208 
Drain, n\ of MOSFET, 232-233 
Drain diffusion, MOSFET, 701 


Drain terminal, signal current, 277-279 

Drain-to-gate feedback resistor, biasing, 311 - 3 ] 
Drift current 

and equilibrium, 140-141. I59S 
semiconductor, 132-133,158S 
Drift current density, 157 
Driver, memory' chip, 1216 
Dry etching, A4 
Dry oxidation, A2 
Dummy cell, 1231 
Duty cycle, 2H, 1374 
Dynamic memory, 1204 

Dynamic MOS logic circuit, 1166-117^ I loss 
II99P 

basic principle, 1167-1168 
cascading dynamic logic gates, 1172 
charge sharing, 1171-1172 
Domino CMOS logic, 1 ] 73-1175 
evaluation phase. 1167 
non ideal effects, 1170-1173 
output voltage decay, 1170-1171 
periodically refreshed, 1166 
precharge phase, 1167 
Dy namic operation 

BiCMOS inverter circuit, 1193,1194 
CMOS inverter, 1098-1110,1132S 
pseudo-NMOS logic circuit. 1149 
Dynamic power dissipation, 1078 
CMOS inverter, 1109-1110 
Dynamic random-access memory' (DRAM i cell 
1217,1225-1227,12465 
differential operation in, 1231-1232 
Dynamic resistance. 191 
Dynamic sequential circuit, 1204 

E 

Early effect, 378 

dependence of current on collector voltage 

371-373,465S 
small-signal models, 420-421 
Early voltage, 372 
Ebers-Moll model, B9 
Edge triggered, 1212 
Effective base width, 372 
Effective voltage, 235 
Efficiency (t|), amplifier power, 18 
Einstein relationship, 138 
Electron-current density, 136 
Elmore delay formula, 1163 
Emission coefficient, B4 
Emitter <E) 

terminal, 28, 352 

wideband amplification by, 770-773 
Emitter-base junction (EBJ) 

BJT, 352.353.465S 
operation of BJT, 379 

Emitter-coupled logic (ECL), 587, 1175-1190, 

II95S,1199-1201P 
basic gate circuit, 1177-1180 
basic principle, 1175-1176 
circuit ot 10K logic-gate family, 1178 
current-mode logic (CML), 1177 
families, 1176-1177 
fan-out, 1185 

manufacturers’ specifications, 1184-1185 
noise margins, 1183 
NOR transfer curve, 1183-1184 
OR transfer curve, 1181-1182 

power dissipation, 1186-1 187 

PSpice example, B64-B69 
signal transmission, 1185-1186 
speed of operation, 1185-1186 
thermal effects, 1187 
voltage-transfer characteristic (VTC), 
1180-1185 

wired-OR capability, 1190 
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Emitter current 

input resistance at emitter, 407^408 
npn transistor in active mode, 357-358 
Emitter-degenerated CE amplifier, output resis¬ 
tance, 524-525 

Emitter degeneration resistance, 435 
Emitter tbl lower 

BJT, 424,425,438-443,466S 
characteristic parameters, 439-441 
characteristics, 446 
discrete-circuit BJT, 460—461 
high-frequency response, 758-760,785S, 
795-796P 

overall voltage gain, 441-442 
Thdvenin representation of, output, 442-443 
voltage buffers, 438-439 
Emitter resistance, 407 

common -emitter amplifier with, 432-435, 
457-458 

PSpice example. B27-B30 
Energy-delay product (EDP), digital logic 
inverter, 1084-1085 
Enhancement-mode operation, 239 
Enhancement-type MOSFET, 239 
Epitaxial layer, A5 
Epitaxy, A5 

Equations, summary of important, 157-158 
Equiripple, 1259 
Equivalence, 1138P 
Equivalent circuit 

BiCMOS inverter, 1193,1194 
high-frequency response, 731-732 
ideal op amp. 56 
two-stage CMOS op amp, 982 
Equivalent-circuit model, npn transistor in active 
mode, 358-359 

Equivalent feedback loop, generation, 1303-1307 
Equivalent-load capacitance C. CMOS inverter. 
1104-1107 

Equivalent resistance, CMOS transmission gate, 
1161-1164 

Erasable programmable ROM (PROM), 1240, 
1243-1245,1246S 
Error amplifiers, 937 
Error signal, 806 
Etching, A3, A4 
Evaluation phase, 1167 
Excess concentration, holes. 148 
Exclusive-OR (XOR) function, CMOS logic 
circuit, 1115-1116 
Exponential model 
diode,179 

graphical analysis using, 180 
iterative analysis using, 180-181 

F 

Fan-in, propagation delay, 1121 
Fan-out 

emitter-coupled logic (ECL), 1185 
inverters. 11341* 
propagation delay. 1121 
Feedback. 802-890, 890-909P 

amplifier poles, 870-879, 890S, 907-908P 
analysis method, 863 
bandwidth extension, 810-811 
basic topologies, 814-822, 893-894P 
current amplifier, 816-819,864 
equivalent of circuits from feedback-loop 
point, 866-867 

frequency compensation, 884-886,908-909P 
gain desensitivity, 809 
general, structure, 804—809,890-891P 
ideal series-shunt amplifier, 823-825 
ideal series-shunt transconductance amplifier, 
834-836 

ideal shunt-series current amplifier, 855-856 


ideal shunt-shunt transresistance amplifier. 
846-848 

interference reduction, 811-812 
loop gain,863,865-868, 890S.906-907P 
Miller compensation, 886-889 
negative, properties, 809-814,890S, 

891-893P 

Nyquist plot, 869-870 
pole splitting, 886-889,890S 
practical series-shunt amplifier, 825—827 
practical series-shunt transconduclance 
amplifier, 836,837 

practical shunt-series current amplifier, 
856-858 

practical shunt-shunt transresistance 
amplifier, 848-849 

reduction in nonlinear distortion, 813-814 
series-shunt transconductance amplifier, 
834-846,899-901 

series-shunt voltage amplifier, 823-833, 
894-899P 

shunt-series current amplifier, 855—863, 
903-906P 

shunt-shunt transresistance amplifier. 

846-855,901-903P 

SPICE simulations, 890P, 895P, 90IP. 906P, 
909P 

stability problem, 868-870, 890S, 907P 
stability study using Bode plots, 879-883, 
908P 

transconductance amplifier, 819-820, 864 
transfer function of amplifier, 868-869 
transresistance amplifier, 821-822,864 
voltage amplifier, 814—816,864 
Feedback amplifier 

PSpice example, B46-B50 
transfer function, 868-869 
Feedback factor ,805 
Feedback loop 

bistable multivibrator, 1355-1356 
generation of equivalent, 1303-1307 
oscillator. 1336-1337 

single-amplifier biquadratic active filter. 
1299-1302 

Feedback transfer function. 868 
Feedback triple, 842, 843 
Field-programmable gate array (FPGA), 1088 
Filter. See also Second-order active filter; Single- 
amplifier biquadratic active filter 
all-pass function, 1281,1284-1285 
bandpass function, 1281, 1282 
Butterworth filter, 1263-1267,1327S, 1329P 
Chebyshev filter, 1267-1270, 1327S, 1329P 
first-order, 1271, 1272. 1273, I327S 
first-order and second-order, functions, 
1270-1278.1327S,I329-1330P 
high-pass function, 1281,1282 
low-pass function, 1280, 1281, 1282 
notch functions, 1281,1282-1284 
passive sensitivities, 1308 
resonator natural modes, 1279-1280 
second-order, 1271, 1274- 1275, 1276-1278 
second-order active, based on inductor 

replacement, 1285-1293, 1328S. 1331P 
second-order active, based on two- Integra tor- 
loop topology, 1293-1299.1328S, 1331P 
second-order LCR resonator, 1279-1285, 
I327S,1330-133IP 
sensitivity. 1307-1309, 1328S, 1332P 
single-amplifier biquadratic active, 
1299-1307,1328S,1331-1332P 
specification, 1257-1260, 1327S 
s w i tched-capacitor, 1310-1315,13 2 8S, 

1332P 

transfer function. 1260-1263, 1327S, 1329P 
transmission, 1256-1257. I327S, 


1328-1329P 

transmission zeros, 1280, 1281 ^ 

types, 1257 

Filter approximation, 1259 
Filter capacitor, 200 

rectifier with, 200-205 
Filter order, 1260 
Finite open-loop gain 

circuit performance, 97-102,122-123P 
op amp, 61-62,69 

First-order filter, 1271,1272, 1273, 1327S 
First-order function, s-domain, F2-F3 
Fixed-gain IC (integrated circuit), power ampli¬ 
fier, 956-959,967S 
Flash memories, 1245 
Flat gain, 1275 

Rip-flop, 1206-1214, 1246S, 124fe-1247P 
CMOS implementation of clocked set/reset 
(SR), 1211, 1212 

CMOS implementation of SR, 1207-1211 
D, circuit, 1212-1214 
set/reset (SR), 1206-1207 
Floating gate, 1244 
Floating-gate transistor, 1244, 1245 
Folded cascode 

CMOS op amp, 991-1001,1050S, 
1052-1053P 

1C (integrated circuit) amplifier, 519-520, 
553S 

Folded-cascode amplifier 

Multisim example, B92-B95 
PSpice example, B40-B46 
Folded-cascode CMOS op amp 
circuit, 991-993 
frequency response, 996-997 
input common-mode range. 993-994, 
999-1000 

operational transconductance amplifier 
(OTA), 995 

output swing, 993-994 
output voltage range, 1000-1001 
rail-to-rail input operation, 999-1000 
slew rate, 997 
structure. 992 
voltage gain, 994-996 
wide-swing current mirror, 1000-1001 
Forced ratio, 363 
Forward base-transit time, 707 
Forward bias, pn junction, 145-147 
Forward-biased diode, 166 
Forward-bias region, junction diode. 175-177 
Forward current, 158 
Fourier series, signal, 9-10 
Fourier transform, 9, 10 
Free electron, 126,127, 158S 
Frequency, magnitude of gain of CE amplifier 
vs., 688 

Frequency compensation, 97. 878.884—886, 
908-909P 

implementation, 885—886 
Miller compensation, 886-889 
pole splitting, 886-889. 890S 
theory, 884—885 

Frequency dependence, open-loop gain, 97-99, 
107—1OSS 

Frequency response 

3-dB frequency, 721-723.784-785S, 
790-792P 

741 op-amp circuit, 1027-1028, 1055-1056P 
active-loaded MOS amplifier. 765-769 
analysis tools of high , of amplifiers, 

721-731 

bipolar op amp, 783-784 
BJT high-frequency model, 706-711 
differential amplifiers, 760-769 
equivalent circuit, 731-732 
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Frequency response (continued) 
exact circuit anah sis, 737-741 

m 

folded-cascode CMOS op amp, 996-997 
formulas for common-emitter (CE) amplifier. 
741-742 

high-, of bipolar cascode amplifier, 755-756 
high-, of CE amplifier. 717-720. 731-745 
high-, of CC> (common-gate) amplifier, 
746-750 

high-,of CS (common-source) amplifier, 
713-717,731-745 
high-, of emitter follower, 758-760 
high-, of MOS cascode amplifier, 750-755 
high-, of source follow er. 756-758 
high-frequency gain function, 721 
high-frequency models, 701-711 
internal capacitive effects, 701-711 
low -, of CE amplifier, 694-701 
low-, of CS amplifier, 689-694 
low resistance R ar 742-745 
Miller's theorem, 727-731,732-735 
MOSFET high-frequency model. 701-706 
Multisim examples. B100-B103, B1O3-B107 
multistage amplifier, 77^-784 
open-circuit time constants, 735-737 
open-circuit time constants for upper 3-dB 
frequency, 724-727 
PSpice example. B40-R43 
resistively loaded MOS amplifier. 760-765 
STC circuits, E6-EI0 

tw o-stage CMOS op amp, 780-783,981-984 
w ideband amplifier configurations, 770-779 
Frequency response of amplifier, 49-51P 
amplifier bandwidth, 31,32 
amplifier classification based on, 38-40 
BJT, 461 -462 

closed-loop amplifier. 99-102 
evaluating. 31-32 
measuring, 30-31,41S 
MOSFET, 322-323 

single-time-eonstant (STC) networks, 33-35 
Frequency-selection function, 1257 
Frequency-selective network. 1336 
Frequency spectrum of signals, 9-11,45P 
Full-power bandw idth, 106,108S 
Full-wave rectifier, 197-199,215-2165 
precision, 1382-1384 
Function generators. 1336 
Fundamental frequency, 10 

G 

Gain 

741 op-amp circuit, 1026-1027, 1055-1056P 
current gam, 16,17 

distribution in MOS cascode amplifier, 516 
expressing in decibels, 17 
increasing, of basic cell. 505-506 
magnitude of, of CE amplifier vs. frequency 
688 

power gain. 16-17 

single-time-constant (STC) circuit, 33-35, 

41S 

voltage gam, 15-16 
with feedback, 805 

Gain-bandwidth (GB), frequency response 323 
462 

Gam-bandwidth product fGB), 98n 5, 101, 

107-108S.565.744 

Gain cell, IC amplifiers, 495-506. 553S, 

569-572P 

Gain desensitivity, negative feedback, 809 
Gain expressions. BJT amplifier, 429-430 
Gain function, 1256 
high-frequency, 721 

Gain margin, stability using Bode plots. 879-880 
Gam-reduction factor, amount of feedback, 804 


Gallium arsenide (GaAs), IC technology, 1086, 
1088 

Gate-capacitance parameters, MOSFE1 model, 
B7-B9 

Gate capacitive effect, MOSFF I\ 701.702 
Gate circuit 

emitter-coupled logic (ECL), 1177-1180 
pseudo-NMOS logic circuit, 1150 
Gate electrode, MOSFET. 232-233 
Gate-to-source voltage, biasing. 307 
Gate voltage, biasing, 308-311 
Generation, 128 
G„-reduction method, 1031 
Graded junction, 155 
Grading coefficient, 155 

Grounded-emitter circuit, transistor amplifier. 28 
Gummel-l’oon model, SPICE BJT model .It 11 


H 


Half-wave rectifier, 195-197, 2I5S 
• precision. 1378-1379 
Hard limiter, 208 
Hanley oscillator, 1349, 1350 
Heat sink, power BJT. 946-949 
High frequency 

3-dB frequency, 721-723 
adapting formulas for CE (common-emitter) 
amplifier. 741-742 

analysis tools for amplifiers, 721-731, 
790-792P 

bipolar cascode amplifier, 755-756. 785S, 
794-795P 

BJT model. 706-711.784-785S. 788P 
CE amplifier. 717-720. 731-745, 789-790P 
CG (common-gate) amplifier, 746-750. 
785S,794-795P 

CS (common-source) amplifier, 713-717, 

731-745,789-790P 
CS amplifier with low resistance R 1 
742-745 

emitter follower, 758-760, 785S. 795-796P 
equivalent circuit, 731-732 
exact analysis of, in CS amplifier. 737-7411 
gain function, 721 
gain of amplifier vs., 688 
Miller's theorem, 727-731,792P 
MOS cascode amplifier. 750-755,78 5S 
794-795P 

MOSFET model. 703,704, 784-785S, 788P 
open-circuit time constants, 724-727 
735-737 


response of CS and CE amplifiers, 731 -745 
792-794P 


source follower. 756-758,785S, 795-796P 
High-frequency by bnd model. BJT, 707-708 
High-frequency model. MOSFET and BJT 558 
564-565 


High pass (HP), single time-constant (STC) 

networks, 33,34,35,4 IS 

High-pass (HP) circuit 
design data, 1290,1292 

frequency response of STC circuits, EH-1 10 
pulse response, EI4-E15 
STC circuit, E4-E6 

step response, El 1-El2 


High-pass (HP) filter. 1257.1258. 1272. 1276 
High-pass function, realization. 1281.1282 


nign-p.Lvv noicn 1 HHN) circuit, design data 2‘ 
1293 


High-pass notch (HI”, rifter, 1277 
Hole, 126, 127.158S 
Hole lifetime, 156 
Hole mobility, 132 

4F 

Hoi electrons, \H 


Hot spots, 949 
Hybrid -.t model 


BJT. 410-411.423, 707-708 
MOSFET and BJT. 557.561 
T model, 288,328S 


I 

1C (integrated-circuit) amplifier 

basic gain cell. 495-506, 553S, 569-572P 
basic MOSFET current source. 527-530 
biasing, 526-537.553S, 576-580P 
BiCMOS cascodes, 525-526 
bipolar mirror, 539,553S 
BJT cascode. 520-524 
BJT circuits, 532-536 
BJT parameters. 556-557 
cascode amplifier, 506-526,553S, 572-574P 
cascode MOS mirrors, 538 
CS and CE amplifiers with current-source 
loads, 495-496 

current-mirror circuits, 537-546, 553S 
580-582P 

Darlington configuration, 549,550,553S 

design, A 1,40 
design philosophy, 493,494 
double cascoding, 518,519 
folded cascode, 519-520 
increasing gain of basic cell, 505-506 
MOS cascode. 507-512 
MOS current-steering circuits. 530-532 
output resistance of current-source load, 
499-500 

output resistance of emitter-degenerated CE 
amplifier, 524-525 

output resistance of source-degenerated CS 
amplifier, 517-518 
power. 955-962.967S, 973P 
transistor pairings. 546-551.533S, 582-583P 
voltage gain distribution in cascode amplifier 
514-517 

Widlar current source, 543-546.553S 
Wilson current mirror, 539-541,553S 
Wilson MOS mirror, 542-543,553S 
Ideal diode, 166-173, 183,215S. 216-219P 
Ideal operational amplifier, 54-58. I07S, 

108-I09P 

Impedances, inverting configuration with, 80 

Inactive transistor. BJT op amp, 1047-1049 

Incremental diffusion capacitance C,, 156-157 

Incremental resistance, 186, 191 

Inductorless fitter, 1256 

Inductor loss, tuned amplifier, 1317-1318 

Infinite bandwidth, ideal op amp. 56 

Input bias, bipolar differential amplifier, 634—635 

Input bias current, 634 

741 op-amp circuit, 1010 
Input bias current (/,). B3.93-95.96, I07S 
Input common-mode range, B39 
741 op-amp circuit, 1010 
BJT differential pair, 615 
design of input stage for raif-to-rail VJo,,. 
1035-1038 

folded-cascode CMOS op amp. 993-994. 
999-1000 

MOS differential pair, 590 
two-stage CMOS op-amp, 977-978 
Input differencing circuit. 806 
Input differential resistance, BJT differential pair, 
621-622 

Input emitter follower, class AB output stage, 951 
Input offset current, 634-635 
741 op-amp circuit, 1010 
Input offset currem i / i. B3,93-95. 107S 
inverting integrator operation, 95-97, I07S 
Input offset voltage, 629 
741 op-amp circuit, 1010 
bipolar differential amplifier, 632-634 
bipolar differential pair, 648-650 




MOS differential pair, 629-631 
Iwo-stage CMOS op amp, 654-655 
Input offset voltage ( V OI ), B3. 89-92. 107S 
inverting integrator operation, 95-97, I07S 
Input protection. MOSFET, 325-326 
Input resistance 

741 op-amp circuit, 1019-1020 
MOSFET and BJT, 558 
op amp, 62-65, 69 
R„ 22 

Input signal, single-amplifier biquadratic active 
filter, 1302-1303 
Input sinusoid [V,), 30 
Input stage 

741 op-amp circuit. 1004. 1013-1016 
common-mode feedback controlling dc 
voltage. 1041-1043 
design for rail-to-rail V^, 1035-1038 
Input-stage bias, 741 op-amp circuit, 1007-1010 
Instantaneous power dissipation, 915 
Instrumentation amplifier, 76-80, I OSS 
Insulated-gate field-effect transistor (IGFET). 234 
Integrated circuit. 125,158S 

Integrated circuit (IC), first, operational amplifier, 

Integrated-circuit (1C) technology 
1C chip. 5 

microelectronics, 5-6 
Integrated-circuit timer. 1369-1374 1386S 
1392P 

553 circuit. 1369-1370 
astable multivibrator using 553 IC 
1372-1374 

monostable multivibrator using 553 1C 
1370-1372 

Integrated devices, A9 
Integrator frequency, 83.84 
Integrators 

inverting configuration with impedances, 80 
inverting integrator, 80-85 
op amp, 80-88, 1088, 1I8-I 20P 
Integrator time constant, 82 
Interconnect 
inverter, 1105 

technology scaling, 1130-1131 
Interference reduction, feedback, 811-812 
Internal capacitance, 38 

BJT model, 706-711,7858, 788P 
MOSFET model. 701-706. 785S. 788P 
Internally compensated op amps. 97 
Intrinsic gain 

basic gain cell, 496-498 
MOSFET and BJT, 558,561,562 
Intrinsic semiconductors, 126-129, 158S, I59P 
Invention 

BJT (bipolar junction transistor), 351-352 
MOSFET, 352 
Inversion layer, channel. 235 
Inverter 

BiCMOS, 1191-1193 
digital logic inverter, 1062-1089. ] I32S 
II34-H36P 

dynamic operation of CMOS, 1098-1110 
1132S 

equivaleni load capacitance. 1104-1107 
implementation, 1066-1069 
output resistance, 1133 
propagation delay, 1099-1104 
pseudo-NMOS, 1 144-1145 
static characteristics of pseudo-NMOS 
1145-1146 

Inverting configuration 
analysis, 60 

closed-loop gam. 59-61 
finite open-loop gain, 61-62 
general impedances. 80 


input resistance, 62-65 
negative feedback, 58 

op amp (operation amplifier), 58-67 

109-M3P 

output resistance, 62-65 
positive feedback, 58 
weighted-summer circuit. 65-67 
Inverting input terminal, 55,56 
Inverting integrator 

offset current, 95-97, I07S 
offset voltage, 95-97,107S 
op amp. 80-85 
output current, 7 

Ion implantation, IC fabrication. A5 
Isotropic etching, A4 

J 

Junction 

current-voltage relationship of, 147-152 
description of operation, 145-147 
Junction breakdown, 152 
Junction built-in voltage, 141, 157, 1595 
Junction capacitance 
MOSFET, 702-703 
injunction, 154-155 
Junction diode 

breakdown region, 178-179 
forward-bias region, 175-177.215S 
reverse-bias region, 178 
terminal characteristics, 173-179, 219—22] P 
Junction temperature. 91! 
power BJT, 944 


K 

KHN biquad, 1295, 1296 
Knee current, 190 

L 

Large-signal differential transfer characteristic 
B35 

Large-signal equivalent circuit, MOSFET >50 
251 

Large-signal models, 359 
Large-signal operation 

BJT differential pair, 616-617 
full-power bandwidth, 106, 107 
MOS differential pair. 594-598 

op amp (operational amplifier), 102-107 
123P 

output current limits, 102, 103-104 
output voltage saturation, 102, 103-104 
slew rate (SR), 104-105. 106, 107,123P 
Laser diode .215 

Latch, memory . 1204-1206.1246S. I246-1247P 

Lateral pnp transistor, A12, 556 
Layout, VLSI. A14-A16 
LC-tuned oscillator. 1349-1352,1386S 
1389-1390P 

Colpitis oscillator, 1349,1350 
Hartley oscillator, 1349, 1350 
Least significant bit (LSB), 13 
Light-emitting diode (LED), 126,214-215 
Lightly doped drain (LDD), A8 

Limiter circuit, 207-210,216S. 221-229? 

amplitude control, 1339-1341 
Linear amplification 
biasing BJT, 397-399 
biasing MOSFET, 269-270 
Linear amplifier, 15, 16 
Linearity, 15 

Linearized amplifier transfer, 813 

I inear macromodel, op-amp, B1-B3 

Linear oscillators, 1336 

Line regulation. 192 

Load, signal source, 6 

Load line, graphical analysis, 180 
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Load regulation. 192 ^ 

Load resistance, 396 
MOSFET, 268 

Local oxidation of silicon (LOCOS), A7 
Logarithmic amplifier, 1393 
Logic AND function, 170 
Logic circuit. See Advanced logic circuit; 
BiCMOS digital circuit; CMOS (comple¬ 
mentary MOS) logic circuit; Dynamic MOS 
logic circuit; Emitter-coupled logic (ECL); 
Pass-transistor logic circuit; Pseudo-NMOS 
logic circuit 

Logic-circuit families, digital logic inverter 
1086-1088 

Logic gate, BiCMOS, 1193, 1194 

Logit, inverter. See also Digital logic inverter 

digital, 1062-1089. II32S, 1134-1136P 

Logic OR function. 170 

Loop gain. PSpice example, B46-B50 
Loop gain, Afi 

alternative approach, 865-866 
determining, 809S, 863,865-868,906-907 P 
equivalence of circuits from feedback-loop 
point, 866-867 
feedback amplifier, 805,890S 
Low frequency 

3-dB frequency, 692-693 
common-emitter amplifier, 694-701 
785-787P 

common-source amplifier, 689-694 
785-787P 

gain of amplifier vs., 688 
Low-frequency small-signal model, MOSFET 
and BJT, 557.561 

Low-frequency T model, MOSFET and BJT, 558 
Low pass (LP), single time-constant (STC) 

networks, 33,34,4IS 

Low-pass (LP) circuit 
design data, 1290.1292 

frequency response of STC circuits. E6-EH 
pulse response, EI3-E14 
STC circuit, E4-E6 
step response. El 0-Ell 
Low-pass (LP) filter, 1257,1258, 1272, 1276 
single time-constant networks, 33 
Low-pass amplifier, 40 

Low-pass function, realization, 1280, 1281.1282 

Low-pass notch (LPN) circuit, design data 1291 
1293 

Low-pass notch (LPN) filter. 1277 
Lowpass-to-bandpass transformation. 1324 

M 

Macromodel, B1 
Magnitude 

amplifier. 31,35 
(TO. 31 

Magnitude response, frequency response of STC 
networks, 34 
Main memory, 1214 
Majority charge, 130 

Manufacturer, emitter-coupled logic (ECL), 
1184-1185 

Mask-programmable, read-only memory (ROM), 
1242-1243 

Mask programming, 1243 
Mass-storage memory, 1214 
Master-slave configuration, 1213, 1214 
Maximally flat response, 875, 1264 
Maximum switching frequency, 1081 
Mean transit time, 156 

Medium-scale integrated (MSI), circuit package 
1087 

Memory, 1203 

Memory access time, memory chip, 1217 
Memory cell, memory chip, 1215 
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Memory'Chip organisation, 1215-1217,1246S 
Memory-chip timing, 1217 
Memon circuit 

m 

clocked set reset (SR) flip-flop. 1211.1212 
column-address decoder, 1237, I246S 
D flip-flop circuit, 1212-1214 
dynamic memon cell, 1225-1227 
erasable programmable ROM (EPROM), 

1243-1245,1246S 

flip-flop. 1206-1214. I246S,I246-1247P 
latch.1204-1206. I246S.I246-1247P 
mask-programmable read-on I \ memon 

(ROM). 1242-1243 
memon -chip organization. 1215-1217 
memon-chip timing, 1217 
MOS ROM, 1240-1242 
programmable ROMs, 1243-1245 
pulse-generation circuits, 1238-1240 
random-access memon (RAM) cells, 

1217- 1227,1246S,I248-I249P 
read-only memon (ROM). 1240-1243, 

1246S,1250-125IP 

read operation of static memon (SRAM). 

1218- 1222 

row-address decoder, 1235-1237,1246S. 

1249-1250P 

semiconductor memories, 1214-1217,1246S, 

1247-1248P 

sense amplifier. 1227-1235,1246S. 

1249-1250P 

set/reset (SR) flip-flop, 1206-1207, 1246S. 

1246-1247P 

SR flip-flop implementation in CMOS, 

1207-1211 

SRAM cell, 1218-1225 
write operation of SRAM, 1222-1225 
Memon cycle time, 1217 
Memon 1 element, bistable circuit, 1358 
Metallization, 1C fabrication. A6 
Metastable state, 1356 
Meter conversion factors, H2 
Microcomputer, microelectronic circuit, 5 
M icroelectronics, integrated-circuit < |Q technol¬ 
ogy. 5-6 

Microprocessor, microelectronic circuit. 5 
Midband 

frequency response. 322,461—462.687 
gain ot CE amplifier vs. frequency, 688 
Miller compensation, 886-889 
Miller effect, 714.730,785S 
Miller integrator, 83,84, 85, 108S, 118-119P 
Miller multiplication, 730 
Miller multiplier, 714 
Miller's theorem 

analysis using, 732-735 
high-frequency response. 727-731,792P 
Minority earner, 354 
Minority-earner charge storage, 158 
Minority carrier lifeti me.156.158 
Minority charge. 130 
Mirror pole and zero, 767 
Mixed-mode, circuit design. 14 
Mixed-signal,circuit design, 14 
Mixed-signal circuits. CMOS op amp, 986 
Mixer, 806 

Mobility and diffusion constant, 138, 157 
Model 

741 op-amp circuit, 1028-1029 
body effect. 324-325 
cascaded amplifiers, 24-26 
circuit, 21 

constant-voltage-drop. 181-182 
determining resistance R, and R , 27 
diode forward characteristic. 179-189, 
221-224P 

ideal diode. 183.215S 


relationships between amplifier. 27 
small-signal, for diode, 184-187 
small-signal, of 741 op-amp circuit, 
1023-1025 
unilateral, 28-30 
voltage amplifiers, 22-23 
zener diode, 190-191 
Monolithic circuit, 125, 158S 
Monostable multivibrator. 1336,1367-1369. 
1386S,1392P 
553 IC. 1370-1372 

Monostable multiv ibrator circuit, 1239-1240 
Moore’s law, 330P, 1122 
MOS (metal oxide semiconductor). See also 
Dynamic MOS logic circuit 
active-loaded MOS amplifier, 765-769 
cascode, 507-512,553S 
cascode MOS mirror, 538,553S 
current-steering circuit. 530-532 
differential pair, 588-598 
double-diffused (DMOS) transistor. 962-963, 
967S 

power transistors, 962-966. 967S. 973P 
read-only memory (ROM), 1240-1242 
resistively loaded MOS amplifier. 760-765 
Wilson MOS mirror, 542-543,553S 
MOS cascode amplifier, high frequency response. 

750-755. 785S.794-795P 
MOS differential pair, 599-612, 667-672P 
active-loaded. 637-638.765-769 
basic configuration, 588 
cascode differential amplifier, 604-605 
CMRR (common-mode rejection ratio), 
605-612 

common-mode gain. 605-612 
differential amplifier with current-source 
loads, 603 

differential gain, 599-601 
differential gain of active-loaded, 638-641 
differential half-circuit. 601-602 
differential vs, single-ended output. 612 
mismatch on CMRR, 608-610 
input offset voltage, 629-631 
large-signal operation. 594-598 
operation with common-mode input voltage 
589-590 

operation with differential input voltage 

593-594 

resistively loaded. 760-765 
small-signal operation. 599-612 
MOSFET (metal oxide semiconductor field-effect 
transistor) 

amplifier frequency response. 322-323 
applying, in amplifier design. 268-276 
337-339P 

basic, amplifier configuration, 291-306 
34I-343P 

basic MOSFET current source. 527-530 
biasing, for linear amplification, 269-270 
biasing in. amplifier circuits, 306-314. 
343-345P 

bias point Q, 275. 276 
body effect. 323-325, 347P 
breakdown and input protection, 325-326 
characterizing amplifiers. 293-294, 306 
circuits at dc, 258-267, 334-337P 
circuit symbol. 247-248 
common-drain (CD) amplifier, 293,302-305 
common-gate (CG) amplifier, 292, 300-302 
318,320 ' ’ 

common-source (CS) amplifier 292 

294-297.316-318, 3)9 

comparison to BJT, 554-569, 583-585P.965 

complementary MOS (CMOS), 246 

constant-current source, 312-313 
creating channel for current flow, 234-236 


CS amplifier with source resistance. 297-30(1 
current-voltage characteristics, 247-2*38 
331-334P 

dc bias point, 276-277 
depletion-type, 326-327, 328S, 347P 
device structure, 232-234, 329-33QP 
discrete-circuit, amplifiers, 314-323, 
345-347P 

drain-to-gate feedback resistor, 311-312 
finite output resistance in saturation. 253-256 
fixing gate-to-source voltage l™, 307 
gate voltage V G , 308-311 

high-frequency model, 701-706, 784-785S 
788P 

iD-ifcs characteristics, 248-250 
( 0 -ifes characteristic, 250-253 
insulated-gate FET (IGFET), 234 
internal capacitance, 701-706, 785S. 788P 
model, 1129 

operation, 234-246, 329-330P 
//-channel, 244-246, 256-258 
separating dc analysis and signal analysis 
279.280 

signal current in drain terminal, 277-279 
small-signal equivalent-circuit model. 
280-281 

small-signal operation and models, 276-291 
337-34 IP 

small-signal voltage gain, 270-273 
source follower, 293,302-305, 321-322 
square-law MOSFET model, 569 
structure of power MOSFET. 962-963,967S 
subthreshold region, 246 
temperature, 325 

T equivalent-circuit model, 287-290 

three-terminal device, 231 -232,351-352 

transconductance g m , 282-286 

unity-gain frequency, 703-705 

unmatched, in CMOS inverter, 1094-1095 

values of MOSFET parameters, 554 -555 

velocity saturation. 326 

V-groove, 963 

VLSI process, A9-A10 

voltage amplifier. 268 

voltage gain, 279 

voltage transfer characteristic (VTC), 

268-269 

voltage i/ps application, 236-239 
voltage ifo increase, 239-241 
voltage reaching V ov , 242-244 
VTC by graphical analysis, 274-275 
zero gate voltage, 234 
MOSFET model, B5-B9 

dimension and gate-capacitance parameters, 

B7-B9 

diode parameters, B6-B7 
MOSFET transconductance parameter. 238 
Most significant bit (MSB ), 13 
Multiple tuned circuit, amplifier with. 1318-1321 
Multisim examples. See also PSpice examples 
class B bipolar output stage, B112-lt 118 
CMOS CS amplifier, H88-B92 
CMOS inverter, H123-B127 

(- E amplifier with emitter resistance, 

BH5-B88 

CS amplifier, B75-B83 
dependence of fi on bias current, B83-B84 
folded-cascode amplifier. B92-B95 
frequency response of discrete CS amplifier, 
B100-B103 

two-stage CMOS op amp, BU8-B123, 
B95-B100 

two-stage CMOS op amp with series-shunt 
feedback, B107-B1I2 

Multistage amplifier, 651 -665,666S, 682-685P 
bipolar op amp. 657-665,783-784 
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frequency response, 779-784, 799P 8011* 
two-stage CMOS op amp, 651-657, 780-783 
Multistage differential BJT amplifier. PSpice 
amplifier, B33-B40 

Multivibrator. See also Astable multivibrator; 
Bistable multivibrator. Monostable multi¬ 
vibrator 

circuit building block. 1336 
Multivibrator circuit. 1239-1240 

N 

/(-channel, MOSFET, 232-233, 234-235 
247-248,328S 

n type, doped semiconductor, 129 
n-type silicon, A2 
// well, CMOS, 246 
n-well process, A7 
NAND gate 

pseudo-NMOS type, 1150 
two-input, of BiCMOS inverter, 1193, 1194 
NAND gate, two-input, 1114-1115 
Narrow-band approximation, 1324 
Narrow-band property, 1315 
Natural devices, 1159 
Natural modes, F2, 1260 
resonator, 1279-1280 

Near rail-io-rail output swing, BJT op amp, 1033, 
1045-1049 
Negative feedback 

bandwidth extension, 810-811 
degenerative, 803 
gain desensitivity, 890 
interference reduction ,811-812 
inverting configuration, 58 
properties, 809-814,890S. 891-893P 
reduction in nonlinear distortion, 813-814 
Negative-feedback loop, 1008 
Network parameter. See Two-port network 
parameter 

Network theorem, D1-D5, D5-D6P 
Norton’s theorem, Dl , D2 
source-absorption theorem, D3 
Th£venin’s theorem, Dl , D2 
Neutralizing, circuits, 1320 
NMOS transistor, 234-235 

switch for PTL circuit, 1154-1156 
values, 554 
Nodes, 1122 
Noise margin 

digital logic inverter, 1064-1065, 1133 
emitter-coupled logic (ECL), 1183 
high-input, 1064 
low-input, 1064 

Nondestructive, read operation, 1219 
Nonideal characteristics, differential amplifier, 
629-635,677-678P 

Nonideal operation, dynamic logic circuit, 
1170-1173 

Noninverting amplifier performance, PSpice 
example, BI3-B15 
Noninverting configuration 
analysis of circuit, 68 
closed-loop gain, 67-68 
finite open-loop gain, 69 
input resistance, 69 
op amp, 67-71, I07S, 113-115P 
output resistance, 69 
voltage follower, 69-71 
Noninverting input terminal, 55,56, 107S 
Noninverting transfer characteristic, bistable 
circuit, 1359 

Nun 1 1 near-amplification method, sine-wave shap¬ 
ing, 1377 

Nonlinear amplitude control, sinusoidal oscillator, 
1339 

Nonlinear distortion, amplifier, 15 


Nonlinear distortion reduction, negative feedback 
813-814 

Nonlinear macromodel, op-amp, B3-B4 
Nonlinear oscillators, 1336 
Nonlinear waveform-shaping circuit, 1374-1377. 
I386S,1392-1394P 
breakpoint method, 1375-1377 
nonlinear-amplification method, 1377 
NOR gate, pseudo-NMOS type, 1150 
NOR gate, two-input, 1113,1114 
Norton form, 6,4 IS 

Norton’s equivalent, source, 7,8,45P, 864 
Norton’s theorem, Dl, D2, 6 

NOR transfer curve, emitter-coupled logic (ECl.i, 
1183-1184 

Notch (N) circuit, design data. 1291, 1292 
Notch filter. 1275,1277 
Notch frequency, 1275 

Notch function, realization, 1281,1282-1284 
Not-programmed state, 1244 
npn transistor 

74! op-amp circuit, 1005 
base current, 356-357 
BJT, 353, 361 
BJT op amp, 1033 
collector current, 356 
current flow, 354-356 
emitter current, 357-358 
equivalent-circuit model, 358-359 
operation in active mode, 353-361,465S 
parameter values, 556-557 
recapitulation, 358-359 
Nyquist criterion, 870 
Nyquist plot, stability, 869-870 

O 

Off current, 1130 
Off resistance, inverter, 1067 
Offset current, bipolar differential amplifier, 
634-635 

Offset voltage (VJ. 89-92, 107S 

inverting integrator operation. 95-97, 107S 
Ohmic contacts. 214 
Ohm’s law, 42P 

output voltage, 66 

One-shot multivibrator circuit, 1239-1240 
One-transistor cell, 1225, I246S 
“On" resistance, inverter, 1067 
Op amp (operational amplifier), 3 
bandwidth, 97-102 
bipolar, 657-665,666S 
circuit performance, 97-102 
closed-loop gain. 59-61,67-68 
common-mode input signal, 57-58 
dc imperfections, 88-97 
difference amplifiers, 71-80,115-118P 
differential input signal, 57-58 
differentiators. 80,85, 87-88 
finite open-loop gain, 61-62. 69. 97-102 
folded-cascode CMOS op amp. 991-1001, 
1050S,1052-I053P 
frequency response of bipolar, 783- 784 
frequency response of two-stage CMOS, 
780-783 

function and characteristics of ideal, 55-56 
ideal, 54-58 

input bias current (l B ), 93-95, 107S 
input offset currents (/ w ), 93-95,107S 
input resistance, 62-65,69 
integrated-circuit (1C), 53-54 
integrators, 80-88 

inverting configuration, 58-67, 109-113P 
inverting integrator operation, 95-97 
large-signal operation, 102-107, 123P 
noninverting configuration, 67-71, 113—115P 
offset voltage, 89-92 


output resistance, 62,65,69 
power, 960.961 
terminals of ideal, 54-55 
two-stage CMOS, 651-657,666S 
two-stage CMOS op amp, 976-991 1050S 

1051- I052P 
voltage follower, 69-71 
weighted-summer circuit. 65-67 

Op-amp (operational-amplifier) circuit. See also 
741 op-amp circuit; BJT op amp (operational 
amplifier), Folded-cascode CMOS op amp; 
Two-stage CMOS op amp 
741,1002-1005,1050S,1053P 
bias design of BJT, 1033-1035 
BJT, 1031-1049,1050S,I056-1057P 
DC analysis of 741, 1006-1013, 1050S. 
1053-1054P 

design of input stage to rail-to-rail V' 
1035-1038 

folded-cascode CMOS, 991-1001, 10S0S 

1052- 1053P 

frequency response of 741,1027-1028, 
1050S,1055—1056S 

gain of 741,1026-1027, 1050S,I055-1056S 
output-stage design for near rail-to-rail output 
swing,1045-1049 
slew rate of 741,1029-1030,1050S, 
1055-I056S 

small-signal analysis of 741, 1013-1026, 
1050S,I054-1055P 
two-stage CMOS,976-991.1050S, 

1051-1052P 

Op-amp model, SPICE, B1-B4 
Op amp-RC oscillator circuit, 1342-1349, 1386S. 
1387-1389P 

active-filler-tuned oscillator, 1347-1349 
phase-shift oscillator, 1344-1346 
quadrature oscillator, 1346-1347 
Wien-bridge oscillator, 1342-1344 
Op amp-RC resonator, second-order active filter, 
1286-1288,1327S 

Open-circuit (equilibrium!,/>// junction, 145-147 
Open-circuit overall voltage gain, 1023 
Open-circuit time constants, 724 
3-dB frequency, 724-727,785S 
analysis using, 735-737 
Open-circuit transresistance, 26 
Open-circuit voltage gain, 22-23, 26,425.561 
amplifier, 294 
Open-loop gain, 56, 805 

finite, 61-62,69,97-102, 122-I23P 
frequency dependence of. 97-99, 107-108S 
Open-loop transfer function, 868 
Operating point, graphical analysis, 180 
Operational transcondueiance amplifier (OTA), 
995 

Operation region. pseudo-NMOS inverter. 1147. 
1148 

Operation speed, emitter-coupled logic (ECL), 
1185-1186 
Optoelectronic, 214 
Optoisolator, 215 
Order of the network, F2 
OR function, CMOS logic circuit, 1115-1116 
OR transfer curve, emitter-coupled logic (ECL), 
1181-1182 

Oscillation criterion, 1337-1338 
Oscillator. 869 See also Sinusoidal oscillator 
acti ve-fi Iter-tuned, 1347-1349 
crystal, 1353-1355,1386S. 1389-1390P 
feedback loop, 1336-1337 
LC-tuned, ! 349-1352. 1386S. 1389-1390P 
phase-shift. 1344-1346,1386S 
quadrature, 1346-1347 
Wien-bridge, 1342-1344, 1386S 
Output current limits, 102, 103-104 
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Output dc offset voltage. 629 
Output resistance. 373 

741 op-amp circuit, 1020-1021 
class AB output stage, 926—927 
CM' >S class AB output stage, 937-939 
current-source load, 499-500 
emitter-degenerated CE amplifier, 524-525 
inverter. ] 133 

MOSFET and BJT. 558.561-562 
op amp. 62-65.69 
/?„, 22 

source-degenerated CS amplifier. 517-518 
Output resistance (/?,). B3.640-641 
Output short-circuit protection, 74] op amp, 1026 
Output sinusoid (V’,), 30 
Output stage 

741 op-amp circuit. 1005. 1022-1025 
biasing class AB circuit. 929-933. 9O9-970P 
class A, 913-91 s. 967S. 967-968P 
class AB. 924-928, 967S. 969P 
class B. 918-924,967S. 968-969P 
classification, 912-913 
CMOS class AB. 933-943.967S. 970P 
design of BIT op amp, 1045-1049 
variations on class AB configuration, 
950-955,971-973P 

Output-stage bias. 74 1 op-amp circuit. 1011-1012 
Output sw ing 

fotded-cascode CMOS op amp. 993-994 
near ratl-lo-rail, of BJT op amp, 1033. 
1045-1049 

two-stage CMOS op-amp, 977-978 
Output voltage decay, dynamic logic circuit. 
1170-1171 

Output voltage limit, 741 op-amp circuit, 
1022-1023 

t )utput voltage range, folded-cast ode CMOS op 
amp, 1000-1001 

Output voltage saturation. 102,103-104 
Overall voltage gain, common-source amplifier, 
296 

Overdriven, input stage, 1029 
Overdrive voltage, 235 
Overdrive voltage i Y 0 „), 258. 328S 
Overlap capacitance. MOSFET. 702 
Oxidation, 1 C fabrication, ,\ 2 —A 3 
Oxide capacitance iC, j, 236 


p-base resistor. A!2—A13 

p-channel. MOSFET. 244-246.256-258 

p-channel MOS (PMOS). 258. 328S 

p-type. doped semiconductor, 129 

p-type silicon. A2 

p-well process, A7 

Packaging, IC fabrication, A 6 

Pair 

bipolar differential, vvith active load. 644—650 
BJT differential pair, 612-628,672-676P 
conjugate, F2 

MOS differential pair, 599-612,667-672P 
transistor. 546-551,553S, 582-583P 
Parameter 

74! op amp circuit. 1005 

BJT IC (integrated circuit), 556-557. 1033 

body-effect, 324 

CD (common-drain) amplifier. 303-305 
CE (common-emitter) amplifier. 427-428. 

446 

CMOS device, 554—555 

CS (common-sourcei amplifier. 295-296, 306 
emitter follower, 439-441 
gate-capacitance, for MOPS FT model. 

B7-B9 

MOSFET. 554-555 
MOSFET diode. B6-B7 


MOSFET transconductance. 238 
PMOS.554 

process transconductance, 238 
source follower, 303-305,306 
two-port network. Cl*C7 
values of power transistors. 950 
Passband, filter, 1257 
Passband ripple, 1258 
Passing signals, 1257 
Passive LC filter, 1256 
Passive limiters, 207 
Passive sensitivities. 1308 
Pass-transistor logic (PTL), 1153 
Pass-transistor logic circuit, 1152-1166. 1195S, 
1197-1199P 

CMOS transmission gales as switches, 
1159-1164 

complementary pass-transistor logic (CPL), 
1165 

design requirement, 1153-1154 
equivalent resistance of transmission gate, 
1161-1164 

examples. 1164-1166 
NMOS transistors as switches, 1154—1156 
restoring value of 1 [ w to 1 ’ DD , 1158-1159 
PD ( "pull-down ”) switch, 1068 
PD device, 1091 

PDN (pull-down network). CMOS logic circuit. 

1110-1113,1115 
Peak detector, 205 
Peak inverse voltage (P 1 V), 196 
Peak rectifier, 200-205 
buffered, 1385-1386 
precision, 1385 

Performance. BJT op amp, 1031-1033 
Periodic square wave, frequency spectrum, 10 
Phase margin 

closed-loop response, 880-881 
stability using Bode plots. 879-880 
two-stage CMOS op amp. 982-984 
Phase response 
amplifier, 31,35 
angle 0 . 30,31 

frequency response of STC networks, 34 
Phase-shift oscillator, 1344-1346, I386S 
Photodiode, 214 

Photolithography, IC fabrication. A3-A4 
Photonic, 214 
Physical frequencies, FI 
Physical frequency, transfer function T. 32 
Piecewise linear, diode, 166 
Pierce oscillator, 1354, 1355 
Pinched-base resistor, A12-A ] 3 
Pinched-off channel. MOSFET. 242. 249 
PM OS parameters, 554 
pn junction 

applied voltage, 145-154. I59S. 161P 
capacitive effects. 154-157, I59S, I61-162P 
current-voltage relationship, 147-152 
depletion of junction capacitance. 154-155 
depletion region, 139-140. 159S 
description ol junction operation, J 45-147 
diffusion capacitance, 155-157 
diffusion current /»,139.I59S 

drift current A and equilibrium, 140-141 
I59S 

junction built-in voltage, 141. 159S 
open-circuit terminals, 1 38— 145, I59S, iwip 
operation with open-circuit terminals 
139-143 

physical structure. 138. 139. I59S 
reverse breakdown. 152-154 
width of and charge stored in depletion 
region, 141-145, J59S 
pn junction diode. VLSI process, A 11 
pnp transistor 


741 op-amp circuit, 1005 
BJT, 353 

BJT op amp, (033 
lateral pnp , 556 

operation in active mode, 364-365 
small-signal models, 412 

Pole 

amplifier, 870-879,907-908P 
amplifiers with three or more, 877-879 
amplifier with single-, response. 872-873 
amplifier with two-, response, 873-877 
feedback amplifier, 872 
s-domain analysis, F2 
splitting, 886-889, 890S 
stability and, location. 871-872 
Pole frequency. F2, 874, 1274 
inspection, 693 
STC networks. 35 
Pole Q, 1274 
Pole Q factor, 874 
Pole quality factor, 1274 
Pole splitting, 886-889,890S 
Poly Si (polycrystalline silicon). A5-A6 
Positive feedback. 657 

inverting configuration, 58 
regenerative, 803 
sense amplifier vvith, 1228-1230 
Positive-feedback loop, 1336 
Power amplifier, 15, 17-19 

bridge-amplifier configuration, 960-962 
fixed-gain IC (integrated circuit), 956-959 
1C,955-962,967S,973P 
op amps. 960,961 

Power-balance equation, amplifier. 18 
Power BJT, 943-950,970-971P 
BJT safe operating area, 949—950 
heat sink, 946-949 
junction temperature, 944 
parameter values ol power transistors. 950 
power dissipation vs temperature, 944-945 
thermal resistance, 944 
transistor case, 946-949 
Power-conversion efficiency 
class A output stage, 917-918 
class B output stage, 920-921 
Power-delay pri hUk t : 1*1 )p.i, dieilal logic inverter. 

1084-1085 

Power-derating curve, 945 
Power dissipation 

class A output stage. 915-916 
class B output stage, 921-922 
digital logic inverter, 1078-1080 
dynamic, of CMOS inverter. 110(M 110 
emitter-coupled logic (ECL U186-1187 
power BJT. 944-945 
Power efficiency, 18 

<r 

Power gain of amplifier (A,,), 16-17 
Power MOSFET 

characteristics of, 963, 964 
class AB output stage, 965-966 
comparison to BJTs, 965 
DMOS (double-diffused), 962 
structure, 962-963 
temperature effects. 964-965 
Pnwer supply. PSpice example, Bl 8-1122 
Power-supply hum, 812 

Power-supply rejection ratio (PSRR), two-stage 
CMOS op amp, 986-987 
Power transformer, 195 
Power transistor, parameter values, 950 
Power transistors, 911 
Preamplifier, 15,812 
Precharge phase ,1167 
Precharging, read operation, 1218 
Precision half-wave rectifier, 206-207 
Precision rectifier circuit, 1378-1186, 1386S. 
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1394-1395P 

alternative circuit, 1379-1380 
buffered precision peak detector, 1385-1386 
measuring AC voltage, 1380-1382 
precision bridge rectifier for instrumentation. 
1384 

precision clamping circuit, 1386 
precision full-wave rectifier, 1382-1384 
precision half-wave rectifier, 1378-1379 
precision peak rectifier, 1385 
“superdiode," 1378-1379, 1385 
Primary winding, 195 
Processes, VLSI, A6-A14 
Process transconductance parameter, 238 
Programmable ROM (PROM), 1240, 1243-1245 
Propagation delay 

CMOS inverter. 1099-1104,1133 
digital logic inverter, 1080-1084 
fan-in and fan-out, 1121 

Pseudo-NMOS logic circuit, 1144- [ 152, 1195S, 

1196-1197P 
design,1149-1150 
dynamic operation, 1149 
gate circuits, 1150 
inverter. 1144-1145 
static characteristic, 1145-1146 
voltage-transfer characteristic (VTC) 
derivation. 1146-1149 

PSpice examples See also Multisim examples 
active-fiiter-tuned circuit, B77-B79 
CE amplifier with emitter resistance, 
B27-B30 

characteristics of 741 op amp, B15—B18 
class B BJT output stage, B50-1I55 
CMOS CS amplifier, B29, B30-B33 
CS amplifier. B23-B25 
dependence of BJT/J on bias current, 
B26-B27 

design of dc power supply, B18-B22 
fifth-order Chebyshev filter, B69-B71 
folded-cascode amplifier, B43-B46 
frequency response of CMOS CS and fotded- 
cascode amplifier, B40-B43 
loop gain of feedback amplifier, B46—B50 
multistage differential BJT amplifier, 
B33-B40 

operation of CMOS inverter. B60-B63 
performance of noninverting amplifier, 
R13-B15 

static and dynamic operation of F,CL gate, 
B64-B69 

two-integrator-loop filter. B7I-B74 
two-stage CMOS op amp, B55-B60 
Wien-bridge oscillator, B75-B77 
PU (pull-up) device, 109! 

PU switch. 1068 
PU resistor, 1068 
Pull-down (PD) device, 1091 
Pull-down (PD) switch, 1068 
Pull-down network (PDN), CMOS logic circuit, 
1110-1113,1115 
Pulse generation circuit 

monostahle multiv ibrator circuit, 1239-1240 
ring oscillator, 1238-1239 
Pulse response, STC circuit, E13-E15 
Pulsewidth modulation, 211 
PUN (pull-up network), CMOS logic circuit, 
1110-1113,1115 
Punch-through, MOSFET, 326 
Push-pull manner, 622,919 

Q 

Quadrature oscillator. 1346- 1347, 1386S 
Quantization error, 13 
Quantized signal amplitude, 12 
Quiescent point, 186, 270, 398 


R 

Radio frequency choke, 1318 
Rail-to-rail input common-mode range, BJT op 
amp, 1032-1033 

Rail-to-rail input operation, folded-cascode 
CMOS op amp. 999-1000 
Rail-to-rail output swing, output stage design for 
near, 1045-1049 

RAM (random-access memory), 1214, I246S 
RAM (random-access memory) cells, 1217-1227, 
1246S,1248-1249P 
dynamic memory- cell (DRAM), 1217, 
1225-1227 

read operation, 1218-1222 

static memory (SRAM) cell, 1218, 1225. 

1246$ 

write operation, 1222-1225 
Random offset, 654 
Rapid analysts, diode, 181 
Rated output voltage, 102 
Rate of closure, stability, 883 
RC ladder network, 1163, 1164 
Reactive ion etching (RIE), A3-A4 
Read-only memory (ROM ), 1215, I246S 
erasable programmable ROM (EPROM), 
1240,1243-1245 
mask-programmable, 1242-1243 
MOS ROM, 1240-1242 
programmable ROM (PROM), 1243-1245 
Read operation 

memory chip. 1215 

static memory (SRAM) cell, 1218-1222 
Read/write memory, 1215 
Recapitulation, npn transistor in active mode, 
358-359 

Recombination, 127-128 
Recombination process, electrons, 355-356 
Rectifier. See aKo Precision rectifier circuit 
diode, 167-168 

Rectifier circuit, 194-207, 215S. 225-227P 
bridge, 199-200 
filter capacitor, 200-205 
full-wave, 197-199, 215-216S 
half-wave, 195-197,215S 
peak rectifier, 200-205 
precision half-wave, 206-207 
superdiode, 206-207 

Reference bias current, 741 op-amp circuit. 1007 
Reference current, 526 
Refresh process, 1204 
Regenerative feedback, positive, 803 
Regions, operation of pseudo-NMOS inverter, 
1147,1148 

Regular notch (N), design data, 1291, 1292 
Resistance, determining R. and 27 
Resistance-reflection rule, 433 
Resistance CS amplifier with low, 742 745 
Resistance values, standard. H 1 -H 2 
Resistively loaded MOS amplifier, 760-765 
Resistivity,/), 133, 157 
Resistor 

combining, 42P 

p-base and pinched-base, A12-A 13 
VLSI process, Alfl 

Resonator circuit, design data, 1287. 1292 
Resonator natural modes, 1279-1280 
Reverse bias, pn junction, 145-147 
Reverse biased diode, 166 
Reverse-bias region, junction diode, 178 
Reverse breakdown, pn junction, 152-154 
Reverse breakdown region, zener diode, 1 89- 104 _ 
224-225P 
R, 

determining, 27 
input resistance, 22 


Ringing, 1186 

Ring oscillator, 1238-1239 

Ripple, 195,2168 

Ripple bandwidth, 1259 

Ripple voltage, 203 

Rise and fall times, inverter, 1083 

R Lt load resistance, 6-7 

determining, 27 
output resistance, 22 
ROM. See Read-only memory (ROM) 

Root-locus diagram, two-pole response, 873-874 
Row-address decoder. 1235-1237,1246S 
Row decoder, memory chip, 1215 
/?,, source resistance, 6 

S 

s-domain analysis, F 1 -F 6 , F6-F7P 
Bode plots, F3-F6 
first-order functions, F2-F3 
poles, F2 
zeros, F2 

Safe operating area, BJT, 949-950 
Sallen-and-Key circuits, 1305, 1306 
Sampling process, 12 
Saturation 

amplifier, 19,20 

finite output resistance, 253-256 
Saturation current, junction diode, 175, 178 
Saturation current, / s , 150,158,356 
Saturation mode 
BJT, 352,353 

BJT operation, 362-363,465S 
operation of BJT, 379 

Saturation region, MOSFET. 242-243, 248, 249, 
258,328S 

Saturation resistance, 374-376 
Saturation voltage, 374-376 
Scale current, 356 
junction. 150 
junction diode, 175 
Scaling. See Technology scaling 
Schmitt trigger, 1358 

Schottky-barrier diode (SBD), 213-214, 1043 

Secondary winding, 195 

Second breakdown. BJT safe operating area. 

949,950 

Second-generation current convoyer, 905P 
Second-order active filter. See also Filter 
all-pass circuit, 1289,1292, 1293 
Antoniou inductance-simulation circuit, 

1285-1286 

circuit implementation, 1295-1297 
design for circuits, 1 292-1293 
inductor replacement, 1285—1293, 1328S, 
133 1 P 

KHN biquad, 1295 
op-amp-RC resonator, 1286-1288 
realization of types, 1288-1289 
Tow-Thomas biquad. 1297-1298, 1328S 
two-integrator-loop biquad, 1293-1295 
two-integrator-loop topology. 1293-1299, 
1328S,1331P 

Second-order filter function. 1271, 1274-1274, 
1276-1278 

Second-order LCR resonator. 1279-1285. 1327S, 
1330-133 IP 

all-pass function, 1281, 1284 
bandpass function, 1281,1282 
high-pass function, 1281, 1282 
tow-pass function, 1280, 1281, ! 282 
notch function, 1281, 1282-1284 
resonator natural modes, 1279-1280 
transmission zeros. 1280, 1281 
Second stage, 741 op-amp circuit, I (KM-1005, 
1019-102! 
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Second-stage bias. 741 op-amp circuit, 1011 

Selected memory chip, 1215 

Select gate, 1244 

Selectivity factor. 1257 

Semiconductor 

capacity e effects in pn junction, 154-157, 
161-I62P 

current flow in, 132-138, 159-I60P 
diffusion current, 135-137 
doped, 129-132,159P 
drift current, 132-133 
Einstein relationship, 138 
important equations, 157-158 
integrated circuit, 125 
intrinsic, 126-129. I59P 
monolithic circuit. 125 
pn junction w iih applied voltage, 145-154, 
161 P 

pn junction with open-circuit terminals, 
138-145,160P 

relationship between diffusion and mobility. 
138,157 

Semiconductor memory . 1214-1217, 1246S. 
1247—1248P 
main memory , 1214 
mass-storage. 1214 

memory-chip organization, 1215-1217 
random-access memory' (RAM), 1214 
read-only memory . 1215 
read/write, 1215 

Sense amplifier, 1227-1235. 1246S. 1249-1250P 
alternative, 1233-1235 
differential operation in dynamic RAMs. 

1231-1232 
memory- chip, 1216 
operation. 1230 
positive feedback. 1228-1230 
precharging, 1233 

Sensitivity', 1307-1309, I328S. 1332P 
Sequential circuit, 1203 
Series-series feedback 

ideal transconductance amplifier. 834-836 
practical transconductance amplifier. 836, 

837 

topology. 819-820, 864 
transconductance amplifier. 834-846, 

899-901P 

Series-shunt feedback, 814. 815.816,864 
ideal voltage amplifier. 823-825 
Multisim examples. B107-B112 
practical voltage amplifier. 825-827 
Set/resei (SR) flip-flop, 1206-1207 

CMOS implementation of. 1207-1211 
CMOS implementation of clocked, 1211, 

1212 

Shallow trench isolation (STI), A7 
Sheet resistance, 1141P 
Short-base diode. 161P 
Short-channel, velocity saturation, 1124 
Short-channel effects, square-law MOSFI i 
model, 569 

Short-circuit current gain 0, 26,28,29 
Short-circuit protection, 916 
74! op-amp circuit, 1004 
class AB output stage. 954,955 
Short-circuit transconductance, 26 
Shunt regulator, zener diode. 191-193 
Shum-series feedback, 817,864 

current amplifier. 855-863.903-906P 
ideal, 855-856 
practical, 856-858 
Shunt-shunt feedback 

topology. 821-822.864 
transresistance amplifier. 846-855.901 -903P 
Sifie BiCMOS process. A13, A14 
Signal. 45P 


amplification. 14-15 
amplifier, 15 

analog and digital, 11-14 
frequency spectrum of, 9-11,45P 
load, 6 

Norton form, 6,7-8 
processing. 6 

separating, and dc quantities. 409—410 
source, 6-8 
Th^venin form, 6, 7-8 
time-vary ing quantity, 8 
Signal current, MOSFET drain terminal, 
277-279,328S 

Signal generators and waveform-shaping circuits 
astable multivibrator, 1363-1367, I386S, 

1391P 

bistable multi vibrator, 1355-1362, 1386S. 
1390-1391P 

crystal oscillator, 1353-1355, 1386S. 
1389-I390P 

integrated-circuit (1C) timer. 1369-1374, 
1386S,1392P 

LC-tuned oscillator. 1349-1352, 1386S, 
1389-1390P 

monostable multivibrator, 1367-1369, 

I386S,1392P 

nonlinear waveform-shaping circuit. 

1374-1377,1386S,1392-1394P 
op amp-RC oscillator circuit, 1342-1349, 
1386S.I387-I389P 

precision rectifier circuit. 1378-1386,1386S, 
1394—1395P 

sinusoidal oscillators, 1336-1341, I386S. 
1387P 
Signal ground 

common-emitter amplifier. 455 
common-source amplifier. 316 
Signai-to-interference ratio, 811 
Signal transmission, emitter-coupled logic (ECU. 
1185-1186 

Signal waveform, class A output stage, 915 
Silicon area, digital logic inverter. 1085-1086 
Silicon chip, circuit component, 5 
Silicon dioxide, oxidation, .42 
Silicon wafer, 1C fabrication. A2 
Simulation. See Multisim examples; PSpice 
examples; SPICE simulation 
Sine-wave shaper, 1375 
Sine-wave signal 
frequency. II,4IS 
voltage, 9 

Sine-wave voltage signal, vjt}- 9 

Single-amplifier biquadratic active filter See also 
Filter 

generation of equivalent feedback loops 
1303-1307 

injecting input signal. 1302-1303 
Sallen-and-Key circuits. 1305 
synthesis of feedback loop, 1299-1302 
Single-amplifier biquads (SABsi, 1299. 1328S 
Single-ended conversion, differential to, 636 
Single-ended outputs, 600 

Single-flow diagram, feedback structure, 804 
Single limiter, 208 

Single operational amplifier, difference amplifier 
72-75 

Single-pole model, 99 
Single-pole response, amplifier. 872-873 
Single-supply operation, class B output stage, 924 
Single-time-constant (STC) networks, 33-35,41S 
Single-time-constant circuit, E16-E17P 
classification, E4-E6 
evaluating time constant r, E1-E4 
frequency response of high-pass (HP) 

Eft-ElO 

frequency response of low-pass (UP). E6-E8 


high-pass (HP). E4, E5 
low-pass (LP), E4, E5 
pulse response of HP. El 4-El 5 
pulse response of UP, El 3-El4 
rapid evaluation of r, E1-E4 
step response of HP. E11-EI2 
step response of LP, El 0-El I 
Single-tuned amplifier, 1315-1316 
Sinusoidal osci llator. 1336-1341, 1386S. 1387P 
feedback loop, 1336-1337 
limiter circuit for amplitude control, 
1339-1341 

nonlinear amplitude control, 1339 
oscillation criterion. 1337-1338 
Sinusoidal signal, 30-31,41S 
Six-transistor. 1218. 1246S 
Sizing 

CMOS inverter, 1107-1109, 1132S 

transistor, of CMOS gate circuit, 1117-1120 
Slew rate (SR) 

741 op-amp circuit, 1029-1031,1055-1056P 
folded-cascode CMOS op amp. 997 
large-signal operation. 104-105, 106, 107 
108S 

two-stage CMOS op amp, 984-986 
Small-scale integrated (SSI).circuit package 
1087 

Small-signal analy sis, circuit diagram, 419-420 
Small-signal approximation, 185,404 
Small-signal condition. MOSFET. 278 
Small-signal diffusion capacitance, BJT. 707 
Small-signal emitter-degeneration resistance 
B27 

Small-signal equivalent-circuit model, 280-281, 
290.328S.412 

Small-signal gain , 741 op-amp circuit, 1026-1027 
Small-signal model 

741 op-amp circuit. 1023-1025 
BJT as amplifier. 403-422,423,465S, 

477-481P 
diode. 184-187 
Early effect, 420-421 
MOSFET, 280-281,328S 
Smalt-signal operation 

BJT as amplifier, 403-422,465S. 477 481P 
BJ T differential pair, 618-624 
MOS differential pair, 599-612 
Small-signal voltage gain. 270-273,328S, 
399-400 

Soft limiting, 208, 209 
Solar cell, 214 
Source 

«*, of MOSFET. 232-233 
wideband amplification by, 770-773 
Source-degenerated CS amplifier, output resis¬ 
tance, 517-518 

Source-degeneration resistance, 299 
Source diffusion. MOSFET. 701 
Source follower 

characteristic parameters, 303-305,306 
discrete-circuit MOS, 321-322 
high-frequency response. 756-758, 785S, 
795-796P 

MOSFET, 293. 302-305, 3288, 341 -34 3? 
Source resistance, common-source amplifier with, 
297-300.318.319 
Space-charge region, 139 
Specification, filter, 1257-1260, 1 327S 
Speed of operation, emitter-coupled logic I ECU), 
1185-1186 

SPICE device models 

BJT model, U9-B12 

diode model, B4-B5 
MOSFET models, B5-B9 
Multisim examples, B75-BI27 
op-amp model, B1-B4 
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PSpice examples, B13-B79 
zener diode model, B5 

SPICE simulation, 785P, 105IP, 1196P, 1246P, 
13281’, 1387P. See also Multisim examples; 
PSpice examples 

BJT circuit, 378,466P.471P. 473P, 483P. 
484P.486P 

CMOS logic circuit, 1134P, 1137P 
diodes, 197,2I6P, 223P, 225P 
feedback, 890P, 895P. 901P, 906P, 909P 
1C (integrated circuit) amplifier, 569P, 574P, 
577P.580P 

low-frequency of common-source amplifier, 
689 

MOS differential pair, 667P, 671P 
MOSFET, 298,329P, 336P, 340P, 344P, 

345 P 

Splitting, pole, 886-889,890S 
Square-law model, B5 
Square-law MOSFET model. 569 
Square wave signal, frequency spectrum, 10 
Stability 

Bode plots for investigating, 881-883 
pole location. 871-872 
Stability problem 

feedback. 868-870. 890S, 907P 
Nyquist plot, 869-870 
transfer function of feedback amplifier, 
868-869 
Stable circuit, F2 
Stacked-gate cell, 1244 
Stagger tuning, tuned amplifier, 1323-1327, 
1328S 

Standard cells, 1089 

Standardized pulse, monostable multivibrator, 
1367-1369,1386S,1392P 
Standard resistance values, H1-H2 
Static power dissipation. 1078 
Static random-access memory (SRAM) cell, 
1217,1218-1225,1246S 
read operation , 1218-1222 
write operation, 1222-1225 
Static sequential circuit, 1204 
Step response, STC circuits, E10-E12 
Stopband, filter, 1257 
Stopping signals, 1257 
Structure 

CMOS logic circuit, 1110-1113 
general feedback, 804-809,890-891P 
Subthrvshold conduction, 1129-1130 
Subthreshold region 
MOS transistor, 246 
operation, 497 
Superdiode, 206-207 

precision rectifier. 1378-137 1 ), 1385 
Superposition principle, difference amplifier, 
73-74 

Sustained oscillations, 1338 
Sustaining voltage, 463 
Switch 

CMOS transmission gates as. in PTL circuit, 
1159-1164 

NMOS transistors as, in PTL circuit, 
1154-1156 

Switched-capacitor filter, 1256.1310-1315. 
1328S,1332P 

practical circuits, 1312-1315 
principle, 1310-1311 
Symbol 

amplifier circuit, 15 
total instantaneous current, 20-21 
Symbol convention, 20-21,365-367 
Synthesis, CMOS logic circuit, 1117 
Synchronous tuning, tuned amplifier, 1321-1323 
Systematic input offset voltage, bipolar differen¬ 
tial pair. 648-650 


Systematic offset, B37, 654 
Systematic output dc outset voltage, CMOS op- 
amp circuit, 977 

T 

T model 

BJT, 411-412 
MOSFET, 287-290,328S 
MOSFET and BJT, 558 
Technology generation, 1122 
Technology scaling, 1122-1131, II39-114IP 
deep-submicron design, 1122-1131, 
l139-1141P 

device and voltage scaling, 1123 
interconnect, 1130-1131 
scaling implications, 1123 
subthreshold conduction, 1129-1130 
velocity saturation, 1124-1129 
wiring.1130-1131 
Telescopic cascode, 520n,3 
Temco, 194 
Temperature 

BJT. 464,465 

emitter-coupled logic (ECL), 1187 
MOSFET, 325 

MOS power circuits, 964-965 
zener diode, 194 

Temperature coefficient (TC), 194 
Terminal characteristics, junction diode, 173-179, 
219-221P 

Terminals, operational amplifier, 54—55, 107S 
Thdvenin-equivalem circuit, 43P 
second-stage, 1021 
Thdvenm form, 6,41S 

Thevenin representation, e mi tier-follower output, 
442-443 

TTkvenin's equivalent, source, 7, 8, 45P, 864 
Thdvenins theorem, Dl, D2, 6 
Thermal dissipation, BJT safe operating area, 950 
Thermal resistance, power BJT. 944 
Thermal runaway, 930,949,967S 
Thermal shutdown, class AB output stage, 955, 
956 

Thermal voltage, 138 
junction diode, 175 
Three-stage amplifier, cascade. 24-25 
Three-terminal device 

BJT (bipolar junction transistor), 351-352 
MOSFET, 231-232 
Threshold voltage, channel, 235 
Time constant, r, single-lime-constant circuits, 
E1-E4 

Topologies, basic feedback, 814—822,864, 

893-894? 

Total harmonic distortion (THD),9I1, 1377 
Total instantaneous current, 20-21 
Totem-pole configuration, 1191 
Tow-Thomas biquad, second-order active filler, 
1297-1298,1328$ 

Transconductance amplifier, 27.4 IS 
circuit model, 26,47^19P 
feedback, 834-836, 864, 899-90! P 
feedback topology, 819-820 
ideal, 834-836 
operational, 995 
practical, 836. 837 
Transconductance g m 

741 op-amp circuit, 1020 
BJT, 404-406 
body.324-325 
determining, 638-640 
MOSFET. 278, 282-286 
MOSFET and BJT, 558, 561 
Transconductanee parameter 
MOSFET, 238 
process, 238 


Transducer, 6 
Transfer characteristic 

bistable circuit, 1356-1358 
bistable circuit with noninverting, 1359 
class A output stage, 913-915 
class B output stage, 919-920 
CMOS class AB output stage, 939-941 
linear amplifier, 16,19, 20,41S 
Transfer function 

feedback amplifier, 868-869 
filter. 1256,1260-1263,1327S, I329P 
frequency response of STC networks, 34 
TVs), 32.41S 

Transfer-function poles, F2,1260 
Transfer-function zeros, F2,1260 
Transformer, tuned amplifier, 1318 
Transistor 

graphical representation, 370,371 
inactive, of BJT op amp, 1047-1049 
Transistor breakdown, BJT, 463-464 
Transistor case, power BJT, 946-949 
Transistor pairing, 546-551,553S, 584-585P 
CC-CE, 546-547 
CD-CE. 546-547 
CD-CS, 546-547 

Darlington configuration, 549,550,553S 
l ransistor sizing, CMOS gate circuit. 1117-1120 
Transition band, 1257 
Transition frequency, 564.987 
BJT. 710 

MOSFET, 703-705 
MOSFET and BJT, 559 
Transition region, 1064 
Transmission 

filter, 1256-1257,1327S, 1328-1329P 
frequency response of STC networks, 34 
Transmission-gate logic, 1153 
Transmission zeros, F2,1260 
realization, 1280,1281 
Transresistance amplifier, 27.41S 
circuit model, 26 
feedback, 846-855,901-903P 
ideal, 846-848 
practical, 848-849 
topology. 821-822, 864 
Tree decoder, 1237 

Triangular waveform, astable circuit. 1366-1367 
Trigger, bistable circuit, 1358 
Trigger signal, 1358 

Triode region. MOSFET, 243, 248, 249, 258, 

328S 

Tuned amplifier, 40. 1315-1327,1328S. 

1332—1333P 
cascode, 1321 
CC-CB cascade, 1321 
inductor losses, 1317-1318 
multiple tuned circuits, 1318-1321 
principle, 1315-1317 
stagger-tuning, 1323-1327, 1328S 
synchronous tuning. 1321-1323 
transformers, 1318 
Turned on, diode, 166 
Twin-well CMOS process, A7-A9 
Two-input NAND gate. 1114-1115 
BiCMOS gate, 1193,1194 
Two-input NOR gate, 1113, 1114 
Tw o-integrator-loop biquad. second-order active 
filter, 1293-1295 

Two-integrator-loop filter, PSpice example, 
B71-B74 

Two-pole response, amplifier, 873-877 
Two-port network, ( 7p 

characterization of linear, C1-C7 
equivalent-circuit, C5-C6 
g parameters, CS 
h parameters, C4-C5 
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Two-port network (continued) 
v parameters, C2-C3 
Z parameters, C3-C4 

Two-power supply, classical bias arrangement 
450-451 

Two-stage CMOS op amp, 651-657,666S. 

976-991,1050S.105I-I052P 

circuit, 977 

common-mode rejection ratio (CMRR), 981 
configuration, 651,976 
design trade-offs, 987-988 
frequency response, 780-783.981-984 
input common-mode range, 977-978 
Multisim example, RII8-B123, B95-BI00 
Multisim examples, BI07-BI12 
output swing, 977-978 
phase margin, 982-984 
power-supply rejection ratio (PSRR) 
986-987 

PSpice example, B55-B60 
simplified equivalent circuit, 982 
slew rate, 984-986 
transition frequency, 987 
voltage gam, 652, 978-980 

U 

Unconditionally stable, single-pole amplifier, 872 

Uncovered, charge, 139 

Unilateral, amplifier circuit. 294,427-428 

Unilateral model, 28-30 
Unit prefixes, H1-H2 
Unity-gain amplifier, 69-70 
Unity-gain bandwidth, 98, I07-108S. 709. 
985-986,1030-1031 

Unity-gain frequency, 565, B 3 
MOSFET, 703-705 

V 

Varactors, 214 

\ „e multiplier, biasing class AB circuit. 931-912 
967S,969-970P 
Velocity saturation, 963 

deep-submicron process, II 24-] 129 
MOSFET, 326 
Vertical, npn transistor. 556 
Very-large-scale integration (VLSI), 1078 
V-groove MOSFET. 963 
Virtual ground, 59, 600 
Virtual short circuit, 59 
VLSI (very-large-scale-integrated circuits) 
BiCMOS process, A 12 
capacitors, A10-411 
chemical vapor deposition, A5-A6 
circuit design, 1087 
diffusion, A4-A5 
etching, A4 

fabrication steps, A2-A6 
fabrication technology, AI-A17 
integrated devices, A9 


ion implantation, A5 
lateral pnp transistor, A12 
metallization, A 6 
MOSFETs, A9-A10 
oxidation, A2-A3 
packaging, A 6 

p-base and pinched-base resistors, A i 2— V13 
photolithography, A3-A4 
pn function diodes. All 
resistors, A 10 

SiGe BiCMOS process, A13, A14 
silicon wafers, A 2 
twin-well CMOS process, A7-A9 
VLSI layout, A14-A16 
VLSI processes, A6-A14 
v„, output voltage, 7 
Voltage, sine-wave signal, 9 
Voltage amplifier. 15,4IS 
BJT, 396 

circuit model, 22-23,26,47P 
feedback topology, 814-816,864 
ideal case, 823-825 
MOSFET, 268 
practical case, 825-827 

series-shunt feedback. 823-833,894-899P 
Voltage buffer 

emitter follower, 438^439 
source-drain amplifier, 302-303 
Vol tage -control led sw i tch, in verier, 1066-1067 
Voltage divider, 42^f3P 
Voltage doubler, 212-213 

Voltage follower, noninverting configuration, 

69-71 

Voltage gain, 279 
BJT, 408^409 

common-emitter (CE) amplifier, 428-429 
distribution in cascode amplifier, 514-5 1 7 

emitter follower, 441^442 

folded-cascode CMOS op amp, 994-995 
small-signal, 399-400 
two-stage CMOS op amp, 652,978-980 
Voltage gain of amplifier (A„), 15-16, 17, 22 
Voltage-mixing, current-sampling, topologv 
819-820 

Voltage-mixing, voltage-sampling, 814 

Voltage regulator, diode forward drop, 187 
Voltage scaling, device and, 1123 
Voltage signal, v&i ), 9 

characteristic (VTC), 268-269 

CMOS class AB output stage. 939—941 
CMOS inverter, 1092-1094, 1129. 1133 
digital logic inverter, 1062-1064.1066 
emitter-coupled logic (ECL), 1180-1185 
graphical analysis, 274-275,401-402 
logic inverter, 1065, 1066 
pseudo-NMOS inverter, 1146-1 149 

reg'ons or pseudo-NMOS imener operation. 

1147, [148 


Voltage v DS 

increasing. 239-241,329-330P 
MOSFET. 236-239 

W 

Waveform, frequency spectrum, 11 
Waveform shaping, 1375 

Waveform-shaping circuit. See also Signal gen¬ 
erators and waveform-shaping circuits 
nonlinear. 1374-1377, 1386S, 1392-1394P 
Weak avalanche, MOSFET, 325 

Weighted-summer circuit, inverting configura¬ 
tion, 65—67 
Wet etching, A4 
Wet oxidation, A2 
Wideband amplifier 

CC-CB configuration, 777-779 
CC-CE configuration, 773-777 
CD-CE configuration, 773 
CD-CG configuration, 777-779 
CD-CS configuration, 773 

configurations, 770-779, 785S 796 - 799 P 
8 OOP 

source and emitter degeneration. 770-773 
W ide-swing current mirror, folded-cascode 
CMOS op amp, 1000-1001 
Widlar current source, 543-546. 553S 
Width of depletion region, 141-145, 157 
Wien-bridge oscillator, 1342-1344, 1386S 
PSpice example, B75-B77 
Wilson current mirror, 539-541, 553 s 
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(ECL), 1190 
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Wiring capacitance Cm. 1105 
Word line, memory chip, 1215 
Write operation 

memory'chip, 1216 

static random-access memory (SRAM) 
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X 

XOK function, CMOS logic circuit, 1115-11 16 
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Zener diode 

modeling, 190-191 

reverse breakdown region, 189-194 215S 
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shunt regulator, 191-193 
specifying, 190-191 
temperature, 194 
Zener diode model, B 5 

Zener e!feet, pn junction breakdown. 153 

Zero 

mirror pole and, 767 
^-domain analysis, F 2 
Zero gate voltage, diode, 234,329-330P 
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